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Communication

Enhanced Short-Circuit Robustness of 1.2 kV Split Gate Silicon
Carbide Metal Oxide Semiconductor Field-Effect Transistors for
High-Frequency Applications
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Abstract: Split Gate SiC MOSFETs (SG-MOSFETs) have been demonstrated to exhibit excel-
lent power dissipation at high operating frequencies due to their low specific reverse trans-
fer capacitance (Crss,sp); however, there are several reliability issues of SG-MOSFETs, includ-
ing electric field crowding at the gate oxide and insufficient short-circuit (SC) robustness.
In this paper, we propose a device structure to enhance the short-circuit withstand time
(SCWT) of 1.2 kV SG-MOSFETs. The proposed P-shielded SG-MOSFETs (PSG-MOSFETs)
feature a P-shielding region that expands the depletion region within the JFET region under
both blocking mode and SC conditions. Compared to the conventional structure, this
reduces the maximum electric field in the gate oxide, enabling a higher doping concentra-
tion in the JFET region, which can reduce the specific on-resistance (Ron,sp) to minimize
power dissipation during device operation. The SC robustness of PSG-MOSFETs, with
an Ron,sp identical to those of SG-MOSFETs, was investigated by adjusting the width of
the P-shielding region (WP). Furthermore, the Crss,sp of PSG-MOSFETs was compared
with that of SG-MOSFETs to analyze the relationship between the WP and high-frequency
figure of merit (HF-FOM), defined as Ron,sp × Crss,sp. These results demonstrated that
the PSG-MOSFET achieved an enhanced SC robustness and HF-FOM in comparison to
the SG-MOSFET. Thus, the proposed PSG-MOSFET is a highly suitable candidate for
high-frequency and reliable applications.

Keywords: silicon carbide; metal oxide semiconductor field-effect transistors; split gate;
short-circuit; high-frequency figure-of-merit

1. Introduction
Silicon carbide (SiC) devices, including Schottky barrier diodes (SBDs) and metal oxide

semiconductor field-effect transistors (MOSFETs), have become key components in power
electronic systems [1–3]. SiC devices offer a low specific on-resistance (Ron,sp), superior
blocking capability, and excellent thermal conductivity compared to silicon (Si) insulated
gate bipolar transistors (IGBTs) [4–6]. Furthermore, the fast switching speed of SiC devices,
operating at frequencies exceeding 100 kHz, can achieve the advantage of reducing the
volume of passive components in power electronic systems [7]. In particular, the utilization
of SiC MOSFETs as switching components is becoming increasingly prevalent in DC–DC
converters, on-board chargers, and inverters for electric vehicles due to their superior
performance [8–10].

Electronics 2025, 14, 163 https://doi.org/10.3390/electronics14010163
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Reducing the Ron,sp and specific reverse transfer capacitance (Crss,sp) is crucial for
minimizing lower power dissipation, as a significant portion of the power dissipation
occurs during the switching operation [11,12]. In particular, during the charging of the
Crss,sp, a simultaneous application of high voltage and current occurs, which can result
in a significant power dissipation in SiC MOSFETs. Thus, it is crucial to achieve a lower
high-frequency figure of merit (HF-FOM), defined as Ron,sp × Crss,sp [13,14]. It has been
demonstrated that the superior HF-FOM of 1.2 kV Split Gate SiC MOSFETs (SG-MOSFETs)
can be achieved without an increase in Ron,sp [15–20]. However, electric field crowding
occurs at the exposed edge of the poly-Si gate of SG-MOSFETs in the blocking mode, which
may cause potential issues with the gate oxide [20–22].

Ruggedness and reliability, particularly short-circuit (SC) robustness, are also vital con-
siderations for SiC MOSFETs. SiC MOSFETs exhibit a shorter short-circuit withstand time
(SCWT) due to the higher electric field and current density compared to Si IGBTs [23,24].
Under the SC conditions, the lattice temperature of SiC MOSFETs rises rapidly, leading
to thermal runaway and surges in drain current (ID). These phenomena have the signif-
icant potential to result in device failure [24,25]. Several approaches for improving the
SC robustness of SiC MOSFETs have been reported, but they should entail an increase in
Ron,sp [25–30]. Additionally, the electric field crowding at the gate oxide of SG-MOSFETs
results in a shorter SCWT than conventional MOSFETs (C-MOSFETs) [31]. Nevertheless,
limited research has focused on enhancing the SC robustness of SG-MOSFETs.

In this paper, we proposed an approach to enhance the trade-off between the SC
robustness and Ron,sp of 1.2 kV Split Gate SiC MOSFETs (SG-MOSFETs). The proposed P-
shielded SG-MOSFETs (PSG-MOSFETs) feature a P-shielding region within the JFET region,
which serves to expand the depletion region under SC conditions and in blocking mode.
The depletion region induced by the P-shielding region can narrow the current path in the
JFET region, which results in the suppression of the surge current under SC conditions. In
blocking mode, the expanded depletion region of PSG-MOSFETs can serve to protect the
gate oxide from the electric field and reduce the reverse transfer capacitance (Crss).

2. Device Structures and Simulation Methods
Sentaurus TCAD simulations were employed to design and analyze 1.2 kV SiC MOS-

FETs based on a half-cell size. Figure 1a–c show the 2-D schematic cross-sectional views
of the 1.2 kV SiC C-MOSFET, SG-MOSFET, and PSG-MOSFET, respectively. A SiC N-drift
region with a background doping concentration of 8 × 1015 cm−3 and a thickness of 10 µm
on a SiC N+ substrate was implemented. All devices were designed with an inversion
channel, an identical channel length of 0.5 µm and a gate oxide thickness of 50 nm. In order
to ensure the reliability of the gate oxide, the SG-MOSFET and PSG-MOSFET were designed
with an identical length of the overlap region of 0.3 µm between the poly-Si gate and JFET
region. The JFET region was designed with a width of 1.5 µm, and a depth of 0.8 µm.
Additionally, the JFET region of the C-MOSFET and SG-MOSFET was designed with a
doping concentration (NJFET) of 3 × 1016 cm−3. Note that PSG-MOSFETs were designed
with a higher NJFET than C-MOSFETs and SG-MOSFETs due to their reduced Eox,max. This
can reduce the Ron,sp, which can minimize power dissipation during device operation.

All devices were created through following process simulations, and voltage was
applied to each terminal of the devices to analyze its electrical characteristics through
device simulations. Figure 2 shows the process simulation flow for the PSG-MOSFET.
The PSG-MOSFET followed the same process flow as the C-MOSFET and SG-MOSFET.
Note that all ion implantation processes used the Monte Carlo method for precision of
simulations. The P-shielding region within the JFET region was formed through ion
implantation for the P-source without any additional patterning steps. Additionally, the
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P-shielding region was designed with a depth of 0.5 µm and a width (WP) ranging from
0.3 µm to 0.9 µm. Furthermore, it should be noted that the P-shielding region is electrically
connected to the source, which effectively improves the electrical characteristics of PSG-
MOSFETs. In order to achieve this connection, a contact placement for simulation was
created on the surface of the P-shielding region and subsequently merged with the source
contact placement. Table 1 lists all device parameters used in TCAD simulations. Note that
all device simulations were conducted with the same device area.
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Figure 2. Process simulation flow for the PSG-MOSFET.

In order to enhance the precision of TCAD simulations, the following models were
employed: the Shockely–Read–Hall recombination model and the Auger recombination
model were used to predict the electrical characteristics of devices under different tempera-
ture conditions [32,33]; the Okuto–Crowell avalanche model was used to accurately predict
the reliability and breakdown mechanisms of high-voltage devices [34,35]; and finally, the
incomplete ionization model was used to accurately predict and design the conductivity
of devices with high doping concentration [36]. The breakdown voltage (BV) was defined
as the drain-source voltage (VDS) when the maximum electric field in SiC, Eox,max or ID

exceeded 3 MV/cm, 5 MV/cm or 10 µA, respectively. Furthermore, the Ron,sp was defined
as the inverse of the slope at a VDS of 2.3 V from the output curve under a gate-source

3
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voltage (VGS) of 18 V, and the threshold voltage (Vth) was defined as the gate voltage at
which the ID reached 1 mA, following the extraction of the transfer curve under a VDS of
5 V. Finally, the SCWT was defined as the gate pulse duration at which the drain current
surges and thermal runaway occurs under SC conditions [24–31].

Table 1. Device parameters used in TCAD simulations.

Parameters [Unit] Values

Channel length [µm] 0.5
Gate oxide thickness [nm] 50

Half-cell pitch [µm] 3.4
Width of the JFET region [µm] 1.5
Depth of the JFET region [µm] 0.8

Thickness of the N-drift region [µm] 10
Length of the overlap region between the poly-Si gate and the JFET

region [µm] 0.3

Width of the P-shielding region (WP) [µm] 0.3–0.9
Depth of the P-base [µm] 1.0

Doping concentration of the N-drift region [cm−3] 8 × 1015

Doping concentration of the JFET region (NJFET) [cm−3] 3 × 1016–1 × 1017

Doping concentration of the P-shielding region [cm−3] 1.2 × 1020

3. Results and Discussion
Figure 3 shows the electric field distribution of the SG-MOSFET in blocking mode with

a VGS of 0 V and a drain-source voltage (VDS) of 1.2 kV. The SG-MOSFET exhibited an Eox,max

of 4.79 MV/cm because electric field crowding occurs at the exposed edge of the poly-Si
gate. The critical electric field of SiO2 in SiC MOSFETs is known to be 8–9 MV/cm [37];
however, the Eox,max should be to 3 MV/cm or less to ensure the reliability of the gate
oxide in the device [38,39]. In contrast, the PSG-MOSFET with a WP of 0.3 µm achieved
an Eox,max of 2.95 MV/cm, representing a 38.28% reduction compared to the SG-MOSFET.
This reduced Eox,max of the PSG-MOSFET is due to the dispersion of the electric field from
the gate oxide into the P-shielding region, which results in a maximum electric field in
the P-shielding region of 2.32 MV/cm. In other words, the high electric field in the gate
oxide is dispersed by the on-sided depletion region that occurs at the PN junction between
the additional P-shielding region and the JFET region. Accordingly, this results in the
suppression of the electric field crowding at the gate oxide of the PSG-MOSFET.
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Figure 4 shows the Eox,max of PSG-MOSFETs according to the WP and NJFET. As the
NJFET increases, the Eox,max also increases due to a reduction in the width of the depletion
region of the P-shielding region. Conversely, as the WP increases, the Eox,max significantly
decreases. Since an increase in Ron,sp denotes an increase in conduction loss during device
operation, optimization of NJFET and WP is crucial. These results indicate that the P-
shielding region can effectively suppress electric field crowding at the gate oxide, despite
the higher NJFET of PSG-MOSFETs compared to the SG-MOSFET.
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Figure 4. Eox,max of PSG-MOSFETs according to the WP and NJFET.

Figure 5 shows the Ron,sp of PSG-MOSFETs according to the WP and NJFET. As the
NJFET increases, the Ron,sp decreases due to the expansion of the current path of the device
in the conduction mode. Conversely, as the WP increases, the Ron,sp significantly elevates.
In particular, the PSG-MOSFET (WP = 0.9 µm and NJFET = 1 × 1017 cm−3) exhibits a Ron,sp

of 11.41 mΩ·cm2. In order to achieve an identical Ron,sp as the SG-MOSFET, it is required
to design the NJFET of the PSG-MOSFET with a WP of 0.9 µm to be much higher than
1 × 1017 cm−3. However, the implementation of a significantly higher NJFET results in a
reduction in the Vth of the device. For the design of the inversion channel, the WP with
a range of 0.3 µm to 0.8 µm was employed, and devices with an identical Ron,sp as the
SG-MOSFET were selected, as shown in Table 2.
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Table 2. Device structures with identical Ron,sp as SG-MOSFETs.

Descriptions
Conditions [Unit] Ron,sp [mΩ·cm2]

(@VGS = 18 V and VDS = 2.3 V)
Vth [V]

(@ID = 1 mA)WP [µm] NJFET [cm−3]

Device #A 0.3 4 × 1016 3.78 3.84
Device #B 0.4 5 × 1016 3.67 3.67
Device #C 0.5 5 × 1016 3.81 3.67
Device #D 0.6 6 × 1016 3.80 3.52
Device #E 0.7 7.5 × 1016 3.82 3.37
Device #F 0.8 1 × 1017 3.75 2.96

TCAD mixed-mode simulations were conducted to analyze the SC robustness of
devices. Figure 6 shows the schematic implemented in the SC test. The gate voltage (VG)
was pulsed from 0 V to 20 V in 0.1 µs. Additionally, an 800 V voltage source (VDD) was
employed at the drain stage. The external gate resistance (RG) was set to 20 Ω, and the
source/drain resistance (RS and RD) and inductance (LS and LD) were set to 1 mΩ and
1 nH, respectively.
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Figure 6. Schematic of SC test implemented in the TCAD mixed-mode simulation.

Figure 7 compares the SCWT and Ron,sp of all the devices. The C-MOSFET has a
Ron,sp of 3.65 mΩ·cm2 and SCWT of 5.8 µs. By comparison, the SG-MOSFET exhibits a
4.11% increase in Ron,sp (3.8 mΩ·cm2) and an 8.62% decrease in SCWT (5.3 µs), indicating
a less favorable trade-off between SCWT and Ron,sp than the C-MOSFET. In contrast, the
PSG-MOSFET achieves a superior trade-off between SCWT and Ron,sp as the WP increases.
Accordingly, it is observed that Device #F (NJFET = 1 × 1017 cm−3 and WP = 0.8 µm) exhibits
the best trade-off between SCWT and Ron,sp. Note that PSG-MOSFETs did not make any
sacrifices of static characteristics, including the Ron,sp, to achieve enhanced SC robustness.

Figure 8 shows the SC characteristics of all the devices. Additionally, the solid line
indicates the ID, while the dotted line denotes the maximum lattice temperature. Note
that all the devices exhibited thermal runaway and drain surge current at the gate pulse
duration of the SCWT. PSG-MOSFETs demonstrate enhanced SC robustness compared
to the SG-MOSFET with identical Ron,sp. It is important to note that the proposed device
reduces the probability of device failure due to thermal runaway under SC conditions,
and does not require the sacrifice of static characteristics such as the Ron,sp to achieve this.
Meanwhile, as WP increases, PSG-MOSFETs exhibit a decrease in the peak drain current
under SC conditions (ISC) and peak value in maximum lattice temperature (Tpeak).
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Figure 7. Comparison of SCWT and Ron,sp of C-MOSFET, SG-MOSFET, and Devices #A–#F.
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Figure 8. SC characteristics of the C-MOSFET, SG-MOSFET, and Devices #A–#F.

Figure 9 shows the ISC of the SG-MOSFET and PSG-MOSFETs under SC conditions.
It should be noted that it is a comparison of the ISC at the SCWT duration for each device.
Device #F, which shows the best trade-off between SCWT and Ron,sp, exhibits an ISC of
186 A, representing a 12.62% reduction relative to the SG-MOSFET. This reduction in ISC

can contribute to a lower rate of increase in lattice temperature (RT) under SC conditions,
effectively suppressing the positive feedback loop of the lattice temperature, which can
enhance SCWT. Accordingly, Device #F exhibits an SCWT of 7.2 µs, representing a 35.85%
enhancement in comparison to the SG-MOSFET.

Figure 10 shows the output characteristics of the SG-MOSFET and PSG-MOSFETs.
Due to the comparable slope of devices at low VDS, PSG-MOSFETs can achieve a Ron,sp

similar to that of the SG-MOSFET. In contrast, it is observed that PSG-MOSFETs rapidly
saturate the drain current at higher VDS compared to the SG-MOSFET. Furthermore, this
tendency appears to intensify as the WP increases. This indicates that the ISC is proportional
to the drain saturation current (ID,sat). Figure 11 shows the total current density of the
SG-MOSFET (on the left) and Device #F (on the right) in conduction mode (at a VDS of 20 V)
and under SC conditions (at a VDS of 800 V). Device #F exhibits a wider depletion region
within the JFET region compared to the SG-MOSFET in conduction mode and under SC
conditions. The narrower current path facilitated by the P-shielding region can effectively
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suppress the ID,sat under SC conditions. According to Equation (1), the ID,sat is inversely
proportional to SCWT [40]. Thus, the reduction in ID,sat can enhance the SC robustness
of PSG-MOSFETs.

SCWT = Achip ×
(Tcritical − Tinitial)× WSiC × CV

ID,sat × VDS
(1)

where Tcritical is the critical temperature, Tinitial is the initial temperature, Achip is the chip
area, WSiC is the thickness of the chip, Cv is the volumetric specific heat capacity, ID,sat is
the drain saturation current, and VDS is the drain-source voltage [40].
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Figure 9. ISC of the SG-MOSFET and Devices #A–#F under SC conditions.
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Figure 12 shows the lattice temperature distribution of the SG-MOSFET and PSG-
MOSFETs under SC conditions. It should be noted that it is a comparison of the lattice
temperature distribution at the SCWT duration for each device. As the WP increases, the
magnitude and area of lattice temperature of SiC is observed to decrease. In particular,
Device #F exhibits a 6.21% reduction in Tpeak compared to the SG-MOSFET. According
to Equation (2), the ID,sat is proportional to the RT [40]. Due to the reduction in ID,sat, the
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positive feedback of the lattice temperature is effectively suppressed, which results in the
enhanced SC robustness of the PSG-MOSFET.

RT =
dT
dt

=
KT × ID,sat × Vd

Achip × WSiC × CV
(2)

where KT is the compensation factor for the non-uniform temperature distribution through
the wafer thickness [40].
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The Crss,sp characteristics of all the devices were obtained at 1 MHz through TCAD
mixed-mode simulation, as shown in Figure 13. Additionally, the Crss,sp is normalized as the
device area. The SG-MOSFET exhibits lower Crss,sp than the C-MOSFET, which is a result
of the split gate structure. However, the P-shielding region of PSG-MOSFETs has the effect
of expanding the depletion region, which results in a reduction in depletion capacitance
(Cdep). As a result, PSG-MOSFETs exhibit significantly lower Crss,sp than the SG-MOSFET,
according to Equation (3). Meanwhile, as the WP increases, the Crss,sp of PSG-MOSFETs is
effectively further reduced.

Crss,sp =
1

Aactive
×

Cox × Cdep

Cox + Cdep
(3)

where Aactive is the area of the active cell, Cox is the oxide capacitance, and Cdep is the
depletion capacitance.
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Figure 13. Specific reverse transfer capacitance characteristics of the C-MOSFET, SG-MOSFET, and
Devices #A–#F.

Figure 14 compares the Ron,sp, Crss,sp and HF-FOM [Ron,sp × Crss,sp] across all the devices.
As WP increases, the HF-FOM of PSG-MOSFETs improves significantly. Accordingly, Device
#F represents the optimized PSG-MOSFET, achieving the best HF-FOM and enhanced SC
robustness compared to the C-MOSFET and SG-MOSFET.

Table 3 summarizes the TCAD simulation results in this work. The Eox,max, Ron,sp,
SCWT, Crss,sp, and HF-FOM of Device #F were 1.81 MV/cm, 3.75 mΩ·cm2, 7.2 µs,
10.87 pF/cm2, and 0.041 pΩ·F, respectively. Compared to the SG-MOSFET, Device #F
achieved a 62.21% decrease in Eox,max, a 35.85% increase in SCWT, an 82.48% decrease in
Crss, and an 82.92% decrease in HF-FOM. This demonstrates that the P-shielding region of
the PSG-MOSFET effectively enhances SC robustness and HF-FOM, without increasing
the Ron,sp.

10



Electronics 2025, 14, 163

Electronics 2025, 14, x FOR PEER REVIEW  10  of  13 
 

 

The Crss,sp characteristics of all the devices were obtained at 1 MHz through TCAD 

mixed-mode simulation, as shown in Figure 13. Additionally, the Crss,sp is normalized as 

the device area. The SG-MOSFET exhibits lower Crss,sp than the C-MOSFET, which is a re-

sult of the split gate structure. However, the P-shielding region of PSG-MOSFETs has the 

effect of expanding the depletion region, which results in a reduction in depletion capac-

itance  (Cdep). As  a  result, PSG-MOSFETs  exhibit  significantly  lower Crss,sp  than  the  SG-

MOSFET, according  to Equation  (3). Meanwhile, as  the WP  increases,  the Crss,sp of PSG-

MOSFETs is effectively further reduced. 

Crss,sp = 
1

Aactive 
× 
Cox × Cdep
Cox + Cdep

  (3)

where Aactive is the area of the active cell, Cox is the oxide capacitance, and Cdep is the deple-

tion capacitance. 

Figure 14 compares the Ron,sp, Crss,sp and HF-FOM [Ron,sp × Crss,sp] across all the devices. 

As WP increases, the HF-FOM of PSG-MOSFETs improves significantly. Accordingly, De-

vice  #F  represents  the  optimized  PSG-MOSFET,  achieving  the  best HF-FOM  and  en-

hanced SC robustness compared to the C-MOSFET and SG-MOSFET. 

 

Figure 13. Specific reverse transfer capacitance characteristics of the C-MOSFET, SG-MOSFET, and 

Devices #A–#F. 

 

Figure 14. Comparison of the Ron,sp, Crss,sp, and HF-FOM in the C-MOSFET, SG-MOSFET, and Devices 

#A–#F. 

0 200 400 600 800 1000

0.01

0.1

1

10

VDS (V)

 C-MOSFET
 SG-MOSFET
 Device #A
 Device #B
 Device #C
 Device #D
 Device #E
 Device #F

C
rs

s,
sp

 (
nF

/c
m

2 )

PSG-MOSFETs

SG-MOSFET

C-MOSFET

WP increases

Cox

Cdep

Gate

Source

Drain

CDS

Crss = CGD

CGS

3.65 3.80 3.85
0

20

40

60

180

200

220
 Crss,sp

 HF-FOM [Ron,sp×Crss,sp]

C
rs

s,
sp

 (
pF

/c
m

2 )

0.0

0.1

0.2

0.7

H
F

-F
O

M
 (

pΩ
∙F

)

Ron,sp (mΩ∙cm2)

C-MOSFET

SG-MOSFET

Device #A
Device #B

Device #C

Device #F @VDS=1 kV
Device #D

Device #E

Figure 14. Comparison of the Ron,sp, Crss,sp, and HF-FOM in the C-MOSFET, SG-MOSFET, and Devices
#A–#F.

Table 3. Summary of TCAD simulation results.

Electrical
Characteristics [Unit]

C-
MOSFET

SG-
MOSFET

Device
#A

Device
#B

Device
#C

Device
#D

Device
#E

Device
#F

Ron,sp [mΩ·cm2] 3.65 3.80 3.78 3.67 3.81 3.80 3.82 3.75
Vth [V] 4.0 4.0 3.84 3.67 3.67 3.52 3.37 2.96
BV [V] 1536 812 1649 1642 1752 1883 1817 1812

Eox,max [MV/cm] 4.08 4.79 3.56 3.35 2.84 2.49 2.13 1.81
SCWT [µs] 5.8 5.3 6.1 6.1 6.7 6.9 7.2 7.2

Crss,sp [pF/cm2]
(@VDS = 1 kV)

196.19 62.04 30.71 26.89 22.59 18.47 14.33 10.87

Ron,sp × Crss,sp [pΩ·F]
(@VDS = 1 kV) 0.72 0.24 0.12 0.099 0.086 0.07 0.054 0.041

4. Conclusions
In this paper, 1.2 kV P-shielded Split Gate SiC MOSFETs were designed to enhance

the SC robustness compared to SG-MOSFETs. In order to achieve this improvement,
PSG-MOSFETs feature a P-shielding region within the JFET region, which can be formed
without requiring additional patterning steps. The analysis of the Ron,sp, Eox,max, and SCWT
of PSG-MOSFETs in relation to the NJFET and WP demonstrated that the optimal trade-off
between SC robustness and Ron,sp occurs at an NJFET of 1 × 1017 cm−3 and a WP of 0.8 µm.
Under these conditions, the PSG-MOSFET achieved an Eox,max reduction to 0.38×, an SCWT
increase to 1.36×, and a HF-FOM [Ron,sp × Crss,sp] reduction to 0.17×, while maintaining a
Ron,sp identical to that of the SG-MOSFET. These results indicate that the proposed PSG-
MOSFET is a highly suitable candidate for high-frequency and reliable applications.
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Abstract: Electroporation ablation, as an innovative cancer treatment, not only preserves the structure
and function of affected organs but also significantly reduces surgical risks, offers patients a safer
and more effective therapeutic option, and demonstrates immense potential in the field of oncology.
This paper presents the innovative design of a high-voltage nanosecond pulse generator triggered
by a silicon carbide (SiC) photoconductive switch. The generator is capable of stably outputting
adjustable voltages ranging from 10 kV to 15 kV, with pulse widths precisely controlled between
10 and 15 nanoseconds, and an operating frequency adjustable from 1 Hz to 10 Hz. This device
enables instant activation and deactivation of the pulse generator during ablation, enhancing the
efficiency of strong electric field applications and preventing overtreatment due to delayed shutdown.
This paper introduces the structure and basic principles of this novel SiC photoconductive switch-
triggered pulse device and reports on the impact of device-related pulse parameters on the ablation
effect of hepatocellular carcinoma cells through cell experiments. Under optimal ablation parameters,
the CCK8 results show that the number of viable cells is only 0.7% of that in the untreated control
group after 12 h of subculture following ablation. These findings hold significant importance for
expanding the application areas of SiC devices.

Keywords: pulse power generator (PPG); high voltage; nanoseconds; electroporation; tumor cell
ablation

1. Introduction

Cancer, medically defined as a malignant tumor, originates from abnormal changes in
cellular genetic material. These changes drive cells to divide and proliferate uncontrollably
and irregularly, ultimately forming masses that invade adjacent tissues and may even
spread to other parts of the body through the bloodstream or lymphatic system. Cur-
rently, the primary treatments for cancer include surgical therapy [1], radiotherapy [2],
chemotherapy [3], immunotherapy [4], and targeted therapy [5], among others [6]. While
these traditional therapies have shown high effectiveness in eliminating cancer cells, they
also cause significant functional damage to the human body. Surgical therapy, often re-
garded as a direct and effective means, is costly and carries certain risks such as infection
and bleeding, without guaranteeing a completely trauma-free procedure. Furthermore,
patients face risks of complications such as infection, bleeding, and pulmonary embolism
after surgery, all of which increase patients’ suffering and treatment burden. Moreover,
surgery may sometimes fail to remove the tumor completely due to its location or size,
leaving the possibility for recurrence or regrowth [7–9]. Chemotherapy, as another common
treatment, also has side effects that cannot be ignored. While chemotherapy drugs kill
cancer cells, they also damage normal cells, triggering a series of side effects such as nausea,
vomiting, hair loss, and decreased white blood cell count, all of which severely affect the
quality of patients’ lives. In more severe cases, excessive chemotherapy may even shorten
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the patient’s lifespan [10,11]. Additionally, since certain types of tumors are not sensitive to
chemotherapy drugs, forcibly administering chemotherapy may yield minimal results [12].
Radiotherapy differs from surgery and chemotherapy. Although modern radiotherapy
techniques have achieved considerable precision, it is still difficult to completely avoid
radiation damage to surrounding healthy tissues and lead to a series of side effects such
as skin inflammation, nausea, vomiting, and fatigue. Furthermore, radiotherapy has a
relatively long treatment cycle, slow onset of efficacy, and a high recurrence rate [13,14].

With advancements in technology, ablation therapy has gradually attracted the at-
tention of researchers. Ablation methods, primarily including radiofrequency ablation
(RFA), cryoablation, microwave ablation, laser ablation, and ultrasound ablation, signif-
icantly reduce patients’ suffering during cancer treatment by directly destroying local
cancer cells or tissues, demonstrating considerable application potential [15]. However,
these traditional ablation methods still face numerous challenges in clinical applications.
RFA, though effective, involves a relatively lengthy ablation process, and the expansion
effect during tumor necrosis may lead to residual cancer cells. Meanwhile, in some cases,
increased vascular endothelial growth factor (VEGF) can inhibit drug efficacy, thereby
increasing the risk of tumor recurrence [16,17]. Cryoablation is limited by its high cost and
time-consuming procedure, and multi-needle ablation may lead to a significant reduction
in platelets, increasing the risk of bleeding [18,19]. Microwave ablation currently faces
issues with imperfect equipment, resulting in unstable treatment effects [20]. Laser ablation
may cause local temperatures to rise excessively during treatment, damaging surrounding
healthy tissues and nerves, leading to complications. Furthermore, the effectiveness of
laser ablation is closely related to needle placement, making it difficult to operate [21,22].
As for ultrasound ablation, accurate lesion localization can sometimes be challenged due
to factors such as echo, bone obstruction, and lung air, resulting in a longer treatment
duration. Additionally, there is a possibility of missing the target when treating irregular
tumor tissues [23].

With the continuous progress of science and technology, researchers have gained
a deeper understanding of the electromagnetic effects on biological cells, leading to the
development of an innovative ablation technique—pulsed electric field ablation (PEFA).
This technique widely utilizes high-voltage electric pulses to act on the phospholipid
bilayer of cell membranes, generating transmembrane potentials and forming unstable
potential differences, thereby inducing irreversible permeabilizing damage to the cell
membrane and ultimately leading to cell apoptosis [24]. Specifically, this ablation method
relies mainly on high-voltage direct current pulses with pulse widths precisely controlled
between 5 and 100 microseconds. PEFA technology has been successfully applied in
clinical practice for the ablation of liver and pancreatic tumors, and it has also shown
great potential in the treatment of arrhythmias such as atrial fibrillation [25,26]. Compared
with traditional thermal and cold ablation techniques, PEFA exhibits higher targeting
precision, more precise action on target tissues, significantly reduced complications, and a
substantially shortened ablation time [27]. With continuous technological iterations and
upgrades, PEFA has evolved from millisecond pulses to microsecond pulses and further to
nanosecond pulses, bringing about broader application prospects and more possibilities
to this technology [28,29]. Looking ahead, PEFA is expected to play a significant role in
various medical fields such as tumor ablation and arrhythmia treatment, providing patients
with more and better treatment options.

Compared with cold and thermal ablation, PEFA has several notable advantages.
Firstly, in terms of safety, as a non-thermal ablation method, electric pulse ablation al-
most eliminates the risk of thermal-related injuries. It demonstrates high selectivity for
surrounding tissues such as the phrenic nerve and esophagus, avoiding damage to these
normal tissues and significantly reducing the risk of damaging normal tissues during
surgery [16,30,31]. Secondly, PEFA also excels in ablation efficiency. By using a circular
multi-electrode ablation catheter, this technology simplifies the surgical process, enabling
the entire procedure to be completed through a single catheter [32]. Its multi-point dis-
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charge feature allows each discharge to occur in just 2–4 s, significantly shortening the
ablation time and improving surgical efficiency compared to methods like RFA and cryoab-
lation. Finally, in terms of applicability, PEFA shows broad potential. Since its mechanism
of action does not depend on specific tumor types, it may be applicable to various types of
tumors, providing a wider range of options for tumor treatment [33]. In summary, PEFA
has clear advantages over cold and thermal ablation in terms of safety, efficiency, and
applicability; it is expected to become one of the crucial means for future tumor treatment.

Currently, PEFA devices commonly use traditional semiconductor power devices
as pulse switches to emit treatment pulses. However, these devices typically operate at
kilovolt-level pulse source voltages during treatment, and semiconductor power devices
struggle to achieve nanosecond-level rapid shut-off at such high voltages [34]. This lim-
itation can easily lead to ablation beyond the expected range or overtreatment during
high-precision surgeries, particularly in areas where thermal ablation is contraindicated,
such as the brain, liver, and blood vessels, where overtreatment may cause unnecessary
organ damage to patients [35]. Additionally, the rising edge slope (dv/dt) of the treat-
ment pulses output by traditional semiconductor power devices such as pulse switches
is relatively gentle, approximately between 100 V/ns and 300 V/ns, which is insufficient
to generate instantaneous strong electric fields within cells to achieve cell perforation.
Although increasing the rising edge slope by paralleling multiple semiconductor power
devices is possible, it also increases the width of the treatment pulses, leading to additional
thermal accumulation during treatment and increasing the risk of thermal damage to
healthy tissues. To overcome this challenge, this paper reports on a novel high-power pulse
ablation device with a maximum voltage of 15 kV, a frequency of 10 Hz, and a pulse width
of only 5 ns. This pulse source uses a SiC photoconductive switch for control and has
been tested for pulse ablation on A549 cells to study the ablation effect of the high-voltage
pulse source on liver cancer cells. This innovation provides strong support for the further
development of PEFA technology.

2. Equipment Set Up and Material
2.1. Pulse Equipment Set Up

Unlike the square wave pulses used in traditional electro-pulse ablation, the pulse
waveform employed in our study, as shown in Figure 1c, is presented in the form of a steep
pulse. Traditional square wave pulses switch rapidly between high and low voltage levels,
with a stable waveform characterized by clear rising and falling edges, as well as constant
pulse width and frequency. The stable waveform of square wave pulses ensures uniform
electric field distribution and a consistent duration of action, thus offering advantages
such as good stability, high controllability, and consistent ablation effects. In contrast to
square waves, steep pulses have a sharp waveform, reaching a high peak voltage in a short
time and quickly falling back. They are characterized by concentrated energy and a short
duration of action, resulting in a more significant electroporation effect on cell membranes
compared to square waves. At the same time, steep pulse ablation offers advantages such
as high efficiency, precision, and safety. Its rapid rising and falling edges ensure the quick
action and disappearance of the electric field, reducing damage to normal tissues. However,
there is relatively little research on ablation using steep pulses currently, which also makes
our research meaningful.

To generate nanosecond high-voltage pulses, a photoconductive pulse-triggering
circuit based on SiC material is used in this experiment. 4H-SiC-doped V as the material
for PCSS in cancer therapy has several advantages. Firstly, SiC does not contain any
harmful components like GaAs. Secondly, no avalanche effect has been found in SiC so
far. Therefore, its photoelectric linear characteristics are easily triggered by laser control.
Finally, due to the ability of a single SiC photoconductive switch to operate at 15 KV for a
long time, the trigger circuit is simple. The circuit consists of a pulsed high-voltage power
supply (Wiswan DE70P6), a high-voltage capacitor, a SiC photoconductive switch, and a
load module, as shown in Figure 1.
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Figure 1. (a) Schematic diagram of a pulse system based on photoconductive switches for cancer
treatment. (b) The photoconductive switch used in this experiment. (c) The load waveform collected
on the cell under 12 KV input voltage.

The entire pulse system consists of two circuits. Firstly, the charging circuit is com-
posed of a high-voltage power supply, a charging resistor, and a charging capacitor. The
charging circuit is composed of the same capacitor PCSS and a cell plate as the discharge
circuit, where the cell plate can be equivalently regarded as a load resistor. Before applying
the pulse voltage, we tested the resistance value of the cells with a multimeter, which was
approximately at the level of 100K ohms.

The VCSI 4H-SiC substrates used for fabricated PCSS in this experiment were pro-
vided by SICC Company Ltd.1. (Jinan, China), with a thickness of 500 µm and a size of
10 × 10 mm. We first cleaned the SiC material using the microelectronics standard cleaning
process and then deposited a layer of nickel metal according to the electrode shape in
Figure 1, with a thickness of 300 nm. Then, it is annealed at temperature 1100 ◦C for 60 s
under nitrogen conditions. Finally, we covered the nickel metal with titanium and gold,
with thicknesses of 120 nm and 200 nm, respectively.

When there is no strong laser triggering PCSS, the resistance of PCSS is around
1010 ohms, so the discharge circuit is not connected. During operation, the charging circuit
charges the capacitor through a high-voltage source and charging resistor and then uses
a 532 nm laser to touch the PCSS. Due to the generation of the 1017 cm−3 concentration
of photo-generated carriers in PCSS under the action of laser pulses, the switching resis-
tance decreases from 1010 ohms to 30 ohms within 1–3 ns, and the capacitor discharges
instantaneously to generate high-voltage pulses. High-voltage pulses are applied to the
tip of the electrode needle by linking it to the cell plate wall, generating an electric field
strength of 12 kV/cm. The electrodes space 4 mm, ensuring that the switching material
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can withstand high voltages of up to 20 KV to deliver a stronger nanosecond pulse. A
Q-switched Nd: YAG laser form is used as the optical trigger source, whose full width at
half maximum is 10 ns at a wavelength of 532 nm. The load side is a cell plate filled with
cells for this experiment.

During operation, the high voltage originally charged the high-voltage capacitor.
After the capacitor was full, the pulsed laser triggered the photoconductive switch to
instantaneously discharge the capacitor. For a standard 50 ohm capacitor, a quasi-Gaussian
pulse with a pulse width of about 15 nanoseconds was generated from 1 kV to 12 kV.
Meanwhile, for the subsequent study of the equivalent resistance model of the cell, we
connected a 2G bandwidth oscilloscope (Siglent SDS6204 H10 Pro, Shenzhen, China)
through a high-voltage probe (P6039A of Pintech, Guangzhou, China) and connected it
to both ends of the cell plate to record the pulse waveforms of the cell plate under the
high-voltage electricity.

2.2. Human Pulmonary Carcinoma Cell Preparation

The procedure for preparing hepatocellular carcinoma cells for the experiments follows
the standard protocols [28] and has been adaptively adjusted according to the laboratory
conditions and actual needs, as detailed below. For cell cryopreservation, a combination
of Dulbecco’s Modified Eagle Medium (DMSO, sourced from ThermoFisher Scientific,
Waltham, MA, USA) and a serum-free cell cryopreservation solution (FBS, obtained from
Merck KGaA, Darmstadt, Germany) is utilized. To formulate the cell culture medium,
Dulbecco’s Modified Eagle Medium (DMEM, also from ThermoFisher Scientific, USA),
FBS, and a penicillin/streptomycin solution (1000 U/mL, ThermoFisher Scientific, USA)
are employed. The human pulmonary carcinoma cells (A549 cells) are maintained in
the State Key Laboratory of Oncology at the Air Force Medical University. Preparation
of the cell culture medium entails mixing DMEM, adjusting its pH to a range of 7.2 to
7.4, with 10% fetal bovine serum (FBS) and 1% penicillin/streptomycin solution. The
cells are cultured in a Midi 40 carbon dioxide incubator (Thermo, USA), maintained at
37 ◦C, with a 5% CO2 concentration and 80–90% humidity. Every two days, the medium
is replaced to promote optimal cell growth. Subculturing is performed when cell density
reaches 80%-90%, involving cell detachment with a 0.25% trypsin solution, followed by
the addition of an appropriate volume of fresh culture medium to achieve uniform cell
dispersion for subculturing. Upon reaching 80–90% cell density again, viable cells are
chosen for cryopreservation. All cell preparations follow the standard procedure for cell
suspension preparation [36]. These cells are mixed with a solution comprising 10% DMSO
and 90% FBS, transferred to cryopreservation tubes, securely sealed, and stored in liquid
nitrogen for future applications. Prior to use, the cells are thawed in a 37 ◦C water bath.

2.3. Cell Experiment Set Up

In the cell experiments, a specific volume (400 microliters) of cell suspension containing
approximately 2.5 × 105 cells, which was selected based on the standard references [37,38],
was dispensed into each well of a 48-well plate. Sterile needle electrodes, which are coated
with an insulating material except at the tip, are then obtained. These electrodes are
inserted into the wells of the cell culture plate with a predetermined spacing, as dictated
by the experimental protocol. In the cell experiment, we initially used the electrode cups
recommended in the relevant literature. However, we observed that the pulse output
waveform was altered when using these electrode cups. This phenomenon could be
attributed to the fact that the electrode cups themselves act as capacitors. Due to the
charging and discharging characteristics of capacitors, the rising and falling edges of
the pulse become more gradual, leading to the distortion of the pulse waveform. After
consulting the literature [39], we decided to adopt a method of directly inserting the
electrode needles into the culture dishes. Prior to the experiment, the workbench and its
surroundings were thoroughly disinfected to preclude any contamination that might skew
the experimental outcomes. Following pulse ablation, the cells’ physical attributes were
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examined using a transmission microscope (MSD530, Murzider, Dongguan, China). For all
cell experiments, electrode cups with a 1 mm gap were utilized, sourced from ThermoFisher
Scientific (USA). The CCK8 dye employed for the cell proliferation assessment was procured
from Selleck (Houston, TX, USA). In the CCK8 assay, the cells are permitted to proliferate
for a duration of 12 h before being analyzed using a Varioskan LUX microplate reader,
Shanghai, China. After this period, a precise volume (400 µL) of CCK-8 reagent is added
to each well, with meticulous care taken to prevent bubble formation. The culture plate is
then gently agitated to ensure homogeneous mixing of the solution. The absorbance value
of each well is subsequently measured at a wavelength of 450 nm using a microplate reader.
Statistical analysis is conducted on the recorded absorbance values to discern differences
among various treatment groups and to compute cell viability or survival rates. In the
experimental process, the final experimental results are obtained by calculating the average
value. Specifically, 30 groups of cells are selected for each parameter ablation experiment,
with each group originating from the same batch of cultured liver cancer cells. After the
experiment, when calculating the cell survival rate, the three groups with the highest values
and the three groups with the lowest values were excluded. The average survival rate of
the remaining 24 groups of cells was then calculated, which is considered to be the final cell
survival rate after ablation for that parameter. The same calculation method was applied to
the control group.

3. Results and Analysis
3.1. Voltage Effect

Studies have shown that enhancing the electric field intensity can significantly improve
the ablation effect on cancer cells; when a specific threshold is reached, it can ensure the
complete ablation of cells within the targeted ablation area. However, this does not imply
that the electric field intensity can be increased indefinitely. When the electric field intensity
reaches a saturation level, further increases not only fail to enhance the ablation effect but
may also trigger a series of adverse effects, such as expanding the scope of tissue damage
and inducing cardiac arrhythmias. Therefore, during the administration of electroporation
ablation therapy, precise control of the electric field intensity is essential to ensure both
effective ablation and the avoidance of unnecessary risks and side effects due to exceeding
the saturation value. Given this, it is necessary to further verify experiments whose voltage
settings can achieve the threshold voltage required for effective ablation when using our
self-developed pulse generator.

In the test of electric field intensity on ablation effect, we maintained constant condi-
tions of a frequency of 10 Hz, 300 pulses, and an electrode spacing of 1 cm. By adjusting
the voltage across the electrodes, we varied the electric field intensity from 10 kV/cm to
12 kV/cm for ablation testing. During the experiment, we used a temperature gun for
real-time monitoring and recorded an indoor temperature of 25.2 ◦C and an initial cell
sample temperature of 24.8 ◦C. The waveform of the applied voltage on the cell under
12 KV is referred to in Figure 1c.

After the ablation treatment, we first observed the morphological changes in the cells
using an optical microscope, and the related images are displayed in Figure 2. Subsequently,
0.1 mL of DMEM culture medium was added to each well, and the 48-well cell culture
plate was placed in a CO2 incubator. After 12 h of incubation, we conducted a CCK8 cell
viability assay, and the experimental results are shown in Figure 3b.

Throughout the experiment, we focused our observations using an optical microscope
on the central region between the electrodes. When a voltage of 10 kV was applied, no
significant cell shrinkage was observed. As the ablation electric field intensity gradually
increased from 10 kV/cm to 12 kV/cm, the number of shrunken cells around the electrodes
significantly increased, reaching 68%. This phenomenon is clearly demonstrated in the
red-boxed area in Figure 2b. Meanwhile, during the ablation process, the temperature
remained relatively stable; compared to 10 kV/cm, the temperature after ablation only
rose by 0.6 ◦C even at a field intensity of 12 kV/cm. The average temperature change per
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second for each group during the experiment is shown in Figure 3a. Confirming the fact
that minimal temperature increase has almost no impact on cell viability, the entire ablation
process is not dominated by thermal effects, and the final ablation effect should be mainly
attributed to the action of the pulsed electric field.
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Figure 2. Optical microscope images after ablation at different pulsed electric field intensities:
(a) field intensity of 10 kV/cm, 10 Hz, 30 s; (b) field intensity of 12 kV/cm, 10 Hz, 30 s.
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Figure 3. Graphs show temperature change over time and cell survival rate after ablation experiment.
(a) Black squares represent the control group, red represents 10 kV/cm, and blue represents 12 kV/cm;
(b) CCK8 results of cells after ablation at different electric field intensities and subsequent subculture
for 12 h.

Although optical microscope images show that cells did not exhibit extensive shrink-
age at a field intensity of 10 kV, this does not imply that the ablation effect is ineffective.
The fundamental reason for this is that pulsed electric fields can induce permanent pores in
the cell membrane, thereby enhancing its permeability and causing intracellular substances
to leak out through osmosis. This process ultimately leads to cellular energy depletion,
disrupts normal cellular physiological functions, and triggers cell death. It is noteworthy
that even after experiencing permanent electroporation, cells may still maintain a certain
degree of structural integrity, making it difficult to accurately determine cell death solely
through an optical microscope observation. To more precisely quantify the ablation effect
on cells more precisely, we employed the CCK8 cell viability assay. In the CCK8 test, we
maintained consistent experimental parameters and performed the test in electrode cups.
After the ablation procedure, we promptly disinfected the surface of the electrode cups in a
biosafety laboratory without affecting the samples and then transferred the cells to a 48-well
plate and added an appropriate amount of culture medium. After 12 h of incubation, we
introduced the CCK8 reagent and used the Varioskan LUX microplate reader to conduct
detailed analysis and detection of the CCK8 values. The survival rates of the cells in each
group were rigorously calculated based on Equation (1), as follows:

R =
ZCG − Zn

ZCG
(1)
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where ZCG represents the CCK8 value of the control group after 12 h; Zn represents the
CCK8 value of the test group after 12 h. The CCK8 experimental results are depicted in
Figure 3. As the voltage was increased from 10 kV to 12 kV, the survival rate of the cells
cultured in Petri dishes for 12 h significantly decreased from 42.5% to 24.6% compared to the
control group. Previously, after ablation at a field intensity of 12 kV, the proportion of cell
shrinkage observed through an optical microscope was approximately 68%. Assuming that
shrunken cells are dead cells, the proportion of cells maintaining normal morphology after
ablation should be around 30%. This proportion is highly consistent with the 34.6% survival
rate observed 12 h after ablation at 12 kV/cm. We speculate that the reason for this
phenomenon may be the reduction in the number of viable cells after ablation, which
indirectly affects the number of viable cells after 12 h of culture. Furthermore, the CCK8
results also reveal that during the ablation process, there is a positive correlation between
the electric field intensity and the number of liver cancer cell deaths. However, this
relationship is not linear between 10 kV/cm and 15 kV/cm. When the applied frequency
and the number of pulses are kept constant at 10 Hz and 300, respectively, a significant
enhancement in the ablation effect can be achieved even with a slight increase in electric
field intensity once it exceeds 10 kV/cm. This finding provides an important scientific basis
for optimizing the parameters of electric field ablation therapy.

Existing research indicates that cells predominantly die through cellular apoptosis un-
der nanosecond pulses [40,41]. When using our pulse generator, cells shrink and die within
just a few seconds of the ablation process, a phenomenon that can even be directly observed
under a microscope. This phenomenon is caused by strong electric field stimulation. When
we reduce the electric field intensity to below 10 kV/cm, the ablation effect diminishes,
and the cell shrinkage phenomenon almost disappears. However, the ablation effect is still
lower than that achieved with square wave pulses. This phenomenon may be related to
the differences between square wave pulses and steep pulses. When using high-voltage
steep pulses, the electric field reaches its peak rapidly and then quickly falls back. Higher
voltages result in stronger penetration effects, and steep pulse electric fields are more likely
to penetrate deep into cells and affect mitochondria, which aligns with existing reports
that the ablation effect is dependent on mitochondria [42]. When the electric field intensity
is lower, the duration for which the pulse electric field reaches the threshold on cancer
cells becomes the dominant factor. At this point, the ablation effect is primarily influenced
by the electroporation of the cell membrane. Therefore, when using our pulse device,
a higher electric field intensity is required to achieve the desired effect. However, high
electric field intensities pose a higher risk to device stability. Thanks to the advantages of
SiC photoconductive switches, our device excels in terms of both safety and precise control
compared to other high-voltage steep pulse devices. This is also a significant advantage of
our self-developed pulse power device.

To further explore the threshold of electric field intensity’s impact on ablation efficiency,
we gradually increased the electric field intensity to 15 kV/cm and 16 kV/cm. As other
experimental parameters remain unchanged, when the electric field intensity was increased
to 15 kV/cm, the cell survival rate decreased to 11.3% after 12 h of culture. However,
when the electric field intensity increased to 16 kV/cm, the cell survival rate decreased to
12.1%. Considering that inherent differences between samples in biological experiments
may introduce experimental errors, we can reasonably infer that when the electric field
intensity reaches 15 kV/cm, the ablation effect begins to saturate. In other words, the effect
of pulsed electric fields on cells reaches a plateau at 15 kV/cm, and thereafter, even if the
electric field intensity continues to increase, the ablation efficiency is no longer significantly
enhanced. This discovery holds significant practical significance, as continuously and
indefinitely increasing the electric field intensity typically brings unnecessary risks and side
effects, such as tissue damage. Therefore, our research results indicate that under specific
experimental conditions, there is an optimal range of electric field intensities that can
ensure ablation efficiency while minimizing potential risks and side effects. This finding
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provides an important scientific basis and reference for the clinical application of electric
field ablation technology.

3.2. Frequency Effect

Traditional high-frequency pulse generators face numerous challenges when pursuing
a high voltage output. A reduction in voltage often necessitates a narrowing of the treatment
area to compensate for insufficient electric field intensity. Furthermore, when voltage is
significantly increased, ensuring precise shut-off of the pulse generator power supply
becomes another technical bottleneck, which is crucial for guaranteeing treatment safety.
By addressing these challenges, we have independently developed a novel pulse generator
that not only stably provides voltages up to 15 kV, ensuring a wide treatment range, but
also integrates photoconductive switching technology to achieve fine control over the
pulse generator’s on–off operation, effectively avoiding the risk of overtreatment due to
shut-off delay. Additionally, pulse devices typically face limitations in their stable operating
frequency range when outputting high voltages. Even if attempts are made to increase the
frequency, maintaining pulse stability and consistency become difficult. Particularly in the
low-frequency region (commonly defined as less than 100 Hz), research on the ablation
effects of electrical pulses is insufficient, yet this is precisely the operating frequency band
of our novel pulse generator. Therefore, there is an urgent need to delve deeper into the
ablation mechanisms of low-frequency electrical pulses.

To systematically assess the impact of frequency on ablation effectiveness, we designed
a series of experiments where the number of pulses and electric field intensity were kept
constant at 300 pulses and 10 kV/cm, respectively, while the frequency was adjusted to
observe changes in ablation effectiveness. The experimental design rigorously followed
the framework of previous studies on voltage impact to ensure the comparability and
accuracy of the results. The trend of temperature changes during ablation is shown in
Figure 4a, providing important data for analyzing ablation efficiency. After ablation,
the CCK8 assay was used to evaluate cell survival after 12 h of culture, with the results
presented in Figure 4b. These data directly reflect the biological effects of pulse ablation at
different frequencies. In this study, we used the ratio of viable cells after 12 h of culture
post-ablation as a measure of pulse ablation efficiency, and through scientific analysis of
this key indicator, we aim to deeply reveal the underlying mechanisms of low-frequency
electrical pulse ablation, providing a solid theoretical foundation for optimizing treatment
protocols and expanding clinical applications.

The experimental results indicate that when the frequency is increased from 1 Hz
to 5 Hz, the cell survival rate after 12 h of ablation improves from 82.3% to 72.9%. As
the frequency continues to rise to 10 Hz, while other electrical pulse parameters remain
unchanged, the ablation effectiveness increases to 57.5%. Comparing these results with
previous studies on voltage impact, it is found that under the same parameters, the ablation
rate is 58.6%, which is essentially consistent with the 57.5% ablation rate at 10 Hz. When
the frequency is doubled from 5 Hz to 10 Hz, the ablation efficiency increases from 27.1%
to 57.5%, representing a nearly 50% improvement. In contrast, in previous experiments,
when the voltage increased from 10 kV/cm to 12 kV/cm, the ablation efficiency rose from
56.5% to 75.4%, an increase of approximately 30%. These findings suggest that when using
our self-developed pulse generator for cell ablation, as the applied frequency falls within
the low-frequency range, the ablation effect correspondingly improves with increasing
frequency. However, the ablation effect at 10 Hz is still lower than that achieved with an
electric field of 12.5 kV/cm. From this perspective, when the frequency and voltage are
increased by the same ratio, electric field intensity has a more promotive effect on cell
ablation than frequency.
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Figure 4. Temperature variation over time during the experiment and cell viability after 12 h. (a) Final
temperature after ablation at different frequencies; (b) CCK8 results of cells after 12 h of subculture
following ablation at different frequencies.

Previous studies have shown that pulse electric field intensity has a greater impact
on cell ablation than pulse frequency [28,37,38]. The magnitude of electric field intensity
directly determines the electric field’s ability to penetrate cell membranes and its driving
force on charges within tissues. During ablation, the level of voltage directly influences
the degree of cell damage and the ablation range caused by the electric field. Frequency,
on the other hand, primarily affects the changing rate of the electric field during ablation.
Although frequency also has an impact, its influence is relatively smaller within the low-
frequency range. The experimental data reveal that as the frequency gradually increased
from 1 Hz to 5 Hz, the cell survival rate after 12 h of ablation significantly decreased,
dropping from 82.3% to 72.9%. Further increasing the frequency to 10 Hz resulted in a
substantial decrease in the survival rate to 41.7%, while keeping other electrical pulse
parameters constant. By comparing these results with previous studies on voltage impact,
it is found that under the same parameter settings, the cell survival rate is 41.7%, which is
almost identical to the 42.5% survival rate at 10 Hz in previous studies. Notably, when the
frequency is doubled from 5 Hz to 10 Hz, the survival rate decreases by nearly 50% (from
72.9% to 41.7%), which is a much larger improvement than the approximate 30% decrease
in the survival rate (from 42.5% to 34.6%) observed in previous experiments when the
voltage was increased from 10 kV/cm to 12 kV/cm. These results strongly demonstrate that
using our self-developed low-frequency pulse generator for cell ablation shows a positive
correlation with increasing frequency within the low-frequency range. However, it should
be noted that even at 10 Hz, the ablation effect is slightly weaker than that achieved with an
electric field intensity of 12.5 kV/cm. This indicates that, when the frequency and voltage
are increased by the same ratio, electric field intensity (directly determined by voltage) has
a more significant promotive effect on cell ablation than frequency.

Electric field intensity, as a direct reflection of voltage, directly determines the electric
field’s ability to penetrate cell membranes and drive charges within tissues. During ablation,
a higher voltage means that the electric field can disrupt cell structures and expand the
ablation range more effectively. In contrast, frequency mainly affects the changing rate of
the electric field. Within the low-frequency range, although frequency has a certain impact
on ablation effectiveness, its role is relatively weaker. Meanwhile, the potential optimization
space of frequency should not be overlooked, especially when exploring possible nonlinear
effects or synergistic interactions at specific frequencies. In summary, by fine-tuning the
combination of voltage and frequency, it is possible to achieve more efficient and precise
cell ablation effects. On the other hand, during the experiment, the temperature showed an
increasing trend. At frequencies of 1 Hz, 5 Hz, and 10 Hz, the temperature rises by 0.1 ◦C,
0.4 ◦C, and 0.6 ◦C, respectively, throughout the ablation process, as shown in Figure 4b. As
the frequency increases, the rate of temperature rises also accelerates. However, this change
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is relatively gradual and small, with almost no thermal energy generated throughout the
process. This phenomenon also indicates that it is the electric field, rather than heat, that
plays a direct and primary role in the ablation of A549 cells during the process.

3.3. Pulse Number Effect

In electroporation ablation technology, the number of pulses plays a crucial role,
with its influence rooted in the complex interaction mechanism between electrical pulses
and cells. When cells are exposed to a pulsed electric field, subtle changes occur in the
phospholipid bilayer structure of the cell membrane, resulting in the formation of nanoscale
pores. This process is known as electroporation. When the electric field intensity is
maintained within a specific range, these pores can self-recover, manifesting as reversible
electroporation (RE). However, if the electric field intensity exceeds a certain threshold, the
pores in the cell membrane will undergo irreversible changes, leading to cell death. This
is referred to as irreversible electroporation (IRE). As the number of pulses increases, the
effect of IRE becomes more pronounced. This enhanced effect stems from the accumulation
of pulse numbers, meaning that more energy is delivered to the cell membrane, resulting
in an increased number of pores that are harder to recover from, thereby increasing the
probability of cell death. It is worth noting; however, that this enhancement is not unlimited
and there is a saturation limit. When the number of pulses increases to a certain value,
the enhancement trend of the IRE effect tends to plateau, with no significant further
improvement. This implies that, upon reaching the saturation point, whether increasing the
number of pulses, adjusting the voltage, or changing the frequency, the cumulative effect
will stabilize. Currently, there is relatively little research on electroporation ablation in
the low-frequency range, with most studies focusing on the field of square wave medium-
to high-frequency pulses. Therefore, combining our newly developed pulse generator to
study the impact of pulse number on cancer cell ablation effects is expected to provide
more comprehensive and in-depth scientific support for the optimization and practical
application of electroporation ablation technology.

To specifically investigate the influence of pulse number on the effect of electroporation
ablation, we designed a series of carefully controlled experiments where the frequency and
electric field intensity were consistently maintained at 10 Hz and 15 kV/cm, respectively.
These parameters were based on the optimal ablation conditions determined in previous
studies. To comprehensively assess the role of pulse number, we selected four different
pulse number levels for testing: 0 (as a control group), 300, 600, and 900. This experimental
design aimed to precisely determine the optimal pulse parameters by comparing the
ablation effects at different pulse numbers. The experimental results are shown in Figure 5.
Under the conditions of a frequency of 10 Hz and an electric field intensity of 15 kV/cm,
when the pulse number was 300, the cell viability reflected by the CCK8 value after 12 h of
culture post-ablation reached 9.7%. This result is highly consistent with previous research
data of 11.3%, validating the stability and reliability of the experiment. Furthermore, when
the pulse number increased to 600 and 900, the cell viability significantly decreased to 1.3%
and 0.7%, respectively, indicating that the ablation effect gradually strengthened with the
increase in pulse number, as shown in Figure 5b.

It is particularly noteworthy that when the pulse number increased from 300 to 600,
there was a significant reduction in cell viability from 9.7% to 1.3%, indicating a strong
effect. In contrast to similar PEF ablation studies, the results of one of the studies indicated
that following the completion of pulsed electric field (PEF) treatment, an electrochemical
assessment of the ablation of colorectal liver metastases revealed that 23 out of 27 metastases
achieved complete remission; on the other hand, Dr. Jing Wang found that the proportion of
cell apoptosis could reach around 80% in a study on the ablation of human oral squamous
cell carcinoma using nanosecond pulsed electric fields. Combined with the results of other
similar studies, the ablation efficiency is about 80–95% [39,43–45]. In contrast, our study
showed that only 0.7% of the cells in the treatment group survived within 12 h after the
ablation. This figure indicates an ablation efficiency exceeding 90%, a result attributed to the
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high-voltage pulse generator we employed. However, when the pulse number continued
to increase from 600 to 900, although the ablation effect still increased, the magnitude of
the increase was relatively small, with cell viability only decreasing from 1.3% to 0.7%.
This phenomenon suggests that after the pulse number increases to a certain level, the
enhancement trend of the ablation effect begins to plateau, possibly reaching a saturation
point. On the other hand, in studies examining the effects of electrical pulses on cells,
there have been previous reports using almost the same pulse parameters as ours, yet
the ablation effect on the cells was significantly weaker compared to our results [46]. By
comparing each of the pulse parameters used in both studies, it was found that the pulse
width provided by our pulse source was only 10 ns, while the other study used a pulse
width of 300 ns. This significant difference in pulse width is a crucial factor contributing to
the disparity in ablation outcomes. Existing research has shown that narrower pulse widths
result in better penetration of the pulse during cell ablation [40,47,48]. Therefore, our pulses
are more likely to penetrate deeply into the cells and act on the intracellular organelles,
leading to more effective cell destruction and consequently a more pronounced ablation
effect. In summary, this experiment systematically studied and revealed the significant
impact of pulse number on the effect of electroporation ablation and initially explored its
potential saturation effect. Future research should further investigate the changes in the
ablation effect over a wider range of pulse numbers and how to optimize pulse parameters
to achieve more efficient and safer electroporation ablation therapy.
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pulse numbers.

In conclusion, during the process of the electroporation ablation of liver cancer cells
using our newly developed pulse generator, the ablation effect is positively correlated with
the cumulative effect of the applied number of electrical pulses. At the same time, when the
number of electrical pulses reaches 900, further increasing the pulse number no longer has a
significant impact on the final ablation effect. We refer to this as the “cumulative saturation
effect of pulse number”. This saturation differs from the saturation caused by increasing
the electric field intensity. When treatment saturation is reached due to the electric field
intensity, increasing the electric field will expand the ablation area, but the ablation effect
within the original area between the electrodes does not significantly improve. On the other
hand, the saturation caused by increasing the pulse number results in the number and size
of pores on the cells reaching saturation and stabilization, without significantly affecting
the ablation range.
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4. Conclusions

This paper reports on a novel pulse generator, which is based on a silicon carbide (SiC)
photoconductive switch. Through cell ablation experiments, we investigated the impact
of various pulse parameters on the final ablation effect when using this device for liver
cancer cell ablation. The pulse generator can reach a maximum voltage of 15 kV and a
maximum frequency of 10 Hz, with the number of pulses flexibly adjustable according
to demand. In our cell ablation studies, we found that within the low-frequency range
(<10 Hz), voltage has a greater influence on the ablation of liver cancer cells than frequency.
Furthermore, optimal ablation effects were achieved when the electric field intensity was
set to 15 kV/cm, the frequency to 10 Hz, and the number of pulses to 900. Under these
parameters, the cell survival rate after 12 h of subculture following ablation was only 0.7%
of that of the control group under the same conditions, indicating a high level of ablation
efficiency compared to similar studies. On the other hand, during the ablation process, the
temperature change near the ablation probe was less than three centigrade, demonstrating
that this device generates minimal heat during operation and thus exhibiting high medical
safety. This research is significant for broadening the application fields of SiC devices and
actively promotes the exploration of SiC devices in interdisciplinary applications.
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Abstract: A novel clamped voltage equalization strategy is presented for series-connected Silicon
Carbide (SiC) Metal–Oxide semiconductor Field-Effect transistors (MOSFETs) in this paper. Dif-
ferences in device parameters and circuit asymmetry result in the uneven voltage distribution of
series-connected SiC MOSFETs, which threatens the safe operation of the circuit. Dynamic voltage
equalization is difficult to achieve due to the fast switching speed of SiC MOSFETs. This paper
analyzes the switching characteristics and dynamic voltage equalization characteristics of SiC MOS-
FETs. Based on the analysis, an energy recovery strategy based on the clamping auxiliary circuit is
proposed. A 2.8 kW (50 KHz) prototype is fabricated and tested to verify the strategy. Measurement
results show that the maximum voltage stress is suppressed from 600 V to less than 320 V in the
experimental condition.

Keywords: SiC MOSFETs; series-connected; voltage equalization; overvoltage

1. Introduction

Silicon Carbide (SiC) material can push the power density and efficiency of semi-
conductor devices and power systems to higher limits due to its wide band gap, high
critical field, and high thermal conductivity [1–3]. With the development of SiC technol-
ogy, the application of SiC MOSFETs (Metal–Oxide semiconductor Field-Effect transistors)
is increasingly popular [4,5]. In high-voltage applications, there are two solutions, indi-
vidual high-voltage and series-connected low-voltage MOSFETs. The series-connected
low-voltage SiC MOSFET method has low on-state impedance [6], high current density,
high switching speed and high radiation immunity [7], and has great application prospects
in power electronics. Although the advantages of the series SiC MOSFET structure are nu-
merous, the device characteristics and the gate drive circuit differences will result in uneven
voltage distribution. Balancing the drain–source voltages between the series MOSFETs is a
pressing issue for the applications.

Dynamic voltage equalization is the main problem in series SiC MOSFET voltage
equalization. Dynamic voltage equalization ensures that the drain source voltage VDS of
the series-connected MOSFETs is maintained within the rated voltage during the switching
process, which is the main limitation in series-connected applications.

The relative waveforms of the series-connected SiC MOSFETs analysis are shown in
Figure 1. The switching sequence of the three SiC MOSFETs is directly related to the gate
drive resistance value, which is uncertain. When M3 is turned off first and M1 is turned
off last, M1 has to withstand the bus voltage during the switching process, which is the
worst working condition. The analysis is based on the worst condition. M3 turns off before
the other devices, which results in a rapid VDS rise and suffers a larger VDS overshoot.
Similarly, during the turn-on interval, M3 turns on first and causes VDS3 drops. VDS1 and
VDS2 rise to withstand the bus voltage. The overvoltage breakdown risks increase due to
the switching delay. Overvoltage is even more dangerous for SiC MOSFETs due to their
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breakneck switching speeds. Therefore, dynamic voltage equalization is the most critical
issue in series-connected SiC MOSFET applications.
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Figure 1. The schematic of three series-connected MOSFETs and their drain–source voltage waveforms.

Ref. [8] introduced an RCD (resistor–capacitor diode) snubber or RC (resistor capacitor)
snubber. The principle is connecting, in parallel, a snubber capacitance with the drain
and source of the MOSFET, and the capacity of the snubber capacitance is larger than the
output capacitance of the MOSFET. This causes the rising rate of VDS to decrease when
the MOSFET is switched on and off, and the voltage inequality decreases accordingly.
Refs. [9,10] realized the voltage equation based on an RC snubber circuit and analyzed the
influence of the snubber circuit parameters on the switching loss and voltage equalization
effect. The energy in the snubber capacitance is completely consumed in the resistor,
which results in large losses. Refs. [11–13] introduced a diode clamping and voltage source
energy recovery strategy, but the complexity of the auxiliary circuit and power loss limited
their applications.

Ref. [14] introduced a voltage equalization strategy based on closed-loop feedback
gate delay signal compensation. Ref. [15] proposed a high-frequency transformer-coupled
gate realization method to achieve a consistent gate current and ensure the consistency
of the gate signal. However, this method cannot improve the uneven voltage affected
by the difference in device characteristics. The presence of high-frequency transformer
coupling capacitance and leakage inductance also affects the operation of this circuit. The
gate reference voltage control strategy is proposed in ref. [16]. The gate signal of each
device is controlled by the drain–source voltage feedback and high-speed op-amp circuit
to ensure that the gate signal of each device is consistent with the gate reference signal to
achieve voltage equalization. A master–slave control-based voltage equalization strategy
is proposed in ref. [17]. The drain–source voltage of one device in the series connection is
used as a reference, and the voltage equalization is achieved by adjusting the gate voltage
during the switching process of other devices. However, these methods require high-speed,
high-precision integrated circuits with low reliability. An active clamp circuit based on a
gate–drain Zener diode clamping is proposed in refs. [18–20]. When the device is subjected
to excessive voltage, the Zener diode and the auxiliary circuit reverse breakdown, thus
limiting the further rise of the drain–source voltage of the device. Refs. [21–23] proposed
a single-driver series MOSFET structure based on capacitive coupling. All of the above
methods need to be based on the accurate calculation of the device parameters, which
makes it difficult to be applied in massive applications. Refs. [24,25] proposed a single-
driver series-parallel SiC MOSFET module, which uses an additional power supply to
assist in driving the top-end MOSFETs. However, the voltage equalization of the series
MOSFETs in this method relies on the clamping buffer circuit, and the accumulated energy
in the clamping circuit is dissipated in the resistor, resulting in a large loss.
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The load-side buffer circuit has a simple structure, but the disadvantages of its large
size and high loss are difficult to overcome. The gate active control strategy relies on
high-speed integrated circuits with the disadvantages of many components, large cost, and
low reliability. The gate delay control method requires large-scale digital integrated circuits
such as FPGAs (Field Programmable Gate Arrays) or DSPs (Digital Signal Processings),
and the circuit and feedback control algorithms are complex. The active clamp circuit
extends the switching time of the MOSFET, which is prone to causing relatively large
switching losses.

By analyzing the current research status of series power devices, this paper proposes a
new series SiC MOSFET topology. The strategy is analyzed in detail, and the effectiveness
is verified by an experiment. The experimental results show that the structure can suppress
the SiC MOSFET drain–source voltage from 600 V to 320 V. The strategy is easy to apply
to multiple MOSFETs in series and has a simple structure. The loss is relatively small due
to the energy recovery circuit. At the same time, the circuit control strategy is relatively
simple and can improve reliability.

2. The Analysis of the Dynamic Characteristics
2.1. The Switching Characteristics of the SiC MOSFET

Dynamic voltage equalization is affected by the switching characteristics of SiC MOS-
FETs; the switching process is quantitatively analyzed based on the inductive clamp cir-
cuit [26]. The topology is shown in Figure 2. Since the turn-on and turn-off processes of
SiC MOSFETs are similar, only the turn-on process is analyzed in this paper.

VGG

VDD

Df

Lload

Rload

RG

IG ID

IO

Figure 2. Inductive clamp circuit for analysing MOSFET switching characteristics.

The relative schematic waveforms and the equivalent circuit diagram of the turn-on
process are shown in Figures 3 and 4, respectively. When the MOSFET is off, its gate–
source voltage vGS and drain current iD are zero, and its drain–source voltage vDS is the
bus voltage VDD. The clamp diode D f turns on and flows the load current IO. At t0, the
gate–source voltage vGS rises.

[t0–t1]: vGS rises from zero, the gate current iG charges the input capacitor. Since
gate–source capacitance CGS is much larger than gate–drain capacitance CGD, most of the
gate current iG charges CGS and a small amount flows to CGD. Since vGS is below the
MOSFET threshold voltage VTH , iD remains at zero, and vDS remains constant. The time
required for vGS to rise from zero to the threshold voltage VTH is called the turn-on delay
time td(on), which is derived as follows:

iG(t) =
VGG − vGS(t)

RG
= CGS

dvGS(t)
dt

− CGD
d(vGS(t)− vDS(t))

dt
(1)
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vDS is constant and equal to the bus voltage VDD in this interval; the expression for iG is
shown in (2):

iG(t) = (CGS + CGD)
dvGS(t)

dt
(2)
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Figure 3. The schematic of the turning-on process.
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Figure 4. The equivalent circuit diagram of the MOSFET turn-on process: (a) [t0–t1]; (b) [t1–t2];
(c) [t2–t3]; (d) [t3–t4].

32



Electronics 2024, 13, 3766

Based on (1) and (2), and the initial condition vGS(t0) = 0, vGS can be expressed by (3)
and (4) in this interval:

vGS(t) = VGG(1− e−(t−t0)/τ) (3)

τ = RG(CGS + CGD) (4)

where RG is the gate resistance of the MOSFE; iG can be expressed as (5)

iG =
VGG
RG

e−(t−t0)/τ (5)

[t1–t2]: This interval is also known as the current rise interval. After t1, vGS > VTH ,
iG continues to charge the input capacitance Ciss, and vGS continues rising. iD rises as a
function of vGS from the t1 moment and the MOSFET enters the saturation operating region.

The transconductance gm and iD are given by (6) and (7), respectively:

gm =
∂iD
∂vgs

=
2
√

IDSSiD
VTH

(6)

iD(t) = gm(vGS −VTH) (7)

where IDSS is the MOSFET drain current at zero gate bias.
Since iD < IO in this interval, D f is still conducting the load current and vDS = VDD.

The expression for vGS agrees with Expression (3). Expression (3) is associated with (7) to
obtain Expression (8) for iG, which can be seen to decrease exponentially in iG:

iG(t) = gm(VGG −VTH)− gmVGGe−(t−t1)/τ (8)

At t2, iD reaches the load current IO and D f turns off. The current rise phase time
interval tri satisfies (9):

tri = τ ln
gmVGG

gm(VGG −VTH)− IO
(9)

[t2–t3]: This interval is also known as the Miller plateau interval. At t2, iD reaches the
load current and remains constant. The MOSFET operates in the saturation region and vGS
remains constant. The Miller platform voltage VGS,IO is expressed as (10)

VGS,IO =
IO
gm

+ VTH (10)

iG (t2) can be expressed as (11):

iG(t2) =
VGG − vGS(t2)

RG
=

VGG − (IO
/

gm)−VTH

RG
(11)

In this interval, vGS is constant and iG begins to charge CGD. The Formula (12) for iG
can be obtained as follows:

iG(t) = CGD
d(vG − vD)

dt
(12)

Since VGS remains constant, Expression (13) can be obtained:

iG(t) = −CGD
dvDS

dt
=

VGG −VGG,IO

RG
=

VGG −VTH − IO
/

gm

RG
(13)
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The initial condition is vDS(t2) = VDD at t2, and bringing in (13) yields an expression
for vDS over time within the interval:

vDS(t) = −
VGG −VGS,IO

RGCGD
(t− t2) + VDD (14)

As the gate drive current charges CGD, vDS decreases linearly. At this point, the
MOSFET gradually enters the linear operating region. The larger VDD is, the longer the
Miller platform phase lasts. At t3, vDS drops to the on-state drain–source voltage drop
VDS(on), where VDS(on) = IDRds(on). The Miller platform duration t f v is given by (15):

t f v = t3 − t2 = RGCGD
(VDD − IDRds(on))

VGG −VTH − IO
/

gm
(15)

[t3–t4]: After t3, vGS continues to rise under the continued charging of iG. Since vDS
remains constant at this point, the rate of rise of vGS can be referred to the phase [t0–t1].

vGS(t) = VGG(1− e−(t−t3)/τ) (16)

During this interval, vGS grows exponentially until the driving voltage VGG is reached.
At t4, iD becomes zero and the MOSFET turn-on process ends. The total turn-on delay tON
is the summation of the three part-time intervals and is given by (17):

tON = td(on) + tri + t f v (17)

2.2. The Dynamic Voltage Distribution Analysis of the Series-Connected SiC MOSFETs

Ideally, series-connected SiC MOSFETs would achieve good dynamic and static voltage
equalization. However, in actual circuits, due to the impossibility of achieving perfectly
uniform devices and highly symmetrical driving circuits, the voltage equalization effect
often differs from the ideal situation. The device and circuit factors affecting the dynamic
voltage equalization characteristics of series-connected SiC MOSFETs are theoretically
investigated in what follows.

Figure 5 shows the equivalent switching model for SiC MOSFETs, where CGD and CDS
are related to the drain–source voltage VDS, while CGS can be considered to be constant.
The input capacitance Ciss of the MOSFET consists of capacitance CGD and CGS. The output
capacitance Coss includes capacitance CDS and CGD. Furthermore, the feedback capacitance
Crss is the capacitance CGD. The model includes gate parasitic inductance LG and source-
level parasitic inductance LS. Parasitic inductance is introduced by the interconnections
and affects the switching process of the devices.
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Figure 5. The switching model of the SiC MOSFET.

The dynamic voltage inhomogeneity of series SiC MOSFETs is mainly caused by two
aspects, gate drive circuit delay differences and device parameter differences. Furthermore,
differences in parasitic parameters on the main circuit may cause voltage unevenness.
Among them, series SiC MOSFET static voltage equalization is mainly affected by the de-
vice turn-off leakage current. The device dynamic voltage equalization is affected by more
factors, including device dynamic characteristic differences, gate drive delay mismatch,
and different parasitic parameters on the main circuit. Device dynamic characteristics
such as threshold voltage VTH , inter-pole parasitic capacitance, transconductance gm, para-
sitic inductance, etc., all affect the dynamic voltage equalization of series-connected SiC
MOSFETs. The causes of voltage imbalance during turn-on and turn-off will be analyzed
separately in the following section.

Based on the quantitative description of the SiC MOSFET switching process, it can
be assumed that the following factors may be responsible for the voltage imbalance of
series-connected SiC MOSFETs during the turn-on phase:

(1) The difference at the moment when the MOSFET enters the current rise phase (tri).
There are two sources of this difference, one is the gate drive delay difference, which is
due to the gate drive circuit difference; the other is the difference in the turn-on delay
time (td(on)) of individual MOSFETs, which is mainly due to the threshold voltage VTH
and input capacitance Ciss differences. During the current rise interval, the MOSFET
can be equated to a gate voltage-controlled current source. At this point, the MOSFET
can be viewed as an ever-decreasing resistor from the drain–source point of view. If
the MOSFET enters this stage later, its equivalent drain–source resistance is relatively
large, and, thus, its drain–source voltage is large. The difference in the stage of current
rise entered by each MOSFET can lead to uneven voltage.

(2) MOSFETs have different rates of current change during the current rise interval (tri).
According to (8), the difference in transconductance of each MOSFET will result
in a different rate of current rise. This is due to unavoidable differences in device
fabrication. From the drain–source point of view, the equivalent resistance of each
MOSFET will be different. Uneven voltage may occur at this stage.

(3) MOSFETs have different rates of voltage change during the voltage drop interval
(t f v). In this interval, MOSFET can be equivalent to a variable capacitor, and its
capacitance rises as the drain–source voltage falls. Thus, the difference in output
equivalent capacitance can lead to uneven voltage. However, since the total voltage to
which the series MOSFETs are subjected at this stage has already begun to fall, voltage
unevenness does not normally lead to serious problems.
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In general, the main reasons for the uneven voltage of series-connected SiC MOSFETs
in the turning-off process are as follows:

(1) The difference at the moment when the MOSFET enters the voltage rise phase (trv).
There are two sources of this difference, one is the gate drive delay difference, which
is due to the gate drive circuit difference; the second is the difference in the turn-off
delay time (td(o f f )) of each MOSFET, which is mainly due to the difference in the
threshold voltage VTH and the input capacitance Ciss. In this interval, the MOSFET can
be equated to a variable capacitor and its capacitance decreases as the drain–source
voltage rises. The voltage rise interval can be considered as a charging process of the
ever-smaller MOSFET output capacitance. MOSFETs that turn off early are necessarily
subjected to higher drain–source voltages. If the difference in MOSFET turn-off delay
is too large, it is easy to cause overvoltage damage to the MOSFET. According to
theoretical analyses and experimental results, the turn-off delay difference [27] is
considered to be the main factor affecting the turn-off voltage equalization of series-
connected SiC MOSFETs. Thus, it is quite important to ensure that the series SiC
MOSFET turn-off delay is synchronized.

(2) The difference in the rate of voltage change of MOSFETs during the voltage rise
phase (trv). Even though the drain–source voltage of each MOSFET in the series
starts to rise at the same time, the difference in the rate of voltage change of the
MOSFETs at this stage is difficult to avoid. The MOSFET at this stage can be equated
to the charging process of a variable capacitor. The rate of voltage change during
the Miller plateau period dV

/
dt is mainly determined by the gate drive current and

the MOSFET feedback capacitance Crss. Due to device fabrication differences, the
feedback capacitance is different, causing the MOSFET voltage imbalance at this stage.

(3) Circuit stray capacitance. Relevant studies have shown that [28] even if the driver
circuit and the MOSFET are kept the same, the difference in stray parasitic capaci-
tance will still cause uneven turn-off voltage. There are two main sources of stray
capacitance. The first is the unavoidable stray capacitance that exists between the gate
driver and ground, mainly the transformer coupling capacitance. The second is the
parasitic stray capacitance between each port of the MOSFET on the main circuit and
ground, which is related to device placement and PCB layout.

(4) MOSFETs have different rates of current change during the current drop phase (t f i). At
this point in this interval, the MOSFET can be regarded as an ever-increasing resistance
from the drain–source point of view. The unavoidable difference in transconductance
between the MOSFETs will result in a difference in the equivalent resistance of each
MOSFET, which leads to an imbalance in the MOSFET drain–source voltage.

2.3. The Simulation of the Dynamic Voltage Distribution

Since the voltage imbalance in the turn-off transient is more critical than the volt-
age imbalance in the turn-on transient, in this section, the factors affecting the voltage
equalization during turn-off was verified by PSpice simulation.

The simulation circuit is shown in Figure 6a. The bus voltage VDC was set to 2000 V,
and the MOSFET gate resistors were all set to 20 Ω. The MOSFETs were driven by a
pulse signal source Vpulse, and their turn-on and turn-off voltages were +20 V and −2 V,
respectively. SCT20280KE is a typical SiC MOSFET co-packaged with SiC-SBD. The co-
packaged SiC SBD can protect the MOSFET from being broken down, which is suitable for
serially connected applications. The SiC MOSFET applied in the simulation was Rohm’s
SCT2080KE. Table 1 lists the related parameters of the simulation model.
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Figure 6. The simulation schematic: (a) the simulation circuit, and (b) the related waveforms in the
turning-off interval.

Table 1. The main parameters of the simulation model.

Parameters Parameters

Power MOSFET SCH2080KE Freewheeling diode SDT12S60

Bus voltage 2800 V PWM frequency 50 kHz

Load resistance 200 Ω Load inductance 200 µH

The VDS voltage unbalanced waveform during turn-off in the theoretical analysis
is shown in Figure 6b. To characterize the degree of series SiC MOSFET VDS imbalance
at turn-off, the turn-off voltage imbalance factor αo f f is introduced in this paper. For a
two-tube series SiC MOSFET, the voltage imbalance coefficient αo f f at turn-off is defined as
shown in (18):

αo f f =
∆Vd
Vd/2

× 100% (18)

The Driver Delay Variance Affection

To verify the effect of the drive delay difference to f f on the turn-off voltage distribution
of series-connected SiC MOSFETs, the delay of the gate drive signal Vpulse of a single
MOSFET is adjusted to obtain the voltage distribution difference while keeping other
parameters constant. Figure 7 shows the voltage imbalance coefficient αo f f versus the delay
difference to f f .
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Figure 7. Voltage imbalance coefficient αo f f versus to f f .
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As shown in Figure 7, αo f f has an approximately linear relationship with to f f . Accord-
ing to the previous analysis, the difference in gate signal delay will lead to the difference
when the MOSFET enters the voltage rise phase (trv). According to the MOSFET switching
characteristics, it can be assumed that the gate signal delay difference does not affect the
MOSFET drain–source voltage rise rate. The voltage distribution and αo f f can be obtained
if the two MOSFET voltage rise rates are the same.

∆Vd =
to f f

2
dVDS

dt
(19)

αo f f =
to f f

Vd

dVDS
dt

(20)

The MOSFET voltage rise rate was calculated to be 19.3 kV/µs. Due to the fast
switching speed of SiC MOSFET, the voltage rise rate was high. Therefore, gate delay drive
differences can lead to severe turn-off voltage inhomogeneity.

3. The Novel Series SiC MOSFET Topology Design

The new series SiC MOSFET topology consisted of a series SiC MOSFET, a clamp
circuit and its clamp auxiliary circuit, and an energy recovery circuit, which can be used as
a power switch in power electronics. The topology is shown in Figure 8. In this section,
the inductive clamp circuit was used as the main power circuit to illustrate the working
principle and parameter selection principle of the series SiC MOSFET topology, where VDC
is the input bus voltage, and CBUS is the bus capacitance.
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Figure 8. The topology of the proposed strategy.

The topology consists of series SiC MOSFETs M1, M2, and M3. PWM is the main
switching tube control signal. The circuit load is an inductor Lload and a resistor Rload,
and Dload is a continuity diode. Dload is the continuity diode, and RS is the static voltage
equalizing resistor. A clamp circuit is connected in parallel with the drain–source of each
MOSFET, consisting of clamp diode DC and clamp capacitor CC. The current-limiting
inductor La and the auxiliary diode Da form the clamping auxiliary circuit. The two-tube
flyback DC/DC circuit serves as an energy recovery circuit, and its input and output are
clamp capacitor CC1 and bus capacitor CBUS, respectively. M f 1 and M f 2 are the switching
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tubes of the two-tube flyback circuit. Diodes D f 1 and D f 2 protect the switching tubes. The
TF is a flyback transformer for voltage isolation and energy transfer.

As the designer was familiar with the clamp circuit and clamp auxiliary loop, this
paper only focuses on the energy recovery circuit. The energy recovery circuit has two
effects; the first one is to limit the clamp capacitance voltage, and the second one is to
transfer the energy accumulated in the clamped capacitor back to the bus capacitor for reuse
to reduce losses. The feedback control circuit will determine whether to turn on the energy
recovery circuit switching tube based on the sampled capacitor CC1 voltage. The energy
recovery circuit only works when the capacitor CC1’s voltage exceeds the rated value.

3.1. The Energy Recovery Circuit Design

The energy recovery circuit is based on a double-tube flyback DC/DC circuit, as
shown in Figure 9. Compared with the single-tube flyback circuit, the double-tube flyback
circuit reduces the MOSFET withstand voltage requirement and effectively avoids the
voltage spike caused by the transformer leakage inductance during turn-off. The flyback
transformer TF plays the role of electrical isolation and energy transfer, and its turns ratio
is given by N = NP/NS. The switching of the switching tubes M f 1 and M f 2 is controlled
by the output signal Vcontrol from the feedback control circuit. Since the energy recovery
circuit operates in PFM mode with variable switching frequency, the two-tube flyback
circuit designed in this paper operates in DCM mode. Compared with the CCM mode, the
flyback circuit in the DCM mode is simple to calculate, easy to realize, and less prone to
magnetic saturation.

Df1

Df2Mf2

Mf1

NP NS

TF

Df3

IP

IS

Vcontrol

Vcontrol

CBUS

M1
DC1

CC1

Figure 9. The energy recovery circuit based on a two-tube flyback circuit.

The working waveform of the energy recovery circuit is shown in Figure 10, and its
working process circuit diagram is shown in Figure 11. Its working process is divided into
two stages, the primary coil energy storage stage and the secondary coil discharge stage:

(1) Primary coil energy storage stage: this stage of the circuit is shown in Figure 11a.
CC1 voltage is too high before t0 and the feedback control circuit output Vcontrol becomes
high at t0. At this time, VC1 = V0, and the primary coil current iP = 0. The switching MOSFET
M f 1 and M f 2 are turned on, and the primary coil NP stores energy, and iP continues to
rise. CC1 releases energy and VC1 decreases from V0. The pulse signal Vcontrol lasts for tpulse.
During the phase [t0–t1], the inductance LP of the primary coil of the flyback transformer
resonates with the capacitance CC1 and iP can be assumed to rise linearly during this period:

iP(t) =
V0

LP
(t− t0) (21)

At this stage, the secondary coil current iS = 0. D f 3 is off and it is subjected to a reverse
voltage Vd:

Vd =
VC1

N
+ VDC (22)
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(2) Secondary coil discharge stage: this stage of the circuit is shown in Figure 11b. At t1,
Vcontrol becomes low and iP reaches its maximum value IPmax. M f 1 and M f 2 are switched
off and the primary coil NP releases energy to the secondary coil NS.

IP max = tpulse
V0

LP
(23)

During the phase [t0–t1], VC1 continues to fall, and, at the moment t1, VC1 falls to V1.

V1 = V0

√

(1−
t2

pulse

2LPCC1
) (24)

The secondary coil NS back-excites the current at t1, when iS reaches its maximum
value ISmax = N · IPmax, as shown in Figure 11b. In the [t1–t2] stage, D f 3 conducts, the
secondary coil NS releases energy to the bus capacitance CBUS, and the iS decreases linearly:

isS(t) = tpulse
V0 · N

LP
− VDC

LP
(t− t1) (25)

where LS is the transformer secondary coil inductance. The [t1–t2] phase duration tS is

tS =
IS max · LS

VDC
= tpulse

V0

VDC · N
(26)

During the [t1–t2] stage, there is a reflected voltage VNP on the primary coil of the
transformer, which satisfies (27). Due to the presence of transformer leakage inductance,
relatively large voltage spikes will be generated when M f 1 and M f 2 are switched off at t1.
The leakage inductance energy of the primary coil NP can be returned to the capacitor CC1
through D f 1 and D f 2 to avoid voltage spikes to protect the switching tube.

VNP = N(VDC + VD) (27)
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Figure 10. The working waveforms of the energy recovery circuit.
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Figure 11. The equivalent circuit in the working process.

IS drops to zero at t2, D f 3 will turn off, and the circuit operates in DCM mode. To
ensure that the flyback circuit operates in intermittent mode, (28) needs to be satisfied:

tS + tpulse = tpulse(1 +
V0

VDC · N
) <

1
fmax

(28)
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Without considering losses, if the flyback circuit operates at a frequency of fmax, the
power delivered is PS, which is also the energy released by CC1. The increase in CC1 energy
due to the action of the clamp circuit and the clamp auxiliary circuit will be passed back to
the bus capacitor through the flyback circuit, ensuring that VC1 does not become too high.

PS =
1
2

t2
pulse ·V2

0 ·
fmax

LP
(29)

3.2. The Feedback Control Circuit Analysis

The feedback control circuit of the energy recovery circuit designed in this paper is
shown in Figure 12, where Vsample is the voltage VC1 of the clamp capacitor CC1 sampled
by the Hall voltage sensor. To suppress the noise interference of the power circuit on the
sampled output signal, Vsample is followed by an active low-pass filter to filter out the
high-frequency noise. The monostable trigger circuit will be triggered at the rising edge of
the input signal and output a control signal Vcontrol with a certain pulse width. The Vcontrol
is the input signal of the energy recovery circuit driver circuit, which is used to control the
energy recovery circuit switching tube. The maximum voltage allowed by the clamping
capacitor is VC1max; when VC1 exceeds VC1max, the sampled signal Vsample will be larger
than the reference signal Vre f . At this time, COMP1’s output is high, indicating that the
capacitor CC1’s voltage is too high.

SP

Vsample

Vref

COMP1

AND2
monostable 

trigger circuit Vcontrol

tpulse

low-pass 

filter

Figure 12. The diagram of the feedback control circuit.

The SP signal is a high-level pulse width small period square wave that determines
whether the comparator COMP1’s output is valid or not. When the short pulse signal SP
goes high, there are two cases for the comparator COMP1’s output. If COMP1’s output
is low, it indicates that VC1 is lower than the allowed maximum voltage VC1max, and the
output of AND2 is low. The monostable trigger circuit output is low. If COMP1’s output
is high, it indicates that VC1 is higher than the allowed maximum voltage VC1max. The
output of AND2 changes from low to high and triggers the monostable trigger circuit. The
monostable trigger circuit will output a high-level pulse to control the energy recovery
circuit. As the comparator COMP1’s output is only effective when the short pulse signal SP
is high, this can effectively reduce the false trigger caused by sampling error or comparator
output noise. The frequency of the SP signal is the maximum operating frequency of the
energy recovery circuit. The relative waveforms are shown in Figure 13.

(1) Before t0, since VC1 is high enough, the Vsample will be higher than Vre f , and then,
COMP1’s output is high. However, SP is low and AND2’s output is still low.

(2) At t0, SP becomes high and lasts for a short time. Since the COMP1 output is high, the
AND2 output changes from low to high. This rising edge will trigger a monostable
trigger to generate a Vcontrol signal with a pulse width of tpulse for controlling the
energy recovery circuit. The operation of the energy recovery circuit is shown in
Figure 10. During phase [t0–t2], the switching tube of the energy recovery circuit is
switched on. During this phase, the VC1 continues to drop and energy is transferred
to the primary coil of the flyback transformer.

(3) At t2, Vcontrol becomes low. The switching tube of the energy recovery circuit turns
off, and the transformer’s secondary coil back-excites the current. Although VC1 has
dropped to the permissible value, the comparator COMP1’s output is still high. This
is due to the delay of the Hall voltage sensor, which does not reduce the COMP1
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output until the moment t3 after the tSD time. During the [t2–t4] phase, VC1 may rise
due to the activation of the clamp capacitor and the clamp auxiliary circuit.

(4) At t4, the SP signal becomes high and the period of the SP signal is tSP. If VC1’s
voltage rises more in the phase [t2–t4], causing the COMP1 output to be high at t4,
the monostable flip-flop will be activated next, repeating the process (1)–(3). If VC1 is
small and does not exceed the predetermined voltage in the phase [t2–t4], the COMP1
output is low at t4, the AND2 output is low and the monostable flip-flop will not
operate. The monostable circuit operation will be decided Until the next rising edge
of the SP signal according to the COMP1 output.

Vcontrol

Vsample

SP

COMP1 output

tpulse

tSD

t

AND2 output

t0 t1 t2

TSP

t3 t4 t5

0

Vref

VC1

Figure 13. The relative waveforms of the feedback control circuit.

If the switching process of the series-connected MOSFETs and the driver circuit varies
greatly, it will result in a large ripple voltage of each clamp capacitor during the switching
process. In this case, VC1 will rise rapidly. To limit the rise of VC1, the energy recovery circuit
switching frequency must be larger; in contrast, if the series-connected MOSFETs and drive
circuits are highly consistent, the switching process of each clamp capacitor ripple voltage
is smaller. In this situation, VC1 rises slowly, and the energy recovery circuit switching
frequency is small. Ideally, if each MOSFET switching process is identical, VC1 will not
rise. At this time, the energy recovery circuit operating frequency is zero. In summary, the
operating frequency of the energy recovery circuit depends on the degree of difference in
the switching process of each MOSFET in the series-connected MOSFET.

Based on the above analysis, it can be seen that, if COMP1’s output signal is high
every time the SP signal is high, the monostable flip-flop will continuously output pulses,
which occurs when the difference in the switching process of each MOSFET is too large.
Therefore, the maximum frequency of the flyback circuit operation is equal to the frequency
of the SP signal fmax = 1/tSP. According to (29), the maximum power delivered by the
flyback circuit is PSmax.

PS max =
1
2

t2
pulse ·V2

0 ·
fmax

LP
(30)

The maximum power PSmax in the worst case needs to be taken into account when
the flyback circuit operates at the maximum frequency VC1. Consideration needs to be
given to the value of the energy that will be accumulated by the clamp capacitor due to
the clamping action when the difference in drive delay between the MOSFETs is at its
maximum, and PSmax needs to be ensured to be greater than the amount of energy that
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will be accumulated due to the clamping action. For the three-tube tandem SiC MOSFET
topology in this paper, when only the turn-off process is considered, it is assumed that the
M3 drive signal is delayed tD1 to M1, while the M2 drive signal is delayed tD2 to M1. Then,
the maximum power PSmax of the flyback circuit needs to satisfy (31):

(tD1 + tD2) · Iload ·
VDC

3
· fPWM < PS max (31)

If tD1 and tD2 are assumed to be 100 ns and 200 ns, respectively, it is a serious case for
series-connected SiC MOSFETs. When the bus voltage is 2800 V and the load current is
10 A, the maximum power of the flyback circuit needs to be higher than 140 W. With the
turn-on phase considered, the maximum power of the flyback circuit should be greater
than the calculated value in (31), which can be taken to be about 1.5–2 times the calculated
value. For series n-MOSFETs, the maximum capacitance of VC1max needs to be set to be
slightly larger than the equilibrium voltage VDC/n, and, at the same time, VC1max needs to
be smaller than the breakdown voltage of the MOSFET. In this paper, VC1max is larger than
VDC/n by 30–50 V. If Vcontrol pulse width is set to 10 µs, and the inductance of the primary
coil of the flyback transformer is set to 1.5 mH, the maximum current of the primary coil
is 6.5 A. The maximum power of the designed flyback transformer is 210 W, and it can
meet the design requirements. Flyback circuit design needs to consider the switching
device voltage stress. This paper takes the margin of switching device voltage stress as
20%. According to (22), the diode D f 3 is subjected to the maximum reverse voltage at t0.
Its rated reverse voltage VF needs to satisfy the relation (32):

0.8VF >
V0

N
+ VDC (32)

According to (27), M f 1 and M f 2 are subjected to the maximum reverse voltage at t1.
The rated voltage VMOS of M f 1 and M f 2 needs to satisfy the relation (33):

2× 0.8VMOS > N(VDC + VD) + V1 (33)

In this paper, we took N = 0.316, and set V0 = 930 V and V1 = 950 V. According to (22),
the diode reverse voltage VF is >7200 V, which was realized by connecting six 1200 V SiC
SBDs in series. According to (27), VMOS > 1146 V, which was realised by using 1200 V
SiC MOSFETs.

4. The Experimental Results

A prototype was also fabricated and tested to verify its effectiveness. The overall
circuit of the test is shown in Figure 14, where M1 and M2 are two SiC MOSFETs connected
in series. The prototype is shown in Figure 15. The main parameters of the converter are in
Table 2, and the parameters of the SiC MOSFET are listed in Table 3.

In this paper, the input voltage of the main Buck circuit was set to 600 V, and the duty
cycle of the Buck circuit was set to 50%, which was used to complete the 300–600 V Buck
conversion. The average current of the main inductor Lload was 10 A; then, the power of
the main circuit design was 2.8 kW.

To verify the effectiveness of the strategy, the gate resistors of M1 and M2 were set
differently; the M1 gate resistance was set to be 33 ω, while the M2 was 0 ω. M1 and M2
were directly connected in series without applying other circuits, and the drain–source
voltages of the two MOSFETs, VDS1 and VDS2, are shown in Figure 16.
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Figure 14. Dual tube series SiC MOSFET’s main Buck power circuit.

Figure 15. Dual tube series SiC MOSFET’s main Buck power circuit.

Table 2. The relative parameters of the prototype.

Circuit Parameters Circuit Parameters

The main MOSFET SCH2080KE Diode D1 and D2 SCS240KE2

Bus voltage 600 V Working frequency 50 kHz

Load inductance 400 µH Output capacitance 340 µF

Clamp capacitance 2 µF Clamp diode DC ES1J

Auxiliary diode ES1J Current limiting Inductance La 15 µH

SP working frequency 10 kHz Static Resistor RS 100 kΩ

Table 3. The parameters of the SiC MOSFET.

Break voltage 1200 V Leakage current 400 µA

Threshold voltage 4.0 V on-state resistance@vGS = 18 V 80 mΩ

Input capacitance 1850 pF Output capacitance 175 pF
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Figure 16. The test results without the proposed strategy: (a) the whole waveforms, and (b) the
working details.

Figure 16b shows the voltage distribution during turn-off. Due to the small M2 gate
resistance, M2 turns off first and VDS2 rises first during the turn-off interval. The delay
difference between the two MOSFETs during turn-off is 200 ns. In this case, VDS2 rises
directly to the bus voltage of 600 V. M1 is then turned off, resulting in severe voltage
unevenness during turn-off. The difference between the two VDS in the static state is
slightly reduced due to the static voltage equalizing resistor. This experiment verifies that
different driving delays will cause voltage unevenness, which seriously affects the safe
operation of series-connected SiC MOSFETs.

The tested results in the same case with the proposed strategy are shown in Figure 17.
The voltage distribution during turn-off is slightly different from cycle to cycle because
the clamp capacitor voltage changes from cycle to cycle. During both turn-on and turn-off
intervals, the maximum MOSFET voltage does not exceed 320 V. Comparing with Figure 16,
it can be seen that this topology can effectively limit the drain–source voltage rise, and
ensure that the dynamic and static voltages of series-connected SiC MOSFETs are balanced.

The variation curves of the two MOSFET VDS during switching are shown in Figure 18.
Figure 18b shows the turn-off detail. It can be seen that M2 turns off first, causing VDS2
to start rising. When VDS2 rises to the clamp capacitor voltage, the clamp circuit turns
on, and VDS2 stops rising. Then, M1 turns on, and VDS1 starts to rise. It can be seen that
this topology can limit the MOSFET drain–source voltage from being too high during
the shutdown.
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Figure 17. The test results with the proposed strategy.

   VDS1 (100V/div)1

2  VDS2 (100V/div)
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   VDS1 (100V/div)1
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200ns/div

（a）

（b）

Figure 18. The working details with the proposed strategy: (a) the turn-on details; (b) the
turn-off details.

Figure 18b shows the curve of VDS’s change during the turn-on process. M2 turns off
first, leading VDS2 to start falling. There is no voltage spike in the turn-on process.

The experimental results are the same as the analysis above. The voltage spike in the
turn-off interval is suppressed from 600 V to 320 V.
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5. Conclusions

A comparison was made between state-of-the-art approaches and the approach pro-
posed in this work; the results are shown in Table 4. Compared to other approaches,
this work achieved energy recovery at the cost of six power devices. Due to the relative
simplicity of the control method in this work, the number of analog devices used was low.

Table 4. The comparison among state-of-the-art approaches.

The Approaches Extra Devices Complexity Energy Recovery

This work 10 power devices and 2 analog devices Moderate Yes

Ref. [29] 11 analog devices High No

Ref. [30] 7 analog devices High No

Ref. [31] 3 power devices and 6 analog devices High No

Ref. [32] 3 power devices and 6 analog devices High No

Based on the analysis above, when increasing the number of series-connected SiC
MOSFETs, this method only requires adding simple auxiliary circuits to the device without
changing the energy recovery circuitry, which has a small impact on the circuit complexity.
The energy recovery circuit uses a transformer and is the largest part of the auxiliary circuit.
Since the energy recovery circuit operates at a lower frequency and processes less energy
per cycle, it has the possibility of magnetic integration with the magnetic devices of the
main circuit under certain conditions.

Based on the analysis above, this strategy has some advantages. Firstly, the approach
is effective; the voltage spike is suppressed from bus voltage 600 V to 320 V. Secondly,
the strategy realizes energy recovery, which is beneficial for efficiency. Thirdly, the drive
strategy is simple; fewer analog devices are used.
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Abstract: Recently, a new type of lighting source, deep ultraviolet light-emitting diode (LED), has
appeared in the markets of space purification and surface sterilization. In this paper, a new type of
electronic lighting driver for supplying a deep-ultraviolet LED sterilization lamp is proposed and
developed. The main circuit combines a buck converter and a flyback converter into a single-stage
single-switch buck-flyback AC-DC power converter with power factor correction. In addition, the
proposed electronic lighting driver leverages a wide bandgap SiC Schottky diode as the output
diode to lower the power diode losses and recycles the energy stored in the leakage inductance
of the transformer in order to improve the circuit efficiency. The magnetizing inductor inside the
presented AC-DC power converter is designed to operate in discontinuous conduction mode (DCM),
which naturally enables power factor correction (PFC). A single-stage prototype driver with a power
rating of 3.6 W (90 V/40 mA) was developed and implemented for providing a deep ultraviolet LED
disinfection and sterilization lamp. Experimental results show that the measured power factor (PF) is
greater than 0.9 and the measured total harmonic distortion (THD) of the input current is less than
18% at an input utility voltage of 110 V. Furthermore, the measured output voltage ripple factor is less
than 1% and the output current ripple factor is less than 4%. In addition, the proposed single-stage
electronic lighting driver for supplying a deep ultraviolet LED disinfection and sterilization lamp
achieves high circuit efficiency (greater than 90%), low circuit component count, and low circuit cost.

Keywords: electronic lighting driver circuit; deep ultraviolet LED; disinfection and sterilization lamp;
power factor correction; total harmonic distortion

1. Introduction

Microorganisms such as bacteria, viruses, cysts and molds use germination or spore
production to reproduce. When microorganisms are irradiated or exposed to disinfecting
and sterilizing lamps, the light penetrates through the cell walls and destroys their DNA,
changing their DNA so they become harmless and incapable of reproducing, or even
die, thus achieving the effect of disinfecting and sterilizing. Sterilization and disinfection
lamps are used in a wide range of applications in a variety of sectors, including healthcare
facilities, the food and beverage industry, public spaces and transportation, commercial
and office buildings, residential buildings, hospitality, educational institutions, retail and
grocery stores, water treatment and agriculture. These diverse applications highlight the
versatility and effectiveness of disinfecting and sterilizing lamps in promoting health and
safety in different environments [1–4]. The traditional light source for sterilization and
disinfection is the ultraviolet (UV) mercury lamp, which has the advantages of low price
and high luminous power and is commonly used in large places such as hospitals, factories,
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restaurants and schools. However, the disadvantages of UV mercury lamps are long
warm-up time, short lamp life, and that the mercury content in the lamps does not meet
environmental requirements. UV light is invisible to the human eye and has a wavelength
of 100 to 400 nanometers. Depending on the wavelength, UV can be subdivided into three
types: long-wave UV-A (wavelengths of 320–400 nm), medium-wave UV-B (wavelengths
of 280–320 nm) and short-wave UV-C (wavelengths of 100–280 nm). Short-wave UV-C,
which can also be referred to as deep ultraviolet, has disinfecting and germicidal properties.
The use of short-wave ultraviolet UV-C or deep ultraviolet light destroys the DNA or
RNA molecular structure of microbial cells, thereby preventing cell growth or regeneration,
and ultimately achieving the effect of disinfection and sterilization. Deep UV LEDs are
characterized by environmental protection and energy saving, long life, no warm-up time,
no mercury, and miniaturization of light source. Traditional UV mercury lamps have
been gradually replaced by deep UV LEDs, which have become a new light source for
space purification and surface sterilization markets such as homes, schools, hospitals, office
buildings, supermarkets or department stores. In addition, deep ultraviolet disinfection
and sterilization lamps can easily kill bacteria, but due to the low penetrating power of deep
ultraviolet disinfection and sterilization lamps, they can be affected by dust particles; if the
cells damaged by deep ultraviolet disinfection and sterilization lamps are not completely
destroyed, the cells are still able to be repaired and revitalized. Therefore, it is important to
provide the appropriate distance and sufficient irradiation time and intensity of the deep
ultraviolet disinfection and sterilization lamp to the disinfected objects in order to achieve
a good sterilization effect [5–8].

Figure 1 shows the two-stage circuit topology of an existing electronic lighting driver
for supplying deep ultraviolet LED sterilization and disinfection lamps. The first stage is
an AC-DC power converter with power factor correction (PFC), and the second stage is a
DC-DC converter and delivers the required DC power to the deep-UV LED sterilization
lamp [8]. Two-stage electronic lighting driver circuits that can be applied to deep ultraviolet
light-emitting diode (LED) sterilization lamps require separate controllers for both the front
and rear stages, making the circuits more complex and requiring a larger number of circuit
components. In order to reduce the number of power switches and circuit components
and to improve the overall efficiency of the conventional two-stage version of the circuit,
the literature [9–20] has developed a number of single-stage, single-switch LED driver
circuits that integrate an AC-DC power converter and a DC-DC power converter suitable
for powering deep ultraviolet LED sterilization and disinfection lamps.
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Figure 1. Block diagram of the existing two-stage electronic lighting driver for supplying a deep
ultraviolet LED disinfection and sterilization lamp [8].

As the environmental issues derived from global warming and carbon emissions have
become more and more serious in recent years, human beings have taken energy saving,
carbon reduction, and love for the earth as the common primary development direction.
Thus, fossil fuels must be gradually reduced and rapidly introduced into green energy
and power saving applications, and, therefore, high energy efficiency and low energy
consumption are also gradually adopted as the goal in daily life products. In the Paris
Agreement of the United Nations Conference on Climate Change, it is declared that the
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global warming rate must be kept within 2 ◦C. Based on the current economic development
trend, even if the warming is kept within 2 ◦C in 2050, CO2 emissions will still increase by
21%, and up to 50% more electricity will have to be generated to cope with and provide for
various human activities. Therefore, it is increasingly important to significantly upgrade
and improve existing energy sources. The largest raw material for semiconductors is the
production of first-generation silicon (Si) wafers. However, the physical properties of
this material have reached their limits in existing Si-based products and it is no longer
possible to increase power, reduce heat loss and increase speed. As a result, there is a need
to evolve to other materials that can better utilize the efficiency of electron transfer and
low energy consumption, and it is in this context that the third-generation wide-bandgap
semiconductors that are currently hotly debated in the marketplace, namely, silicon carbide
(SiC) and gallium nitride (GaN), which are characterized by high energy efficiency and
low energy consumption, have come into being. In addition, power devices made of
wide-gap semiconductor materials can operate at higher voltages, generate more power,
and have lower energy losses, while being significantly smaller than power devices made
of silicon semiconductor materials. Silicon carbide (SiC) is a compound semiconductor
material consisting of silicon (Si) and carbon (C). SiC has a lower resistance of the drift layer
than Si, does not require conduction modulation, has an energy gap about 3-times wider
than that of Si, and has an insulation breaking field strength about 10-times higher than
that of Si. Compared to the high-voltage Si-PN diodes and high-speed Si-Fast Recovery
diodes, SiC Schottky diodes made of wide-gap semiconductor materials have excellent
high-speed and high-voltage characteristics. Since the reverse recovery time of SiC Schottky
diodes is extremely short, the energy lost during reverse recovery can be greatly reduced,
which is suitable for applications with high switching frequency, and is conducive to the
miniaturization of the overall circuit as well as the improvement of power density [21,22].
Supplementary notes on the long-term reliability and potential degradation of silicon
carbide Schottky diodes under thermal and electrical stresses are given below. According
to the literature [21], silicon carbide Schottky diodes do not have minority carrier injection
and their recovery time does not increase with temperature compared to conventional
silicon diodes. In addition, SiC Schottky diodes are majority carrier devices and therefore
the reverse current is smaller and temperature independent. In addition, compared to
silicon diodes, SiC Schottky diodes have the advantage of faster recovery, which reduces
switching losses and noise, and lower forward voltage, which reduces conduction losses.
Furthermore, the literature [22] mentions the long-term reliability of SiC Schottky diodes
with respect to dV/dt failure and dI/dt failure. Furthermore, in silicon diodes, if dI/dt is
large, a pattern of increased recovery current (Irr) occurs, which can damage the device
through current concentration. In contrast, since the recovery current in SiC Schottky
diodes is very small, it can be assumed that such a pattern is unlikely to occur.

To address the above issues, a novel electronic lighting driver for providing a deep
ultraviolet LED disinfection and sterilization lamp is proposed and developed in this
paper, which is an extension and further improvement of the literature [20]. The main
circuit combines a buck converter and a flyback converter into a single-stage single-switch
buck-flyback AC-DC power converter with input-current shaping. In addition, the pro-
posed driver recycles the energy stored in the leakage inductance of the transformer and
exploits a wide bandgap silicon carbide Schottky diode as the output diode to enhance the
circuit efficiency.

This paper is organized and introduced as follows. Section 2 describes and analyzes
the mode of operation of a single-stage electronic lighting driver circuit utilizing a SiC
Schottky diode to supply a deep ultraviolet LED disinfection and sterilization lamp, and
provides design guidelines for some circuit parameters. Section 3 shows the experimental
results of a prototype electronic lighting driver circuit utilizing a SiC Schottky diode to
supply a deep ultraviolet LED sterilization and disinfection lamp. Finally, some conclusions
are given in Section 4.
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2. Descriptions and Analysis of Operational Modes in the Proposed Single-Stage
Electronic Lighting Driver Circuit Utilizing SiC Schottky Diodes for Supplying a
Deep Ultraviolet LED Disinfection and Sterilization Lamp

The electronic lighting driver with PFC for powering a deep ultraviolet LED disinfec-
tion and sterilization lamp developed in this paper is shown in Figure 2, which integrates a
buck converter and a flyback converter into a single-stage AC-DC power conversion and
includes a filter inductor LF, a filter capacitor CF, a full-bridge rectifier (including D1, D2, D3
and D4), a power switch SB, two diodes DB and DF, a transformer TR with a magnetizing
inductor LM and a leakage inductor Llk, two output capacitors CO1 and CO2, and the deep
ultraviolet LED disinfection and sterilization lamp. By designing the magnetizing inductor
LM in the proposed electronic lighting driver circuit to operate in discontinuous conduction
mode (DCM), PFC can be realized naturally. In addition, the stored energy in the leakage
inductance Llk of the transformer TR in the proposed electronic lighting driver circuit can
be recovered and the circuit efficiency can be enhanced by exploiting a wide-bandgap SiC
Schottky diode as an output diode.
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Figure 2. The proposed single-stage electronic lighting driver utilizing SiC Schottky didoes for
supplying a deep ultraviolet LED disinfection and sterilization lamp.

Figure 3 is the equivalent diagram of the single-stage electronic lighting driver circuit
utilizing SiC Schottky diodes for supplying a deep ultraviolet LED disinfection and steril-
ization lamp developed in this paper with the power factor correction function. Theoretical
waveforms of the proposed single-stage electronic lighting driver utilizing SiC Schottky
didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp are shown
in Figure 4. When analyzing the proposed single-stage electronic lighting driver circuit for
the deep ultraviolet LED disinfection and sterilization lamp, assumptions are made during
descriptions and explanations of the operation mode in the presented driver circuit and are
shown as follows:

(a) The equivalent voltage source of the input utility-line voltage after passing through
the full-wave rectifier circuit is denoted by VREC. Since the switching frequency fs is
much larger than the line frequency fAC, the rectified voltage VREC can be regarded as
a constant value during one switching cycle in the circuit mode analysis.

(b) The leakage inductance Llk of the transformer TR is considered.
(c) The magnetizing inductor LM of the transformer TR is designed to operate in discon-

tinuous conduction mode (DCM).
(d) Neglecting the conduction voltage drops and their equivalent resistances of all diodes.
(e) The remaining circuit components are considered as ideal components.

54



Electronics 2024, 13, 3048

Electronics 2024, 13, x FOR PEER REVIEW 5 of 17 
 

 

(d) Neglecting the conduction voltage drops and their equivalent resistances of all di-

odes. 

(e) The remaining circuit components are considered as ideal components. 

DF

D
B

IDS
SB

NS

NP

LM

CO1

CO2VREC

Llk

VGS

VDS

ILM

VLM

IDB

IDF

TR VO

IO

A Deep Ultraviolet 
LED Disinfection and 

Sterilization Lamp

ILlk

 

Figure 3. Equivalent circuit of the proposed electronic lighting driver circuit utilizing SiC Schottky 

didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp while analyzing the 

operational modes. 

vDS

iLlk

iDF

t

t

t

Mode

vGS

t

t0 t1 t2 t3

iLM

vLM

t

t

iDB

t

1 2 3 4
t4  

Figure 4. Theoretical waveforms of the proposed single-stage electronic lighting driver utilizing SiC 

Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp. 

Figure 3. Equivalent circuit of the proposed electronic lighting driver circuit utilizing SiC Schottky
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Operation Mode 1 (t0 ≤ t < t1): Figure 5 shows the equivalent circuit of the proposed
single-stage electronic lighting driver circuit for supplying a deep ultraviolet LED disin-
fection and sterilization lamp during Mode 1. The power switch SB is driven on, and the

55



Electronics 2024, 13, 3048

equivalent voltage source VREC is connected to both ends of the diode DB, making the diode
DB a reverse biased non-conducting state. The equivalent voltage source VREC provides
energy to the output capacitor CO2 and the magnetizing inductor LM of the transformer TR
as well as the leakage inductor through the switch SB, which results in a linear increase in
the current of the magnetizing inductor LM, and the voltage polarity on both sides of the
magnetization inductor LM and the leakage inductor Llk is positive left and negative right.
The output capacitors CO1 and CO2 provide energy to the deep ultraviolet LED disinfec-
tion and sterilization lamp. When the switch SB turns off, the current of the magnetizing
inductor LM reaches its maximum value and the mode ends.
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Figure 5. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing
SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during
Mode 1.

Operational Mode 2 (t1 ≤ t < t2): Figure 6 shows the equivalent circuit of the proposed
single-stage electronic lighting driver circuit for supplying a deep ultraviolet LED disinfec-
tion and sterilization lamp during Mode 2. When the power switch SB turns off, the voltage
polarity of the magnetizing inductor LM and the leakage inductor Llk is changed to right
positive and left negative according to the Lenz’s law, which turns the diode DB to be the
on state of forward bias. The current of the magnetizing inductor LM flows into the position
where the primary-side winding NP of the transformer TR does not have a dot end, and
the voltage polarity of the two ends of the winding NP is right-positive and left-negative.
Therefore, the polarity of the voltage reflected to both ends of the secondary-side winding
NS is positive left and negative right, which makes the diode DF work in the forward-biased
conduction state. At this time, the magnetizing inductor LM and the leakage inductor Llk
are in the state of releasing energy, causing the current of the magnetizing inductor LM to
decrease linearly. Since the diode DB is in the forward-biased conduction state, the energy
of the magnetizing inductor LM and the leakage inductor Llk is supplied to the output
capacitor CO2 through the diode DB, and the current of the magnetizing inductor LM shows
a linear decrease. Due to the forward-biased conduction of the diode DF, the energy of
the magnetizing inductor LM is supplied through the transformer TR and the diode DF to
the output capacitance CO1 and CO2 as well as to the deep ultraviolet LED disinfection
and sterilization lamp. In addition, the output capacitors CO1 and CO2 continue to provide
energy to the deep ultraviolet LED disinfection and sterilization lamp. The mode ends
when the leakage inductor Llk finishes releasing energy and the current ILlk of the leakage
inductor Llk drops linearly to zero.
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Figure 6. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing
SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during
Mode 2.

Operational Mode 3 (t2 ≤ t < t3): Figure 7 shows the equivalent circuit of the proposed
single-stage electronic lighting driver circuit for supplying a deep ultraviolet LED disin-
fection and sterilization lamp during Mode 3. The energy of the magnetizing inductor
LM is continuously supplied through the transformer TR and the diode DF to the output
capacitors CO1 and CO2 and to the deep ultraviolet LED disinfection and sterilization lamp.
In addition, the output capacitors CO1 and CO2 continue to provide energy to the deep
ultraviolet LED disinfection and sterilization lamp. This mode ends when the magnetizing
inductor LM has finished releasing energy and the magnetizing inductor current ILM drops
linearly to zero.

Electronics 2024, 13, x FOR PEER REVIEW 7 of 17 
 

 

to provide energy to the deep ultraviolet LED disinfection and sterilization lamp. The 

mode ends when the leakage inductor Llk finishes releasing energy and the current ILlk of 

the leakage inductor Llk drops linearly to zero. 

DF

DB

IDS
SB

NS

NP

LM

CO1

CO2VREC

Llk

VGS

VDS

ILM

VLM

IDB

IDF

TR VO

IO

ILlk

A Deep Ultraviolet 
LED Disinfection and 

Sterilization Lamp

 

Figure 6. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing 

SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during 

Mode 2. 

Operational Mode 3 (t2 ≤ t < t3): Figure 7 shows the equivalent circuit of the proposed 

single-stage electronic lighting driver circuit for supplying a deep ultraviolet LED disin-

fection and sterilization lamp during Mode 3. The energy of the magnetizing inductor LM 

is continuously supplied through the transformer TR and the diode DF to the output ca-

pacitors CO1 and CO2 and to the deep ultraviolet LED disinfection and sterilization lamp. 

In addition, the output capacitors CO1 and CO2 continue to provide energy to the deep ul-

traviolet LED disinfection and sterilization lamp. This mode ends when the magnetizing 

inductor LM has finished releasing energy and the magnetizing inductor current ILM drops 

linearly to zero. 

DF

DB

IDS
SB

NS

NP

LM

CO1

CO2VREC

Llk

VGS

VDS

ILM

VLM

IDB

IDF

TR VO

IO

ILlk

A Deep Ultraviolet 
LED Disinfection and 

Sterilization Lamp

 

Figure 7. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing 

SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during 

Mode 3. 

Figure 7. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing
SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during
Mode 3.

Operational Mode 4 (t3 ≤ t < t4): Figure 8 shows the equivalent circuit of the pro-
posed single-stage electronic lighting driver circuit for supplying a deep ultraviolet LED
disinfection and sterilization lamp during Mode 4. The output capacitors CO1 and CO2
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continuously provide energy to the deep ultraviolet LED disinfection and sterilization
lamp. When the power switch SB is turned on again, this mode ends and the circuit reverts
to the first mode of operation.
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Figure 8. Equivalent circuit of the proposed single-stage electronic lighting driver circuit utilizing
SiC Schottky didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp during
Mode 4.

2.1. Design Guideline of the Magnetizing Inductor LM in the Transformer TR

In order to show the design guideline of the magnetizing inductor LM in the trans-
former TR, Figure 9 illustrates theoretical waveforms of the magnetizing inductor current
iLM(t), the peak level of iLM-pk(t) and the input utility-line current iAC(t) in the positive
half-cycle of the utility-line voltage vAC(t).
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Referring to Figure 9, the positive half-cycle of the instantaneous utility-line voltage
vAC(t) can be expressed by

|vAC(t)| =
√

2vAC−rms|sin(2π fACt)| (1)

The peak level of the magnetizing inductor current iLM, denoted as iLM,peak, can be
represented by

iLM,peak(t) =
√

2vAC−rms|sin(2π fACt)|DutyTS
2LM

(2)

By filtering the high-frequency components of the peak level of the magnetizing
inductor current iLM,peak(t), the input utility-line current iAC is equal to the average level of
iLM,peak(t) during one switching period and can be expressed as

iAC(t) =
1

TAC

TAC∫

0

iLM,peak(t)dt =
√

2vAC−rmsDuty2TS
4LM

sin(2π fACt) (3)

where TAC is the utility-line period.
The average value of the input utility line power PIN is obtained by multiplying the

instantaneous value of the utility line voltage vAC(t) by the instantaneous value of the utility
line current iAC(t), and then averaging it over a period of one cycle, which is calculated
as follows

PIN =
1

TAC

TAC∫

0

vAC(t)iAC(t)dt =
vAC−rms

2Duty2TS
4LM

(4)

The rated output power PO of the deep ultraviolet LED disinfection and sterilization
lamp is related to the estimated efficiency of the driver circuit η multiplied by the input
power PIN, which is expressed as follows

PO = ηPIN =
ηvAC−rms

2Duty2TS
4LM

(5)

Rearranging (5), the design formula for the inductance of the magnetizing inductor
LM is given by

LM =
ηvAC−rms

2Duty2TS
4PO

(6)

2.2. Design Guideline of the Output Capacitors CO1 and CO2

The design consideration of the output capacitors, CO1 and CO2, depends on the DC
output voltage, the allowable overvoltage, the output power and the desired voltage ripple.
The voltage ripple, ∆VO, is half the peak-to-peak value of the output voltage at twice the
mains frequency, and is a function of the capacitance CO and the peak capacitor current
(which is equal to the output current IO) and can be expressed in the following equation [23].

∆VO = IO

√(
1

2π × 2 fAC × CO

)2
+ RESR

2 (7)

Neglecting the equivalent series resistance, which is denoted as RESR, of the output
capacitor, the capacitance CO of the output capacitor can be expressed as

CO ≥
IO

4π fAC × ∆VO
=

PO
4π fAC ×VO × ∆VO

(8)

In addition, the voltage ripple ∆VO is typically selected from 1% to 5% of the
output voltage.
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3. Experimental Results of the Proposed Electronic Lighting Driver Circuit Utilizing
SiC Schottky Didoes for Supplying a Deep Ultraviolet LED Disinfection and
Sterilization Lamp

Figure 10 shows a photograph of the deep ultraviolet LED disinfection and sterilization
module used in this paper with specifications that include a wavelength of 275 nm and a
point angle of 120 degrees. Moreover, the manufacturer has connected a constant current
control IC in series and a Schottky diode in parallel for reverse polarity protection on the
aluminum substrate in each deep ultraviolet LED disinfection and sterilization module.
The specification of the deep ultraviolet LED disinfection and sterilization lamp used
in this paper consists of ten deep ultraviolet LED disinfection and sterilization modules
connected in series with a rated voltage of 90 volts, a rated current of 40 milliamps, and
a rated power of 3.6 watts. Table 1 shows a comparison between the deep ultraviolet
LED disinfection and sterilization module in [24] and the module used in this paper. As
can be seen from Table 1, the deep ultraviolet LED disinfection and sterilization module
used in this paper has a larger peak wavelength, a slightly narrower viewing angle, and
a slightly larger optical output power and spectral half-width than the module in [24].
Table 2 shows the electrical parameters of the single-stage electronic lighting prototype
driver circuit for the deep ultraviolet LED disinfection and sterilization lamp developed in
this paper. The RMS AC input voltage was 110 volts, and the specifications of the deep ultra
LED disinfection and sterilization lamp were used as the output parameters, including:
output power of 3.6 watts, output voltage of 90 volts, and output current of 40 milliamps.
Moreover, safety concerns and ensuring compliance with regulatory standards for UV
exposure and electrical safety include: Do not look directly at the UV light source when
using a deep ultraviolet disinfection and sterilization lamp as deep UV radiation may cause
skin erythema, conjunctival irritation and fatigue. In addition, do not overuse deep UV
disinfection and sterilization lamps as prolonged use or contact with UV lamps or direct
exposure to UV radiation may cause skin and eye damage.
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Figure 10. Photograph of the deep ultraviolet LED disinfection and sterilization module used in this
paper with specifications that include a wavelength of 275 nm and a point angle of 120 degrees.

3.1. Calculating the Magnetizing Inductor LM in the Transformer TR

Referring to (6) with a η of 0.8, a Duty of 0.25, a PO of 3.6 W, a switching frequency fS
of 50 kHz (which is the reciprocal of the switching period TS), and a vAC-rms of 110 V, the
inductance of the magnetizing inductor LM is calculated by

LM =
ηvAC−rms

2Duty2TS
4PO

=
0.8× 1102 × 0.252 ×

(
1

50,000

)

4× 3.6
= 834 µH (9)
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Table 1. Comparisons between the deep ultraviolet LED disinfection and sterilization module in [24]
and the one utilized in this paper.

Item The Deep Ultraviolet LED Disinfection
and Sterilization Module in [24]

The Deep Ultraviolet LED Disinfection
and Sterilization Module Utilized in

this Paper

Typical value of the peak wavelength 255 nm 275 nm
Typical value of the optical output power 3.5 mW 4 mW

viewing angle 125 degree 120 degree
Spectrum half width 11 nm 12 nm

Table 2. Specifications of the proposed electronic lighting driver circuit utilizing SiC Schottky didoes
for supplying a deep ultraviolet LED disinfection and sterilization lamp.

Parameter Value

Input AC voltage vAC 110 V
Rated output power PO 3.6 W

Rated output voltage VO 90 V
Rated output current IO 40 mA

In order to operate the magnetizing inductor current in a discontinuous conduction
mode so as to allow the driver circuit to have an input current shaping function and
to improve the power factor, the magnetizing inductor LM is selected as 800 µH for the
prototype driver circuit.

3.2. Calculating of the Output Capacitors CO1 and CO2

Substituting the circuit parameters into Equation (8), with a PO of 3.6 W, an fAC of
60 Hz, a VO of 90 V, a ∆VO of 2.7 V (which is 3% of the output voltage VO), the capacitance
CO can be obtained by:

CO ≥
PO

4π fAC ×VO × ∆VO
=

3.6
4π × 60× 90× 2.7

= 196.49 µF (10)

In implementing the prototype circuit, the capacitance values of the output capacitors
CO1 and CO2 were selected to be 220 µF and the withstand voltage to be 250 V.

Table 3 shows the component specifications of the single-stage electronic lighting
prototype driver circuit for the deep ultraviolet LED disinfection and sterilization lamp
developed in this paper. In addition, majority carrier diodes with Schottky technology on
silicon carbide wide bandgap material have higher performance and are used as output
diodes DB and DF. By varying the number of series-connected deep ultraviolet disinfection
and sterilization modules used, a scalable design of the proposed electronic lighting driver
circuits can be achieved to accommodate higher power applications and varying load
conditions. As a result, the output power PO and output voltage VO can be varied while
the output current IO remains constant and can be used in a variety of practical application
scenarios. Key circuit parameters of the proposed drive circuit, such as the magnetizing
inductor and output capacitor, can then be redesigned.

Figure 11 shows the measured waveform of the magnetizing inductor current iLM.
Figure 12 shows the measured unfolded waveform of the magnetizing inductor current
iLM. From Figure 12, it can be seen that the magnetizing inductor current iLM operates in
the discontinuous conduction mode. Figure 13 shows the measured waveforms of output
voltage VO and output current IO, and the average values of output voltage and current
were 91.35 volts and 38.57 milliamps, respectively. Figure 14 shows the ripple waveforms
of output voltage VO and output current IO.
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Table 3. Key components used in the proposed electronic lighting driver circuit utilizing SiC Schottky
didoes for supplying a deep ultraviolet LED disinfection and sterilization lamp.

Component Value

Filter inductor Lf 1 mH
Filter capacitor Cf 220 nF

Diodes D1, D2, D3, D4 MUR460
Power switch SB IRF730

Magnetizing inductor LM 800 µH
Leakage inductor Llk 12 µH

Diodes DB, DF VS-3C04ET07T-M3
Output capacitor CO1, CO2 220 µF/200 V
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Figure 14. Measured waveforms of the output voltage ripple Vo,ripple (200 mV/div) and the output
current ripple Io,ripple (2 mA/div); time scale: 5 ms/div.

Table 4 shows the output voltage ripple factor and output current ripple factor of
the prototype electronic lighting driver circuit for a deep ultraviolet LED disinfection and
sterilization lamp at 110 volts RMS AC input voltage. As can be seen in Table 4, dividing the
peak-to-peak output voltage of 143.8 millivolts by the average value of 91.35 volts yields a
voltage ripple factor of 0.16%; dividing the peak-to-peak output current of 1.1658 milliamps
by the average value of 38.57 milliamps yields a current ripple factor of 3.02%.

Figure 15 shows the measured waveforms of AC input voltage vAC and input current
iAC. From the figure, it can be indicated that the AC input current follows the input voltage
and the phases of the two waveforms are the same; therefore, the prototype of the proposed
single-stage driver circuit for supplying the deep ultraviolet LED disinfecting and sterilizing
lamp has the effect of power factor correction. The power factor and the total harmonic
distortion factor of the input current were measured to be 0.9236 and 17.401%, respectively,
using a power analyzer. In addition, the measured input power of the prototype drive
circuit is 3.901 W and the output power is 3.583 W, and the efficiency of the prototype
circuit is 91.85%.
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Table 4. Measurement of output voltage ripple factor and output current ripple factor of electronic
lighting prototype driver circuit utilizing SiC Schottky didoes for a deep ultraviolet LED disinfection
and sterilization lamp.

Parameters Values

Peak-to-peak value of the output voltage 143.8 mV
Mean value of the output voltage 91.35 V

Ripple factor of the output voltage 0.16%
Peak-to-peak value of the output current 1.1658 mA

Mean value of the output current 38.57 mA
Ripple factor of the output current 3.02%
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Table 5 shows a comparison between the existing AC-DC LED driver in [19] which inte-
grates an inverse buck-boost converter with a lossless snubber and supplies an 18 W-rated
(60 V/0.3 A) power, and the proposed one which integrates a buck converter and a flyback
converter and supplies a 3.6 W-rated (90 V/0.04 A) power. As can be seen from Table 3,
both LED drivers are supplied by an input AC voltage of 110 V and use a single power
switch. The proposed AC-DC LED driver circuit saves a capacitor, a magnetic element and
a diode compared to the ones in [19]. In addition, the current THD and circuit efficiency of
the proposed AC-DC LED driver is better than that of the existing driver.

Table 5. Comparisons between the existing AC-DC LED driver in [19] and the proposed one.

Item Existing AC-DC LED Driver in
Reference [19] ProposedAC-DC LED Driver

Circuit topology Integration of an inverse buck-boost
converter with a lossless snubber

Integration of a buck converter and a
flyback converter

Input AC voltage 110 V 110 V
Output power 18 W (60 V/0.3 A) 3.6 W (90 V/0.04 A)

Number of required switch 1 1
Number of required capacitors 4 3

Number of required magnetic element 3 2
Number of required diodes 7 6

Measured power factor 0.9737 0.9236
Measured current THD 18.422% 17.401%

Measured circuit efficiency 85.01% 91.85%
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4. Conclusions

This paper proposes a single-stage electronic lighting prototype driver circuit utilizing
SiC Schottky didoes for a deep ultraviolet LED disinfection and sterilization lamp, which
integrates a buck converter and a flyback converter to form a single-stage, single-power-
switch AC-DC power converter circuit architecture with a factor correction function. By
designing the inductor in the AC-DC power converter to operate in discontinuous conduc-
tion mode, the effect of power factor correction can be achieved naturally. In addition, the
proposed single-stage electronic lighting driver circuit employs a majority-carrier Schottky
diode made of silicon carbide wide-bandgap semiconductor material and recovers the
energy from the leakage inductance of the transformer, thereby improving the conversion
efficiency of the driver circuit. In this paper, a 3.6 watt deep ultraviolet LED electronic light-
ing prototype driver circuit for a disinfection and sterilization lamp has been developed
and tested. At an AC input voltage of 110 volts RMS and at rated output power, the results
were: output voltage ripple factor less than 1%, output current ripple factor less than 4%,
power factor greater than 0.9, input current total harmonic distortion factor less than 18%,
and circuit efficiency greater than 90%. The single-stage deep ultraviolet LED electronic
lighting prototype driver circuit proposed in this paper can simplify the number of power
switches required in the driver circuit and has high circuit efficiency.
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Abstract: Aluminum (Al) ion implantation is one of the most important technologies in SiC device
manufacturing processes due to its ability to produce the p-type doping effect, which is essential
to building p–n junctions and blocking high voltages. However, besides the doping effect, defects
are also probably induced by the implantation. Here, the impacts of Al ion implantation-induced
defects on 4H-SiC MOSFET channel transport behaviors are studied using a multiscale simulation
flow, including the molecular dynamics (MD) simulation, density functional theory (DFT) calculation,
and tight-binding (TB) model-based quantum transport simulation. The simulation results show that
an Al ion can not only replace a Si lattice site to realize the p-doping effect, but it can also replace the
C lattice site to induce mid-gap trap levels or become an interstitial to induce the n-doping effect.
Moreover, the implantation tends to bring additional point defects to the 4H-SiC body region near
the Al ions, which will lead to more complicated coupling effects between them, such as degrading
the p-type doping effect by trapping free hole carriers and inducing new trap states at the 4H-SiC
bandgap. The quantum transport simulations indicate that these coupling effects will impede local
electron transports, compensating for the doping effect and increasing the leakage current of the
4H-SiC MOSFET. In this study, the complicated coupling effects between the implanted Al ions and
the implantation-induced point defects are revealed, which provides new references for experiments
to increase the accepter activation rate and restrain the defect effect in SiC devices.

Keywords: 4H-SiC; Al; implantation; defects; molecular dynamics (MD); density functional theory
(DFT); tight-binding (TB) model; quantum transport

1. Introduction

Although silicon (Si) is still the most widely used material in power electronics due to
its mature manufacturing technique, drawbacks stemming from its physical properties have
already stimulated research on the replacement of Si material by wide bandgap materials.
As a representative and compared with Si, silicon carbide (SiC) shows obvious advantages
in bandgaps, breakdown field, thermal conductivity, and saturation drift velocity [1–5],
making it suitable for a variety of novel device applications [6,7]. SiC is characterized by
strong covalent bonds between Si and carbon (C) atoms, and the flexible directions of these
bonds can lead to different spatial arrangements, resulting in different crystal structures,
such as the hexagonal and cubic morphologies [8–10]. Among them, the hexagonal 4H-SiC
emerges due to its comprehensive quality, which can realize a balance among excellent
physical properties, low defect density, and moderate manufacturing cost [4,11].

Due to the high hardness and negligible impurity diffusion rate, ion implantation,
followed by a mandatory post-annealing treatment, is almost the only way to tune the
conductivity of SiC before its device applications. For example, the realization of p-type
4H-SiC relies on the aluminum (Al) ion implantation [12] since Al ions exhibit relatively
low thermal ionization energy, high solubility limit, and good defect-suppression ability.
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Compared with the n-type doping technology, Al ion implantation still suffers from elec-
trical activation and defect problems today. Kawahara et al. had already observed two
deep-level transient spectroscopy (DLTS) peaks, IN3 and IN9 (Ec—0.6 eV and Ec—1.6 eV),
after low-dose Al ion implantation and post-annealing at 1700 ◦C. They assigned these trap
levels to the well-known Z1/2 and EH6/7 levels, which could be induced by C vacancies
(VC). At high dose levels, the electrical activations of implanted Al become another prob-
lem, as it will reach a limit along the increasing annealing temperature and time [13–15].
There is a contradiction between the electrical activation of the Al ion and the control of the
VC concentration. Nipoti et al. suggested that maintaining a post-implantation temperature
of around 1600–1650 ◦C was beneficial to low VC concentrations while reaching a 69%
electrical activation of 1 × 1020 cm−3 Al ion implantation needed an annealing temperature
of up to 1950 ◦C [15]. To realize an excellent p-type doping effect, theoretical models
and simulations are seriously needed to investigate the atomic environments around the
implanted Al ions after complicated cascade collisions and thermal treatments.

At the atomic scale level, Hornos et al. carried out early density functional theory
(DFT) calculations on 4H-SiC supercells and found some stable and metastable Al ion-
related complex defects [16], but their originations and stabilities are questionable due to
the lacking of molecular dynamics (MD) simulations. Wu et al. studied the defect evolution
and doping efficiency of Al ion implantation in 3C-SiC using the MD method, and they
found surface recrystallizations that were closely related to compressive stresses [17]. Their
defect descriptions stayed at the atom cluster level, leading to indistinguishable defect
details, let alone their couplings with Al ions.

Not only the Al ion implantation-related defect structures studied above but also the
defect-induced trap levels and their impacts on transport behaviors of 4H-SiC devices are
also desired. Megherbi et al. carried out a numerical simulation study on 4H-SiC p-i-n
diodes with electrically activated Al acceptors and implantation-induced trap concentra-
tions [18]. By adding the charges due to traps and defects into their drift-diffusion (DD)
models, their detrimental effects on carrier transport behaviors at different bias regions
were observed. Aside from the DD model, the quantum tight-binding (TB) model had
already been established 20 years ago [19]. Although it is believed to be more accurate to
describe the defect effect, no work has used the TB model to directly assess the impacts of
defects on carrier transport in 4H-SiC devices. We infer that the reason may be the complex
model revisions towards building trap levels in the bandgap.

Here, we combine the advanced theoretical models and simulation methods above to
implement a multiscale simulation of the Al ion implantation and post-annealing processes.
We focus on the implantation-induced point defects in 4H-SiC and their couplings with
the Al ions. The attractions between Al ions and point defects and their coupling effects
are revealed by DFT calculations. Moreover, TB models representing small parts of the
4H-SiC MOSFET channels are established, including the trap levels due to these defects.
From the Poisson-nonequilibrium Green’s function (NEGF) solver, the impacts of Al ion
implantation on local carrier transports are finally obtained. From the simulation flow, the
important Al ion-point defect coupling effects, which can seriously degrade local transport
behaviors, are highlighted, offering new theoretical evidence for experiments to explain
the complex doping results.

2. Simulation Methods
2.1. MD Simulation

We used the MD simulation software Large-scale Atomic/molecular Massively Parallel
Simulator (LAMMPS) version (2 August 2023) to simulate the implantation and annealing
process of Al ions [20]. The Open Visualization Tool (OVITO) was used to visualize the
simulation model and analyze the data [21]. The size of the implantation and annealing
model of 4H-SiC is 5.23 nm × 5.33 nm × 9.06 nm and contains 24,480 atoms. The whole
system is divided into three distinct layers along the deep direction as follows: a 7.04 nm
Newton layer, a 1.01 nm thermostat layer, and a 1.01 nm boundary layer. In the Newton
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layer, atomic evolution was carried out according to the classical laws of dynamics using a
microcanonical ensemble (NVE). The atoms directly involved in the displacement cascade
followed the actual energy exchange process during implantation. In the thermostat
layer, the Berendsen thermostat was used to simulate the heat exchange process inside the
material under nonequilibrium conditions, as well as the temperature dissipation during
the ion bombardment of the target [22]. The boundary layer limits the degree of freedom of
the simulated system by fixing the boundary atoms. At the beginning of the simulation,
the canonical ensemble (NVT) was used to relax the entire system at 300 K.

Then, we used a 1 keV Al ion to implant the 4H-SiC (0001) plane with a 7◦ angle from
the z-axis to prevent the channeling effect, corresponding to the implantation region of
2 nm × 2 nm, and it was enough to cover the range of Al ion motion. It is also noted that
1 keV energy is enough to inject the Al ion into the bulk 4H-SiC, leading to abundant defect
types that deserve further studies. To prevent the serious overestimation of the Al ion
range, different energies obtained through the Stopping and Range of Ions in Matter (SRIM)
software were used to calculate the corresponding electronic stopping force through linear
interpolation [23]. The periodic boundary condition was adopted for the x- and y-directions
and the non-periodic boundary condition was adopted in the z (deep)-direction. This allows
atoms in the x- and y-directions to interact at the boundaries, exiting from one edge of the
simulation box and re-entering from the opposite edge. Instead of the non-periodic surface
energy, the surface energy under periodic boundary conditions can accurately simulate the
surface changes in the target material in actual processing. Timestep ∆t can vary between
0.002 fs and 1 fs, based on the speed of the fastest particle in the system, which is specified
to move no more than 0.02 Å in a single integration, ensuring the accuracy of the simulation
under high-speed cascade collision.

Then, the annealing process was adopted in the Nose–Hoover thermostat NPT system
to achieve temperature control. All boundaries were set as periodic. The time step was
0.5 fs from 300 K to 3300 K at a rate of 10 K/ps, and the temperature was held for 200 ps
to achieve self-repair of the lattice damage and point defects [17]. The high annealing
temperature of 3300 K was chosen due to the overestimation of the 4H-SiC melting point
by the Tersoff potential. The whole implantation and annealing process simulations were
repeated 10 times to find out the defect types as much as possible.

The accuracy of the potential function is the core of the MD to correctly describes the
interaction between particles. For SiC systems, the Tersoff potential is often used to describe
the covalent interaction between SiC atoms [24]. The Zigler–Biersack–Littmark (ZBL)
repulsion potential is mainly used to describe the short-range interaction between C and Si
atoms [25]. Previous studies have shown that the Tersoff force field cannot only accurately
describe the amorphous phase, liquid phase, and quenching of the covalent bond system
but can also obtain the solid-phase epitaxial growth simulation results of the amorphous
covalent bond system with good consistency with the experimental regrowth rate. In
addition, the SiC atom departure threshold energy, calculated by the Tersoff potential
function, is basically consistent with the experimental results, which is the key to accurately
calculating the cascade collision process and simulating the damage evolution. Secondly,
Lampin et al. proved that there is a linear relationship between the recrystallization
rate calculated using the Tersoff potential and the experimental value, and the actual
corresponding temperature value can be obtained indirectly by calculating the temperature
under the Tersoff potential. Therefore, the Tersoff/ZBL potential is selected in this paper
to describe the interaction between SiC atoms during p-type doping ion implantation
and post-annealing:

E =
1
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i
∑
i 6=j

Vij (1)
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(
rij
))
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fF
(
rij
)
=

1

1 + e−AF(rij−rc)
(3)

Among them, VZBL
ij and VTerso f f

ij are the functional parts of the Tersoff and ZBL
potentials, respectively; rij is the bond length between atom i and atom j; rc is the cutoff
range of the ZBL potential function; AF is used to determine the smoothness between the
ZBL and Tersoff potentials; fF is the Fermi-like function of smoothing the ZBL repulsion
potential; and E is the total energy of the system.

In addition, for the interaction of metal atoms, the embedded-atom method (EAM),
developed by Winey et al., is used to describe the interaction between Al ions [26]:

Eij = ∑
i

Fi(ρi) +
1
2 ∑

i 6=j
φij
(

Rij
)

(4)

where Fi(ρi) is the atomic embedding energy, representing the energy required for atom
i to embed electron density; ρi is the total electron density around atom i; and φij

(
Rij
)

is
the distance-dependent Al atomic pair potential. Dandekar and Shin developed the Morse
potential between Al and 3C-SiC based on the potential energy curve obtained by Zhao
et al. by using the ab initio method [27,28]. The form is as follows:

Eij = D0

[
e−2α(rij−r0) − 2e−α(rij−r0)

]
(5)

where r represents the distance between particle pairs; r0 is the equilibrium bond length;
and D0 and α represent the depth and width of the potential well, respectively. D0, α, and
r0 of Al and C are 0.4691 eV, 1.738 Å−1, and 2.246 Å, respectively. D0, α, and r0 of Al and Si
are 0.4824 eV, 1.322 Å−1, and 2.92 Å, respectively.

2.2. Defect Statistics

The Wigner–Seitz (WS) analysis method was considered to calculate the change in the
number of point defects before and after ion implantation and annealing, which is believed
to accurately extract various point defects, and we needed two configurations of the atomic
model as inputs as follows: the reference configuration and the displacement configuration.
For the reference configuration, we selected the model before implantation and defined
the position of the atoms in the crystal without defects. The initial sites of the atoms were
divided by three-dimensional Voronoi space, and each atom was precisely assigned to a
site. Displacement configuration is the configuration that needs to be analyzed and often
contains some point defects such as vacancies, interstitials, and antisites. Eventually, some
sites may not be occupied by atoms at all, which are called vacancies. Other sites may be
occupied by multiple atoms, which are called interstitials, and the sites occupied by the
atoms that are not the original ones are antisites. However, the error of this method in
identifying point defects increases with significant changes in the volume of the system, as
many atoms are almost removed from the original site of the reference configuration due to
the expansion or contraction of the volume.

Next, we combined the identify diamond structure (IDS) method to visualize the
defect steps further, considering that the WS method could be affected by the volume of the
system [29]. The atoms of cubic diamond and hexagonal diamond structures indicate that
the first- and second-nearest neighbor lattices are perfect. Specifically, the first-neighbor
lattices in both the cubic diamond (first neighbor) and hexagonal diamond (first neighbor)
are perfect, but the second-neighbor lattices are damaged. Conversely, atoms of cubic
diamond (second neighbor) and hexagonal diamond (second neighbor) structures suggest
a perfect second-neighbor lattice with a damaged first-neighbor lattice. If an atom belongs
to another structure (none of the structures above), it is highly likely to be a defective atom.
We used the IDS method to identify and extract atoms belonging to other structures and
their nearby atoms with distances smaller than 5 Å (including their first- and second-nearest
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neighbors). Then, the WS method was carried out to identify the point defect types in these
atoms, thereby significantly reducing the identification error.

2.3. DFT Calculation

The DFT calculations using the Perdew–Burke–Ernzerhof (PBE) function are realized
by the QUANTUM ESPRESSO software [30]. The ultrasoft pseudopotential (USPP) is
selected for Si, and projector augmented wave (PAW) pseudopotentials are applied to C
and Al. To facilitate the subsequent transport calculations, we used a 3 × 5 × 1 supercell
containing 240 atoms to calculate the defect effects, which is derived from a 16-atom
rectangular unit cell. During the crystal force optimization process, the supercell variations
are allowed until the force on each atom is smaller than 1 × 10−3 Ry/bohr [31]. The energy
cutoff of 30 Ry is used in the band structure calculations along the Γ − X − K − Γ − Y high
symmetry direction [12,32].

2.4. CI–NEB Calculation

The main purpose of the climbing image–nudged elastic band (CI–NEB) method is
to find the minimum energy path (MEP) on the potential energy surface [33]. The highest
energy point on the MEP connecting the initial and final states in the chemical reaction and
atomic diffusion of solids is called the transition state (TS). We utilized seven images to
pinpoint the TS, including the initial and final states. The energy convergence threshold
of the images is 1 × 10−6 Ry, and the forces convergence threshold is 1 × 10−4 Ry/bohr.
Additionally, the freezing parameter was set to true in order to halt the optimization when
the error in the intermediate states fell below 0.05 eV/Å, thereby enhancing the accuracy
and efficiency of the calculations.

2.5. MLWF Transformation

Then, the Wannier90 software package was employed to generate a set of maximally
localized Wannier functions (MLWFs) to transform the electron wavefunctions [34]. This
process enables obtaining the tight-binding (TB) model and determining the hopping
parameters between the defect-induced trap levels and the conduction/valence band (CB
and VB) states of the defect structures. The trap levels can be induced into the 4H-SiC TB
model by expanding and filling the matrix with new lines and rows, with the scattering
rates being included in the TB models through the imaginary parts of the corresponding
onset energies [35].

2.6. Quantum Transport Simulation

In order to investigate the impacts of the Al ion implantation-induced defects on
4H-SiC MOSFET channel transport behaviors, a local 10 nm channel region containing
defects was considered (local channel), as shown in Figure 1. Since point defects like the C
vacancies and C interstitials in 4H-SiC are highly localized, showing an extension of less
than 1 nm [15], a 10 nm channel region containing these point defects is enough to study
their local electrical behaviors. The oxide and gate thicknesses are 1 nm and 0.5 nm. To
reduce the influence of the gate metal type, the work function of the gate was assumed
to be equal to the perfect 4H-SiC crystal. The quantum transport problem was solved by
the iterations between Schrodinger’s equation in the NEGF form and Poisson’s equation
using the NanoTCAD ViDES code [36]. The gate voltages (Vg) ranging from 0–6 V were
applied, and the drain-to-source voltage (Vd) was set to 0.3 V. The convergence criterion for
the equation solution is that the magnitude of the difference in the grid potential vector
between adjacent iterations is less than 0.01 V.
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The study starts from the MD simulations on the Al ion implantation and post-an-
nealing processes. Before the implantation, the local structure of the implantation region 
only contained cubic diamond and hexagonal diamond atoms, as shown in Figure 2a. 
Then, the Al ion (red) was injected into the 4H-SiC (0001) plane at 300 K. It can be seen in 
Figure 2b that near the Al ion, there are many other structure atoms and defect clusters 
after implantation, indicating that the implantation has caused obvious lattice damage 
and point defects. After 3300 K high-temperature annealing, the number of other structure 
atoms decreases obviously, and defect clusters disappear entirely, as shown in Figure 2c. 
Figure 2d depicts the defect numbers of different types during the MD simulation using 
the WS and IDS method. The number of point defects increases significantly after the im-
plantation. For example, the number of C vacancies (VC) and C interstitials (Ci) are 9 and 
7, respectively, while the number of other point defects, like Si replacing C (SiC), C replac-
ing Si (CSi), Si interstitial (Sii) and Si vacancy (VSi), are all less than 4. After the annealing 
and the atoms cooled to 300 K, the number of VC and Ci apparently decreased to 3 and 1, 
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In order to explore the defect evolution, we extracted the damaged lattice atoms 
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Figure 1. Schematic illustration of the quantum transport simulation model, in which a local channel
region containing defects in 4H-SiC is considered.

3. Results and Discussions
3.1. Molecular Dynamics Simulations

The study starts from the MD simulations on the Al ion implantation and post-
annealing processes. Before the implantation, the local structure of the implantation region
only contained cubic diamond and hexagonal diamond atoms, as shown in Figure 2a.
Then, the Al ion (red) was injected into the 4H-SiC (0001) plane at 300 K. It can be seen in
Figure 2b that near the Al ion, there are many other structure atoms and defect clusters after
implantation, indicating that the implantation has caused obvious lattice damage and point
defects. After 3300 K high-temperature annealing, the number of other structure atoms
decreases obviously, and defect clusters disappear entirely, as shown in Figure 2c. Figure 2d
depicts the defect numbers of different types during the MD simulation using the WS and
IDS method. The number of point defects increases significantly after the implantation. For
example, the number of C vacancies (VC) and C interstitials (Ci) are 9 and 7, respectively,
while the number of other point defects, like Si replacing C (SiC), C replacing Si (CSi), Si
interstitial (Sii) and Si vacancy (VSi), are all less than 4. After the annealing and the atoms
cooled to 300 K, the number of VC and Ci apparently decreased to 3 and 1, respectively.
Other types of point defects were almost reduced to zero.
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processes. (a) 4H-SiC Newton layer before implantation. (b,c) 4H-SiC crystal structures after the
implantation and annealing. (d) Statistic defect numbers during the two processes.

In order to explore the defect evolution, we extracted the damaged lattice atoms (pink)
identified by the IDS method in Figure 3 at the moments just after implantation (0 ps),
annealing (300 ps and 600 ps), and after annealing (900 ps). At 0 ps, it had the largest
number of damaged lattice atoms and damaged area, in which the damaged atoms gather
along the implantation trajectory of the Al ion. Then, they experienced a self-repairing stage
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during the annealing (300 ps and 600 ps images), resulting in the continuously reduced
damaged area. Finally, the damaged area and the number of damaged lattice atoms
became the smallest after 900 ps annealing, which proves that a 3300 K high temperature is
appropriate to repair the implantation damage.
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Figure 3. Defect evolution during 3300 K annealing process.

In both Figures 2 and 3, there are still many defects clustered in the implantation trajectory
of Al ion that failed to self-repair after high-temperature annealing. For example, the Al atom
fails to perfectly replace Si atoms in this case. To catch all the stubborn defects that are
important to 4H-SiC device performance, we repeated the MD simulation 10 times under the
same condition. In each case, the Al ion and its nearby point defects were extracted using a
supercell, as illustrated in Figure 4a, and Figure 4b–e shows four typical supercell results. It
was found that after Al ion implantation and post-annealing, three configurations existed as
follows: (i) Al replacing Si (AlSi), which is the perfect Al position to induce the p-type doping
effect and the majority results in our MD simulations, (ii) Al replacing C (AlC), as shown in
Figure 4c, and (iii) Al being an interstitial (Ali), as shown in Figure 4d. No matter whether
the Al ion was perfectly doped, there were always many point defects around, including the
frequent SiC, VC, CSi, antisites, Ci, and unfrequent C-clusters. We also examined the cases
under 350 eV and 2 keV implantation energies and 2900 K and 3700 K annealing temperatures.
The results indicate that the defects all belong to the above types.
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3.2. DFT Calculation

The MD results reveal that the Al ion implantation and post-annealing processes
will induce a variety of compound defects formed by the coupling of Al ion and point
defects. In order to investigate the Al ion-point defect coupling effects, we constructed
defect supercell models containing about 240 atoms and different defect types to calculate
the electrical properties using the DFT method.

Before the consideration of Al ions, the intrinsic defects in 4H-SiC were studied first. As
shown in Figure 5, among these defects, CSi has a negligible impact on the band structure of
the perfect 4H-SiC crystal. The band structures of SiC and antisite cases are similar to each
other, all showing shallow hole trap levels near the VB. Therefore, it is inferred that these
levels are induced solely by the SiC. Both VC and Ci introduce a mid-gap trap and a shallow
electron trap near the CB. They both can affect the transport behaviors by trapping electrons.
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Figure 5. Band structures of 4H-SiC supercells containing 240 atoms and different point defects.
(a) Perfect crystal supercell. (b–f) Supercells containing CSi, SiC, antisite, VC, and Ci defects.

When a Si atom is replaced by an Al ion, the perfect p-type doping is achieved, and
the Fermi level goes into the VB edge of 4H-SiC, as shown in Figure 6a. The presence of
Csi around AlSi has little impact on the p-type doping properties, as evidenced by the
comparison between Figure 6a,c. However, Figure 6b,d illustrate that SiC and antisite
around AlSi will induce additional trap levels near the VB. Although they maintain the
p-type characteristic of the system, the free holes released by Al doping are trapped and will
not contribute to the currents when bias is applied. It is also noted that these trap levels can
be solely attributed to the SiC. In contrast, as shown in Figure 6e,f, the VC and Ci directly
transform the system into an n-type property due to the half-filled trap state near the CB
edge, which pins the Fermi level. Additionally, the C-cluster defect induces a near-neutral
condition, with the half-filled trap levels located at the mid-gap in Figure 6g. The different
defect couplings around AlSi may cause opposite doping effects, which greatly affects the
doping results during the device manufacturing process.

When the Al substitutes for the C lattice site, it does not produce a doping effect
but introduces three closely spaced trap levels in the mid-gap, as shown in Figure 7a.
Meanwhile, Figure 7c illustrates that the presence of CSi leads to a downward shift of the
two electron-occupied trap levels, indicating that their abilities to trap electrons during
electron transport are weakened. When SiC, antisite, and VC appear around AlC, as
indicated by Figure 7b,d,e, an additional trap level is induced. Moreover, the highest half-
filled trap level pins the Fermi level near the VB edge, showing the n-type doping effect.
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Figure 6. Band structures of 4H-SiC supercells containing 240 atoms and an Al ion. (a) Supercell
only containing AlSi doping. (b–g) Supercells containing AlSi–SiC, CSi, antisite, VC, Ci, and C-cluster
coupling defects.
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Figure 7. Band structures of 4H-SiC supercells containing 240 atoms and an Al ion. (a) Supercell only
containing AlC doping. (b–e) Supercells containing AlC–SiC, CSi, antisite, and VC coupling defects.

When Al becomes an interstitial atom, the system exhibits distinct n-type doping
characteristics, which is defined as the self-compensation effect by the previous litera-
ture [37]. From the real space deformation charge densities in Figure 8a below, the electron
contribution to the system by the Ali is clearly observed. The delocalized electrons are
injected into the CB and become free carriers. The presence of SiC, CSi, and Ci defects will
not significantly affect the system characteristics, as shown in Figure 8b,c,e. However, when
there is an antisite around Ali, as shown in Figure 8d, a trap state will be generated near the
VB, and the free electrons injected into the SiC system by Ali will be captured, consequently
restraining the n-type doping characteristics of the system.
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3.3. NEB Calculation

When an Al atom replaces a C atom, three deep energy levels will be introduced,
which will significantly affect the transport behaviors. However, we find that if an extra
Ci is induced near the AlC, as shown in Figure 9a, the Al atom will directly migrate to the
interstitial without a barrier, while the C atom will return to the original Al position.
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Figure 9. Two metastable Al doping states. (a) Energy and structure variations after a Ci move close
to an AlC. The Ci will kick out the Al, resulting in an Ali without an energy barrier. (b) Energy
variations during an Ali compensating a VC. The left and right local structures correspond to two
different paths. Note that the energies of (b) are from the NEB calculation, while the energies of (a)
are from the Broyden–Fletcher–Goldfarb–Shanno (BFGS) quasi-Newton algorithm, adopted in the
DFT calculation due to the zero-energy barrier.

However, the single Ali will also introduce a deep level and even lead to a serious n-type
doping phenomenon. Therefore, we continued to study its couplings with other defects. It
was found that when an Ali meets a VC near it, as shown in Figure 9b, it will occupy the
vacancy in two almost barrier-free ways. The first one is that the Ali directly migrates to the
VC, resulting in an AlC and encountering an energy barrier of 0.2 eV. The second path is that
the Al replaces the Si, and the Si migrates to the VC, resulting in an AlSi–SiC coupling and
encountering an energy barrier of 0.17 eV. Both results will compensate for the n-type doping
effect induced by Ali, which is beneficial to the p-type doping purpose.

It seems that point defect densities are high near the Al from the MD simulation results.
Next, we verified if point defects like VC and Ci can be attracted or directly induced by

76



Electronics 2024, 13, 2758

Al in 4H-SiC. First, the NEB calculations on the formation energies of generating a Ci–VC
pair were carried out. As shown in Figure 10a, it was found that the potential barrier of
the Ci–VC pair formation in the presence of Al ion is almost 1 eV lower than that in the
perfect 4H-SiC crystal. Moreover, in the presence of Al ion, it provides a metastable state
with a repairing barrier of 0.27 eV for the Ci–VC pair, indicating that Ci–VC pairs are easily
induced by the Al ion implantation. Next, we calculated the total energies of the supercell
structures with different Al–VC and Al–Ci distances, as shown in Figure 10b,c. There is
no doubt that VC can be attracted by the Al, reducing the system energies of nearly 1 eV.
For the Ci cases, the energy variations are complicated, and no obvious relationship can
be established between the Al–Ci distance and system energy. From the view of energy,
the attraction between Al and VC also tends to separate the Ci–VC pairs and increase the
related defect densities. These microscopic effects all support the contradiction between
the electrical activation of the Al ion and the control of the VC concentration [15].
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variations to generate a VC–Ci pair due to the movements of C atoms denoted by the red arrows,
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3.4. Impact of Defects on Carrier Transport of 4H-SiC MOSFET Channel
3.4.1. Couplings between AlSi and Other Defects

The transfer characteristics of the 4H-SiC MOSFETs with only AlSi are shown as green
lines in Figure 11a,b. Compared with the perfect channel without any defect and Al ion, the
local p-type doping effect is clearly observed at the AlSi channel since the carriers are mainly
holes at Vg = 0 V. Along the increasing Vg, the hole current is reduced rapidly, and then the
electron current dominates the transport. To further verify the transport mechanism, the
channel density-of-states (DOS) (background color) and current spectrum (pink lines with
peaks along the x-axis) of the AlSi channel were calculated and shown in Figure 11c,e. The
bright DOS regions represent the VB and CB, while the blue dark regions are bandgaps. Since
the 0.3 V Vd is applied by setting the Fermi levels of the source and drain regions to ±0.15 eV,
the DOS, located at the±0.15 eV transport window, will obtain high probabilities to contribute
currents. At Vg = 0 V, the VB DOS are closer to the transport window, and a hole current peak
is clearly observed, which not only verifies the hole current phenomenon but also shows that
the p-type doping has moved up the VB of the local 10 nm channel to become a p-type region.
At Vg = 2 V, both the CB and VB are moved down, and the CB DOSs are closer to the transport
window, resulting in the majority of carriers changing from holes to electrons.

In contrast, the AlSi + SiC and AlSi + antisite channels do not show much threshold
voltage (Vth) moving behavior, but their hole currents are severely reduced. Taking the
AlSi + SiC channel shown in Figure 11d as an example, the free holes from Al ions are
captured by the mid-gap trap levels. Although these levels have already entered the
transport window, they can hardly contribute to the currents due to the carrier trapping
effect. On the other hand, the SiC or antisite coupling to AlSi maintains the p-type property
of the local channel, and this is the reason that the Vth variations are negligible.
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Figure 11. Transfer characteristics of the 4H-SiC MOSEFT local channels when an AlSi couples with
another point defect. (a,b) Transfer characteristic curves of the local channels in log and linear axes.
(c–e) DOS of the channels containing AlSi, AlSi + SiC, and AlSi + VC at different Vg.

For the AlSi + VC, AlSi + Ci, and AlSi + C-cluster channels, the p-type property of
the local channels is flipped completely, and the Vth shifts towards the negative x-axis
are significant. In Figure 11e, the two bright dots correspond to the two trap levels, as
shown in Figure 6e, verifying that the trap levels have been successfully incorporated into
the channel transport simulation. Moreover, they exhibit obvious resistance to Vg. As
shown on the right side, the CB edge (bright line on the top of the two trap states) shows a
small peak at the trap position, which will block electron transports, corresponding to the
classical Fermi level pinning effect caused by trap states. The pinning effect cannot only
cause serious leakage currents at Vg = 0 V but can also impede the CB moving downwards
at Vg > 0 and form electron barriers.

To exclude the potential influences caused by gate oxide thickness and Vd, the 4H-SiC
MOSEFT local channels with a 3 nm oxide layer and 0.1 V Vd are simulated and shown in
Figure 12a,b. When the oxide thickness increases, the gate control ability is weakened. But
the defect-induced transport behaviors do not change obviously. The results in Figure 12b
are similar, such as that reducing the Vd only leads to some current drops. Therefore, the
defect impacts on local carrier transports are persistent in SiC MOSEFT channels. Moreover,
the coupling effect of the AlSi + VC + Ci ternary defect is studied in Figure 12c. Clearly, the
transport ability is further degraded, indicating that the defect clusters could cause serious
local current unbalance, which could be a fatal reason for the device failure.
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Figure 12. Transfer characteristics of the 4H-SiC MOSEFT local channels. (a) Comparisons between 1 nm
and 3 nm thickness gate oxide cases. (b) Comparisons between Vd = 0.1 V and Vd = 0.3 V cases. (c) Transfer
characteristics of the channel containing AlSi + VC + Ci and comparisons with other relevant cases.
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3.4.2. Couplings between AlC and Other Defects

Figure 13a,b show the transfer characteristics of the 4H-SiC MOSFET local channels
in the presence of AlC and are coupled with other defects. From Figure 7, AlC does not
contribute to the doping effect, but it induces three mid-gap trap states. These states
seriously impede the carrier transport, as the subthreshold swings (SS) of the AlC and
AlC + CSi channels are obviously enlarged compared with the perfect channel. These
phenomena can also be well explained in Figure 13c, as these trap states induce a non-
negligible electron barrier at Vg = 2 V.

When the SiC appears near the AlC in Figure 13d, the channel exhibits a n-type
characteristic due to the new trap level showing in the upper panel of the bandgap, leading
to the increasing leakage current at Vg = 0 V. When an antisite appears near the AlC in
Figure 13e, three of the four trap levels move into the bottom panel of the bandgap, which
will not significantly influence the electron transports.
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3.4.3. Couplings between Ali and Other Defects

When an Al ion replaces C, it has already lost the p-type doping effect, as shown above.
In Figure 14 below, the doping effect could further be flipped completely if an Al ion became
an interstitial in 4H-SiC. When an Ali locates at the MOSEFT channel, it simultaneously injects
electrons into the CB and induces a mid-gap trap level, as shown in Figure 14c. Therefore,
the CB is moved close to the transport window, leading to significant leakage currents at
Vg = 0 V. Under this circumstance, an antisite coupling with the Ali could relieve the n-type
doping effect. As shown in Figure 14d, the antisite coupling causes more trap levels, which
can not only trap excessive free electrons but can also prevent the downward movement of CB.
However, the n-type doping can hardly be eliminated. Due to its strong ability to destroy the
p-type doping effect, it is therefore suggested that the Ali should be avoided to the maximum
extent at the ion implantation and post-annealing processes.
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4. Conclusions

The Al ion implantation and post-annealing processes were studied using MD sim-
ulations in this work. Except for the AlSi, the non-ideal AlC and Ali were also observed.
Moreover, additional point defects caused by the Al ion bombardment also frequently
appeared and exhibited tendencies of moving towards the Al ion. The DFT and quantum
simulation results show that the AlC will cause dense trap levels at the mid-gap of 4H-SiC,
and the Ali even leads to an n-type doping effect. When they couple with the additional
point defects nearby, more complicated doping and trap levels will be generated, increasing
the leakage current and SS, shifting the Vth, and reducing the carrier mobility. This study
provides new theoretical evidence for experiments to explain complex doping results.
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Abstract: This paper presents a lumped scalable model for spiral inductors in a radio frequency (RF)
gallium nitride (GaN) technology on silicon substrate. The model has been developed by exploiting
electromagnetic (EM) simulations of geometrically scaled spiral inductors. To this aim, the technology
substrate, i.e., the metal back-end-of-line along with dielectric and semiconductor layers of the
adopted GaN process, has been validated by means of experimental data and then used to define the
EM simulator set-up for the spiral inductors. The proposed model adopts a simple π-topology with
only seven lumped components and predicts inductor performance in terms of inductance, quality
factor (Q-factor) and self-resonance frequency (SRF) for a large range of geometrical parameters of
the spiral (i.e., number of turns, metal width, inner diameter).

Keywords: electromagnetic (EM) simulations; gallium nitride (GaN); radio frequency (RF)-integrated
circuits; spiral inductors

1. Introduction

Radio frequency (RF) integrated circuits (ICs) extensively employ inductive compo-
nents (i.e., inductors and transformers) to implement crucial functionality, such as 50-ohm
impedance matching at the input/output chip terminals, impedance matching in multi-
stage amplifiers, tuned resonant load in the RF amplifiers, LC tank in voltage-controlled
oscillators, LC filters, etc. [1]. For this reason, modern RF silicon technologies adopt a
proper back-end-of-line (BEOL) with thick metals and thick intermetal oxides to reduce
the resistive losses and the parasitic capacitances, respectively [2]. Typically, RF silicon
technologies provide general purpose inductor devices into the process design kit (PDK).
However, scalable models or stack-up descriptions of electromagnetic (EM) simulations are
required for a customized inductor design [3,4].

In the last few years, GaN-based High-Electron-Mobility Transistors (HEMTs) have
demonstrated excellent performance for high-power applications thanks to the wide
bandgap and the crystal structure of GaN, which allow achieving both high voltage and
high currents in a wide temperature operative range. Despite the vast literature available
for GaN-based technologies, very few papers deal with inductive components (i.e., induc-
tors and transformers) in RF GaN processes, either on silicon [5,6] or on SiC substrates [7–9].
Moreover, to the authors’ knowledge, very scarce literature is available for inductor mod-
eling in GaN technologies since only in [6] has a lumped scalable model been proposed,
whereas [9] presents an equivalent circuit extracted for a single geometry. Therefore, unlike
silicon-based inductors and transformers [10–18], there is a lack of knowledge on the anal-
ysis, design and modeling of inductive devices in GaN technologies. This study aims to
partially cover this gap.

This paper is organized as follows. Section 2 briefly describes the adopted RF GaN
technology on a Si substrate. Section 3 summarizes the physical phenomena taking place
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in integrated spiral inductors with the aim of providing the reader with the main design
guidelines. The proposed scalable lumped model for spiral inductors in RF GaN technology
is detailed in Section 4, while its validation is reported in Section 5. Finally, the main
conclusions are summarized in Section 6.

2. RF GaN Technology

The adopted technology is an RF GaN process fabricated on a thin silicon (Si) sub-
strate, which has been developed by STMicroelectronics mainly for sub-6 GHz band power
applications [19–22]. The process features 50 V HEMTs with a gate length of 0.5 µm. Since
the technology has been specifically addressed to RF applications, transistors have been
optimized for normally-on depletion operation, thus exploiting the total two-dimensional
electron gas (2DEG) density at the AlGaN/GaN heterointerface. The technology also pro-
vides resistors and high-quality-factor (Q-factor) metal–insulator–metal (MIM) capacitors
for the integration of biasing and matching networks, respectively, while allowing for the
fabrication of polygonal/circular spiral inductors and interleaved/stacked transformers
that are essential for advanced RF ICs [23–29]. To this aim, the technology BEOL provides
three AlCu metals, two thick layers at the top of the stack, which are used for the inductor
coil and the underpass, along with a lower thinner one to access the transistor terminals.
The upper metal layers, namely MTL3 and MTL2, have equal thickness to avoid Q-factor
degradation on one side and a bottleneck for the maximum current due to the underpass
connection on the other side. Moreover, the two thick metals are suitable for the implemen-
tation of high-performance integrated transformers, especially for staked configurations.
For the sake of completeness, Figure 1 shows the Scanning Electron Microscope (SEM)
microphotograph of the upper metal layers (i.e., MTL3 and MTL2) as they are connected in
the underpass region of a spiral inductor.
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The adopted RF GaN technology enables the design and implementation of watt-
level sub-6 GHz power amplifiers (PAs) for base station applications. The final target is
replacing the traditional micromodule approach based on discrete components with a fully
integrated system, thus achieving a significant reduction in cost and size. This study has
been developed in the framework of the development of the above-described RF GaN
technology with the aim of driving the implementation of a geometrically scaled library
of spiral inductors for RF applications, while providing a reliable design tool for inductor
customization into the PDK of the technology.

3. Integrated Inductor Physics: Design Guidelines

The design of integrated inductors is aimed at increasing both the Q-factor and the
self-resonance frequency (SRF) of the component by minimizing the energy losses and
the parasitic capacitances, respectively. Energy dissipation occurs into both the metal
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windings and the underneath layers (i.e., oxides, insulators, diffused semiconductors,
etc.). On the other hand, the operative frequency range of the inductor is limited by the
interwinding capacitances and especially by the area/perimeter capacitances of the spiral
toward the substrate.

Figure 2 depicts the main EM phenomena taking place in an integrated spiral induc-
tor [1]. The losses in the metal layers are mainly due to the current crowding, i.e., the
non-uniform distribution of the current in a conductor, which is particularly exacerbated
by the peculiar structure of a spiral inductor. Indeed, the current crowding is higher on the
internal sides of the spiral where the magnetic field is at its maximum. This phenomenon
is the result of the superimposition of the skin and proximity effects, and rises with the
increase in the operative frequency, thus resulting in the frequency dependency of the
inductor resistance [30]. Therefore, thick and highly conductive metal layers are manda-
tory to reduce the inductor series resistance, especially in the lower RF bands, since the
effectiveness progressively degrades at higher frequencies. On the other hand, the use of
“hollow” spirals is a common rule for high-frequency inductive components to avoid the
losses in the inner turns [30,31].
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Another significant impact on the performance of an integrated inductor is also due to
the substrate losses. Indeed, both electric and magnetic fields are significant in the layers
underneath the inductor. Specifically, two different mechanisms take place, as represented
in Figure 2 using blue and green arrows. The vertical currents (blue arrows) injected into the
substrate are the displacement currents (i.e., due to the electrical field and therefore related
to the capacitive effects), while the horizontal currents (green arrows) flowing into the
conductive substrate layers are magnetically induced currents (i.e., due to the time-varying
electrical field according to the Faraday–Lenz law). Both electrically and magnetically
induced currents increase at radio frequencies and their effect can be dominant with respect
to the ohmic losses into the spiral, especially for large inductors. Specifically, in GaN
technology, the bidimensional electron gas in the AlGaN/GaN heterojunction must be
properly neutralized below the inductor footprint to avoid the flowing of magnetically
induced eddy currents and consequent energy losses [22].

An important role in enlarging the operative frequency range of an integrated inductor
or equally in increasing the maximum inductance value that can be used at a given working
frequency is played by the minimization of the parasitic capacitances. Typically, the main
contributions are due to the electrical coupling with the substrate, especially when its
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thickness is reduced for thermal reasons, such as in the adopted GaN technology. On
the other hand, a thinned substrate helps in reducing the losses due to the displacement
currents flowing toward the ground. The main parasitic capacitances are related to the
overlap regions between the spiral and the underpass, especially for large-width metal
inductors. When the metal spacing is higher than a few microns, the fringing winding
capacitances are lower, but their contribution could become significant for inductors with a
high perimeter/area ratio (i.e., low w, high n and dIN).

4. Geometrically Scalable Lumped Model Description

The model has been developed to predict the electrical performance of circular induc-
tors for a large range of geometrical parameters to comply with circuit designer demands
in RF IC optimization. A circular shape is preferred since it guarantees a better Q-factor
performance than squared or polygonal shapes [1]. Although in nanoscale CMOS, the
circular shape is forbidden [2,27–29], in the adopted GaN process, circular spirals can be
manufactured without any process problems, which do occur in other technologies with
wider lithography [16,32,33]. Due to the lack of a sufficiently high number of available
fabricated inductors, model parameter extraction has been carried out by using 2D EM
simulations of geometrically scaled circular inductors in the adopted GaN technology. To
increase the accuracy of the simulations, the process substrate (i.e., the metal back-end-of-
line along with dielectric and semiconductor layers of adopted GaN technology) has been
validated by means of experimental data of microstrips fabricated in the three metal layers
(i.e., MTL1, MTL2 and MTL3).

Figure 3 shows the micrograph of a MTL1 microstrip fabricated on the adopted GaN
technology on a 60-µm thick silicon substrate. To achieve an accurate estimation of both
the inductance and Q-factor, a frequency dispersity model of the silicon substrate has also
been included in the EM simulations. Specifically, the Svensson/Djordjevic model has been
used [34]. The comparisons between measured and EM-simulated scattering parameters,
S21 and S11, are reported in Figure 4 for the sake of completeness. The EM simulated
S-parameters are in good agreement with the measured ones over a wide frequency range,
especially for S21. The errors are quite low and largely acceptable for our purpose.
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As an example, a three-turn circular spiral inductor with the main geometrical param-
eters (i.e., the metal width, w, the inner diameter, dIN, and the metal spacing, s) is shown in
Figure 5.

The proposed model adopts a simple π-topology, shown in Figure 6, which employs
only geometrically scalable circuit parameters. The ideal inductor, L, is used to model the
spiral and underpass inductances, as well as the magnetic coupling within the substrate.
Two capacitors, CP1 and CP2 (whose values are different due to asymmetric inductor layout),
are adopted considering the capacitive effects toward the substrate. Moreover, a further
capacitor, CS, is exploited to account for other capacitive effects. Specifically, parasitic
capacitances throughout the inductor turns along with the overlap between the spiral and
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the underpass are considered. Finally, ohmic and substrate losses are modeled by means of
frequency-variable resistances, RS and RP, respectively.
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Figure 4. A comparison between the measured and EM-simulated S-parameters of the microstrip
in Figure 3: the magnitude of S21 (a), the phase of S21 (b), the magnitude of S11 (c) and the phase of
S11 (d).
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Figure 5. Layout and geometrical parameters of typical circular RF inductor.
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The inductance value, L, is the sum of three contributions,

L = LCOIL + LUND + LSUB, (1)

where LCOIL and LUND are the inductances of the spiral and the underpass, respectively,
while LSUB is used to account for the induced magnetic field in the substrate in a simple
way [35–37]. The first two terms of (1) can be calculated by using well-known closed form
expressions available in the literature [38,39], whereas LSUB has been evaluated by using
the following monomial formula:

LSUB = −4παn2d2
AVGw (2)

where dAVG is the average inductor diameter and α is a fitting coefficient of around 0.92.
It should be noted that LSUB is a negative value since a reduction in the total inductance

is expected due to the induced magnetic field within the substrate.
Capacitive contributions (i.e., CS and CP1,2) determine the inductor SRF and can be

extracted from EM data. The following scalable equation has been used for CS:

CS =
1

NOVER

εMw2

tM
p(n) (3)

where NOVER is the number of overlaps between the spiral and the underpass (i.e., NOVER
= n + 1.5), and εM and tM are the electric permittivity and the thickness of the intermetal
(i.e., MTL3-MTL2) dielectric layer, respectively. It is worth noting that εMw2/tM is the
capacitance of a single overlap between the spiral and the underpass. To improve the
geometrical scalability of (3), the fitting function p(n) has also been included, which adopts
the second-order polynomial expression reported in (4).

p(n) = 0.9
(

n2 − 3n + 4α
)

(4)

Substrate capacitances, CP1,2, are calculated by means of the following equation:

CP1,2 =
CSUB ACOIL

2

[
1 +

(
1 + α)e−βw

]
(5)

88



Electronics 2024, 13, 2665

where CSUB is the substrate capacitance per unit area, ACOIL is the coil area and β is an
experimental coefficient estimated to be 3.53 × 104. The coil area, ACOIL, is given by the
product of the width, w, and the spiral length, lCOIL, which is calculated as follows:

lCOIL = πn[din + w + (n − 0.5)(w + s)] (6)

Since spirals are not symmetric, the capacitances CP1 and CP2 must be slightly dif-
ferent to properly model the two different values of the self-resonance frequencies of the
inductor, SRF1 and SRF2, when terminal 1 or 2 is grounded, respectively. To account for
this asymmetry, lCOIL is calculated with Equation (6) for CP1, while it is adjusted according
to (7) for CP2.

lCOIL2 = πn
[

din + w +

(
7

12
n − 0.5

)
(w + s)

]
(7)

It is worth noting that when the metal width, w, increases, the capacitance value given
by (5) reduces to its ideal value since the fringing effects tend to be negligible.

The series resistance, RS, is modeled by using a roughly parabolic law according to
Equation (8):

Rs = RDC

[
1 +

(
f req
fR0

− f req2

2 fR0 f RM

)(
fR0

2 fRM
− 1
)−1

]
(8)

where RDC is the overall dc resistance of the inductor, which can easily be calculated by
using the metal sheet resistance for the number of squares (i.e., lCOIL/w), while f RM and
f R0 are the frequencies for which RS assumes its maximum and zero, respectively. Since
both f RM and f R0 cannot be easily predicted from the inductor geometrical parameters, the
following empirical formulas have been used:

fR0 ≈
(

1 − 2200
√

w·din

)
·SRF (9)

fRM ≈ 0.04·SRF
w0.1·n0.23·d0.12

in
(10)

Finally, substrate losses are modeled by means of RP that is calculated by using the
following expression:

RP =
1
6

ρSitSi

π
(

dOUT
2

)2
f0

f req
(11)

where ρSi and tSi are the resistivity and the thickness of the silicon substrate, dOUT is the
inductor outer diameter and f 0 is equal to 3.5 GHz.

5. Model Validation

The proposed lumped model has been validated by comparison with the EM data
of geometrically scaled inductors whose parameters are listed in Table 1. The model can
predict the performance of circular inductors with 10-µm metal spacing, a number of turns
from 1.5 to 6.5, a metal width from 10 µm to 100 µm, and inner diameters from 60 µm to
300 µm. Specifically, the large variability in the metal width is essential to demonstrate
the soundness of the model not only for low-current inductors but also for high-current
inductors required in the power amplifiers. The errors in low-frequency inductance, peak
Q-factor, QMAX, and SRF are summarized in Table 2.
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Table 1. Layout parameters of spiral inductors for model validation.

Inductors 1 2 3 4 5 6 7 8 9 10

w [µm] 10 10 20 20 40 40 60 60 100 100
n 3.5 6.5 1.5 3.5 1.5 2.5 1.5 2.5 1.5 1.5

din [µm] 60 60 220 150 120 200 290 240 100 300

Table 2. Model errors of for low-frequency inductance, QMAX, and SRF.

Errors Maximum Minimum

L @ 100 MHz 9.2% 1.7%
QMAX 16.4% 3.6%
SRF 12.3% 0.3%

As an example of the very good estimation of inductor performance, comparisons for
inductors 2, 6 and 10 are reported in Figures 7a, 7b and 7c, respectively. It is worth noting
that since the model covers a very wide range of geometrical parameters in terms of n,
w and dIN, the inductors selected for the comparison in Figure 7 represent very different
geometries for a fair validation of the model. The prediction of the SRF for inductor 2 is
less accurate than for the other inductors due to the fringing capacitance of the spiral that
has a higher perimeter/area ratio. Generally, the model is more accurate with larger values
of w. Indeed, the main aim is to guarantee very high accuracy for large-width inductors
mainly used in PAs.
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Figure 7. Comparison between proposed geometrically scaled lumped model and EM simulations
for three circular inductors: (a) inductor 2, (b) inductor 6 and (c) inductor 10.

Figure 8 depicts the microphotograph of inductor 7 fabricated in the adopted RF GaN
technology for on-wafer characterization [15]. Figure 9 compares the proposed model,
the EM-simulated data and the experimental data for inductor 7. The agreement between
measurements and EM simulations further confirms the soundness of the EM simulation
set-up adopted to develop the inductor model, as defined in Section 4. Moreover, the
comparison highlights the accuracy of the proposed lumped model with respect to the
experimental measurements.
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It is interesting to highlight some remarkable differences between this study and a
recently published study [6] on a similar topic (i.e., modeling of GaN on Si inductors).
Indeed, although a larger number of inductors with different shapes have been analyzed
in [6], the model proposed here has been developed to cover a much wider range of the
metal trace width. This circumstance is reflected in the explicit dependency of the model
equations, specifically (2) and (5), on the layout parameter, w. Moreover, a considerable
difference between the two studies concerns the modeling methodology itself. Indeed, a
pure analytical approach has been followed in [6], using a lot of circuit elements to account
for the several physical phenomena occurring in the metal and substrate layers. On the
other hand, the proposed scalable model adopts a much easier equivalent circuit, consisting
of only seven lumped components and starting from some theoretical considerations,
exploits experimental coefficients for fitting.

It is worth briefly comparing this study with [6,9]. Despite its simplicity and wider ge-
ometrical scalability, the proposed model turns out to be broadly comparable to the model
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in [6] in terms of percentage errors in the main performance parameters. On the other hand,
the model in [9] is more complex and accurate, exploiting customized parameter extraction
from single inductor measurements, but it is not geometrically scalable. As already men-
tioned, the key feature of the proposed model is to predict inductor performance for a wide
range of geometrical parameters with very good accuracy.

6. Conclusions

A simple yet effective lumped model for circular inductors has been developed in a
0.5-µm RF GaN technology for sub-6 GHz power applications. The model adopts only
seven lumped components and is fully geometrically scalable. It demonstrates very good
accuracy in the prediction of inductor performance (i.e., inductance, Q-factor and SRF)
for a wide range of geometrical parameters. Both the geometrical scalability and network
simplicity of the proposed model allow for its use in actual RF IC design. Thanks to its
simplicity, the model can be used in other RF GaN technologies provided that proper
tuning for the fitting parameters is performed to adapt it to a different BEOL. To the
authors’ knowledge, this is the very first model for spiral inductors in RF GaN technology
guaranteeing state-of-the-art accuracy for such a wide range of geometrical parameters.
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Abstract: In this work, fully vertical GaN trench MOSFETs were fabricated and characterized to eval-
uate their electrical performances. Transistors show a normally-OFF behavior with a high ION/IOFF

(~109) ratio and a significantly small gate leakage current (10−11 A/mm). Thanks to an improved
resistance partitioning method, the resistances of the trench bottom and trench channel were extracted
accurately by taking into account different charging conditions. This methodology enabled an estima-
tion of the effective channel and bottom mobility of 11.1 cm2/V·s and 15.1 cm2/V·s, respectively.

Keywords: GaN; MOSFET; vertical device; resistance partitioning

1. Introduction

Over recent years, vertical gallium nitride (GaN) power transistors have demonstrated
increasing potential for efficient power switching applications. The wide-bandgap GaN
material is known to have superior intrinsic material properties over its silicon (Si) and
silicon carbide (SiC) material counterpart. Indeed, its larger critical electric field, higher
electron mobility, and higher saturation velocity favor the technological development of
high breakdown voltage and low on-state resistance devices. In addition, the vertical
topology is expected to be more adapted for high-power switching applications compared
to the lateral one (like the HEMT), due to its capability of reaching higher breakdown
voltages, its robustness to high electric fields, and its potentially higher power capability.

Nowadays, different vertical technology concepts have been under development,
such as the CAVET [1,2], the semipolar gate structure [3], the fin-FET [4], or the well-
known vertical power trench MOSFET [5–7]. Among these architectures, the vertical
power trench MOSFET shows even higher potential regarding the benefits granted by MOS
gate technology (high switching capability, low gate leakage current, gate robustness to
voltage overshoot...).

To improve its quality (and also its control), different research groups have tried
to fabricate vertical GaN trench MOSFETs and study the effects of MOS gate module
variation on the devices’ electrical performance (p-GaN doping [8], GaN trench surface
optimization [9,10], GaN trench orientation [7,11], gate stack comparison [12–14]). Some
studies have demonstrated, for instance, groundbreaking results with devices showing
adequate normally-OFF operation (Vth ~ 3–8 V [5,7]), very low RON,sp (<10 mΩ.cm2 [6,7]),
a high ION/IOFF ratio (~109), a significantly low gate leakage current (<10−11 A.mm−1
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for instance), as well as encouraging channel mobility results (~10–130 cm2/V·s [5,7]).
However, for the latter key parameter, the common methodology used in the literature to
estimate it is based on the calculation of the transconductance, extracted from the transfer
characteristic in the MOSFET linear stage of operation [7,10]. While this method allows
us to easily extract the effective field-effect mobility on a single device, its main drawback
is that it overestimates the channel mobility value considering the drift layer mobility
contribution in the output current value during the mobility calculation.

On the other hand, mobility extraction methods related to the more mature lateral
recessed MOS-HEMT use either the transconductance method [15,16], the Y-function
method [17], or the resistance partitioning one [18,19]. For the latter method, the resistance
and effective mobility are evaluated for the trench bottom and trench sidewalls separately.
To do so, sheet resistance and carrier density of the different trench regions must be
evaluated under the assumption of a uniform carrier density and identical electrostatic
behavior between the trench bottom and trench sidewall. While this methodology can
be used in the case of a lateral recessed MOS-HEMT, it is not the case for a vertical GaN
MOSFET since it does not take into account the difference in electrostatic behavior between
the n− GaN trench bottom and the p-GaN trench sidewall is this technology.

In this study, we present an improved methodology that aims to separate the resistance
contributions in the trench region and then extracts the effective mobilities of the trench
channel and trench bottom. Firstly, the fabrication and electrical characterization of fully
vertical GaN trench MOSFETs are reported. The transistors’ key parameters are extracted
by means of vertical I-V and C-V measurements, showing devices with a threshold voltage
Vth of ~1 V, a significantly small gate leakage IG (10−11 A/mm), and adequate switching
capability (ION/IOFF ~ 109). Then, using an improved resistance partitioning methodology
that takes into account the difference in electrostatic behavior between the trench bottom
and trench channel, we evaluate the effective mobilities of both of these areas as being
15.1 cm2/V·s and 11.1 cm2/V·s, respectively.

2. Materials and Methods

The epitaxy layers were grown on a free-standing (FS) 2-in n-type GaN wafer using
metal–organic vapor phase epitaxy (MOVPE). From bottom to top, the different doped
GaN layers were grown as follows: 100 nm n+ GaN drain layer (Si, 1 × 1019 cm−3), 10 µm
n− GaN drift layer (Si, 1 × 1016 cm−3), 700 nm p-GaN (Mg, NA − ND = 3.5 × 1018 cm−3),
and 200 nm n+ GaN source layer (Si, 6 × 1018 cm−3).

The process flow starts with the deposition of a 1 µm SiO2 hardmask by PECVD. Then,
the drain contact is fabricated with a Ti/Al/Ni/Au metal stack deposited on the wafer
backside by e-beam evaporation. The deposition is followed by rapid thermal annealing
(RTA) at 750 ◦C in N2 atmosphere for 3 min 30 s.

The process continues with the patterning through photolithography of the GaN gate
trench and a mesa structure that will terminate the n-p-n heterostructure. Firstly, the resist
pattern is transferred into the hardmask by performing CF4 dry etching in an inductive
couple plasma reactor (ICP-RIE). Secondly, the GaN trenches and the mesa are etched to a
depth of 1.1 µm through the epi layers by ICP-RIE using a Cl2 dry-etch process. Afterwards,
10 min RTA at 600 ◦C in O2 atmosphere is performed for p-GaN layer activation.

To reduce the etch-induced damages and remove the etch residues on the trench
sidewalls, a HCl pre-deposition wet surface treatment is applied to the sample for 4 min at
an ambient temperature. Immediately after this step, 20 nm of thermal Al2O3 is deposited
by ALD at 300 ◦C using a trimethylaluminium (TMA) precursor and H2O vapor oxidant
for the deposition. A total of 40 nm of TiN is then deposited as the gate metal through
sputtering. To finalize gate fabrication, the metal gate is patterned and etched on top of the
mesa structures by ion beam etching (IBE). Finally, 3 min RTA at 400 ◦C in N2 is performed
on the sample.

The process flow is followed by the fabrication of the source contacts. A dry-etch
fluorocarbide process is used to open the gate oxide as well as the SiO2 hardmask in the
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source contact region. The source contact is made of a Ti/Al metal stack defined by a lift-off
step to finalize MOSFET processing.

A schematic diagram of a processed vertical MOSFET along with its top-view SEM
image is shown in Figure 1a. As can be seen, the resulting MOS gate is located inside the
trench as well as all around the mesas, as a consequence of the deposition and etching steps
of the gate dielectric and gate metal. The dimension of the expected gate trench width
(Wtr) varies from 1 to 6 µm depending on the device studied. In addition to these test
structures, planar capacitors located on the drift layer are also included in the initial layout,
as illustrated in Figure 1.
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Figure 2. HAADF-STEM images of (a) the cross-section of a given vertical MOSFET and (b) the 
right trench sidewall of the device. 

Figure 1. (a) A cross-sectional schematic of a given processed vertical MOSFET (device A) and planar
capacitor (device B) test structures, each device being linked to their top-view SEM image (b). The
main process flow steps to fabricate the vertical MOSFETs and planar capacitor test structures.

The high-angle annular dark field (HAADF)-STEM image in Figure 2a shows the gate
of a given processed trench MOSFET. While the dielectric and gate metal deposited seems
sufficiently conformal with the GaN surface, etch-induced non-uniformities can still be
observed along the trench sidewalls, as observed in Figure 2b.
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3. Results and Discussion

The transfer characteristics of a given fully vertical MOSFET are shown in Figure 3,
with the current values normalized to the mesa width (Zmesa, cf. Figure 1a). The transfer
characteristic on a linear scale (Figure 3a) confirms the transistor behavior and demonstrates
the normally-OFF switching operation of the device with a threshold voltage (Vth) of ~1 V,
determined through extrapolation of the linear region of the characteristic at VD = 2 V
(correlation factor r of the fitting as being around ~1). As shown in Figure 3b, the device
demonstrates a good ON/OFF current ratio of 109 and a significantly low gate leakage
current of 10−11 A/mm, indicating the benefits of both the n-p-n heterostructure and
the MOS gate building blocks. The value of the subthreshold slope calculated is around
~139 mV/dec.
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Focusing on the Vth value, different hypotheses can be made to explain its origins. In
our case, this Vth result could be related to the thinner gate dielectric (~20 nm) compared to
what can be found in previous works (80–100 nm [6,7,20]). Also, the presence of a positive
charge density trapped at the dielectric/GaN interface or inside the dielectric bulk could
have a detrimental effect on the Vth by shifting it toward negative values [21–23], thus
reducing the Vth of the device. Finally, the issue of the insufficient electrically activated Mg
doping concentration is still a major process concern nowadays, since a low Mg doping
concentration drastically reduces the Vth value [6,8,24].

The normalized C-V curves related to both the MOSFET and planar capacitor are
illustrated in Figure 4a. Firstly, a different capacitance behavior is clearly noticed as device
A is based on charge inversion and device B on charge accumulation. Consequently, a
higher Vth is observed for device A compared to the VFB for device B. This result can be
explained due to the p-type GaN layer integrated into the MOSFET heterostructure that
should enhance the work function of the GaN and thus enhance the VFB. A small hysteresis
of ~100 and ~47 mV is shown for device A and B, respectively, suggesting a dielectric/GaN
interface of good quality, despite the sidewall macroscopic roughness observed in Figure 2b.

Since the capacitance is by definition related to a variation in charge with the applied
voltage VS, one can calculate the charge density (Qc) simply by combining the capacitance
from the onset voltage value Vonset (defined either by VFB (device B) or Vth (device A))
with the maximum voltage value Vmax of the applied voltage sweep, as described in
Equation (1):

Qc =
∫ Vmax

Vonset
C.dVS (1)

Thus, Figure 4b represents the calculated charge density as a function of the applied
voltage. Since the onset of the charge inversion (Vth ~ 0.14 V) in the channel regions for de-
vice A occurs at a different gate voltage than the charge accumulation in the bottom region
(VFB ~ −2.64 V), a difference in charge densities is clearly noticed at a given voltage value.
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Figure 4. (a) The capacitance–voltage characteristics measured at 10 kHz for device A and device B
(cf. Figure 1a for the schematic diagram of the test structures’ cross-section). (b) The evolution of the
calculated characteristics with applied voltage, calculated at the Vth (A) or VFB (B) for the same set
of devices.

To extract the mobility contributions in the trench region, based on our test structures,
we used an improved resistance partitioning method that takes into account the evolution
of the output current with the gate trench width [17,18], as well as the different electrostatic
conditions of device A and B illustrated in Figure 4. To do so, lateral ID-VG characteristics
based on the planar MOSFET configuration were measured. In this measurement config-
uration, one of the source electrodes was considered the drain on our MOSFET devices,
which means the current flows laterally from one source to the other.

Figure 5a shows the lateral ID − VG characteristics as a function of the gate trench
width at VD = 0.5 V. A clear reduction in output current is visible when increasing the
gate trench width (i.e., the trench bottom), meaning the total lateral resistance Rtot should
increase as well with this parameter. Thus, in Figure 5b, a visible linear dependence of the
total lateral resistance on the gate trench width can be observed (for ID values selected at
VG = 3 V, symbolized by the dashed line in Figure 5a). Since the current flows laterally
(Figure 5c), Rtot can be divided into different resistance contributions, defined as follows:

Rtot = 2RS + 2Rch + Rbot.Wtr = 2(Racc + Rcon) + 2Rch + Rbot.Wtr (2)

where RS is the source resistance, Racc is the access resistance, Rcon is the contact resistance,
Rch is the channel resistance, and Rbot is the trench bottom resistance.
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Figure 5. (a) The transfer characteristics of a lateral GaN-on-GaN MOSFET with different gate
trench widths, when one of the source contacts of the MOSFET is considered the drain. (b) The
evolution of the total lateral resistance with the expected gate trench width, calculated for ID values
at VG = 3 V. (c) A schematic diagram of resistance partitioning around the trench area in the planar
MOSFET configuration.

The Rbot term can be directly determined by the slope of the fitted curve shown in
Figure 5b and is evaluated as ~39.0 Ω·mm. The sheet resistance Rsheet,bot is then easily
deduced as being around ~39.0 kΩ·sq. In addition, one can estimate through extrapolation
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the resistance value for which Wtr tends to 0 (i.e., a very thin gate), symbolized by the
red cross on the y-axis. In that case, the associated resistance value is estimated at around
~179.4 Ω·mm and takes into consideration the source and channel resistance components
from the left and right trench sidewalls. The source contribution RS can then be measured
with transfer length measurements (TLMs), as shown in Figure 6. From these measurements,
for one source electrode, the contact and access resistance contributions can be calculated,
estimated as being around ~7.1 Ω·mm and ~5.9 Ω·mm, respectively.
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After removing the RS contribution (measured with TLMs as being around ~13 Ω·mm
for one source electrode) from the Rtot, and by considering the thickness of the p-GaN layer,
we estimated a channel sheet resistance Rsheet,ch of ~91.0 kΩ·sq.

At this point, since the resistance contributions and the charge densities are known,
one can extract the mobilities (µ) from the trench bottom and trench channel areas with
Equation (3):

µ =
1

QRsheet
=

1
qNRsheet

(3)

where ρ is the material resistivity, Q is the charge density, q is the elemental charge, N is the
charge carrier density, and Rsheet is the sheet resistance. The charge density and the charge
carrier density values chosen for devices A and B correspond to those selected at VS = 3 V
by the black dashed line in Figure 4b (i.e., the same gate voltage used for the previous
Rtot calculation in Figure 5b). Finally, synthesis of the main parameters extracted from
resistance partitioning (cf. Figure 5) and the C-V measurements (cf. Figure 4) is exposed in
Table 1.

Table 1. Synthesis of parameters extracted from improved resistance partitioning method for trench
bottom and trench sidewall areas.

Trench Area
Sheet

Resistance
(kΩ·sq)

Q
(C·cm−2)

N
(cm−2)

µ

(cm2/V·s)

Channel ~91.0 9.86 × 10−7 (A) 6.15 × 1012 (A) 11.1
Bottom 39.0 1.70 × 10−6 (B) 1.06 × 1013 (B) 15.1

Consequently, applying Equation (3) with the parameters in Table 1 leads to the
extraction of the effective trench bottom and channel mobilities of 15.1 and 11.1 cm2/V·s,
respectively. As explained in [25], this poor channel mobility value could be mainly related
to the damaged trench sidewalls following the GaN trench etching step, which is a critical
process step for the fabrication of vertical GaN trench MOSFETs [7,26,27]. This should
result, on the one hand, in carrier scattering coming from surface roughness (as seen in
Figure 2b), and on the other hand, in oxide interface traps at the dielectric/GaN interface,
significantly reducing channel mobility.
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Finally, a way higher channel mobility of 30 cm2/V·s is obtained when using the
transconductance method defined as follows:

µch = gm.
L
Z

.
1

Cox
.

1
VD

(4)

where gm is the transconductance, Z is the channel width of 200 µm, L is the channel
length of 0.7 µm, Cox is the gate oxide conductance of 354.8 nF.cm−2, and VD is the drain
voltage defined at 1 V. This low channel mobility is in agreement with the values reported
in the literature for state-of-the-art vertical GaN MOSFETs. Indeed, among the research
groups that extracted the mobility using the transconductance method, studies from Khadar
et al. [7], Ishida et al. [10], and Zhu et al. [28] have fabricated vertical GaN MOSFETs that
demonstrate channel mobilities ranging from 15 to 41 cm2/V·s, while the current record
has been reached by Otake et al. [5], with a channel mobility of ~131 cm2/V·s.

Consequently, the mobility results estimated in this study pave the way for further
improvements, especially by applying a finer post-etch GaN surface treatment to mend the
trench sidewalls from etching damages [10], or by improving the critical dielectric/GaN
interface with a higher-quality gate dielectric [13].

4. Conclusions

This study aimed to evaluate the electrical performances of a fully vertical GaN trench
by means of I-V and C-V measurements. We first proved the normally-OFF behavior
(Vth ~ 1 V), the adequate switching operation (ION/IOFF ~ 109), as well as the significantly
small gate leakage current (10−11 A/mm) of our devices. Then, the resistances of the trench
bottom and trench channel were also extracted using an improved resistance partitioning
method. Subsequently, by considering the difference in electrostatic behavior between
the devices linked to these trench areas, we estimated the effective channel and bottom
mobilities to be 11.1 cm2/V·s and 15.1 cm2/V·s, respectively. These mobility values are
promising and act as a starting point to be improved upon thanks to the optimization
of the gate module, with, for instance, a well-controlled trench etching process, a better
pre-deposition GaN surface treatment, or the integration of an alternative alumina dielectric
into the MOS gate.

Author Contributions: Conceptualization, V.A., H.E.R., V.M., E.F., Y.C., M.C., J.B., and B.S.; method-
ology, V.A. and B.M.; investigation, V.A., B.M., B.S., and J.B.; writing—original draft preparation,
V.A.; writing—review and editing, V.A., B.M., H.E.R., V.M., E.F., Y.C., M.C., G.L., J.B., and B.S.;
visualization, V.A.; supervision, B.S., B.M., and J.B. All authors have read and agreed to the published
version of the manuscript.

Funding: This study was partially supported by the Labex GANEXT (ANR-11-LABX-0014), the
VERTIGO project supported by the French Agence Nationale de la Recherche as part of France
2030 with reference ANR-22-PEEL-0004, and the French RENATECH network through the PTA
technological platforms.

Data Availability Statement: The original contributions presented in the study are included in the
article, further inquiries can be directed to the corresponding authors.

Conflicts of Interest: The authors declare no conflicts of interest.

References
1. Ji, D.; Laurent, M.A.; Agarwal, A.; Li, W.; Mandal, S.; Keller, S.; Chowdhury, S. Normally OFF Trench CAVET With Active

Mg-Doped GaN as Current Blocking Layer. IEEE Trans. Electron Devices 2017, 64, 805–808. [CrossRef]
2. Nie, H.; Diduck, Q.; Brian, A.; Edwards, A.P.; Kayes, B.M.; Zhang, M.; Ye, G.; Prunty, T.; Bour, D.; Kizilyalli, I.C. 1.5-kV and

2.2-mΩ.Cm2 Vertical GaN Transistors on Bulk-GaN Substrates. IEEE Electron Device Lett. 2014, 35, 939–941. [CrossRef]
3. Shibata, D.; Kajitani, R.; Ogawa, M.; Tanaka, K.; Tamura, S.; Hatsuda, T.; Ishida, M.; Ueda, T. 1.7 KV/1.0 MΩcm 2 Normally-off

Vertical GaN Transistor on GaN Substrate with Regrown p-GaN/AlGaN/GaN Semipolar Gate Structure. In Proceedings of the
2016 IEEE International Electron Devices Meeting (IEDM), San Francisco, CA, USA, 3–7 December 2016; IEEE: Piscataway, NJ,
USA, 2016. [CrossRef]

102



Electronics 2024, 13, 2350

4. Zhang, Y.; Sun, M.; Perozek, J.; Liu, Z.; Zubair, A.; Piedra, D.; Chowdhury, N.; Gao, X.; Shepard, K.; Palacios, T. Large Area 1.2 KV
GaN Vertical Power FinFETs with a Record Switching Figure-of-Merit. IEEE Electron Device Lett. 2018, 40, 1. [CrossRef]

5. Otake, H.; Chikamatsu, K.; Yamaguchi, A.; Fujishima, T.; Ohta, H. Vertical GaN-Based Trench Gate Metal Oxide Semiconductor
Field-Effect Transistors on GaN Bulk Substrates. Appl. Phys. Express 2018, 1, 011105. [CrossRef]

6. Oka, T.; Ina, T.; Ueno, Y.; Nishii, J. 1.8 MΩ·cm 2 Vertical GaN-Based Trench Metal–Oxide–Semiconductor Field-Effect Transistors
on a Free-Standing GaN Substrate for 1.2-KV-Class Operation. Appl. Phys. Express 2015, 8, 054101. [CrossRef]

7. Khadar, R.A.; Liu, C.; Soleimanzadeh, R.; Matioli, E. Fully Vertical GaN-on-Si Power MOSFETs. IEEE Electron Device Lett. 2019, 40,
443–446. [CrossRef]

8. Zhu, R.; Jiang, H.; Tang, C.W.; Lau, K.M. Effects of P-GaN Body Doping Concentration on the ON-State Performance of Vertical
GaN Trench MOSFETs. IEEE Electron Device Lett. 2021, 42, 970–973. [CrossRef]

9. Kodama, M.; Sugimoto, M.; Hayashi, E.; Soejima, N.; Ishiguro, O.; Kanechika, M.; Itoh, K.; Ueda, H.; Uesugi, T.; Kachi, T.
GaN-Based Trench Gate Metal Oxide Semiconductor Field-Effect Transistor Fabricated with Novel Wet Etching. Appl. Phys.
Express 2008, 1, 021104. [CrossRef]

10. Ishida, T.; Nam, K.P.; Matys, M.; Uesugi, T.; Suda, J.; Kachi, T. Improvement of Channel Property of GaN Vertical Trench MOSFET
by Compensating Nitrogen Vacancies with Nitrogen Plasma Treatment. Appl. Phys. Express 2020, 13, 124003. [CrossRef]

11. Gupta, C.; Chan, S.H.; Lund, C.; Agarwal, A.; Koksaldi, O.S.; Liu, J.; Enatsu, Y.; Keller, S.; Mishra, U.K. Comparing Electrical
Performance of GaN Trench-Gate MOSFETs with a-Plane and m-Plane Sidewall Channels. Appl. Phys. Express 2016, 9, 121001.
[CrossRef]

12. Mukherjee, K.; De Santi, C.; Borga, M.; You, S.; Geens, K.; Bakeroot, B.; Decoutere, S.; Meneghesso, G.; Zanoni, E.; Meneghini, M.
Use of Bilayer Gate Insulator in GaN-on-Si Vertical Trench MOSFETs: Impact on Performance and Reliability. Materials 2020, 13,
4740. [CrossRef] [PubMed]

13. Goncalez Filho, W.; Borga, M.; Geens, K.; Cingu, D.; Chatterjee, U.; You, S.; Bakeroot, B.; Decoutere, S.; Knaepen, W.; Arnou, P.;
et al. AlON gate dielectric and gate trench cleaning for improved reliability of vertical GaN MOSFETs. In Proceedings of the CIPS
2022; 12th International Conference on Integrated Power Electronics Systems, Berlin, Germany, 15–17 March 2022; pp. 1–5.

14. Zhu, R.; Jiang, H.; Tang, C.W.; Lau, K.M. Enhancing ON- and OFF-State Performance of Quasi-Vertical GaN Trench MOSFETs on
Sapphire With Reduced Interface Charges and a Thick Bottom Dielectric. IEEE Electron Device Lett. 2022, 43, 346–349. [CrossRef]

15. Wang, Y.; Wang, M.; Xie, B.; Wen, C.P.; Wang, J.; Hao, Y.; Wu, W.; Chen, K.J.; Shen, B. High-Performance Normally-Off Al2O3/GaN
MOSFET Using a Wet Etching-Based Gate Recess Technique. IEEE Electron Device Lett. 2013, 34, 1370–1372. [CrossRef]

16. Hu, Q.; Hu, B.; Gu, C.; Li, T.; Li, S.; Li, S.; Li, X.; Wu, Y. Improved Current Collapse in Recessed AlGaN/GaN MOS-HEMTs by
Interface and Structure Engineering. IEEE Trans. Electron Devices 2019, 66, 4591–4596. [CrossRef]

17. Le Royer, C.; Mohamad, B.; Biscarrat, J.; Vauche, L.; Escoffier, R.; Buckley, J.; Becu, S.; Riat, R.; Gillot, C.; Charles, M.; et al.
Normally-OFF 650V GaN-on-Si MOSc-HEMT Transistor: Benefits of the Fully Recessed Gate Architecture. In Proceedings of the
2022 IEEE 34th International Symposium on Power Semiconductor Devices and ICs (ISPSD), Vancouver, BC, Canada, 22–25 May
2022; IEEE: Piscataway, NJ, USA, 2022; pp. 49–52. [CrossRef]

18. Kammeugne, R.K.; Leroux, C.; Cluzel, J.; Vauche, L.; Le Royer, C.; Krakovinsky, A.; Gwoziecki, R.; Biscarrat, J.; Gaillard, F.;
Charles, M.; et al. Accurate Statistical Extraction of AlGaN/GaN HEMT Device Parameters Using the Y-Function. Solid-State
Electron. 2021, 184, 108078. [CrossRef]

19. Piotrowic, C.; Mohamad, B.; Fernandes Paes Pinto Rocha, P.; Malbert, N.; Ruel, S.; Pimenta-Barros, P.; Jaud, M.-A.; Vauche, L.;
Le Royer, C. Impact of Gate Morphology on Electrical Performances of Recessed GaN-on Si MOS Channel-HEMT for Different
Channel Orientations. In Proceedings of the 2023 35th International Symposium on Power Semiconductor Devices and ICs
(ISPSD), Hong Kong, 28 May–1 June 2023; IEEE: Piscataway, NJ, USA, 2023; pp. 382–385. [CrossRef]

20. Ruzzarin, M.; Geens, K.; Borga, M.; Liang, H.; You, S.; Bakeroot, B.; Decoutere, S.; De Santi, C.; Neviani, A.; Meneghini, M.; et al.
Exploration of Gate Trench Module for Vertical GaN Devices. Microelectron. Reliab. 2020, 114, 113828. [CrossRef]

21. Esposto, M.; Krishnamoorthy, S.; Nath, D.N.; Bajaj, S.; Hung, T.-H.; Rajan, S. Electrical Properties of Atomic Layer Deposited
Aluminum Oxide on Gallium Nitride. Appl. Phys. Lett. 2011, 99, 133503. [CrossRef]

22. Bisi, D.; Chan, S.H.; Liu, X.; Yeluri, R.; Keller, S.; Meneghini, M.; Meneghesso, G.; Zanoni, E.; Mishra, U.K. On Trapping
Mechanisms at Oxide-Traps in Al2O3/GaN Metal-Oxide-Semiconductor Capacitors. Appl. Phys. Lett. 2016, 108, 112104.
[CrossRef]

23. Rrustemi, B.; Piotrowicz, C.; Jaud, M.-A.; Triozon, F.; Vandendaele, W.; Mohamad, B.; Gwoziecki, R.; Ghibaudo, G. Effect of
Doping on Al2O3/GaN MOS Capacitance. Solid-State Electron. 2022, 194, 108356. [CrossRef]

24. Götz, W.; Johnson, N.M.; Walker, J.; Bour, D.P.; Street, R.A. Activation of Acceptors in Mg-Doped GaN Grown by Metalorganic
Chemical Vapor Deposition. Appl. Phys. Lett. 1996, 68, 667–669. [CrossRef]

25. Treidel, E.B.; Hilt, O.; Hoffmann, V.; Brunner, F.; Bickel, N.; Thies, A.; Tetzner, K. On the Conduction Properties of Vertical GaN
N-Channel Trench MISFETs. IEEE J. Electron Devices Soc. 2021, 9, 215–228. [CrossRef]

26. Zhang, Y.; Sun, M.; Liu, Z.; Piedra, D.; Hu, J.; Gao, X.; Palacios, T. Trench Formation and Corner Rounding in Vertical GaN Power
Devices. Appl. Phys. Lett. 2017, 110, 193506. [CrossRef]

103



Electronics 2024, 13, 2350

27. Yamada, S.; Sakurai, H.; Osada, Y.; Furuta, K.; Nakamura, T.; Kamimura, R.; Narita, T.; Suda, J.; Kachi, T. Formation of Highly
Vertical Trenches with Rounded Corners via Inductively Coupled Plasma Reactive Ion Etching for Vertical GaN Power Devices.
Appl. Phys. Lett. 2021, 118, 102101. [CrossRef]

28. Zhu, R.; Jiang, H.; Tang, C.W.; Lau, K.M. GaN quasi-vertical trench MOSFETs grown on Si substrate with ON-current exceeding
1A. Appl. Phys. Express 2022, 15, 121004. [CrossRef]

Disclaimer/Publisher’s Note: The statements, opinions and data contained in all publications are solely those of the individual
author(s) and contributor(s) and not of MDPI and/or the editor(s). MDPI and/or the editor(s) disclaim responsibility for any injury to
people or property resulting from any ideas, methods, instructions or products referred to in the content.

104



Citation: Guo, J.; Chen, Y.; Zhang, Y.;

Sun, L.; Zhou, Y.; Song, Q.; Tang, X.;

Zhang, Y. Collaborative Design of

Pulsed-Power Generator Based on

SiC Drift Step Recovery Diode.

Electronics 2024, 13, 2152.

https://doi.org/

10.3390/electronics13112152

Academic Editor: Francesco

Giuseppe Della Corte

Received: 26 March 2024

Revised: 20 April 2024

Accepted: 1 May 2024

Published: 31 May 2024

Copyright: © 2024 by the authors.

Licensee MDPI, Basel, Switzerland.

This article is an open access article

distributed under the terms and

conditions of the Creative Commons

Attribution (CC BY) license (https://

creativecommons.org/licenses/by/

4.0/).

electronics

Article

Collaborative Design of Pulsed-Power Generator Based on SiC
Drift Step Recovery Diode
Jingkai Guo, Yahui Chen, Yu Zhang, Lejia Sun *, Yu Zhou, Qingwen Song, Xiaoyan Tang and Yuming Zhang

School of Microelectronics, Xidian University, Xi’an 710071, China; jk_guo@stu.xidian.edu.cn (J.G.);
yahuichen@stu.xidian.edu.cn (Y.C.); yz_99@stu.xidian.edu.cn (Y.Z.); yzhou_6083@stu.xidian.edu.cn (Y.Z.);
qwsong@xidian.edu.cn (Q.S.); xytang@mail.xidian.edu.cn (X.T.); zhangym@xidian.edu.cn (Y.Z.)
* Correspondence: ljsun@xidian.edu.cn

Abstract: Despite the extensively researched physical principles, numerous published simulations
on SiC drift step recovery diodes (SiC DSRD) and the practical implementation of SiC DSRD-based
pulses, there are few kinds of research focusing on collaborative design between a SiC DSRD and its
driving circuit. In this paper, a collaborative design method of a SiC DSRD and its driving circuit
are presented. In addition, a detailed simulation is conducted to verify design considerations and to
analyze the impact of driving parameter changes on the output pulse waveform. A pulse generator
prototype with a self-developed SiC DSRD is implemented. The experimental results show that the
circuit can output a peak voltage of 790 V on a matching load of 50 Ω, with a rise time of 520 ps
(20%~80%), and can work at a 1 MHz repetition frequency rate with good stability.

Keywords: SiC; pulsed power circuit; drift step recovery diodes; sub-nanosecond

1. Introduction

Pulsed power technology is a method that compresses energy from milli- or microsec-
onds to nano- or picoseconds on the time scale and brings several orders of magnitude
increase in the power level. This technology finds extensive applications across various
industries such as food processing, nitric oxide production, water and exhaust gas treat-
ment, and ion implantation, among others [1]. Numerous experiments have demonstrated
that nanosecond pulses are particularly advantageous for these applications [2–4]. While
conventional semiconductor switches like IGBTs, MOSFETs, and thyristors can effectively
generate microsecond power pulses in such scenarios, they are not suitable for generating
high-voltage nanosecond pulses. To address this issue, drift step recovery diodes (DSRDs)
can be employed [5].

Drift step recovery diodes (DSRDs), as a new type of semiconductor opening switch,
can generate a nanosecond pulse on the load through a matching external trigger circuit.
However, the DSRD has strict requirements for circuit matching. The unmatched driving
circuits will lead to a decrease in the output peak, the slowdown of the pulse front, and an
increase in power loss owing to the appearance of pre-pulse.

Based on DSRD devices, a number of scholars have reported extensive research. The
Russian Ioffe Physical-Technical Institute developed a pulsed generator with a front edge
of 600 ps and an amplitude of 2 kV [6]. Israel’s Soreq Nuclear Laboratory presented a solid-
state pulsed generator with a front edge of less than 1 ns and an amplitude of 6 kV [7]. The
American SLAC National Accelerator Laboratory reported a pulsed power supply. The rise
time was less than 2 ns and the amplitude was 15 kV based on the DSRD front-end pump
circuit [8,9]. The Northwest Institute of Nuclear Technology in China developed a pulsed
generator with a pulse front of 700 ps and an amplitude of 2 kV [10]. In 2016, V.A. Ilyin
et al. reported the circuit test results of an eight-diode-stacked 4H-SiC DSRD device with
the P+PN+ structure. The rise time of the output pulse was 900 ps with an amplitude of
10.5 kV and verified the possibility of stacking 4H-SiC DSRD devices for the first time [11].
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In the same year, B.V. Ivanov et al. reported the results of the repetition frequency operation
test of a single diode P+PN+ structure. The rise time of the output pulse was 500 ps with
an amplitude of 1.8 kV and a maximum repetition frequency of 500 kHz [12]. In 2018,
T Goto et al. from Tsukuba University of Japan prepared a SiC DSRD with a P+PNN+
structure. It is different from the conventional P+PNN+ structure. In conventional P+PNN+
structure, the P-type base region stores plasma, and the N-type base region bears pressure.
However, based on the result of the simulation, T Goto et al. found that the 9 µm thick
P-type base region matches the 8 µm thick N-type base region when the pulse generator
output voltage is the largest and the rise time is shorter. After stacking five diodes, the
rise time of the output pulse was 2.3 ns with an amplitude of 11 kV [13]. In addition, V.A.
Ilyin et al. reported the test results of 15 diodes stacked with a 4H-SiC DSRD, with an
output pulse rise time of 1.6 ns and an amplitude of 30.5 kV [14]. In the same year, Wang
Yajie et al. reported a pulse generator with an output pulse amplitude of 2 kV and a pulse
front of 680 ps (20%~90%). Based on the equivalent model of DSRD, the simulation model
of the forward-and-reverse pump circuit is established. According to the requirements
of output voltage, the values of energy storage inductance are simulated and analyzed.
Finally, optimal values of the component parameters in the circuit are obtained [15]. In
2020, Sun Ruize et al. reported a SiC DSRD device with the P+PNN+ structure, in which
the breakdown voltage was above 10.9 kV. The measured output pulse rise time was 1.75 ns
with an amplitude of 10.56 kV, and the maximum repetition frequency was 1 MHz [16].
In 2021, Liang Lin et al., from Huazhong University of Science and Technology of China,
reported the testing results of a SiC DSRD circuit using four-way parallel triggering. The
measured rise time of the output pulse was 1.011 ns, and the amplitude was 2.302 kV.
By adjusting the DC bias voltage of the input circuit, they found that the amplitude and
rise time of the output voltage of the device increase with the increase in the DC bias
voltage [17].

Although the match between a DSRD and its driving circuits is an important issue,
little research pays attention to the collaborative design of DSRD and its driving circuits.
In this paper, a collaborative design method of a SiC DSRD and its driving circuit are
presented. In addition, a detailed simulation is conducted to verify design considerations
and to analyze the impact of driving parameter changes on the output pulse waveform. A
pulse generator prototype with self-developed SiC DSRD is implemented.

2. Design of SiC DSRD Device
2.1. Operation Principle of SiC DSRD

A simplified operating circuit is shown in Figure 1a. The DSRD is connected in parallel
to the load. The waveform of input current Iin is shown in Figure 1b. Id and Iout are the
currents flowing through the DSRD and the load, respectively. When the DSRD is turned
off, Iin is switched from the the DSRD loop to the load loop, then forms a high-voltage fast
pulse on the load (RL).

Figure 1c shows the carrier concentration and electric field distributions at different
times. Initially, the DSRD is in the blocking state due to the existence of the space charge
region (SCR). Before t0, the hole concentration and doping concentration are basically the
same in the base region, whereas the electron concentration can be ignored. Then, Iin
provides a forward current to the DSRD. Electrons and holes, from the N+ region and
P+ region, are injected into the base region. It decreases the resistance of the base region.
During the t1-t2 process, the current Iin changes direction into reverse to extract the plasma
in the base area. The resistance of the base region is still low due to the existence of
high-concentration plasma. At time t2, the plasma is completely extracted, and the reverse
current reaches the maximum. At this moment, the majority of carriers are extracted by
the reverse current Iin and move with the saturated velocity. Meanwhile, the space charge
region forms at the PN+ junction and expands with the speed of saturated velocity. As a
result, the resistance of the base region sharply increases, and the current switches from the
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DSRD to the parallel connected load with the output pulse. At time t3, the space charge
region is completely established, and the output pulse reaches its maximum voltage.
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In addition, for SiC DSRDs, vast loss of injected charge is a general issue [18,19] which
may lead to a decrease in DSRD energy efficiency. The charge loss rate is defined as Q-
/Q+. The extracted non-equilibrium charge Q- and injected charge Q+ are defined by the
areas under current transient response at different stages of the recovery process of the
DSRD [20].

2.2. Parameter Selection and Optimization of SiC DSRD

It is worth noting that, in the process of plasma extraction, if the carrier concentration
at the base region cannot sustain the reverse current, major carriers will accumulate at the
border of the P+P junction [21]. In this case, the voltage drop on the base will occur before
the cutoff, resulting in the appearance of pre-pulse. It increases the power loss of the DSRD.
To avoid the appearance of the pre-pulse, in terms of the DSRD design, the maximum
reverse current (Imax) must satisfy the following:

Imax ≤ qNAvsS (1)

In Equation (1), q is the elementary charge quantity; NA is the base doping concentra-
tion; vs is the carrier-saturated drift velocity of the base region; and S is the active area of
the DSRD.

In addition, the breakdown voltage (VBV) of the DSRD is the main parameter that
restricts the output peak voltage (Vmax) of the pulse generator. In other words, VBV puts an
upper limitation on the output peak current. The DSRD breakdown voltage VBV can be
expressed as

VBV ∝ NA
−1W (2)
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The output peak voltage Vmax is

Vmax = ImaxRL (3)

The relation between VBV and Vmax is

Vmax ≈ VBV (4)

Therefore, the Imax is limited by NA and W, as shown in Equation (6):

Imax =
Vmax

RL
(5)

Imax ∝ NA
−1W (6)

In Equations (2) and (3), W is the base width; RL is the load resistance which is usually
50 Ω.

Then, the suitable structure parameter of DSRD can be determined. At first, the Imax
value or Vmax value will be given in advance according to practical requirements. Next, the
value of the W, NA, and S can be chosen based on Equations (1) and (6). That is to say, when
one of the three parameters is given, the other two parameters will also be obtained. For
example, in this paper, the given Vmax value is 800 V. Based on the given design method,
a SiC DSRD is designed. The thicknesses of the p+ and p-base layers are 2 µm and 6 µm,
with accepted concentrations of 1 × 1019 and 2 × 1016 cm−3, respectively; the n+ layer
has a thickness of 5 µm and a doping concentration of 1 × 1019 cm−3. The active area S is
0.28 mm2.

3. Collaborative Design of DSRD-Based Pulse Generator
3.1. Working Principle of Driving Circuit

The schematic diagram of the driving circuit of the DSRD is illustrated in Figure 2.
which consists of two DC power supplies with voltage V1 and V2, the primary switch of
SiC MOSFET(MOS), energy storage inductances L1 and L2, the decoupling capacitance C1,
the resonant capacitance C2, the dc-blocking capacitance C3, the decoupling capacitance C4,
the DSRD device, and the load RL.
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Figure 2. Schematic diagram of DSRD-based pulse generator.

The working process can be divided into four intervals, which are shown in Figure 3.
Figure 4 shows the current waveforms during the operation.

Interval 1: Initially, the MOS is off-state, and the resonant capacitance C2 is charged
by V1 and V2 to the initial voltage ∆V = V1 − V2.
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Interval 2: At t0, the MOSFET is turned on; then, the circuit can be divided into two
loops, which are V1-L1-MOSFET(loop1) and C2-MOSFET-DSRD-L2(loop2). In loop1, the
inductor L1 stores the energy from V1, and the current of L1 can be expressed as

iL1 =
V1

L1
t (7)

In loop2, the inductor L2 and capacitor C2 begin to resonate, and at t1 the resonant
current reaches its peak value, then it begins to decrease. The resonant current which can
be considered as the forward current accumulates charge carriers in the DSRD; the resonant
current can be expressed as

iL2 =
∆V

ω2L2
sin(ω2t), ω2 = 1/

√
L2C2 (8)
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Interval 3: At t2, the MOSFET turns off. The energy stored in L1 needs to be released
through C2, L2, and DSRD. Then, the resonant current decreases rapidly. At t3, the resonant
current reverses. During the interval, the resonant current extracts charged plasma which
has been accumulated in interval 2.

Interval 4: At t4, the plasma in the DSRD base region is depleted by the extracting
process, and the DSRD is rapidly turned off. Then, the high current through the DSRD is
swiftly switched to the load RL, generating a high-voltage pulse.

3.2. Conduction Time of the MOSFET

In order to weaken the effect of carrier recombination, the charge carrier’s accumula-
tion process in DSRD should satisfy the following equation:

∆T + (t4 − t2) ≤ τ (9)

where ∆T represents the conduction time of the MOSFET, τ represents the carrier lifetime
of the SiC DSRD, which equals 40 ns. Therefore, the conduction time ∆T is selected as 25 ns.

3.3. Inductance Design

The inductors used in power pulse technology often require a wide frequency response.
Due to the easy saturation and large inductance deviation under different frequencies of
the magnetic core inductor, the hollow inductor is selected in this design.

Based on the working principle illustrated above, the high-voltage pulse is generated
by the high current through the DSRD swiftly switched to the load RL. During the voltage
pulse output, the current of L2 can be expressed as

IL2 = Ipeake(−
t

L2/RL
) (10)

The energy stored in the inductor L2 can be expressed as

Wmax =
1
2

L2 I2
L2

=
1
2

L2 I2
peake(

2t
L2/RL

) (11)

Based on (11), the relationship between the value of L2 and its stored energy is shown
in Figure 5.
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It can be seen that when the L2 equals 75 nH, the energy stored in L2 reaches its
maximum value. In practice, the L2 is selected as 100 nH.

In order to ensure that the designed inductance works in the linear region, the max-
imum current of L1 is selected as iL1-max = 9.5 A. Therefore, the inductance of L1 can be
calculated as

L1 =
V1

iL1−MAX
∆T (12)
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Based on (12), when ∆T = 25 ns, V1 = 120 V, and iL1-max = 9.5 A, L1 = 320 nH is selected.
Table 1 shows the selected circuit parameters.

Table 1. Pulse generator parameters.

Parameters Values

L1 320 nH
L2 100 nH
C1 1 nF
C2 15 nF
∆T 25 ns

3.4. Capacitance Design

During the interval2, in circuit loop2, the on-resistance of MOSFET (RDSon), the on-
resistance of the DSRD (RDSRD), the capacitance C2, and the inductance L2 begin to resonate
and the equation can be achieved as

L2C2
d2uC2

dt2 + RC2
duC2

dt
+ uC2 = 0 (13)

Assuming that the MOSFET is turned off when the resonant current of L2 and C2
reaches its peak value, the following equation can be achieved as

C2 =
4∆T2

π2L2
(14)

where the R represents the sum of the RDS(on) and RDSRD. Based on (13) and (14), when
∆T = 25 ns and L2=100 nH, C2 = 15 nF is achieved.

3.5. MOSFET and Driver Design

In the pulse generator, the MOSFET is used to switch between forward-carrier injection
and reverse-carrier extraction. In order to achieve an ultra-fast edge of the output pulse, the
MOSFET needs to have a fast turn-off speed. Therefore, the RF MOSFET (DE475-102N21A)
with 8 ns turn-off time is selected. To match the RF MOSFET (DE475-102N21A), the driver
chip (IXRFD630) which is recommended by the device manufacturer is selected. The device
parameters are listed in Table 2.

Table 2. MOSFET and driver parameters.

DE475-102N21A IXRFD630

VDS = 1000 V Vcc = 30 V

ID25 = 24 A Iin = 10 µA

IDM = 144 A Ipeak = 28 A

RDS(on) < 0.45 Ω VOH = 30 V

Ton = 5 ns Tr = 4 ns

Toff = 8 ns Tf = 4 ns

4. Simulation Analysis

In order to analyze the impact of the parameter changes on the waveform of the output
pulse, the simulation based on the software Pspice (https://www.pspice.com/ (accessed
on 26 January 2024)) is conducted. Figure 6a shows the simulation output pulse waveform
with a different conduction time ∆T, which is changed from 10 ns to 90 ns with an interval
of 20 ns. It can be seen that when ∆T = 10 ns, the output pulse is relatively low due to the
MOS being turned off at a small current in circuit loop1. When the ∆T changes from 30 ns

111



Electronics 2024, 13, 2152

to 70 ns, the pulse amplitude increases slightly, and the energy of each power pulse also
improves. As energy increases, electromagnetic interference becomes more serious, which
brings a larger secondary pulse. When ∆T = 90 ns, the output pulse disappears due to the
large recombination of carriers in the DSRD base region. Figure 6b shows the simulation
output pulse waveform with a different conductor, L2, which is changed from 40 nH to
130 nH with an interval of 30 nH. It can be seen that when L2 = 70 nH, the pulse amplitude
reaches its peak value. As the L2 increases, both the pulse delay and pulse discharge time
are prolonged. Figure 6c shows the simulation output pulse waveform with a different
conductor, L1, which is changed from 40 nH to 160 nH with an interval of 30 nH. It can be
seen that a smaller L1 should make the output pulse appear unexpectedly flat-topped, and a
larger L1 should make the pulse amplitude reduce. Figure 6d shows the simulation output
pulse waveform with a different capacitor C1, which is changed from 40 pF to 1640 pF with
an interval of 400 pF. It can be seen that when C1 = 440 pF, the pulse amplitude reaches its
highest value. Figure 6e shows the simulation output pulse waveform with a different ∆V
by adjusting V1, which is changed from 30 V to 150 V with an interval of 30 V. It can be seen
that the pulse amplitude does not change significantly, but the pulse width increases which
means the pulse energy is related to the ∆V. Figure 6f shows the simulation output pulse
waveform with different V1 and V2 while maintaining a constant ∆T. When V1 increases
to 150 V, the pulse amplitude no longer changes. However, considering that the energy
storage of the inductor L1 is small when the V1 is low, the pulse amplitude is decreased
due to insufficient energy storage. For trade-offs, V1 = 210 V is optimal.
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5. Experimental Result

According to the parameters obtained in Table 1, a pulse generator prototype was built
based on a self-developed SiC DSRD, as shown in Figure 7a. We selected the IXRFD630
driver from IXYS company and the DE475-102N21A RF MOSFET as a switch. Figure 7b
shows that the Tektronix MSO64B Oscilloscope captures the output waveform. The output
load uses two 30 dB attenuators connected to the oscilloscope via coaxial lines. The SDN-
414-05 current divider from T&M Germany was used to obtain the current flowing through
the DSRD.
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Figure 7. The pulse generator and output waveforms of the pulse generator are based on SiC DSRD.
(a) Pulse generator based on self-developed SiC DSRD; (b) the test platform; (c) output voltage
waveform of pulse generator with 790V; (d) output voltage waveform of pulse generator with peak
amplitude 790 V and 1 MHz repetition rate under V1 = 120 V, V2 = 40 V; (e) output voltage waveform
of pulse generator with peak amplitude 700 V under V1 = 90 V, V2 = 30 V; (f) output voltage waveform
of pulse generator with peak amplitude 700 V and 500kHz repetition rate under V1 = 90 V, V2 = 30 V.

Figure 7c shows the waveform of a single power pulse. It can be seen that there
is no pre-pulse in the output waveform. The peak voltage is 790 V, and the pulse rise
time is 520 ps, which meets the design requirements (820 V) of the pulse generator. In
addition, there is a slight secondary pulse observed in the waveform. Figure 7d shows
the test result of the pulsed generator with a repetition rate of 1 MHz under V1 = 120 V,
V2 = 40 V. Figure 7e,f show the output voltage waveform of the pulse generator with 700 V
and 500 kHz repetition rate under V1 = 90 V, V2 = 30 V. The stable output pulse indicates
the excellent stability of the pulsed generator.
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6. Conclusions

According to the operating principle of DSRDs, this paper presents a collaborative
design method of a SiC DSRD and the pulse generator based on it. An optimal method
of DSRD parameters is proposed from the viewpoint of driving circuit requirements. In
addition, a detailed simulation is conducted to verify design considerations and to analyze
the impact of driving parameter changes on the output pulse waveform. A pulse generator
based on a SiC DSRD was developed. The experimental results show that the generator can
output a peak voltage of 790 V on a matching load of 50 Ω, with a pulse rise time of 520 ps.
The pulse front is in the sub-nanosecond level with good stability and can be applied in
miniaturized ultra-wideband electromagnetic pulse generators.
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Abstract: In this study, we demonstrate breakdown voltage at 1500 V of GaN on a QST power device.
The high breakdown voltage and low current collapse performance can be attributed to the higher
quality of GaN buffer layers grown on QST substrates. This is primarily due to the matched coefficient
of thermal expansion (CTE) with GaN and the enhanced mechanical strength. Based on computer-
aided design (TCAD) simulations, the strong electric-field-induced trap-assisted thermionic field
emissions (TA-TFEs) in the GaN on QST could be eliminated in the GaN buffer. This demonstration
showed the potential of GaN on QST, and promises well-controlled performance and reliability under
high-power operation conditions.

Keywords: GaN on engineered poly-AlN substrates; QST substrate; GaN on Si substrate; HEMT;
high breakdown voltage

1. Introduction

Gallium nitride (GaN) has emerged as a crucial material for the next generation of
high-frequency and high-power devices due to its exceptional properties, including a
high concentration of two-dimensional electron gas (2DEG), superior carrier mobility, low
on-resistance, and high breakdown voltage [1–3]. These attributes have propelled GaN to
the forefront of semiconductor materials, enabling its utilization across a broad spectrum of
high-performance electronic and optoelectronic devices. Traditionally, sapphire and silicon
substrates have been favored for GaN device fabrication due to their availability and cost-
effectiveness. However, their lower thermal conductivity presents a significant challenge for
GaN epitaxy, particularly in achieving thick epi-layer stacks for high breakdown voltages
exceeding 1200 V [4].

This challenge has been addressed through the incorporation of carbon-doped GaN
(GaN:C) buffer layers with HEMT devices, which primarily improves drain leakage currents
and increases the breakdown voltage [5]. To tackle these challenges effectively, enhancing
the growth of high-resistivity GaN buffers is crucial for achieving robust electrical insulation
from silicon substrates, characterized by minimal leakage currents and a high breakdown
voltage.

Electronics 2024, 13, 2143. https://doi.org/10.3390/electronics13112143 https://www.mdpi.com/journal/electronics116



Electronics 2024, 13, 2143

In our study, we introduce superlattice buffer layers on Qromis Substrate Technology
(QS) substrates to reduce the difference in thermal expansion coefficients. This approach
enhances the interfacial quality and electronic properties of GaN-based devices. The supe-
rior epitaxial quality of GaN layers on QST substrates, compared to those on Si substrates,
is expected to significantly enhance device performance [6,7]. Our analysis revealed the
superior performance of AlGaN/GaN high-electron-mobility transistors (HEMTs) with
QST substrates, achieving a hard breakdown of up to 1500 V. This improvement can be
attributed to the superior thermal expansion coefficient between QST substrates and GaN
epitaxy, contributing to the enhanced effectiveness of GaN:C thickness to reduce drain
leakage currents compared to Si substrates. It is believed that the improved GaN on QST
epitaxy process leads to a higher breakdown value.

2. Materials and Methods

The epitaxial layers of the Al0.24Ga0.76N/GaN-power high-electron-mobility transis-
tors (HEMTs) were grown on high-thermal-conductivity QST substrates by metal–organic
chemical vapor deposition (MOCVD). Prior to the preparation of the buffer and active
layers, an AlN nucleation layer (NL) was grown to compensate for lattice mismatch and
reduce dislocation density within the fabricated devices. This involved the initial growth
of a 60 nm AlN nucleation layer to elevate the conduction band energy within the buffer
layer and mitigate leakage currents. The AlN NL served to establish a robust foundation
for epitaxial growth, enhancing the electrical isolation and thermal conductivity of the
device. Following the nucleation layer, a 2 µm thick AlN/GaN superlattice buffer layer was
prepared. Subsequently, buffer layer thicknesses ranging from 1 µm to 3 µm were prepared
for a comparison of breakdown voltages. Following this, a 300 nm thick undoped GaN
channel layer was grown. The structural diagram is depicted in Figure 1a. Subsequently,
the AlGaN barrier layer and GaN cap layer were grown on the channel layer, facilitating
the formation of high-electron-mobility and two-dimensional electron gas (2DEG) at the
interface with the AlGaN barrier layer. The quality of this layer is crucial for the device’s
overall performance, particularly in terms of on-resistance (RON).
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The composition and thickness of these layers are meticulously calculated to optimize
the device’s electrical characteristics. The epitaxial layer structure of the GaN on QST
and Si substrate and its cross-sectional transmission electron microscopy (TEM) image are
illustrated in Figure 1b,c, showcasing the QST substrate high-quality epitaxial growth and
the interfaces between the various layers. HEMTs fabricated on QST substrates demon-
strate high breakdown voltages and mechanical strength, highlighting the advantages of
employing QST for the development of robust and efficient HEMT power devices. This
fabrication approach underscores the significance of layer engineering in creating devices
capable of withstanding high voltages and thermal stresses, rendering them suitable for a
broad range of high-power applications.
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For the fabrication of MIS-HEMTs, the device process commenced with mesa isolation
via Ar implantation. Subsequently, source/drain (S/D) ohmic contact formation was
carried out using Ti/Al/Ni/Au stacking layers, followed by annealing at 875 ◦C. After this
high-temperature process, ALD-grown 2/20 nm thick AlN/Al2O3 layers were deposited
to serve as both the gate dielectric layer and the first passivation layer [8]. Next, the gate
metal was deposited and patterned. Following this, a thick SiO2 inter-layer dielectric
(ILD) was applied, followed by the deposition metal 1 (M1), thick SiO2 inter-metal-layer
dielectric (IMD), and metal 2 (M2). The M1 layer was 1 mm thick Al and the M2 layer
was 2.5 mm thick Al. The backend process followed the CMOS BEOL rule. Finally, a thick
SiNx passivation layer was deposited onto the patterned device structure. The device
dimensions, denoted by LG/LGS/LGD, were 2/3.5/22 µm, with these geometric parameters
playing a critical role in determining the overall device performance. Figure 2 presents a
cross-sectional schematic view of the fabricated devices.
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3. Result and Discussion

To investigate the impact of QST substrates on device performance, we measured
the transfer device characteristics of the fabricated devices, as shown in Figure 3. The
threshold voltage was about −12.7 V, and the subthreshold swing was about 98.1 mV/dec,
which implies that the device is a well-controlled metal–insulator–semiconductor (MIS)
depletion-mode (D-mode) HEMT.
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To demonstrate the superiority of QST substrates over Si substrates, the investigation
extended into the off-state behavior of devices. The off-state leakage current was defined
as VD for ID achieved at 1 µA, as shown in Figure 4a. The variation in GaN:C thickness

118



Electronics 2024, 13, 2143

(1~3 µm) of the ID,off leakage current was analyzed when fixing the SL thickness at 2 µm. It
was demonstrated that a thicker GaN:C layer of 3 µm more effectively improved the ID,off
leakage current. The obtained values of BV showed a positive correlation to the thickness of
GaN:C, which is consistent with a previous report of GaN on Si epitaxy [4]. The breakdown
voltages were investigated as a function of the total thickness of the epitaxial structure,
as depicted in Figure 4b. The maximum thickness of the GaN buffer layer (SLs+GaN:C)
in the QST substrate was 5 µm, whereas the maximum thickness of the GaN buffer layer
in the Si substrate was 5.5 µm. A breakdown voltage capability of 1500 V was achieved
with GaN on the QST substrate, compared to only 1200 V for GaN on the Si substrate. A
linear trend was observed between high breakdown voltage and thickness in GaN on the
QST substrate. Therefore, it is believed that a GaN buffer layer thicker than 5 µm on the
QST substrate could achieve high performance. A thick GaN buffer layer (>10 µm) will be
pursued in future work. Devices grown on highly resistive substrates experience a limited
supply of carriers from the depleted region of the substrate, primarily from thermally
generated carriers. This leads to substrate depletion [9,10], a phenomenon observed only
with highly resistive substrates. As substrate depletion occurs, the electric field on the
substrate intensifies, triggering different carrier generation processes such as Shockley–
Read–Hall (SRH) generation and/or impact ionization. The QST substrate, composed of
materials with a coefficient of thermal expansion (CTE) as a handling layer of the Si(111)
layer, exhibits higher resistivity [11]. Consequently, it can withstand a higher electric field,
resulting in a higher breakdown voltage than the GaN on Si substrate.

Figure 4. (a) Off-state ID–VD characteristics with GaN:C thickness; (b) breakdown voltage of epitaxial
structures on Si substrate for various epitaxial thickness.

Figure 4. (a) Off-state ID–VD characteristics with GaN:C thickness; (b) breakdown voltage of epitaxial
structures on Si substrate for various epitaxial thickness.

The bowing of epitaxial structures on Si or QST substrates is depicted as a function
of the full width at half maximum (FWHM) of X-ray rocking curves from GaN (10–12)
diffraction, as shown in Figure 5. Moreover, bowing corresponds to a concave shape; the
definition of bowing is illustrated in the inset of this figure. This indicates that threading
dislocations alleviate the compressive stress induced in the superlattice (SL) structure and
following the thick GaN:C layer during growth, resulting in larger concave bowing with
tensile stress due to thermal expansion mismatches during the cooling process after growth.
Dislocation dynamics significantly influence the bowing of semiconductor layers. This can
be referenced by studies that explore the impact of dislocation density on material bowing
and mechanical properties [12,13]. It has been observed that the peak FWHM of the XRD
rocking curve remains consistent, while the bowing varies. This indicates that although
lattice mismatching is compatible, the resultant thermal coefficient mismatching differs
from that observed in GaN on Si structures. Considering QST substrates, it is noted that
while the top layer remains Si(111), a thick core layer with a matched CTE is introduced into
the QST substrate. Therefore, the thermal-induced lattice mismatch is mitigated [11]. The
wafer bowing of GaN on QST is smaller than that of GaN on Si, despite similar dislocation
densities. This is because the CTE layer of the QST substrate enables the release of substrate
bowing during the cooling process after the growth of GaN in MOCVD. GaN on QST not
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only ensures precise stress management in the epitaxial layer structure, but also necessitates
improvement in the crystallinity of epitaxial films to grow GaN on Si with reduced bowing.
The obtained bowing ranges from 10 to 30 µm for 200 mm wafers, which is sufficiently
small for processing in a conventional fabrication line for Si devices.

Figure 5. Bowing of epitaxial structures as a function of the FWHM of X-ray rocking
curves from GaN(10–12).

Figure 5. Bowing of epitaxial structures as a function of the FWHM of X-ray rocking curves from
GaN(10–12).

The pulsed output characteristics obtained at bias points of (VGS, VDS) = (0 V, 0 V),
(−12 V, 0 V), and (−12 V, 10 V). The results indicate the presence of trap states that
significantly affect the devices’ current response to voltage changes. Figure 6 presents
the gate and drain lag measurements for GaN HEMTs grown on QST, highlighting their
response under varied bias conditions. Specifically, for the GaN on QST sample, the gate
lag percentages were 13.3% at VD = 6 V and 10.6% at VD = 10 V; drain lag percentages were
31.9% at VD = 6 V and 30.2% at VD = 10 V. These findings are crucial for understanding the
dynamic behavior of the devices under a range of bias conditions. This behavior suggests
that trap-induced lag is a critical factor in device performance, particularly affecting the
reliability and operational efficiency under varying electronic loads. The ID versus the
VDS characteristics of GaN HEMTs on QST, when subjected to the aforementioned bias
conditions, reveal significant insights, indicating superior buffer layer quality with fewer
trap states and a more efficient trap release mechanism. Hence, the advanced buffer layer
in the GaN on QST HEMTs correlates with enhanced device performance, characterized
by reduced gate/drain lag effects under the specified measurement conditions. This
underscores that the buffer layer of GaN on QST substrates providing a more formidable
barrier against trap-related degradation, thereby ensuring greater charge carrier mobility
and augmented device reliability [14,15].

QST substrates enhance GaN HEMTs by providing a stable, thermal expansion coeffi-
cient platform for growth, reducing defects that cause carrier trapping. Optimized epitaxial
growth on QST leads to uniform, high-quality buffer layers, crucial for minimizing trapping
and the resulting drain lag.

The low-temperature (5 K) photoluminescence (PL) spectrum served as a diagnostic
tool to assess the material quality, carrier concentration, and trap states in GaN HEMT
devices. In contrast, we carried out previous work on an optimal GaN on Si device as
a reference [16]. Regarding material quality, the sharpness and the positioning of the
near-band-edge emission peak were crucial indicators. A notably narrow and intense peak,
typically at approximately 360 nm for GaN, denoted a high crystalline quality with minimal
defects. For GaN HEMT devices, the spectrum revealed that the PL peak, as shown in
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Figure 7, for devices on QST substrates was sharper and more pronounced than that on Si
substrates, signifying a superior material quality of the QST substrate.
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Figure 6. Measurement pulsed output characteristics under the bias point: (VGS, VDS) = (0 V, 0 V),
(−12 V, 0 V), (−12 V, 10 V).
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Figure 7. PL spectra from the GaN on QST/Si substrate.

As for carrier concentration, the PL peak intensity correlated directly with the radiative
recombination rate, which could be linked to the carrier concentration. It was found
that higher-intensity peaks were suggestive of elevated carrier concentrations within the
material, provided that non-radiative processes were not predominant. Moreover, trap
states were inferred from additional peaks in the longer wavelengths, typically in the visible
range, which were indicative of deep-level or defect-related emissions. The PL spectrum
for GaN on Si exhibited a broader peak with additional features in comparison to GaN
on QST, potentially indicating a higher density of trap states in the Si substrate material.
Analyzing the spectral data, the GaN on QST peak was discerned to be narrower and more
intense at the band edge, coupled with fewer long-wavelength emissions, thus implying an
improved material quality, enhanced carrier concentration, and a reduced number of trap
states in comparison to GaN on Si [17,18].

To gain a deeper understanding of the physical phenomenon of TA-TFE in AlGaN/GaN
HEMTs of GaN on Si substrate, TCAD simulations were performed under high-bias op-
eration. The simulated device structure of the GaN on Si substrate is the same as that
in this study. Simulation models include the drift–diffusion model, polarization, SRH,
Auger recombination model, and doping–electric field dependence mobility. The measured
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breakdown voltage on the device of GaN on Si substrate provides a good calibration of
the breakdown dependence TA-TFE model. Y.-H. Li et al. studied the mechanisms of GaN
MISHEMT degradation, various negative bias voltages, and various temperatures, as well
as dc negative gate bias stress (dc-NGBS) and ac negative gate bias stress (ac-NGBS). The
dynamic RON is higher at higher temperatures, indicating the extracted trap energy levels
in the GaN layer due to TA-TFE dominating the degradation of dc-NGBS [19].

The TA-TFE phenomenon occurs due to the increased negative bias applied to the gate.
This causes the lateral energy band to elevate beneath the gate region within the GaN layer.
Consequently, there is significant bending of the energy band at the channel edge, as illus-
trated by the lateral energy band depicted in Figure 8c. The cut line referred to is indicated
in the x-direction from −4 µm to 14 µm in Figure 8a,b. These findings also contribute to a
deeper understanding of semiconductor device physics, particularly emphasizing electron
transport mechanisms and leakage paths under strong electric fields [20]. Through TCAD
modeling, it was observed that the energy band diagram analysis when VG was −15 V
and VD was 1200 V showed that the strong electric field caused significant band bending,
thereby exacerbating the TA-TFE in the AlGaN/GaN HEMT of the GaN on Si substrate, as
shown in Figure 8a. This phenomenon leads to the generation of electron–hole pairs, where
electrons are extracted from the drain and holes accumulate in the GaN buffer, especially
with the assistance of dislocation traps under high-electric-field conditions. In comparison,
in a comparative analysis of AlGaN/GaN HEMT with the GaN on QST substrate, it was
found that fewer holes accumulated in the GaN buffer under high electric field conditions,
as shown in Figure 8b.
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Figure 8. The total current density in the GaN buffer of (a) the GaN on Si substrate and (b) the GaN
on QST substrate at VG = −15 V, VD = 1200 V. (c) Schematic of the energy band across the GaN
channel along the horizontal axis and the TA-TFE mechanism.

In order to further study the breakdown mechanism of AlGaN/GaN HEMT on the
GaN on Si substrate, especially under the high electric field, the electrical fitting indicated
that as the drain voltage increases, the generation of GaN buffer holes also increases directly.
This result shows a significant leakage current from the source to the drain. When the level
of hole generation in the GaN buffer is low, the increase in leakage current between the
source and drain is only slight (shown by the black line), a situation very similar to that of
the GaN on QST substrate. These holes are a consequence of recombination, whereby the
electrons trapped by acceptor sites are recombined, creating leakage pathways within the
buffer, as shown in Figure 9a. Figure 9b displays the fitting parameters as a ratio of h+/[C].
As the ratio approaches 1, the effect of carbon in mitigating the leakage current becomes
negligible.
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GaN on Si and GaN on QST substrates may exhibit differences in the density and
characteristics of traps for electrons and holes caused by dislocations and carbon doping.
It has been observed that when the level of hole generation in the GaN buffer is low,
the increase in leakage current between the source and drain is insignificant, similar to
the behavior observed for GaN on QST substrate, and conversely shown for GaN on Si
substrate. However, Figure 9 also demonstrates the efficacy of carbon in reducing the
leakage current [20,21]. Therefore, while similarities in trap behavior may exist, differ-
ences in the effectiveness of carbon doping in reducing leakage current could contribute to
distinct breakdown mechanisms between GaN on Si and GaN on QST substrates under
high-electric-field conditions. Due to the superior lattice match and thermal expansion co-
efficient between QST substrates and GaN epitaxy compared to Si substrates, there may be
differences in the effectiveness of carbon doping in reducing leakage current. The improved
lattice matching and similar thermal expansion coefficient between QST substrates and
GaN may lead to a more structurally intact GaN crystal during epitaxial growth on QST
substrates, reducing the formation of dislocations and thereby decreasing the trap density
for electrons and holes. In contrast, GaN grown on Si substrates may be more susceptible
to dislocation formation, resulting in higher trap densities. Consequently, the effectiveness
of carbon doping in reducing leakage current differed due to the distinct characteristics of
QST and Si substrates, thereby influencing distinct breakdown mechanisms under high
electric field conditions.

4. Conclusions

Our research into GaN-based power HEMT devices on QST compared to conventional
Si substrates highlights critical insights into device performance, particularly focusing on
breakdown voltage capabilities. The GaN on QST devices show a superior high-voltage
off-state performance, achieving excellent breakdown voltages of up to VDS = 1500 V
at room temperature. Measurements of gate/drain lag and PL have demonstrated the
exceptional buffer layer quality of QST substrates. These evaluations revealed a lower
prevalence of trap states and a more effective trap release mechanism compared to other
substrates. The significant advantage in breakdown voltage for GaN on QST highlights the
potential of QST substrates to enhance the performance and reliability of GaN-based power
devices. This superior breakdown voltage capability positions GaN on QST as a promising
candidate for next-generation high-efficiency power devices, underscoring the importance
of substrate technology in advancing semiconductor device performance. Through detailed
simulations, we effectively demonstrated how optimized device structures and doping
profiles on QST substrates could significantly mitigate substrate leakage and minimize
electron injection under high-bias conditions.
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Abstract: This paper presents a circuit for detecting and protecting against short circuits in E-mode
gallium nitride high-electron-mobility transistors (GaN HEMTs) and analyzes the protection performance
of the circuit. GaN HEMTs possess fast switching characteristics that enable high efficiency and power
density in power conversion devices. However, these characteristics also pose challenges in protecting
against short circuits and overcurrent situations. The proposed method detects short-circuit events by
monitoring an instantaneous drop in the DC bus voltage of a circuit with GaN HEMTs applied and
uses a bandpass filter to prevent the malfunction of the short-circuit protection circuit during normal
switching and ensure highly reliable operation. Using this method, the short-circuit detection time of
E-mode GaN HEMTs can be reduced to 257 ns, successfully protecting the device without malfunctions
even in severe short-circuit situations occurring at high DC link voltages.

Keywords: GaN HEMT; short-circuit protection; reliability

1. Introduction

Power semiconductors have been extensively studied as essential components of
various power conversion devices for a long time. Among them, research has been focused
on silicon (Si)-based power semiconductors, which are applied in various fields to enhance
the efficiency and power density of power conversion devices. However, due to the physical
limitations of Si-based power semiconductors, research efforts are actively pursuing new
components that can overcome these limitations. Recently, there has been an increasing
demand for GaN HEMTs, which possess wide-bandgap (WBG) characteristics, among
power semiconductors [1].

GaN HEMT generates a two-dimensional electron gas (2DEG) structure based on the
heterojunction of AlGaN and GaN. This results in high charge mobility and density, as
well as reduced parasitic capacitance within the device, leading to advantages such as
high-speed switching and low switching losses compared to Si power semiconductors.
Therefore, the application of GaN HEMT in power conversion devices effectively enhances
device efficiency and power density. However, the high-speed switching characteristics
of GaN HEMTs can pose significant drawbacks in terms of systems with short-circuit and
overcurrent aspects. GaN HEMTs typically have very low gate–source threshold voltages,
making them susceptible to faulty turn-on due to high dv/dt and di/dt resulting from high-
speed switching, thereby increasing the risk of short-circuit occurrence. The short-circuit
performance of GaN HEMTs has been evaluated in [2], and although the duration varies
depending on the applied voltage magnitude, the short-circuit withstand time of GaN
HEMTs is very low on the order of hundreds of nanoseconds. Additionally, GaN-based
power semiconductors have much smaller package sizes compared to conventional Si
power semiconductors, which provides an advantage in terms of power density. However,
due to the difficulty in dissipating heat through the package in the event of a short circuit,
it is necessary to protect the device from short-circuit situations before critical failures or
permanent performance degradation can occur.
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Various power semiconductors with short-circuit withstand times can be seen in
Figure 1. Examining the short-circuit withstand times tested up to a DC bus voltage of
400 V, E-mode GaN HEMTs can withstand durations of 520 ns and 400 ns at 350 V and
400 V conditions, respectively.
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Additionally, at DC bus voltages below 350 V, E-mode GaN HEMTs exhibit relatively
superior short-circuit endurance times (TSC > 10 µs). Cascode GaN HEMTs demonstrate
shorter short-circuit withstand times compared to E-mode GaN HEMTs at voltages below
300 V. However, at voltages of 350 V and above, Cascode GaN HEMTs exhibit short-circuit
withstand times in the range of 1~2 µs [3–6].

Therefore, for GaN-based power semiconductors, which require very fast short-circuit
protection compared to Si-based power semiconductors, it is generally challenging to
apply commercially available gate drivers with saturation protection functions that require
response times of 1 µs or more. Therefore, several short-circuit detection and protection
techniques applicable to GaN-based power semiconductors have been explored. Incor-
porating a Shunt Resistor into the power loop in series to detect short-circuit currents
presents a simple and universally adaptable solution for all systems. This current sensing
method necessitates high-precision resistors and swift ADCs to ensure signal accuracy and
detection speed. Refs [7,8] demonstrate the application of Shunt Resistors for short-circuit
detection and protection in systems employing SiC and GaN devices, with detection and
protection times recorded at 150 ns and 60 ns, respectively. However, the primary dis-
advantage of using Shunt Resistors for current sensing lies in power loss; high currents
in high-power systems can lead to significant power loss across the Shunt Resistors, and
low-power systems might require larger resistors to maintain signal accuracy, thereby
reducing efficiency in low-power applications. Additionally, incorporating Shunt Resis-
tors can increase parasitic inductance within the circuit, potentially affecting switching
performance. Another method is to detect the high di/dt that occurs during a short
circuit using the stray inductance inside the power semiconductor package. In [9–11],
short-circuit protection is based on the stray inductance inside the SiC MOSFET package,
and the times required for short-circuit detection and final protection are 60 ns, 140 ns
and 1 µs, respectively. Although this approach can be used to achieve fast short-circuit
protection, it requires a device with a Kelvin source to use the internal stray inductance
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and requires the measurement of the internal stray inductance. In addition, unlike the SiC
used in the reference, GaN devices have very small packages and have an internal stray
inductance close to zero, making it difficult to apply the method even if a Kelvin source is
present. Another short-circuit protection method is the use of Rogowski coils. In [12,13],
a PCB-based auxiliary Rogowski coil is used to implement short circuit and overcurrent
protection by di/dt measurements. The time required for the final protection is about
700 ns [12]. The method using a Rogowski coil allows fast operation by directly measuring
the current, but the Rogowski coil current sensor requires an integrator circuit, making
the circuit and implementation complex, and an output offset voltage is also generated
due to the operational amplifier characteristics of the integrator circuit. In addition, the
Rogowski coil has to be shielded as switching noise affects the current measurement. To
detect overcurrent situations, refs. [14,15] utilize a portion of the power loop inductance.
This is achieved by optimizing the PCB layout and reducing detection loss. The time
required for short-circuit protection using this method is approximately 370 ns and 250 ns,
respectively. The power loop inductance is implemented using PCB traces to minimize
volume impact. When a high rate of change in the current is applied to the circuit due to a
short circuit, the voltage induced in the power loop inductance exceeds a preset threshold,
resulting in protective action. However, the practicality of this method is limited due to
the inability to directly detect the current amplitude and voltage variability induced in
the coil under different short-circuit conditions [16]. Another commonly used method is
desaturation protection, which senses the drain-to-source voltage of a device. Desaturation
protection can be easily implemented using commercially available gate driver devices.
Refs. [17,18] utilized desaturation protection to achieve protection within 360 ns and 125 ns.
However, this desaturation protection method was delayed due to the blanking time to
avoid failure [19], and the additional diodes added capacitive load in parallel with the
output capacitance on the power semiconductor, increasing switching losses [20]. Further-
more, the temperature dependence of Rds,on makes it challenging to define reference levels
for desaturation protection [21]. Recently, research has been conducted on short circuit
detection methods based on the DC bus voltage drop. In [6,22,23], short-circuit protection
is performed based on the DC bus voltage, which is the voltage across the high-side device
drain and low-side device source. The DC bus voltage exhibits an instantaneous voltage
drop when a short circuit occurs because a high di/dt current flows through parasitic
inductances present in the power loop. This voltage drop is used to detect whether a short
circuit has occurred, and the response time of the detection circuit can be within hundreds
of nanoseconds. In [22,23], the circuit is protected from a short circuit within 280 ns and
370 ns, respectively. However, when using DC bus voltage sensing, the voltage dip caused
by the normal switching of the device can result in false short-circuit protection behavior.

In this paper, short circuits are detected by monitoring instantaneous drops in the DC
bus voltage. In addition, a method is proposed that uses a bandpass filter to distinguish
between voltage drops that occur during normal switching and short circuits. Section 2
of this paper explains the instantaneous voltage drop that occurs during a short circuit
due to parasitic inductance in the circuit. Additionally, a bandpass filter is introduced
to distinguish this from similar voltage drops that occur during normal switching. All
analyses are performed based on PSPICE simulations.

Section 3 presents a short-circuit detection and protection circuit by applying the con-
tent covered in Section 2, and the operation of the circuit is confirmed through the PSPICE
simulation. Experimental results with the proposed circuit are presented in Section 4.
Section 5 concludes the paper.

2. Short Circuit Detection Method Based on DC Bus Voltage Drop

A half-bridge structure circuit is commonly used in power converters and has the
structure shown in Figure 2. Among the components constituting the circuit, the DC-Link
Capacitor serves to balance the instantaneous power difference between the input power
and output load and minimize the voltage change in the DC-Link, and electrolytic capaci-
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tors with relatively large capacitance are mainly used. Additionally, filter capacitors are
placed near power semiconductors and DC-Link Capacitors to minimize the stray induc-
tance components in the power loop. Ceramic capacitors with excellent high-frequency
characteristics are preferred for this purpose.
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Stray inductance components denoted as LStray, are mostly formed by the PCB layout
and can interfere with the stable operation of high-speed-switching GaN devices. Conse-
quently, various research efforts are underway to minimize these components to ensure
reliable operation. Despite these stray inductance components inevitably disrupting normal
system operation, they can be effectively utilized to detect short circuits within the circuit.

2.1. Instantaneous Voltage Drop Due to Short Circuit

To measure the drop in the DC bus voltage during a short circuit, it is crucial to
minimize the influence of stray inductance. This can be achieved by measuring the high-
side device drain and low-side device source sides, as depicted in Figure 3a. Under normal
switching conditions, as shown in Figure 3b, the DC bus voltage remains equal to the input
voltage VDC. However, during the occurrence of a short circuit, an instantaneous large
di/dt current flows through the half-bridge, resulting in an instantaneous voltage drop in
the DC bus voltage, as illustrated in Figure 3c, due to the circuit’s stray inductance. The
amplitude of this voltage drop is proportional to the voltage across LStray1, which is equal to
Equation (1), and the stray inductance in the circuit is determined during PCB fabrication,
so the amplitude of the voltage drop is determined by di/dt.

VL_stray1 = LStray1
di
dt

(1)

The slope at the time of a short circuit is determined by the switch’s turn-on time, which
depends on the gate resistance value. Therefore, when detecting a short circuit through
a drop in the DC bus voltage, it is essential to consider the gate resistance value used in
the circuit. Although some power semiconductor datasheets may provide a correlation
between the gate resistance value and switching time, this information is not available
for the GS-065-011-1-L from GaNsystem used in this paper. Therefore, the SPICE model
provided by the manufacturer can be used to determine the main phenomena that occur
during a short circuit. Therefore, in this paper, an LTSPICE-based simulation circuit was
constructed using the SPICE model of the device, as shown in Figure 4. Then, an analysis
was performed on the instantaneous voltage drop that appears in the DC bus voltage [24].

129



Electronics 2024, 13, 1203

Electronics 2024, 13, x FOR PEER REVIEW 5 of 16 
 

 

model provided by the manufacturer can be used to determine the main phenomena that 

occur during a short circuit. Therefore, in this paper, an LTSPICE-based simulation circuit 

was constructed using the SPICE model of the device, as shown in Figure 4. Then, an 

analysis was performed on the instantaneous voltage drop that appears in the DC bus 

voltage [24].  

   

(a) (b) (c) 

Figure 3. DC bus voltage-based short-circuit detection method (a) detection point. (b) DC bus volt-

age waveform during normal operation. (c) DC bus voltage waveform when a short circuit occurs. 

 

Figure 4. Simulation circuit diagram based on LT spice. 

First, a simulation was performed to determine the instantaneous drop in DC bus 

voltage that occurs in a short circuit situation. Figure 4 shows the circuit used in the sim-

ulation, where the high-side GaN HEMT is always on, and the low-side GaN HEMT turns 

on 20 ns after the start of the simulation. There may be differences in simulation results 

depending on the presence or absence of parasitic resistance components present in the 

circuit. However, because the parasitic resistance components present in the PCB pattern 

and DC power connection line are sufficiently small, they do not have a significant impact 

on the simulation results. Therefore, the resistance component was not considered in the 

simulation. Additionally, because the size of the capacitor in the circuit was sufficiently 

large, changes in stray inductance components except LStray1 did not affect the DC bus volt-

age drop. Therefore, in the simulation, the voltage drop level of the DC bus voltage was 

Figure 3. DC bus voltage-based short-circuit detection method (a) detection point. (b) DC bus voltage
waveform during normal operation. (c) DC bus voltage waveform when a short circuit occurs.

Electronics 2024, 13, x FOR PEER REVIEW 5 of 16 
 

 

model provided by the manufacturer can be used to determine the main phenomena that 

occur during a short circuit. Therefore, in this paper, an LTSPICE-based simulation circuit 

was constructed using the SPICE model of the device, as shown in Figure 4. Then, an 

analysis was performed on the instantaneous voltage drop that appears in the DC bus 

voltage [24].  

   

(a) (b) (c) 

Figure 3. DC bus voltage-based short-circuit detection method (a) detection point. (b) DC bus volt-

age waveform during normal operation. (c) DC bus voltage waveform when a short circuit occurs. 

 

Figure 4. Simulation circuit diagram based on LT spice. 

First, a simulation was performed to determine the instantaneous drop in DC bus 

voltage that occurs in a short circuit situation. Figure 4 shows the circuit used in the sim-

ulation, where the high-side GaN HEMT is always on, and the low-side GaN HEMT turns 

on 20 ns after the start of the simulation. There may be differences in simulation results 

depending on the presence or absence of parasitic resistance components present in the 

circuit. However, because the parasitic resistance components present in the PCB pattern 

and DC power connection line are sufficiently small, they do not have a significant impact 

on the simulation results. Therefore, the resistance component was not considered in the 

simulation. Additionally, because the size of the capacitor in the circuit was sufficiently 

large, changes in stray inductance components except LStray1 did not affect the DC bus volt-

age drop. Therefore, in the simulation, the voltage drop level of the DC bus voltage was 

Figure 4. Simulation circuit diagram based on LT spice.

First, a simulation was performed to determine the instantaneous drop in DC bus
voltage that occurs in a short circuit situation. Figure 4 shows the circuit used in the
simulation, where the high-side GaN HEMT is always on, and the low-side GaN HEMT
turns on 20 ns after the start of the simulation. There may be differences in simulation
results depending on the presence or absence of parasitic resistance components present
in the circuit. However, because the parasitic resistance components present in the PCB
pattern and DC power connection line are sufficiently small, they do not have a significant
impact on the simulation results. Therefore, the resistance component was not considered in
the simulation. Additionally, because the size of the capacitor in the circuit was sufficiently
large, changes in stray inductance components except LStray1 did not affect the DC bus
voltage drop. Therefore, in the simulation, the voltage drop level of the DC bus voltage
was checked by changing the values of LStray1 and CFilter, which are key components that
directly affect the instantaneous drop in the DC bus voltage.

Table 1 displays the main parameters used in the simulation, and Figure 5 shows the
results. Figure 5a illustrates the effect of changing the value of LStray1, the stray inductance
between the filter capacitor and the half-bridge in the circuit, on the voltage drop, and it
can be seen that the value of LStray1 directly affects the magnitude of the voltage drop that
occurs at the moment of the short circuit, and the larger the value of LStray1, the larger the
amplitude of the voltage drop. Figure 5b shows the voltage drop waveform at the short
circuit according to the value of the filter capacitor, and it can be seen that the value of the
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filter capacitor does not affect the magnitude of the voltage drop at the short circuit, but it
does affect the magnitude of the voltage in the saturation region after the instantaneous
voltage drop.

Table 1. Simulation parameter.

LStray1 LStray2 CFilter CDC-Link

Value

0.2 nH

35 nH

0.2 µF

100 µF
0.5 nH 0.5 µF
1 nH 1 µF

1.5 nH 1.5 µF
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Figure 5. Simulation results of DC bus voltage drop by parameter changes in (a) stray inductance
(LStray1). (b) Filter capacitor (CFilter).

The simulation results show that the value of LStray1 and the gate resistors present in
the circuit have a significant impact on the instantaneous voltage drop of the DC bus voltage
used in the short-circuit protection circuit. In PCB design, the value of LStray1 typically
ranges from a few to tens of nanoHenrys. Additionally, the gate resistor is selected based on
factors such as the dv/dt, di/dt, and EMI of the circuit. Depending on the values of these
factors, an instantaneous drop in the DC bus voltage is expected to provide meaningful
results for short-circuit detection. Figure 6 illustrates the amplitude of the DC bus voltage
drop as a function of gate resistance and the LStray1 value when the input voltage is 400 V.
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2.2. Instantaneous Voltage Drop Due to Normal Switching

However, the instantaneous voltage drop in the DC bus voltage does not only occur
during short-circuit conditions. Figure 7a illustrates the situation when the power semi-
conductor device under test (DUT) is turned on during a typical double pulse test. At
this point, the current flows through the load inductor to form the test current waveform.
Figure 7b illustrates that when the DUT is turned on while the upper device is already
on, the short circuit current flows through both the upper and lower devices, causing an
instantaneous voltage drop similar to that observed earlier. Figure 8 shows the simulation
results of implementing a typical double pulse test, observing the DC bus voltage at the
moment the low-side device turns on. Similar to the voltage drop observed during a short
circuit, a voltage drop is also identified during normal switching operations. It is important
to differentiate between the voltage drop in the DC bus voltage that occurs during normal
switching and that which occurs during a short circuit.
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Figure 9a shows the voltage drops observed by SPICE simulations during switching
and short-circuiting events. It can be seen that the voltage drop during a short-circuit
condition is of a higher magnitude compared to the voltage drop during a switching
condition. Bandpass filtering can be used to distinguish between these two voltage drops.
Figure 9b presents the FFT analysis of the DC bus voltage during switching and short
circuit events. Since the difference between the two voltages is greatest in the 20~30 MHz
frequency range, the voltage drops can be distinguished by selecting the appropriate
frequency band as the bandwidth using a bandpass filter. Therefore, the bandpass filter
is designed to pass this frequency range. Figure 10 shows the schematic of the proposed
bandpass filter, which consists of components C1, R1, C2, and R2.
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The bandpass filter is composed of a combination of low-pass and high-pass filters,
which are utilized to detect voltage drop signals while blocking the DC voltage and high-
frequency switching noise. As shown in Figure 10, the first stage of the circuit consists of a
passive RC high-pass filter. This filter allows signals with frequencies above the low cutoff
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frequency (fc-low) to pass while attenuating signals with frequencies below fc-low. The low
cutoff frequency is given by Equation (2).

fc−low =
1

2πR1C1
(2)

The second stage of the circuit is a passive RC low-pass filter. This filter allows signals
with frequencies below the high cutoff frequency (fc-high) to pass while attenuating signals
with frequencies above fc-high. The high cutoff frequency is calculated using Equation (3).

fc−high =
1

2πR2C2
(3)

The specific frequency range through which a bandpass filter allows signals to pass is
called the bandwidth. The bandwidth is calculated as the difference between the high and
low cutoff frequencies, as described by Equation (4).

Bandwidth =fc−high − fc−low (4)

In Figure 9b, the high-pass frequency is set to 20 MHz, and the low-pass frequency is set
to 30 MHz, resulting in a bandwidth of 10 MHz. As can be seen from Equations (2) and (3),
there are infinite combinations of resistors and capacitors that can satisfy the relevant frequency.
Therefore, among the combinations that can satisfy the corresponding frequency, C1: 790 pF,
R1: 10 Ω, R2: 1 Ω and C2: 5.3 nF were promoted. However, to apply this value, since there
were no exact matching values among commercial products, resistors and capacitors with the
closest values among commercial products were used. The filter element values of the final
bandpass filter used were C1: 750 pF, R1: 10 Ω, R2: 1 Ω and C2: 5.1 nF. Therefore, the actual
applied high-pass frequency was 21 MHz, and the low-pass frequency was 31 MHz.

3. Proposed Short-Circuit Protection Circuit

This section presents a proposed fast protection method based on DC bus voltage
detection using the proposed detection signal and detection circuit, as shown in Figure 11.
The voltage detected in the detection circuit is transferred to the input of the comparator.
When a short circuit occurs, a voltage drop in the DC bus voltage is detected, which triggers
the detection signal in the comparator. Since the voltage drop in the DC bus voltage that
occurs during a short circuit is transient, a logic control circuit such as an SR latch can be
used, as shown in Figure 11. Finally, the generated error signal is applied to the disable pin
of the gate driver to disable it.

To verify the proper operation of the proposed circuit, SPICE-based simulations were
performed to simulate normal switching and fault conditions and confirm the fault signal
detection and protection actions. Figure 12 shows the simulation results using the double-
pulse test circuit, where the switching instance of the DC bus voltage and the occurrence of
the fault signal are observed. At approximately 2.05 µs, the low-side device was turned on,
resulting in an instantaneous voltage drop in the DC bus voltage. However, the fault signal
detected by the sensing circuit, shown as VSense, only dropped to −1.8 V and did not fall
below the −2 V threshold. Consequently, the signal required to disable the gate driver was
not generated.

Figure 13 shows the waveform that confirms the DC bus voltage and short-circuit
signal generation during a short circuit using the same circuit. Since the high-side device
is always turned on, a short circuit occurs at 20 ns when the low-side device turns on. At
this time, an instantaneous voltage drop in the DC bus voltage and the short-circuit signal
VSense detected by the short-circuit detection circuit drops below the −2 V threshold. The
short-circuit signal finally generates a protective operation signal through the comparator,
and the signal is formed 93 ns after the short-circuit occurs and is applied to the gate
driver’s disable pin to protect the circuit from short-circuit.
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Figure 11. Proposed short-circuit protection circuit.
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Figure 13. Short circuit simulation waveform (a) full waveform. (b) Zoomed waveform.

The simulation results show that when a short-circuit occurs in a circuit using GaN
HEMT, the protection based on the short-circuit detection circuit proposed in this paper is
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performed correctly. The simulation waveform shows that the final signal for short-circuit
protection is formed 93 ns after the short-circuit occurs, and it takes only 105 ns to turn off the
GaN HEMT. The proposed circuit is more efficient in protecting against short circuits than the
existing desaturation method, as it requires a much shorter time for short-circuit protection.

4. Experimental Results

To verify the feasibility of our proposed circuit, a test board was fabricated like the
circuit in Figure 14 using the same structure as in the simulation. The test board used
in the experiment is shown in Figure 15a, and the complete test bed setup is shown in
Figure 15b. The parameters used in the experiment are detailed in Table 2. The test bed
enables the execution of double pulse and short circuit tests, and the GaN system’s GS-065-
011-1-L device is used for the experiment. The experiment was carried out at an ambient
temperature of 25 ◦C.
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Table 2. Experimental parameter.

Parameter CDC-Link CFilter LStray1 LStray1

Value 100 µF 4 µF 1.5 nH 35 nH

Parameter VDC LLoad RG_ON VOn/VOff

Value 400 V 100 µH 15 Ω 6 V/−3 V

Parameter R1 C1 R2 C2

Value 10 Ω 750 pF 1 Ω 5.1 nF

Figure 16 shows the protective operation of the proposed circuit. Channel 1 (CH 1)
represents the gate–source voltage of the low-side GaN HEMT, while Channel 2 (CH 2)
represents the DC bus voltage. Channel 3 (CH 3) is the output signal of the bandpass filter,
which detects voltage drops, and Channel 4 (CH 4) represents the fault signal applied to
the disable pin of the gate driver.
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As the gate voltage of the low-side GaN HEMT, corresponding to CH 1 in Figure 16 rises
from −3 V to 6 V, the low-side device turns on. At point t1, when the low-side gate–source
voltage exceeds the device’s threshold voltage, the short-circuit current begins to flow, and
distortion occurs in the DC bus voltage. At time t2, the instantaneous voltage drop in the DC
bus voltage corresponding to CH 2 appears the largest. At this time, there is a voltage drop
of 25 V from 400 V to 375 V. This voltage drop passes through a bandpass filter and appears
on CH 3. The output of the bandpass filter maintains VSense at 0 V in a normal condition.
However, when a short circuit occurs, the voltage shows an instantaneous drop similar to the
DC bus voltage, decreasing to −2.2 V at time t2. This is 10 ns after the device is turned on
and the short circuit occurs. Since the magnitude of the voltage Vth applied to the negative
pin of the comparator is −2 V, a fault signal is formed through the output of the comparator
when VSense becomes less than Vth. The fault signal is initially generated from the comparator
output, proceeds through the latch circuit to maintain the high signal and is then applied to
the gate driver’s disable pin. It appears in fault signal CH 4 and rises from 0 V to 5 V after
177 ns from t2, and the delay that appears between t2 and t3 is caused by the propagation

137



Electronics 2024, 13, 1203

delay of the comparator and latch IC. After the fault signal is applied to the disable pin of
the gate driver, about 50 ns later, the low-side gate source voltage of CH 1 begins to decrease.
It takes about 20 ns, and the device is completely turned off at time t4. Therefore, it can be
confirmed that the device is completely turned off a total of 257 ns after the short circuit occurs,
thereby protecting the circuit.

Since it has been confirmed that the proposed short-circuit protection circuit operates
normally during a short circuit, it has been confirmed that the short-circuit protection
circuit does not operate during normal switching operations. The experiment can be seen
in Figure 17. Figure 17 is an enlarged waveform of the moment when the second pulse is
applied during the double pulse test operation. CH 1 represents the gate–source voltage of
the low-side GaN HEMT, CH 2 represents the DC bus voltage, CH 3 represents the voltage
drop detection signal, and CH 4 represents the fault signal. At time t1, the gate–source
voltage of the low-side GaN HEMT exceeds the threshold, causing distortion of the DC
bus voltage. At t2, the DC bus voltage drop reaches its maximum, and the voltage, which
is maintained at 400 V in the normal state, decreases by 22 V to 378 V. The VSense voltage
of CH 3 shows a similar form to the DC bus voltage and has the lowest value at time t2,
but it can be seen that it is greatly attenuated after passing through the bandpass filter. In
the normal state, the voltage is maintained at 0 V but decreases to −1 V at time t2. The
VSense voltage is applied to the positive pin of the comparator and does not become less
than −2 V, which is the voltage being applied to the negative pin. Therefore, the output of
the comparator continues to remain at 0 V and no fault signal is formed.
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During a short circuit, the DC bus voltage drops by 25 V, while during normal switch-
ing (turn-on), the voltage drop is 22 V, which is larger during a short circuit. However,
after passing through a bandpass filter, the voltage drop decreases to 2.2 V during a short
circuit and 1 V during normal switching. As such, it can be seen that there is a significant
difference in the attenuation level of the DC bus voltage that appears as it passes through
the bandpass. It is confirmed that the proposed circuit can distinguish between short-circuit
and normal switching and effectively provide short-circuit protection.

Table 3 compares the proposed short-circuit protection method with an existing study
related to short-circuit protection of wide-bandgap power semiconductors. In the existing
study, various methods were applied to protect SiC and GaN-based power semiconductors,
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and the time required for short-circuit protection was on the order of hundreds of ns.
The proposed method did not have the fastest protection operation speed compared
to the existing study. However, it had an above-average protection operation speed.
And it can also be implemented with fewer elements compared to the average number
of elements used. In addition, the proposed short-circuit protection method effectively
prevents malfunctions during normal switching through a bandpass filter, achieving the
high reliability of short-circuit protection operations.

Table 3. Comparison with existing studies.

Reference Device Protection Method Component
(Passive/Active)

Protection
Time

[7] SiC Shunt Resistor 4/3 150 ns
[8] GaN Shunt Resistor - 60 ns
[9] SiC Package Internal Inductance 5/4 60 ns
[10] SiC Package Internal Inductance 6/7 100 ns
[12] SiC Rogowski coil 4/5 700 ns
[13] SiC Rogowski coil 8/5 -
[14] GaN Stray inductance - 250 ns
[15] GaN Stray inductance 3/5 250 ns
[17] GaN Desaturation 4/4 360 ns
[18] GaN Desaturation 8/5 125 ns
[22] GaN DC bus voltage 4/3 280 ns
[23] GaN DC bus voltage 8/5 370 ns

Proposed GaN DC bus voltage 5/2 257 ns

5. Conclusions

In this paper, a short-circuit detection and protection circuit for GaN HEMT is proposed
and verified. GaN HEMT has a shorter short-circuit withstand time compared to other
types of power semiconductors, so it requires a short-circuit protection circuit that has
high reliability and operates at high speeds. The proposed short-circuit protection method
uses a method of detecting the DC bus voltage for fast short-circuit protection. The high
di/dt current that appears during a short circuit causes an instantaneous voltage drop in
the parasitic inductance present in the circuit. Therefore, when a short circuit occurs, an
instantaneous voltage drop occurs in the inductance component present in the power loop,
and an instantaneous voltage drop also occurs in the DC bus voltage, which remains the
same as the DC link voltage in the normal state. This DC bus voltage drop is a quick and
clear indicator of the occurrence of a short circuit and can be used to effectively protect the
circuit from short circuits. However, similar voltage drops can occur in normal switching
situations as well. In the proposed short-circuit protection method, the frequency analysis
of the DC bus voltage drop was performed based on the SPICE simulation. Based on that
analysis, a bandpass filter was used to effectively distinguish between the two types of
voltage drops. When using the proposed short-circuit protection method, short-circuit
protection was finally completed 257 ns after the short-circuit occurred. In practice, after a
short circuit occurs, it takes 10 ns for the output signal of the bandpass filter to be compared
to the comparator threshold. Therefore, it is expected that short-circuit protection will be
possible at a faster rate if the propagation delay of the comparator IC and latch IC used
in the experiment is reduced. Future research should be conducted to improve the time
required for short-circuit protection in the proposed method.
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Abstract: A new magnetic integrated parallel current sharing control method for parallel silicon
carbide (SiC) power devices is presented in this article. The problem of the application of parallel
connected SiC power devices is analyzed. The coupled inductance method is adopted to solve the
problem. Based on the active-back converter, we establish the theoretical model of the coupled
inductance, and figure out its working mechanism. The integrated magnetic device is designed based
on the working mechanism, and the effectiveness is determined through simulation. A 12 V/10 A
output magnetic integrated active-flyback converter prototype is fabricated and tested to verify
the strategy. Measurement results show that, with the proposed magnetic integrated method, the
mismatch voltage is suppressed to 0.1 V under all load conditions, and the efficiency increases by at
most 6.52% under full load conditions.

Keywords: SiC power devices; magnetic integrated; parallel current sharing; working mechanism

1. Introduction

Silicon Carbide (SiC) material can push the power density and efficiency of semi-
conductor devices and power systems to higher limits due to its wide band gap, high
critical field, and high thermal conductivity [1–3]. With the development of SiC technology,
the application of SiC power devices is becoming more and more popular [4,5]. The low
switching-loss characteristic facilitates a reduction in power loss and an improvement in
working frequency, which leads to the use of smaller passive components and improving
power density [6,7].

The development of power electronics demands higher and higher current ratings,
which promotes the parallel connection of power devices. When the parallel connection
is used, the current imbalance among the paralleled power devices becomes a major
concern [8]. The current imbalance is caused by the mismatch in device parameters
among the paralleled semiconductors or the mismatch in the parasitic parameters of their
corresponding circuits when the circuit layouts are asymmetrical. The condition may
result in conduction and switching losses, which may further cause thermal distribution
problems.

For the SiC power device applications, the value of ON-resistance is smaller than that
of the counterpart Si devices. A little mismatch may lead to a large percentage change.
Thus, the SiC power devices are more sensitive to the variation of device parameters
in paralleled applications. The current mismatch phenomenon has already appeared in
the paralleled applications of SiC devices [9,10]. Ref. [11] analyzed the influence of the
variability of device parameters on the current sharing of parallel-connected SiC MOSFETs.
Experimental investigations of static and transient current sharing were carried out in
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ref. [12]. The parallel-connected application of packaged SiC power devices was evaluated
in Ref. [13]. The above articles provide a detailed analysis of the mismatch mechanism of
the devices. Many studies have been performed on the imbalance of current suppression.
From the view of the study object, the imbalance current suppression method can be
classified into three categories: device classification; device operating condition monitoring;
and circuit topology [14–19]. The chip screening method is proposed to solve the mismatch
introduced by the asymmetric layout [20].

The typical representative of the device classification view is the transfer curve distance
coefficient classification criterion proposed in ref. [14]. This paper evaluates the factors
of the device characteristics and finds that the transfer characteristic contains the main
influences. The strategy realizes the mismatch suppression by weighting the distance
coefficients of the device transfer curves. The strategy needs to test every device, which
limits its massive applications and universality. The typical representation of the device
operating condition monitoring is the SiC MOSFET gate driving scheme with a dynamic
current equalization mechanism for over-current protection proposed in Ref. [21]. The
scheme realizes the simultaneous turn-on of SiC MOSFETs with different threshold voltages
by monitoring the device current cycle by cycle to achieve the mismatch current suppression
of the parallel device. However, the strategy needs to add extra devices to suppress the
mismatch. The circuit structure route to suppress the mismatch current is typified by a
parallel current feedback equal-current resonant converter [22]. The strategy adopts a two-
stage structure including an interleaved parallel boost converter and a double magnetically
coupled half-bridge LLC resonant conversion. This scheme adds two inductors to realize
parallel current equalization, which increases the number of magnetic devices in the
converter, as well as the iron and copper losses.

In this paper, a novel magnetic integration strategy is proposed to achieve parallel
equalization control without increasing the number and size of the converter cores. To
verify the proposed strategy, a prototype converter is designed, fabricated, and tested. The
measured results show that power efficiency is enhanced by at most 6.52% in the whole
load range.

2. Operating Principle of the Proposed Strategy
2.1. The Topology Evolution

To solve the problem of the mismatch current distribution of SiC power devices in
parallel applications, this paper proposes a control method to solve the problem at the
topology level. Its topology evolution is shown in Figure 1. Filter inductance is generally
used in parallel to reduce copper losses in high-current applications, as shown in Figure 1a.
The parallel SiC power devices and filter inductance decoupled to form different branches,
as shown in Figure 1b. Since the impedance of the secondary filter inductance is much larger
than the on-resistance of the SiC power device, the influence of the device characteristics
on the current distribution is converted into the influence of the filter inductance. The
topology introduces magnetic coupling by sharing the common magnetic core to suppress
the mismatch current, which is shown in Figure 1c. This topology evolution transforms
the SiC power devices mismatch into the inconsistency of the filter inductance and further
reduces the influence using coupled inductance. And, the final topology does not increase
the number of devices.
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Figure 1. Topological evolution process of the parallel equalization control method: (a) conventional
circuit output flyback converter; (b) parallel two-output flyback converter; and (c) coupled inductance
flyback converter.
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2.2. The Operational Principle of the Coupled Inductance

There are two main ways of performing coupled inductance, namely flux mutual and
flux cancellation. As shown in Figure 2, coil1 corresponds to inductance L1 and has N1
turns whilst coil2 corresponds to inductance L2 and has N2 turns.
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Figure 2. The two main means of coupled inductance: (a) flux mutual; and (b) flux cancellation.

Ψ11 = N1Φ11 = L1i1 (1)

Ψ21 = N2Φ21 = Mi1 (2)

When a current i1 flows through coil1 in Figure 2a, the total self-induced magnetic
flux linkage can be expressed as (1), and the mutual magnetic flux linkage can be expressed
as (2), where Ψ11 is the self-induced magnetic flux linkage, Φ11 is the mutual magnetic flux
generated by cycle of coil1, L1 is the self-induction of coil1, and Ψ21 is the mutual magnetic
flux linkage generated by coil1 and affecting coil2, Φ21 is the mutual magnetic flux by cycle
of coil2, while M is the mutual inductance of coil1 and coil2.

Ψ22 = N2Φ22 = L2i2 (3)

Ψ12 = N1Φ12 = Mi2 (4)

Similarly, coil2 also generates a self-induced magnetic flux linkage and mutual mag-
netic flux linkage. Its self-induced magnetic flux linkage is denoted by Ψ22 and its mutual-
induced magnetic flux linkage is denoted by Ψ12, as Ψ22 is the self-induced magnetic flux
linkage, L2 is the self-induction of coil2, Ψ12 is the mutual magnetic flux linkage generated
by coil2 and affecting coil1, Φ12 is the mutual magnetic flux generated by coil2 and affecting
coil1, and M is the mutual inductance of coil1 and coil2.

Under linear conditions, M12 = M21 = M, and hereafter M is used to denote mutual
inductance. According to the right-handed helix rule, the self- and mutual-inductive flux of
the two coils shown in Figure 2a go in the same direction, which is defined as flux mutual,
and the total magnetic flux linkage of coil1 and coil2 is denoted by (5) and the port voltage
is denoted by (6).

{
Ψ1 = Ψ11 + Ψ12 = L1i1 + Mi2
Ψ2 = Ψ22 + Ψ21 = L2i2 + Mi1

(5)





u1 =
dΨ1

dt
= L1

di1
dt

+ M
di2
dt

u2 =
dΨ2

dt
= L2

di2
dt

+ M
di1
dt

(6)

The two coils shown in the corresponding Figure 2b have their self-inductive and
mutual-inductive fluxes in opposite directions, which is defined as flux cancellation, and
the total magnetic flux linkage of coil1 and coil2 is denoted by (7), and the port voltage can
be denoted by (8).

144



Electronics 2024, 13, 954

{
Ψ1 = Ψ11 −Ψ12 = L1i1 −Mi2
Ψ2 = Ψ22 −Ψ21 = L2i2 −Mi1

(7)





u1 =
dΨ1

dt
= L1

di1
dt
−M

di2
dt

u2 =
dΨ2

dt
= L2

di2
dt
−M

di1
dt

(8)

To simplify the description of the port voltage, the coupling coefficient k is introduced.
The coupling coefficient represents the geometric mean of the ratio of mutual inductance to
the self-induced inductance chain of the two coils and is expressed by Equation (9).

k =

√
Φ12Φ21

Φ11Φ22
(9)

Substituting the magnetic flux linkages separately gives the coupling coefficient ex-
pression (10).

k =

√
Φ12Φ21

Φ11Φ22
=

M√
L1L2

(10)

Quantitatively describing coupled coils in terms of coupling coefficients and leakage
inductance allows the modelling of coupled coils to be directly embedded in the port
voltages of coil1 and coil2, which can be expressed as (11) and (12), respectively.





u1 = Lk1
di1
dt

+ k

√
L1

L2
u2

u2 = Lk2
di2
dt

+ k

√
L2

L1
u1

(11)





u1 = Lk1
di1
dt
− k

√
L1

L2
u2

u2 = Lk2
di2
dt
− k

√
L2

L1
u1

(12)

Based on the above analysis, it can be seen that the coupling coefficient is less than
or equal to 1, i.e., k ≤ 1, and the leakage inductance of the two coils can be expressed
as Lk1 = (1− k2)L1 and Lk2 = (1− k2)L2, respectively. The coupled inductance voltage-
current relationship is reconstructed to create a symmetrical coupled inductance model.
Assuming that the coupled inductance has equal values in terms of excitation inductance,
Equations (11) and (12) can be expressed as (13) and (14).





Lk1
di1
dt

= u1 − ku2

Lk2
di2
dt

= u2 − ku1

(13)





Lk1
di1
dt

= u1 + ku2

Lk2
di2
dt

= u2 + ku1

(14)

The equivalent circuit of the two coils is shown in Figure 3, where the controlled
voltage source represents the coupling effect between the two coils, and the inductance is
the respective leakage inductance of the coupled coils. The voltage of the coupled coils in
the converter secondary side can be expressed by Equation (15).
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{
u1 = usec1 −Vout

u2 = usec2 −Vout
(15)

(a)

Lk1

Lk2

kvL2

kvL1

i1

i2

u1

u2

Lk1

Lk2

kvL2

kvL1

i1

i2

u1

u2

(b)

Figure 3. The equivalent circuit of the two coils: (a) flux mutual; and (b) flux cancellation.

Since the mismatch is only affected by the secondary side, the following analysis
focuses on it. Embedding coupled inductance models into the topological secondary side,
the equivalent circuit is shown in Figure 4. The reference points x1 and x2 for the voltages
of flux mutual and flux cancellation can be expressed by (16) and (17), respectively.
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Co Ro
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+

-
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+

-
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+
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x2

+ -u1

+ -u2

(a) (b)

Figure 4. The equivalent circuit of the secondary side of the topology: (a) flux mutual; and (b) flux
cancellation.

{
ux1 = usec1 − kvL2 = (usec1 − kvsec2) + kVout

ux2 = usec2 − kvL1 = (usec2 − kvsec1) + kVout
(16)

{
ux1 = usec1 + kvL2 = (usec1 − kvsec2) + Vout

ux2 = usec2 + kvL1 = (usec2 − kvsec1) + Vout
(17)

Unifying the equivalent voltage source generated by the coupled inductance into
the voltage source of the secondary excitation inductance, the complex model of cou-
pled inductance is simplified into the equivalent model of the voltage source and the
leakage inductance.

Based on the coupled inductance equivalent model established above, the output cur-
rent change rate of the converter flux mutual aid and flux cancellation coupled inductance
is expressed by Equations (18) and (19).

SF = − (1− k)Vout

Lk
= − Vout

(1 + k)L
(18)

SF = − (1 + k)Vout

Lk
= − Vout

(1− k)L
(19)

The peak value of the current during the steady-state operation of the converter can
be obtained according to the converter operating principle, and the peak value of the
current for flux mutual and flux cancellation can be expressed by Equations (20) and (21),
respectively.
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∆Ipp = SF(1− D)T =
Vout

(1 + k)L
(1− D)T (20)

∆Ipp = SF(1− D)T =
Vout

(1− k)L
(1− D)T (21)

From the above analysis, it can be seen that the output current ripple suppression effect
is positively correlated with the coupling coefficient in the flux mutual; and the output
current ripple suppression effect is negatively correlated with the coupling coefficient in
the flux cancellation.

The main reasons for the mismatch in current distribution include the mismatch of on-
resistance and parasitic inductance at the device level, the passive components at the circuit
level, and the parasitic mismatch of the layout. The above mismatches can be expressed
by correcting the device model, where Rds denotes the different on-resistance of the two
branches and Lds denotes the different parasitic inductance of the two branches. Embedding
the modified device model into the output model, the secondary side equivalent circuit
of the conventional flyback topology, the flux mutual coupled inductance, and the flux
cancellation are shown in Figure 5.

(a) (b) (c)
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Figure 5. The equivalent circuit of the secondary side of the topology: (a) without coupled inductance;
(b) flux mutual; and (c) flux cancellation.

Referring to Figure 5a, the mismatch resistance can be expressed as ∆Rds = Rds1− Rds2
and the mismatch inductance can be expressed as ∆Lds = Lds1 − Lds2. Since the on-
resistance mismatch of the MOSFET is at the mΩ level, its parasitic inductance and that of
the circuit layout are at the level of a few nH, while the filtering inductance is at the level of
a few tens of µH, and the non-ideal effect can be ignored when performing loop current
calculations. Under these conditions, the converter’s secondary side current is consistent
with the typical current of the converter. The total current at the secondary side in this case
can be used in (22).

Isec =
Vout

sL + (Rds1 + sLds1)//(Rds2 + SLds2)

=
Vout[Rds1 + Rds2 + s(Lds1 + Lds2)]

sL[Rds1 + Rds2 + s(Lds1 + Lds2))] + (Rds1 + SLds1)(Rds2 + SLds2)

(22)

This current is split between the two branches, and according to Kirchhoff’s current
law (KCL) and Kirchhoff’s voltage law (KVL), the current distribution between the two
branches is inversely proportional to the total impedance of the branches, which can be
expressed as (23).





id1 = Isec
Rds2 + sLds2

Rds1 + Rds2 + s(Lds1 + Lds2)

id2 = Isec
Rds1 + sLds1

Rds1 + Rds2 + s(Lds1 + Lds2)

(23)

The mismatch current in the absence of coupling inductance can be expressed by (23),
where the parasitic inductance size is roughly at the level of a few nH, while the filtering
inductance is in the order of tens to tens of µH and L� Lds. Therefore, a further simplified
representation of the mismatch current can be made.
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∆i = |id1 − id2|

= |isec
∆Rds + s∆Lds

Rds1 + Rds2 + s(Lds1 + Lds2)
|

= | Vout(∆Rds + s∆Lds)

sL[Rds1 + Rds2 + s(Lds1 + Lds2)] + (Rds1 + sLds1)(Rds2 + sLds2)
|

≈ |Vout(∆Rds + s∆Lds)

sL[Rds1 + Rds2]
|

(24)

From the above analysis, it can be seen that the current distribution between the two
MOSFETs is independent of filter inductance, and only of the resistance and parasitic
inductance of the MOSFETs and the layout. The current mismatch is directly determined
by the MOSFETs resistance and the parasitic inductance mismatch. Referring to the flux
mutual coupling inductance model shown in Figure 5a, the voltage equations for the two
branches can be listed as (25) and (26), respectively.

VZ1 + Vsec + VL1 + VM12 = Vout (25)

VZ2 + Vsec + VL2 + VM21 = Vout (26)

where VZ1 and VZ2 represent the voltage drop across the MOSFET, which can be expressed
by Equation (27). {

VZ1 = id1 · (Rds1 + sLds1)

VZ2 = id2 · (Rds2 + sLds2)
(27)

Vsec denotes the equivalent voltage source generated by the transformer coupling to
the secondary side, which is determined by the converter parameters and is a constant in
steady-state operation. VL1 and VL2 denote the voltage drops generated by the coupled
excitation inductance and leakage inductance, respectively, which can be expressed by the
Equation (28). 




VL1 = L1
did1
dt

VL2 = L2
did2
dt

(28)

VM12 denotes the voltage drop corresponding to the mutual inductance generated by
inductance L2 over inductance L1, and VM21 denotes the voltage drop corresponding to the
mutual inductance generated by inductance L1 over inductance L2, which can be expressed
by (29). 




VM12 = M12
did2
dt

VM21 = M21
did1
dt

(29)

Since the coupled inductance is wound by the PCB, its consistency and symmetry
are extremely high, and the difference generated by the leakage inductance is negligible
compared with the excitation inductance and mutual inductance, so it can be assumed that
L1 = L2 = L and M12 = M21 = M.

Substituting (28) and (29) into Equations (25) and (26) yields (30) and (31).

VZ1 + Vsec + L
did1
dt

+ M
did2
dt

= Vout (30)

VZ2 + Vsec + L
did2
dt

+ M
did1
dt

= Vout (31)

148



Electronics 2024, 13, 954

Subtract (30) from (31) using the formula (32).

VZ1 −VZ2 + (L−M)(
did1
dt
− did2

dt
) = 0 (32)

Then, Equation (32) can be reduced to (33).

did1
dt
− did2

dt
=

VZ1 −VZ2

M− L
(33)

By defining ∆i = iD1 − iD2 according to the difference subtraction relation, we can
denote (33) by (34).

d∆i
dt

=
d(id1 − id2)

dt
=

VZ1 −VZ2

M− L
(34)

Due to the intrinsic properties of the coupled inductance, M− L < 0. When id1 >
id2, VZ1 > VZ2, there are ∆i > 0, d∆i

dt < 0, and the coupling inductance suppresses the
mismatch current with a suppression rate of |VZ1−VZ2

M−L |. When id1 < id2, VZ1 < VZ2 with
∆i < 0, d∆i

dt > 0, the coupled inductance will suppress the mismatch current, and the
suppression rate is still |VZ1−VZ2

M−L |. When id1 > id2, VZ1 < VZ2 with ∆i > 0, d∆i
dt > 0, the

coupling inductance will increase the mismatch current to equalize the voltage drop of the
two branches at a rate of |VZ1−VZ2

M−L |. When id1 < id2, VZ1 > VZ2 with ∆i < 0, d∆i
dt < 0, the

coupling inductance increases the mismatch current to equalize the voltage drops of the
two branches, and the rate of increase remains |VZ1−VZ2

M−L |.
The difference between a flux cancellation coupled inductance and a flux mutual

coupled inductance is in the polarity of the mutual inductance. The two-branch voltage
relationships of flux cancellation coupled inductance are shown in (25) and (26), the voltage
drop and self-inductance voltage relationships are shown in (27) and (28), and the mutual
inductance voltage drop is different from that of flux mutual coupling, which can be
expressed as (35).





VM12 = M12
did2
dt

VM21 = M21
did1
dt

(35)

The solution process is the same as the flux mutual approach, which will not be
repeated in this paper, and the obtained mismatch current transformation rate can be
expressed as (36)

d∆i
dt

=
d(id1 − id2)

dt
=

VZ1 −VZ2

−(M + L)
(36)

In the flux cancellation, when id1 > id2, VZ1 > VZ2, there are ∆i > 0, d∆i
dt < 0, and the

coupled inductance suppresses the mismatch currents with a suppression rate of |VZ1−VZ2
M+L |.

When id1 < id2, VZ1 < VZ2 with ∆i < 0, d∆i
dt > 0, the coupled inductance will suppress the

mismatch current, and the suppression rate is still |VZ1−VZ2
M+L |. When id1 > id2, VZ1 < VZ2

with ∆i > 0, d∆i
dt > 0, the coupling inductance will increase the mismatch current to equalize

the voltage drop of the two branches at a rate of |VZ1−VZ2
M+L |. When id1 < id2, VZ1 > VZ2, there

are ∆i < 0, d∆i
dt < 0, the coupling inductance will increase the mismatch current to realize

the voltage drop of the two branches are equal, and the rate of increase is still |VZ1−VZ2
M+L |.

To summarize the above, the coupled inductance scheme mismatch current to the
two-branch MOSFET on the voltage drop is equally as critical when the two-way MOSFET
current size and the voltage drop size trend are the same, which suppresses the mismatch
current; when the two-way MOSFET current size and the voltage drop size of the opposite,
the mismatch current is increased. The unbalanced voltage drop is suppressed, centered
around the two MOSFET voltage drops being equal, and the suppression speed is |VZ1−VZ2

M−L |
in the flux mutual and |VZ1−VZ2

M+L | in the flux cancellation.
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3. Coupled Inductance Magnetic Device Design

The parameters of the converter used are shown in Table 1. Since the conventional
transformer design is familiar to the electrical engineer, this paper only explains the coupled
inductance design process.

Table 1. The parameters of the converter.

Characters Value

Input voltage Vin 100 V
Output voltage Vout 12 V

Output current Io 10A
Single branch current isingle 5 A

Output voltage ripple Vripple 0.5 V
Output capacitance Co 470 µF

Single branch filter inductance Lsingle 2.2 µH

3.1. Magnetically Integrated Flux Analysis

The core’s magnetic flux is calculated in flux mutual and flux cancellation, and the
effect of the two cases on the magnetic flux is analyzed. According to the introduction of
magnetic device requirements, the parameters related to the converter core selected in this
chapter are shown in Figure 6. The lengths are shown in millimeters (mm).
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Figure 6. The core of the coupled inductance.

Based on the core, the coupled inductance is designed. The current direction and equiv-
alent flux in the core are shown in Figure 7. The flux mutual forms the same direction in
the core, superimposed upon each other; the flux cancellation forms the opposite direction
of flux, and cancel each other. There is almost no energy stored in the flux cancellation.

According to the above flux analysis, it can be seen that the flux mutual needs the
core size to meet the energy storage, while the flux mutual and flux cancellation offset one
another, which results in the core size being smaller. The flux cancellation impact on the
flux distribution of the core is very small, and there is an opportunity to realize integration
with the main transformer.
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Figure 7. The analysis of equivalent flux: (a) flux mutual; and (b) flux cancellation.

The flyback converter working process is the first half cycle core energy storage, and
the second half cycle of the core stored energy is released to the output. The coupled
inductance is only related to the second half cycle. The flux distribution state of the
magnetic core during the second half cycle is analyzed. The output current and flux
distributions of the two branches are shown in Figure 8. The flux-coupled filter inductance
of the converter is integrated into the transformer core to realize the double utilization of
the core.
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Figure 8. The magnetic integration analysis: (a) flux mutual; and (b) flux cancellation.

As shown in Figure 8, the two secondary currents are donated by S1 and S2, so the
two filter currents are denoted by AUX1 and AUX2, respectively. The coils of the coupled
inductance surround the core, and the entire core and the peripheral air form a closed flux
loop with a low coupling coefficient. The two auxiliary coils generate the magnetic flux
on the core in flux mutual in the same direction while generating flux cancellation in the
opposite direction.

Since the two filter currents are equal in magnitude and arranged in the same way in
mutual cancellation, the flux generated by the two auxiliary coils can cancel each other out.
Based on this, the coupled coils do not affect the flux distribution, and the auxiliary coils
can be integrated into the main core. The integrated strategy reduces the filter core and
improves the power density of the converter.

3.2. The Simulation of the Magnetic Integration

To verify the analysis results, the integrated magnetic device is modeled in the
MAXWELL module of ANSYS software, and the coupling coefficients of the primary
winding, secondary winding and auxiliary winding are simulated and analyzed. The
model in MAXWELL is shown in Figure 9.

The winding and core relationship is schematically shown in the front view section in
Figure 10. To improve the coupling coefficient between the primary and secondary sides as
well as the consistency between the two windings of the secondary side, the secondary1
and secondary2 windings are arranged in symmetrical positions above and below the
primary winding. The two auxiliary windings are on top of the secondary winding. The
primary winding, the secondary1 and secondary2 windings as well as the auxiliary1 and
auxiliary2 windings and the isolation medium FR4 are represented. The auxiliary and main
windings are discrete monolithic structures that realize the disassembly and assembly of
the magnetic integration.
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Figure 9. The integrated magnetic device model.

Primary winding

Secondary winding1 Secondary winding2

Auxiliary winding1 Auxiliary winding2

Isolation mediumFR4

Figure 10. The front cutaway view of the integrated magnetic device model.

The winding width, thickness, and other related parameters are shown in Table 2.
Since the secondary and auxiliary winding currents are equal, the winding width is set as
equal. Based on the manufacturing cost and on-resistance relationship, a 2 ounce copper
thickness was selected, and its thickness is 70 µm.

Table 2. The parameters of the transformer’s windings.

Winding Width Copper Thickness

Primary winding 2 mm 70 µm
Secondary winding1 4.2 mm 70 µm
Secondary winding2 4.2 mm 70 µm
Auxiliary winding1 4.2 mm 70 µm
Auxiliary winding1 4.2 mm 70 µm

Based on the arrangement of the windings, the transformers without/with auxiliary
windings were simulated separately to form a comparison. The simulation flux distribu-
tions of the main transformer without/with auxiliary windings are shown in Figure 11.
Comparing the flux distributions between the transformer with and without auxiliary wind-
ings, the magnetic flux is essentially the same. The coupling coefficients are derived from
flux-related data for quantitative analysis. The coupling coefficients of the transformers
without/with auxiliary windings are listed in Tables 3 and 4, respectively.

Comparing the coupling coefficients without/with auxiliary windings, the coupling
coefficients between the primary and secondary windings increase from 0.991 to 0.992.
Since the changes in the coupling coefficients are small enough, the effect can be neglected.
The coupling coefficient between the two auxiliary windings is 0.150. From (36), the 0.150
coupling coefficient can work effectively in the flux cancellation application.
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(a)

(b)

Figure 11. The simulation flux distributions of the main transformer without/with magnetic integra-
tion: (a) without magnetic integration; and (b) with magnetic integration.

Table 3. The simulation results of the coefficients of the transformer without the auxiliary windings.

Primary Secondary1 Secondary2

Primary 1 0.991 0.991
Secondary1 0.991 1 0.984
Secondary2 0.991 0.984 1

Table 4. The simulation results of the coefficients of the transformer with the auxiliary windings.

Primary Secondary1 Secondary2 Auxiliary1 Auxiliary2

Primary 1 0.992 0.992 0.030 0.027
Secondary1 0.992 1 0.984 0.048 0.027
Secondary2 0.992 0.984 1 0.031 0.024
Auxiliary1 0.030 0.048 0.031 1 0.150
Auxiliary2 0.027 0.027 0.024 0.150 1

4. Experimental Results
4.1. Verification of the Magnetic Integrated Transformer

The magnetically integrated layout was designed, fabricated and tested according
to the magnetically integrated design scheme, in which the auxiliary and main windings
are discrete monolithic types. The physical photos of the main and auxiliary windings
and the integrated transformer are shown in Figure 12. The primary winding ports are
on its left side, whilst the two secondary side windings are distributed in the two ports
above and below the winding, respectively. The auxiliary windings have a total of six ports,
comprising the upper three ports which correspond to the secondary1 winding and the
lower three ports which correspond to the secondary2 winding.
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(a)

(b)

(c)

Figure 12. The experimental prototype of the integrated transformer: (a) the main windings; (b) the
auxiliary windings; and (c) the integrated transformer.

The coupling coefficients of the integrated transformer are measured to verify the
simulation results, and the test results are shown in Table 5.

Comparing the simulation and test coupling coefficients, the coupling coefficients of
the primary and secondary windings in the test results are higher than the simulation results
by about 0.006. According to the definition of the coupling coefficients, their influence on
the converter’s performance is very small and can be ignored. The test coupling coefficient
between the two auxiliary windings is higher than the simulation result. This is because
ANSYS uses the finite element simulation method, its simulation area is the air box that is
immediately adjacent to the auxiliary winding, and the magnetic circuit formed by the air
around the auxiliary winding is calculated. The simulation results of the transformer and
the test results match well with the key parameters.
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Table 5. The tested results of the coefficients of the transformer with the auxiliary windings.

Primary Secondary1 Secondary2 Auxiliary1 Auxiliary2

Primary 1 0.998 0.998 0.027 0.025
Secondary1 0.998 1 0.994 0.021 0.026
Secondary2 0.998 0.994 1 0.025 0.022
Auxiliary1 0.027 0.021 0.025 1 0.210
Auxiliary2 0.025 0.026 0.022 0.210 1

4.2. Verification of Suppression Strategy

The proposed suppression is verified using SiC diodes as rectifier devices. The primary
switch of the converter adopts the CPM309000065B SiC MOSFET from CREE. In general,
the diode mismatch is relatively small, the mismatch characteristics are difficult to test and
demonstrate. The more severe test conditions were constructed to verify the effectiveness
of this strategy. The rectifier diodes on the secondary side are selected as the ASD10120C
SiC diode from AnBon, and MUR1520 Si diode from Onsemi. The specific parameters are
shown in Table 6.

Table 6. The parameters of the diodes used.

Characteristics ASD10120C MUR1520

Repetitive Peak Reverse
Voltage 1200 V 200 V

Forward Voltage @ 10 A 1.6 V 0.9 V
Average Rectified Forward

Current 29 A 15 A

A comparison group without auxiliary windings was constructed to verify the effec-
tiveness of the magnetic integration transformer, and the schematic of the experimental
prototypes and the prototypes themselves are shown in Figures 13 and 14, respectively.
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Figure 13. The schematic of the experimental prototypes: (a) without magnetic integration; and (b)
with magnetic integration.
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Figure 14. The experimental prototypes: (a) without magnetic integration; and (b) with magnetic
integration.

The experimental principle prototypes use ASD10120C in the first branch and MUR1520
in the second branch to achieve the mismatch of the two branches. The test results in
different loads without/with magnetic integration are shown in Figure 15.

The three test lines indicate the diode voltage drop of the first branch, the diode
voltage drop of the second branch, and the difference in the voltage drop between the two
branches, respectively. Comparing the test results without/with magnetic integration in the
same load, the voltage difference between the two branches of the experimental prototype
with the magnetic integration is significantly smaller. Among them, the second branch test
waveform of the prototype without magnetic integration shows drastic voltage fluctuations
during the diode conduction process. The test results reflect that the two branches have
a large mismatch without magnetic integration and the second branch is unstable. There
is a mismatch in the voltages of the two branches of about 0.1 V on the experimental
prototype with the magnetic integration under all load conditions, which is the result of
the mismatch between the coupled inductance of the two branches. Due to the actual
manufacturing process, the main winding PCB has a notch in the lower part of the main
winding, which has a certain effect on the self-inductance of the secondary main winding,
and in the mismatch suppression process, there is a small voltage difference of 0.1 V on
the diode to match the mismatch of the secondary winding of the two branches. The
consistency of the voltage drop difference under different loads verifies the analysis. The
stable operation under different load cases verifies the stability of the magnetic integration
control method proposed in this paper. The converter has a stable mismatch rejection
capability under different load cases. This is consistent with the previous analysis that
the coupled inductance suppresses the voltage drop mismatch reduction direction of the
two branches.

According to the operation of the converter, the effect of the mismatch of the two
branches on the core bias is tested. After 5 min of steady-state operation with a 4 A load,
the thermal distribution of the core and its windings was stable and photographed. The
thermal distribution is shown in Figure 16.
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(a) (b)

(c) (d)

(e) (f)

(g) (h)

Figure 15. The voltage drop characteristics of the two branches: (a) 1 A load without magnetic
integration; (b) 1 A load with magnetic integration; (c) 4 A load without magnetic integration; (d) 4 A
load with magnetic integration; (e) 7 A load without magnetic integration; (f) 7 A load with magnetic
integration; (g) 10 A load without magnetic integration; (h) 10 A load with magnetic integration.

In the case of the 4 A load, the maximum temperature of the transformer without
core integration is 39.3 ◦C, the average temperature is 37.6 ◦C, the maximum temperature
of the transformer with magnetic integration is 35.8 ◦C, and the average temperature is
34.1 ◦C. The overall operating temperature of the transformer with magnetic integration
is significantly lower than that of the transformer without magnetic integration. The
temperature distribution diagram shows that the magnetic integration scheme has little
effect on the magnetic energy distribution of the core, and its suppression of current loss
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can effectively reduce the working temperature of the transformer, which has a good effect
on the thermal distribution and reliability of the converter.

(a) (b)

Figure 16. The temperature distribution of the transformer: (a) without magnetic integration; and
(b) with magnetic integration.

According to the test waveform and the calculation results of the mismatch current, it
can be seen that the prototype of the magnetic integration principle can effectively suppress
the current mismatch caused by the mismatch. The efficiency test with/without magnetic
integration is carried out under different load conditions, and the efficiency test results are
shown in Figure 17.
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Figure 17. The efficiency comparison.

When the load is 1 A, the efficiency of the converter with magnetic integration is
lower than that of the traditional converter, which is due to the new auxiliary winding
increasing the copper loss of the transformer. This part of the conduction loss accounts for a
large proportion in light load, which reduces the efficiency of the principle prototype with
magnetic integration. With the load increasing, the efficiency of the converter with magnetic
integration monotonically increases in the load range of 1–9 A, while the efficiency of the
traditional converter only increases in the range of 1–5 A. With the load increasing, the
current is distributed in the two branches, and the diode conduction and reverse recovery
loss is small, while the diode conduction loss of the traditional converter rapidly increases
due to the uneven current distribution. The efficiency of the converter without magnetic
integration decreases after the 5 A load because the diode conduction and reverse recovery
loss account for the loss dominance. As the load continues to increase, the efficiency of the
magnetic integration prototype reaches its maximum at 9 A, which is 93.68%. Through
the above efficiency analysis, it can be seen that the magnetic integrated control method
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can effectively improve the efficiency of the current offset converter, especially under the
condition of heavy load, as the efficiency of the converter is more obvious.

The efficiency improvement of this strategy was tested at different temperatures, and
the test results are shown in Figure 18. This strategy worked effectively in the range
from −25 ◦C to 75 ◦C. The enhancement effect is more obvious under heavy-load and
high-temperature conditions. This is because the on-state voltage drops of Si and SiC
diodes become opposites as the operating temperature increases. The on-state voltage of
the Si diode drops while the SiC diode rises as the operating temperature increases, which
leads to a more serious mismatch in the conventional method. The mismatch reduces the
efficiency of the conventional converter. The proposed strategy suppresses the mismatch,
and the efficiency improvement is more obvious.
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Figure 18. The efficiency improvements at different temperatures.

For long-term stability and effectiveness, the life test was performed. The principle
prototype operated continuously for 10 h with 10 A load at room temperature. The
efficiency variations are shown in Figure 19. The efficiency degradation is within 3%, which
is acceptable in commercial applications.
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Figure 19. The efficiency variations in long-term operating.

5. Conclusions

In high-frequency applications, the mismatch between devices and circuits can have
extremely harsh effects. To take full advantage of the high-frequency characteristics of
SiC power devices, suppressing the mismatch has become an urgent problem. Starting
from the current mismatch problem of parallel devices, this paper analyzes the working
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mechanism of the coupling inductance to suppress the mismatch and reveals that the
mismatch suppression of the coupling inductance on different branches is essentially the
essence of the suppression of the voltage mismatch of different branches. Furthermore, a
novel magnetic integration strategy is proposed to suppress the mismatch. The strategy
integrates the coupling inductance into the main core and balances the mismatch of the
two branches at the output end by suppressing the voltage difference. To verify the control
method, the design and manufacture of the experimental prototype were carried out, and
the effectiveness of the control method was verified in the whole load by constructing
severe mismatch conditions. The mismatch voltage of the two branches is controlled within
0.1 V. Compared with the comparison group, the proposed strategy suppresses the loss
caused by mismatch and improves the efficiency of the converter. The efficiency of the
magnetic integrated converter at full load is 92.94%, which is 6.52% higher than that of
the traditional converter, and the prototype of the magnetic integration principle has a
maximum efficiency of 93.68% at a load of 9 A. The technical advantages are analyzed
above, whilst the scalability and mass production are analyzed as follows. The principle
prototype produced in this paper is based on a commercial printed-circuit-board (PCB)
preparation process and mature commercial devices, so it is a perfect match for existing
technological fabrication processes. The magnetic integration strategy reduces an auxiliary
winding core, and uses separated windings to avoid increasing the number of layers of
PCB, which effectively controls the cost of the converter. Therefore, mass production is not
a problem in terms of manufacturing and cost.
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Abstract: The 1.2 kV SiC MOSFET with a buried oxide was verified to be effective in improving
switching characteristics. It is crucial to reduce the gate–drain charge (QGD) of devices to minimize
switching loss (Etotal). The SiC MOSFET with a split gate and device with a buffered oxide have
been proposed by previous studies to reduce the QGD of the devices. However, both devices have a
common issue of the concentration of the electric field at the gate oxide. In this paper, we propose the
1.2 kV SiC MOSFET with a buried oxide to reduce the QGD and suppress the electric field crowding
effect at the gate oxide. We analyzed the specific on-resistance (Ron,sp), QGD and the maximum
electric field at the gate oxide in the off state (Eox,max) according to the width (WBO) and thickness
of the buried oxides (TBO). The device with the buried oxide, under optimal conditions, showed
lower Eox,max and Etotal without significant increase in Ron,sp in comparison to the device with a
conventional structure. These results indicate that the buried oxide can improve the switching
characteristics of 1.2 kV SiC MOSFETs.

Keywords: SiC; MOSFET; gate charge; electric field crowding effect; switching characteristics

1. Introduction

Silicon carbide (SiC) power semiconductors exhibit superior performance compared
to silicon (Si) power semiconductors owing to their wide bandgap energy, high critical
electric field and thermal conductivity [1–5]. SiC devices with wide bandgap energy
demonstrate reliable operation even at elevated temperatures due to their lower intrinsic
carrier density [1,2]. The high critical electric field of SiC enables the design of a thinner
N-drift layer with higher doping concentration compared to Si devices operating at the
same rated voltage. The resistance of the N-drift layer accounts for the majority of the
total resistance, so SiC devices with thin and high-doped N-drift layer exhibit lower on-
resistance and conduction loss. Additionally, SiC devices have high thermal conductivity,
ensuring stable performance even at high temperatures [3,4].

SiC devices such as SiC Schottky barrier diodes (SBDs) and SiC metal oxide semicon-
ductor field effect transistors (MOSFETs) are widely used in the rated voltage range from
600 V to over 3.3 kV due to their superior breakdown characteristics and low resistance. Par-
ticularly, 1.2 kV SiC MOSFETs are extensively utilized as switching components in electric
vehicle on-board chargers, inverters and DC–DC converters [4,5]. However, the gate charge
of 1.2 kV SiC MOSFETs are required to be minimized because a large portion of the energy
loss occurs during the switching operation of the devices. The gate–drain charge (QGD) is a
main parameter that influences the switching characteristics of SiC MOSFETs. High voltage
and current are applied simultaneously to the devices when the gate–drain capacitance
(CGD) is being charged [5,6]. Several studies to improve the switching characteristics of SiC
MOSFETs by reducing the QGD have been reported [7–17].

Baliga’s research group reported the use of a 1.2 kV SiC MOSFET with a split gate
to reduce QGD of the device. The split gate has a split structure of a poly-Si gate over the

Electronics 2024, 13, 962. https://doi.org/10.3390/electronics13050962 https://www.mdpi.com/journal/electronics162



Electronics 2024, 13, 962

JFET region. The device with the split gate is effective for reducing QGD because the area
overlapped between the gate and the drain is reduced [8–12]. However, the device with
the split gate presents the issue that the electric field is concentrated at the gate oxide [8,9].
In subsequent studies, they added a p-type layer of high concentration to the bottom of the
p-base region to suppress the electric field crowding effect at the device. This p-type layer
of high concentration serves to protect the gate oxide by widening the depletion layer in
the p-base junction [10–12].

Buffered oxide is another structure that can reduce the QGD of SiC MOSFETs. The
buffer oxide has the structure where a thick oxide is deposited over the JFET region. The
1.2 kV SiC MOSFET with buffered oxide has lower QGD compared to the device with a
conventional structure due to a decrease in CGD [13,14]. However, the protruding shape of
the poly-Si gate leads to the concentration of the electric field at the corners of the buffered
oxide. The 1.2 kV SiC MOSFET with a tapered buffer oxide has been introduced to address
the issue of electric field crowding effect in the device with the buffered oxide [14]. The
tapered buffer oxide is characterized by the addition of an angle to the buffered oxide. The
device with tapered buffer oxide has shown the ability to disperse the concentration of the
electric field at the corners of the gate oxide [7,14].

The device with the split gate and the p-type layer with high concentration needs an
additional step for ion implantation [10–12,15]. In the case of the device with the tapered
buffer oxide, the maximum electric field at the gate oxide in the off state (Eox,max) of the
device is highly dependent on the angle of the tapered buffer oxide [14]. Several studies
that have investigating the gate reliability of SiC MOSFETs using an analysis of time
dependent dielectric breakdown have reported that SiC MOSFETs have reliable electrical
characteristics when the Eox,max has been designed below 3 MV/cm [16–18]. Therefore, it
is necessary to develop the devices for low Eox,max as well as for low QGD.

In this paper, the 1.2 kV SiC MOSFET with buried oxide which has improved switching
and electric field characteristics is proposed. We used TCAD simulations to verify the
performance of the 1.2 kV SiC MOSFET with the buried oxide. The device with the buried
oxide, shown in Figure 1b, has a structure in which the JFET region is etched and filled with
oxide. We analyzed the specific on-resistance (Ron,sp), QGD and Eox,max of the devices with
the buried oxides according to the width (WBO) and thickness of the buried oxide (TBO) to
obtain optimal conditions for the buried oxide. In addition, the switching characteristics
of the device with the conventional structure and the device with the buried oxide under
optimal conditions were compared. The results showed that buried oxide is effective in
improving the switching characteristics of 1.2 kV SiC MOSFETs without deteriorating other
electrical characteristics.
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Figure 1. Cross-sectional views of 1.2 kV SiC MOSFETs. (a) The device with the conventional
structure and (b) the device with the buried oxide.

2. Methods of Simulations

Sentaurus TCAD simulations were used to evaluate the performance of the 1.2 kV SiC
MOSFET with buried oxide. For comparison, the 1.2 kV SiC MOSFET with the conventional
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structure and the 1.2 kV SiC MOSFETs with buried oxides were designed. The simulations
were conducted based on the size of a half-cell. The target values for breakdown voltage
(BV) and Ron,sp were set at 1560 V and 5 mΩ·cm2, respectively. The cell pitch, channel
length, width of the JFET, concentration and thickness of the N-drift layer were designed
considering the target BV and Ron,sp [19–21]. The width of the JFET from the surface of
the N-drift layer, based on the half-cell, is 0.7 µm. The aluminum (Al) concentration of
the p-base is highest at a distance of 0.4 µm from the surface of the N-drift layer. At this
location of the highest Al concentration in the p-base, the width of the JFET, based on the
half-cell, is 0.5 µm. To ensure that the buried oxide does not completely block the JFET
region, the WBO was designed to be between 0.1 and 0.5 µm and TBO was designed to be
between 0.1 and 0.3 µm. Design parameters of the device with the conventional structure
and the device with the buried oxide are summarized in Table 1. To optimize the design
conditions for buried oxide, we compared the Ron,sp, QGD and Eox,max of the devices with
buried oxides according to the WBO and TBO. The switching loss (Etotal) of the device
with the conventional structure and that with the buried oxide under optimal conditions
were then compared, revealing that buried oxide is effective in improving the switching
characteristics of 1.2 kV SiC MOSFETs.

Table 1. Design parameters of the 1.2 kV SiC MOSFET with the conventional structure and devices
with the buried oxides.

Design Parameters [Unit] Value

Width of the half-cell [µm] 3
Length of the channel [µm] 0.5

Concentration of the N-drift layer [cm−3] 1 × 1016

Thickness of the N-drift layer [µm] 10
Width of the JFET in half-cell [µm] 0.7

Width of the buried oxide (WBO) [µm] 0.1, 0.2, 0.3, 0.4, 0.5
Thickness of the buried oxide (TBO) [µm] 0.1, 0.2, 0.3

3. Results and Discussion

Figure 2 is the Ron,sp of the device with the conventional structure and devices with
the buried oxides according to the WBO and TBO.

Electronics 2024, 13, x FOR PEER REVIEW 3 of 9 
 

 

2. Methods of Simulations 
Sentaurus TCAD simulations were used to evaluate the performance of the 1.2 kV 

SiC MOSFET with buried oxide. For comparison, the 1.2 kV SiC MOSFET with the con-
ventional structure and the 1.2 kV SiC MOSFETs with buried oxides were designed. The 
simulations were conducted based on the size of a half-cell. The target values for break-
down voltage (BV) and Ron,sp were set at 1560 V and 5 mΩ·cm2, respectively. The cell pitch, 
channel length, width of the JFET, concentration and thickness of the N-drift layer were 
designed considering the target BV and Ron,sp [19–21]. The width of the JFET from the sur-
face of the N-drift layer, based on the half-cell, is 0.7 µm. The aluminum (Al) concentration 
of the p-base is highest at a distance of 0.4 µm from the surface of the N-drift layer. At this 
location of the highest Al concentration in the p-base, the width of the JFET, based on the 
half-cell, is 0.5 µm. To ensure that the buried oxide does not completely block the JFET 
region, the WBO was designed to be between 0.1 and 0.5 µm and TBO was designed to be 
between 0.1 and 0.3 µm. Design parameters of the device with the conventional structure 
and the device with the buried oxide are summarized in Table 1. To optimize the design 
conditions for buried oxide, we compared the Ron,sp, QGD and Eox,max of the devices with 
buried oxides according to the WBO and TBO. The switching loss (Etotal) of the device with 
the conventional structure and that with the buried oxide under optimal conditions were 
then compared, revealing that buried oxide is effective in improving the switching char-
acteristics of 1.2 kV SiC MOSFETs. 

Table 1. Design parameters of the 1.2 kV SiC MOSFET with the conventional structure and devices 
with the buried oxides. 

Design Parameters [Unit] Value 
Width of the half-cell [µm] 3 
Length of the channel [µm] 0.5 

Concentration of the N-drift layer [cm−3] 1 × 1016 
Thickness of the N-drift layer [µm] 10 
Width of the JFET in half-cell [µm] 0.7 

Width of the buried oxide (WBO) [µm] 0.1, 0.2, 0.3, 0.4, 0.5 
Thickness of the buried oxide (TBO) [µm] 0.1, 0.2, 0.3 

3. Results and Discussion 
Figure 2 is the Ron,sp of the device with the conventional structure and devices with 

the buried oxides according to the WBO and TBO. 

 
Figure 2. Ron,sp of the 1.2 kV SiC MOSFETs with the conventional structure and devices with buried 
oxides according to the WBO and TBO (VGS = 18V). 

The 1.2 kV SiC MOSFETs with the buried oxides have higher Ron,sp than the device 
with the conventional structure. The Ron,sp of the devices with buried oxides increases 
sharply with the increasing TBO when the WBO is 0.4 µm or higher. To analyze the sharp 
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oxides according to the WBO and TBO (VGS = 18 V).

The 1.2 kV SiC MOSFETs with the buried oxides have higher Ron,sp than the device
with the conventional structure. The Ron,sp of the devices with buried oxides increases
sharply with the increasing TBO when the WBO is 0.4 µm or higher. To analyze the sharp
increase in the Ron,sp of the devices with buried oxides when the WBO is 0.4 µm or greater,
the total current density of the devices with buried oxides was analyzed.

Figure 3 illustrates the total current density of 1.2 kV SiC MOSFETs with the buried
oxides. The total current density was derived when the devices with the buried oxides had
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VDS and VGS of 10 and 18 V, respectively. The buried oxide approaches the p-base region as
the WBO increases from 0.3 to 0.5 µm, leading to a reduction in the current density flow
through the JFET region. For the devices with the TBO of 0.3 µm, it is evident that the buried
oxide significantly impedes current flow through the JFET region. This obstruction of the
current flow in the JFET region results in an increase in accumulation resistance [19–21]. In
the case of the device with the buried oxide, where the WBO is 0.5 and TBO is 0.3 µm, the
Ron,sp of the device is 60.81 kΩ·cm2 because the current is rarely flowing through the JFET
region. These results indicate that the WBO needs to be 0.4 µm or less to reduce the Ron,sp.
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The QGD of the 1.2 kV SiC MOSFET with the conventional structure and devices with
the buried oxides according to the WBO and TBO are shown in Figure 4.
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The QGD was determined by calculating the shift in gate charge between the two points
where the slope of the Vgs−QG curve exhibits the maximum value [13,14]. In contrast to
Figure 2, the QGD of the devices with the buried oxides is lower than that of the device with
the conventional structure. This tendency becomes more noticeable as the WBO and TBO
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increase. When the devices have buried oxides with larger WBO and TBO, the area where
the gate and the drain overlap is reduced, leading to a decrease in CGD between the gate
and the drain [5,13,14].

Figure 5 shows the Eox,max of the 1.2 kV SiC MOSFET with the conventional structure
and devices with the buried oxides according to the WBO and TBO. The Eox,max of the devices
with the buried oxides is lower than that of the device with the conventional structure because
the buried oxide is effective in dispersing the electric field at the gate oxide [13,14]. The Eox,max
of the devices with buried oxide decreases as the WBO increases from 0.1 to 0.3 µm. However,
the Eox,max of the devices with buried oxide increases as the WBO increases from 0.4 to 0.5 µm.
The electric field distribution of 1.2 kV SiC MOSFETs with buried oxides according to the WBO
and TBO was analyzed to figure out the cause of the increase in the Eox,max of the devices with
the buried oxides when the WBO is 0.4 µm or greater.
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Figure 6a,b are the electric field distribution of the devices with the TBO of 0.4 and
0.5 µm, respectively. The respective Eox,max and locations where the electric field concentrates
at the buried oxide are noted within each figure. The p-base has the highest Al concentration
at a distance of 0.4 µm from the surface of the N-drift layer. At this point, the width of the
JFET is 0.5 µm based on the half-cell. Therefore, the devices with the buried oxides and with
a TBO of 0.3 µm are positioned closer to the junction between the p-base and the JFET than
those with a TBO of 0.1 and 0.2 µm. Since the electric field is concentrated at the junction
between the p-type and n-type semiconductors, the devices with the buried oxides with a
TBO of 0.3 µm have high Eox,max due to the influence of the concentrated electric field at the
junction between the p-base and the JFET [5,19,22,23]. When the WBO is 0.3 µm or less, the
buried oxide is far enough away from the junction between the p-base and the JFET to prevent
this phenomenon. However, when the WBO is 0.4 µm or greater, the buried oxide approaches
the junction between the p-base and the JFET, causing an increase in Eox,max. This increase in
Eox,max is particularly pronounced when the TBO is 0.3 µm.

The devices with buried oxides, where the WBO is greater than 0.4 µm, exhibit a signif-
icant increase in Ron,sp compared to the other devices with the buried oxides. Among the
devices with the buried oxides where the WBO is 0.3 µm or less, the device with the buried
oxide with a WBO of 0.3 and a TBO of 0.3 µm has the smallest QGD and Eox,max. Therefore, the
optimal conditions for the WBO and TBO were chosen as 0.3 and 0.3 µm, respectively.

We compared the switching characteristics of the device with the conventional struc-
ture and the device with the buried oxide under optimal conditions (WBO = 0.3 and
TBO = 0.3 µm). The used circuit for switching characteristics is shown in Figure 7. The
circuit of Figure 7 was designed based on the settings of the Keysight PD1550A Double
Pulse Analyzer. The gate voltage for switching the devices was switched from −5 to 18 V
and the drain supply voltage was set to 800 V. Resistance of the gate and the load of the
inductor were set to 10 Ω and 120 µH, respectively. The Etotal was calculated as the integral
of the product of Id and Vds during the time which the device was switched [24].

166



Electronics 2024, 13, 962Electronics 2024, 13, x FOR PEER REVIEW 6 of 9 
 

 

 

 
(a) 

 
(b) 

Figure 6. Electric field distribution of the 1.2 kV SiC MOSFETs with the buried oxides in the off 
state (VDS = 1200 V) with (a) a WBO of 0.4 and (b) a WBO of 0.5 µm. 

We compared the switching characteristics of the device with the conventional struc-
ture and the device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 
0.3 µm). The used circuit for switching characteristics is shown in Figure 7. The circuit of 
Figure 7 was designed based on the settings of the Keysight PD1550A Double Pulse Ana-
lyzer. The gate voltage for switching the devices was switched from −5 to 18 V and the 
drain supply voltage was set to 800 V. Resistance of the gate and the load of the inductor 
were set to 10 Ω and 120 µH, respectively. The Etotal was calculated as the integral of the 
product of Id and Vds during the time which the device was switched [24]. 

 
Figure 7. Circuit for switching simulations to compare the Etotal of the device with the conventional 
structure and the device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 0.3 
µm). 

Figures 8 and 9 are the turn-on and turn-off switching characteristics of the 1.2 kV 
SiC MOSFETs with the conventional structure and the device with the buried oxide under 
optimal conditions (WBO = 0.3 and TBO = 0.3 µm), respectively. The Vgs, Vds and Id of the 
device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) vary more sharply during the 
switching process than the device with the conventional structure. Because the device 
with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has lower QGD than the device with the 
conventional structure, the device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has 
fast rates of charge and discharge [5–7]. The device with the buried oxide (WBO = 0.3 and 
TBO = 0.3 µm) has lower power dissipated during the switching process than the device 
with the conventional structure. 

Figure 6. Electric field distribution of the 1.2 kV SiC MOSFETs with the buried oxides in the off state
(VDS = 1200 V) with (a) a WBO of 0.4 and (b) a WBO of 0.5 µm.

Electronics 2024, 13, x FOR PEER REVIEW 6 of 9 
 

 

 

 
(a) 

 
(b) 

Figure 6. Electric field distribution of the 1.2 kV SiC MOSFETs with the buried oxides in the off 
state (VDS = 1200 V) with (a) a WBO of 0.4 and (b) a WBO of 0.5 µm. 

We compared the switching characteristics of the device with the conventional struc-
ture and the device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 
0.3 µm). The used circuit for switching characteristics is shown in Figure 7. The circuit of 
Figure 7 was designed based on the settings of the Keysight PD1550A Double Pulse Ana-
lyzer. The gate voltage for switching the devices was switched from −5 to 18 V and the 
drain supply voltage was set to 800 V. Resistance of the gate and the load of the inductor 
were set to 10 Ω and 120 µH, respectively. The Etotal was calculated as the integral of the 
product of Id and Vds during the time which the device was switched [24]. 

 
Figure 7. Circuit for switching simulations to compare the Etotal of the device with the conventional 
structure and the device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 0.3 
µm). 

Figures 8 and 9 are the turn-on and turn-off switching characteristics of the 1.2 kV 
SiC MOSFETs with the conventional structure and the device with the buried oxide under 
optimal conditions (WBO = 0.3 and TBO = 0.3 µm), respectively. The Vgs, Vds and Id of the 
device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) vary more sharply during the 
switching process than the device with the conventional structure. Because the device 
with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has lower QGD than the device with the 
conventional structure, the device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has 
fast rates of charge and discharge [5–7]. The device with the buried oxide (WBO = 0.3 and 
TBO = 0.3 µm) has lower power dissipated during the switching process than the device 
with the conventional structure. 

Figure 7. Circuit for switching simulations to compare the Etotal of the device with the conventional
structure and the device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 0.3 µm).

Figures 8 and 9 are the turn-on and turn-off switching characteristics of the 1.2 kV
SiC MOSFETs with the conventional structure and the device with the buried oxide under
optimal conditions (WBO = 0.3 and TBO = 0.3 µm), respectively. The Vgs, Vds and Id of the
device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) vary more sharply during the
switching process than the device with the conventional structure. Because the device with
the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has lower QGD than the device with the
conventional structure, the device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) has
fast rates of charge and discharge [5–7]. The device with the buried oxide (WBO = 0.3 and
TBO = 0.3 µm) has lower power dissipated during the switching process than the device
with the conventional structure.

The electrical characteristics of the 1.2 kV SiC MOSFETs with the conventional structure
and the device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) are summarized in Table 2.
The Ron,sp, QGD and Eox,max of the device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm)
are 4.71 mΩ·cm2, 1.61 nC and 1.50 MV/cm, respectively. The device with the buried oxide
(WBO = 0.3 and TBO = 0.3 µm) showed a 46.11% decrease in QGD, a 30.88% decrease in
Eox,max and only a 6.10% increase in Ron,sp compared to the device with the conventional
structure. In addition, the Etotal of the 1.2 kV SiC MOSFET with the buried oxide (WBO = 0.3
and TBO = 0.3 µm) is lower than the device with the conventional structure. The Etotal of the
device with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) is 39.49 µJ, which is 20.84% lower
than that of the device with the conventional structure. These results demonstrate that buried
oxide can improve the switching characteristics of 1.2 kV SiC MOSFETs.
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Table 2. Comparisons of the electrical characteristics of the 1.2 kV SiC MOSFETs with the conventional
structure and device with the buried oxide under optimal conditions (WBO = 0.3 and TBO = 0.3 µm).

Electrical
Characteristics

The Device with
the Conventional Structure

The Device with the Buried Oxide
(WBO = 0.3 and TBO = 0.3 µm)

Ron,sp [mΩ·cm2] 4.44 4.71
BV [V] 1677 1688

QGD [nC] 2.99 1.61
Eox,max [MV/cm] 2.17 1.50

Etotal [µJ] 49.89 39.49

4. Conclusions

The 1.2 kV SiC MOSFET with the buried oxide was introduced to improve the switch-
ing characteristics of the device by reducing the QGD. By analyzing the Ron,sp, QGD and
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Eox,max of the devices with the buried oxides according to the WBO and TBO, it was shown
that the device with the buried oxide has the best performance when the WBO and TBO are
0.3 and 0.3 µm, respectively. The Eox,max and Etotal of the device with the buried oxide (WBO
= 0.3 and TBO = 0.3 µm) were 1.50 MV/cm and 39.49 µJ, resulting in 30.88% and 20.84%
reductions compared to those with the conventional structure. The Ron,sp of the device
with the buried oxide (WBO = 0.3 and TBO = 0.3 µm) increased by only 6.10% compared to
that of the device with the conventional structure.
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Abstract: SiC (silicon carbide) MOSFETs have been extensively used in the power electronics industry
due to their exceptional characteristics. First, it was found in this study that their driving loss is
larger than their conduction loss in high-frequency applications. Based on this finding, this study
proposes a hierarchical driving control strategy for improving the parallel-converter efficiency of SiC
MOSFETs under light loads. Efficiency under light loads is of great importance for battery-based
energy storage systems. To minimize the sum of the conduction loss and driving loss in parallel
devices, this study proposes a current-monitoring hierarchical driving strategy based on an active-
clamped flyback converter. By monitoring the output current of the converter, the strategy minimizes
the sum of the driving and conduction losses by switching the driving state under different loads.
The results of simulations indicate the effectiveness of the load-current-monitoring strategy. To
verify the effectiveness of this method, a principle prototype of two SiC MOSFETs connected in
parallel at 12 V/5 A was fabricated and tested, and the test results showed that there was a maximum
improvement of 1.4% in the converter’s efficiency when the load current was in the range of 0.5–1.5 A.

Keywords: parallel SiC MOSFETs; conduction loss; driving loss; hierarchical driving

1. Introduction

Excessive emissions of greenhouse gases have led to global warming and a resultant
increase in the frequency of extreme weather, heat waves, floods, and other natural disasters,
which have jeopardized the survival of all of humankind. With the deterioration of the
natural environment, the suppression of climate change has become the center of focus
of research in the mainstream scientific community [1,2]. Clean energy is one of the main
solutions. However, clean energy sources, such as wind and solar power, are subject to
external conditions, and their operating conditions fluctuate greatly. An effective solution
is the application of battery energy storage systems. Battery energy storage systems must
maintain high efficiency in all load ranges, especially under medium and light loads [3–5].
SiC MOSFETs offer dynamic characteristics superior to those of Si (silicon) MOSFETs and
IGBTs, resulting in significant improvements in their energy conversion efficiency and
power density. At the same voltage and current levels, SiC MOSFETs have the advantages
of a small on-resistance, small gate charge, low input and output capacitance, and small
switching loss compared with those of Si MOSFETs [6–11].

Compared with Si MOSFETs, the performance advantages of SiC MOSFETs are mainly
reflected in their smaller gate charge and faster switching speed, enabling the development
of high-performance converters with a higher frequency, higher efficiency, and higher
power density [12–14]. Due to the low electron mobility of the SiC material itself, it
requires a higher gate drive voltage to generate enough channel carriers to achieve a
low on-resistance [15,16]. This means that the gain of the lower on-resistance of SiC
MOSFETs comes at the cost of a higher drive voltage. Under such conditions, a higher
drive voltage means that the driver circuit needs to provide a higher pulse current and
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greater losses. At the same time, SiC MOSFETs have significantly lower conduction and
switching losses than those of Si MOSFETs, and drive losses play a more important role in
the total power consumption. The change in the loss relationship is more pronounced in
high-frequency applications of SiC MOSFETs, as the drive loss increases linearly with the
operating frequency. In high-current applications, where multiple MOSFETs are connected
in parallel, the drive loss increases exponentially with the number of devices connected
in parallel. The driving loss of a device is comparable to the conduction loss in a certain
load current range, so during the application of SiC MOSFETs, the driving loss becomes a
necessary consideration in the converter design, especially for light loads.

SiC MOSFETs are employed in synchronous boost converters to meet the need for both
high-voltage applications and soft switching under light loads [4]. Their topology utilizes
a quasi-square-wave zero-voltage switching technique to improve the efficiency of the
converter. When a converter is operating under light loads, the fixed-operating-frequency
mode of operation causes the converter to lose its soft switching and significantly increases
the reactive power. In this case, the use of SiC MOSFETs to increase the switching frequency
ensures that the power device achieves soft switching without increasing the reactive
power. The authors of [17] proposed a three-phase dual active bridge converter using SiC
MOSFETs. This scheme improved the conventional single-phase phase-shift scheme by
creating a hybrid duty cycle and phase-shift control scheme from the control method, which
ensured the soft switching of the switches while increasing the operating frequency of the
converter and, thus, improved the converter’s efficiency under light loads. Such schemes
optimize the converter’s operating frequency from the perspective of topology, and SiC
MOSFETs are adopted only to improve the operating frequency; their design focuses on
switching losses, which are related to the realization of soft switching. The relationships
between the conduction loss, driving loss, and switching loss in the application of SiC
MOSFETs have not been analyzed.

The authors of [18] conducted an in-depth analysis of the driving loss and driving
power structure of SiC MOSFETs. A method for the estimation of the driving loss accord-
ing to the device manual was provided. The nonlinear variations in the device’s gate
capacitance and the distribution of the driving loss were analyzed. The driving loss was
correlated with the drive voltage, the total gate charge, and the switching frequency. The re-
port quantitatively analyzed the driving loss of SiC MOSFETs and quantitatively calculated
the loss distribution in different operating states, which paved the way for a subsequent
loss analysis and targeted designs for specific operating conditions. This study proposed a
scheme for separating the design of a device’s turn-on and turn-off gate resistors based on
the device’s operating state. It focused on the relationship between the driving loss and the
device parameters in a single switch, but the relationship between the driving loss and the
conduction loss was not examined.

The authors of [19] optimized the design of SiC MOSFETs with respect to the drive
voltage versus the efficiency and reliability. This study showed that SiC MOSFETs are
dominated by drift resistance and channel resistance in the on-resistance of the MOSFET
due to the high critical electric field. A high gate drive voltage is required to realize the
complete inversion of a device and reduce the on-resistance of a MOSFET. According to this
study, the relatively high drive voltage recommended in the device manual could effectively
reduce the on-resistance and turn-on loss of the device, which have a significant effect on
its overall loss reduction. The relationship between the switching loss and conduction loss
in a specific MOSFET was analyzed, but parallel devices were not considered.

The above studies investigated SiC MOSFETs at different drive voltages, in different
drive modes, with driving loss distributions, and with drive soft-switching technology, and
their contents are of great significance for the application of single SiC MOSFETs. However,
there is a lack of targeted research on the driving of SiC power devices under high-current
and high-frequency operating conditions. When SiC MOSFETs are used in parallel in
high-current and high-frequency converters, their on-resistance decreases under the same
withstanding voltage, and an increase in the switching speed leads to a significant decrease
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in the on-state and switching losses compared with those of Si MOSFETs. Although the
gate charge of SiC MOSFETs has been reduced in comparison with that of Si MOSFETs, the
increase in the drive voltage makes the driving loss a larger part of the device loss, which
is different from the loss characteristics of conventional Si MOSFETs.

This study analyzes the relationship of the switching and the conduction losses in the
application of SiC MOSFETs connected in parallel and proposes a hierarchical driving strat-
egy to minimize the total loss. The strategy is verified with simulations and experiments.
The experimental results showed that the loss was reduced by up to 9.4% for light loads,
and the efficiency was not affected by heavy loads.

2. Quantitative Analysis of Losses and the Design of the Switching Point

The strategy was validated by applying it to an active-clamped flyback topology, which
is shown in Figure 1. Since the operating principle of active-clamped flyback converters is
familiar to that of engineers, this study focused on the operating mechanism of a hierarchical
driving control strategy for parallel SiC MOSFETs. For heavy-load applications, parallel
MOSFETs are the main solution for improving efficiency by reducing the conduction loss.
However, parallel MOSFETs introduce driving loss under light loads.

VIN Lk

QH

VSW

QL

Co

n:1

Lm Ro
Cclamp

SR

Figure 1. The topology of the active-clamped flyback converter.

A quantitative analysis of the driving and conduction losses of silicon and silicon
carbide MOSFETs in parallel applications is presented. MOSFETs with a voltage rating of
1200 V and a current rating of 30 A were chosen for comparison. The CREE C3MP0075120D
SiC MOSFET and Microsemi APT28M120L Si MOSFET were used to calculate the driving
and conduction losses of the devices at the designed operating conditions. Since the
active-clamped flyback converter has the characteristic of soft switching, the advantage of
SiC MOSFETs in terms of switching characteristics can be neglected. So, this study only
quantitatively analyzes the driving loss and conduction loss.

The conduction loss of the MOSFET can be expressed as (1).

Pcon =
1
n

I2Rds (1)

where n represents the number of MOSFETs driven and I denotes the rms current through
the device. In a converter in steady-state operation, the rms current through the MOSFET
can be expressed as (2).

I =

√∫ DT
0 i2 dt

T
(2)
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According to the relevant parameters of the two MOSFETs, the conduction losses of
SiC and Si MOSFETs can be expressed as Pcon−SiC = 75I2 mW and Pcon−Si = 450I2 mW,
respectively.

The driving loss can be expressed by Equation (3).

Pdri = n ·VDD ·QG · fSW (3)

where n represents the number of MOSFETs driven, VDD represents the driving voltage of
the MOSFETs, and QG represents the amount of charge stored in the gate capacitance per
cycle. fSW represents the switching frequency of the MOSFETs. The operating frequency is
normalized to 100 KHz, allowing the frequency coefficient κ = fSW/100 KHz to be defined,
under which the driving losses of SiC and Si MOSFETs in a single comparison device can
be expressed as Pdri−SiC = 102.6 · κ mW and Pdri−Si = 300 · κ mW.

Based on the qualitative analysis, the conduction loss of a Si MOSFET is 1.5 times
the driving loss at 100 KHz/1 A. Parallel-connected Si MOSFETs can reduce the sum
of the conduction and driving losses. For SiC MOSFETs, the driving loss is 1.37 times
the conduction loss at 100 KHz/1 A, and parallel-connected SiC MOSFETs introduce
more loss into the load. Additionally, the working frequency of the SiC MOSFETs can
reach several MHz, making the driving loss higher. A loss comparison is made between
APT28M120L and C3MP0075120D in dual-MOSs application; the results are shown in
Table 1. The highest frequency represents the recommended highest working frequency,
and the effective current represents the effective current range at the recommended highest
working frequency. The hierarchical driving control strategy only can work effectively in
0–0.87 A in parallel Si MOSFET applications.

Table 1. The driving and conduction loss comparison between APT28M120L and C3MP0075120D.

Device Type Device Part Number Highest Frequency Effective Current

Si MOSFET APT28M120L 100 KHz 0–0.83 A
SiC MOSFET C3MP0075120D 2 MHz 0–7.95 A

The CPM309000065B SiC MOSFET chip was used for the design of the prototype, and
its specific electrical parameters are shown in Table 2.

Table 2. The key parameters of the CPM309000065B SiC MOSFET.

Symbol Parameter Typical
Value Test Conditions

Rds On-state resistance 65 mΩ VGS = 15 V
QG Total gate charge 30.4 nC VDS = 400 V, VGS = −4/15 V, ID = 20 A
VDS Drain-source breakdown voltage 900 V IDS = 100 µA

Referring to the previous equations for the driving and conduction losses of power
MOSFETs and the relevant parameters of the prototype, we plotted the total power con-
sumption of the driving and conduction losses of the single-MOSFET and dual-MOS
operating states at 100 KHz (Figure 2) and looked for the root-mean-square currents when
the power consumption of the two modes was equal to determine the state-switching point.

The conduction and driving losses of the single MOSFET and the dual-MOSs were
parabolas centered at x = 0 with only the second quadrant. The offset of the driving loss
was at y = 0, and the number of parallel devices determined the total on-resistance, that
is, with a constant parameter for the quadratic term, which determined the size of the
parabola’s “mouth”; a greater total on-resistance resulted in a smaller mouth and a quicker
increase in power consumption with the continuation of the current. The intersections of
the driving power consumption of the single MOSFET and dual-MOSs were equal. As
shown in the figure, the power consumption of the single MOSFET’s drive was smaller;
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with the increase in the current, the on-resistance loss accounted for a proportion of the total
loss, and the single MOSFET’s driving loss increased more quickly. Under the operating
condition of 200 KHz, the state-switching point of the converter was 1.89 A, and the total
power consumption of driving and conduction was 347.5 mW.

0 . 0 0 . 5 1 . 0 1 . 5 2 . 0 2 . 5 3 . 0 3 . 5 4 . 0
0

2 0 0

4 0 0

6 0 0

8 0 0

1 0 0 0
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Figure 2. The sum of the driving and conduction losses in dual-MOSs at 200 KHz under different
loads.

Based on the loss analysis, the state-switching point was generalized to plot the
total power consumption of conduction and drive for single- and dual-MOS drive under
operating frequency conditions of 100 KHz–1 MHz, and the results are depicted in Figure 3.
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Figure 3. The sum of the driving and conduction losses at different frequencies under different loads.

The red line in the figure depicts the transformation of the state-switching point with
the single- and dual-MOS drive as the operating frequency increased. The state-switching
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current increased as the operating frequency increased. At an operating frequency of
1 MHz, the state-switching point was 4.21 A, and the total power consumption of driving
and conduction at this time was 1729.667 mW. The effective range of the hierarchical driving
strategy increased with the increase in the operating frequency.

To minimize the total conduction and driving losses, the strategy divided the mode of
operation into those of single MOS, dual-MOSs, and triple-MOSs in hierarchical driving
applications with three parallel MOSFETs. The design of the switching points of the three
parallel MOSFETs at 200 KHz is shown in Figure 4. The effective range of the hierarchical
driving strategy increased with the increase in the number of parallel MOSFETs.

0.0 0.5 1.0 1.5 2.0 2.5 3.0 3.5 4.0
0
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（1.89,347.5）
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Figure 4. The sum of the driving and conduction losses in triple-MOSs at 200 KHz under different
loads.

The effective range of the hierarchical driving control strategy increased with the
increase in the operating frequency and number of parallel devices. The increase in the
operating frequency matched the trend towards higher power densities, and the increase
in the number of parallel devices matched the high current requirements.

3. Operating Principle of the Hierarchical Driving Strategy

According to the above analysis, the single-MOSFET working mode had the lowest
conduction and switching losses under a load of 1.89 A, and the dual-MOS mode had better
efficiency under loads above 1.89 A at 200 KHz. The hierarchical driving strategy aimed to
realize switching in the single-MOSFET and dual-MOS modes under a load of 1.89 A.

Since the output current directly reflected the load state, an output-current-monitoring
method could improve the sensitivity of the converter to load changes. In addition, the
load had low fluctuation during steady-state operation, which contributed to the stability
of the switching point.

In applications with precise input voltage requirements and real-time status detection,
a system power management and protection module should be added to the output of the
finished power supply module. The protection module has to monitor the output voltage
and current in real time. The vice-side current detection method has compatibility with
this system’s power management and protection module and only needs to externalize
the current detection signal of the protection module to realize the multiplexing of the
functions. The current detection circuit is schematically shown in Figure 5.
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Figure 5. Schematic of the current detection circuit.

Here, QH and Q
′
H are the parallel high-end MOSFETs on the primary side, and QL

and Q
′
L are the parallel low-end MOSFETs on the primary side. SR and SR

′
are the parallel

synchronous rectification MOSFETs on the secondary side. driver1 is the driver of QH and
QL, driver2 is the driver of Q

′
H and Q

′
L, driverSR1 is the driver of SR, and driverSR2 is

the driver of SR
′
. QH , QL, driver1, SR, and driverSR1 represent the first set of MOSFETs

and drivers. Q
′
H , Q

′
L, driver2, SR

′
, and driverSR2 represent the second set of MOSFETs

and drivers. Rs represents the sense resistor for monitoring the output current. VEN is the
enable signal of the driver2, and VEN1 is the enable signal of driverSR2.

In the current detection scheme, a stable output current produced a stable voltage drop
across Rs. The converter’s output current was generally stable and only fluctuated when
the load was switched. A schematic of the operating waveform in the current detection
strategy is shown in Figure 6.

Vref

IO

VEN

T 2T 3T 4T 5T0

QL

QL
’

SR

SR’

Figure 6. The schematic waveforms of the current detection circuit.
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As shown in Figure 6, driver1 and driverSR1 worked in the entire load range. The
working states of driver2 and driverSR2 depended on the load current. When the load
current was higher than the reference value, the enabling signal VEN , output VEN1, driver2,
and driverSR2 worked. The two sets of MOSFETs worked together to reduce the sum of
the driving and conduction losses and improve the efficiency.

4. Simulations and Experimental Results

Based on the above analysis, the effectiveness of the hierarchical driving strategy
was verified with simulations and experiments. The active-clamped flyback topology was
used to complete the verification of the hierarchical drive control method. The relevant
parameters of the prototype designed in this section are shown in Table 3.

Table 3. The key parameters of prototype.

Characteristic Symbol Typical Value

Input voltage VIN 100 V
Output voltage VOUT 12 V
Output current IO 5 A

Working frequency fSW 200 KHz
Driving voltage Vdri 15 V

Primary excitation inductance Lm 220 µH
Primary leakage inductance Lk 10 µH

Resonant capacitance Cc 10 µF

4.1. Simulation Results

Simulations were used to verify the effectiveness of the current-monitoring scheme.
The simulation model was set based on the designed prototype, and the hierarchical driving
strategy was constructed in the Pspice17.2 from the Cadence company (San Jose, CA, USA).
Some devices without simulation files were replaced by devices with the same function.
The simulation models used in the simulation were downloaded from the manufacturer
and are listed in Table 4. The transformer was modeled from the library files in the software.

Table 4. The main models used in the prototype.

Device Manufacturer Part Number

Current Sense Amplifiers INA180 TEXAS INSTRUMENT
SiC MOSFET IMW120R060M1H infineon

MOSFET driver UCC20225 TEXAS INSTRUMENT
Digital isolator ISO7721DR TEXAS INSTRUMENT

The simulation results are shown in Figure 7. The simulation results mainly contained
IO, VOUT , the representative driving signal of the second set of MOSFETs (VSR2), and the
representative driving signal of the first set of MOSFETs (VSR1).

From the simulation results, it can be seen that at 34.01 ms, the load current started
to rise from 0.1 A to 5 A with a slope of 50 A/ms; the load current was maintained at 5 A
for 1 ms, and then it started to fall to 0.1 A with a slope of 50 A/ms. The whole process of
the variation in the load current was maintained for 3 ms. During this process, the range
of fluctuation in the output voltage ∆VOUT was 0.5 V, which met the design requirements.
During the whole working process, the synchronous rectifier driver of the first set, VSR1,
always maintained a normal output. When the load current reached 1.9 A, the synchronous
rectifier driver of the second set, VSR2, started to enable the output. The specific waveform
of the output-enabling process is shown in the upper-left corner of the figure (VSR2), and
the output-disabling process is shown in the upper-right sub-figure. When the load current
dropped from 5 A to 2.1 A, VSR2 stopped outputting, which was mainly caused by the
inconsistency between the turn-on and turn-off voltages of the driver’s enabler.

178



Electronics 2024, 13, 70

3 3 . 2 0 3 4 . 0 3 3 4 . 8 6 3 5 . 6 9 3 6 . 5 2 3 7 . 3 5
0
3
6
9

1 2
1 5
0
3
6
9

1 2
1 5
0
3
6
9

0
1
2
3
4
5
6

3 6 . 5 8 3 6 . 6 0 3 6 . 6 2 3 6 . 6 4

0

2

4

6

8

1 0

1 2

1 4

1 6

V S
R2

(V)

T i m e ( m s )
3 4 . 3 8 3 4 . 3 9 3 4 . 4 0 3 4 . 4 1 3 4 . 4 2 3 4 . 4 3 3 4 . 4 4

0

2

4

6

8

1 0

1 2

1 4

1 6

V S
R2

(V
)

T i m e ( m s )

V S
R1

(V
)

T i m e ( m s )

V S
R2

(V
)

V O
UT

(V
)

I O(
A)

11 2
-

Figure 7. The simulation results of the hierarchical driving control strategy.

4.2. Experimental Results

After the experimental scheme was effectively verified with simulations, we fabricated
and tested a prototype to verify the hierarchical driving strategy. The experimental proto-
type is shown in Figure 8. The power circuit of the power module was mainly distributed on
the front side of the prototype, and the control logic was distributed on the back side of the
prototype, thus realizing the separation of power and control and reducing the influence of
the power circuit on the feedback and control logic. The drivers and power switches of the
prototype were in the form of a single package, and each driver corresponded to one power
switch, thus realizing driver control with a single switch. An output-current-monitoring
module monitored the output current in real time, and its output allowed enabling the
control of the second-stage driver to meet the requirements of the hierarchical drive control
scheme. The test waveform and the working details are shown in Figure 9.

The test waveform included IO, VOUT , VSR2, and VSR1. The load current started to rise
from 0.1 A to 5 A with a slope of 5 A/ms in the first 1.5 ms; the load current was maintained
at 5 A for 1.5 ms and then started to fall to 0.1 A with a slope of 5 A/ ms. Throughout the
process of variation in the load, the output voltage fluctuated in the range of ∆VOUT ≤ 0.5 V,
and its dynamic response to changes in the load met the design requirements. VSR1 always
worked normally in all of the load fluctuation processes. Under a load of 2 A, VSR2 started
to enable the output. When the load current dropped from 5 A to 1.6 A, VSR2 stopped
outputting. The asymmetry between the enabling and disabling thresholds was due to the
different turn-on and turn-off thresholds of the drive-enabling signals [20], which limited
the responsiveness of the hierarchical driving strategy. In the vicinity of the enabling and
disabling thresholds of the second-level drive, the second-level drive signal was discrete,
which was due to the continuous output current transformation; the gain of the current
detection chip was fixed, and there was a period of inaccurate judgment of the enabling
port voltage threshold of the driver chip. The overall scope of the hierarchical drive
strategy allowed it to realize the function of single-MOSFET operation under light loads
and dual-MOSs operation under heavy loads.
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Figure 8. The experimental prototype: (a) the front side; (b) the back side.

(a) (b)
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Figure 9. The working process of the hierarchical driving strategy: (a) the whole working process;
(b) the turning-on process; (c) the working details; (d) the turning-off process.

After the functional validation of the proposed strategy, the efficiency of this study’s
converter and the conventional converter was tested under different load conditions to
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evaluate the improvement in efficiency of the proposed scheme for the converter. The
efficiency of the converter was defined according to (4).

η =
POUT
PIN

=
VOUT · IO
VIN · IIN

(4)

where POUT is the output power and PIN is the input power; the input voltage VIN , input
current IIN , output voltage VOUT , and output current IO were tested with an MSOX4154A
oscilloscope from Keysight.

Graphs of the efficiency tests on the two converters are shown in Figure 10. According
to these graphs, it can be seen that in the light-load state—especially with a load current in
the range of 0.5–1.5 A—the control scheme proposed in this study effectively improved
the efficiency of the converter; the most obvious effect was at 0.5 A, where the efficiency
improvement reached 1.4%. With the increase in the load current, the loss brought about by
the drive accounted for a smaller and smaller proportion of the total loss, so the efficiency
improvement became smaller and smaller. When the load current was 2 A, the control
scheme proposed in this study lost its effect on the improvement in efficiency, and the
efficiency of the traditional parallel-drive converter was slightly higher than that of this
experimental scheme, which was mainly caused by the additional control losses brought
about by it. With the further increase in the load, the proportion of the extra loss introduced
in the total loss became smaller and smaller, and the efficiency of the two schemes was
almost equal.
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Figure 10. The efficiency results.

The real-world challenges of manufacturing variations and environmental factors
must be considered. To reduce the power loss of the sense resistor, the gain of the current
sense amplifier needed to be large enough. Manufacturing deviations in the sampling
resistor and temperature coefficients of the current sense amplifier can cause a shift in the
switching point of the hierarchical driving control strategy, which has an impact on the
maximum gain of efficiency with the hierarchical driving control method. The efficiency
improvement of this strategy was tested at different temperatures, and the test results
are shown in Figure 11. This strategy worked effectively in the range from −25 °C to
75 °C. There were small fluctuations in the efficiency improvement at different operating
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temperatures, which were affected by the temperature characteristics of the key devices,
such as the SiC MOSFET, the current sense amplifier, and the sense resistor.
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Figure 11. The efficiency improvements at different temperatures.

A comparison was made between state-of-the-art approaches and the approach pro-
posed in this work; the results are shown in Table 5. The approaches proposed in [3,17]
only verified the effectiveness of their modulation strategies, and efficiency was not men-
tioned. The approach proposed in [5] caused a 3% efficiency improvement at most with
the optimal switching point design, but the highest efficiency was 85%. The authors of [4]
introduced SiC MOSFETs to widen the ZVS range, and a 1.1% efficiency gain was realized
with this strategy. All of the strategies focused on the number of converter cells, which
was different from this work. Compared with the state-of-the-art approaches, this work
had an improvement of 1.4% in efficiency with a negligible impact on the function under
heavy loads.

Table 5. Comparison among state-of-the-art approaches.

State-of-the-Art Approach Working Mode Efficiency Gains

This work Hierarchical driving control 1.4%
[3] Multi-level state control scheme Only verified the modulation strategy
[5] Phase-shedding control scheme 3%
[4] Phase-shedding control for QSW-ZVS 1.1%

[17] Modulation strategy for 3P-DAB Only verified the modulation strategy

5. Conclusions

In this study, for the first time, we analyzed the problem regarding the relationship
of driving and conduction in high-frequency parallel applications with SiC MOSFETs.
Based on the problems found in the loss analysis, a hierarchical driving strategy was
proposed. As verified with simulations and experiments, the strategy was able to improve
the efficiency by up to 1.4% under light loads and had almost no effects on the efficiency
under heavy loads. This was the first time that SiC MOSFETs’ drive and conduction
losses were quantitatively analyzed, and a relative strategy was proposed to complete
the optimization of efficiency under light loads. The application of high-frequency SiC
MOSFETs can effectively improve the efficiency of converters under light loads, which is of
great significance for giving full play to the performance advantages of SiC MOSFETs under
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high-frequency and high-current conditions. The application range of this hierarchical
driving strategy is mainly in applications with large load ranges, such as in electric drive
systems for electric vehicles, battery systems for the generation of new energy, and control
processor power supply systems.
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Abstract: High power semiconductor laser is a kind of photoelectric device with high efficiency
and high stability, the performance of its drive system directly affects its output characteristics and
service life. In order to solve the problems of stability and robustness of the output power of the
semiconductor laser, a semiconductor laser driving power supply with high efficiency, low ripple
and strong anti-interference ability was developed. In this paper, the topology of the LCC resonant
converter is adopted (LCC refers to the type of resonant converter, because its resonator is composed
of an inductor L and two capacitors C, it is called LCC resonant converter). The power supply
adopts full-bridge LCC resonant power topology. Firstly, a mathematical model is established to
analyze the relationship between LCC resonator parameters and output current gain. Secondly, an
LCC resonator parameter design method is proposed to reduce the current stress of components,
and the variable frequency phase shift (PFM-PWM) composite control strategy and linear active
disturbance rejection control (LADRC) algorithm are proposed, which not only ensures the zero
voltage (ZVS) conduction of MOS (Metal-Oxide-Semiconductor) tube, but also reduces the on-off loss
of MOS tube. The PFM-PWM composite control strategy and LADRC algorithm not only improve
the power efficiency of the drive power supply, suppress the output current ripple, but also ensure
that the output current of the drive power supply is stable when the input voltage, load and parasitic
parameters of the circuit change. Finally, the simulation and experimental results show that the
power supply can be continuously adjustable in the output current range of 0–40 A, the current ripple
is less than 0.8%, and the working efficiency is up to 92%. It has the characteristics of high stability,
small ripple, high efficiency, low cost and good robustness.

Keywords: high power semiconductor laser; constant current driving; LCC-type resonant-circuit;
low ripple; laser drive power circuit

1. Introduction

High power semiconductor lasers have many advantages such as light weight, high
efficiency, small size, high reliability and long service life, and are widely used in produc-
tion, medical, aerospace, national defense and scientific research and other fields [1,2]. The
extensive utilization of the high-power semiconductor laser is closely linked to the ongoing
enhancement and advancement of its driving power supply [3,4]. The laser diode in the
core device of the semiconductor laser pump source exhibits low resistance to electrical
shock, making it susceptible to significant deviations in output optical power due to even
slight current fluctuations. Additionally, transient current spikes in the drive power circuit
can lead to damage of the laser diode and negatively impact its operational lifespan [5,6].
The laser diode in the core device of the semiconductor laser pump source exhibits lim-
ited resistance to electrical shock, and the performance of the laser power supply directly
determines the overall performance of the entire laser system as the output power of the
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semiconductor laser continues to increase. Therefore, it is essential for the semiconduc-
tor laser drive power supply to possess high stability, high power density, low ripple,
robustness, and adaptability to complex environmental applications [7].

Based on the load characteristics of semiconductor lasers, constant current mode is
the preferred operating mode for their driving power supply. Both domestic and foreign
scholars have conducted extensive research on designing driving powers for semiconductor
lasers to meet various application requirements [8–10].

International research on semiconductor lasers commenced earlier, exemplified by
the QCL (the code for a series of power supplies) driver power supply from Wavelength
company and the LDC202C power supply developed by Thorlabs company [11,12]. These
devices offer a precision of up to 0.05 mA, along with flexible adjustability and high
stability; however, their cost is relatively high, making widespread adoption challenging.
The researchers at Kassel University in Germany, Zhang et al. [13], employed an oscillator
circuit to generate high-frequency pulses for precise control of semiconductor lasers, thereby
introducing a novel approach to drive semiconductor lasers. Lu Yi et al., from the University
of Electronic Science and Technology of China [14], proposed a double closed-loop constant
current drive strategy. They utilized the LM25117 chip, which is based on a synchronous
rectifier Buck power supply, to effectively regulate the steady-state loss of MOSFET in the
constant current circuit. As a result, the steady-state operating efficiency of the power
supply reached 88%, thereby significantly enhancing its overall power efficiency. The
utilization of the LM2517 control chip exhibits limited flexibility and inadequate anti-
interference capability. However, the LM2517 control chip lacks flexibility and has poor
anti-interference ability. The researchers at Huazhong University of Science and Technology,
led by Wang Chao et al. [15], developed a single-stage conversion switching DC drive
power supply with a capacity of up to 2 kW using the parallel interleaving technology
of single-tube positive cataclastic switching. This design achieved an impressive power
efficiency of 85% and enabled dynamic regulation of output current from 0–100 A. However,
precise control of the current balance for each individual tube converter is essential due
to the large volume of the positive shock converter and the implementation of parallel
interleaving technology, resulting in a complex control circuit and significant limitations in
its application. Zhong Xulang et al. [16] from Dazu Laser Technology proposed a power
supply structure that combines MOS tubes and operational amplifiers, enabling real-time
acquisition of power data, multi-channel current output, and laser power error control
within ±2%. But the use of operational amplifier MOS tube will cause the system power
loss to be too large, the control flexibility to be poor, and the overall efficiency of the power
supply to be low. The researchers at Yanshan University, led by Zhao Qinglin et al. [17,18],
have developed a structure that combines the LCC resonant converter capacitor charging
circuit with a pulse current circuit. This innovative design enables the pulse current output
to reach an amplitude of 80 A, allowing for wide voltage output range and ensuring high
flexibility and stability.

In order to address the limitations of the aforementioned semiconductor laser drive
power supply, this paper adopts a topology consisting of full-bridge LCC resonant trans-
formation, variable frequency phase shift (PFM-PWM) composite control strategy, and a
linear active disturbance rejection control (LADRC) algorithm. This approach not only
enhances the dynamic response speed, stability, and efficiency of the semiconductor laser
drive power supply but also enables a wide range of input/output capabilities.

2. The Composition of a Power System

The proposed structure of the semiconductor laser power supply system is illustrated
in Figure 1, comprising primarily of an LCC resonant converter module, a controller
module, a current acquisition module, and an auxiliary power supply module.
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Figure 1. The power supply structure of semiconductor laser.

The LCC resonant converter module, depicted in Figure 1, serves as the cornerstone of
the power supply system by delivering a constant current. It encompasses a full-bridge
inverter network, an LCC resonant network, a full-bridge rectifier network, and an LC
filter network. The current acquisition module primarily samples the output current
into the controller module, establishing a closed-loop feedback control mechanism. The
controller module utilizes the appropriate algorithm to calculate the sampling current,
thereby generating the signal that drives the MOS tube. It also assists in supplying power
to the controller, drive circuit, and current sampling circuit.

2.1. Mathematical Model Analysis of LCC Resonant Converter

The topology of the LCC resonant converter is illustrated in Figure 2. From a topo-
logical perspective, the LCC resonant converter exhibits not only the characteristics of
a series resonant converter for DC component isolation and transformer protection but
also possesses wide-range input/output regulation capabilities akin to those of a parallel
resonant converter. Consequently, it demonstrates excellent constant current source charac-
teristics and robust output short-circuit resistance [19,20]. In order to optimize the volume
of resonant converter, reduce the circuit current and circuit equivalent capacitance, increase
the characteristic impedance of resonant network, and reduce the current stress borne by
the converter, the parallel resonant capacitor (CP) is designed on the secondary side of
the transformer, so that the parallel resonant capacitor (CP) and series resonant inductor
(Lr) become parasitic parameters that cannot be ignored by the transformer under high
frequency operation. It has a good internal short-circuit protection function.
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Because the mathematical model of the LCC resonant converter is nonlinear, it is not
conducive to the analysis of its working state, so it is necessary to linearize its nonlinear
terms. When the frequency of the small-amplitude disturbed signal is much lower than
the switching frequency of the system, the whole resonant converter can be considered
as a quasi-steady-state system. In order to simplify the analysis, extended description
function analysis [21,22] and linear differential equation theory are used to approximate
the nonlinear terms, and the mathematical model of the steady-state system is obtained:
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The output voltage vo is as follows:

v0 = RLio = iLf r
′
c + (1− r′c

RL
)vcf (9)

io is the output current; vo the output voltage; irs and irc are amplitude of sinusoidal
component and cosine component of resonant current ir, respectively; vcss, vcsc are the
amplitude of the sinusoidal and cosine components of the series resonant capacitor voltage
vcs , respectively; vC′ps, vC′pc are the amplitude of the sinusoidal and cosine components of the
series resonant capacitor voltage vC′p , respectively; ωs is the operating angular frequency; n
indicates the ratio of turns of the transformer; vg indicates the input voltage; d represents
duty cycle; iLf represents the current through the filtered inductor Lf; vCf represents the
voltage of filter capacitor Cf. rc represents the ESR of the filter capacitance; RL indicates the
resistance of the load.

Solve Equations (1) through (9), The voltage gain of the open loop DC point of the
LCC resonant converter is obtained:

GV =
Vo

Vg
=

ωsRLCs sin( d
2 )

n
√
(1−ω2

s LrCe)
2 + (ωsRe(Cp + Cs)(1−ω2

s LrCe))
2

(10)

Ce = CsCp/(Cp + Cs) represents the equivalent capacitance of the resonant network.
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According to the relationship between voltage gain and current gain, the current gain
can be obtained by normalizing Equation (10):

GI =
Io

Ii
= GV QL =

QL sin( d
2 )

n
√
(1 + A)2(1−ω)2 + Q2

L(ω−ω−1 A
1+A )

2
(11)

ω = ωs/ωr, ωr is the angular frequency of the resonant network, ωr =
√

1/LrCe,
QL = Zr/Re, Zr =

√
Lr/Ce, Zr indicates the characteristic impedance.

It can be seen from Equation (11) that when ω = 1, the LCC resonant converter exhibits
constant current characteristics, and the output current is independent of the load, but only
related to the input voltage and resonance parameters. When the LCC resonant converter
works in this mode, the output current can remain unchanged even if the semiconductor
laser load changes. In order to study the influence of current gain GI on QL, A, d and n,
assuming A = n = 1 and d = π, the change curve of current gain with different values of QL
and A is drawn, as shown in Figure 3.
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As can be seen from Figure 3a, when the QF value increases continuously, the value
of the current gain also increases. When the load is open (limQL→∞), the voltage gain
GI will increase rapidly and tend to infinity, which will damage the power system in
serious cases. When ω = 1, the current gain is independent of the load, showing constant
current characteristics; As can be seen from Figure 3b, when the capacitance ratio (A value)
increases, the current gain will change in the same direction as the A value, that is, with the
increase in the A value, and when ω > 1, the smaller A, the more gradual the gain change
which was mentioned above.

The values of duty cycle (d) and coil turns (n) of the transformer also affect the LCC
resonant converter, and the gain influence curve of its output current and voltage is shown
in Figure 4. The above two graphs are the relationship curves of duty cycle (d) and frequency
ratio (ω) with voltage gain and current gain. The X-axis is the duty cycle, and the Y-axis
is the voltage gain and the current gain, respectively. The following two graphs are the
relationship curves of the transformer turn ratio (n) and frequency ratio (ω) with voltage
gain and current gain. The X-axis is the ratio of turns, and the Y-axis is the voltage gain
and the current gain, respectively.

According to the influence curves of d and n values on current and voltage gain, it
can be seen that the voltage/current gain is affected by the duty cycle d, the number of
turns of the transformer n, and the frequency ratio ω. When the duty cycle and the number
of turns of the transformer are determined, the output current and voltage gain can be
adjusted by adjusting the frequency ratio ω. At the same time, under the same duty cycle
and transformer turns, when ω > 1, the voltage gain/current gain change is small. When
ω < 1, the voltage/current gain change difference is large.
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2.2. Design of LCC Resonator Parameters

Ignoring the loss in the power transmission of the LCC resonant converter, the resonant
current peak Ir is obtained from the power conservation, which is expressed as follows:

Ir =
2πViG2

I
Q2

LRL cosϕ
(12)

where, ϕ represents the impedance Angle.
The characteristic curve of resonant current peak Ir affected by capacitance ratio A,

quality factor QL, impedance Angle ϕ and input voltage Vi is shown in Figure 5. It can be
seen from the characteristic curve that when the converter current gain, load and input
voltage are constant, the smaller the ϕ is, the smaller the value of Ir is, and the smaller the
current stress of the switching tube is. Only by ensuring ϕ > 0 can the ZVS conduction
of the MOS tube be ensured, and a sufficient margin is often left in the actual selection,
generally within the range of 15◦ < ϕ < 30◦. At the same time, too small a quality factor
and capacitance ratio will cause the resonant current peak to be too large, and the increase
in input voltage will also cause the resonant current to increase.
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Figure 5. Resonant current peak characteristics.

In order to obtain more accurate parameters of the resonant network, reduce the
current stress of the resonant components, and ensure that the resonant converter can
achieve ZVS conduction, the following parameter design steps are given:
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(1) The peak range of resonant current is determined according to input voltage,
output power and output current;

(2) Select the appropriate resonant frequency and operating frequency range;
(3) The quality factor and capacitance ratio are determined according to the resonant

current peak range;
(4) The transformer ratio n is calculated according to Formula (13):

n =
Gv sin2( θ

2 )

2 cos ϕ
(13)

In Formula (13), θ represents the conduction Angle of the rectifier tube;
(5) Finally, the LCC resonator parameters are calculated by Formulas (14)–(16).
Series resonant capacitance:

Cs =

√
1 + A

2πn2 frQLRe
(14)

Parallel resonant capacitance:

C′p = n2Cs/A (15)

Resonant inductance:

Lr =
1

(2π fr)
2

A + 1
Cp

(16)

3. Power System Control Strategy and Algorithm Analysis

In order to overcome the disadvantages of the traditional control strategy, the variable
frequency phase-shift composite control strategy is adopted, and its structure is shown in
Figure 6.
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In Figure 6, io* represents the given value of output current, ud and uf represent the con-
trol quantity of the phase and frequency of the controller output, respectively. f s represents
the carrier signal frequency, and g1~g4 represents the MOSFET drive signal, respectively.
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This control strategy enables the controller to keep the output current stable by adjusting
the switching frequency and the on-angle at the same time when the input/output changes,
and still realize the soft switching under the condition of narrow switching frequency and
wide input voltage/wide output range, thus improving the working efficiency and the
service life of the device.

When the output current is increased, the increase in switching frequency f s will lead
to the decrease in the on-angle ϕ. Therefore, under the combined action of f s and ϕ, the
converter can achieve a wide input voltage in a narrow switching frequency range and
achieve steady current output and soft switching under a wide output power condition.

The traditional PID controller relies too much on the system model when designing
parameters. In view of the complexity of the semiconductor laser load characteristics, the
PID controller is easy to produce integral saturation and insufficient anti-interference ability,
which makes the PID controller difficult to meet the design requirements. Therefore, the
LADRC control algorithm is adopted, and its current loop structure is shown in Figure 7,
where Gs(s) represents the control object transfer function, LESO represents the linear
expansion observer, kp represents the scale coefficient of the controller, kd represents the
differential coefficient, and b0 represents the compensation factor. The design of this
algorithm does not depend on the exact model and can observe and track the disturbance
of the system in real time. It can overcome the shortcomings of the PID controller and
restrain the current instability caused by multi-factor disturbance.
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The total disturbance p of the system can be estimated by the linear extended observer
(LESO):

.
z = Az + Bu + L(y− ˆ

y)
ˆ
y = Cz

(17)

A =




0 1 0
0 0 1
0 0 0




B =
[

b0 0 0
]T

E =
[

0 0 0
]T

C =
[

1 0 0
]

L =
[

β1 β2 β3
]T

(18)

where, u and y represent the input and output of the system, respectively. L is LESO gain

matrix; z is LESO state variable;
ˆ
y is the output value estimated by the system.
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The transfer function of the LCC resonant converter can be approximated as a second-
order system, so it is necessary to design a third-order extended observer to observe the
system state and the total disturbance.

.
z1 = z2 + l1(y− z1).
z2 = z3 + l2(y− z1) + b0u
.
z3 = l3(y− z1)

(19)

According to the bandwidth method [23], observer bandwidth ωo, all poles of the
extended observer are assigned in the left half plane, and the parameter tuning problem is
simplified to the selection of observer bandwidth, and the corresponding observer gain is
as follows:

l1 = 3ωo
l2 = 3ω2

o
l3 = ω3

o

(20)

The reconstructed system after disturbance compensation can be approximated as an
integral series system. When the disturbance is observable, the second-order system can be
reconstructed as a second-order integral series system by disturbance compensation. After
disturbance compensation, the series integral system can obtain good control performance
through simple linear error feedback rate control. The controller design is as follows:

uo = kp(r− z1)− kd(
.
r− z2) (21)

where, r represents the given input;
.
r represents the first derivative of a given input; u0

indicates the controller output.

4. Simulation and Test Results

In order to verify the correctness of the semiconductor laser power supply scheme,
Matlab/Simulink is used to build a semiconductor laser drive power supply simulation
model. The prototype test platform with the LCC resonant converter and STM32 controller
as the core is shown in Figure 8. By testing the constant current output characteristic, anti-
interference characteristic, working efficiency and ripple characteristic of the semiconductor
laser driving power supply, it is proved that the design is reasonable and meets the design
requirements.
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adjustable, the operating frequency is 51.5 kHz, the resonant capacitor Cs is 354 nF, the
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resonant capacitor C′p is 9.03 µF, the resonant inductor Lr is 42.9 µH, and the transformer
turns ratio n is 3.5.

4.1. Constant Current Characteristic Test of Semiconductor Laser Power Supply

The simulation and test results of the constant current (40 A) characteristics of the
semiconductor laser power supply are shown in Figure 9, where Vgs and Vds are, respec-
tively, the drive voltage and the drain-source voltage of the MOS tube, Vab is the input
voltage of the resonant network, Ir is the resonant current, and Vcp is the shunt capacitor
voltage. It can be seen from the simulation and test results that the variable frequency
phase-shift composite control method extends the input voltage/output power range of the
LCC resonant converter by synchronously adjusting the switching frequency and duty ratio,
narifies the switching frequency range, and effectively reduces the current and voltage
stress of the switching tube. The output current ripple coefficient is <0.8%, and the output
voltage ripple coefficient is <0.45%. It can realize ZVS conduction under any power input
voltage, effectively reduce the loss of power tube, and improve the performance of LCC
resonant converter.
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4.2. Experiment on Anti-Interference Characteristics of Semiconductor Laser Power Supply

The simulation and test results of anti-interference characteristics of semiconductor
laser power supply are shown in Figure 10. When t = 0.02~0.03 s, the input voltage
Vin = 60 V changes to Vin = 80 V, and when t = 0.04~ 0.05 s, the load switches from full
load to light load. According to the simulation and test results, the output current of
the PID algorithm has a fast response speed, a large overjump, a large error and a large
current ripple. When the input voltage or load is transformed, the ripple of the current
and voltage increase, and the current and voltage remain at the set value. Therefore, the
LADRC algorithm has a good performance in anti-interference.

Electronics 2023, 12, 4758 13 of 15 
 

 

 

 
Figure 10. Simulation and experimental results of anti-jamming characteristics of semiconductor 
laser power supply: (a) simulated waveform; (b) experimental waveform. 

4.3. Power Efficiency Characteristic Test of Semiconductor Laser 
The simulation and test outcomes of the semiconductor laser power supply effi-

ciency, as illustrated in Figure 11, reveal that the conventional frequency conversion 
control exhibits limited output adjustment capability and stability, leading to an overall 
low power supply efficiency. Consequently, only traditional phase shift control and 
composite control with frequency conversion phase shift are subjected to testing and 
analysis. Based on the simulation and test results, various control strategies yield differ-
ing power efficiencies; specifically, the phase-shifting control strategy induces hard 
switching states in the converter switch, thereby increasing switching losses and reactive 
power losses of the resonant converter. By implementing the inverter phase-shifting 
compound control under full load conditions, a maximum power supply efficiency of 
92% can be achieved concurrently with superior constant current characteristics. 

PID

LADRC

LADRC

PID

(a)

Figure 10. Cont.

195



Electronics 2023, 12, 4758

Electronics 2023, 12, 4758 13 of 15 
 

 

 

 
Figure 10. Simulation and experimental results of anti-jamming characteristics of semiconductor 
laser power supply: (a) simulated waveform; (b) experimental waveform. 

4.3. Power Efficiency Characteristic Test of Semiconductor Laser 
The simulation and test outcomes of the semiconductor laser power supply effi-

ciency, as illustrated in Figure 11, reveal that the conventional frequency conversion 
control exhibits limited output adjustment capability and stability, leading to an overall 
low power supply efficiency. Consequently, only traditional phase shift control and 
composite control with frequency conversion phase shift are subjected to testing and 
analysis. Based on the simulation and test results, various control strategies yield differ-
ing power efficiencies; specifically, the phase-shifting control strategy induces hard 
switching states in the converter switch, thereby increasing switching losses and reactive 
power losses of the resonant converter. By implementing the inverter phase-shifting 
compound control under full load conditions, a maximum power supply efficiency of 
92% can be achieved concurrently with superior constant current characteristics. 

PID

LADRC

LADRC

PID

(a)

Figure 10. Simulation and experimental results of anti-jamming characteristics of semiconductor
laser power supply: (a) simulated waveform; (b) experimental waveform.

4.3. Power Efficiency Characteristic Test of Semiconductor Laser

The simulation and test outcomes of the semiconductor laser power supply efficiency,
as illustrated in Figure 11, reveal that the conventional frequency conversion control ex-
hibits limited output adjustment capability and stability, leading to an overall low power
supply efficiency. Consequently, only traditional phase shift control and composite control
with frequency conversion phase shift are subjected to testing and analysis. Based on the
simulation and test results, various control strategies yield differing power efficiencies;
specifically, the phase-shifting control strategy induces hard switching states in the con-
verter switch, thereby increasing switching losses and reactive power losses of the resonant
converter. By implementing the inverter phase-shifting compound control under full load
conditions, a maximum power supply efficiency of 92% can be achieved concurrently with
superior constant current characteristics.
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eters of the LCC resonant device are designed, the disadvantages of traditional control
strategy algorithm are analyzed, and the inverter phase-shift compound control strategy
and LADRC algorithm are proposed, which not only improves the power efficiency of
semiconductor laser, but also realizes the ZVS on-switching of switching tube. It reduces
the on-off loss, reduces the overall power consumption by about 3% compared with the
same type of power supply, and also has a strong anti-interference ability, fundamentally
avoids the limitations of PID control algorithm applied in the control of the LCC resonant
converter, reduces the current and voltage stress of the LCC resonant converter components,
and improves the life and reliability of semiconductor laser drive power supply. The above
characteristics show the unique characteristics of the LCC resonant converter application,
which is suitable for high performance semiconductor laser drive power supply.
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