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Preface

This Reprint on Advanced Control Techniques for Power Converters and Drives gathers a

selection of recent research papers that address the growing complexity of power electronics and

electric drive systems. The subject matter reflects the shift from conventional linear controllers toward

predictive, adaptive, and passivity-based strategies, as well as advanced modulation methods that

improve performance under stringent constraints.

The scope of this Reprint includes device-level modeling, real-time digital implementation,

EMI-aware control, and distributed coordination of converters in large-scale energy and

transportation systems. Contributions highlight both theoretical developments and experimental

validations, showing how advanced control can be practically realized in motor drives, renewable

energy integration, multiport architectures, and emerging aerospace and industrial applications.

The purpose of this collection is to provide a comprehensive reference for the community,

showcasing how new control paradigms can enhance efficiency, robustness, and resilience while

addressing challenges such as nonlinear component behavior, thermal effects, and system-level

uncertainty.

The motivation for preparing this Reprint stems from the rapid adoption of wide-bandgap

devices, the increasing penetration of converter-dominated grids, and the demand for certifiable,

high-performance control strategies in safety-critical environments.

This Reprint is addressed to researchers, graduate students, and practicing engineers in the

fields of power electronics, control systems, and electrical drives. It also serves as a resource for

professionals working in renewable energy, electric mobility, aerospace, and industrial automation

who are seeking insights into the future of advanced control solutions for power converters and

drives.

Daniele Scirè and Gianpaolo Vitale

Guest Editors
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Editorial

Advanced Control Techniques for Power Converter and Drives
Daniele Scirè 1,* and Gianpaolo Vitale 2,*

1 Department of Engineering, University of Palermo, 90128 Palermo, Italy
2 Consiglio Nazionale delle Ricerche, ICAR, Institute for High Performance Computing and Networking,

Italian National Research Council of Italy, 90146 Palermo, Italy
* Correspondence: daniele.scire@unipa.it (D.S.); gianpaolo.vitale@icar.cnr.it (G.V.)

1. Introduction
Advanced control is now central to performance, robustness, and the ability to achieve

the highest power density in modern power converters. Beyond classical linear designs,
research has rapidly expanded across model predictive control, adaptive and robust meth-
ods, passivity-based strategies, and learning-enabled controllers, together with spectrum-
shaping modulation to address the EMI and vibro-acoustics in drive systems [1–10]. These
techniques are being exploited in demanding contexts such as grid-forming inverters,
hybrid AC/DC networks, and electrified transportation, where tight transience, device
stress limits, and grid codes must all be satisfied simultaneously.

Despite the progress, several gaps remain regarding the control design, device physics,
and implementation: (i) accurate handling of nonlinear magnetic components within real-
time controllers; (ii) stability guarantees for distributed and parallelized converter architec-
tures; (iii) realizations of complex control schemes on embedded platforms (e.g., FPGAs);
and (iv) grid-interactive scheduling and optimization frameworks that explicitly treat
uncertainty while coordinating power–electronic elements in distribution networks.

Recent work has started to close these gaps. For example, the authors of [11] propose
a quasi-constant on-time (QCOT) control for SMPS operating with nonlinear temperature-
dependent inductors; by estimating the power switch conduction time and exploiting
the saturation safely, the QCOT raises the inductor current capability and power den-
sity while avoiding thermal runaway. In [12], a 4 MW high-power-density generator for
hybrid-electric aircraft, targeting gravimetric power densities around 20 kW/kg with ad-
vanced PM design and thermal management is presented. In [13], the authors propose
a multiport power conversion system (MPCS) for the More Electric Aircraft, enabling
fault-tolerant ring power distribution with minimal weight penalty. An advanced dis-
continuous PWM for multilevel cascaded H-bridge converters, reducing switching losses
while mitigating harmonic degradation in N-cell structures, is reported in [14]. A modu-
lated model-predictive integral control for synchronous reluctance motor drives, ensuring
fixed switching frequency, low ripple, and robustness against parameter mismatches is
presented in [15]. Finally, ref. [16] explores sampling-time harmonic control for cascaded
H-bridges under active thermal control, addressing lifetime extension while suppressing
low-order distortion.

This Special Issue was conceived to collect the latest research across advanced con-
trol theory, power-device and passive modeling, and embedded implementation and to
highlight solutions that translate into experimentally validated performance gains in the
specific field of power electronics.

In order to meet the demand for new contributions also relating to the abovementioned
topics, we are pleased to announce that a Second Edition of this Special Issue is now open

Electronics 2025, 14, 3710 https://doi.org/10.3390/electronics14183710
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for submissions. We particularly welcome innovative contributions to the field of advanced
control techniques for power electronics converters and drives. For further details, please
see https://www.mdpi.com/journal/electronics/special_issues/M485MV576M, (accessed
on 15 September 2025).

2. Highlighting Key Contributions
This Special Issue brings together a selection of innovative research articles that

demonstrate the state of the art in control methodologies for power converters and electric
drives. The following contributions reflect significant progress in areas including harmonic
mitigation, voltage stability, efficiency optimization, and intelligent control implementation.

2.1. Double-Loop Controller Design of a Single-Phase 3-Level Power Factor Correction Converter

Han and Kim (Contribution 1) detail a practical inner–outer loop design (SISOTOOL-
based) augmented with a targeted 120 Hz band-stop to suppress ripple injection while pre-
serving the dynamic response. The hardware results show clean boost and buck transitions
(210 V to 150 V) without overshoot and stable behavior under load steps (50 Ω to 25 Ω),
matching the PSIM predictions.

2.2. Robust PI-PD Controller Design: Industrial Simulation Case Studies and a
Real-Time Application

Alyoussef, Kaya, and Akrad (Contribution 2) propose a geometry-driven robust
design method that characterizes the controller parameter region, guaranteeing closed-
loop stability and adequate margins, which then selects a PI–PD operating point near the
region centroid. Hardware-in-the-loop and real-time tests on a twin-rotor MIMO system
(TRMS) confirm the setpoint tracking and disturbance rejection with low tuning effort and
transparent robustness guarantees.

2.3. Advanced Distributed Control of Parallel Resonant CLLC DAB Converters

Vicente et al. (Contribution 3) propose a scalable distributed architecture that combines
a master voltage controller with local current controllers to balance load and suppress
circulating currents in parallel CLLC DAB stages. The experiments demonstrated stability,
an ∼80% faster transient via a feed-forward path, and a current-sharing deviation <3% from
light to full load, achieved without a fragile centralized current bus, making it attractive for
hybrid AC/DC microgrids and SST front-ends.

2.4. FPGA Implementation of Nonlinear Model Predictive Control for a Boost Converter with a
Partially Saturating Inductor

Ravera et al. (Contribution 4) embed a nonlinear inductor and thermal-aware converter
model into an NMPC solved by Mesh Adaptive Direct Search, mapped to an AMD/Xilinx
FPGA. The co-simulation and experiments show sub-millisecond voltage regulation under
steps, while respecting current constraints; practical figures include a control latency of
∼16.6 µs and operation up to 60 kHz sampling, illustrating a viable path to high-speed
certifiable MPC in power supplies.

2.5. Dual-Random Space Vector Pulse Width Modulation Strategy Based on Optimized
Beta Distribution

Gu et al. (Contribution 5) introduce a work to reduce high-frequency current harmon-
ics and associated acoustic/vibration signatures in PMSMs; the work randomizes both the
switching frequency and zero-vector selection. Using a PSO-tuned Beta distribution for
the RNG yielded superior spectral spreading versus classical LCG methods; motor-bench

2
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experiments validated the reductions in high-frequency vibration while preserving the
dynamic performance.

2.6. Stochastic Operation of BESS and MVDC Link in Distribution Networks Under Uncertainty

Han, Song, and Lee (Contribution 6) introduce a distributionally robust chance-
constrained (DRCC) scheduler that coordinates MVDC link setpoints and BESS dispatch across
interconnected feeders with PV/load uncertainty. Case studies quantify the cost–reliability
trade, e.g., up to 44.7% operational cost reduction, while maintaining ≈96.8% bus-voltage
reliability, showing how probabilistic reliability constraints can be tuned to system economics.

2.7. A Passivity-Based Control Integrated with Virtual DC Motor Strategy for Boost Converters
Feeding Constant Power Loads

Ou et al. (Contribution 7) present a passivity observer/controller framework with a
“virtual DC motor” current loop that yields robust damping and constraint handling for
grid-forming inverters under grid disturbances. The method maintains synchronization
and current limits without retuning across operating points, and the experiments indicated
improved stability margins relative to standard inner loops.

2.8. Symmetric Optimization Strategy Based on Triple-Phase Shift for Dual-Active Bridge
Converters with Low RMS Current and Full ZVS over Ultra-Wide Voltage and Load Ranges

Cui et al. (Contribution 8) focus on RMS-current minimization and ZVS extension; this
paper synthesizes recent DAB modulation strategies and outlines implementable heuristics
for efficiency over wide operating ranges. It provides design guidance that complements
distributed and resonant topologies elsewhere in this Special Issue.
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Double-Loop Controller Design of a Single-Phase 3-Level Power
Factor Correction Converter
Jun-Hyuk Han and IL-Song Kim *

Department of Electrical Engineering, Korea National University of Transportation, Chungju 27469, Republic of Korea;
22028405@a.ut.ac.kr
* Correspondence: iskim@ut.ac.kr

Abstract: This paper presents a study on the double-loop controller design technique for a single-
phase power factor correction (PFC) three-level (TL) boost converter. Designing a double-loop
controller using conventional methods is challenging due to the 120 Hz voltage ripple in the output
voltage. This study proposes new double-loop control design methods using a band-stop filter and
MATLAB SISOTOOL, detailed in a step-by-step sequence. A band-stop filter with a 120 Hz stop
band is applied to the double-loop controller design. Modeling based on the state-space equation,
applicable to the full duty range, is constructed to obtain the transfer function. The double-loop con-
troller structure is then designed, and optimal gains that satisfy the design requirements are obtained
through automatic tuning using the MATLAB SISOTOOL library. The simulation results demonstrate
the performance of the proposed method, which is further verified by experimental results.

Keywords: three-level boost converter; PFC; double-loop control; MATLAB SISOTOOL

1. Introduction

Global population growth, economic growth, industrialization, and technological
advancements continue to increase the demand for today’s limited energy resources. Elec-
tronic systems, in particular, account for a significant portion of energy consumption.
Efficient management and conservation of these systems can significantly contribute to
energy savings and cost reduction. In response to the growing demand for limited energy
resources and rising energy prices, improving power efficiency in electronic systems has
become a critical challenge.

In recent years, research on efficient energy conversion technologies has been active,
and power factor correction (PFC) has garnered significant attention, particularly for single-
phase PFC. Power factor correction offers several benefits, including improved power
quality, increased energy efficiency, and reduced power losses.

The circuit to implement a single-phase PFC consists of a voltage controller to reg-
ulate the direct current (DC) voltage at the output and a current controller to control the
alternating current (AC) at the input, maintaining it in a sinusoidal wave to achieve a
nearly uniform power factor. The detailed configuration is presented in Section 3, “Double
Loop Controller Design”. In a single-phase PFC system, there is only one power source.
Therefore, the single-phase AC is passed through an all-pass filter (APF) to create a virtual
AC with a 90-degree phase shift. This virtual AC is then converted to DC through a d-q
conversion for control purposes. With d-q conversion, alternating current is effectively
converted to direct current, allowing for control and regulation in a single-phase PFC
system [1]. This approach is widely used due to its high efficiency, simple topology, con-
tinuous input current, and step-up voltage conversion ratio. Another approach could
involve using the instantaneous AC control method; however, this approach may introduce
steady-state errors.

Electronics 2024, 13, 2863. https://doi.org/10.3390/electronics13142863 https://www.mdpi.com/journal/electronics5
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Single-phase PFC systems often utilize boost converters to leverage these benefits.
Boost converters are preferred in single-phase PFCs because they can adjust the output
voltage by boosting it while maintaining a high power factor.

However, with the recent increase in the use of high-power applications, the use
of single-level boost converters in PFC circuits has increased the volume and weight
of the inductor, and losses in the power devices have become a major factor affecting
the cost and efficiency of the converter. These applications are energy-intensive and
consume significant power from the power network. High-power applications, such as
electric vehicles, electric buses, railroad cars, power plants, substations, and distribution
systems in energy production, as well as distribution systems for electric vehicles, require
substantial power.

To compensate for the disadvantages of the single boost converter structure, the
application of a boost converter with a three-level (TL) structure to PFC has been studied as
a possible solution [2–5]. Compared to conventional boost converters, TL boost converters
offer higher efficiency and a wider control range. However, since single-phase PFC circuits
generate a 120 Hz ripple at the output, designing a double-loop controller is challenging.
This challenge is further compounded when adopting a TL boost converter structure.
Previous research has utilized notch filters or lead-lag compensators to compensate for the
120 Hz ripple. However, these methods can potentially induce instability and complicate
the design of a double-loop controller [6].

This paper presents the results of a study in which a single-phase PFC double-loop
controller design technique, accommodating the 120 Hz ripple, is applied to a TL boost
converter. After constructing the state-space equations applicable to the entire duty range
to obtain the transfer function, a double-loop controller was designed using MATLAB
SISOTOOL. The validity of the designed controller was verified through PSIM simulations
and experimental results.

2. System Modeling

The circuit diagram of the single-phase three-level (TL) PFC converter with a diode
bridge rectifier is shown in Figure 1. This configuration has the disadvantage of an in-
creased number of semiconductor switches, diodes, and capacitors due to the cascade
connection compared to the two-level configuration. However, it also has advantages,
such as a reduced volume and weight of the inductor and reduced voltage stress on the
semiconductor switches. In fact, the three-level configuration can reduce the voltage ratings
of the semiconductor switches and diodes to half of those in the two-level configuration.
Therefore, the three-level PFC converter can significantly reduce material costs.
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Figure 1. The circuit diagram of TL PFC converter.

The dynamic mathematical model of the TL PFC converter can be obtained by analyz-
ing the switch operations. The equivalent circuit of the TL PFC converter is divided into
four operating states according to the switching operation, as shown in Figure 2. The state
when both switches, SW1 and SW2, are off is shown in Figure 2a. The state when SW1 is on
while SW2 is off is shown in Figure 2b. The state when SW1 is off, and SW2 is on is shown
in Figure 2c. Finally, Figure 2d depicts the state when both switches, SW1 and SW2, are on.

6



Electronics 2024, 13, 2863

Electronics 2024, 13, x FOR PEER REVIEW 3 of 15 
 

 

shown in Figure 2c. Finally, Figure 2d depicts the state when both switches, SW1 and SW2, 
are on. 

  
(a) State 1 (b) State 2 

  
(c) State 3 (d) State 4 

Figure 2. TL PFC converter switching operation circuit. 

The average state space equation can be derived by analyzing the operation mode 
determined by the duty boundary of 0.5. When the duty cycle is less than 0.5, it is defined 
as Mode 1. The operating sequence for Mode 1 is State 1 → State 2 → State 1 → State 
3, as depicted in Figure 3a. Conversely, when the duty cycle is greater than 0.5, it is defined 
as Mode 2. The operating sequence for Mode 2 is State 4 → State 3 → State 4 → State 
2, as shown in Figure 3b. Since the system control involves two operation modes with a 
duty boundary of 0.5, it is necessary to analyze their operations for both modes. The state 
space equations for each state are summarized in Table 1. 

  
(a) Mode 1 [duty < 0.5] (b) Mode 2 [duty > 0.5] 

Figure 3. Mode operation by duty range. 

Table 1. The summary of the state space equation for each operation states. 

State 1: [SW1, SW2 OFF] 
Operation time: (1 − 2𝑑)𝑇𝑠 𝚤ሶሶ௅ ൌ  𝑣௜௡𝐿 − ሺ𝑣஼1 ൅ 𝑣஼2ሻ𝐿  𝑣ሶ௖1 ൌ  𝑖௅𝐶1

− ሺ𝑣஼1 ൅ 𝑣஼2ሻ𝑅𝐶1
 𝑣ሶ௖2 ൌ  𝑖௅𝐶2

− ሺ𝑣஼1 ൅ 𝑣஼2ሻ𝑅𝐶2
         ሺ1ሻ 

State 2: [SW1 ON, SW2 OFF] 
Operation time: ሺ𝑑)𝑇𝑠 𝚤ሶሶ� ൌ  𝑣௜௡𝐿 − 𝑣஼2𝐿  𝑣ሶ௖1 ൌ −ሺ𝑣஼1 ൅ 𝑣஼2ሻ𝑅𝐶1

  𝑣ሶ ௖2 ൌ  𝑖௅𝐶2
− ሺ𝑣஼1 ൅ 𝑣஼2ሻ𝑅𝐶2

           ሺ2ሻ 
State 3: [SW1 OFF, SW2 ON]  
Operation time: (1 − 𝑑)𝑇𝑠 𝚤ሶሶ� ൌ  𝑣௜௡𝐿 − 𝑣஼1𝐿  

State 4: [SW1, SW2 ON]  
Operation time: (2𝑑 − 1)𝑇𝑠 𝚤ሶሶ� ൌ  𝑣௜௡𝐿  

Figure 2. TL PFC converter switching operation circuit.

The average state space equation can be derived by analyzing the operation mode
determined by the duty boundary of 0.5. When the duty cycle is less than 0.5, it is defined
as Mode 1. The operating sequence for Mode 1 is State 1 → State 2 → State 1 → State 3, as
depicted in Figure 3a. Conversely, when the duty cycle is greater than 0.5, it is defined as
Mode 2. The operating sequence for Mode 2 is State 4 → State 3 → State 4 → State 2, as
shown in Figure 3b. Since the system control involves two operation modes with a duty
boundary of 0.5, it is necessary to analyze their operations for both modes. The state space
equations for each state are summarized in Table 1.
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Table 1. The summary of the state space equation for each operation states.

State 1: [SW1, SW2 OFF]
Operation time : (1 − 2d )Ts

..
lL = vin

L − (vC1+vC2)
L.

vc1 = iL
C1

− (vC1+vC2)
RC1.

vc2 = iL
C2

− (vC1+vC2)
RC2

(1)

State 2: [SW1 ON, SW2 OFF]
Operation time : (d )Ts

..
lL = vin

L − vC2
L.

vc1 = − (vC1+vC2)
RC1.

vc2 = iL
C2

− (vC1+vC2)
RC2

(2)

State 3: [SW1 OFF, SW2 ON]
Operation time : (1 − d )Ts

..
lL = vin

L − vC1
L.

vc1 = iL
C1

− (vC1+vC2)
RC1.

vc2 = − (vC1+vC2)
RC2

(3)

State 4: [SW1, SW2 ON]
Operation time : (2d − 1 )Ts

..
lL = vin

L.
vc1 = − (vC1+vC2)

RC1.
vc2 = − (vC1+vC2)

RC2

(4)
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The state-averaging equations can be calculated by multiplying the state equations
and their operation time for each Mode. The resultant state-averaging equations are the
same for Mode 1 and Mode 2 and can be expressed as displayed in (5).




..
lL.
vc1.
vc2


 =




0 − (1−d)
L − (1−d)

L
− (1−d)

C1
− 1

RC1
− 1

RC1

− (1−d)
C2

− 1
RC2

− 1
RC2







iL
vC1
vC2


+




1
L
0
0


vin (5)

The state-averaging equation of Mode 1 is the same as that of Mode 2, which means
that mode transition does not need to be considered when designing the controller. This
means that the above equation can be applicable to the full duty range. However, since the
above equation includes duty, that is, a variable that changes with time, linearization at the
operating point is necessary [7–11]. By applying small signal perturbation for linearization
at the operating point, the following linearized equation can be obtained:




îL
.̂
vc1
.̂
vc2


 =




0 − (1−D)
L − (1−D)

L
(1−D)

C1
− 1

RC1
− 1

RC1
(1−D)

C2
− 1

RC2
− 1

RC2







l̂L
v̂c1
v̂c2


+




(Vc1+Vc2)
L

− IL
C1

− IL
C2


d̂ (6)

If assuming that capacitor C1 and C2 are equal in the small signal analysis equation, it
can be expressed as a quadratic equation, and, thus, a simple controller design is possible.
The capacitor imbalance occurs in actual applications. Therefore, the capacitor voltage
balancing controller is required for the reduced quadratic equation. The balancing controller
design is shown in the controller design section. The final linearized state space equation is
shown as follows:

( ..
lL.
vc0

)
=

(
0 − (1−D)

L
(1−D)

C0
− 1

RC0

)(
iL

vC0

)
+

( 1
L
0

)
vin (7)

And the derived steady-state DC values of VC0, IL are shown in (8).

IL =
Vin

R(1 − D)
, VC0 =

Vin
(1 − D)

(8)

The input–output transfer function equation for voltage and current controller design
can be obtained from the Laplace transform and is shown in the following equations from
(9) to (11):

l̂L(s)
d̂(s)

= G1(s) =
VC0

L s + VC0
RC0L + IL

LC0
(1 − D)

s2 + 1
RC0

+ 1
LC0

(1 − D)2 (9)

v̂co(s)
d̂(s)

= G2(s) =
− IL

C0
s + VC0

LC0
(1 − D)

s2 + 1
RC0

+ 1
LC0

(1 − D)2 (10)

v̂c0(s)
l̂L(s)

= G3(s) =
− IL

C0
s + VC0

LC0
(1 − D)

VC0
L s + VC0

RC0L + IL
LC0

(1 − D)
(11)

3. Double-Loop Controller Design

The configuration of the single-phase PFC controller consists of a double-loop struc-
ture, as illustrated in Figure 4. It comprises a voltage controller for regulating the DC
output voltage in the outer loop and a current controller for ensuring the power factor
remains close to unity by controlling the current of the AC input terminal as a sine wave in
the inner loop. In single-phase PFC control, the Proportional-Integral (PI) controller cannot
be directly applied to the current controller because the current waveform is sinusoidal,

8
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not DC. Conventional methods often use an instantaneous AC current controller that
adopts a Proportional (P) controller. However, these methods may fail to achieve zero
steady-state error and can be problematic when there are abrupt changes in the command
or disturbances in the environment.
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To achieve zero steady-state error, a PI current controller using DQ transformation can
be applied. However, this transformation typically requires at least two sources, which
poses a challenge in single-source systems. To overcome this limitation, a virtual 90-degree
phase-shifted signal is created. This can be achieved by using a virtual power source or
implementing a filter such as an All Pass Filter (APF) [12]. This paper explores the use of
APF to facilitate single-phase DQ conversion.

The detailed control block diagram of the outer loop, regulating the output voltage,
and the inner loop, controlling the inductor current, is depicted in Figure 4. The output
of the voltage controller, IL_re f (inductor current reference), is generated through voltage
control at the DC output stage. However, in single-phase PFC, voltage ripple occurs at twice
the AC input power frequency and manifests in the DC link voltage [13,14]. This ripple
not only complicates voltage control but also impacts current control, posing challenges in
designing single-phase PFC controllers and determining PI gain values. To address this
issue, this paper proposes the use of a band-stop filter in voltage control to suppress the
120 Hz DC voltage ripple. The equation for the Band-stop filter is expressed in (12).

BSF =
s2 + ω0

2

s2 + Bs + ω02 (12)

From (12), the equations for the stop-band frequency, B and ω0, can be obtained
through (13) and (14), respectively. fb represents the stop-band frequency, and fc represents
the reference frequency [15].

fb =
B

2π
→ B = 2π fb (13)

fC =
ω0

2π
→ ω0 = 2π fc (14)

By using (13) and (14), the values corresponding to each frequency can be calculated.
The transformation from the s-domain (continuous) to the z-domain (discrete), is shown
in (15) which is derived by substituting s with 2

T
1−z−1

1+z−1 in the s-domain equation and
expanding it.

BSF(Z) =

(
4

T2 + ω0
2
)
+
(
− 8

T2 + 2ω0
2
)

z−1 +
(

4
T2 − 2ω0

2T + ω0
2
)

z−2

(
4

T2 +
2ω0
2T + ω0

)
+
(
− 8

T2 + 2ω0
2
)

z−1 +
(

4
T2 − 2ω0

2T + ω02
)

z−2
(15)

The 120 Hz ripple can be effectively removed using a band-stop filter, as described by
Equation (15). The selected parameters are fb = 9.55 [Hz] and fC = 120 [Hz]. Equation (15)
has been implemented on a microcontroller, such as a Digital Signal Processor (DSP), using
C-code programming. The filter can be applied to both 50 Hz and 60 Hz frequencies by

9
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adjusting the parameters of the band-stop filter (BSF). While the manuscript focuses on
60 Hz operation due to its relevance to the grid system used, the flexibility to accommodate
both frequencies is noted. Adjusting the BSF parameters enables straightforward adaptation
to 50/60 Hz operation.

For the design of the voltage controller, specifications are set with a phase margin
of 90 degrees and a bandwidth of 50 [rad/s]. The optimal gains that satisfy these design
specifications are automatically determined using the MATLAB SISOTOOL library. The
transfer function of the final designed voltage controller can be expressed as shown in
Equation (16).

Gcv(s) = 0.2015 × s + 16.2
s

(16)

The resultant Bode plot for the designed voltage controller is presented in Figure 5. It
can be observed that the phase margin is 90.1 degrees, and the bandwidth is 50.2 [rad/s],
meeting the specified design criteria. Therefore, the stability of the system can be confirmed
through the Bode plot analysis.

Electronics 2024, 13, x FOR PEER REVIEW 6 of 15 
 

 

𝐵𝑆𝐹(𝑍) = ቀ ర೅మାఠబమቁାቀି ఴ೅మାଶఠబమቁ௭షభାቀ ర೅మିమഘబమ೅ ାఠబమቁ௭షమቀ ర೅మାమഘబమ೅ ାఠబቁାቀି ఴ೅మାଶఠబమቁ௭షభାቀ ర೅మିమഘబమ೅ ାఠబమቁ௭షమ  (15)

The 120 Hz ripple can be effectively removed using a band-stop filter, as described 
by Equation (15). The selected parameters are 𝑓௕ = 9.55 [Hz] and 𝑓஼ = 120 [Hz]. Equation 
(15) has been implemented on a microcontroller, such as a Digital Signal Processor (DSP), 
using C-code programming. The filter can be applied to both 50 Hz and 60 Hz frequencies 
by adjusting the parameters of the band-stop filter (BSF). While the manuscript focuses on 
60 Hz operation due to its relevance to the grid system used, the flexibility to accommo-
date both frequencies is noted. Adjusting the BSF parameters enables straightforward ad-
aptation to 50/60 Hz operation. 

For the design of the voltage controller, specifications are set with a phase margin of 
90 degrees and a bandwidth of 50 [rad/s]. The optimal gains that satisfy these design spec-
ifications are automatically determined using the MATLAB SISOTOOL library. The trans-
fer function of the final designed voltage controller can be expressed as shown in Equation 
(16). 𝐺௖௩(𝑠) = 0.2015 ൈ ௦ାଵ଺.ଶ௦   (16)

The resultant Bode plot for the designed voltage controller is presented in Figure 5. 
It can be observed that the phase margin is 90.1 degrees, and the bandwidth is 50.2 [rad/s], 
meeting the specified design criteria. Therefore, the stability of the system can be con-
firmed through the Bode plot analysis. 

 

Figure 5. TL PFC converter voltage controller Bode plot. 

In the current control configuration, an APF is used to create a virtual 90-degree 
phase axis, enabling the design of a single-phase DQ transformation. The APF used in the 
current controller is a mathematical equation that introduces a phase delay without alter-
ing the magnitude of the input signal. It became a transfer function with a magnitude of 
one across all frequency bands and a phase delay ranging from 0 to 180 deg. (1-pole filter). 
By utilizing the APF, the actual current axis Iα and the virtual current axis Iβ were gener-
ated, as expressed in Equation (17) [16–17]. The DQ transformation formula based on (17) 
is described in (18). 

In the current control configuration, an All Pass Filter (APF) is employed to generate 
a virtual 90-degree phase axis, facilitating the design of a single-phase DQ transformation. 
The APF utilized in the current controller is a mathematical equation that introduces a 

Figure 5. TL PFC converter voltage controller Bode plot.

In the current control configuration, an APF is used to create a virtual 90-degree phase
axis, enabling the design of a single-phase DQ transformation. The APF used in the current
controller is a mathematical equation that introduces a phase delay without altering the
magnitude of the input signal. It became a transfer function with a magnitude of one
across all frequency bands and a phase delay ranging from 0 to 180 deg. (1-pole filter). By
utilizing the APF, the actual current axis Iα and the virtual current axis Iβ were generated,
as expressed in Equation (17) [16,17]. The DQ transformation formula based on (17) is
described in (18).

In the current control configuration, an All Pass Filter (APF) is employed to generate a
virtual 90-degree phase axis, facilitating the design of a single-phase DQ transformation.
The APF utilized in the current controller is a mathematical equation that introduces a
phase delay while preserving the magnitude of the input signal. It operates as a transfer
function with a magnitude of one across all frequency bands and introduces a phase delay
ranging from 0 to 180 degrees (a 1-pole filter). By utilizing the APF, both the actual current
axis Iα and the virtual current axis Iβ are generated, as expressed in Equation (17). The DQ
transformation formula based on Equation (17) is described in Equation (18).

Iα(k) = IL

Iβ(k) = 0.9813·Iβ(k − 1) + 0.9813IL(k)− IL(k − 1) (17)

10
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[
ILd
ILq

]
=

[
cosθ sinθ
−sinθ cosθ

][
Iα

Iβ

]
(18)

Current control is achieved through the use of an APF and DQ transformation. The
design specifications for the current controller are set with a phase margin of 60 degrees
and a bandwidth of 4800 [rad/s]. The transfer function of the designed current controller
is expressed in Equation (19).

Gci = 0.019522 × s + 2690
s

(19)

The Bode plot for the current controller is presented in Figure 6. It can be observed
from the plot that the phase margin is 60.8 degrees, and the bandwidth is 4820 [rad/s],
meeting the specified design criteria. Therefore, the stability of the system can be confirmed
through the Bode plot analysis.
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The MATLAB m-file, which was used in the controller design, is shown below:

s = tf(‘s’);

Vin = 310;
L = 2.4 × 10−3; % L = 2.4 mh
C = 2400 × 10−6; %C = 2400 µf
R = 50;
D = 0.311;
D1 = 1 − D;
Vc = Vin/D1;
IL = Vc/(R*D1);

G1 = (Vc/L)*(s + 1/(R*C) + (1 − D)*IL/(Vc*C))/(sˆ2 + s/(R*C)+(1 − D)ˆ2/(L*C));
G2 = −Vin/(L*C)*(−1 + L*s/(R*(1 − D)ˆ2))/(sˆ2 + s/(R*C) + (1 − D)ˆ2/(L*C));
G3 = (IL/Vc)*(L/C)*(−s + (1-D)*Vc/(L*IL))/(s + 1/(R*C) + (1 − D)*IL/(Vc*C));

Kpv = 1; Kiv = 1; % temporarily set to 1
Gcv = Kpv*(s+Kiv)/s; %wc = 50 [rad/s], P.M = 90 [deg]

Kpi = 1; Kii = 1; % temporarily set to 1
Gci = Kpi*(s + Kii)/s; %wc = 4800 [rad/s], P.M = 60 [deg]

11



Electronics 2024, 13, 2863

Vref = Vin/D1;
% sisotool Double-loop configuration
T = sisoinit (6);
T.F.Value = Vref;
T.G1.Value = G1; % current loop G1 = (iL/d)
T.C2.Value = Gci; % current controller PI = (d/ie)
T.G2.Value = G3; % voltage loop tf. = (Vc/iL)
T.C1.Value = Gcv; % voltage controller PI = (Iref/Ve)
sisotool (T);

The MATLAB step response of the DC link voltage is depicted in Figure 7. As expected
from the design requirements, the waveform of the DC link exhibits no overshoot. The
rising time, defined as the time from 10% to 90% of the waveform, is measured as 0.0443 s,
while the settling time is found to be 0.0812 s.
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The capacitor balancing controller can be designed from the following equations:

iC1 = −vc1 + vc2

R
+ iL(1 − vcont1)

iC2 = −vc1 + vc2

R
+ iL(1 − vcont2) (20)

From the above equations, the following relationship can be obtained:

iC1 − iC2 = iL(vcont1 − vcont2) = 2∆diL (21)

The capacitor voltage difference equation over duty difference can then be rewritten
as follows:

G∆C =
∆vc(s)
∆d(s)

=
2

sC
iL (22)

where, ∆vc(s) = vc1 − vc2.
The closed-loop transfer function of the capacitor voltage difference is given as follows:

∆vc(s)
∆vcre f (s)

=

2kp
C iL

s + 2kp
C iL

(23)
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where, ∆vcre f (s) = 0.
The controller configuration of the balancing controller is illustrated in Figure 8a,

while its real implementation is depicted in Figure 8b. The controller gain Kp is set to 0.1
based on the design using MATLAB SISOTOOL.
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4. Simulation

The controller was designed using the parameter values shown in Table 2, and the
controller design was verified by the PSIM simulation.

Table 2. Controller system parameter.

Parameter Value

Input Voltage (Vin ) 310 V

Output Voltage (Vdclink ) 450 V

Inductance (IL ) 2.4 mH

Capacitance (C1, C2 ) 2400 µF

Resistance (R ) 50 Ω

Switching frequency ( fs ) 20 KHz

Figure 9 displays the waveforms of the AC input voltage and AC current from the
double-loop controller. It is evident that the power factor (PF) was stably controlled at
0.9932, which is very close to unity.
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In Figure 10, the waveforms of the voltage step-up from 450 V to 550 V are presented.
Both the output voltage and current are observed to be stably controlled in the boosting
section. The actual voltage waveform closely matches the design requirements, except for
the 120 Hz ripple components, as shown in Figure 10.
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The control performance for the load variation is shown in Figure 11. This waveform
demonstrates the control performance when the load resistance is changed from 25 Ω to
50 Ω and back. Comparing Figures 9 and 10 confirms that the control remains stable even
after load changes.
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The waveforms of the balancing controller are depicted in Figure 12. Capacitors C1
and C2 are set to 1200 [µF] and 2400 [µF], respectively. The difference in capacitance results
in a voltage difference between the capacitors, as shown in Figure 12a. This imbalance
can be controlled using the balancing controller, the waveform of which is illustrated in
Figure 12b.
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5. Experiments

The hardware is constructed based on the simulation environment. The Texas Instru-
ments’ 320F28069 DSP is utilized for the micro-controller, and the circuit components used
in the experiment are configured to match the values presented in Table 1. The detailed
setup of the experiment is depicted in Figure 13. While single-phase AC power at 220 V
is used in the PSIM simulation, due to limitations in the experimental system’s power, a
reduced voltage rating of 110 V is employed during the experiments.
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Figure 13. Hardware setup used in the experiment.

First, the step-up and step-down control for output voltage response characteristics
are depicted in Figures 14 and 15, respectively. Figure 14 illustrates the result of boosting
the output voltage from 150 V to 210 V, with both voltage and current stably controlled
without overshoot. Similarly, Figure 15 displays the waveform resulting from stepping
down the output voltage from 210 V to 150 V, where both voltage and current are observed
to be stably controlled without overshoot.

Figure 16 shows the waveform when changing the load resistance from 50 Ω to 25 Ω,
and Figure 17 shows the waveform when changing it from 25 Ω to 50 Ω. In both cases, it
was observed that the voltage was stably controlled. However, with regard to the current,
fluctuations were initially observed, but the control stabilized within a short period of time.

The waveforms obtained through the actual experiment closely match the PSIM simu-
lation results, confirming the theoretical validity of the proposed modeling and controller
design through experimentation.

15



Electronics 2024, 13, 2863

Electronics 2024, 13, x FOR PEER REVIEW 12 of 15 
 

 

 
Figure 13. Hardware setup used in the experiment. 

First, the step-up and step-down control for output voltage response characteristics 
are depicted in Figure 14 and Figure 15, respectively. Figure 14 illustrates the result of 
boosting the output voltage from 150 V to 210 V, with both voltage and current stably 
controlled without overshoot. Similarly, Figure 15 displays the waveform resulting from 
stepping down the output voltage from 210 V to 150 V, where both voltage and current 
are observed to be stably controlled without overshoot. 

 
Figure 14. Voltage and current waveforms for reference voltage from 150 V to 210 V. 

 
Figure 15. Voltage and current waveforms for reference voltage from 210 V to 150 V. 

Figure 14. Voltage and current waveforms for reference voltage from 150 V to 210 V.

Electronics 2024, 13, x FOR PEER REVIEW 12 of 15 
 

 

 
Figure 13. Hardware setup used in the experiment. 

First, the step-up and step-down control for output voltage response characteristics 
are depicted in Figure 14 and Figure 15, respectively. Figure 14 illustrates the result of 
boosting the output voltage from 150 V to 210 V, with both voltage and current stably 
controlled without overshoot. Similarly, Figure 15 displays the waveform resulting from 
stepping down the output voltage from 210 V to 150 V, where both voltage and current 
are observed to be stably controlled without overshoot. 

 
Figure 14. Voltage and current waveforms for reference voltage from 150 V to 210 V. 

 
Figure 15. Voltage and current waveforms for reference voltage from 210 V to 150 V. Figure 15. Voltage and current waveforms for reference voltage from 210 V to 150 V.

Electronics 2024, 13, x FOR PEER REVIEW 13 of 15 
 

 

Figure 16 shows the waveform when changing the load resistance from 50 Ω to 25 Ω, 
and Figure 17 shows the waveform when changing it from 25 Ω to 50 Ω. In both cases, it 
was observed that the voltage was stably controlled. However, with regard to the current, 
fluctuations were initially observed, but the control stabilized within a short period of 
time. 

The waveforms obtained through the actual experiment closely match the PSIM sim-
ulation results, confirming the theoretical validity of the proposed modeling and control-
ler design through experimentation. 

 
Figure 16. Waveforms for the load change (50 → 25 [Ω]). 

 
Figure 17. Waveforms for the load change (25 → 50 [Ω]). 

6. Conclusions 
The paper proposes a double-loop controller design technique to enhance the mod-

eling of a 3-level power factor correction (PFC) converter. The research aims to address 
challenges encountered in existing single-phase PFC circuits, particularly concerning the 
presence of a 120 Hz ripple voltage. Prior studies have not adequately addressed double-
loop controller design or voltage ripple rejection in this context. Therefore, this paper pre-
sents a novel approach by applying a 3-level structure to achieve these goals. 

The proposed technique involves configuring the obtained state space expression of 
the transfer function to be applicable across the full duty range. Subsequently, a double-

Figure 16. Waveforms for the load change (50 → 25 [Ω]).

16



Electronics 2024, 13, 2863

Electronics 2024, 13, x FOR PEER REVIEW 13 of 15 
 

 

Figure 16 shows the waveform when changing the load resistance from 50 Ω to 25 Ω, 
and Figure 17 shows the waveform when changing it from 25 Ω to 50 Ω. In both cases, it 
was observed that the voltage was stably controlled. However, with regard to the current, 
fluctuations were initially observed, but the control stabilized within a short period of 
time. 

The waveforms obtained through the actual experiment closely match the PSIM sim-
ulation results, confirming the theoretical validity of the proposed modeling and control-
ler design through experimentation. 

 
Figure 16. Waveforms for the load change (50 → 25 [Ω]). 

 
Figure 17. Waveforms for the load change (25 → 50 [Ω]). 

6. Conclusions 
The paper proposes a double-loop controller design technique to enhance the mod-

eling of a 3-level power factor correction (PFC) converter. The research aims to address 
challenges encountered in existing single-phase PFC circuits, particularly concerning the 
presence of a 120 Hz ripple voltage. Prior studies have not adequately addressed double-
loop controller design or voltage ripple rejection in this context. Therefore, this paper pre-
sents a novel approach by applying a 3-level structure to achieve these goals. 

The proposed technique involves configuring the obtained state space expression of 
the transfer function to be applicable across the full duty range. Subsequently, a double-

Figure 17. Waveforms for the load change (25 → 50 [Ω]).

6. Conclusions

The paper proposes a double-loop controller design technique to enhance the modeling
of a 3-level power factor correction (PFC) converter. The research aims to address challenges
encountered in existing single-phase PFC circuits, particularly concerning the presence of a
120 Hz ripple voltage. Prior studies have not adequately addressed double-loop controller
design or voltage ripple rejection in this context. Therefore, this paper presents a novel
approach by applying a 3-level structure to achieve these goals.

The proposed technique involves configuring the obtained state space expression of
the transfer function to be applicable across the full duty range. Subsequently, a double-
loop controller is designed using MATLAB SISOTOOL. To evaluate the effectiveness of
the proposed controller, verification is conducted through PSIM simulation. Moreover, the
proposed controller is implemented in practice, and the efficacy of the system design is
confirmed through experimental validation.

The primary contribution of this paper is demonstrating the controllability of the
double-loop controller for a three-level PFC converter under varying operating points. This
highlights the capability of the proposed controller to maintain operation across the entire
duty cycle range, achieving unified control. This achievement distinguishes our work, as
previous research has not explored this comprehensive aspect.
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Abstract: PI-PD controllers have superior performance compared to traditional PID controllers,
especially for controlling unstable and integrating industrial processes with time delays. However,
computing the four tuning parameters of this type of controller is not an easy task. Recently, there has
been significant interest in determining the tuning rules for PI-PD controllers that utilize the stability
region. Currently, most tuning rules for the PI-PD controller are presented graphically, which can
be time-consuming and act as a barrier to their industrial application. There is a lack of analytical
tuning guidelines in the literature to address this shortfall. However, the existing analytical tuning
guidelines do not consider a rigorous design approach. This work proposes new robust analytical
tuning criteria based on predefined gain and phase margin bounds, as well as the centroid of the
stability region. The proposed method has been tested using various simulation studies related to a
DC–DC buck converter, a DC motor, and a heat exchanger. The results indicate that the proposed
tuning rules exhibit strong performance against parameter uncertainty with minimal overshoots.
Furthermore, the suggested technique for simultaneous control of yaw and pitch angles has been
tested in a real-time application using the twin rotor multi-input multi-output system (TRMS). Real-
time results indicate that, compared to other methods under investigation, the suggested approach
provides nearly minimal overshoots.

Keywords: PI-PD controller; stability region; robust control; centroid point; DC–DC buck converter;
DC motor; heat exchanger; twin rotor multi-input multi-output system

1. Introduction

The second order plus time delay (SOPTD) system representation is extensively uti-
lized in the literature because it accurately represents the dynamics of numerous practical
industrial applications such as temperature controllers and DC motors. However, long-time
delays complicate such systems’ control problems as these delays cause uncertainty and
slow responses with larger overshoots. Further, the presence of poles on the right-hand
side or at the origin of the s-plane adds another complexity to the control design problem.
Thus, a robust control approach is required to regulate such systems [1].

PI-PD controllers are strong candidates relative to PID controllers to solve the control
mentioned above difficulties [2]. They use the PD part in an inner feedback loop to shift the
poles of a process to a more desirable location so that the PI part can control it more effec-
tively in the forward path [3]. Compared to typical PI/PID controllers, PI-PD controllers
perform better, especially when it comes to controlling unstable and integrated processes.
They also provide the designer more flexibility to enhance closed-loop performance be-
cause PI-PD incorporates four adjustable parameters [4]. However, because four controller
parameters need to be adjusted, constructing a PI-PD controller is a difficult task [5]. Only
a few applications have made use of the PI-PD controller due to the difficulty of calculating
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those four parameters [6]. In addition, compared to PID controllers, this controller’s design
has received comparatively less study attention [7]. Therefore, more research on this type
of controller is still necessary.

Utilizing the stability region approach to calculate all stabilizing controller gains is a
widely researched topic (see [8–11] for examples). Since it provides straightforward and
useful tuning guidelines and gets around the challenge of tuning the PI-PD controller,
many researchers have recently explored using the centroid point of the stability region,
which can be calculated by using the centroid of convex stability region (CCSR) [12] or the
weighted geometrical center (WGC) approaches [13,14], to adjust the parameters of PI-PD
controllers. Additionally, it has been suggested that the controller evaluated using the
centroid point may produce robustness against parameter fluctuations, faster perturbation
rejection, and improved set-point tracking [15,16]. WGC and CCSR have just lately been
used to graphically adjust the PID controller’s gains, which are intended to control systems
with non-integer order delay [17]. Additionally, a comparison study of the PI-PD controller
tuning techniques employing CCSR and WGC has recently been conducted [14]. Because
CCSR and WGC approaches have only been applied to specified transfer functions in the
above-mentioned literature, they share the common drawback of requiring the design pro-
cess to be repeated whenever the transfer function changes. This might be time-consuming
for controller engineers and might require mathematical knowledge. The user-selected step
size to be employed in the design phase causes a computational load, which is a unique
drawback of the WGC approach [12]. Additionally, if the time lag is particularly significant,
the WGC approach may yield an incorrect centroid location because of its sensitivity to the
chosen step size [18]. The graphical way of determining the centroid location is a drawback
unique to the CCSR approach [4]. Additionally, novel methods for determining a fractional
order controller’s stability region’s centroid point have recently been introduced [19,20]. In
addition, the centroid point has recently been used in the controller parameter design for
DC–DC boost converters [21]. Nevertheless, the centroid point is still obtained graphically
in all of the aforementioned stated approaches, which is laborious.

To remove the above-mentioned disadvantages of centroid point approaches, analyti-
cal tuning rules have been recently suggested [3,4,16,18,22]. However, these approaches
have not considered incorporating a centroid point based on a robust design method. In
fact, since the original work that formulated the stability region’s formulas for time delay
systems and PI-PD controllers, as documented in Ref. [23], the majority of researchers have
tuned these controllers using graphical approaches without taking analytical ones into
account. Furthermore, robust design techniques as previously discussed have not taken
into account analytical methodologies. Therefore, the main goal of this paper is to design a
robust tuning rule based on the centroid point, which can specifically withstand the system
parameter uncertainties and provide acceptable settling times and overshoots. The primary
contributions made by this work are:

1. Relative to the centroid point approaches reported in Refs. [3,4,16,18,22], the proposed
method incorporates a robust design approach based on predefined gain and phase
margin boundaries, which gives the designer more flexibility to obtain the desired
control performances.

2. Relative to the centroid point approaches reported in Refs. [12,14,19,20], the proposed
methods are analytical and not graphical, which saves time and is easy to implement
on the industrial level.

3. Compared to the centroid point derived based on a robust design technique for DC–
DC converter control published in Ref. [24], the suggested approach is analytical and
does not call for any graphical adjustments. Furthermore, any system that can be
represented as a stable SOPTD can use the suggested approach.

To conclude, proposing an analytical robust design method for designing the gains
of the PI-PD controller is the main contribution of this paper. This is the layout for the
rest of the paper. The next part explains the PI-PD controller structure. The suggested
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methodology is expounded upon in Section 3. Section 4 describes the simulation and the
real-time results. The last section deals with conclusions.

2. PI-PD Controller Structure

Every action taken by the PID regulator in a traditional closed-loop system occurs
via the forward path. This can cause an unwanted occurrence known as a derivative kick.
To solve this issue, the PD part of PI-PD regulators is moved to an internal feedback loop,
which moves the poles of the plant transfer function to a more favorable location where
the PI component operating in the onward path might more adequately control it [4,18].
The PI-PD regulator’s architecture is shown in Figure 1. The inner loop is composed of the
transfer functions of the plant, G(s), and the PD controller, CPD(s), whereas the external
loop is composed of the transfer functions of the inner loop and the PI regulator, CPI(s).
The transfer functions CPD(s) and CPI(s) of the PI-PD regulator are written as follows:

CPD(s) = k f + kds (1)

CPI(s) = kp +
ki
s

(2)
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The behavior of many industrial plants can be described as a second-order transfer
function with time delays as follows:

G(s) =
Ke−τs

as2 + bs + c
(3)

In the above equation, the time delay, the process gain, and the coefficients of the
transfer function are τ, K, a, b, and c, respectively.

3. Proposed Approach

The gain-phase margin tester, T(s) = Ae−ϕs, is added to the forward path to find
boundaries in the general stability boundary corresponding to the predetermined gain
and phase margins. Figure 2 shows the structure of the PI-PD controller after adding the
tester [23].

The following closed-loop characteristic equation can be used to characterize the inner
feedback loop shown in Figure 2, which is made up of the PD controller transfer function,
CPD(s), and the process transfer functions, G(s):

∆(s) = 1 + CPD(s)G(s) ⇒ ∆(s) = k f Ke−τs + kdKse−τs + as2 + bs + c (4)

In the parameter space methodology, the root of a stable polynomial has three ways
of crossing over the imaginary axis and becoming unstable. The real root boundary, the
infinite root boundary, and the complex root boundary are the three boundaries that these
ways define [4]. To find the real root boundary, we solve Equation (4) with s = 0 and
∆(s) = 0. Therefore, k f = −c/K defines the boundary. Since the controller parameters are
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absent from the coefficient of s2, the infinite root boundary cannot be part of the stability
region. To find the complex root boundary, we enter s = jω, e−jτω = cos(τω)− j sin(τω),
and j =

√
−1 into Equation (4) as given below:

∆(s) = −aω2 + jbω + c + k f K cos(τω)− jk f K sin(τω) + jkdKω cos(τω) + kdKω sin(τω) = 0 (5)
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The imaginary and real components in Equation (5) are then split and equaled to zero.
Consequently, the following equations can be obtained:

kd(ω cos(τω))− k f (sin(τω)) = − b
K

ω (6)

kd(ω sin(τω)) + k f (cos(τω)) =
aω2 − c

K
(7)

The expressions that follow can be obtained by solving Equations (6) and (7) for kd
and k f :

kd =
1
K

(
−b cos(τω) + (aω − c

ω
) sin(τω)

)
(8)

k f =
1
K

(
(aω2 − c) cos(τω) + bω sin(τω)

)
(9)

The inner feedback loop’s stability region is defined by Equations (8) and (9) and
the line k f = −c/K. By varying ω throughout the range of

[
ε ωPD

]
, Equations (8) and

(9) are utilized to construct the stability region. ε is a small number that is used to avoid
dividing by zero in Equation (8), while ωPD is found by taking the first root of the equation:
(aω2 − c) cos(τω) + bω sin(τω) = −c. The adjusting point of the PD controller can be
found using the mathematical relations in the range of

[
e f

]
[18]:

x =
1

f − e

f∫

e

z(x)dx (10)

y =
1

2( f − e)

f∫

e

g(x)dx (11)

The integrations provided in Equations (10) and (11) should be used to analytically
calculate the settings of the PD controller. Also, the same mathematical relations will be
used later for finding the settings of the PI controller. Considering f = ωPD, e = 0, and
z(x) = kd which is given in Equation (8), and g(x) = k f which is given in Equation (9), the
gains of the PD controller are analytically computed using Equations (10) and (11). Thus,
the following expressions are obtained and used to find the setting of this controller:

∗
kd =

1
KωPD

(
a(sin(τωPD)− τωPD cos(τωPD))

τ2 − b sin(τωPD)

τ
− c

(
τ6ω5

PD
600

− τ4ω3
PD

18
+ τ2ωPD

))
(12)
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∗
k f =

1
2KωPD

( b(sin(τωPD)−τωPD cos(τωPD))
τ2 +

(τ2(aω2
PD−c)−2a) sin(τωPD)+2aτωPD cos(τωPD)

τ3

)
(13)

Here, it is important to illustrate that the first three terms of the Taylor series are
used for approximation τ sin(τω)

τω and consequently achieving the integration action in
Equation (13). The first three terms of the Taylor series are selected as they can provide
good computation accuracy without introducing mathematical complexity. To compute the
controller parameters using Equations (12) and (13), one should first identify the parameters
of the SOPTD system reported in Equation (3). After that, ωPD should be computed by
taking the first root of the equation: (aω2 − c) cos(τω) + bω sin(τω) = −c. This can be
achieved by using a scientific package such as MATLAB.

To find the PI controller parameters
∗
ki and

∗
kp, the outer loop’s characteristic equation

is given below:

∆(s) =

(
1 + GPD(s)G(s) + Ae−jϕGPI(s)G(s) =

as3 + bs2 + cs + AKkpse−j(τω+ϕ) + AKkie−j(τω+ϕ) +
∗

Kk f se−τs +
∗

Kkds2e−τs

)
(14)

Afterward, the real root boundary, the infinite root boundary, and the complex root
boundary are determined. For the outer loop, the real root boundary is found by solving
Equation (14) for s = 0 and ∆(s) = 0. Thus, this boundary is defined by ki = 0. The infinite
root boundary cannot be a component of the stability zone since the controller’s settings are
missing from the coefficient of s3. The complex root boundary is found by entering s = jω,
e−jτω = cos(τω)− j sin(τω), e−jϕ = cos(ϕ)− j sin(ϕ), and j =

√
−1 into Equation (14).

After that, imaginary and real components are split to obtain the following equations:

kp(ω sin(τω + ϕ)) + ki(cos(τω + ϕ)) =
b

AK
ω2 −

∗
k f

A
ω sin(τω) +

∗
kd
A

ω2 cos(τω) (15)

kp(ω cos(τω + ϕ))− ki(sin(τω + ϕ)) =
a

AK
ω3 − c

AK
ω −

∗
k f

A
ω cos(τω)−

∗
kd
A

ω2 sin(τω) (16)

The complex root boundary’s equations are given by solving Equations (15) and (16)
for kp and ki as follows:

kp =




b
AK ω2 cos(τω + ϕ) + b

AK ω sin(τω + ϕ)−
∗

k f
A + sin(τω) sin(τω + ϕ)

−
∗

k f
A cos(τω) cos(τω + ϕ) +

∗
kd
A ω cos(τω) sin(τω + ϕ)−

∗
kd
A ω sin(τω) cos(τω + ϕ)

− c
AK cos(τω + ϕ)


 (17)

ki =




− a
AK ω3 sin(τω + ϕ) + c

AK ω sin(τω + ϕ) + b
AK ω2 cos(τω + ϕ)

+

∗
k f
A ω cos(τω) sin(τω + ϕ)−

∗
k f
A ω sin(τω) cos(τω + ϕ) +

∗
kd
A ω2 sin(τω) sin(τω + ϕ)

+
∗

kd
A ω2 cos(τω) cos(τω + ϕ)


 (18)

The line ki = 0 and Equations (17) and (18) are used to determine the stability region
of the outer loop. To plot Equations (17) and (18), ω is changed throughout the range of[
0 ωPI

]
, where ωPI is found by equating Equation (18) to zero and taking the first solu-

tion. After applying the formulae from Equations (10) and (11) to Equations (17) and (18),
correspondingly, the settings of the PI controller are determined as follows:

∗
kp =

1
ωPI




(2aτ2ω2
PI−2cτ2+2bτ−4a) sin(τωPI+ϕ)+(4aτ−2bτ2)ωPI cos(τωPI+ϕ)

2AKτ3

+
Kkdτ3ω2

PI sin(ϕ)−2Kk f τ3ωPI cos(ϕ)
2AKτ3 +

(2cτ2−2bτ+4a) sin(ϕ)
2AKτ3


 (19)
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∗
ki =

1
2ωPI




((6bτ3−18aτ2)ω2
PI+6cτ2−12bτ+36a) sin(τωPI+ϕ)

6AKτ4

+
(6aτ3ω3

PI+(−6cωPI τ3+12bτ2−36aτ)ωPI) cos(τωPI+ϕ)

6AKτ4

+
+2Kkdτ4 cos(ϕ)ω3

PI+3Kk f τ4 sin(ϕ)ω2
PI

6AKτ4 − (6cτ2−12bτ+36a) sin(ϕ)
6AKτ4


 (20)

One can find the controller parameters using the flowchart shown in Figure 3. Here, it is
important to mention that no approximations have been used to find Equations (19) and (20).
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4. Simulation and Real-Time Case Studies

Three simulation case studies and a real-time application will be shown in this section.
The PD controller’s derivative component with the form CPD(s) = k f + kds/(t f s + 1),
where t f = (kd)/(10k f ), is used for noise rejection and practical application. To ensure
a fair comparison with the methods in the literature, the derivative filter will also be
introduced to all literature techniques under consideration. The examined approaches are
numerically evaluated using the gain margin, the phase margin, the integral of absolute

error (IAE), IAE =
∞∫
0
|e|dt, and the total variation (TV), TV =

∞∫
0
(u(t + 1)− u(t))dt.

Case study 1: A DC–DC buck converter, which is shown in Figure 4, is studied here.

The identified transfer function of this system is G(s) = 8.87e
2×10−4 s

7.0341 ×10−7s2+0.0017s+1
[25]. The

suggested method for different predefined gain and phase margin boundaries is applied to
find out the controller settings using the procedures shown in Figure 3. Table 1 summarizes
these settings’ values as well as the PID controller’s values reported in Reference [25].

Figures 5 and 6 show the stability region with computed centroid points using the
proposed method for inner and outer loops, respectively. Figure 6 shows the stability
region for three predefined scenarios of the gain and phase margin boundaries, which
are

(
A = 1 ϕ = 0◦

)
,
(

A = 1.5 ϕ = 0◦
)
, and

(
A = 1.6 ϕ = π/4◦

)
. The scenario cor-

responding to
(

A = 1 ϕ = 0◦
)

means that no gain and phase margin boundaries are
included in the design of the centroid point. First, the described controllers are assessed
using the system parameters’ nominal values. Specifically, at t = 0 s, the system is given
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a unity step input. Additionally, at t = 0.02 s, a disturbance with an amplitude of 0.3 is
introduced into the closed-loop system. Figure 7 illustrates the output voltage responses
of the assumed scenarios along with the PID [25] and their control signals. From the
figure, all the proposed scenarios give better results in terms of generating small overshoots
relative to the PID controller [25], which appears to consume more energy with possible
oscillation, as is clear in Figure 7b. İn fact, the overshoot and observed oscillations of the
PID controller [25] might be a source of instability in practical implementations. On the
other hand, the proposed method does not have an overshoot, which might make it more
suitable for real-time applications. Additionally, Figure 7a shows that the proposed sce-
narios

(
A = 1 ϕ = 0◦

)
relative to other scenarios and PID [25] quickly rejects the injected

disturbances into the closed loop with an amplitude of 0.3 at t = 0.02 s. Thus, one might
conclude that the proposed method, due to the freedom in the selection of the predefined
values of the gain and phase margins, has the flexibility to be tuned by control engineers to
generate the desired performances according to the application in hand. This can be seen
numerically in Table 1, in which one of the proposed scenarios has at least the smallest
values for IAE or TV. The optimal values of the gain and phase margins lie in the ranges[
2 6

]
and

[
30◦ 60◦

]
, respectively [4]. Therefore, it seems from Table 1 that the proposed

method with all the investigated scenarios provides optimum values of the gain and phase
margin relative to the PID controller [25], which has a gain margin of less than 2. The
numerical observations, given in Table 1, illustrate again how the proposed method is
flexible in terms of providing different desired control performances.
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Table 1. The controller parameters and performance measures for all the studied methods for case
study 1.

Method

Controller Parameters Real Phase and
Gain Margins IAE TV

kf kd kp ki
Gain

Margin
Phase

Margin Servo Reg. Servo Reg.

Proposed(
A = 1 ϕ = 0◦

) 0.539 0.0002 0.104 605.619 2.69 43.48◦ 0.0011 0.00051 0.00000061 0.0000011

Proposed(
A = 1.5 ϕ = 0◦

) 0.539 0.0002 0.069 395.578 2.74 49.23◦ 0.0016 0.00074 0.00000036 0.0000010

Proposed(
A = 1.6 ϕ = π/4◦

) 0.539 0.0002 0.170 235.089 2.58 45.18◦ 0.0028 0.0013 0.00000071 0.0000012

PID [25] - 0.0004 0.545 626.437 1.75 49.93◦ 0.0013 0.00066 0.00000041 0.0000022

To evaluate the effectiveness of the approaches under evaluation in the event of a
situation where the system parameters change, another test is carried out. This test is
particularly important to show how the suggested method gives a robust performance
against parameter uncertainties. To show the benefits of incorporating the predefined
gain and phase margin boundaries into the proposed method, the system parameters τ,
a, b, and c are changed by 500%. The system’s parameters are changed by 500% since the
reported controllers start to show a noticeable influence. Figure 8 displays the findings of
this experiment. It is evident that, in contrast to PID and scenario

(
A = 1 ϕ = 0◦

)
, which

display oscillatory behavior and the potential to lose stability, scenarios
(

A = 1.5 ϕ = 0◦
)
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and
(

A = 1.6 ϕ = π/4◦
)

maintain system stability with a very small overshoot. To sum
up, the suggested scenarios examined in Figures 7 and 8 demonstrate that the suggested
approach gives the control engineer the flexibility and opportunity to choose the most
suitable control performance, potentially weighing fast-tracking against robust performance
in the face of system parameter fluctuations. This possibility is not available in the centroid
tuning methods reported in Refs. [3,4,16,18,22], which forms the main contribution of this
paper in addition to the analytical nature of the proposed method.
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Figure 5. Stability region of the PD controller for Case study 1 for the nominal parameters.
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Figure 6. Stability region of the PI controller for Case study 1 for the nominal parameters.
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Figure 7. (a) Closed-loop responses for DC–DC buck converter under a 0.3 disturbance amplitude
and for the nominal parameters; (b) corresponding control signals.
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Figure 8. (a) Closed-loop responses for DC–DC buck converter under a 0.3 disturbance amplitude
and 500% model uncertainty; (b) corresponding control signals.

Case study 2: A position control problem for a DC motor is considered in this case
study. The identified transfer function of the DC motor position is G(s) = 0.9843e−0.02s

0.0651s2+s [26].
The parameters of the proposed method for the assumed values of

(
A = 1.3 ϕ = 0◦

)
are

computed using the steps given in Figure 3. The fractional order PI controller (FOPI) [26]
and the PI-PD controller adjusted by CCSR [4] are used to compare the performance with
the suggested approach. Table 2 contains a list of all the reported controller settings values
together with the values of performance measures.

Table 2. The controller parameters and performance measures for all the studied methods for case
study 2.

Method
Controller Parameters

Real Phase and
Gain Margins

Step Input Variable Input

IAE TV IAE TV

k f kd kp ki µ
Gain

Margin
Phase

Margin Servo Reg. Servo Reg. Servo Servo

Proposed
(A = 1.3
ϕ = 0◦)

38.838 1.866 8.175 300.739 - 2.52 37.3◦ 0.13 0.003 0.005 0.0005 0.13 0.0048

PI-PD [4] 47.715 2.703 29.818 823.207 - 1.67 22.9◦ 0.10 0.002 0.058 0.0017 0.09 0.058

FOPI [26] - - 12.103 123.761 1.6 0.63 35.9◦ 0.66 0.115 0.005 0.0007 0.66 0.0048

First of all, the investigated methods are tested using the nominal parameters and
by applying a unity response and unity disturbance at t = 0 s and t = 3 s, respectively.
Figure 9 displays the outcomes for this test. It is clear from the figure that FOPI [26] has
poor performance with oscillatory response and long settling times. On the other hand, the
proposed method offers a quick response with zero overshoot and a similar disturbance
rejection capability relative to PI-PD [4], which has an oscillatory transient response. Also,
the PI-PD [4] consumes more energy relative to the proposed controller as seen in the
control signals given in Figure 9b.

The second test for the methods under investigation includes introducing parameter
perturbations. By introducing 30% uncertainties in all system parameters, the benefits
of incorporating the predetermined gain and phase margin boundaries into the design
procedures of the proposed method are demonstrated in Figure 10. From the figure, the
suggested strategy is the only one that can continue to function well even when there
are fluctuations in the system parameters, while other approaches lose their stability
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entirely. This makes the proposed method suitable for controlling systems that have
changing parameters.
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Figure 9. (a) Closed-loop responses for DC motor for a step input and under a unity disturbance
amplitude for the nominal parameters; (b) corresponding control signals.
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Figure 10. (a) Closed-loop responses for DC motor for a step input and under a unity disturbance
amplitude and 30% model uncertainty; (b) corresponding control signals.

The third test for the reported methods is performed using a variable input consisting
of square and sinusoidal signals, as shown in Figure 11a. One can see from the figure that the
proposed method has decent performance without introducing oscillations or overshoots.
As can be observed from the IAE readings for the variable input given in Table 2, the PI-PD
controller [4] provides the fewest tracking errors; but, as Figure 11a,b makes evident, it
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exhibits oscillatory transient responses. This might lead to instability in real-time scenarios.
Also, the FOPI controller [26] has a response with overshoots and oscillations, as noticeable
in Figure 11a. Thus, one can conclude that only the proposed method can give suitable
performance without overshoots and oscillations and with reasonable tracking of errors.
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Figure 11. (a) Closed-loop responses for DC motor for a variable input and under the nominal
parameters; (b) corresponding control signals.

The TV values, listed in Table 2, show that the proposed method has the smoothest
control signal for servo or regulatory responses for both types of control signals. The
IAE values presented in the same table demonstrate that, for either servo or regulatory
responses, the suggested approach offers a trade-off performance between the strategies
described in Refs. [4,26] for all the input types. However, different gain and phase margins
might be chosen if control engineers want a different level of intended performance. This
is because the suggested method has the flexibility to do so as shown in case study 1. Also,
the proposed method has optimal values of the gain and phase margins relative to the
other methods as clear from Table 2. To conclude, the above observations demonstrate, yet
again, the flexibility, robustness, and importance of the suggested approach.

Case study 3: An industrial temperature control based on a heat exchanger, displayed
in Figure 12, is considered under this case study. A shell-and-tube system is used to transfer
the heat from a primary to a secondary flow. The process control goal is to maintain
the secondary flow point’s temperature by regulating the primary flow. The system’s
recognized transfer function is G(s) = 0.002e−3s

s [2]. By following the methods shown in
Figure 3, one can calculate the settings of the suggested technique for assumed scenarios of(

A = 1 ϕ = 0◦
)

and
(

A = 1.3 ϕ = 0◦
)
. The values of these settings are summarized in

Table 3, together with the reported values of the PI-PD controller plus the Smith predictor
reported in reference [2]. PI-PD-SP is the abbreviation for the PI-PD controller plus the
Smith predictor [2] in this case study. The goal of the comparison between the proposed
method and PI-PD-SP is to show that the proposed method can perform well in the presence
of long time delays, even though it has not incorporated another technique for handling
the long time delay such as the Smith predictor.
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Table 3. The controller parameters and performance measures for Case study 3.

Method
Controller Parameters

Real Phase and
Gain Margins

Step Input Square Input

IAE TV IAE TV

kf kd kp ki
Gain

Margin
Phase

Margin Servo Reg. Servo Reg. Servo Servo

Proposed
(A = 1
ϕ = 0◦)

83.34 0 22.762 8.113 2.18 32.63◦ 10.272 0.370 0.014 0.0013 30.817 0.028

Proposed
(A = 1.5
ϕ = 0◦)

83.34 0 15.175 5.409 2.45 39.87◦ 15.408 0.555 0.009 0.0011 46.203 0.042

PI-PD-
SP [2] 130.15 188.326 26.011 25.601 1.93 27.85◦ 5.184 0.120 0.029 0.0018 15.553 0.086

Different tests are performed to test the proposed method. In the first test, a unity step
input and disturbance with an amplitude of 3 are applied at t = 0 s and t = 80 s, respectively.
The outcomes of this test are shown in Figure 13. The second test includes introducing
variable input in the form of square input as shown in Figure 14. The third test is similar to
the first one but after introducing 70% model uncertainty in the time delay. Its results are
shown in Figure 15. The following observations are noted based on Figures 13–15, as well
as the performance metrics listed in Table 3:

1. As seen in Figures 13 and 14, the suggested scenario,
(

A = 1 ϕ = 0◦
)
, provides

somewhat similar responses and results to the PI-PD-SP controller [2], even though it
does have an additional mechanism to tackle long time delays.

2. In contrast to PI-PD-SP [2], which completely loses stability under 70% variations in
the time delay as clear in Figure 15, the suggested scenarios

(
A = 1 ϕ = 0◦

)
and(

A = 1.3 ϕ = 0◦
)

can keep the system stable with a satisfactory performance. Also,
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the robustness of the proposed method can be numerically seen from the real values
of the gain and phase margin provided in Table 3.

3. As can be observed from the TV values listed in Table 3, the suggested scenarios
provide smoother control signals. Furthermore, as shown in Figures 13b and 14b,
the suggested method uses less control power for the transient response than the
PI-PD-SP [2].
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Figure 13. (a) Closed-loop responses for the temperature control for a step input and under the
nominal parameters; (b) corresponding control signals.
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Figure 15. (a) Closed-loop responses for the temperature control under a unity disturbance amplitude
and 70% time delay model uncertainty; (b) corresponding control signals.

Experimental results: Here, the proposed technique is tested using a real-time trial
on a TRMS. The dynamics of the nonlinear TRMS system are comparable to those of a
helicopter. As seen in Figure 16, it comprises two DC motors that drive the pitch and yaw
propellers at the ends of a beam. The yaw rotor produces horizontal revolution on the yaw
axis, whilst the pitch rotor is in charge of the upward motion on the pitch axis. There is a
noticeable cross-coupling between the rotor’s actions, with each rotor affecting both angles.
The yaw transfer function of yaw angle is identified as G(s) = 0.10e−0.3227s

0.95965s2+s [4]. On the other
hand, the transfer function of the pitch angle is identified using the input and output data
as G(s) = 0.32e−s

2.347s2+0.1s+1 .
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The suggested method in Figure 3 is used to compute the settings of the yaw and pitch
PI-PD controllers using the assumed scenarios

(
A = 1 ϕ = 0◦

)
and

(
A = 1 ϕ = π/3.7◦

)
,
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respectively. The proposed controller is implemented using the diagram shown in Figure 17.
The PID controller described in Ref. [27] is contrasted with the suggested approach. Table 4
displays the IAE values together with the parameters for every method that has been
reported. To ensure a fair comparison, it is vital to note that every controller evaluated is
subjected to identical implementation conditions. An example of these conditions might
include the absence of external disturbances such as wind.
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Table 4. The controller parameters and IAEs for all the studied methods for the real-time test.

Method
Controller Parameters

IAE
kf kd kp ki

Proposed

Yaw controller(
A = 1 ϕ = 0◦

) 22.4563 16.6002 6.1352 14.0555 0.9711

Pitch controller(
A = 1 ϕ = π/3.7◦

) 0.1122 2.6569 0.1959 1.1341 1.7484

PID [27]
Yaw controller - 5 2 1 1.7774
Pitch controller - 10 5 6 1.2817

The real-time outcomes for concurrently controlling the pitch and yaw angles are
shown in Figures 18 and 19. The simulation outcomes for the suggested method are also
displayed in Figures 18a and 19a. Interestingly, the proposed method yields somewhat
similar real-time and simulation results, even though the TRMS is a highly nonlinear
system with coupling effects that may be challenging to model using low-order transfer
functions. The suggested approach exhibits rapid responses with shorter settling times
and overshoot, particularly for the yaw response, as seen in Figure 18. Additionally,
Figures 18b and 19b demonstrate how much less energy the suggested controller uses than
the PID controller [27]. Furthermore, even though the suggested approach is primarily
suggested for single-input single-output systems, the suggested controller could continue
to function well considering the existence of coupling influences between yaw and pitch
angles. This is explained by the flexibility of the suggested approach, which enables
the designer to use predetermined gain and phase margin boundaries to achieve the
desired performance.
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Figure 18. (a) Real-time closed-loop yaw responses for TRMS and (b) corresponding control signals.
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Figure 19. (a) Real-time closed-loop pitch responses for TRMS and (b) corresponding control signals.

5. Conclusions

A robust centroid point design technique based on predefined phase and gain margins
is presented in this paper. In comparison to the existing literature, the suggested approach
is both analytical and robust. The control engineer has the flexibility to choose the required
control performance according to the suggested approach. The analytical centroid point
techniques described in the literature really lack this feature. The results of the simulations
demonstrated that the suggested approach produces responses with reduced overshoots
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and settling times and performs well against parameter uncertainties. These findings
are further supported by the results of the real-time test on TRMS, which shows that the
proposed methodology can handle the coupling effects to larger levels when utilized for
controlling multiple input and multiple output systems even if it is originally only designed
to deal with single-input and single-output systems. Nonetheless, the coupling effects
continue to influence the pitch angle control performance, albeit to a lesser extent. Future
studies will therefore involve extending the suggested approach to handle the coupling
effects in multiple-input and multiple-output systems.
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List of Symbols

Symbol Explanation
K Process gain
τ Time delay
a, b, c Coefficients of the process transfer function
G(s) Process transfer function
GPD(s) PD controller’s transfer function
GPI(s) PI controller’s transfer function
k f The proportional gain of the PD controller
kd The derivative gain of the PD controller
kp The proportional gain of the PI controller
ki The integral gain of the PI controller
A Gain margin
θ Phase margin
ωPD The critical frequency of the inner loop
ωPI The critical frequency of the outer loop[
e f

]
The minimum and maximum integral limits

x The centroid coordinate on the x-axis
y The centroid coordinate on the y-axis
µ The degree of integral operator
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Abstract: The integration of hybrid alternating current (AC) and direct current (DC)
networks has gained relevance due to the growing demand for more flexible, efficient,
and reliable electrical systems. A key aspect of this integration is the parallelization of
power converters, which presents several technical challenges, such as current sharing
imbalances, circulating currents, and control complexity. This paper proposes a distributed
control architecture for parallel resonant CLLC dual active bridge (DAB) converters to
address these issues in hybrid AC–DC networks and microgrids. The approach includes
a master voltage controller to regulate the output voltage and distributed local current
controllers to ensure load balance. The approach minimizes the difference between the
output and input voltages, allowing for independent control of power flow. Simulation
and experimental results show significant improvements. The system stability has been
demonstrated experimentally. Transient response has been improved with response time
80% lower using the feed-forward term. The system maintained stability with current
sharing deviations below 3% under full and low load conditions. Finally, scalability is
ensured by the proposed distributed controller because the central power controller is not
affected by the number of units in parallel used in the application. This solution is suitable
for advanced hybrid networks and microgrid applications.

Keywords: resonant converters; dual active bridge (DAB); distributed control; parallel
converters; circulating currents; hybrid AC–DC networks; microgrids; solid-state transformers
(SSTs); smart grids

1. Introduction
In recent years, microgrids (MGs) have become increasingly important for improv-

ing the efficiency, reliability, and flexibility of electrical power systems. MGs integrate
distributed generators, energy storage systems, loads, and control units that can operate
independently or connected to the main grid, providing increased stability and resilience
in the power supply [1]. The evolution of MGs has led to the development of various
topologies, including AC, DC, and hybrid grids, which require advanced control strategies
to optimally manage distributed resources [2].

Traditionally, secondary and tertiary control layers in MGs have been implemented
using centralized control topologies, where a central controller manages all information
and makes operational decisions for the microgrid [3]. However, this centralized approach
presents several significant limitations, such as vulnerability to single-point failures and a
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lack of scalability when integrating new resources or adapting to changes in demand [4].
Furthermore, dependence on a single central unit for decision-making can compromise the
robustness and responsiveness of the system to unexpected events [5].

Distributed control has emerged as a promising solution to overcome these limitations.
Unlike centralized control, distributed control spreads control responsibility between
several autonomous agents, which work cooperatively to achieve global objectives [6]. This
approach offers several key advantages, such as increased robustness to failures, since the
failure of a single agent does not lead to total system breakdown [7]. Moreover, distributed
control improves scalability, allowing the seamless integration of new distributed energy
resources (DERs), storage systems, and loads without affecting the overall operation of the
microgrid [8].

The integration of hybrid AC-DC electrical grids has gained prominence in recent
years due to the growing demand for more flexible, efficient, and reliable electrical systems.
A key aspect of this integration is the parallelization of power converters, which poses
several technical challenges, such as current sharing imbalances, circulating currents, and
the complexity of control [9,10]. These issues can significantly affect the performance and
reliability of hybrid networks, leading to inefficiencies and operational risks [11].

Various strategies have been proposed to address these challenges, including advanced
control schemes, voltage droop control, and current droop control, as well as real-time com-
munication between converters [12]. Recent trends emphasize the use of digital controllers,
predictive algorithms, and artificial intelligence to improve system performance and scal-
ability [13]. However, solutions based on centralized controllers, such as programmable
logic controllers (PLCs), suffer from slow transient response and communication delays,
which limit overall system stability [14].

The CLLC resonant converter has emerged as a promising solution to parallelize dual
active bridge (DAB) converters in hybrid AC–DC networks, particularly in high-power
applications [15]. The CLLC converter is known for its ability to operate with high efficiency
in bidirectional modes, making it ideal for use in solid-state transformers (SSTs). However,
parallel operation of multiple CLLC converters introduces significant technical challenges,
such as unequal current sharing between converters at both the input and output stages
and the precise control of circulating currents [16].

This paper proposes a novel distributed control strategy that eliminates the need
for a global controller and instead relies on a local master controller installed on a single
converter to regulate the output voltage. The remaining converters are controlled by
distributed current controllers that share the load current equally, and feed-forward control
is implemented to improve the system response time during transient events.

The remainder of this paper is organized as follows. Section 2 describes the materials
and methods used, addressing the modeling of CLLC DAB resonant converters and the
system architecture, and presents the traditional control strategies and the proposed dis-
tributed control methodology, including the master voltage controller and the distributed
current controllers together with the feed-forward term in control. Section 3 shows the
experimental results obtained in test configurations, including positive and negative AC
power flow, response to nominal power and voltage variations, and the effect of the feed-
forward term in the system. Section 4 discusses the impact of the distributed control
strategy compared to traditional centralized systems, highlighting the improvements in
terms of response time, stability, and current distribution under various load conditions.
Finally, Section 5 concludes the paper by summarizing the main contributions and sug-
gesting directions for future research, such as the integration of artificial intelligence to
improve system adaptability.
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2. Materials and Methods
2.1. Paper Preparation

During the preparation of this work, GenAI tools have been used to improve the paper.
CHATGPT V4 has been used for preparing the reference list during the state of the art
compilation and to improve English writing. The authors have reviewed and edited all the
results and take full responsibility for the content of the publication.

2.2. Modeling of Resonant CLLC DAB Converters

Figure 1 illustrates the topology of a resonant CLLC DAB converter.

Figure 1. Topology of a resonant CLLC DAB converter.

In this figure, vp, ip, vs and is are the input and output voltages and currents, re-
spectively. L1, C1, L2 and C2 are the inductance and capacitance of the primary and
secondary resonant tank, respectively. iL is the primary current that circulates by induc-
tance L1. The voltages v1 and v2 are the alternating voltages of the primary H bridge and
the secondary H bridge, respectively. Finally, n is the transform ratio between the primary
and secondary.

The power converter can be modeled by a simple equivalent circuit, as depicted in
Figure 2. For simplicity, no parasitic effects are considered (such as those that involve switches,
inductance, or capacitance). Additionally, the magnetizing inductance is neglected.

Figure 2. Simplified model of a resonant CLLC DAB converter with the input constant and output
connected to resistance.

In this figure, L represents the equivalent inductance L = L1 + n2L2, and C is the
equivalent capacitance C = C1 + n2C2.

Depending on the application, the input voltage vp or the output voltage vs can be
continuously maintained by a power supply or can be connected to a current source.
In this case, a current source connected to the output is considered and the input voltage is
constantly maintained.

In terms of the Laplace transformation, this system can be considered as two subsys-
tems, as shown in Figure 3: the resonant tank subsystem and the RC output filter subsystem.
In this figure, the variables in capital letters V1, V2, IL, Is and Io represent the phasor name
of the same lowercase letter defined previously. s is the Laplace symbol.
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Figure 3. Simplified model based on transference function of a resonant CLLC DAB converter.

V1 and V2 are square waveforms shifted at ϕ angle. Using the first-harmonic approxi-
mation, the first harmonic of the difference between V1 and V2 can be obtained using the
Fourier series. The first harmonic is obtained in Equation (1):

(V1 − V2)1 =
4 Vs n sin(ϕ)

π
+

4 cos(ϕ)
(
Vp − Vs n

)
i

π
. (1)

In this equation, Vp and Vs are the DC component of the input and output voltage, respec-
tively. i is the imaginary unity complex number. The admittance is obtained as follows:

G = − C ω i
C L ω2 − 1

. (2)

The current IL can be obtained by multiplying the admittance by the difference in
voltages. The current IL results are obtained as follows:

IL = G(V1 − V2)1 =
4 C Vs n w sin(ϕ)

π (C L w2 − 1)
− 4 C w cos(ϕ)

(
Vp − Vs n

)
i

π (C L w2 − 1)
. (3)

Using this expression, the output current Io can be obtained by projecting the current
IL into the output voltage per unit V2(pu). This V2(pu) voltage can be expressed by first
harmonic approximation as follows:

V2(pu) =
2 (sin(ϕ)− cos(ϕ) i)

π
. (4)

The output current Is is a function of the phase angle ϕ and can be obtained, as ex-
plained above, using the scalar product of IL by V2(pu). The result is as follows:

Is = V2(pu) · IL =
8 C Vp ω sin(ϕ)
π2 (C L ω2 − 1)

. (5)

This approximate model considers the dynamic decomposition of the fast dynamic
and slow one. This can be exploited for the design of distributed cascade controllers so
that the dynamics of the current controller can be much faster than that of the output
voltage controller.

2.3. System Architecture and CLLC Resonant Converters

The proposed system focuses on the parallelization of CLLC resonant converters
within hybrid AC–DC microgrids. Figure 4 shows a photo of the power converter as a
modular system which has been used for our experiments. The parallel connection of
these modules is represented in Figure 5. These converters are essential in solid-state
transformers (SSTs), which enable bidirectional power transfer with high efficiency. A key
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advantage of CLLC converters is their ability to operate in high-frequency transformer
configurations, which are typically used in modular power systems with power ratings of
around 25 kW per module. To achieve higher power levels, multiple converters need to be
operated in parallel at the output stage.

Figure 4. Parallel CLLC resonant converter system physical configuration.

Figure 5. Structure of parallel resonant CLLC DAB converters.
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2.4. Traditional Control Strategies

Traditional control strategies for parallel converters in SSTs typically rely on droop
control, either based on voltage or current. In voltage droop control, the output voltage is
adjusted based on load changes, while current droop control adjusts the current supplied by
each converter depending on the system’s load demand. However, these approaches face
several challenges when applied to large-scale, modular systems. In parallel systems, droop
control can lead to unequal current sharing between converters, resulting in circulating
currents and efficiency losses. Systems controlled via global controllers (e.g., PLC-based
systems) often exhibit slow response times due to communication delays, especially during
fast load changes.

Hybrid control schemes that combine voltage and current droop strategies have been
proposed to mitigate these issues but continue to suffer from transient instability and
require complex coordination across multiple units.

2.5. Proposed Control Methodology

To overcome the limitations of traditional control methods, this paper introduces a
distributed control strategy that eliminates the need for a global controller and instead
leverages local control at the converter level. The overall structure of this approach is
illustrated in Figure 6, showing the simplified model of the resonant CLLC DAB converter
with constant input and a resistive load.

Figure 6. Distributed control system of DAB resonant converters.

2.5.1. Master Voltage Controller

As depicted in Figure 6, a master voltage PI controller is installed on one of the
converters in the system. This controller is responsible for regulating the output voltage
of the entire system, ensuring that the output voltage remains stable despite changes in
load demand or fluctuations in input power. By localizing this control function to a single
converter, the system avoids communication delays commonly associated with global
controllers. This control strategy allows the system to emulate the behavior of an ideal
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transformer, where the voltage at the output can be dynamically adjusted to meet load
requirements, regardless of the direction of power flow.

The master voltage controller operates by adjusting the output voltage reference for
the system, allowing real-time regulation without relying on external communication links.

2.5.2. Distributed Current Controllers

Each remaining converter operates under a current PI control strategy (see Figure 6).
The total load current is evenly distributed among the parallel converters, with each current
controller regulating its assigned portion. This strategy ensures balanced current sharing
and minimizes circulating currents, which are common in parallel converter systems.

The total load current is calculated by the system and divided equally between the
active converters. Each converter is equipped with its own current PI controller, which
adjusts its output current to match the reference value determined by the system. This
distributed approach ensures that the converter is not overloaded and minimizes the risk
of current imbalances.

As illustrated in Figure 6, the current controllers calculate their reference values
by equally dividing the total itotal load current among the active converters m, allowing
dynamic load sharing without the need for extensive communication between units.

2.5.3. Converter Characteristics

The CLLC resonant converter used in this study operates with the following nominal
design parameters. Table 1 lists the nominal electrical specifications of the converter,
and Table 2 provides the parameters of PI controllers.

Table 1. Nominal electrical specifications of the converter.

Parameter Nominal Value

Input bus voltage (Vs) 550 V
Output bus voltage (Vp) 554 V
Input current (Is) 45 A
Output current (Ip) 45 A
Output power (Pout) 25 kW
Switching frequency ( fsw) 80 kHz
Transformer turn ratio (n) n =

Nprim
Nsec

= 1.007

Table 2. Nominal PI controller parameters.

Controller Kp Ki

Master Voltage Controller 1.2 5.7 × 10−6

Distributed Current Controller 2.4 4 × 10−4

These nominal parameters were carefully selected to ensure stable and efficient system
operation under the experimental and simulation conditions described in this work.

The oscillation method, also known as the Ziegler–Nichols method, was used to adjust
PI controllers for voltage and current regulation in CLLC converters through phase-shift
control between primary and secondary bridges, with a fixed duty cycle of 50% on both
sides. Resonant converters operate near their natural frequency, where the dynamics tend
to be oscillatory, allowing for the direct application of the oscillation method to identify
critical stability parameters. In this method, the proportional gain Kp is gradually increased
until the system reaches the critical gain Kc and exhibits sustained oscillations with a
well-defined oscillation period Pc. The proportional gain is set as Kp = Kc, and the integral
constant Ki is calculated as
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Ki =
Kp

Ti
, where Ti = αPc,

and α is a chosen fraction of Pc. The procedure is applied sequentially: first, the voltage
PI controller is tuned to regulate the output voltage, followed by the current PI controller,
ensuring that the conditions set in the voltage loop are maintained. This approach provides
an intuitive, yet robust, tuning process, improving system stability and dynamic perfor-
mance by enabling precise regulation of voltage and current. The method’s effectiveness
lies in its ability to optimize controller parameters without requiring complex mathematical
models, enhancing the efficiency and control accuracy of the CLLC converter operating
near its resonant frequency.

2.5.4. Feed-Forward Term in the Control Strategy

To further improve the transient response and enhance system stability, the pro-
posed method incorporates feed-forward control into the current regulation scheme. Feed-
forward control allows for faster responses to changes in load conditions by anticipating
disturbances and adjusting the current output accordingly. This approach significantly
reduces the reaction time of the system and prevents overshooting or instability during
transient events.

By placing both voltage and current control functionalities locally within each con-
verter, the system eliminates communication delays inherent in centralized control systems,
making it more responsive to real-time changes in power demand and improving over-
all stability.

The feed-forward term in Equation (6) can be obtained by taking the inverse of
Equation (5).

ϕff = arcsin

(
π2 (C L ω2 − 1

)
Itotal

8 C Vp ω m

)
. (6)

In Equation (6), m is the number of converters in parallel, and Itotal is the total current
that is measured by each converter.

2.6. Algorithm for Voltage and Current Regulation

The core of the proposed control strategy is a novel algorithm designed to manage
both voltage regulation and current sharing. The algorithm is implemented across all
converters, but its operation is divided between the master voltage controller and the
individual current controllers.

2.6.1. Voltage Regulation Algorithm

The voltage regulation algorithm used by the master controller is based on continuous
monitoring of input and output voltages. The difference between the output voltage and the
input voltage, multiplied by the transformer ratio, is calculated in real-time. The controller
then adjusts the output voltage to minimize this difference, ensuring that the system
behaves as a transformer that can operate independently of the power flow direction.

2.6.2. Current Sharing Algorithm

The current sharing algorithm, implemented by the distributed current controllers,
calculates the total load current and divides it evenly among the converters. The algorithm
monitors the output current of each converter, comparing it with the reference current
calculated from the total load. If discrepancies are detected, the current controller adjusts
the output to ensure balanced sharing.

The inclusion of feedforward control in the current PI controller enhances this process
by allowing the controllers to adjust the output pre-emptively when load changes are
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detected. This prevents sudden changes in the current distribution and ensures that the
system remains stable under dynamic conditions.

3. Experimental Results
3.1. Experimental Setup

The experimental setup was designed to evaluate the performance of the proposed
distributed control system for parallelized CLLC resonant converters within a hybrid
AC–DC system. The test system included a combination of DC–DC converters, DC–AC
converters, and a DC microgrid for load simulation and power distribution.

To ensure consistent operation and accurate evaluation, the parameters specified in
Table 1 were applied during all experiments. These nominal values were carefully selected
to match the requirements of the modular CLLC converters used in the tests.

The configuration is described as follows:

• A DC input bus was connected to a DC–AC converter. This converter allowed the
DC bus to connect to the AC electrical grid, enabling bidirectional power flow and
grid-tied operation.

• Multiple CLLC resonant DC–DC converters were connected in parallel. The converters
shared the load current evenly and the proposed distributed control strategy was
applied to regulate the sharing of voltage and current among these converters.

• The output of the DC–DC converters was connected to a DC microgrid, which repre-
sented the load of the system. This microgrid operated autonomously and was used
to test the system’s performance under varying load conditions.

• The DC microgrid was stabilized using a battery storage system. The battery served
as a voltage regulator for the microgrid, ensuring stable operation and preventing
large voltage fluctuations under dynamic load conditions. The battery controlled the
microgrid voltage, allowing smooth power flow and load balance.

This configuration was used to evaluate the voltage regulation, current sharing,
and transient response of the proposed control strategy, focusing on the following key
performance metrics:

• System stability during normal and dynamic load conditions.
• Transient response time to sudden changes in load.
• Performance of current sharing between parallel DC–DC converters.

3.2. Test 1: Positive AC Power Flow

In the first test, we assign a series of positive AC power references to the DC-AC
converter to simulate an increase in power demand. Several increments were applied,
and the system response was recorded. The following results were obtained:

• Figure 7: Graph of the individual currents of each converter when the power reference
is positive, showing the percentage of current distributed between the three converters.
The graph confirms that the current sharing between the converters is well balanced
at different power levels.

• Figure 8: Oscilloscope capture of the total current flowing through the DC output bus.
This image highlights the stability of the total current during load increments.

The results indicate that under positive AC power flow, the system maintained bal-
anced current sharing among the three converters, with minor deviations remaining within
acceptable limits. For positive current flow, the system maintained deviations less than
3% at full load and low load. During transient events, the deviations were slightly larger
but remained below 8.15%.
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Figure 7. Individual currents of each converter and total current at positive power reference and
percentage share of total current between the converters.

Figure 8. Positive variation of total current through the DC bus. Frequency is not detected in DC
mode and its value appears as stars. Time scale: 10 A/div.

3.3. Test 2: Negative AC Power Flow

In the second test, the DC–AC converter was assigned negative AC power references,
simulating sending power back to the grid. Again, multiple power increments were applied,
and the system response was recorded. The following results were obtained:

• Figure 9: Plot of the individual currents of each converter when the power reference is
negative, showing the percentage of current distributed among the three converters.
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• Figure 10: Oscilloscope capture of the total current flowing through the DC output
bus, highlighting the stability of the total current during power surges with negative
power flow.

For negative AC power flow, the results showed a similar balanced current sharing
between the converters, confirming the system’s ability to effectively handle bidirectional
power flow. For negative current flow, deviations were kept below 1% at full and low load
and below 9.75% during transient events.

Figure 9. Individual currents of each converter and total current at negative power reference and
percentage share of the total current between converters.

Figure 10. Negative variation of total current through the DC bus. Time scale: 10 A/div.
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Summarizing the results, both tests performed with positive and negative power refer-
ences confirmed the correct operation of the distributed control system for the parallelized
CLLC converters. The key observations from the experiments are as follows:

• The current sharing between the converters remained within acceptable limits,
with minimal deviations under all load conditions.

• The system maintained a stable power flow through the DC bus during both positive
and negative power operations.

• The system responded smoothly to incremental changes in power demand, with stable
voltage regulation and minimal fluctuations in current sharing.

The data from both tests are summarized in the consolidated Table 3, which shows the
optimal and suboptimal results of each test in terms of the maximum difference between
the percentages of sharing.

Table 3. Optimal and sub-optimal energy flow testing results.

Test Current
(A) Conv 1

Current
(A) Conv 2

Current
(A) Conv 3

Total
Current

(A)

% Share
Conv 1

% Share
Conv 2

% Share
Conv 3

Max
Difference

(%)
1 5.94 5.76 5.96 17.66 33.64 32.62 33.75 1.13
1 11.01 10.64 11.56 33.21 33.15 32.04 34.81 2.77
1 3.67 3.54 4.41 11.62 31.58 30.46 37.95 7.49
1 3.64 3.42 4.35 11.41 31.90 29.97 38.12 8.15
2 −3.86 −3.95 −3.90 −11.71 32.96 33.73 33.30 0.77
2 −10.23 −10.15 −9.93 −30.31 33.75 33.49 32.76 0.99
2 −3.90 −4.02 −3.45 −11.37 34.30 35.36 30.34 5.01
2 −9.39 −6.97 −8.46 −24.82 37.83 28.08 34.09 9.75

3.4. Test 3: System Response to Bidirectional Nominal Power Steps

This test scenario describes a step response test to evaluate the performance of the
system’s power regulation. Applying a power step from −24 kW to +24 kW (a jump of
48 kW) tests the system’s ability to manage a rapid change in power demand. This shift
corresponds to a current change of 87 A, challenging both the current control loop and the
voltage stability mechanisms across converters and buses.

The test setup allows us to observe the following key response characteristics.
Current Response on the Internal Bus: Monitoring the total current through the inter-

nal bus provides insight into the dynamic response of the system. Specifically, observing
the current rise, peak, and any oscillations or settling times helps assess whether the current
control loop is appropriately tuned.

Voltage Stability Across Converter Buses: Monitoring the voltage across buses on
either side of the converters reveals how effectively the converters manage energy during
power transients. Stability in controlled voltage (Vs) is observed, with maximum deviations
of 3 V, indicating an effective response of the system. Voltage spikes, drops, or prolonged
settling times would signal the need to adjust converter control parameters or enhance
energy storage/buffer capacity.

In this context, Figure 11 typically illustrates these dynamics, showing the following:
Rapid response of the total current in the internal bus, highlighting the overshoot and

settling time following the power step. Voltage trends on both sides of the converters to
verify that they remain within safe operating limits and promptly return to steady-state
values after the step change, with controlled voltage (Vs) deviations remaining within 3 V.
These data support diagnostics on the system’s robustness in handling significant power
variations, ensuring stability and reliability under diverse operating conditions.
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Figure 11. Graph showing the response to changes in reference power. The pink trace represents the
external bus voltage, the blue trace represents the internal bus voltage, and the green trace represents
the total current on the internal DC bus. Frequency is not detected in DC mode and its value appears
as stars. Voltage scale: 100 V/div. Current scale: 20 A/div.

3.5. Test 4: System Response to Voltage Variations with and Without Power Reference

This test is designed to evaluate how the system responds to external bus voltage
variations, both under load and nonload conditions. Four scenarios have been simulated,
with changes in the external bus voltage of 20 V, both increases and decreases, and the
behavior of the current control has been evaluated in two situations: with a power reference
of 10 kW and without a power reference (0 W). The main objective has been to analyze the
speed and stability of the system response under different conditions.

• Figure 12: Voltage rise from 543 V to 563 V without power reference (0 W). In this
scenario, the system was subjected to an increase in the voltage on the external bus,
from 543 V to 563 V, without applying any power reference. This first scenario
evaluated how the current control performs when the system operates with no load
and only focuses on stabilizing the internal voltage. Here, the speed with which the
system balances the voltages, as well as the stability during the transition, were the
main points to be analyzed.

• Figure 13: The voltage rises from 543 to 563 V with a power reference (10 kW). In this
second scenario, the same 20 V voltage rise was repeated on the external bus, but this
time, a power reference of 10 kW was maintained. The test allowed us to observe
how the current control adjusts power sharing and current management in parallel
connected converters under active load conditions. The interaction between voltage
stabilization and power maintenance was key in this analysis.

• Figure 14: Voltage drop from 563 V to 543 V without power reference (0 W). In the
third scenario, a 20 V voltage drop from 563 V to 543 V was simulated without a
power reference (0 W). This scenario was designed to test how the system restores the
voltage balance when the grid experiences a drop without the system operating under
load. The speed of the reaction and the absence of oscillations in the internal bus are
indicators of the efficiency of the control.

• Figure 15: Voltage drop from 563 V to 543 V with power reference (10 kW). Finally,
in the fourth scenario, the 20 V voltage drop was repeated while keeping the power
reference at 10 kW. This scenario tested the ability of the current control to simul-
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taneously manage voltage stabilization and power sharing between the converters,
keeping the load active without interruptions or significant fluctuations.

Figure 12. Evolution of the external bus voltage during the rise from 543 V to 563 V without power
reference. The pink trace represents the external bus voltage, the blue trace represents the internal
bus voltage, and the green trace represents the total current on the internal DC bus. Voltage scale:
10 V/div. Current scale: 20 A/div.

Figure 13. Evolution of the external bus voltage during the increase from 543 V to 563 V with power
reference at 10 kW. The pink trace represents the external bus voltage, the blue trace represents the
internal bus voltage, and the green trace represents the total current on the internal DC bus. Voltage
scale: 10 V/div. Current scale: 20 A/div.

Figure 14. Evolution of the external bus voltage during the drop from 563 V to 543 V without power
reference. The pink trace represents the external bus voltage, the blue trace represents the internal
bus voltage, and the green trace represents the total current on the internal DC bus. Voltage scale:
10 V/div. Current scale: 20 A/div.

In the four scenarios evaluated, the system showed robust and stable behavior, re-
sponding quickly to external bus voltage changes, both during 20 V rises and falls. In all
cases, the current control acted efficiently to stabilize the internal bus and ensure a smooth
transition without significant fluctuations. The current distribution between the converters
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was balanced, which allowed system stability to be maintained throughout the voltage
variations, ensuring continuous and reliable operation.

Figure 15. Evolution of the external bus voltage during the step-down from 563 V to 543 V with
power reference at 10 kW. The pink trace represents the external bus voltage, the blue trace represents
the internal bus voltage, and the green trace represents the total current on the internal DC bus.
Voltage scale: 10 V/div. Current scale: 20 A/div.

3.6. Test 5: Evaluating the Effect of Feed-Forward on System Control

In this test, the aim is to evaluate the influence of the feed-forward term in the control
system in order to determine whether its incorporation improves its performance. To this
end, a comparison will be made between the results obtained when carrying out the test
with and without the feed-forward term, which will allow the reaction times of the control
to be analyzed in each case, as shown in Figures 16 and 17.

A current step has been applied, increasing from 4 A to 14 A, to observe the effect
of this term on the dynamics of the system. This configuration will make it possible to
evaluate the effectiveness of the feed-forward and its capacity to improve the response of
the control to changes in the current.

Figure 16. Current behavior without the feed-forward term at 10 A step. The pink trace represents the
external bus voltage, the blue trace represents the internal bus voltage, the green trace represents the
total current on the internal DC bus, and the red trace represents the individual voltage for a single
unit. Frequency is not detected in DC mode and its value appears as stars. Voltage scale: 100 V/div.
Current scale: 5 A/div.

The results show that the inclusion of the feed-forward term allows a significantly
faster system response. Without feed-forward, the time to reach the reference was 0.222 s,
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while with feed-forward, the reaction time was reduced to 0.046 s. This difference highlights
the effectiveness of feed-forward in improving control behavior to changes in current.

Figure 17. Current behavior with feed-forward term at 10 A step. The pink trace represents the
external bus voltage, the blue trace represents the internal bus voltage, the green trace represents the
total current on the internal DC bus, and the red trace represents the individual voltage for a single
unit. Frequency is not detected in DC mode and its value appears as stars. Voltage scale: 100 V/div.
Current scale: 5 A/div.

4. Discussion
The experimental results presented in the previous section validate the effectiveness

of the proposed distributed control strategy for parallelized CLLC resonant converters.
In this section, we discuss the significance of these results, the advantages of the proposed
system over traditional control systems, and the potential impact of implementing external
PLC-based control. Key performance metrics, such as response time, stability, and current
sharing, are also addressed.

4.1. Improved Response Time and Stability

One of the most significant advantages of the proposed distributed control system is
the fast response time and improved stability observed during both positive and negative
power flow tests. The system was able to respond to dynamic load changes within 20 ms,
significantly reducing transient time compared to traditional centralized control approaches,
where communication delays often result in response times exceeding 150 ms.

The fast response time is largely due to the integration of local controllers within
each converter, allowing real-time adjustments to current and voltage without relying
on a central control unit. In contrast, a PLC-based system, where control decisions are
made externally, would introduce communication delays that slow the system’s reaction to
load changes. This delay can lead to instability during transient events, particularly when
handling sudden changes in the direction of the load or power flow.

In the proposed system, the inclusion of feed-forward control further enhances the
dynamic response by allowing the current controllers to anticipate disturbances and adjust
their outputs pre-emptively. This proactive adjustment improves system stability during
transitions, ensuring smooth operation even under challenging conditions, such as rapid
load fluctuations.
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4.2. Current Sharing and Load Balancing

Experimental results also confirmed that the system maintained a balanced current
sharing between all converters in parallel, with deviations of less than 0.8% during negative
current flow at full load and low load conditions. In transient events, deviations remained
below 9.75% for all converters. For positive current flow, the system showed slightly larger
deviations, with a deviation of 3% at both full and low load and deviations of up to 8.15%
during transient conditions. These deviations, although somewhat larger than those of the
negative current flow, remained within acceptable limits for safe and efficient operation.

The precise current-sharing performance of the system is a result of the distributed
current control implemented within each converter. This distributed control allowed the
system to divide the total load current equally among the converters without requiring
continuous communication between them. In contrast, a centralized PLC-based control
system would likely struggle to maintain such a high level of current sharing accuracy due
to communication delays and the inherent limitations of a centralized architecture.

In a PLC-based centralized control system, current imbalances would be more likely,
as the central controller would need to gather data from each converter, process them,
and send appropriate control signals. These delays can cause circulating currents and
uneven load distribution, particularly during rapid load changes, leading to reduced
system efficiency and higher operational risks.

The distributed control system, by placing control responsibility at the converter level,
effectively mitigates these issues. It ensures balanced current sharing even under dynamic
conditions, without the need for extensive communication between converters, enhancing
both efficiency and reliability.

4.3. Impact of Control Strategy on Power Flow

The system’s ability to handle bidirectional power flow effectively was demonstrated
in both positive and negative AC power flow tests. This capability is essential for appli-
cations in hybrid AC–DC microgrids, where the direction of the power flow can change
depending on the needs of the grid, for example, when feeding energy back into the grid
or storing excess energy in a battery system.

The proposed voltage regulation algorithm, which continuously monitors and adjusts
the output voltage, allowed the system to behave like an ideal transformer. This ensured
that the system could regulate both the input and output voltage regardless of the direction
of the power flow, maintaining stability and minimizing voltage fluctuations.

In contrast, a PLC-based control system would likely face challenges in maintaining
stable voltage regulation during power flow reversal. The delays introduced by communi-
cation between the converters and the central controller could result in voltage oscillations
and instability, particularly during transitions between power flow directions. These chal-
lenges are exacerbated in high-power systems, where even small voltage deviations can
lead to significant inefficiencies and operational risks.

The results of the experiments confirm that the distributed control system offers
superior performance in handling bidirectional power flow, making it a robust solution for
applications in microgrids, renewable energy systems, and energy storage solutions.

4.4. Benefits of Local Control vs. External PLC-Based Control

The experimental results clearly show that the use of local control provides substantial
benefits over traditional PLC-based control systems, particularly in terms of the following:

• Response time: Local control allows instantaneous adjustments to voltage and current
without relying on external communication, which is crucial for maintaining system
stability during transient events.

53



Electronics 2025, 14, 318

• Scalability: The plug-and-play nature of the distributed control system enables easy
integration of new converters, while centralized control systems require significant
reconfiguration and recalibration when expanding the system. With the proposed
configuration, the central power plant controller is not affected by the number of
units that are connected in parallel, and so this solution is more flexible and scalable
if compared with centralized controller. Therefore, the proposed configuration is
suitable for applications such as hybrid networks and microgrid applications, where
any upgrade can be easily made, and a higher number of units in parallel is required.

• Robustness: By distributing control responsibility among individual converters,
the system becomes more robust against failures. If one controller fails, the rest
of the system can continue to operate without significant disruption. In a PLC-based
system, the failure of the central controller could lead to a complete system shutdown.

In a scenario where external PLC control is used, the system would be limited by the
communication latency between the converters and the PLC. These delays, although ac-
ceptable for some low-frequency applications, become problematic in high-frequency,
high-power systems, such as those required for solid-state transformers (SSTs). In such
systems, even small delays can lead to voltage instabilities and inefficient current sharing,
increasing the risk of circulating currents and reducing overall system efficiency.

4.5. Comparison of Distributed and Centralized Control Methods in DC Microgrids

To evaluate the advantages of distributed control over traditional centralized methods,
a comparison is made in four key aspects: system stabilization, current balancing, dynamic
response to load and power variations, and computational complexity. The experimental
results from [17] serve as a reference for this analysis.

It is important to highlight that traditional droop control presents significant limi-
tations in DC microgrids. This method can lead to voltage deviations under heavy load
conditions and inefficient power sharing during light load situations. Furthermore, the lack
of proper regulation can result in system instabilities, especially in the presence of non-linear
loads. These shortcomings make traditional droop control less effective in applications
where high precision and stability in power supply are required [18].

In terms of stabilization, centralized control systems, such as those based on PLCs
analyzed in [17], exhibit significant limitations due to their low sampling frequency, which
is limited to 250 Hz. This frequency restricts how quickly the controller can adjust sys-
tem variables, leading to delays in both current and voltage stabilization. Additionally,
communication delays between the PLC and the local converters further exacerbate these
limitations, as control commands and measurements must traverse the network, intro-
ducing latency [19]. In contrast, the distributed control proposed in this work leverages
local PI controllers implemented in high-speed DSPs with a sampling frequency of 10 kHz.
The key advantage of the decentralized system is that both the control commands and the
measurements originate locally within each converter, eliminating communication delays
and enabling a significantly faster response. The use of these DSPs, combined with data
acquisition through high-frequency ADCs, ensures rapid adjustments and enhances overall
system performance.

Current balancing is another critical aspect of parallel converters. In centralized
systems utilizing droop control, as analyzed in [17], current imbalances are observed, espe-
cially under dynamic conditions. Experimental results show current deviations reaching up
to 5–8%, particularly during load changes. Moreover, in the proposed centralized control,
a low-pass filter (LPF) is included, which destabilizes the system below its cutoff frequency,
and with low time constants, oscillations in the signal are produced, further aggravating
stability issues.

54



Electronics 2025, 14, 318

In contrast, the proposed distributed control, with local PI controllers and a feed-
forward term, anticipates load changes and precisely adjusts the converter output. This
predictive capability ensures a robust system response, even during sudden power vari-
ations of −24 kW to +24 kW, maintaining voltage stability with deviations below 3 V.
Additionally, the distributed system guarantees equitable current sharing between convert-
ers, keeping deviations below 3% in both steady-state and dynamic conditions. Current
distribution eliminates unwanted oscillations and minimizes circulating currents.

The proposed distributed control method also reduces computational complexity
compared to centralized approaches. In centralized systems, the computational load
increases linearly with the number of converters, as a central controller must aggregate
real-time data, solve global control equations, and dispatch control actions. This process
becomes increasingly expensive and introduces delays as the system scales.

In contrast, the decentralized approach distributes control tasks among local PI con-
trollers, which independently perform lightweight real-time computations for current reg-
ulation on digital signal processors (DSPs). The master voltage controller, responsible for
the regulation of the output voltage, requires minimal computational resources due to the
simplicity of PI operation. By eliminating the need for a central controller to process global
system states, the proposed method ensures that computational resources scale efficiently
with the number of converters, enhancing both system scalability and real-time performance.

5. Conclusions
This study presents a novel distributed control strategy for parallelizing CLLC reso-

nant converters in hybrid AC-DC microgrids, addressing challenges like current sharing,
voltage regulation, and system stability. The proposed approach eliminates the reliance
on centralized control systems, replacing them with local controllers that allow faster and
more accurate responses to changes in load conditions.

The experimental results demonstrated the following key findings:

• Improved Response Time: The distributed control system achieved significantly faster
transient response times (15–20 ms) compared to the expected delays in PLC-based
systems. The inclusion of feed-forward control further enhanced the system’s ability to
anticipate and react to disturbances, maintaining system stability under both positive
and negative power flow conditions.

• Balanced Current Sharing: The system maintained a balanced current distribution
among the parallel converters, with deviations kept below 1% for negative current flow
at full load and low load. For positive current flow, deviations were 3% at both full
and low load. During transient events, the deviations remained below 8% for negative
currents and below 8.15% for positive currents. This accurate current-sharing was
achieved without the need for complex communication between converters, relying
on local current controllers to manage load sharing autonomously.

• Scalability and Flexibility: The proposed distributed control strategy inherently pro-
vides scalability due to its modular architecture. Each converter operates indepen-
dently with local controllers, enabling the seamless integration of additional converters
to meet higher power demands without requiring a major reconfiguration of the sys-
tem. This modularity ensures that the system can expand easily while maintaining
stable and balanced operation. Furthermore, the system demonstrates flexibility in
handling varying load conditions and bidirectional power flow. The experimental
results confirm that the system maintains dynamic stability under sudden power
reference changes and external voltage variations, highlighting its adaptability to
dynamic operating scenarios.
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• Voltage Stability: The system’s voltage regulation algorithm, which adjusts the output
voltage in real-time based on the difference between the input and output voltages
(scaled by the transformer ratio), ensured stable operation in all test scenarios. The sys-
tem behaved like an ideal transformer, with minimal voltage fluctuations during both
positive and negative power flows.

By distributing control responsibilities among individual converters, the system be-
came more robust and adaptable, allowing it to continue operating even if one controller
failed. This plug-and-play capability further enhances the system’s practical applicability,
particularly in scenarios where fast response and high reliability are essential.

Future Work: Looking ahead, further research could focus on incorporating artificial
intelligence (AI) or machine learning to enhance the control system’s ability to adapt
to more complex conditions and predict potential problems, such as load variation and
deviations of the parameters. Furthermore, the use of advanced communication protocols
could improve coordination between distributed controllers, enabling even more precise
current sharing and voltage regulation in larger-scale systems. Although the proposed
distributed control strategy demonstrates significant improvements in current sharing,
voltage regulation, and transient response, stability remains a critical factor in systems with
parallel converters. Studies such as [20] have shown that interactions between impedance
and control can lead to low-frequency oscillations (LFO) if not addressed properly.

In our work, the careful tuning of PI controller parameters and the inclusion of feed-
forward control help mitigate these potential instabilities. The experimental results confirm
stable operation under load variations and bidirectional power flow conditions. Nevertheless,
for future studies, we aim to incorporate a more detailed stability analysis based on phase
margin criteria and impedance-based methods to further enhance the system’s robustness.
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Abstract: Enhancing power density is a primary objective in electronic power converters.
This can be accomplished by employing smaller inductors operating in partial magnetic
saturation. In this study, an embedded digital controller is proposed, based on nonlinear
model predictive control (NMPC), for the regulation of a DC–DC boost converter, exploiting
a partially saturating inductor. The NMPC prediction model exploits a behavioral inductor
model that accounts for magnetic saturation and losses and allows the converter regulation
while enforcing constraints. The NMPC controller is implemented on a field programmable
gate array (FPGA), demonstrating its real-time feasibility while successfully controlling
a boost converter operating at switching frequencies up to 80 kHz. Hardware–software
co-simulation results show accurate voltage regulation and constraint satisfaction, even
under partial magnetic saturation.

Keywords: magnetic saturation; switched mode power supply; nonlinear model
predictive control

1. Introduction
The magnetic saturation of inductor cores leads to a reduction in the material’s per-

meability as the magnetic field within the core increases. From the perspective of the
inductor, this results in a decrease in inductance as current increases—either gradually
(as in iron powder core inductors) or abruptly (as in ferrite core inductors). Research has
demonstrated that utilizing partially saturated inductors can enhance the power density of
power converters, albeit with a slight increase in power loss. The groundbreaking work
in [1] illustrates how inductor saturation can be managed in power converters with minimal
impact on power consumption. Further studies, including [2,3], provide a more detailed
analysis, also considering temperature effects [4].

Designing, simulating, and controlling power converters with partially saturating
inductors requires accurate models to predict their operational behavior. Several nonlinear
behavioral inductor models are reviewed in [5–7]. The range of validity of these models has
been extended in [8–10] where inductance and power losses are reproduced for different
operating frequencies, applied waveforms, air-gap lengths, and core materials.

Model predictive control (MPC), which can be easily implemented on digital
circuits [11], is frequently applied to power converters [12,13], offering superior perfor-
mance compared to traditional model-free proportional–integral (PI) regulators. MPC
allows enforcing input and state constraints, particularly important for current limitations

Electronics 2025, 14, 941 https://doi.org/10.3390/electronics14050941
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(for safety reasons) in power converters. Applications include four-switch, three-phase rec-
tifiers in balanced grids [14] and inverters in unbalanced grids [15,16]. For boost converters,
linear MPC is applied in [17], and nonlinear MPC (NMPC) in [18].

Despite these advancements, few implementations consider nonlinear inductance.
Various nonlinearities, including magnetic saturation, are addressed in [19], where the
inductance of a powder iron core inductor is modeled using an exponential function,
and the MPC problem is solved with a fast gradient algorithm, which does not allow
imposing current constraints. For ferrite core inductors, ref. [20] introduces an explicit
linear MPC controller for a buck converter, relying on a simplified inductor model with
step-like inductance and no losses.

In a previous study [21], we exploited nonlinear MPC for the voltage regulation
of a DC–DC boost converter by imposing current constraints and using a ferrite core
inductor model [9], which represents inductance as an arctangent function of current while
accounting for instantaneous losses. This model provides significantly greater accuracy
than the simplified approach in [20]. The main limitation of [21] is that only simulation
results are proposed, without checking if the technique can be applied to a power converter
in real time.

The main novelty of this paper is the FPGA implementation of the technique proposed
in [21], which relies on a nonlinear inductor model, for obtaining an embedded real-time
controller. This requires the use of limited hardware resources with tight constraints on
the circuit latency. Proper algorithms should be therefore adopted for both the nonlinear
programming and the numerical integration of the system for prediction. Moreover, fixed-
point data representation is mandatory to fulfill real-time constraints.

Several FPGA-based linear MPC implementations are surveyed in [22]. Concern-
ing NMPC on FPGA, different algorithms have been applied, including particle swarm
optimization [23,24], mesh adaptive direct search (MADS) [25], and gradient-based
techniques [26–28]. To perform the optimizations required by the NMPC approach, we
chose the MADS algorithm, a zero-order method that does not require the evaluation of
derivatives of the cost function. As shown in [25,29,30], it is particularly suitable for micro-
controller and FPGA implementations, especially for small-size problems, as considered
in this work. Other optimization algorithms suitable for FPGA implementation could
be exploited [23,24,26–28], possibly leading to lower latency and/or resource occupation.
However, MADS proved to be successfully applicable, and comparing different optimiza-
tion techniques in FPGA is out of the scope of this work. To the authors’ knowledge,
a digital circuit for real-time control of a power converter that exploits a nonlinear inductor
model for prediction is not available in the literature yet. The performances of the proposed
circuit are validated through hardware–software co-simulations.

2. Materials and Methods
2.1. Boost Converter Model

We consider the DC–DC boost converter, whose circuit model is shown in Figure 1.

Figure 1. Circuit model of the boost converter.
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A pulse width modulation (PWM) signal s with frequency f (period T = 1/ f ) and
duty cycle u is applied to the gate of a MOS transistor that behaves like a switch: when
s = 1 the MOS conducts current (ON phase), through a resistance RMOS that models
the conduction losses; when s = 0 the transistor is an open circuit and the current flows
through the diode, with forward voltage drop vD and conduction resistance RD. A load is
represented as a variable current source Iout, whereas the inductor (enclosed in a dashed
rectangle) is modeled through a nonlinear lossless inductor (with differential inductance
L(i), flux linkage λ, and current i) and two resistors (Rs and Rp), accounting for all power
losses [21]. We are interested in controlling the converter also when the inductor operates in
partial saturation, where the differential inductance L = dλ

di drops as the current increases:

L(i) = Lsat +
Lnom − Lsat

2

{
1 − 2

π
tan−1[σ(|i| − I)]

}
, (1)

where parameters Rs, Rp, Lnom, Lsat, σ, and I are identified starting from experimental
measurements of vL and iL. Specifically, a subset of these measurements is used for
model identification, where the model parameters are determined by solving a nonlinear
optimization problem. Another subset of the measurements is used for model validation to
assess the accuracy of the identified parameters. All details regarding the measurement
process, parameter identification, and validation methodology can be found in [21]. Once
the model parameters have been identified, by assuming that the current i can be computed
as i = Γ(λ), the flux linkage λ in the lossless inductor can be evaluated as a function of the
current i as

λ ≜ Γ−1(i) =
∫

L(i)
di
dt

dt =
∫

L(i)di. (2)

Even if an analytical expression is available for Γ−1, its evaluation is time- and resource-
consuming for an embedded implementation on FPGA. Therefore, 14 couples (ij, λj),
j = 1, . . . , 14 are stored in a look-up table (LUT), and functions Γ and Γ−1 are computed
through linear interpolation.

Because of the fixed-point embedded implementation of the controller, it is convenient
to refer to normalized dimensionless quantities. Therefore, we define v̂ = v

Vmax
, V̂in = Vin

Vmax
,

v̂D = vD
Vmax

, λ̂ = λ
Λmax

, ı̂ = i
Imax

= Γ(λ)
Imax

= Γ(Λmax λ̂)
Imax

≜ Γ̂(λ̂), ı̂L = iL
Imax

, Îout =
Iout
Imax

. Coefficients
Vmax, Imax, and Λmax are set so that the normalized variables never exceed 1 during the
converter operation.

Unlike [21], where i was considered a state variable, here we set the system state as
x = [λ̂, v̂]. The input is u, whereas the vector of measurable parameters is p = [V̂in, Îout]. Ac-
cording to these choices, the continuous-time normalized equations of the boost converter
(see Appendix A for the details) are:

dx
dt

= F(x, u, p) =








RpVmax(V̂in−v̂D−v̂)−(Rs+RD)Rp Imax Γ̂(λ̂)
(Rs+RD+Rp)Λmax

Vmax(V̂in−v̂−v̂D)+Imax [−(Rs+RD+Rp) Îout+Rp Γ̂(λ̂)]
C(Rs+RD+Rp)Vmax


, if s(u) = 0




RpVmaxV̂in−Rp(Rs+RMOS)Imax Γ̂(λ̂)

(Rs+Rp+RMOS)Λmax

−Imax Îout
CVmax


, if s(u) = 1

(3)

and the normalized current iL is

ı̂L = G(x, u, p) =





Rp Imax Γ̂(λ̂)+Vmax(V̂in−v̂D−v̂)
(Rs+RD+Rp)Imax

, if s(u) = 0
Rp Imax Γ̂(λ̂)+VmaxVin
(Rs+Rp+RMOS)Imax

, if s(u) = 1
(4)
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Figure 2 shows time plots of the normalized voltage across the lossless inductor (upper
panel), λ̂ (middle panel), and ı̂ (lower panel) at steady state. The curves have been obtained
by simulating the boost converter model of Figure 1 with the parameters specified in
Section 3 using Simulink and the Simscape Electrical library. The k-th PWM period starts
at time tk = kT, when s switches from 0 to 1, and ends at time tk+1 = tk + T. The duty
cycle u(t) is assumed to be piecewise constant, with value u(tk) ≜ uk in the k-th period
(tk ≤ t < tk+1). If losses were neglected, the inductor voltage would be a square wave,
and the flux linkage would be its integral over time, resulting in a triangular wave. The
presence of losses introduces small distortions in both curves. By contrast, current i may be
strongly distorted when the inductor operates in partial saturation, due to the nonlinear
behavior of the inductance, as shown in the bottom panel.
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Figure 2. Time plots of the normalized lossless inductor voltage (top panel), flux linkage
(middle panel), and current (bottom panel).

2.2. Nonlinear MPC

The aim of the NMPC controller is to keep the average (over a period) output voltage v
to a reference value vre f , while satisfying constraints on the duty cycle and on the inductor
current [21], namely ulow ≤ u ≤ uhigh and ilow ≤ ı̂L ≤ ihigh. The distance between
the normalized reference voltage v̂re f ,k and the average (within the k-th PWM period)

output voltage v̂avg,k = 1
T
∫ tk+1

tk
v̂(t)dt is defined as ∆v̂k = v̂avg,k − v̂re f ,k. We also define

∆uk = uk − uk−1.
With NMPC, a nonlinear constrained optimization problem must be solved at each

PWM period. The cost function to minimize is computed based on a prediction of the
system states over a prediction horizon N. The inputs are optimized up to a control hori-
zon Nu ≤ N. Many algorithms are available for nonlinear optimization. Among them,
zero-order methods (not requiring the evaluation of derivatives) are the most suitable for
an embedded implementation. Here we exploit the MADS algorithm, adapted for a digital
implementation [25]. This MADS implementation only requires performing operations
whose computation is efficient with fixed-point hardware architectures: sums/subtractions,
multiplications, shifts, rounding operations, and comparisons. Of course, the computa-
tional complexity and latency of the overall optimization algorithm strongly depend on
functions F and G (see Equations (3) and (4)), which are evaluated several times at each
algorithm iteration.
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At time tk, we use as inputs the measurements of v̂(tk), ı̂L(tk), V̂in(tk), Îout(tk), the op-
timal input u∗

k predicted by the MPC at the previous step, and the reference voltage v̂re f ,k.
This means that we assume that p remains constant within the interval NT of the pre-
diction horizon. At the beginning, u∗

0 = ulow. Current ı̂ = Γ̂(λ̂) can be computed by
rearranging Equation (4),

ı̂ =





(Rs+RD+Rp)Imax ı̂L+Vmax(−V̂in+v̂D+v̂)
Rp Imax

, if s(u) = 0
(Rs+Rp+RMOS)Imax ı̂L−VmaxVin

Rp Imax
, if s(u) = 1

(5)

Therefore, λ̂(tk) = Γ̂−1(ı̂(tk)). The (Nu − 1) optimization variables are gathered in a
vector U = [uk+1, . . . , uk+Nu−1].

The MADS algorithm is run for Nit iterations. The reader is referred to [25] and
references therein for a detailed explanation of the MADS algorithm. A summary, for ease
of reference, is reported in the following. At each iteration, 2(Nu − 1) poll vectors U(m),
m = 1, . . . , 2(Nu − 1), are generated, containing entries within bounds ulow and uhigh.
The poll vectors lie on a mesh, inside a frame [31] (see Figure 3). Each poll vector contains
the system inputs within the control horizon, i.e., uk+1, . . . , uk+Nu−1. The remaining inputs,
up to the prediction horizon, are set as uk+j = uk+Nu−1, j = Nu, . . . , N − 1. The input
sequence can be applied for the integration of system (3), thus obtaining λ̂(t), v̂(t), and ı̂L(t)
(through Equation (4)) up to the prediction horizon. For control purposes, only the values
of v̂ and ı̂L at the PWM switching times are relevant. After computing terms ∆uk+j and
∆v̂k+j, the following cost function J can be evaluated, which penalizes both deviations of v̂
from its reference value and fast variations of u:

J = P∆v̂2
k+N +

N−1

∑
j=1

[
R∆u2

k+j + Q∆v̂2
k+j

]
(6)

Since a progressive barrier approach [32] is exploited, a constraint violation function
V must also be computed that is equal to 0 when the current iL is within ilow and ihigh,
and grows when the current exceeds the constraints:

V = ∑
t∈T

[(
max

{
0,−ı̂L(t) +

ilow
Imax

})2
+

(
max

{
0, ı̂L(t)−

ihigh

Imax

})2
]

(7)

Here, T is the set of all switching instants within the prediction horizon.

Current point

 Poll point

 Frame

 Mesh

Successful
U

nsuccessful

Figure 3. Example of a MADS iteration with Nu = 3.
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After evaluating all poll points, based on the cost and violation functions, the MADS
iteration can be declared successful or not. In the first case, the frame is enlarged and the
mesh becomes coarser. In the second case, the opposite happens. A graphical representation
(with Nu = 3) of a MADS iteration is shown in Figure 3.

At the end of the optimization, after Nit iterations, an optimal solution

U∗ = [u∗
k+1, . . . , u∗

k+Nu−1]

is obtained. Input u∗
k+1 is applied to the converter at time tk+1. A new optimization

problem is solved through MADS at time tk+1 in a receding horizon fashion, by using u∗
k+1

as a starting input. A timeline of the controller’s operation is shown in Figure 4: analog
measurements are acquired at time tk and converted to digital signals with a certain latency
(orange rectangle). The optimization problem is then solved (the latency is indicated with
the green rectangle) leading to optimal control u∗

k+1, which is then applied at time tk+1.
This is different from what was done in [21], where the latency was neglected and the
output of the optimization at time tk was u∗

k , applied instantaneously to the boost at time
tk. We remark that the total latency does not affect the control performance, provided that
it remains lower than the system sampling time.

Figure 4. Timeline of the controller’s operation.

2.3. Numerical Integration of the Model

In [21], system (3) was solved through the ode45 MATLAB R2023b function, with high
accuracy. For a real-time embedded implementation, where the execution time is a major
constraint, we have to find an alternative solution.

Consider a generic nonlinear dynamical system dx
dt = F (t, x). The explicit midpoint

method [33] estimates the state at time t + h as

x(t + h) = x(t) + hF
(

t +
h
2

, x(t) +
1
2

hF (t, x(t))
)

(8)

This requires the evaluation of function F at two different points.
We applied the midpoint method to the boost converter with h = uT. In our case,

the function F is the function F(x, u, p) defined in Equation (3), under the assumption
that both u and p are constant within a period, which is consistent with the discussion
presented in Section 2.2. Four function evaluations are necessary within a PWM period.
For comparison purposes, we exploit both Equations (3), with λ̂ as a state variable, and the
equations used in [21], where the state variable was ı̂. Figure 5 shows voltage v̂(t) (top
panel) and current ı̂(t) (bottom panel) obtained with ode45 (black curves) and with mid-
point methods by exploiting flux linkage λ̂ and current ı̂ as state variables (see legend).
The integration diverges if state ı̂ is used, but good accuracy is obtained with state variable
λ̂. This is because, as shown in Figure 2, the flux linkage is approximately a triangular
wave, whereas the current has a cusp-like behavior. Therefore, within two consecutive
integration instants, dλ̂

dt is approximately constant, unlike dı̂
dt . This is the reason why we
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chose λ̂ as a state variable instead of ı̂ as in [21]. Better performance is obtained using
more points, at the cost of a higher computation time. The implementation of the midpoint
method for the boost converter is detailed in Appendix B.

0.89

0.895

0.9

0 10 20 30 40 50 60 70 80 90 100

0
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0.2

0.3

ode45

midpoint (flux)

midpoint (current)

Figure 5. Comparison of ode45 integration, midpoint integration with flux linkage as a state variable,
and midpoint integration with current as a state variable.

For solving the optimization problem, the evaluation of the cost function J is the
most computationally expensive task, due to numerical integration. Using the midpoint
method, the most demanding operation is computing F. The FPGA hardware resources
and control algorithm latency strongly depend on the control horizon N, the prediction
horizon Nu, and the number of MADS iterations Nit. At each iteration, MADS evaluates
the cost function at 2(Nu − 1) poll points (see Figure 3), and F is computed 4N times for
each call to the cost function. In summary, at each sampling time, NF calls to the function F
are required, where

NF = 8 Nit N (Nu − 1). (9)

These parameters also affect the control performance, as detailed in the
following sections.

2.4. FPGA Implementation

The control algorithm is described in C language through AMD Vitis HLS 2024.2,
a high-level synthesis (HLS) tool [34,35], which converts an algorithm coded in C into a
fully timed hardware implementation. The workflow consists of the following standard
key steps:

1. Compilation;
2. C simulation through a testbench;
3. Register–transfer level (RTL) generation, where the C code is translated into an RTL

description, by scheduling operations, binding resources, extracting control logic,
and defining external communication;

4. RTL synthesis, which converts the RTL description into a gate-level netlist;
5. RTL simulation through a testbench;
6. Implementation, where the netlist is placed and routed onto device resources,

within the logical, physical, and timing constraints.

Directives can be applied to guide the RTL synthesis process starting from the C code.
In particular, in most loops we applied pipelining, which is a common practice in digital
design to increase the throughput by overlapping sequential arithmetic operations, at the
cost of additional resources. Since the J calculation is the algorithm’s most computationally
demanding part, we unrolled all loops inside the cost function, thus performing arithmetic
operations in parallel. This potentially reduces the latency but requires additional resources.
Moreover, we used the directive
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#pragma HLS allocation operation instances = mul limit = Nmul

to control the hardware resources. This directive limits the number of multipliers generated
in the RTL description. Multipliers are implemented in dedicated digital signal processing
slices, which are a limited resource on the FPGA. Therefore, increasing their number
can reduce the computation time required by the algorithm, at the cost of using more
hardware resources.

A fixed-point data representation is used, through data type <ap_fixed>. Normalized
inputs ı̂, v̂, V̂in, Îout and output u are represented as unsigned 12-bit numbers with 0 bit of
integer part. All internal variables are signed numbers with a variable number of bits for
integer and decimal parts, to avoid overflow problems.

We use a Zynq-7000 XC7Z020-1CLG484C FPGA, with a clock frequency of 100 MHz,
embedded in a Digilent Zedboard. With the board being equipped with 18-bit multipliers,
all multiplications are performed between 18-bit numbers.

3. Results
3.1. Hardware–Software Co-Simulations

The block scheme of the complete system is shown in Figure 6. Measurements of
v, iL, Vin, and Iout collected on the boost converter are scaled to the voltage range of the
analog-to-digital (ADC) converters through, e.g., an analog printed circuit board. The scal-
ing should be such that the maximum voltages Vmax and current Imax map into the max-
imum ADC voltage value. This way, the digital output of the ADC converters can be
interpreted as a fixed-point number with all bits dedicated to the decimal part, leading to
the normalized values v̂, ı̂L, V̂in, and Îout. These signals enter the NMPC block running the
MADS algorithm. The reference voltage v̂re f can be provided as a digital input through,
e.g., a serial port. The resulting optimal duty cycle value u is provided to a PWM generator
and brought to the gate of the MOS transistor (through a proper driver).

In our implementation, only the NMPC block (green) is implemented in the Zynq
FPGA. All the other components in Figure 6 are simulated through Simulink R2023b. AMD
Vitis Model Composer [36] is exploited to perform this hardware–software co-simulation.
Figure 7 shows the adopted setup, with the Zedboard connected to a PC running Model
Composer, through a USB cable.

SCALE ADC
𝑣 ො𝑣SCALE ADC

𝑖𝐿 Ƹ𝑖𝐿
SCALE ADC

𝑉𝑖𝑛 ෠𝑉𝑖𝑛

SCALE ADC

𝐼𝑜𝑢𝑡 መ𝐼𝑜𝑢𝑡

SERIAL 
PORT

ො𝑣𝑟𝑒𝑓 ො𝑣𝑟𝑒𝑓

𝑢
PWM

𝑠

FPGA
NMPC

𝑠

Figure 6. Block scheme of the considered setup.
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BOOST MODEL

MODEL COMPOSER 
CO-SIM BLOCK

PC CO-SIM RESULTS

ZEDBOARD

Figure 7. Picture of the hardware–software co-simulation.

The boost converter is modeled using the Simscape Electrical library (see Figure 6).
The models of semiconductor devices are based on real components: the Infineon MOSFET
IAUC60N04S6L039 [37] and the Infineon diode IDW30E65D1 [38]. A model of the gate
driver for the transistor is also included. The MOSFET is modeled using the SPICE
netlist provided by the manufacturer, whereas the diode is modeled based on the forward
current-voltage curve provided in the datasheet. These models are more accurate than the
ones used for MPC prediction, only accounting for conduction resistances RMOS and RD

(see Figure 1).
All considered parameters are listed in Table 1, whereas the piecewise-linear function

Γ(λ) is shown in Figure 8, blue curve. The black dashed curve represents the character-
istics of a linear inductor. Notice that, as i approaches the maximum value (ihigh = 3 A),
the inductor works in partial saturation and its characteristic drifts apart from the ideal one.

Table 1. System parameters.

Circuit Params. NMPC Params.

Imax 5 A P 128
Vmax 6 V Q 128
Λmax 80 µWb R 1

C 100 µF N 5
RMOS 4 mΩ Nu 2

vD 0.7 V ulow 0.2
RD 0.08 Ω uhigh 0.8

Lnom 35.9848 µH ilow 0 A
Lsat 0.5340 µH ihigh 3 A
σL 1.1704 A−1 MADS Params.
IL 2.0973 A Nit 7
Rs 0.0462 Ω RTL Params.
Rp 1.7722 kΩ Nmul 40
f 50 kHz
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Figure 8. Flux linkage λ vs. current i (blue curve). The dots mark the knee points of the curve.
The black dashed line is the ideal (linear) flux linkage–current characteristic.

The values of P, Q, and R, as well as the control horizon Nu and prediction horizon N,
are selected through a heuristic process of trial and error, as there is no standard method
for determining these values [39]. We remark that P, Q, and R have been chosen as powers
of 2 for an efficient hardware implementation. The choice of Nit and Nmul is discussed later
in this section.

The digital circuit performance in terms of latency, used digital signal processors
(DSPs), flip flops (FFs), and look-up-tables (LUTs) are listed in Table 2, both after the RTL
synthesis and the place and route.

We tested the controller in three different scenarios. In the first test, Vin is brought
from 0 to 1.8 V in 1 ms (converter startup). Then, it is increased to 2.1 V and decreased again
to 1.5 V. The HIL simulation results are shown in Figure 9. The four panels, from top to
bottom, show v, iL, u, and Vin, respectively. Notice that v correctly tracks its reference value
(black dashed line) and the transients due to the change in Vin last about 1.3 ms (see inset).
The current and the duty cycle never exceeds the constraints (red dashed lines).
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Figure 9. Time evolution of v, iL, and u (top three panels) in response to a variation in Vin

(bottom panel). The red dashed lines are the imposed constraints.

In the second test (Figure 10), Iout is changed from 0.5 A to 0.8 A, and than back
to 0.4 A. In response to these changes, voltage v exhibits a transient (the first one lasts
about 0.5 ms), after which it returns to its reference value. The inductor current hits both
the maximum and minimum values, without exceeding them. The constraint iL > 0

67



Electronics 2025, 14, 941

prevents the converter from operating in discontinuous conduction mode. The inset shows
a cusp-like current waveform, indicating the operation in partial magnetic saturation.
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Figure 10. Time evolution of v, iL, and u (top three panels) in response to a variation in Iout

(bottom panel). The red dashed lines are the imposed constraints.

In the last test vre f (black dashed line in the top panel of Figure 11) is changed from
3.3 V to 5 V and then back to 2.7 V. The output voltage is regulated to its reference value
in less than 1 ms. The transient time depends on the fact that the current hits the imposed
constraints, in both transitions.
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Figure 11. Time evolution of v, iL, and u in response to a variation in vre f (black dashed line). The red
dashed lines are the imposed constraints.

Table 2. Circuit performance.

Synthesis Place and Route

latency 16.59 µs
fmax 60.2 kHz
DSP 53 (24 %) 53 (24 %)
FF 17,387 (16 %) 8791 (8 %)

LUT 25,802 (48 %) 10,655 (20 %)
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3.2. Comparisons

The NMPC technique used in this paper was already compared to standard
proportional–integral controllers in [21], as well as to MPC where the inductor is modeled
as a linear component. Here we compare the performance of the controller proposed in [21],
with the one implemented in this paper. We remark that this comparison is not between
FPGA implementations. Instead, it shows how the changes made specifically for the FPGA
implementation—the MADS optimization algorithm, the application of the control action
at the next step (see Figure 4), the simplified numerical integration, and the fixed point
representation—affect the control performance. The main differences are listed in Table 3.

Table 3. Main differences between this paper and [21].

[21] This Paper

data representation floating point (64 bit) fixed point (up to 36 bits)
optimization algorithm Interior Point (fmincon) MADS

system integration ode45 midpoint (ord. 2)
latency 0 16.59 µs

implementation Simulink FPGA

Figure 12 shows the simulation results in response to a change in vre f obtained in [21]
as a benchmark, and the new results obtained with the hardware–software co-simulation,
with a different number Nit of iterations of the MADS algorithm (see legend). The delay
with respect to the benchmark case is mainly due to the fact that the control obtained based
on measurements at time tk is applied at time tk+1. Therefore, the control response to a
change in vre f is delayed with respect to sampling time. If Nit decreases, a suboptimal
control is applied, resulting in a larger delay. With Nit = 2, the stationary steady state is not
reached, whereas for Nit > 7 there is no significant improvement. With Nit = 7, the delay
in v to reach the setpoint is about 100 µs.
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Figure 12. Simulation results with different values of Nit. The black curves are related to the
benchmark case.

Increasing Nit, on the other hand, impacts the circuit latency, as detailed in the
next section.

3.3. Circuit Performance

In this section, we show the digital circuit performance in response to changes in
some parameters. Figure 13 shows, from top to bottom, the latency of the control al-
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gorithm, the percentage of used DSPs, FFs, and LUTs versus value Nmul applied to the
#pragma directive (see Section 2.4). The latency decreases and the resource occupation
increases with Nmul , as expected. However, for Nmul > 40, the resources continue to grow,
but the latency remains constant to about 16.5 µs. For this reason, we chose Nmul = 40 in
our implementation.
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Figure 13. From top to bottom: latency of the control algorithm, percentage of used DSPs, FFs,
and LUTs vs. Nmul .

With Nmul = 40, the RTL synthesis was performed for several combinations of N,
Nu, and Nit. For each of them, the latency and the FPGA resource occupation are listed in
Table 4. The bold line refers to the parameters used in Section 3.1. Latency increases linearly
with Nit, while resource occupation remains roughly constant. By increasing N and Nu,
the latency also increases, and the resource occupation tends to grow as well, especially
LUT usage, which reaches 100% in the Zynq FPGA for N = 15. This is due to the number
NF of evaluations of the F function, which is directly proportional to Nit, N, and Nu (see
Equation (9)). We remark that not all parameters’ combinations listed in the table lead to
good control performances, as shown in the next section. A unified design of both the
control algorithm and the digital circuit is then necessary to meet all specifications.

Table 4. Latency and FPGA resource utilization for different values of N, Nu, and Nit. The bold line
refers to the parameters used in Section 3.1.

N Nu Nit Latency (µs) DSP (%) FF (%) LUT (%)

4 2 3 6.00 68 (31%) 18,203 (17%) 24,252 (48%)
4 2 5 9.86 68 (31%) 18,205 (17%) 24,254 (48%)
4 2 7 13.72 68 (31%) 18,205 (17%) 24,254 (48%)

4 3 3 7.52 65 (29%) 19,349 (18%) 25,991 (48%)
4 3 5 12.28 65 (29%) 19,351 (18%) 25,993 (48%)
4 3 7 17.04 65 (29%) 19,351 (18%) 25,993 (48%)

5 2 3 7.23 53 (24%) 17,389 (16%) 25,800 (48%)
5 2 5 11.91 53 (24%) 17,391 (16%) 25,802 (48%)
5 2 7 16.59 53 (24%) 17,837 (16%) 25,802 (48%)

5 3 3 8.72 72 (32%) 21,639 (20%) 29,090 (54%)
5 3 5 14.28 72 (32%) 21,641 (20%) 29,092 (54%)
5 3 7 19.84 72 (32%) 21,641 (20%) 29,092 (54%)
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Table 4. Cont.

N Nu Nit Latency (µs) DSP (%) FF (%) LUT (%)

6 2 3 8.43 65 (29%) 20,765 (19%) 29,981 (56%)
6 2 5 13.91 65 (29%) 20,767 (19%) 29,983 (56%)
6 2 7 19.39 65 (29%) 20,767 (19%) 29,983 (56%)

6 3 3 10.04 74 (33%) 24,192 (22%) 33,609 (63%)
6 3 5 16.48 74 (33%) 24,194 (22%) 33,611 (63%)
6 3 7 22.92 74 (33%) 24,194 (22%) 33,611 (63%)

7 2 3 9.66 79 (35%) 24,316 (22%) 34,597 (65%)
7 2 5 15.96 79 (35%) 23,418 (22%) 34,599 (65%)
7 2 7 22.26 79 (35%) 23,418 (22%) 34,599 (65%)

7 3 3 11.33 64 (29%) 23,569 (22%) 34,801 (65%)
7 3 5 18.63 64 (29%) 23,571 (22%) 34,803 (65%)
7 3 7 25.93 64 (29%) 23,571 (22%) 34,803 (65%)

10 2 3 13.41 73 (33%) 27,179 (25%) 41,218 (77%)
10 2 5 22.21 73 (33%) 27,181 (25%) 41,220 (77%)
10 2 7 31.01 73 (33%) 27,181 (25%) 41,220 (77%)

10 3 3 15.02 75 (34%) 28,058 (26%) 42,719 (80%)
10 3 5 25.08 75 (34%) 28,058 (26%) 42,719 (80%)
10 3 7 34.96 75 (34%) 28,060 (26%) 42,721 (80%)

13 2 3 17.10 75 (34%) 30,191 (28%) 49,552 (93%)
13 2 5 28.36 75 (34%) 30,193 (28%) 49,554 (93%)
13 2 7 39.62 75 (34%) 30,193 (28%) 49,554 (93%)

13 3 3 19.13 71 (32%) 31,090 (29%) 50,886 (95%)
13 3 5 31.63 71 (32%) 31,092 (29%) 50,888 (95%)
13 3 7 44.13 71 (32%) 31,092 (29%) 50,888 (95%)

15 2 3 19.44 72 (32%) 31,770 (29%) 53,657 (100%)
15 2 5 32.36 72 (32%) 31,772 (29%) 53,659 (100%)
15 2 7 45.08 72 (32%) 31,774 (29%) 53,661 (100%)

15 3 3 21.83 78 (35%) 34,931 (32%) 57,180 (107%)
15 3 5 36.13 78 (35%) 34,933 (32%) 57,182 (107%)
15 3 7 50.43 78 (35%) 34,933 (32%) 57,182 (107%)

The effect on control when varying Nit has already been discussed in Section 3.2. Here,
the controller is tested by varying N and Nu. Figure 14 shows some simulation results
when Nit = 5, Nu = 2, and vre f changes as shown in Section 3.1, for both N = 4 and N = 5.
When N = 4, the prediction horizon is too short, and the controller is ineffective; i.e., v
does not reach vre f . If N is sufficiently large—in particular, for N > 4—the controller is
effective. It has been verified that increasing N beyond 5 does not further improve controller
performance. Similarly, increasing Nu from 2 to 3 does not impact control performance.

Some latencies in Table 4 are sufficiently low to allow an increase in the converter
switching frequency f over 50 kHz. For example, let us consider the case with N = 7,
Nu = 2, and Nit = 3, corresponding to a latency of 9.66 µs. In Figure 15, the scenario
where vre f changes is shown for converters operating at switching frequencies of 50 kHz,
60 kHz, 80 kHz, and 100 kHz. Up to 80 kHz, the controller behavior is almost unchanged,
with only a slight difference in the settling time of the converter output voltage (see the
inset). At 100 kHz, the controller is ineffective. In all simulations, the prediction horizon
is N = 7, whereas the sampling time changes with the frequency. With f = 50 kHz,
the controller makes a prediction for the next N/ f = 140 µs; with f = 100 kHz, this interval
becomes shorter (N/ f = 70 µs). Although the algorithm latency would allow operation
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up to f = 100 kHz, the prediction horizon N is not long enough to ensure acceptable
control performance.
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Figure 14. Simulation results with different prediction horizons N.
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Figure 15. Simulation results with different switching frequencies f .

4. Discussion
Traditionally, in power converters, inductor saturation is avoided by assuming a con-

stant inductance, enabling straightforward predictions of power losses and current ripple.
Under these conditions, both PI (model-free) regulators and model-based controllers, such
as MPC, are effective for converter control. When the model is sufficiently accurate, MPC
typically outperforms PI controllers by inherently enforcing state and input constraints.
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To enhance power density in power converters, smaller inductors and higher switch-
ing frequencies can be employed to reduce current ripple and prevent saturation. In
such cases, MPC requires an accurate inductor model to predict behavior near satura-
tion. The technique proposed in [21] demonstrates that the nonlinear behavioral inductor
model [9] can be effectively integrated into NMPC for voltage regulation in switching
converters, even when inductors operate in partial saturation, by enforcing constraints
and outperforming standard PI regulators. Conversely, using a conventional inductor
model with constant inductance leads to constraint violations. This work makes a step
forward with respect to [21], by implementing the NMPC controller on an FPGA and test-
ing it through hardware–software co-simulations. This allows including the effect of data
quantization, fixed-point representation, and latency, as well as the possibility to exploit
simpler integration methods (e.g., the explicit midpoint) and derivative-free optimization
algorithms (e.g., MADS).

This paper provides a proof of concept about the possibility of applying NMPC up to
PWM frequencies of about 80 kHz. It should be noted that the presented results are valid
for the specific converter used in this work. When employing a different converter, its
dynamics may vary, so the maximum achievable switching frequency may vary. Therefore,
the selection of the parameters N, Nu, and Nit must be evaluated case by case.

The next step will be to apply the embedded controller to a real boost converter.

5. Conclusions
In this work, an NMPC technique for the control of a boost converter with a nonlinear

inductor is implemented on an FPGA. The hardware–software co-simulation results show
that the embedded controller is able to regulate the converter’s output voltage by fulfilling
current constraints, even when the inductor operates at partial magnetic saturation, up to
PWM frequencies of about 80 kHz. Further work will be concerned with the real-time
control of a real boost converter, thus assessing its robustness against measurement noise
and model inaccuracies.
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Appendix A
We start from Equations (5) and (6) in [21], where the state variables are v and i. Here,

we perform a change of variables by considering that i = Γ(λ) and L(i) di
dt =

dλ
dt . Therefore,

we obtain the differential equations for state x =

[
λ

v

]
:

[
dλ
dt
dv
dt

]
=








Rp(Vin−vD−v)−(Rs+RD)RpΓ(λ)
(Rs+RD+Rp)

(Vin−v−vD)+[−(Rs+RD+Rp)Iout+RpΓ(λ)]
C(Rs+RD+Rp)


, if s(u) = 0




RpVin−Rp(Rs+RMOS)Γ(λ)

(Rs+Rp+RMOS)
−Iout

C


, if s(u) = 1

(A1)
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The current iL can be expressed as

iL =





RpΓ(λ)+(Vin−vD−v)
(Rs+RD+Rp)

, if s(u) = 0
RpΓ(λ)+Vin

(Rs+Rp+RMOS)
, if s(u) = 1

(A2)

In addition to [21], we include the diode resistance RD. Now, we refer to normalized
variables v̂ = v

Vmax
, V̂in = Vin

Vmax
, v̂D = vD

Vmax
, λ̂ = λ

Λmax
, ı̂ = i

Imax
= Γ(λ)

Imax
= Γ(Λmax λ̂)

Imax
≜ Γ̂(λ̂),

ı̂L = iL
Imax

, Îout =
Iout
Imax

. By substituting these terms in Equations (A1) and (A2), we obtain
Equations (3) and (4).

Appendix B
For the FPGA implementation, it is important to spare time and resources. Therefore,

we define the following (dimensionless) constants that can be computed offline and stored
in the circuit memory.

α =
Rp

Rs + RMOS + Rp
, β =

Rp

Rs + RD + Rp
(A3)

C1 = −α(Rs + RMOS)Imax

Λmax
T, C2 =

αVmax

Λmax
T, C3 = − Imax

CVmax
T, (A4)

C4 = − β(Rs + RD)Imax

Λmax
T, C5 = − βVmax

Λmax
T, C6 = − βVmax v̂D

Λmax
T, (A5)

C7 =
βImax

CVmax
T, C8 = − β

CRp
T, C9 = − Imax

CVmax
T, C10 = − βv̂D

CRp
T (A6)

The parameters C1, . . . , C10 depend on T; therefore, they must be updated if the
converter’s switching frequency is changed.

Recall that, in the MPC prediction phase, the values of Vin and Iout are assumed
to be constant. By referring to Equation (3), the integration is performed through the
following operations.

K1 =

[
K11

K12

]
= uk

[
C1Γ[λ̂(tk)] + C2V̂in(tk)

C3 ı̂out(tk)

]
(A7)

K2 = uk

[
C1Γ[λ̂(tk) +

1
2 K11] + C2V̂in(tk)

C3 ı̂out(tk)

]
(A8)

t′k = tk + ukT, x(t′k) =

[
λ(t′k)
v(t′k)

]
= x(tk) + K2 (A9)

K1 =

[
K11

K12

]
= (1 − uk)

[
C4Γ[λ̂′

k] + C5[v̂(tk) + V̂in(tk)] + C6

C7Γ[λ̂(t′k)] + C8[v̂(tk) + V̂in(tk)] + C9V̂in(tk) + C10

]
(A10)

K2 = (1 − uk)

[
C4Γ[λ̂(t′k) +

1
2 K11] + C5[v̂(tk) + V̂in](tk) + C6

C7Γ[λ̂(t′k) +
1
2 K11] + C8[v̂(tk) + V̂in(tk)] + C9 ı̂out(tk) + C10

]
(A11)

x(tk+1) =

[
λ(tk+1)

v(tk+1)

]
= x(t′k) + K2 (A12)
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Abstract: In the control system of a permanent magnet synchronous motor (PMSM) driven
by an inverter, the conventional space vector pulse width modulation (SVPWM) strategy
introduces high-frequency current harmonics at the switching frequency and its multiples,
resulting in significant high-frequency vibrations during motor operation. To address
this issue, a dual-random SVPWM strategy is proposed in this paper, which combines
a random switching frequency and random zero-vector to spread the spectrum of high-
frequency current harmonics. This approach effectively disperses the high-frequency
harmonics concentrated at the switching frequency and its multiples, thereby significantly
reducing the motor’s high-frequency vibrations. Furthermore, to overcome the limitations
of the traditional linear congruential method in generating random numbers, the Beta
distribution is introduced and improved in this study. The particle swarm optimization
(PSO) algorithm is employed to optimize the shape parameters of the Beta distribution,
to achieve the optimal random number performance. Finally, experimental validation is
conducted under various speed conditions. Compared with the conventional SVPWM
strategy, the results demonstrate that the proposed dual-random SVPWM strategy exhibits
superior suppression of both high-frequency harmonics and high-frequency vibrations.

Keywords: permanent magnet synchronous motor; current harmonics; dual-random
SVPWM; particle swarm optimization; high-frequency vibration

1. Introduction
Permanent magnet synchronous motors (PMSMs) are increasingly widely used in

fields such as new energy vehicles (EVs), industrial automation, and rail transit, owing to
their advantages of high-power density, high efficiency, and low maintenance costs. With
the continuous expansion of PMSM application fields, the requirements for its operational
performance are constantly increasing, among which the motor vibration level has become
one of the key indicators for evaluating its performance [1,2]. The space vector pulse width
modulation (SVPWM) strategy is widely adopted in PMSM control systems due to its
excellent dynamic performance [3]. When the SVPWM strategy adopts constant switching
frequency modulation, the pulse positions remain relatively fixed, and the conduction
timing of the power switching devices in the inverter remains basically unchanged. This
results in the high-frequency harmonic components generated during inverter operation
being mainly concentrated at the switching frequency and its integer multiples. These
high-frequency harmonics are the primary sources of vibration in PMSMs [4,5], which
can seriously weaken the operational stability and reliability of PMSM control systems.

Electronics 2025, 14, 1779 https://doi.org/10.3390/electronics14091779
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Therefore, research on vibration suppression in PMSM control systems has significant
theoretical value and practical engineering importance.

To address the aforementioned issues, scholars have conducted extensive research
from the perspective of optimizing modulation strategies. The primary focus has been on
random pulse width modulation (RPWM) strategies [6,7], periodic pulse width modulation
(PPWM) strategies [8,9], and chaos pulse width modulation (CPWM) strategies [10,11].
Among these three spread-spectrum modulation approaches, the PPWM strategy employs
periodic functions to vary the switching frequency, which can limit the range of high-
frequency harmonic sidebands. However, the spectrum within these sidebands remains
discrete, resulting in weak suppression of harmonic peaks. In addition, the types of peri-
odic functions are too single, some periodic functions are difficult to implement, and the
spreading effect depends on waveform characteristics, all of which limits the development
of the PPWM strategy. The CPWM strategy superimposes chaotic perturbation values
onto a traditional fixed switching frequency, causing the inverter’s switching frequency to
vary chaotically within a certain range. The high-frequency harmonic suppression effect
is highly dependent on the selected chaotic map and initial conditions. If the selection is
improper, it may lead to unsatisfactory results. Furthermore, the broadband white noise
characteristics of chaotic signals in the frequency domain cause the sideband harmonics
around the switching frequency to spread across the entire frequency range, generating
a large number of low-frequency harmonics. Compared to PPWM and CPWM, RPWM
has the characteristics of simple implementation and high modulation signal flexibility. It
exhibits good continuity in the frequency domain, effectively avoiding spectral discretiza-
tion and presenting smoother spectral characteristics. With an excellent spread spectrum
performance, RPWM has shown significant advantages in suppressing high-frequency
harmonics and optimizing system vibration, and has therefore been widely applied in
many fields.

The commonly used RPWM strategies include random switching frequency PWM
(RSFPWM) [12,13], random pulse position PWM (RPPPWM) [14,15], random zero-vector
PWM (RZVPWM) [16], and dual-random PWM (DRPWM) [17–20]. Ref. [21] proposes
an SVPWM strategy based on the Gaussian distribution for random pulse positioning,
which reduces the amplitude of high-frequency harmonics by randomly altering pulse
positions. However, random numbers generated from a Gaussian distribution exhibit
poor randomness, often appearing consecutively on the same side of the expected value.
Moreover, a standalone random pulse position strategy still contains impulse functions in
its power spectral density, resulting in harmonic peaks in the power spectrum. Ref. [22]
introduces a strategy that combines a current harmonic spectrum shaping algorithm with
a random switching frequency. Compared with the traditional RSFPWM strategy, it can
further reduce the high-frequency harmonic amplitude at the switching frequency and its
integer multiples. But it does not fully utilize the degree of freedom of the pulse position
in the switching function. Ref. [23] proposes a novel variable-sequence PWM strategy to
suppress high-frequency harmonics and current ripple. But this approach requires real-time
prediction of current ripple trajectories and the root mean square (RMS) value of current
harmonics. Ref. [24] presents a novel SVPWM strategy that eliminates harmonics and
noise at odd multiples of the switching frequency by redesigning the switching sequence.
However, this reconstruction of switching states increases system switching losses. Ref. [25]
proposes a new random zero-vector strategy that reduces the amplitude of high-frequency
harmonics by dynamically adjusting the allocation time of zero-vectors. Nevertheless, this
standalone random zero-vector strategy has limitations, such as the modulation index in-
creasing, and the effective duration of zero-vectors decreasing. Considering the influence of
pulse width and dead time, the spread-spectrum effect gradually weakens. Reference [26]
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proposes a five-phase dual-random SVPWM strategy for harmonic dispersion at switching
frequencies and their harmonics, while generating random numbers by introducing a Beta
distribution. However, when optimizing the shape parameters of the Beta distribution,
the use of the enumeration method can easily lead to deviations in the optimal shape
parameters. Therefore, further optimization can be carried out in the generation of random
numbers. The particle swarm optimization (PSO) algorithm, inspired by the foraging
behavior of bird flocks [27], is a global optimization algorithm widely used in nonlinear
optimization problems due to its simplicity and efficiency. Ref. [2] proposes applying
the PSO algorithm to optimize the transition probabilities of Markov chains and random
gains, two random parameters in RPWM strategies, to reduce the amplitude of sideband
harmonics in motor phase currents, this provides a reason for using the PSO algorithm to
optimize random parameters in RPWM strategies. Ref. [28] combines the PSO algorithm for
optimizing Beta distribution shape parameters with the long short-term memory (LSTM)
model for wind power prediction interval calculation, thereby improving prediction accu-
racy. However, the method of using the PSO algorithm to optimize Beta distribution shape
parameters has not yet been applied to optimizing random PWM strategies.

In summary, to effectively suppress vibration noise and enhance electromagnetic
compatibility in PMSM drive systems, this paper proposes an optimized Beta distribution-
based dual-random SVPWM strategy. Addressing the issue in conventional SVPWM
strategies where a constant switching frequency and zero-vector allocation time lead to
concentrated high-frequency harmonics at the switching frequency and its integer multiples,
the dual-random SVPWM strategy randomizes the switching frequency and zero-vector
allocation time. To overcome the limitations of the conventional dual-random SVPWM
strategy, which uses the linear congruential generator (LCG) algorithm and suffers from
poor randomness, short periodicity, and fixed distribution, this paper proposes using the
adjustable shape and high randomness of the Beta distribution to generate random numbers.
Additionally, the PSO algorithm is employed to rapidly optimize the shape parameters
of the Beta distribution, avoiding the inefficiency and inaccuracy associated with optimal
shape parameter selection in conventional enumeration methods. To verify the effectiveness
and feasibility of the proposed strategy, comparative experiments were conducted with
the conventional SVPWM strategy and the conventional dual-random SVPWM strategy.
The results demonstrate that the proposed improved strategy significantly disperses high-
frequency harmonic components in the inverter output signal, effectively reducing high-
frequency vibrations in the PMSM.

2. Topology of Two-Level Inverter and Principles of Its Modulation Strategy
The topology of a two-level inverter is shown in Figure 1. In the figure, Udc represents

the DC-side voltage; C is the DC-side supporting capacitors; iA, iB, and iC denote the
three-phase load currents; and each phase leg consists of two switches, Sx1 and Sx2, where
x = A, B, C. Each phase leg has two valid switching states. Taking phase A as an example,
the switching states are presented in Table 1.

Table 1. Switching state of phase A.

Switching State Output State

SA1 ON, SA2 OFF 1
SA1 OFF, SA2 ON 0
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Figure 1. Two-level inverter topology.

From Figure 1 and Table 1, it can be deduced that the inverter has a total of
23 = 8 switching states, corresponding to seven fundamental voltage vectors in the space
vector plane, as shown in Figure 2. Among them, the zero-vector V0 has an amplitude of 0
and corresponds to two switching states; the non-zero vectors V1 to V6 have an amplitude
of 2Udc/3 and each corresponds to one switching state.
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The conventional SVPWM strategy is based on the principle of volt second balance,
which involves decomposing the product of the reference voltage and the sampling period
into the product of the three nearest space vectors and their respective durations. By
controlling the switching states of the power devices during the corresponding durations,
the three space vectors are output sequentially to achieve modulation. To implement the
conventional SVPWM strategy, it is necessary to determine the position of the reference
vector and calculate the durations of the fundamental vectors. The durations of each space
vector in Figure 2 must satisfy the following conditions:

{
VrefTs = VxTx + VyTy + VzTz

Ts = Tx + Ty + Tz
(1)

where Vref represents the reference voltage vector, Ts denotes the sampling period, and
Vx, Vy, Vz and Tx, Ty, Tz are the three fundamental vectors closest to the reference voltage
vector and their respective durations.

The switching frequency f s of the conventional SVPWM strategy is a fixed value, and
the pulses generated by comparing the modulated wave with the carrier are symmetrical
about the carrier vertex, which leads to the concentration of high-frequency harmonics in
the output signal at the switching frequency and its multiples. The output signal spectrum
of the conventional SVPWM strategy is shown in Figure 3.
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3. Conventional Dual-Random SVPWM Strategy
3.1. RZVPWM Strategy

In the conventional SVPWM strategy, the zero-vector duration is uniformly distributed
and periodic, which leads to the high-frequency harmonics of the output signal being
concentrated at the switching frequency and its integer multiples. However, the duty cycle
of the SVPWM strategy is determined solely by the duration of the effective voltage vectors
and is independent of the specific allocation method of the zero-vector duration. Therefore,
randomizing the allocation of the zero-vector duration can achieve randomization of the
pulse conduction positions without affecting the fundamental component of the output
voltage. This disrupts the periodic distribution of harmonics in the output signal of the
conventional SVPWM strategy, spreading the high-frequency harmonics over a wider
frequency range, thereby significantly reducing the harmonic amplitude and improving
the high-frequency vibration of the motor. The basic principle of the RZVPWM strategy is
illustrated in Figure 4.
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From Figure 4, the duration of the zero-vector can be expressed as follows:

{
Tz1 = RzTz

Tz2 = (1 − Rz)Tz
(2)

where Tz represents the total duration of the zero-vector, Tz1 denotes the zero-vector
duration in the switching state (000), Tz2 denotes the zero-vector duration in the switching
state (111), and Rz is a random number varying between 0.15 and 0.85. By randomizing Tz1

and Tz2, the amplitude of high-frequency harmonics can be reduced.

3.2. RSFPWM Strategy

The RSFPWM strategy builds on the conventional SVPWM strategy by randomizing
the switching frequency, thus dispersing the harmonics at the switching frequency and its
multiples across a wider frequency domain to achieve the suppression of high-frequency
electromagnetic vibrations. The expression for the switching frequency after randomization
is given by

f ′s = fs ± ∆ f · R f (3)
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where f s
′ represents the randomized switching frequency of the inverter. In this paper, f s is

set to 5 kHz, ∆f is set to 1.5 kHz, and Rf is a random number varying between [0, 1]. After
specifying the initial value of ∆f, the system’s switching frequency is altered by randomly
changing the value of Rf. Typically, if the inverter’s switching frequency is too low, it can
easily lead to significant electromagnetic vibrations; conversely, if the switching frequency
is too high, it increases the energy loss in the power devices, making the system operation
unstable. Therefore, appropriately selecting the variation range of the switching frequency
is crucial for ensuring stable system operation. The principle of the RSFPWM strategy is
illustrated in Figure 5.
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To address the issue of high-frequency vibration in a PMSM driven by an inverter
using the conventional SVPWM strategy, this paper proposes a dual-random SVPWM
strategy that combines random zero-vector SVPWM with random switching frequency
SVPWM. When applied to the spectral spreading of high-frequency current harmonics, the
dual-random SVPWM strategy effectively reduces the motor’s high-frequency vibration.
The control diagram with the dual-random SVPWM strategy is shown in Figure 6.
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When the dual-random SVPWM strategy is applied to motor vibration reduction, the
performance of random numbers significantly affects the spread-spectrum effectiveness of
the dual-random strategy. The conventional dual-random SVPWM strategy utilizes the
LCG algorithm to generate random numbers. The expression for the LCG algorithm is
as follows:

rn+1 = (M1 × rn + M2)mod2Ns (4)

where rn + 1 and rn represent the (n + 1)th and nth generated random numbers, respectively;
M1 and M2 are two prime numbers; mod denotes the modulo operation; and Ns is the
number of bits of the generated random number.

However, when the LCG algorithm is used to generate random numbers, its random-
ness is limited by the computer’s bit precision and the influence of M1 and M2, resulting in
poor randomness and a short periodicity. These factors constrain the spread-spectrum and
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vibration reduction effectiveness of the dual-random strategy. Therefore, it is necessary to
further optimize the distribution characteristics of the random numbers.

4. Optimization of Random Numbers
4.1. Method Overview

The conventional dual-random SVPWM strategy employs the LCG algorithm to gen-
erate random numbers, which exhibit fixed distribution characteristics and lack flexibility,
making it impossible to adapt to the specific requirements of harmonic dispersion. This sec-
tion proposes leveraging the adjustable shape properties of the Beta distribution to generate
random numbers in the dual-random SVPWM strategy. Given that the random numbers
generated by the Beta distribution are directly influenced by its shape parameters, and to
achieve optimal suppression of high-frequency harmonics when these random numbers
are applied in the dual-random SVPWM strategy, we propose using the PSO algorithm to
rapidly optimize the shape parameters of the Beta distribution, thereby obtaining the best
high-frequency harmonic suppression effect.

4.2. The Influence of Different Shape Parameters on the Distribution of Random Numbers

The Beta distribution is a flexible and widely applied continuous probability distribu-
tion that can effectively describe the distribution characteristics of variables within the [0, 1]
interval. The shape of the Beta distribution is adjustable, making it suitable for generating
random numbers that conform to specific distribution shapes. The probability density
function of the Beta distribution can be expressed as follows:

f (x; a, b) =
xa−1(1 − x)b−1

B(a, b)
, 0 ≤ x ≤ 1 (5)

where a and b are shape parameters, both greater than 0, and B(a, b) is the Beta function.
By appropriately selecting the shape parameters a and b, Beta distributions with different
shapes can be generated. Depending on the values of the shape parameters a and b, the
Beta distribution can primarily be categorized into two distinct cases:

(1) When a = b, the random number distribution exhibits a high degree of symmetry cen-
tered around the expected value of 0.5, a characteristic derived from the mathematical
properties of the Beta distribution under parameter symmetry.

(2) When a ̸= b, the random number distribution displays asymmetry, with its probability
density function becoming imbalanced near the expected value of 0.5, skewing toward
the side with the larger parameter.

In random PWM strategies, the distribution of random numbers should ideally be
symmetrical about the expected value of 0.5. When the distribution of random numbers is
asymmetric, it can cause a significant deviation in the overall average switching frequency
of the system, manifesting as either an excessively high or low average switching frequency.
A higher average switching frequency increases the switching losses of power devices,
thereby reducing the system’s energy efficiency. Conversely, a lower average switching
frequency exacerbates harmonic distortion in the output voltage and current, degrading
the waveform quality of the output signal and overall system performance. Both scenarios
contradict the original intent of the random strategy, which aims to reduce the amplitude
of high-frequency harmonics through randomized switching frequencies. Therefore, this
study focuses on the case where the shape parameter a = b. Leveraging its symmetric
distribution characteristics, the application effects and optimization potential of this case in
the dual-random SVPWM strategy are thoroughly investigated to ensure that the system’s
efficiency and performance meet the expected objectives.
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Figure 7 illustrates the Beta distribution under different shape parameters. As shown
in Figure 7, when a = b = 1.5, the Beta distribution curve exhibits a convex shape symmetrical
about the expected value of 0.5. In this case, as the random number approaches the expected
value of 0.5, the probability density of the random number increases, and vice versa. For
a = b > 1, as the values of a and b increase, the probability density of random numbers near
the expected value of 0.5 also increases. When a = b = 1, the Beta distribution curve becomes
a straight line with a constant probability density of 1, indicating that all random numbers
have an equal probability density, and the random numbers follow a uniform distribution.
When a = b < 1, the Beta distribution curve takes on a concave shape symmetrical about the
expected value of 0.5. Here, as the random number approaches the expected value of 0.5,
the probability density decreases, and vice versa. For a = b < 1, as the values of a and b
decrease, the probability density of random numbers near the expected value decreases. It
is evident that different shape parameters directly influence the distribution characteristics
of random numbers. Therefore, to achieve the optimal spread-spectrum vibration reduction
effect when applying the dual-random SVPWM strategy, optimizing the selection of shape
parameters is crucial.
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4.3. Shape Parameter Optimization Based on PSO Algorithm

To evaluate the effectiveness of the dual-random SVPWM strategy proposed in this
paper, the power spectral density (PSD) plot and the HSF are utilized to analyze the impact
of different shape parameters on the spread-spectrum effect.

The PSD function of the dual-random SVPWM strategy can be expressed as

SD(ω, RT , Rε) =
1

E[Ts]

{
E
[
|F(ω, RT , Rε)|2

]
+ 2Re

[
E[F∗(ω, RT , Rε)] · E

[
F∗(ω, RT , Rε)ejωTs

]

1 − E
[
ejωTs

]
]

(6)

where RT is the reciprocal of Rf, Rε is the pulse delay coefficient corresponding to the ran-
dom zero vector, F is the Fourier transform of the switching function, F* represents the com-
plex conjugate of F, Ts is the switching period, and E represents the expectation operator.

The PSD plot, as a critical visualization tool for frequency-domain analysis, can
accurately characterize the distribution of signal energy across the frequency axis, thereby
providing an intuitive representation of the spectral broadening effect and smoothness
achieved by the random strategy during the spread-spectrum process. In contrast to
the qualitative analysis provided by the PSD plot, the HSF quantitatively assesses the
spread-spectrum effect of the random strategy by calculating the standard deviation of
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the harmonic amplitudes in the sample data. A smaller HSF indicates a better harmonic
dispersion effect of the employed modulation strategy. The HSF can be expressed as

HSF =

√√√√ 1
N

N

∑
j>1

(Hj − H0)
2 (7)

H0 =
1
N

N

∑
j>1

Hj (8)

Hj =

√∫ 1

0

∫ 1

0
f (Rz; a, b) f (R f ; a, b)

∣∣∣I(j · f0, Rz, R f )
∣∣∣
2
dRzdR f (9)

where H0 is the average amplitude of all (N) harmonics excluding the fundamental wave,
Hj represents the amplitude of the j-th harmonic, and I (j·f 0, Rz, Rf) represents the Fourier
transform of the phase current i (t) at the frequency, with f 0 denoting the spectral resolution.
The factors influencing Hj include Rz, Rf, a, b, j, f 0, and the motor speed. However, when
comparing the j-th harmonic amplitudes across different strategies, j, f 0, and the motor
speed should be controlled as identical variables. When random numbers generated by the
LCG algorithm and the Beta distribution are applied to Rz and Rf, they will affect Hj.

Since different shape parameters correspond to different Beta distributions, the per-
formance of random numbers generated using the Beta distribution will be affected when
applied. To compare the spread-spectrum effects of random numbers under different shape
parameters, the PSD plots from simulations are first used for comparison. Taking the shape
parameters a = b = 0.5, a = b = 1, and a = b = 1.5 with a speed of 1200 rpm as an example,
Figure 8 illustrates the PSD plots of the simulated phase currents for the dual-random
SVPWM strategy under these three shape parameter sets.
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From the figure above, it can be observed that the harmonic amplitudes at 5 kHz
and 10 kHz under the three cases of the dual-random SVPWM strategy exhibit significant
differences. This indicates that the performance of random numbers following a Beta
distribution largely depends on the choice of shape parameters. The selection of different
shape parameters ultimately affects the spread-spectrum effect.

Since the HSF can quantitatively analyze the harmonic spread-spectrum effects of
different shape parameters, it is utilized as the evaluation objective function in this study.
On this basis, the PSO algorithm is employed to rapidly optimize the shape parameters,
aiming to achieve the minimum HSF and thereby obtain the optimal suppression effect on
high-frequency vibrations.

The PSO algorithm is a swarm intelligence optimization algorithm inspired by the
collective foraging behavior of bird flocks, classified as a type of metaheuristic optimization
method. Unlike traditional algorithms such as Simulated Annealing (SA) and the Genetic
Algorithm (GA), PSO does not rely on population crossover or mutation operations. Instead,
it iteratively approaches the optimal solution through internal interactions among particles.
Owing to its characteristics of global high-precision convergence and robust reliability, PSO
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has been widely applied in fields such as multi-objective optimization, adaptive control,
nonlinear problems, and multidimensional space optimization.

As a random search algorithm, the core driving mechanism of the PSO algorithm
involves the shared iterative updating of the global historical best solution Gbest and the
individual historical best solution Pbest. This process enables the optimization of both
individual extrema and the global optimum of the particle swarm. In this paper, each
particle represents a candidate solution vector P (ai, bi) for the shape parameters of the Beta
distribution, where ai = bi. The particle’s position defines the distribution characteristics
of random numbers Rz and Rf. The objective function is the HSF, and optimizing ai and
bi minimizes the HSF, thereby reducing the high-frequency harmonic peak. The specific
workflow of the PSO algorithm is illustrated in Figure 9.
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The screening and solving process for the global optimal solution Gbest is as follows:

(1) Calibration of initial system parameters: Based on the phase current data collected
from experiments, calibrate parameters such as winding inductance and resistance in
the simulation model to ensure that the simulation model aligns with experimental
results under various operating conditions.

(2) Initialize the particle swarm: Restrict the particle range to 0.01~2. Each particle in
the swarm contains basic information, namely the shape parameters a and b. During
each iteration, the individual best solution Pbest of each particle is compared and
updated with the global best solution Gbest. Since this study involves an optimization
problem with only two parameters, a population of 20 particles is sufficient to cover
the solution space, providing adequate diversity to avoid premature convergence to
suboptimal solutions. Additionally, the maximum number of iterations is chosen as
the convergence criterion, with 60 iterations allowing the algorithm sufficient time to
refine the solution. A dynamic inertia weight strategy is adopted, with the weight
value linearly decreasing from 0.9 to 0.4 during the iteration process. A larger weight
in the early stages ensures a strong global search capability, while a smaller weight
in the later stages enhances the local search capability. The learning factors are set
to c1 = c2 = 2.0, achieving a balance between individual experience and collective
collaboration, thus preventing premature convergence to local optima.
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(3) Run the steady-state condition Simulink simulation program, generate the phase
current time-domain waveform data in the MATLAB (Version: 9.5.0.944444, R2018b)
(MathWorks, Inc., Natick, MA, USA) workspace, and then perform time-frequency
conversion on the data using the fast Fourier transform (FFT) program, followed by
calculating the HSF, and finally, extract the individual optimal solution Pbest and the
global optimal solution Gbest.

(4) Termination condition setting: In the conventional PSO algorithm, termination con-
ditions typically include the number of iteration steps and convergence criteria. To
ensure population diversity, this paper uses the number of iteration steps as the ter-
mination condition to prevent premature convergence or excessive iteration without
convergence of the particle swarm.

The optimization results of the Beta distribution shape parameters based on the PSO
algorithm are shown in Figure 10. The HSF stabilizes within 46 iterations, and as the number
of iterations continues to increase, the HSF no longer decreases. At this point, the shape
parameters a and b are both equal to 0.68, with an HSF of 1.796. Therefore, under these
shape parameters, the random numbers generated by the Beta distribution, when applied
to the dual-random SVPWM strategy, achieve the optimal spectrum-spreading effect.
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Furthermore, Figure 11a,b, respectively, depict an autocorrelation function (ACF)
graph and absolute autocorrelation function (|ACF|) graph comparing the randomness of
random numbers generated by the Beta distribution and the LCG algorithm.
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Figure 11. ACF graph and |ACF| graph of different random number algorithms: (a) ACF graph.
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From the ACF graph, it can be observed that the random numbers generated by the
Beta distribution exhibit an ACF with very small fluctuations across all lag points, with
values close to 0 and consistently within the confidence interval (indicated by dashed lines),
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suggesting that the Beta distribution has almost no autocorrelation; in contrast, the random
numbers generated by the LCG algorithm also show an ACF close to 0 at most lags, but
they exhibit multiple significant peaks (e.g., around lags 50, 150, and 250), which exceed
the confidence interval, indicating clear periodic characteristics.

From the |ACF| graph, it can be observed that the random numbers generated by the
Beta distribution exhibit consistently low |ACF| values, fluctuating between 0 and 0.01,
indicating extremely low autocorrelation strength. In contrast, the random numbers
generated by the LCG algorithm also show low |ACF| values at most lags, but there are
several significant peaks (e.g., around lags 50, 150, and 250), corresponding to the ACF
peaks observed in the left graph.

Table 2 compares the mean absolute autocorrelation coefficient (MAACF), maximum
absolute autocorrelation coefficient (MaxAACF), and the number of significant non-zero
lags (NSNLs) of the random numbers generated by these two algorithms.

Table 2. Comparison of randomness metrics for Beta distribution and LCG algorithm.

Algorithm MAACF MaxAACF NSNL

Beta distribution
(a = b = 0.68) 0.001767 0.007074 2

LCG algorithm 0.002116 0.199811 10

From the table above, it can be observed that the random numbers generated by
the Beta distribution have lower values in MAACF = 0.001767, MaxAACF = 0.007074,
and NSNL = 2 compared to those generated by the LCG algorithm (MAACF = 0.002116,
MaxAACF = 0.199811, NSNL = 10), further indicating that the random numbers generated
by the Beta distribution exhibit superior randomness compared to the LCG algorithm.

5. Experimental Results
This paper takes a 4.3 kW PMSM as the research object. To verify the feasibility

and superiority of the proposed dual-random SVPWM strategy based on an optimized
Beta distribution, experimental validation and analysis were conducted. The proposed
strategy was compared with the conventional SVPWM strategy and the conventional
dual-random SVPWM strategy in terms of harmonic amplitude and vibration acceleration
peak values at different frequencies. The experimental platform is illustrated in Figure 12.
This experiment utilized the RT-LAB platform (OPAL-RT Technologies Inc., Montreal, QC,
Canada) to implement the system control algorithm, with a two-level inverter serving as the
power circuit. Current and voltage data were collected using a Yokogawa high-performance
signal analysis oscilloscope, while vibration acceleration signals were acquired using an
accelerometer and a Siemens multifunctional data acquisition device. Table 3 classifies
different strategies.
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Table 3. Classification of different random strategies.

Strategy Principle

Strategy I Conventional SVPWM strategy

Strategy II Dual-random SVPWM strategy based on
the LCG algorithm

Strategy III Dual-random SVPWM strategy based on
an optimized Beta distribution

The experimental system parameters are presented in Table 4. The experiments in this
study used 300 rpm and 1200 rpm as test speeds based on the following considerations:
300 rpm represents low-speed operation, commonly observed in low-speed cruising for
electric vehicles or low-speed servo scenarios in industrial automation; 1200 rpm is close
to the rated speed (Table 4 in the paper indicates a rated speed of 1500 rpm), representing
medium-to-high-speed operation. Furthermore, as evidenced by the PSD plots from the
simulations, Strategy III demonstrates superior harmonic suppression even under other
speed conditions. By combining these aspects, the selection of these two speeds effectively
reflects the low-speed and high-dynamic-response performance of PMSM applications.

Table 4. Experimental system parameters.

Parameter Value

Rated voltage/V 220
Rated current/A 20
Rated speed/rpm 1500

VDC bus voltage/V 350
Fixed switching frequency/kHz 5

Random switching frequency variation
range/kHz 3.5~6.5

Figures 13 and 14 show the PSD plots of the phase currents for the three strategies at
different speeds. To facilitate a comparison between the strategies, the harmonic amplitudes
at 5 kHz and 10 kHz frequencies are summarized in Table 5. At a speed of 300 rpm, at
the 5 kHz frequency, Strategy II reduces the harmonic amplitude by 9.5 dB compared to
Strategy I, while Strategy III further reduces it by 1.9 dB compared to Strategy II; at the
10 kHz frequency, Strategy II reduces the harmonic amplitude by 23.9 dB compared to
Strategy I, and Strategy III further reduces it by 3.7 dB compared to Strategy II. At a speed
of 1200 rpm, comparing the harmonic amplitudes at 5 kHz, Strategy II achieves a reduction
of 15.6 dB compared to Strategy I, with Strategy III further reducing it by 4.5 dB compared
to Strategy II. At 10 kHz, Strategy II reduces the harmonic amplitude by 22 dB compared to
Strategy I, and Strategy III further reduces it by 1.8 dB compared to Strategy II. Thus, it
can be concluded that, across different speeds, Strategy III exhibits the lowest harmonic
amplitudes at both 5 kHz and 10 kHz.
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Table 5. Comparison of harmonic amplitudes at different speeds.

Strategy 300 rpm 1200 rpm
5 kHz 10 kHz 5 kHz 10 kHz

Strategy I 49.8 dB 72.5 dB 68.5 dB 79.1 dB
Strategy II 40.3 dB 48.6 dB 52.9 dB 57.1 dB
Strategy III 38.4 dB 44.9 dB 48.4 dB 55.3 dB

Figures 15 and 16 illustrate the vibration acceleration plots for the three strategies
at different speeds. To facilitate comparison between the strategies, the peak vibration
acceleration values at 5 kHz and 10 kHz frequencies are summarized in Table 6. At a speed
of 300 rpm, at the 5 kHz frequency, Strategy II reduces the peak vibration acceleration by
0.0174 g compared to Strategy I, while Strategy III further reduces it by 0.0004 g compared
to Strategy II; at the 10 kHz frequency, Strategy II reduces the peak vibration acceleration
by 0.0691 g compared to Strategy I, and Strategy III further reduces it by 0.0063 g compared
to Strategy II. At a speed of 1200 rpm, at the 5 kHz frequency, Strategy II reduces the peak
vibration acceleration by 0.0386 g compared to Strategy I, with Strategy III further reducing
it by 0.0008 g compared to Strategy II; at the 10 kHz frequency, Strategy II reduces the peak
vibration acceleration by 0.1732 g compared to Strategy I, and Strategy III further reduces
it by 0.0085 g compared to Strategy II. Therefore, it can be concluded that, across different
speeds, Strategy III consistently exhibits the lowest peak vibration acceleration at both
5 kHz and 10 kHz.
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Table 6. Comparison of vibration acceleration peaks at different speeds.

Strategy 300 rpm 1200 rpm
5 kHz 10 kHz 5 kHz 10 kHz

Strategy I 0.0195 g 0.0937 g 0.0425 g 0.2190 g
Strategy II 0.0021 g 0.0246 g 0.0039 g 0.0458 g
Strategy III 0.0017 g 0.0183 g 0.0031 g 0.0373 g

As Strategy I employs a constant switching frequency and fixed zero-vector allocation
modulation, pulse positions are relatively fixed. This causes the high-frequency harmonic
components generated during inverter operation to form clustered harmonic spikes at
the switching frequency and its multiples. Strategy II uses the LCG algorithm to generate
random numbers. However, the random numbers generated by the LCG algorithm exhibit
poor randomness and short periodicity, and they cannot be adjusted based on specific
harmonic dispersion requirements. Consequently, although Strategy II introduces a degree
of randomness, its harmonic dispersion effect remains limited, achieving only a moderate
reduction in harmonic peaks, while harmonic spikes persist.

Compared to Strategy I, this paper proposes randomizing the switching frequency
and zero-vector allocation time to avoid high-frequency harmonics caused by a fixed
switching frequency and fixed zero-vector allocation time. Compared to Strategy II, this
paper proposes using the Beta distribution to generate random numbers, addressing the
issues of poor randomness and short periodicity in random numbers generated by the
LCG algorithm. Additionally, it combines the PSO algorithm to rapidly optimize the shape
parameters of the Beta distribution, improving the quality and generation efficiency of
random numbers. Consequently, compared to Strategies I and II, Strategy III is optimal,
achieving the lowest harmonic amplitudes at the switching frequency and its multiples, and
minimizing the peak vibration acceleration of the permanent magnet synchronous motor.

Theoretically, increasing ∆f enhances high-frequency harmonic dispersion but tends
to introduce low-frequency harmonics, leading to distortion in the inverter’s output line
voltage, increased current fluctuations, and potential EMC compliance issues. Conversely,
reducing ∆f weakens the dispersion effect but improves control precision. Variations
in Rz also affect harmonic dispersion: a smaller Rz range reduces dispersion capability,
while excessive randomness in Rz increases waveform fluctuations, impacting precision in
industrial automation applications.

From the above analysis, it is evident that, compared to the conventional dual-random
SVPWM strategy, the use of the dual-random SVPWM control based on an optimized
Beta distribution in a PMSM can effectively achieve the effects of spectrum spreading and
vibration reduction.

6. Discussion
In this study, the PSO algorithm is executed offline. Once the optimal parameters are

determined, they are fixed and hard-coded into the control system. Consequently, there is
no need to run the PSO algorithm in real-time during motor operation. For random number
sampling from the Beta distribution, this study employs the inverse transform sampling
method, which can be efficiently implemented in real-time systems and is computationally
feasible for embedded systems. By pre-computing a lookup table for the cumulative
distribution function (CDF), random numbers can be rapidly generated during real-time
operations. Furthermore, the FFT and HSF calculations in this study are primarily used
for offline analysis and evaluation and are not part of the real-time control loop. During
real-time operation, the control algorithm relies solely on pre-optimized shape parameters
and random number generation, without requiring FFT or HSF computations.
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Although this study employs the PSO algorithm to optimize the shape parameters
of the Beta distribution, with the optimized parameters subsequently hard-coded into the
system—a process that does not directly impact real-time response time—the offline opti-
mization process itself demands significant computational resources and high-performance
computing equipment, thereby increasing development costs. The PSO algorithm involves
multiple iterations (60 iterations with 20 particles in this study), each requiring Simulink
simulations, FFT computations, and HSF calculations, which may pose challenges for
resource-constrained research environments or small development teams.

The offline PSO algorithm for optimizing Beta distribution shape parameters involves
60 iterations with 20 particles, each requiring Simulink simulations, FFT, and HSF calcu-
lations, necessitating high-performance computing resources but not affecting real-time
operations. Real-time computations encompass Beta distribution random number gen-
eration, utilizing the inverse transform sampling method to compile a pre-computed
cumulative distribution function lookup table for generating random parameters Rz and
Rf, which consumes control loop time and may introduce delays. Additionally, dynamic
PWM adjustments for the switching frequency and zero-vector allocation time increase the
computational burden of the control loop, potentially interfering with other tasks. These
factors impact the response time of the PMSM control system through computational delays
and timing conflicts. For field-oriented control (FOC) and direct torque control (DTC),
the delays are typically acceptable. However, for model predictive control (MPC), delays
may lead to accumulated prediction errors, requiring compensation mechanisms. Further-
more, timing conflicts can cause sampling window offsets, compromising the accuracy of
feedback signals.

The concentration of high-frequency harmonics is a primary source of electromag-
netic interference (EMI). The strategy proposed in this study randomizes the switching
frequency (3.5–6.5 kHz) and zero-vector allocation time (based on random numbers Rz

and Rf), dispersing the high-frequency harmonics, which are typically concentrated at the
switching frequency and its multiples (e.g., 5 kHz, 10 kHz) in conventional SVPWM, across
a broader spectrum. This dispersion reduces the energy at individual frequency points,
thereby mitigating electromagnetic radiation and conducted interference, and enhancing
the system’s electromagnetic compatibility (EMC). Compared to the random numbers
generated by the conventional LCG algorithm, which suffer from poor randomness and
short periodicity, the high-quality random numbers produced by the Beta distribution
(with optimized parameters a = b = 0.68) through the PSO algorithm ensure more uniform
spectrum spreading. The superior randomness of the Beta distribution is validated in this
study through the autocorrelation function (ACF) and absolute autocorrelation coefficients
(MAACF = 0.001767, MaxAACF = 0.007074), which reduce periodic harmonic peaks and
further lower EMI risks. However, while high-frequency harmonics are effectively dis-
persed, the randomization process may introduce low-frequency harmonics. In this study,
the proposed dual-random SVPWM strategy exhibits high stability under light load condi-
tions, attributed to low current demands and effective high-frequency harmonic dispersion,
making it suitable for applications such as small servo motors and fan drives. However,
stability may be compromised under high load conditions due to increased current har-
monics and response lag induced by computational delays, necessitating self-adaptive
parameter correction and overload protection to enhance fault tolerance. By implementing
control optimization, fault detection algorithms, and parameter adaptation, issues related
to low-frequency harmonics, delays, and fault diagnosis can be mitigated, ensuring the
strategy’s robustness and reliability across industrial applications ranging from low-power
to high-performance scenarios.
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The proposed solution in this study primarily achieves high-frequency harmonic
dispersion by modifying the PWM signal generation module, which can be integrated as an
independent module into existing PMSM control systems. The PSO algorithm optimizes the
Beta distribution shape parameters offline and hard-codes them, with real-time operations
limited to random number generation and PWM adjustments, decoupled from upper-level
control logic (such as FOC, DTC, and MPC), thereby reducing integration complexity.
Modern PMSM control systems, typically based on high-performance DSPs, FPGAs, or
MCUs, possess the capability to support dynamic PWM adjustments, store CDF lookup
tables, and handle additional computational loads. However, PWM modules in low-end
systems may lack support for dynamic frequency adjustments or sufficient clock precision,
resulting in modulation errors. The CDF lookup table requires 10–100 KB of storage space,
which may exceed the memory capacity of low-end MCUs, necessitating external Flash
storage or table compression. Hardware incompatibility in low-end MCUs may lead to
signal distortion, thereby reducing the effectiveness of harmonic dispersion.

7. Conclusions
To address the high-frequency vibration issue of PMSM, this paper proposes an opti-

mized Beta distribution-based dual-random SVPWM strategy to suppress high-frequency
harmonics and reduce motor high-frequency vibrations. The advantages of the proposed
method are summarized as follows:

(1) To address the high-frequency vibration issue in conventional SVPWM strategies
caused by a constant switching frequency and fixed zero-vector allocation time,
randomization of the switching frequency and zero-vector allocation time is proposed
to reduce high-frequency vibrations in PMSM.

(2) To address the issues of poor randomness and short periodicity of random numbers
generated by the LCG algorithm in conventional dual-random SVPWM strategies, the
use of the Beta distribution for random number generation is proposed to improve
the quality of random numbers.

(3) To address the inefficiency of using enumeration methods to find optimal shape param-
eters in traditional Beta distribution-based random number generation, a PSO algo-
rithm is proposed to rapidly optimize shape parameters, thereby improving efficiency.

In summary, the proposed method not only improves the efficiency and quality of
random number generation but also further suppresses high-frequency harmonics in phase
currents, thereby reducing high-frequency vibrations in PMSM.
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Abstract

This study introduces a stochastic optimization framework designed to effectively manage
power flows in flexible medium-voltage DC (MVDC) link systems within distribution
networks (DNs). The proposed approach operates in coordination with a battery energy
storage system (BESS) to enhance the overall efficiency and reliability of the power dis-
tribution. Given the inherent uncertain characteristics associated with forecasting errors
in photovoltaic (PV) generation and load demand, the study employs a distributionally
robust chance-constrained optimization technique to mitigate the potential operational
risks. To achieve a cooperative and optimized control strategy for MVDC link systems and
BESS, the proposed method incorporates a stochastic relaxation of the reliability constraints
on bus voltages. By strategically adjusting the conservativeness of these constraints, the
proposed framework seeks to maximize the cost-effectiveness of DN operations. The
numerical simulations demonstrate that relaxing the strict reliability constraints enables
the distribution system operator to optimize the electricity imports more economically,
thereby improving the overall financial performance while maintaining system reliability.
Through case studies, we showed that the proposed method improves the operational cost
by up to 44.7% while maintaining 96.83% bus voltage reliability under PV and load power
output uncertainty.

Keywords: MVDC link; battery energy storage; chance-constrained optimization;
distribution network

1. Introduction
As the international drive toward carbon neutrality proliferates, the integration of

distributed generators (DGs) based on renewable energy sources (RESs) into distribu-
tion networks (DNs) has been increasing steadily [1–7]. This trend introduces significant
challenges, due to the inherent intermittency and variability of RESs. Such fluctuations
can lead to unpredictable negative impacts on future DNs, including voltage instabil-
ity and load imbalances, as documented in prior studies [2,8–11]. In response to these
challenges, the present study investigates the utilization of flexible medium-voltage DC
(MVDC) link facilities to mitigate the voltage instability and load imbalances that occur
across different DNs [12–17]. Specifically, these studies implement back-to-back voltage
source converter systems (BTB-VSCs) within medium-voltage DNs as an interconnection

Electronics 2025, 14, 2737 https://doi.org/10.3390/electronics14132737
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mechanism to flexibly link different DNs [18–22]. The previous literature has employed var-
ious terminologies—such as Soft-Open Point, Power Flow Controller, and MVDC link—to
describe the BTB-VSC configuration in DNs; yet, these terms fundamentally refer to the
same system architecture.

Recognizing the limitation of the DC system, which is primarily limited to controlling
only power flows between DNs, the study proposes a coordinated operational strategy
that integrates battery energy storage systems (BESSs) into the network infrastructure.
By leveraging the dual capabilities of BESSs for charging and discharging, the proposed
strategy aims not only to correct the power imbalances across multiple DNs but also to
enhance the overall operational performance for the distribution system operator (DSO).
Such improvements are expected to enhance the economic performance by increasing the
energy sales revenue and reducing the power importing cost.

Although prior research has advanced in improving DN operational efficiency through
DC link integration, these studies have exhibited notable limitations; for example, the ap-
proaches in [23,24] employed robust optimization techniques that focused on worst-case
scenarios arising from RES forecast errors, thereby achieving a minimal rate of constraint
violations. However, such conservative methodologies may unexpectedly degrade opera-
tional efficiency, particularly in minimizing operational costs.

Alternatively, the research presented in [25,26] adopted stochastic optimization frame-
works that modeled uncertainties using probabilistic functions, which allowed for more
flexible DN operations. Despite this flexibility, the requirement to predefine the mathemati-
cal form of the probability distribution limits the practical applicability of these models.

To overcome these shortcomings, the proposed study employs a distributionally robust
chance constrained optimization (DRCCO) method. This approach is designed to maintain
robust performance in stochastic optimization without necessitating prior knowledge of
the exact probability distributions of uncertainty variables.

Unlike traditional robust optimization, which is overly conservative, or scenario-
based methods that require predefined distributions and a large number of samples, the
DRCCO framework offers a flexible trade-off between reliability and cost without relying on
strict distributional assumptions. Additionally, compared to the scenario-based approach
in [27], which uses metaheuristic algorithms and normal distribution assumptions, our
method is solver-friendly, distribution-free, and better suited for practical MVDC-based
DN operations.

Within this framework, the optimal power flow control between DNs is achieved via
the MVDC link, while the coordinated integration of BESSs further increases the opera-
tional benefits for the DSO. The validity and effectiveness of this integrated strategy are
demonstrated through a case study based on the modified IEEE 33-bus test system. Addi-
tionally, the study conducts an in-depth analysis of several key parameters that influence
the trade-off performance of the DRCCO model, thereby providing comprehensive insights
into the optimization process and its practical implications for future DNs. Compared to
previous research, the main contributions of this study are summarized as follows:

• In this work, we propose a day-ahead optimal scheduling strategy for MVDC links
that aims to reduce the energy procurement costs for DSOs by coordinating with BESS
under forecast uncertainties. The proposed method incorporates the DRCCO frame-
work to optimize power allocation and ensure reliable operation across interconnected
distribution networks.

• Furthermore, we conduct detailed case studies to investigate the impact of critical
DRCCO parameters—namely, the ambiguity set radius and the confidence level—on
the operational cost, voltage reliability, and energy loss. These analyses offer valuable
insights for DSOs seeking to balance economic efficiency and system robustness.
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The remainder of this paper is structured as follows. Section 2 introduces the MVDC
link and presents the mathematical formulation of the proposed DRCCO problem. Section 3
discusses the simulation results and performance evaluation. Finally, Section 4 concludes
the paper by summarizing the key findings.

2. Problem Formulation
2.1. Flexible MVDC Link System

As illustrated in Figure 1, the system under consideration consists of a single DC link
shared by two VSCs, which are interconnected in a BTB configuration through a relatively
short DC transmission line. Each VSC is responsible for establishing a connection with
a distinct DN, thereby enabling controlled power exchange between the networks. The
steady-state operational characteristics of this system can be mathematically formulated
as follows [28,29].

∑2
k=1

(
Pk

conv.t + Pk
conv.loss.t

)
= 0 , (1)

Pk
conv.loss.t = Cconv.loss

√(
Pk

conv.t
)2

+
(
Qk

conv.t
)2, (2)

√(
Pk

conv.t
)2

+
(
Qk

conv.t
)2 ≤ Sconv, (3)

where, Pk
conv.t and Pk

conv.loss.t represent the active power output of k-th converter in the
MVDC link. Cconv.loss is the loss coefficient of the converter, which is generally set
to 0.02. Qk

conv.t and Sconv are the reactive power output and rated capacity of k-th
converter, respectively.

Figure 1. Configuration of interconnected DNs with MVDC link.

In this formulation, Equation (1) represents the fundamental principle of power
distribution within the MVDC link, ensuring that the total power exchanged through
the DC link is balanced. The power losses within the converters are captured in (2).
Additionally, Equation (3) represents constraints on the maximum power output of the
converters, thereby ensuring operational feasibility within predefined technical limits.

To facilitate computational efficiency and tractability, the nonlinear constraint in
(2) can be relaxed into a second-order cone inequality, as shown in (4). The validity of
this relaxation has been extensively studied in the prior research [23,24], demonstrat-
ing its effectiveness in accurately approximating converter losses while preserving the
solution feasibility. √(

Pk
conv.t

)2
+
(
Qk

conv.t
)2 ≤ Pk

conv.loss.t
Cconv.loss

(4)

2.2. Battery Energy Storage System Model

The operational model of a BESS within DNs is formulated to account for its ability to
perform both active power charging and discharging while enabling independent control
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of active and reactive power outputs. The mathematical representation of this model is
structured as follows [30,31].

√(
Pk

bess.t
)2

+
(
Qk

bess.t
)2 ≤ Sbess, (5)

Pk
bess.loss.t = Cbess.loss

√(
Pk

bess.t
)2

+
(
Qk

bess.t
)2, (6)

SOCk
(t+1) = SOCk

(t) −
(

Pk
bess.t + Pk

bess.loss.t

)
∆t, (7)

SOCmin ≤ SOCk
(t) ≤ SOCmax, (8)

where, Equation (5) imposes constraints on the maximum output capacity of the BESS.
Pk

bess.t and Qk
bess.t represent the active and reactive power outputs, respectively, of the BESS

installed in the k-th DN, with a rated power capacity of Sbess. The power losses associated
with the DC/DC converter in BESS (Pk

bess.loss.t) are characterized in (6), which account
for the conversion inefficiencies using the device loss coefficient (Cbess.loss). To effectively
manage the energy stored within the BESS, Equation (7) establishes constraints on the
state-of-charge (SOC), meaning that it operates within an acceptable range to maintain the
battery health. Lastly, Equation (8) specifies the allowable SOC range by setting upper and
lower bounds, thereby preventing the overcharging or excessive depletion of the BESS.

Similar to the relaxation of the MVDC link losses, Equation (6) can also be approxi-
mated to a second-order cone constraint as shown in (9).

√(
Pk

bess.t
)2

+
(
Qk

bess.t
)2 ≤ Pk

bess.loss.t
Cbess.loss

(9)

2.3. Load Flow Calculation Model

In this study, the power flow constraints are modeled using the DistFlow method,
which provides an accurate representation of power flows in radial DNs [32]. This method is
particularly effective for capturing the relationship between bus voltages, power injections,
and line flows in distribution systems. The mathematical formulation of the DistFlow-based
power flow constraints is presented as follows [32].

Uk
i.t = Uk
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(

rk
ijP

k
ij.t + xk

ijQ
k
ij.t

)
+

((
rk

ij

)2
+
(
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ij

)2
)
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ij.t , (10)

∑i:i→j Pk
ij.t − ∑i:i→j rk

ijl
k
ij.t − ∑h:j→h Pk

jh.t = Pk
load.j.t − Pk
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conv.t − Pk

bess.j.t, (11)
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ijl
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load.j.t − Qk
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bess.j.t , (12)

(
Pk

ij.t

)2
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ij.t

)2

Uk
i.t

≤ lk
ij.t, (13)

where, the squared bus voltage and line current are defined as Uk
i.t =

(
Vk

i.t

)2
and

lk
i.t =

(
Ik
ij.t

)2
. rk

ij and xk
ij denote the resistance and reactance magnitudes of branch (i, j)

in k-th DN, respectively.Pk
ij.t and Qk

ij.t represent the active and reactive power flows

into branch (i, j) at time t in k-th DN, respectively. Pk
pv.j.t and Qk

pv.j.t mean the ac-

tive/reactive power output of the PV generators, Pk
load.j.t and Qk

load.j.t also represent the load
demands, respectively.
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2.4. Uncertainty Variable Model

To effectively capture uncertainties from forecast error when predicting load demand
and PV power generation outputs, this study models them as a single aggregated uncer-
tainty variable for each DN connected to the MVDC link. The mathematical representation
of this uncertainty modeling is provided as follows.

∼
P

k

load.j.t = Pk
load.j.t

(
1 + ξk

load.t

)
, ∀j ∈ Ωk

load, (14)

∼
P

k

pv.j.t = Pk
pv.j.t

(
1 + ξk

pv.t

)
, ∀j ∈ Ωk

pv, (15)

where superscript (
∼· ) denotes the value after the error has been applied to the predicted

value of the variable. ξk
pv.t denotes the uncertainty variables for PV output forecasts.

Specifically, it quantifies the proportional deviation of the actual PV output from the
forecasted value at time t, reflecting PV generation uncertainty. ξk

load.t represents the
uncertainty variables for load demand forecasts. This also represents the proportional
deviation of the actual load demand from the forecasted value at time t, capturing the load
forecast uncertainty. Both coefficients range from 0 to 1. Pk

pv.j.t and Pk
load.j.t represent the

day-ahead forecasted values of PV generation and load demand for bus j at time t in the
k-th DN. These forecast values are obtained based on historical data and predictive models.

Finally, the bus voltage, which reflects the forecast errors of PV generation and load
output, as well as the effects of the outputs from the MVDC link and BESS, can be expressed
using sensitivity coefficients as follows.
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∆Vk
bess.i.t =
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∂Pk
j

Pk
bess.t +

∂Vk
i

∂Qk
j

Qk
bess.t (20)

While there are various previous studies related to the calculation methods for voltage-
to-power sensitivity, this study adopts the methodology in [33] due to its relatively fast
computation speed.

While the sensitivity coefficients were calculated using the method in [33] for compu-
tational efficiency, we acknowledge that this approach involves linear approximations. To
ensure that the DRCCO reliability guarantees were met, we performed a Monte Carlo-based
scenario validation using 3000 additional forecast error samples and full nonlinear power
flow calculations, as described in Section 3.

2.5. Distributionally Robust Chance-Constrained Optimization Model

Chance-constrained optimization is an advanced optimization technique that ensures
constraints are satisfied with a predefined confidence level in problems involving uncer-
tainty. This approach formulates the optimization problem such that the probability of
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constraint violations does not exceed a specified threshold, thereby enhancing the reliability
of decision-making under uncertainty.

Traditional studies addressing chance-constrained optimization typically assume that
the probability distribution functions are precisely known. However, in practical applica-
tions, it is often difficult to assert with confidence that uncertainty factors—such as forecast
errors in PV generation and load demand—adhere to specific probability distributions,
such as Gaussian distribution. This uncertainty in distribution modeling necessitates the
use of a methodology to quantify the distance between different probability distributions.

Due to these limitations, the concept of DRCCO has been proposed [34]. As illus-
trated in Figure 2, an ambiguity set is constructed, which encompasses various potential
probability distributions of the uncertain variables. This ambiguity set is typically defined
on the empirical distribution function derived from sample data of the uncertainty. It
is formulated to include all distributions within a certain radius around the empirical
distribution, thereby considering the true distribution (but unknown) in a realistic manner.
Among various measures of distributional distance, this study adopts the Wasserstein
distance [34] for its robustness and flexibility in addressing distributional uncertainty.

dW(Q1,Q2) := sup
f∈L

{∫

Ξ
f (ξ)Q1(dξ)−

∫

Ξ
f (ξ)Q2(dξ)

}
, (21)

Bε

(
P̂N

)
:=
{
P ∈ M(Ξ) : dW

(
P, P̂N

)
≤ ε

}
, (22)

in f
P∈Bε(P̂N)

P
(

Vmin ≤
∼
V

k

i.t ≤ Vmax

)
≥ 1 − αV , (23)

where Equation (21) defines the Wasserstein distance used to measure the difference
between two probability distributions (Q1,Q2), while Equation (22) specifies that all dis-
tributions within the ambiguity set must lie within a certain radius (ε) from a reference
distribution (P̂N). Vmin and Vmax denote the allowable bus voltage limits, while (1 − αV)

represents the minimum confidence level for constraint satisfaction. For instance, αV = 0.05
limits the bus voltage violation probability to 5% under PV and load demand forecast
errors. This constraint ensures that the true distribution lies within a Wasserstein ball
of radius ε centered at the empirical distribution, enabling the model to protect against
sampling errors and distributional shifts while maintaining tractability.

Figure 2. Illustration of ambiguity set in DRCCO framework.

The choice of the Wasserstein distance for defining the ambiguity set was motivated
by several factors [34–38]. First, the Wasserstein metric offers greater modeling flexibility in
scenarios with limited sample sizes, as it does not require the empirical distribution to be
absolutely continuous with respect to the true distribution, unlike other measure such as
the Kullback–Leibler divergence [38]. Second, it captures both the shape and support of the
distributions, allowing for better characterization of the distributional shifts that may occur
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under extreme PV and load forecast errors. Finally, the DRCCO problem formulated with
the Wasserstein distance can be converted into a tractable convex optimization problem,
enabling an efficient solution using standard solvers. Although this study did not perform
a direct comparison with other distance metrics, the sensitivity analysis as shown in
the following tables and figures in Section 3 illustrates how varying the radius of the
Wasserstein ambiguity set impacts the operational cost and voltage reliability.

In (23), both lower and upper constraints are included. Therefore, the inequalities for
the left-hand side and right-hand side can be separated and expressed as (24) and (25). In
the case of voltage, it can be expressed as a linear combination of the active/reactive power
output variables of the MVDC link and BESS, as well as uncertainty variables, similar to
(16). Thus, it can be represented by the following Equations:

in f
P∈Bε(P̂N)

P(ℓV.t(x, ξ) ≤ 0) ≥ 1 − αV , (24)
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ℓV.t(x, ξ) = max
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(an.tXconv.t + bn.tξt + cn.t), (26)

where the vector Xconv.t =
[

Pk
conv.t, Qk

conv.t, Pk
bess.t, Qk

bess.t

]
represents the set of decision

variables, which includes the active and reactive power outputs of both the MVDC link
and the BESS at time t. The vector an.t denotes the voltage sensitivities of bus voltages
in the DN, as expressed in (19) and (20). The vector bn.t consists of coefficients that
correspond to the forecast errors in PV generation and load demand, as detailed in (17)
and (18). These coefficients account for the uncertainty associated with the forecasting
of generation and demand. Finally, cn.t represents the differences between the predicted
voltage and the maximum/minimum allowable voltage limits. Specifically, it includes
the terms (

(
Vk

i.t − Vmax

)
,
(

Vmin − Vk
i.t

)
), which quantify the deviation from the upper and

lower voltage constraints, respectively.
The implementation of the DRCCO in (24) using standard optimization solvers can be

facilitated by applying the results from earlier research [34], which enable the problem to
be reformulated in its dual form as follows:

λtε +
1

N(Ωs)
∑k∈Ωs

δt.k ≤ αVθt , (27)

(
an.tXconv.t + bn.tξt + cn.t

)
+ ρT

n.i.t

(
d − Cξt

)
+ θt ≤ δt.k, (28)

∥∥∥CTρT
n.i.t − bn.t

∥∥∥
∞
≤ λt , (29)

λt ≥ 0, δt.k ≥ 0, ρT
n.i.t ≥ 0, (30)

where the vector Xdual.t = [ρn.i.t, δt.k, θt, λt] denotes the decision variables in the
dual problem.

It is worth noting that the relaxation of bus voltage reliability constraints within
the DRCCO framework is bounded by a predefined confidence level (e.g., 95%), which
quantitatively limits the risk of constraint violation under uncertainty. This does not
imply a relaxation of the absolute voltage limits specified in standards such as IEEE
1547 or IEC 61,970 but rather allows for probabilistic operation under high-variability
conditions. This approach is consistent with emerging grid codes that allow limited
statistically controlled deviations in the presence of renewable generation. Moreover,
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if necessary, reactive power control through BESS and MVDC converters can provide
dynamic voltage support, mitigating any adverse impacts on long-term system stability.

2.6. Proposed Optimization Model

Through the proposed coordinated operation of the MVDC link and BESS, the DSO
can focus on reducing operational costs within the DN or maximizing profits derived from
power sales to the upstream grid. To achieve this, the objective function is formulated
as the cumulative value of electricity procurement costs over the course of a day for the
DNs that are interconnected through the MVDC link. Since the operational objective of the
DSO is to minimize the expected value of the electricity procurement costs across all DNs
interconnected via the MVDC link and BESS, the expected value of the sum of net loads for
the two DNs can be formulated as (31) and (32).

∼
P

k

nl.t = ∑
j∈Ωk

b

(∼
P

k

load.j.t −
∼
P

k

pv.j.t

)
+ ∑

(i,j)∈Ωk
l

(
rk

ij

∼
l

k

ij

)
− Pk

conv.t (31)

E
[

2

∑
k=1

∼
P

k

nl.t

]
=

2

∑
k=1



 ∑

j∈Ωk
b

(
Pk

load.j.t − Pk
pv.j.t − Pk

bess.j.t

)
+ ∑

(i,j)∈Ωk
b

(
rk

ijl
k
ij

)
+ Pk

conv.loss.t



 (32)

This formulation assumes that the forecast errors for the load demand and PV power
generation, as represented in (14) and (15), have an expected value of zero. Consequently,
this implies that the expected value of the line power flows, which are influenced by these
uncertainties, is also zero. Furthermore, it is also important to note that the sum of the
outputs in the MVDC link, along with the converter losses, is zero, as described in (1). This
condition is crucial for ensuring power conservation within the MVDC link and simplifies
the formulation of the optimization problem by removing any power imbalances in the
interconnected DNs.

This study assumes a scenario where two distinct DNs are interconnected through the
MVDC link. Based on this assumption, an optimal operation problem is formulated with
the objective of minimizing the total electricity procurement cost across both DNs. The
problem is structured as follows, considering the relevant operational constraints and the
interactions between the MVDC link and BESS in DNs.

min
Xconv

T
∑

t=1h
Cs.t



 ∑

(i,j)∈Ωk
b

(
rk

ijl
k
ij

)
+ Pk

conv.loss.t − Pk
bess.t



∆t,

s.t.(1)–(32)

(33)

The visual representation of the optimization problem proposed in this study is shown
in Figure 3. Depending on the user’s operational intent, the ambiguity set is constructed by
inputting two key parameters from the DRCCO models: the radius of the ambiguity set
and the violation probability, along with sample data of the uncertainty variables.

By utilizing the predicted daily profiles of the PV generation and load, along with
hourly electricity cost data, the daily operation model of the DN, the operation model of
the MVDC link and BESS, and the objective function are formulated. These components
are integrated to construct the final optimization model for the probabilistic operation of
the MVDC link and BESS. This approach ensures the coordinative operation between the
MVDC link and BESS considering the uncertainty of PV and load outputs in DNs.
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Figure 3. Architecture of proposed DRCCO framework to operate MVDC link and BESS.

Within the architecture of the proposed DRCCO framework in Figure 3, the power
flow is managed in a coordinated manner between the interconnected DNs, the MVDC link,
and the BESS units. The MVDC link facilitates bidirectional active power transfer between
the two DNs, enabling the redistribution of excess generation or load support depending
on real-time net load imbalances. Simultaneously, the BESS units in each DN perform
active power charging and discharging operations to further mitigate forecast uncertainties
and optimize the total procurement cost. During periods of high PV generation, surplus
power can be stored in the BESS or exported to the neighboring DN via the MVDC link.
Conversely, during peak load hours or when electricity prices are high, stored energy in
the BESS can be discharged to reduce grid procurement costs.

The proposed DRCCO framework determines the optimal setpoints for MVDC link
power flows and BESS outputs in each time step, ensuring that all operational constraints—
such as voltage limits and power balance—are satisfied within the desired reliability level
under forecast uncertainties. This integrated power flow coordination between the MVDC
link and BESS plays a critical role in enhancing both economic efficiency and voltage
stability across the interconnected DNs.

3. Case Studies
To validate the proposed approach in this study, a scenario was assumed where two

IEEE 33-bus test systems are interconnected through the MVDC link, as illustrated in
Figure 4. The detailed specifications of these test systems are summarized in Table 1. The
IEEE 33-bus test system was chosen, as it is a widely used benchmark in DN studies,
especially for MVDC link and BESS operation analysis [18–22].
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Figure 4. Test systems using modified IEEE-33 bus distribution networks.

Table 1. Detailed specification of test systems.

DN PV Location MVDC Link Location BESS Location

1 8, 10, 24, 28, 33 18 33
2 11, 22, 29 33 18

DN PV capacity MVDC Link Capacity BESS Capacity

1 and 2 700 kVA (Each) 1000 kVA 500 kVA/1500 kWh

As shown in Figure 4, DN1 has a higher PV penetration compared to DN2, and
both the MVDC link and BESS units are placed at the end buses of each feeder to maxi-
mize their voltage regulation impact. The daily forecast profiles for PV generation, load
demand, and hourly power purchase costs for each test system are shown in Figures 5
and 6 [39]. Figures 5 and 6 illustrate the daily load share and electricity price profiles,
respectively. During the day, DN2 accounts for a higher share of the total load, while in the
evening—when PV output drops to zero—DN1 becomes dominant. In addition, electricity
import prices peak during 8:00–10:00 and 18:00–20:00.

Figure 5. Hourly predicted PV output (left) and load demand profile (right).
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Figure 6. Hourly electricity price profile.

All simulations were performed using MATLAB R2022b. The optimization problems
were implemented using the CVX modeling language and solved with the MOSEK solver.

Figures 7 and 8 present the results of determining the optimal power outputs of the
MVDC link and the BESS in each DN over a day. As outlined in the optimal operation
problem described in (33), this optimization was achieved by minimizing the operational
costs while restricting the probability of constraint violations regarding bus voltage mainte-
nance in the two interconnected DNs to a specified value. Using the predicted daily PV
generation and load outputs, the proposed DRCCO model was applied to the intercon-
nected DNs (DN1 and DN2). This approach ensured that the bus voltage confidence level
remained within the desired probability (95%) through the optimal operation of the BESS
and MVDC link.

 

(a) 

 

(b) 

Figure 7. Hourly optimal power outputs of the MVDC link. ((a): Converter in DN1 and (b): converter
in DN2).
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(a) 

(b) 

Figure 8. Hourly optimal power outputs of the BESS ((a): BESS in DN1 and (b): BESS in DN2).

To form the ambiguity set for uncertainty variables, such as forecast errors in PV
generation and load demand, 30 samples were used in this study (NS = 30).

As observed in Figure 7, the power imbalance caused by the differences in net load
between the two DNs can be mitigated to some extent through the operation of the MVDC
link, given the differences in their load profiles and PV capacities.

For example, during the 18–24 h period, when the load in DN1 is higher than in
DN2, the MVDC link draws active power from DN2 and injects it into DN1, balancing the
load between the two networks. When the net loads connected through the MVDC link
are summed, the power injected through the MVDC link offsets each other in opposite
directions, as shown in (32). This behavior ensures that the MVDC link operates in a way
that reduces line losses across the interconnected DNs, thereby indirectly contributing to
the minimization of operational costs.

In Figure 8, during periods of low electricity costs (4–6 AM, 2–4 PM), the BESS in
each DN performs maximum charging to take advantage of the cheaper electricity. On the
other hand, during high-cost periods, such as 8–11 AM and 6–8 PM, the BESS maximizes
the discharge of stored power, effectively utilizing opportunities to reduce the overall
procurement costs by discharging when electricity prices are higher. This strategy optimizes
both the operational efficiency and the economic performance of the interconnected DNs.
Furthermore, by controlling the reactive power output, the MVDC link and BESS in each
DN play a key role in voltage stabilization, ensuring that the system can deliver maximum
power output when necessary.

To further compare and verify the performance of the proposed method, four scenarios
were considered:

• Scenario I: Baseline cases without the integration of the MVDC link and BESS.
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• Scenario II: Incorporates the MVDC link and BESS, employing a deterministic opti-
mization framework that neglects forecast uncertainties.

• Scenario III: Incorporates the MVDC link and BESS, employing a robust optimization
that considers only the maximum and minimum values of forecast uncertainties.

• Scenario IV: Incorporates the MVDC link and BESS, employing the proposed DRCCO
method to explicitly account for forecast uncertainties.

Table 2 presents a performance comparison across several quantitative indicators for
each scenario. A comparison with Scenario I clearly shows that the coordinated operation
of the BESS and MVDC link can transform the optimal costs of the two DNs into negative
values, indicating that power sales generate profits. However, Scenario II, which applies a
deterministic approach that neglects PV and load forecast uncertainties, shows the lowest
optimal cost (USD −53.38/day) but suffers from severely degraded voltage reliability
(75.17%). This low reliability arises because the deterministic method does not consider
forecast errors, leading to frequent constraint violations in real operation. In contrast,
Scenario III, based on robust optimization, guarantees 100% bus voltage reliability by
considering worst-case forecast errors but at the expense of higher operational cost (USD
−33.96/day). Notably, the proposed DRCCO approach (Scenario IV) effectively balances
these two aspects, achieving a high voltage reliability of 96.83% while securing a 44.7% cost
improvement compared to the robust method.

Table 2. Comparison of operational performance under different scenarios.

Scenarios
Average Energy

Loss Per Day
[kWh/day]

Optimal Cost
[USD/day]

Bus Voltage
Reliability

[%]

I 3490.90 132.86 0
II 2237.10 −53.38 75.17
III 2403.20 −33.96 100
IV 2255.37 −49.14 96.83

Specifically, 3000 additional forecast error scenarios were generated for the prede-
termined operating points, power flow calculations were performed, and the number of
scenarios where constraints were satisfied was counted to calculate the rate.

In contrast, Scenario III, which employs robust optimization, shows no constraint
violations (100% reliability); however, its conservative nature leads to the least signifi-
cant minimization of the objective function. Finally, in Scenario IV—using the proposed
DRCCO—the bus voltage reliability is regulated to approximately 96.83%, resulting in
an increase in the DSO’s power sales revenue by up to $49.14 per day, which is an 44.7%
improvement compared to the robust optimization approach.

Furthermore, Table 3 compares the performance based on the size of the bus voltage
confidence level (1 − αV). As the set value for voltage violation increases, the DRCCO
model allows for a broader range of constraints. This expansion leads to a lower bus
voltage reliability (i.e., higher constraint violation rate); however, it also provides greater
flexibility in the outputs of the MVDC link and BESS, thereby resulting in increased power
sales revenue.

Lastly, Table 4 presents a performance comparison based on the radius of the ambiguity
set employed in the proposed DRCCO problem. As the radius of the ambiguity set increases
relative to the sample data, the candidate set for uncertainty variables is defined more
broadly, which leads to more conservative solutions to the optimization problem. As
presented in Table 4, an increase in the radius leads to higher average network energy
losses and the increase in power sales revenue.
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Table 3. Impact of voltage confidence level on operational performance.

Bus Voltage
Confidence Level

(1−αV)

Average Energy
Loss Per Day

[kWh/day]

Cost
Improvement

[%]

Bus Voltage
Reliability

[%]

95% 2255.37 44.7 96.83
90% 2251.02 47.1 95.40
85% 2247.87 49.8 92.40
80% 2244.49 51.2 90.03

Table 4. Impact of radius of ambiguity set on operational performance.

Radius of
Ambiguity Set

(ε)

Average Energy
Loss Per Day

[kWh/day]

Cost
Improvement

[%]

Bus Voltage
Reliability

[%]

0.001 2248.21 49.2 91.67
0.002 2250.54 47.1 94.73
0.003 2255.37 44.7 96.83
0.005 2270.79 38.7 98.63

Figure 9 visualizes this trade-off relationship between bus voltage reliability and cost
improvement with respect to varying voltage confidence levels and radius of ambiguity
sets. This highlights the inherent balance between economic efficiency and operational
robustness in the proposed DRCCO-based dispatch strategy.

 

(a) 

 

(b) 

Figure 9. Comparison of system performance ((a): confidence level and (b): radius).
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Consequently, the impact of two key parameters—namely, the confidence level (1− αV)
and the radius of the ambiguity set (ε)—on system performance was evaluated using
three primary metrics: operational cost (USD/day), bus voltage reliability (%), and cost
improvement (%). Additionally, the average energy loss (kWh/day) was reported to
capture the system efficiency. As shown in Tables 3 and 4, these indicators enable a
quantitative understanding of the trade-off between economic benefits and reliability risks
under different DRCCO settings.

The selection of the ambiguity set radius (ε) and the voltage confidence level (1 − αV)
was guided by a sensitivity analysis, as presented in Tables 3 and 4 and Figure 9. By
evaluating the trade-off between operational cost and voltage reliability across different
parameter settings, we identified that ε = 0.003 and (1 − αV) = 95% offered a reasonable
balance. Further increases in parameter conservativeness beyond this point resulted in
marginal reliability improvements but a sharp rise in operational cost.

Figure 10 and Table 5 present the impact of varying sample sizes on the cost improve-
ment, voltage reliability, and computation time within the proposed DRCCO framework.
As the sample size increases from 30 to 300, the voltage reliability improves steadily from
96.83% to 98.82%, while the cost improvement declines from 44.7% to 38.9%. Notably,
the computation time increases sharply, from 53.05 [s] at 30 samples to 1550.37 [s] at
300 samples.

Figure 10. Comparison of system performance with the varying numbers of sample sizes.

Table 5. Comparison of performance indices under different sample sizes.

Sample Sizes 30 50 100 200 300

Cost Improvement [%] 44.7 42.8 41.0 39.7 38.9
Bus voltage reliability [%] 96.83 96.94 98.07 98.77 98.82

Computation time [s] 53.05 90.13 212.95 635.59 1550.37

Increasing the sample size improves voltage reliability but also leads to a substantial
rise in computation time. For example, the reliability increases from 96.83% (30 samples)
to 98.07% (100 samples), while the computation time grows from 53 to 213 s. Beyond
100 samples, the reliability gain becomes marginal, whereas the computation time increases
sharply. Therefore, a sample size between 30 and 100 is recommended to balance the
reliability and computational efficiency for day-ahead scheduling applications. These
results highlight the trade-off between computational burden and performance accuracy,
underscoring the importance of selecting an appropriate sample size that balances reliability,
cost efficiency, and tractability.
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Additionally, to evaluate the scalability of the proposed DRCCO framework for more
complex DNs, we extended the case study to three DNs interconnected with three inde-
pendent MVDC links. The detailed configuration of the system is illustrated in Figure 11.
The data of DN1 (IEEE-33 bus system) are from [40], DN2 (IEEE-69 bus system) and DN3
(IEEE-85 bus system) are from [41] and [42], respectively. This setup enables enhanced
power exchange flexibility among multiple DNs, each equipped with its own BESS.

 

Figure 11. Configuration of three DNs interconnected via multiple MVDC links.

The detailed specifications of each test system are summarized in Table 6. As shown,
the system includes three MVDC links (MVDC1, MVDC2, and MVDC3) connecting the
DNs, with each DN equipped with its own BESS to enhance operational flexibility.

Table 6. Detailed specification of each test system in the multiple DNs.

DN PV Location
MVDC Link Location

BESS LocationMVDC1 MVDC2 MVDC3

1 (IEEE-33) 8, 10, 24, 28, 33 18 - 33 25
2 (IEEE-69) 16, 20, 24, 56, 62 65 27 36 69
3 (IEEE-85) 30, 34, 52, 54, 63, 69, 82 - 51 - 71

DN PV Capacity MVDC Link Capacity BESS Capacity

1 and 2 700 kVA (Each) 1000 kVA 500 kVA/1500 kWh
3 500 kVA (Each) 1000 kVA 500 kVA/1500 kWh

Figures 12 and 13 illustrate the optimal power dispatch of MVDC links and BESS in
the three DNs. These dispatch profiles reflect the hourly net load variations of each DN in
Figure 14. During low net load periods in DN3 (e.g., 1:00–7:00), active power is transferred
from DN3 to DN1 and DN2 through MVDC2 and MVDC3. Similarly, during midday hours
(12:00–17:00), surplus power from DN1 and DN3 is delivered to DN2, while in the evening
(18:00–24:00), DN2 and DN3 supply power to DN1 to meet its higher net load.
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(a)  (b) 

 

(c) 

Figure 12. Hourly optimal power outputs of MVDC links in multiple DNs ((a): converters in DN1,
(b): converters in DN2, and (c): converters in DN3).

(a)  (b) 

 

(c) 

Figure 13. Hourly optimal power outputs of BESSs in multiple DNs ((a): BESS in DN1, (b): BESS in
DN2, and (c): BESS in DN3).
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Figure 14. Hourly net load profiles in each DN.

In parallel, the BESS units perform charging during low-price periods and discharging
during high-price hours. The coordinated operation of MVDC links and BESSs effectively
balances the net load differences among the DNs while minimizing the operational costs
under the proposed DRCCO framework.

Under the simulation using a three-DN interconnected test system, Table 7 summa-
rizes the performance comparison for Scenarios II, III, and IV under different voltage
confidence levels. Similar to the previous case study, Scenario II (deterministic approach)
achieved the lowest cost but showed poor voltage reliability (25.4%). Scenario III (robust
approach) ensured 100% reliability but with the highest cost. In contrast, Scenario IV
(proposed DRCCO method) achieved a well-balanced trade-off, maintaining high volt-
age reliability (above 90%) while significantly reducing the operational costs compared
to the robust approach. In addition, the calculation time for determining the day-ahead
MVDC link set-points under Scenario IV was 146.24 s, demonstrating the computational
efficiency and practical applicability of the proposed method from the perspective of
computational burden.

Table 7. Detailed specification of each test system.

Scenarios
Bus Voltage

Confidence Level
(1−αV)

Optimal Cost
[USD/Day]

Cost
Improvement

[%]

Bus Voltage
Reliability

[%]

II - 325.19 35.17 25.4

III 100% 501.64 - 100

IV

95% 403.12 19.64 98.86
90% 381.11 24.03 94.60
85% 371.40 25.96 90.30
80% 365.52 27.13 84.50

Furthermore, the current study focuses solely on operational cost minimization for
day-ahead scheduling, assuming that the MVDC link and BESS infrastructure are already
deployed. A more holistic techno-economic analysis that incorporates capital investment
and maintenance costs remains an important direction for future research.

4. Conclusions
In this paper, we proposed a distributionally robust chance-constrained optimal

dispatch strategy for MVDC-linked distribution networks with BESS integration. The
strategy effectively handles uncertainty in PV and load forecasts through a tractable
DRCCO framework.
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The simulation results demonstrated that the proposed method achieves up to 44.7%
cost improvement and maintains voltage reliability above 96.8% under various uncertainty
scenarios. The impact of key DRCC parameters—such as the confidence level and ambi-
guity set radius—was analyzed, revealing a clear trade-off between operational efficiency
and robustness.

However, some limitations remain. The computational time increases significantly
with larger sample sizes, and the solution quality depends on the accuracy of historical
forecast data. Additionally, the current model assumes that forecast errors have a zero mean,
which may not always hold in real-world scenarios. If forecast bias exists, it could affect
both the cost estimation and system reliability. Future research may focus on improving the
computational efficiency, extending the method to multi-time-step or real-time applications
and incorporating non-zero mean error models or bias-correction techniques to address
potential forecast bias. Furthermore, more detailed modeling of converter dynamics could
further enhance the practical applicability.

The proposed DRCCO framework can be also extended to accommodate other control-
lable assets such as smart inverters, demand response resources, and EV charging stations.
This would involve adding new decision variables and constraints specific to each asset
type, updating sensitivity coefficients, and incorporating additional uncertainty models
where necessary.
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Nomenclature

Sets
k Index of DNs
i, j Index of buses in each DN
t Time index
Parameters
(1 − αV) Bus voltage confidence level
ϵ Radius of ambiguity set
Pk

load.j.t, Qk
load.j.t Active/Reactive power of load demand at bus j, time t, in k-th DN

Pk
pv.t, Qk

pv.t Active/Reactive power of PV generation at bus j, time t, in k-th DN

Vmin, Vmax Lower/Upper bus voltage limits at buses
SOCmin, SOCmax Minimum/Maximum state-of-charge of BESS
rk

ij, xk
ij Resistance/Reactance of branch (i, j) at k-th DN

Sconv Rated apparent power capacity of MVDC link converter
Sbess Rated apparent power capacity of BESS converter
Cconv.loss, Cbess.loss Loss coefficients of MVDC converter and BESS, respectively
Cs.t Unit electricity cost at time t
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Decision Variables

Pk
conv.t, Qk

conv.t
Active/Reactive power outputs of MVDC link converter at time t, k-th
DN

Pk
bess.t, Qk

bess.t Active/Reactive power outputs of BESS at time t, k-th DN
SOCk

(t) State-of-charge of BESS at time t, k-th DN

Vk
i.t Voltage magnitude at bus i, time t, k-th DN

Pk
ij.t, Qk

ij.t Active/Reactive power flow on branch (i, j), time t, k-th DN

lk
i.t Squared current magnitude on branch (i, j), time t, k-th DN

Uncertainty Variables
ξk

load.t Load demand forecast error at time t, k-th DN
ξk

pv.t PV output forecast error at time t, k-th DN

Other Variables
∼
P

k

load.j.t,
∼
P

k

pv.j.t
Actual load demand and PV generation after applying uncertainty

∼
V

k

i.t
Actual bus voltage considering uncertainties and control actions

ρn.i.t, δt.k, θt, λt Auxiliary variables for DRCCO formulation
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Abstract

This article proposes a nonlinear control strategy to address the voltage instability issue
caused by the boost converter with an uncertain constant power load (CPL). This strategy
combines a passivity-based controller (PBC) with a virtual DC motor controller (VDCM).
Initially, a PBC is designed for the boost converter, which enhances the robustness of the
converter with CPL perturbations in the DC bus voltage. To overcome the limitations of
PBC, including steady-state errors resulting from variations in load or input voltage, the
VDCM is incorporated, simulating the characteristics of a DC motor. This addition improves
the system’s inertia and damping, making it more stable and significantly enhancing its
dynamic performance. The efficacy and stability analysis of the proposed control strategy
is validated through both simulation and experimentation.

Keywords: passivity-based control (PBC); virtual DC motor control (VDCM); constant
power load (CPL); boost converter

1. Introduction
The continuous deterioration of the natural environment, the increasing scarcity of

traditional fossil fuels, and the advancement of power electronics have led to widespread
attention and research on DC/DC conversion as a major form of power conversion [1].
Boost converters, in particular, are widely employed in applications that require stepping
up low voltages to higher levels, such as renewable energy systems, electric vehicles, and
portable electronic devices [2]. However, constant power loads (CPLs), prevalent in DC
systems, exhibit complex impedance characteristics that can negatively impact power
quality, leading to voltage oscillations and reduced damping [3]. This phenomenon is a
major contributor to system instability.

To address this issue, many linear control strategies have been proposed and can
be broadly divided into two categories: passive damping methods and active damping
methods [4]. Passive damping methods primarily eliminate the impact of CPLs by incorpo-
rating hardware devices such as capacitors, resistors, and inductors [5], but this method
increases the cost and size of the system, making it less efficient. Active damping methods
stabilize the system by adding virtual resistance [6,7], virtual impedance control [8], and
so on. However, these linear methods are limited by their reliance on small-signal models
near the operating point and may fail when large perturbations occur, leading to instability.
Therefore, advanced nonlinear control techniques need to be introduced. Popular nonlinear
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approaches include model predictive control (MPC), backstepping control, sliding mode
control (SMC), and passivity-based control (PBC). A pseudo-extended Kalman filter was
introduced in [9] to stabilize microgrid with CPL using stochastic nonlinear MPC, but the
computation is complex and dependent on model accuracy. A backstepping controller
based on droop control was used in [10] to mitigate the CPL problem. However, the
design process is cumbersome and relies on a nonlinear disturbance observer, which is
sensitive to system parameters. Additionally, two fast sliding mode-based controllers were
proposed in [11] for buck converters with CPLs, based on an output voltage regulation
approach and output power regulation scheme, respectively. Nevertheless, these require a
high switching frequency of the converter. In contrast to other nonlinear control strategy
methods, PBC stands out for its simplicity, highly efficient, easy realization, and thus
has become one of the most effective applied nonlinear techniques [12]. PBC achieves a
global asymptotically stable equilibrium by injecting a virtual resistance matrix in a specific
way and reshaping the dissipated energy of the system, which is a crucial operation for
system control. Thereby, it ensures the stability in the closed-loop control system and
has the advantage of enabling the flexible plug-and-play operation of distributed power
supplies [13–21]. A composite current-constrained controller was proposed in [13], which
incorporates perturbation estimation and a nonlinear penalty term into the passivity-based
control law. In [15], an alternating component passivity-based controller was designed by
damping and interconnection injection.

While PBC is effective, the limitation is that it cannot eliminate the output voltage
steady state errors caused by load or power supply variations [16]. To solve this problem, a
nonlinear disturbance observer (NDO) has been proposed to compensate for the steady-
state error generated by PBC [17,18,22], but this requires high computational resources and
real-time performance. Additionally, the adaptive extended Kalman filter (AEKF) has been
designed in [19], which relies heavily on priori information. Both approaches utilize load
information to address this issue, thereby increasing algorithmic complexity. In comparison,
control methods that eliminate steady-state error without requiring load information
typically combine PBC with other control algorithms. For example, a complementary
proportional-integral (PI) controller has been proposed in conjunction with an adaptive
interconnection and damping assignment passivity-based controller (IDA-PBC) [20], but
the control process is lengthy and prone to overshoot. Literature [21] combines integral
sliding mode control (ISMC) with PBC. However, it fails to address the inherent drawbacks
of sliding mode control. Furthermore, the high-speed response of the front-end power
electronic converter can threaten the stable operation of the DC system when disturbances
occur due to the frequent switching of distributed power sources or loads. Inspired by
virtual synchro-nous motor control (VSG) in AC microgrids [23], virtual DC motor (VDCM)
control has been proposed to provide inertia and damping [24]. Ref. [25] compares the
control model of a DC motor with the conventional double closed-loop control to highlight
the performance of the VDCM. The VDCM contains the DC motor armature equations and
the mechanical rotation equations. It is known through the mechanical rotation equations
that the control contains an integral part, which usually serves to eliminate the steady state
error of the system.

In summary, the traditional PBC can effectively suppress the oscillation caused by the
CPL, but the issue of steady-state error in its control performance remains insufficiently
studied. To address this issue, this paper proposes a robust control strategy for boost con-
verter against CPL perturbations, which combines PBC and VDCM. The Euler–Lagrange
(EL) model of the boost converter is employed to design PBC, ensuring system stability
and passivity. This approach enables flexible plugging and unplugging of distributed
power supplies in microgrids, with better adaptability to actual circuit topologies and a
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more implementable structure. The VDCM serves as a patch for PBC, compensating for
steady-state errors caused by various perturbations and increasing the system’s inertia
and damping to improve its robustness. The efficacy of the proposed method has been
validated through simulations using MATLAB/Simulink R2022a software and experiments
on the dSPACE1104 experimental platform. The results demonstrate that the proposed
method not only possesses robustness similar to that of PBC but also eliminates steady-state
errors through VDCM, addressing the limitations of PBC.

The remainder of this paper is structured in the following manner: Section 2 lays out
the system model, and Section 3 delves into the details of the closed-loop control design
for the PBC with VDCM. The simulation and experimental sessions are then described in
Section 4. Lastly, Section 5 presents a summary of the work.

2. System Configuration and Modeling
The topology employed in this paper, where a CPL is loaded through a boost converter,

is shown in Figure 1. Typical examples of CPL include a DC/DC converter connected to
resistors and a DC/AC inverter driving a motor [26], where the system may oscillate and
become unstable due to frequent switching of the switching devices. Assuming that the
converter operates in a continuous conduction mode (CCM), the average state equation
can be derived as follows:

{
L diL

dt = uin − (1 − µ)uC

C duC
dt = (1 − µ)iL − PCPL

uC

, (1)

where uin represents the input voltage, L is the inductance, C is the high-voltage side
capacitor, iL denotes the inductance current of the converter, uC is the capacitor voltage on
the high-voltage side of the converter, PCPL is the power of CPL, and µ is the duty cycle.

Figure 1. Boost converter with CPL model.

Define

X =

[
x1

x2

]
=

[
iL

uC

]
, A =

[
L 0
0 C

]
, B =

[
0 (1 − µ)

−(1 − µ) 0

]
,

R =

[
0 0
0 PCPL

u2
C

]
, U =

[
uin

0

]
.

Equation (1) can be rewritten in the EL equation as follows, thus establishing the basis
for the controller design detailed in the subsequent chapter:

A
.

X + (B + R)X = U. (2)
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The proposed controller is designed to regulate the output voltage of the boost con-
verter feeding CPL and better address the impacts of CPL and input voltage disturbances,
thus achieving the following objectives:

lim
t→∞

[X − Xd] = 0, (3)

where Xd =

[
x1d

x2d

]
=

[
IL

UC

]
is the reference point value.

3. Design of Virtual DC Motor Compensated Passivity-Based Control
To address the instability caused by CPLs, a passive-based controller has been de-

signed, and its stability has been analyzed. Furthermore, VDCM has been incorporated to
increase the system’s inertia and eliminate steady-state errors. The overall framework of
the proposed method is shown in Figure 2.

 
(a) 

 
(b) 

Figure 2. Block diagram of proposed control strategy: (a) control block diagram; (b) virtual DC
machine control part.

3.1. Design of Passivity-Based Control

To mitigate the extreme cycle oscillation caused by CPL, the PBC applied to the boost
converter was implemented by injecting virtual damping resistance, as shown in Figure 2a.
This approach adds two virtual resistances to the placement of the converter. In this sense,
the system is entirely passive and stable. Additionally, the CPL was configured as a Buck
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converter under PI control with resistive loads. The duty cycle output by the controller is
compared with a triangular wave to generate a PWM signal, which controls the switching
devices of the converter. The design of passivity-based controllers undergoes two necessary
stages [17,18]:

I. Energy shaping stage:

Let X = Xd + X̃, where X̃ is the systematic error deviating from the reference point
when the system oscillates. According to Equation (2), the equation can be obtained
as follows:

A
(

.
Xd +

.
X̃
)
+ (B + R)

(
Xd + X̃

)
= U. (4)

Equation (4) is expressed as follows:

A
.

X̃ + (B + R)X̃ = U −
[

A
.

Xd + (B + R)Xd

]
. (5)

II. Damping injection stage:

By injecting the virtual damping matrix Rd into Equation (5), it can be concluded that

A
.

X̃ + (B + RZ)X̃ = U −
[

A
.

Xd + (B + R)Xd − RdX̃
]
, (6)

where

RZ =

[
R1d 0
0 1

R2d
+ PCPL

u2
C

]
,

Rd = RZ − R =

[
R1d 0
0 1

R2d

]
.

By adding virtual resistors, the transient energy dissipation and Lyapunov stability
can be ensured. The series resistance of the inductor circuit (R1d) is sufficient to ensure
energy dissipation in the inductor and effectively suppress inductor current ripple. The
virtual resistance in the parallel capacitor circuit (R2d) is sufficiently small to minimize
energy dissipation in the capacitor and suppress output voltage ripple. It should be noted
that the case of uC= 0 generally occurs only during equipment startup, when the load side
has no voltage and the CPL does not activate, thus exerting no impact on the controller. In
practical operation, protective actions will be triggered to shut down the converter once
the load voltage drops below a specific threshold [27]. Therefore, X̃ = 0, and Equation (6)
can be rewritten as

U −
[

A
.

Xd + (B + R)Xd − RdX̃
]
= 0. (7)

Rearrange Equation (7) and get the following equations:

uin − L
.
x1d − (1 − µ)x2d + R1d(x1 − x1d) = 0, (8)

−C
.
x2d + (1 − µ)x1d −

PCPL
x2d

+
1

R2d
(x2 − x2d) = 0. (9)

The PBC formula in Equation (8), enables accurate tracking of voltage reference value
during steady-state operation. However, due to the randomness and fluctuation of CPL,
steady-state errors are introduced, which further expand the output voltage error. To
mitigate this issue, the VDCM approach, discussed in the subsequent section, is employed.
Therefore, IL needs to be modified as IL_re f through VDCM. It should be noted that IL

represents the reference voltage generated by the PBC voltage control loop, while IL_ref

corresponds to the adjusted current reference value obtained by processing IL through the
VDCM compensation module. In addition, the boost converter of direct control via inner

122



Electronics 2025, 14, 2909

and outer loops is ineffective in regulating the DC bus voltage (x2) to a stable equilibrium
point due to the non-minimum phase characteristics [18]. Consequently, auxiliary loop
control is necessary [17,28]. The duty cycle can be expressed as 1 − µ = uin/UC, and
according to Equations (8) and (9), the duty cycle µ and the reference value of inductance
current of PBC IL are defined as follows

IL =
PCPL
uin

+
UC

R2duin
(UC − uC), (10)

µ = 1 − 1
x2d

[
uin − R1d

(
IL_re f − iL

)]
. (11)

According to Equation (9), the auxiliary controller can be obtained as

.
x2d =

1
C

[
−PCPL

x2d
+

1
R2d

(uC − x2d) + (1 − µ)IL_re f

]
. (12)

3.2. Stability Analysis of PBC

Lyapunov stability analysis is commonly employed to analyze the stability of PBC.
Based on Equations (6) and (7) and the positive definite matrix A, the equation and a
Lyapunov function V(x) can be derived:

A
.

X̃ + [B + RZ]X̃ = 0, (13)

V(x) =
1
2

X̃T AX̃ > 0(∀x̃ ̸= 0). (14)

The derivative of V(x) related to time can be written as

.
V(x) = X̃T A

.
X̃. (15)

Based on Equation (13),
.

X̃ can be expressed as

.
X̃ = −A−1[B + RZ]X̃. (16)

The combination of Equations (15) and (16) yields

.
V(x) = −

[
X̃T RZX̃ + X̃T BX̃

]
. (17)

Since B is an antisymmetric matrix, X̃T BX̃ = 0. If the matrix RZ is positive, then

.
V(x) = −X̃T RZX̃ < 0. (18)

Therefore, the system satisfies Lyapunov stability and asymptotic stability.

3.3. Virtual DC Machine Control Strategy

As mentioned above, the inherent limitation of PBC is that its propensity to generate
steady-state errors in response to disturbances in the load or power supply. To address this
shortcoming, VDCM control is incorporated. This control strategy features an integrator
that tracks the desired current value in real time, thereby eliminating the steady-state error.
Furthermore, VDCM enhances the inertia and damping of the DC system by simulating
the external characteristics of the DC motor, as shown in Figure 3. The armature current Ia

is served as the reference value Iref on output side of the converter. The output voltage of
the DC machine Uo simulates the output voltage UC of the boost converter.
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Figure 3. Concept model of VDCM strategy.

The VCDM can be mathematically modeled using the armature equation and the
mechanical rotation equation of the DC motor [24], in which the mechanical rotation
equation is expressed as

J
dω

dt
= Tm − Te − D(ω − ωN), (19)

Te =
Pe

ω
, (20)

where J represents the moment of inertia, D denotes the damping coefficient, Tm is the
mechanical torque, Te is the electromagnetic torque, ω signifies angular velocity, ωN is the
rated angular velocity, and Pe represents the electromagnetic power.

The armature equation of the DC machine is written as follows:

Uo = E − Ra Ia, (21)

E = CTϕω, (22)

where E is the armature induced electromotive force, Ra denotes the armature equivalent
resistance, CT is the torque coefficient, and ϕ is flux per pole.

The VDCM control block diagram is illustrated in Figure 2b, which is consistent with
the aforementioned VDCM control formula. The input and output of the VDCM control are
illustrated in Figure 2a. In conventional VDCM control, a voltage PI controller generates
the deviation power ∆P, which is then added Pref to obtain the mechanical power Pm.
After passing through the VDCM block, the adjusted reference current is output, thereby
enhancing the system’s damping and inertia. Similarly, the reference current IL, obtained
from the voltage error via the PBC voltage loop, should undergo feedback adjustment
through the VDCM. The resulting control signal IL_ref is fed into the subsequent PBC current
loop to eliminate steady-state voltage errors and improve system stability. After being
controlled by VDCM, the reference current on output side of the converter Iref is converted
into the reference inductor current IL_re f through the ratio UC/Uin.

4. Results
4.1. Simulation Results

To validate the stability of the proposed method and its effectiveness in suppressing
steady-state errors compared to traditional PBC under load variations, we apply MAT-
LAB/Simulink R2022a software testing under CPL, reference voltage and input voltage
variations. The simulation model is shown in Figure 4, employing the ode1 (Euler) solver.
The reference voltage is set to 27 V. The parameters of boost converter and CPL, as well as
the control parameters, are listed in Table 1. The subsequent text presents and analyzes the
simulation results.

124



Electronics 2025, 14, 2909

Figure 4. Boost converter with CPL in Simulink.

Table 1. Main parameters of simulation and experiment.

Boost Converter Parameters Value

Input voltage uin/V 12
Input filter inductor L/mH 2

Capacitance C/µF 1000
Switching frequency f /kHz 10

Control Parameters of Boost Converter

PBC gains R1d/Ω 106

PBC gains R2d/Ω 0.05
Moment of inertia J/kg·m2 0.5

Damping coefficient D 0.3
Rated angular velocity ωN/rad·s−1 2π·50

Torque coefficient CT 18.48
Flux per pole ϕ/Wb 0.0698

Armature equivalent resistance Ra/Ω 1
Voltage loop proportional gain Kvp 0.6

Voltage loop integral gain Kvi 20
Current loop proportional gain Kip 1

Current loop integral gain Kii 25

CPL Parameters

Load voltage voutbuck /V 15
Load power Pconst/W 4.5/27
Filter inductor L f /mH 2

Output capacitance C f /µF 100

Control Parameters of CPL

proportional gain Kp 3
Integral gain Ki 20

4.1.1. Constant Power Load Variations Test

The simulation results of the CPL variations test are presented in Figure 5. In this
test, the output voltage is regulated at 27 V, with the initial CPL of 4.5 W. At 1 s, the CPL
suddenly increases to 27 W and then returns to 4.5 W at 2 s. The comparative analysis
with dual-loop PI control reveals that the proposed method reaches the reference value
approximately 90 ms faster, accompanied by a smaller bus voltage overshoot of around
3.1 V. Moreover, the proposed method can eliminate steady-state errors of capacitor voltage
caused by load changes as shown in Figure 5a, which is a limitation of PBC. Figure 5b
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shows the waveform of the inductor current. It can be observed that the current ripple
under the traditional PI control is larger than that under the other two control methods.
Therefore, it is evident that the proposed method has stronger control stability and faster
return to the reference value. To investigate the response of various parameters to the
capacitor voltage, simulation results are presented with a single parameter modified while
the others are held constant in Figure 6. The simulation reveals that R2d in Figure 6a has a
significant impact on the tracking of the reference point, and a smaller value is selected
to achieve a better control effect. The effect of different values of R1d in Figure 6b has
lower sensitivity of the system, but closer inspection reveals that larger values result in
smoother performance. Additionally, J in Figure 6c has a substantial influence on the
dynamic response of the capacitor voltage, and choosing the appropriate D in Figure 6d is
crucial for controlling the voltage to converge to the reference value.

(a)  (b) 

Figure 5. Comparative simulation results with sudden CPL changes: (a) capacitor voltage; (b) induc-
tor current.

   
(a)  (b) 

   
(c)  (d) 

Figure 6. Dynamic response of capacitor voltage at different parameters for sudden CPL changes:
(a) PBC gain R2d; (b) PBC gain R1d; (c) Moment of inertia J; (d) Damping coefficient D.

4.1.2. Reference Voltage Variation Test

The simulation results of the reference voltage variation test are shown in Figure 7. At
1 s, the reference voltage is stepped down from 27 V to 22 V. A comparative analysis reveals
that the output voltage of both PBC and PBC + VDCM exhibits no overshoot, whereas
classical PI control exhibits an overshoot of approximately 0.5 V, as shown in Figure 7a.
Furthermore, the settling time of the proposed method is 53 ms less than that of PI control
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and 12 ms less than that of PBC. The inductor current variation amplitude of PBC + VDCM
is smaller than that of the other two control methods, and its ripple is also smaller than
that of classical PI control as shown in Figure 7b. In summary, the proposed method
demonstrates excellent dynamic response and superior performance in terms of voltage
and current regulation.

   
(a)  (b) 

Figure 7. Simulation results with sudden reference voltage change: (a) Capacitor voltage; (b) Induc-
tor current.

4.1.3. Input Voltage Variation Test

The simulation results of the input voltage variation experiment are shown in Figure 8.
In this test, the system carries a CPL of 4.5 W, and the input voltage is ramped up from
12 V to 18 V in 1 s. The simulation results demonstrate that the PBC + VDCM strategy
exhibits superior performance. Similarly to the PI controller, it eliminates steady-state
error, while its overshoot is approximately 0.5 V smaller and its settling time is roughly
109 ms shorter, as shown in Figure 8a. In contrast, the PBC fails to eliminate steady-state
error. Furthermore, the inductor current ripple is minimized, and the current reaches its
stabilization point quickly as illustrated in Figure 8b, highlighting the excellent dynamic
response of the proposed method.

   
(a)  (b) 

Figure 8. Simulation results with sudden input voltage change: (a) capacitor voltage; (b) inductor current.

4.1.4. Phase Plot

Given that the proposed control method is nonlinear and the boost converter is a
second-order system, a global view of the proposed controller’s behavior can be obtained
by phase plot. Figure 9 shows the phase plot of the Boost converter with a 27 W CPL
under the proposed control method. The state variables, namely the inductor current and
capacitor voltage, are plotted as time-varying curves. Different colors are used to represent
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different initial states of the state variables. It can be seen that the phase trajectories fitted
by the two state variables under different initial conditions remain within the region of
attraction and converge to the equilibrium point, thereby proving the stability of the system.

Figure 9. Phase plots of the system with the proposed method.

4.2. Experimental Results

To further validate the effectiveness of the proposed method, a boost converter with
CPL experimental platform is constructed, based on the dSPACE1104, as shown in Figure 10.
Multiple DC power supplies are employed to drive the circuit board, supply power to
the converter’s input side, and facilitate experiments on power supply disturbances. The
current and voltage of the converter are sampled into dSPACE via data lines. dSPACE runs
the algorithm and outputs the control variables to the PWM generator, which generates
PWM signals to control the converter’s switching devices. A computer is utilized to
initialize dSPACE and adjust the control parameters. Voltage and current waveforms are
monitored using an oscilloscope. The output voltage of the boost converter is controlled at
27 V. The converter experiment utilized the same parameter set as the simulation, as listed
in Table 1.

 

Figure 10. Experiment platform of boost converter with CPL.
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4.2.1. Experimental Test of CPL Variations

Figure 11 illustrates the comparative experimental results of the boost converter under
different control strategies for the constant power load, which transitions from 4.5 W to 27 W
and back to 4.5 W. As depicted in Figure 11a, under classical PI control, the output voltage
waveform (uC) exhibits a noticeable drop and a relatively long transient process following
a sudden load change before returning to the reference value. Figure 11b demonstrates that
under PBC, the voltage drops considerably after the load increase, and the steady-state
error remains uncompensated. In contrast, Figure 11c shows that the voltage fluctuation is
essentially negligible under the proposed control strategy. The dynamic and steady-state
performance of the boost converter is significantly enhanced by the proposed control,
attributable to its PBC and VDCM characteristics.

 
(a) 

 
(b) 

 
(c) 

Figure 11. Comparative experimental results with sudden CPL changes: (a) PI; (b) PBC; (c) PBC +
VDCM.
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4.2.2. Experimental Test of Reference Voltage Variation

Figure 12 presents a comparison of experimental results illustrating the variation
in reference voltage from 27 V to 22 V under different control strategies. As depicted
in Figure 12a, under classical PI control, the voltage waveforms exhibit overshooting
and require an extended period for stabilization. Figure 12b,c display the experimental
results for the PBC and the proposed control method, respectively. The longer control
time observed in the proposed control method, compared to the PBC, can be attributed to
the VDCM increasing the system’s damping and inertia, which enhances stability at the
constant reference voltage value.

 
(a) 

 
(b) 

 
(c) 

Figure 12. Comparative experimental results with sudden reference voltage change: (a) PI; (b) PBC;
(c) PBC + VDCM.

4.2.3. Experimental Test of Input Voltage Variation

Figure 13 presents the experimental comparison results of the input voltage abruptly
changing from 12 V to 18 V under different control strategies. The data clearly indicates
that the proposed method, as depicted in Figure 13c, not only exhibits a superior response
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time compared to the classical PI control shown in Figure 13a, but also effectively mitigates
the steady-state error associated with the PBC illustrated in Figure 13b following the input
voltage change.

(a) 

(b) 

(c) 

Figure 13. Comparative experimental results with sudden input voltage changes: (a) PI; (b) PBC;
(c) PBC + VDCM.

5. Conclusions
This paper proposes a control method that combines PBC and VDCM to maintain the

stability of the DC bus voltage under disturbances, such as large fluctuations in CPL. The
PBC can show the good robustness and low overshoot under disturbance condition. The
VDCM is applied to improve system’s inertia and damping, while compensating for the
steady-state error caused by PBC during load or input voltage changes. Both the simulation
and experimental results demonstrate that the PBC + VDCM control method exhibits strong
robustness and dynamic characteristics, characterized by small overshoots in bus voltage
and inductor current, and rapid convergence to the reference value. The proposed control
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method has application potential in components of DC microgrids such as photovoltaics,
electric vehicle charging piles, and energy storage systems.

However, the research in this paper still has certain limitations, and future research
work can focus on the following two aspects:

(1) Verifying the applicability of the proposed control method in other types of DC/DC
converters, such as topological structures like buck converters and bidirectional
buck/boost converters;

(2) DC microgrids incorporating DC devices such as photovoltaics, energy storage sys-
tems, and electric vehicle charging piles are typical multi-converter systems. There-
fore, it is necessary to further explore the adaptability and scalability of the proposed
method in such multi-converter systems, encompassing aspects such as coordinated
control of multiple converters and their interactive influences.
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Nomenclature

uin, uC Input, capacitor (output) voltage of the converter
L Inductance of the converter
C Capacitor of the converter
iL Inductance current of the converter
PCPL Power of CPL
µ Duty cycle of the converter
IL, IL_re f , Iref Reference inductance current of PBC, VDCM, reference current on output side of

the converter
Uin, UC Reference input, capacitor (output) voltage
R1d, R2d PBC gains
J Moment of inertia in VDCM
D Damping coefficient in VDCM
Tm, Te Mechanical and electromagnetic torque in VDCM
ω, ωN Angular velocity and rated angular velocity in VDCM
E Armature induced electromotive force in VDCM
Ra Armature equivalent resistance in VDCM
Ia Armature current in VDCM
Uo Output voltage of the DC machine in VDCM
CT Torque coefficient in VDCM
ϕ Flux per pole in VDCM
Pref, Pm, Pe Reference average power of loads; mechanical power; and electromagnetic power

in VDCM
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Abstract

Dual-active bridge (DAB) converters have emerged as a preferred topology in electric
vehicle charging and energy storage applications, owing to their structurally symmetric
configuration and intrinsic galvanic isolation capabilities. However, conventional triple-
phase shift (TPS) control strategies face significant challenges in maintaining high efficiency
across ultra-wide output voltage and load ranges. To exploit the inherent structural sym-
metry of the DAB topology, a symmetric optimization strategy based on triple-phase shift
(SOS-TPS) is proposed. The method specifically targets the forward buck operating mode,
where an optimization framework is established to minimize the root mean square (RMS)
current of the inductor, thereby addressing both switching and conduction losses. The
formulation explicitly incorporates zero-voltage switching (ZVS) constraints and operating
mode conditions. By employing the Karush–Kuhn–Tucker (KKT) conditions in conjunction
with the Lagrange multiplier method (LMM), the refined control trajectories corresponding
to various power levels are analytically derived, enabling efficient modulation across the
entire operating range. In the medium-power region, full-switch ZVS is inherently satisfied.
In the low-power operation, full-switch ZVS is achieved by introducing a modulation factor
λ, and a selection principle for λ is established. For high-power operation, the strategy tran-
sitions to a conventional single-phase shift (SPS) modulation. Furthermore, by exploiting
the inherent symmetry of the DAB topology, the proposed method reveals the symmetric
property of modulation control. The modulation strategy for the forward boost mode can
be efficiently derived through a duty cycle and voltage gain mapping, eliminating the
need for re-derivation. To validate the effectiveness of the proposed SOS-TPS strategy, a
2.3 kW experimental prototype was developed. The measured results demonstrate that the
method ensures ZVS for all switches under the full load range, supports ultra-wide voltage
conversion capability, substantially suppresses RMS current, and achieves a maximum
efficiency of 97.3%.

Keywords: dual-active bridge (DAB) converter; full-switch zero-voltage switching (ZVS);
suppress the root mean square (RMS) inductor current; regulatory factor λ; full-load and
ultra-voltage gain range

1. Introduction
Dual-active bridge (DAB) converters have gained widespread adoption in medium-

and high-power systems, owing to their structural symmetry, inherent galvanic isolation,

Electronics 2025, 14, 3031 https://doi.org/10.3390/electronics14153031
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extended soft-switching capability, versatile power control, compact design, and ease of
digital implementation. They are particularly well-suited for use in DC microgrids [1,2],
automotive power systems [3,4], and energy storage systems [5].

Ensuring consistently high efficiency over a broad span of input and output voltage
conditions remains a critical design target in such applications. For converters utilizing
wide-bandgap (WBG) devices, achieving ZVS for all power switches is essential, as they
substantially reduce switching losses—particularly at elevated switching frequencies where
such losses become more pronounced [6]. Furthermore, ZVS contributes to improved
electromagnetic compatibility (EMC) and system reliability by mitigating high dv/dt
transients during switching events.

To extend the ZVS range and accommodate wide variations in input and output
voltages, two primary approaches have been investigated, which include topological
modifications [7,8] and modulation strategy enhancements. While topological changes can
expand operating boundaries, they often introduce increased circuit complexity, higher
cost, and reduced system reliability. As a result, modulation-based techniques are generally
preferred in practical implementations due to their lower overhead and greater adaptability.
DAB converters commonly employ phase-shift modulation schemes. Although certain
strategies utilize asymmetric duty cycles [9–11], they often result in unbalanced switching
stress and reduced transformer utilization. In contrast, symmetric duty cycle modulation
offers better current sharing and improved transformer efficiency. Modulation approaches
for DAB converters are generally categorized by theirs degree of freedom (DOFs), including
single-phase shift (SPS) with one DOF, dual-phase shift (DPS) or extended-phase shift (EPS)
with two DOFs, and triple-phase shift (TPS) offering three DOFs. Among these, SPS
remains the most prevalent due to its straightforward control logic and ease of hardware
realization [12]. However, it exhibits severe limitations—particularly when there is a
significant deviation of the voltage conversion ratio from its nominal value—where the
loss of ZVS leads to reduced efficiency [13–15]. In contrast, DPS, EPS, and TPS provide
enhanced flexibility through additional control parameters. These advanced modulation
schemes have been applied to various optimization objectives, including the minimization
of current stress [16–29], the suppression of circulating power [30–32], and the reduction in
the root mean square (RMS) current [33–37], thereby improving the overall performance of
DAB converters under wide-ranging operating conditions.

An enhanced power regulation method employing EPS modulation was developed to
suppress peak current, thereby achieving notable improvements in efficiency, particularly
within the medium-power operating region [19]; however, its performance remains subop-
timal under light-load conditions [37]. A particle swarm optimization (PSO)-based EPS
scheme was developed to optimize current stress [25], and full-range ZVS with enhanced
efficiency was achieved using an AI-based EPS approach in another study [38]. Never-
theless, both [25,38] rely on artificial intelligence algorithms, which suffer from limited
online computation capability and poor portability, making them unsuitable for practical
engineering applications. In the context of DPS modulation, ZVS conditions have been
analyzed in several studies. Zhao et al. concentrated on the comprehensive reduction in
different categories of power dissipation to enhance overall system efficiency [39], while Liu
et al. emphasized reducing surge currents and improving system stability [40]. However,
neither of these solutions achieve ZVS across the full-load range.

A current stress optimization strategy based on dual-phase shift (CSO-DPS) was pro-
posed to alleviate current stress in both the buck and boost operation modes. However, its
ZVS capability remained limited. Under conventional DPS control, at least one switch pair
in the DAB converter was subjected to hard switching during high-power operation. In
addition, methods leveraging magnetizing current were also explored to enable wide-range
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ZVS and mitigate current stress [20,22]. While effective, these approaches introduce addi-
tional complexity in transformer design, posing challenges for practical implementation.

With its superior modulation flexibility, the TPS control enables comprehensive per-
formance optimization over a broad operating range. A TPS-based current stress reduction
approach was introduced in [16]. In [27], a reactive power controller based on TPS was
innovatively introduced to reduce inductor current across all load conditions by optimizing
reactive power. However, its full-range ZVS performance was not thoroughly investigated.
In [41], a TPS-based strategy was proposed to minimize current stress under varying
DC-link voltages. While it achieved minimal current stress at light loads, full ZVS was
not guaranteed for all switches. The strategy presented in [21] realized ZVS for all six
power switches under medium-load conditions and full-switch ZVS under both light and
heavy loads, while maintaining nearly optimal peak inductor currents in both the buck and
boost modes. Nonetheless, two switches still failed to achieve ZVS under medium load,
resulting in elevated switching losses. In [23], artificial intelligence (AI)-based methods
were employed to build current stress prediction models from simulation datasets. Despite
its effectiveness, this approach requires extensive simulation or experimental data and a
separate optimization process for each operating condition, leading to high complexity and
limited real-time applicability. TPS-based current stress optimization was also investigated,
but this method failed to achieve ZVS for two switches in the medium-power region, as
shown in [26]. A three-level phase-shift control scheme was presented in to minimize
reactive power and improve conversion efficiency across a wide operational range [30].
In addition, a unified optimal modulation strategy (UOMS) was developed to suppress
circulating power, thereby achieving full-range ZVS and reduced root mean square (RMS)
current. Nevertheless, the effectiveness of UOMS remains constrained to certain operating
points, limiting its general applicability [32].

Given that conduction losses increase proportionally with the squared magnitude
of the RMS current, minimizing RMS current is essential for improving overall energy
efficiency [37]. In [28], the authors investigated the correlation between current stress and
RMS current minimization under TPS control and proposed an associated optimization
method. However, the manuscript does not provide a detailed analysis of ZVS, and the rel-
atively low switching frequency raises concerns about the strategy’s effectiveness at higher
frequencies. While studies [33,34] have investigated RMS and efficiency optimization, their
analyses were tailored to specific device configurations and lacked generalized analytical
modulation expressions, limiting their applicability to broader operating conditions. A
global optimal condition (GOC) for minimizing the RMS current across the entire power
range was proposed, but ZVS performance was not considered in the analysis [35]. How-
ever, it neglected the evaluation of ZVS characteristics. To address RMS current, another
approach grounded in fundamental harmonic analysis was proposed, yet ZVS could not
be achieved by two switches under moderate and low load levels [37]. Moreover, under
light-load conditions, none of the six switches achieved ZVS [16,30,35]. In [29], the authors
propose a method that dynamically sets the ZVS current threshold to achieve ZVS for
power switches while maintaining a low inductor current. However, under low-power
conditions with high output voltage, ZVS can be achieved for only two switches, and under
medium-power conditions, ZVS is limited to six switches. To improve ZVS operation
and attain high efficiency across the full-load range, nonlinear modeling techniques were
utilized to more accurately capture the switching behavior [42]. Nevertheless, these meth-
ods typically depend on offline lookup tables, which are unsuitable for real-time control
and impose substantial computational requirements, thereby limiting their feasibility in
practical implementations [33,34,42].
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To address the limitations identified in prior studies, this paper proposes a symmet-
ric optimization strategy based on triple-phase shift for DAB converters (SOS-TPS). The
proposed methodology is designed to ensure full-range ZVS and reduced RMS current
while maintaining high efficiency under diverse operating scenarios. First, among the eight
operating modes capable of forward power transfer, three are selected for further analysis
based on their optimization potential. Using the Karush–Kuhn–Tucker (KKT) conditions
and the Lagrange multiplier method (LMM), the optimal combination of control variables
is derived for minimizing the RMS current in the forward buck mode under low- and
medium-power conditions. To facilitate full-switch ZVS at low power, a modulation factor
λ is introduced, balancing soft-switching and current stress. For high-power operation,
the strategy transitions to conventional SPS modulation, which inherently satisfies ZVS
and maintains low RMS current. Second, exploiting the structural symmetry of the DAB
topology, the proposed approach reveals a key modulation feature: once the analytical
framework is established for the forward buck mode, the corresponding control law for the
forward boost mode can be directly obtained via variable transformation, eliminating the
need for repetitive derivation. Third, most existing modulation strategies are only effective
under specific operating conditions and tend to fail when the voltage conversion ratio be-
tween the input and output varies significantly. In contrast, the proposed SOS-TPS strategy
remains applicable across the full-load range and large voltage conversion ratios, main-
taining both low RMS current and full-switch ZVS as its optimization objectives. Fourth,
due to its closed-form analytical expressions, the proposed modulation strategy supports
real-time computation and exhibits high portability, making it more suitable for practical
engineering implementation. Finally, the proposed SOS-TPS strategy is experimentally
verified to demonstrate its correctness and practical effectiveness.

2. Analysis Modeling and Operational Analysis of DAB Converters
2.1. Operational Mechanism of DAB Converters

As illustrated in Figure 1, the DAB converter comprises two full-bridge (FB) stages,
FB1 and FB2, interconnected through a high-frequency transformer with a turns ratio of n:1.
The voltage conversion ratio is expressed as k = V1/(nV2), where k > 1 indicates operation in
buck mode, and k < 1 corresponds to boost mode. Given the inherent structural symmetry
of the DAB converter, the control strategies optimized for k > 1 and k < 1 are expected to
exhibit corresponding symmetrical characteristics when V1 remains constant.

Figure 1. Topology of the DAB converter.

Figure 2 presents the representative waveforms of a DAB converter operating under
the TPS modulation scheme. In this context, D1 and D2 denote the duty cycles of the
voltage waveforms on the primary and secondary sides, respectively, while Φ signifies the
phase shift between their waveform centers. These three modulation parameters—D1, D2,
and Φ—are collectively defined as the Dcontrol and are restricted to the interval [0, 1]. The
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switching period is represented by Ts, with its associated frequency f s, and the half-period
is defined as Ths = Ts/2. The inductor current, along with the voltages v1 and v2, exhibit
waveform variations dependent on D1, D2, and Φ, which subsequently affect both the RMS
value of the leakage inductor current and the average power transferred from the primary
to the secondary side.
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Figure 2. Triple phase-shift modulation waveforms of a DAB.

2.2. Classification and Selection of TPS Modes in DAB Converters

Depending on the specific combination of D1, D2, and Φ, a DAB converter can oper-
ate in eight distinct modulation modes under the TPS control scheme. Figure 3 depicts
the representative voltage and current waveforms for each TPS mode. As presented in
Section 2.3 of [43], the normalized transmitted power expressions, operating ranges, and
mode constraints for each modulation mode can be obtained, along with the normalized
inductor current values at each switching instant for modes D, F, and G.
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Figure 3. Typical voltage and current waveforms under eight TPS modulation modes. (a) Mode A.
(b) Mode B. (c) Mode C. (d) Mode D. (e) Mode E. (f) Mode F. (g) Mode G. (h) Mode H.
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This study focuses on optimizing forward power transfer of the DAB converter under
both buck and boost conditions. Based on Figure 3, the normalized inductor currents
for each modulation mode, and Equation (1), the actual RMS inductor current Irms is
computed. To facilitate further analysis, the square of the RMS current is normalized using
Equation (2), and the normalized RMS current Inrms

2 for each modes are summarized in
Table 1.

Table 1. Normalized root mean square current values for modes D, F, and G.

Mode Normalized Root Mean Square Current Values

D
3D2

2 − 2D3
2 + 4k − 6D1k + 3D2

1k − 6D2k + 3D2
2k + 3D2

1k2 − 2D3
1k2

−12kΦ + 12D1kΦ − 6D2
1kΦ + 12D2kΦ − 6D2

2kΦ + 12kΦ2 − 8kΦ3

F 3D2
2 − 2D3

2 + D3
1k − 6D1D2k + 3D1D2

2k − 2D3
1k2 + 12D1kΦ2

G 3D2
2 − 2D2

3 − 6D1D2k + 3D1
2D2k + D2

3k + 3D1
2k2 − 2D1

3k2 + 12D2kΦ2

2.3. Symmetry of DAB Converters

Taking mode D as an example, the DAB converter operates under condition a. By
interchanging the primary and secondary DC voltages, as well as the duty cycles of the
AC voltages on both sides while keeping the phase shift Φ unchanged, b is obtained. The
normalized transferred power of the DAB converter depends solely on the Dcontrol vector;
thus, pa = pb. As shown in Figure 4, the waveforms of a and b are symmetric with respect to
the red axis. The current values at the same time instants tx (x = 0, 1, 2, 3, 4) are identical,
indicating that the actual normalized root mean square current values under operating
conditions a and b are equal, as also supported by Equation (2).

Inrms(a)
2 = Inrms(b)

2 (3)

t1 t3t2 t4t0 t0t4 t2t3 t1

Vx
Vy

Vx

Vy

D1Ths

D2Ths D2Ths

D1Ths

ΦThs ΦThs

Case A Case B

Figure 4. Operating waveforms under operating conditions a and b.

Generalizing this symmetry, consider the DAB converter operating under condition c
in mode D (Table 2), where V1 = Vm and V2 = Vn, with Vm/Vn maintained as 1/k. The
ratio of the normalized RMS current values of operating conditions a and c can be derived
as follows:

Inrms(a)
2

Inrms(c)
2 = k2 (4)
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Table 2. Circuit parameters under three operating conditions.

Operating Conditions V1 V2
Duty Cycles of the Primary

Voltage Waveforms
Duty Cycles of the Secondary-Side

Voltage Waveforms

a Vx Vy D1 D2

b Vy Vx D2 D1

c Vm Vn D2 D1

It is demonstrated that interchanging the DC voltages on the primary and secondary
sides, swapping the duty cycles of the transformer AC voltages, and maintaining the phase
shift ensures the same normalized power transfer. Moreover, the variation trends of the
normalized RMS current with respect to normalized power are consistent across both cases.
Based on this, the optimization strategy for forward buck mode can be directly extended to
the forward boost case simply by swapping D1 and D2 and replacing k with 1/k.

For mode F, let the control vector take configuration a, where D1, D2, and Φ satisfy
the constraints of the mode. Its symmetric counterpart operates under b, which essentially
corresponds to mode G. The original and symmetric configurations show similar trends in
the normalized RMS current variation, with respect to transferred power.

3. Principle of Proposed SOS-TPS
In the forward buck power transfer mode, the optimization problems for modes F and

D are formulated with the RMS current as the objective, subject to mode-specific constraints.
First, the optimal control trajectory is obtained by minimizing the RMS current using the
Karush–Kuhn–Tucker (KKT) conditions and the Lagrange multiplier method (LMM). Then,
the switching current is analyzed to validate or refine the ZVS conditions, leading to the
final optimized operating trajectory.

3.1. Modulation Strategy in the Low-Power Range When k > 1

Under light-load conditions in buck mode, the DAB converter operates optimally in
mode F. To characterize the relationship among normalized RMS current, normalized trans-
mitted power, and duty cycle boundaries, a Lagrange function is constructed as follows:

Lf = 3D2
2 − 2D3

2 + D3
1k − 6D1D2k + 3D1D2

2k − 2D3
1k2 + 12D1kΦ2 + λ(4D1Φ − p) + µ1

(
Φ − D1 − D2

2

)
(5)

Here, λ serves as the Lagrange multiplier associated with the equality constraint, while
µ1 corresponds to the multiplier for the inequality constraint. By computing the partial
derivatives of the Lagrange function Lf, the following expressions are derived:





∂Lf
∂D1

= 0, ∂Lf
∂D2

= 0, ∂Lf
∂Φ = 0

λ ̸= 0, µ1 ≥ 0

4D1Φ − p = 0

µ1

(
Φ − D1−D2

2

)
= 0

Φ − D1−D2
2 ≤ 0

k > 1

(6)
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By solving (6), the optimal Dcontrol can be written as:





D1 =
√

p
2(k−1)

D2 = k
√

p
2(k−1)

Φ = 1
2

√
(k−1)p

2

(7)

It can be concluded that, for any specified normalized power p and voltage conversion
ratio k, there exists a feasible combination of duty cycles D1, D2, and Φ that satisfies the op-
erational constraints. The mathematical relationship among these variables is expressed as:

{
Φ = 1

2 (D2 − D1)

D2 = kD1
(8)

According to (7), switches S3–S8 fail to achieve ZVS. To address this, a small amount
of reactive power is introduced. For mode F, it is always true that iL(t2) > iL(t3); therefore,
enforcing iL(t2) + iL(t3) = 0 not only ensures the required polarity for ZVS at t2 and t3

but also provides sufficient magnitude to completely discharge the SiC MOSFETs junc-
tion capacitance. Based on the condition iL(t2) + iL(t3) = 0, the following expression can
be derived:

Φ = (k − 1
2
)D1 −

1
2

D2 (9)

According to (9) and the constraints of mode F, it can be deduced that k D1 < D2 < 1.
To control the amplitude of iLn(t2), a modulation factor λ is introduced such that 0 < λ < 1
and D2 = λ + kD1 (1 − λ). Thus, the normalized current iLn(t2) can be rewritten as:

iLn(t2) = λ(1 − kD1) (10)

The value of λ affects both iLn(t2) and Inrms
2. Figure 5a,b illustrate the relationships

between the normalized transferred power p and the normalized RMS current Inrms
2, as

well as those between p and the normalized current stress iLn(t2), respectively, for λ = 0.1,
0.3, 0.5, and 0.7. As shown in Figure 5, for a given transferred power, both Inrms

2 and iLn(t2)
increase with increasing λ. In practice, a larger iLn(t2) facilitates the realization of ZVS but
leads to a higher Inrms

2. Therefore, a trade-off in selecting λ is necessary. In this study,
λ = 0.5 is adopted.
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The normalized transferred power range of mode F is [0, 2(k − 1)/k2]. The final
optimal Dcontrol for mode F is given by:





D1 =

√
1−8p+12kp+1

2(3k−2)

D2 = 1
2 (1 + D1k)

Φ = 1
4 (−1 + (−2 + 3k)D1)

(11)

3.2. Modulation Strategy in Medium-Power Range When k > 1

In the buck mode operation of the DAB converter, mode D is selected as the optimal
solution. The Lagrange function is formulated to describe the relationship between the
normalized RMS current Inrms

2, normalized transmitted power p, and duty cycle constraints
within the selected switching mode as follows:

Lf = 3D2
2 − 2D2

3 + 4k − 6D1k + 3D1
2k − 6D2k + 3D2

2k

+ 3D1
2k2 − 2D1

3k2 − 12kΦ + 12D1kΦ − 6D1
2kΦ + 12D2kΦ − 6D2

2kΦ + 12kΦ2 − 8kΦ3

+ λ
(

1 − (1 − D1)
2 − (1 − D2)

2 − (1 − 2Φ)2 − p
)
+ µ1

(
1 − D1+D2

2 − Φ
)
+ µ2

(
Φ −

(
D1+D2

2

)) (12)

Here, λ represents the weight of the equality constraint, while µ1 and µ2 denote the
weights of the inequality constraints. By taking the partial derivative of the Lagrange
function Lf, the following results can be obtained:





∂Lf
∂D1

= 0, ∂Lf
∂D2

= 0, ∂Lf
∂Φ = 0

λ ̸= 0, µ1, µ2 ≥ 0

1 − (1 − D1)
2 − (1 − D2)

2 − (1 − 2Φ)2 − p = 0

µ1

(
1 − D1+D2

2 − Φ
)
= 0

µ2

(
Φ −

(
D1+D2

2

))
= 0

k > 1

(13)

By jointly analyzing (12) and (13), the optimal combination is determined as follows:

{
D1 = (1 − k + 2kΦ) +

√
(k2 + 1)(1 − 2Φ)2 − 2k(1 − 2Φ) + 1

D2 = 1
(14)

When the voltage conversion ratio k > 1, mode D inherently satisfies the current
conditions iL(t0) > 0 and iL(t2) < iL(t3) throughout its operation. Therefore, the full ZVS
conditions for mode D are designated as iL(t1) < 0 and iL(t2) > 0. By incorporating the ZVS
constraints and mode boundary conditions for mode D, the following relation is derived:





Φ > 1
2 (2 − D1 − D1k) iLn(t1) < 0

Φ > −D2+2k−D2k
2k iLn(t2) > 0

1−D1
2 < Φ < 1+D1

2

p = 1 − (1 − D1)
2 − (1 − 2Φ)2

(15)

Based on (14), a functional relationship among the normalized transferred power
p, duty cycle D1, and phase shift Φ in mode D can be established. Taking k = 1.5 as an
example, the three-dimensional surface and its two-dimensional projection are depicted in
Figure 6. Additionally, as shown in Figure 6, the feasible region of the control variables (D1,
Φ) is bounded by the quadrilateral DCIH. The optimal control trajectory remains within
this region and gradually approaches the red zone as the transferred power increases. The
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optimal control trajectory lies entirely within this region and gradually approaches the red
area as power increases. According to (14) and (15), the normalized power range for mode
D is given by [2(k − 1)/k2, 2(1 − k2 + k(k2 − 1)1/2)], point L corresponds to the minimum
normalized transmitted power pL = 2(k − 1)/k2, while point M represents the maximum,
given by pM= 2(1 − k2 + k(k2 − 1)1/2).

 
(a) (b) 

Figure 6. Optimized operating path in the medium region for k > 1. (a) Three-dimensional visualiza-
tion of the optimized path. (b) Two-dimensional projection of the optimized path.

The above analysis confirms that for k = 1.5, the optimal trajectory of mode D remains
within its ZVS constraints and feasible operating domain. To further investigate the
applicability of this trajectory for other k > 1 conditions, the polarity relationship between
iLn(t1) and iLn(t2) under different values of k and normalized power p is analyzed based on
mode D constraints and Equation (14), as shown in Figure 7.

  
(a) (b) 

Figure 7. Variation of iLn(t1) and iLn(t2) with respect to D1, Φ and k. (a) iLn(t1). (b) iLn(t2).

Figure 7 illustrates the feasible solution space of the D1 − Φ domain that satisfies both
the mode D operational constraints and the condition given in Equation (13). As shown
in the 3D color maps, the conditions iLn(t1) < 0 and iLn(t2) > 0 are consistently satisfied,
indicating that the derived optimal trajectory enables ZVS for all switches. It is evident
from Figure 7a,b that this polarity relation holds within the range of 1 < k < 4. In fact,
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by combining Equation (14) with the mode D operational constraints, it can be generally
proven that the optimal trajectory ensures full-switch ZVS for any k > 1.

3.3. Modulation Strategy in the High-Power Range When k > 1

Under high-power conditions, the DAB converter operates with conventional single-
phase shift (SPS) modulation, and the control variable combination is defined as follows:

{
D1 = 1
D2 = 1

(16)

Figure 8 illustrates the variation in control parameters D1, D2, and Φ with respect to
the normalized transmitted power p. When 0 < p < 2(k − 1)/k2, the converter operates in
mode F, and all three parameters (D1, D2, and Φ) increase monotonically with p. At
p = 2(k − 1)/k2, D2 reaches one and remains constant thereafter. As p increases fur-
ther within the range 2(k − 1)/k2 < p < 2(1 − k2 + k(k2 − 1)1/2), the system transitions
into mode D, where D2 and Φ continue to increase. When p = 2(1 − k2 + k(k2 − 1)1/2),
D1 reaches one and the control scheme evolves into SPS modulation, with the transmit-
ted power solely increasing with Φ. Throughout the entire process, variations in D1,
D2, and Φ are continuous without abrupt changes, ensuring smooth transitions between
operating modes.
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Figure 8. Variation in D1, D2, and Φ with normalized transmission power p.

3.4. Synopsis of the SOS-TPS Strategy for DAB Converters

As concluded in Section 2.3, the modulation strategy for the forward boost mode
can be systematically derived from its buck-mode counterpart by exploiting the inherent
structural symmetry of the DAB converter. A summary of the derived results is provided
in Table 3.
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4. Comparative Analysis of ZVS Range and RMS Current in
Existing Schemes

Due to the intrinsic symmetry of the DAB converter, the buck and boost modes exhibit
similar characteristics under forward power transfer. Therefore, this section provides a
comparative analysis of the ZVS range and RMS current performance in buck mode for the
SPS [12], GOC [35], UOMS [32] and the proposed SOS-TPS modulation strategies.

4.1. ZVS Range

Figure 9 depicts the two-dimensional operating regions of normalized power p versus
the voltage conversion ratio k under SPS, GOC, and UOMS modulation strategies. The
green curve marks the transition boundary between partial and full ZVS under SPS modu-
lation. Full-switch ZVS is only achievable when p lies above the curve; in the low-power
region, only four switches can achieve ZVS.
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Figure 9. ZVS region mapping of various modulation strategies.

The blue and red curves jointly define the power regions under GOC modulation.
Although the area below the blue curve achieves RMS current minimization, all six switches
operate in ZCS, leading to significant turn-on losses under high-frequency conditions, thus
limiting efficiency improvement.

The blue and magenta curves define the power regions of the UOMS modulation
strategy. Experimental validation on a prototype with k = 1.4668 (operating along line
GH) demonstrates that full-switch ZVS can be achieved across the entire load range while
maintaining a low RMS current. However, theoretical analysis indicates that when k > 2.52,
the DAB converter should transition to SPS in the high-power region. Since SPS cannot
achieve full-switch ZVS in region DEF, the applicability of the UOMS modulation strategy
is limited to k < kD.

Here, the blue curve defines the low-power boundary. Using the SOS-TPS modulation
strategy, full-switch ZVS is achieved in the low-power region while maintaining a low
RMS current. In the medium-power region below the red curve, the proposed strategy
preserves the RMS current minimization characteristics. For the high-power region, the
control naturally transitions to SPS modulation. Overall, the proposed method theoretically
enables full-switch ZVS and low RMS current across the entire load range for any k > 1,
overcoming the efficiency and applicability limitations of existing modulation strategies.
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4.2. RMS Current

A comparative evaluation of the SPS, GOC, Unified, and proposed SOS-TPS modula-
tion strategies is conducted under identical operating conditions to verify the efficiency
improvement achieved by the proposed method. In this section, the RMS current is calcu-
lated using MATLAB R2020a based on the parameters listed in Table 4.

Table 4. Design specifications of the DAB converter experimental platform.

Items Specifications

Operating Condition Configuration
Input port: V1 = 80 V

Output port: V2 = 26.66 V, 53.33 V, 120 V, 240 V

Switching Frequency Fs = 40 kHz

Switches S1–S8: C3M0075120K
VDSS = 1200 V, ID = 32 A, Rds(on) = 75 mΩ, Coss = 58 pF

Inductor Inductance: 25.5 µH

Transformer Turns Ratio n = 1

Controller TMS320F28335

Filter Capacitor C1 = C2 = 600 µF

Figure 10 illustrates the variation in the normalized RMS current Inrms
2 with respect

to the normalized transferred power p. In the range 0 < p < 0.3, the Inrms
2 values of the

SOS-TPS and Unified strategies are slightly higher than that of GOC, primarily due to the
introduction of a small amount of reactive power to achieve full-switch ZVS. However, both
are significantly lower than that of SPS, which maintains a relatively high Inrms

2 throughout
the range 0 < p < 0.65. In the range 0.65 < p < 0.75, all four strategies yield comparable RMS
current levels. Between 0.75 < p < 0.96, the Unified scheme exhibits a noticeably higher
Inrms

2 than the other three, which remain nearly identical. At p = 0.96, the UOMS transitions
to SPS. For 0.96 < p < 1, all four strategies converge to the same RMS current level as they
operate in the SPS mode.
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Figure 10. Normalized RMS current Inrms
2 versus normalized transferred power p. (a) 0 < p < 0.5.

(b) 0.5 < p < 1.
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5. Experimental Verification
To validate the feasibility of the proposed control strategy, as illustrated in Figure 11,

an experimental platform based on a DAB converter is established. This section first
presents typical operating waveforms and ZVS performance of the SOS-TPS strategy
under both buck and boost modes across different power levels. Then, the applicability
of SOS-TPS under a wide voltage conversion ratio is demonstrated. Finally, the RMS
current and efficiency across the full-power range are compared for SPS, GOC, UOMS,
and the proposed SOS-TPS under the forward buck operating mode. According to the
aforementioned symmetry characteristics, the DAB converter exhibits similar trends in
RMS current and efficiency under the forward boost mode.

Figure 11. Experimental setup of the DAB platform.

5.1. Experimental Verification with k > 1

Figures 12–14 illustrate the experimental waveforms of the proposed SOS-TPS mod-
ulation strategy with a voltage conversion ratio of k = 1.5 (V1 = 80 V, V2 = 53.33 V). The
results demonstrate a high degree of consistency between the measured transformer voltage
and inductor current waveforms and the theoretical predictions when the DAB converter
operates in mode F at 78 W, mode D at 392 W, and SPS modulation at 470 W.

   
(a) (b) (c) 

Figure 12. Experimental waveforms at low power (78 W) using SOS-TPS (V1 = 80 V, V2 = 53.33 V).
(a) The waveforms of the voltages and current during operation. (b) Switching waveforms of S1 and
S3. (c) Switching waveforms of S5 and S7.
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(a) (b) (c) 

Figure 13. Experimental waveforms at medium power (392 W) using SOS-TPS (V1 = 80 V,
V2 = 53.33 V). (a) The waveforms of the voltages and current during operation. (b) Switching
waveforms of S1 and S3. (c) Switching waveforms of S5 and S7.

   
(a) (b) (c) 

Figure 14. Experimental waveforms at high power (470 W) using SOS-TPS (V1 = 80 V, V2 = 53.33 V).
(a) The waveforms of the voltages and current during operation. (b) Switching waveforms of S1 and
S3. (c) Switching waveforms of S5 and S7.

Figure 15 presents the experimental waveform of the proposed SOS-TPS modulation
strategy with a voltage conversion ratio of k = 3 (V1 = 80 V, V2 = 26.66 V). When operating
in mode D at an output power of 221 W, the DAB converter demonstrates successful ZVS
across all switches. These results confirm that the SOS-TPS modulation strategy maintains
full-switch ZVS capability even under high voltage conversion ratio conditions.

Figure 15. Experimental waveforms at medium power (221 W) using SOS-TPS (V1 = 80 V,
V2 = 26.66 V).

5.2. Experimental Verification with k < 1

The experimental waveforms of the proposed SOS-TPS modulation strategy with a
voltage conversion ratio of k = 0.667 (V1 = 80 V, V2 = 120 V) are shown in Figure 16. The
results demonstrate that when the converter operates in mode G with an output power of
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176 W, mode D with 823 W, and in SPS mode with 1058 W, the transformer voltage and
inductor current waveforms closely match the theoretical analysis. Moreover, all switches
of the DAB converter successfully achieve ZVS.

   
(a) (b) (c) 

Figure 16. Experimental waveforms using SOS-TPS (V1 = 80 V, V2 = 120 V). (a) Mode G (176 W).
(b) Mode D (823 W). (c) SPS (1058 W).

The experimental waveforms of the proposed SOS-TPS modulation strategy with a
voltage conversion ratio of k = 1/3 (V1 = 80 V, V2 = 240 V) are shown in Figure 17. When
the DAB converter operates in mode D with an output power of 2000 W, all switches
successfully achieve ZVS, validating the capability of the SOS-TPS strategy to realize
full-switch ZVS even under low-k conditions.

 
Figure 17. Experimental waveforms at medium power (2000 W) using SOS-TPS (V1 = 80 V,
V2 = 240 V).

5.3. RMS Current and Efficiency

As illustrated in Figure 18a, the RMS current increases with output power p, exhibiting
good agreement with the theoretical analysis. Figure 18b presents the measured efficiency
across different output power levels. In the low-power region, UOMS and SOS-TPS achieve
noticeably higher efficiency compared to GOC and SPS, with GOC slightly outperforming
SPS, consistent with theoretical predictions. In the medium-power region, UOMS, GOC,
and SOS-TPS maintain marginally higher efficiency than SPS. However, due to the relatively
higher RMS current, the efficiency of UOMS slightly decreases in the medium-to-high
power range. Near full-load, all strategies converge to SPS modulation, resulting in
nearly identical efficiency. In summary, the proposed SOS-TPS enables full-range ZVS
and a consistently low RMS current, thereby achieving high efficiency across the entire
load range.
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Figure 18. RMS current and efficiency versus output power p. (a) RMS current versus output power p.
(b) Efficiency versus output power p.

6. Conclusions
To address the efficiency limitations of traditional triple-phase shift (TPS) control

with ultra-wide voltage conversion ratios and full-load conditions, a symmetric optimized
strategy for TPS (SOS-TPS) is proposed based on the structural symmetry of the dual-active
bridge (DAB) topology. By employing the Karush–Kuhn–Tucker (KKT) conditions and the
Lagrange multiplier method, optimal control trajectories are derived for different power
regions: in the low-power region, a modulation factor is introduced to achieve both a low
RMS current and full-switch ZVS; in the medium-power region, RMS current minimization
is adopted, inherently ensuring ZVS; and in the high-power region, the control naturally
transitions to single phase-shift (SPS) modulation while maintaining full-switch ZVS and
a low RMS current. Leveraging the intrinsic symmetry of the DAB converter, the control
strategy for the forward boost mode can be directly obtained from the buck mode via
duty ratio and voltage ratio mapping without additional analysis. Compared to existing
modulation schemes, SOS-TPS enables full-switch ZVS and a low RMS current across a
wider voltage conversion range and full-load conditions. By jointly optimizing switching
and conduction losses, the proposed strategy ensures high efficiency throughout the entire
operating range, offering an effective solution for enhancing the performance of high-
power-density power electronic systems.
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Abbreviations
The following abbreviations are used in this manuscript:

DAB Dual-active bridge (converter)
TPS Triple-phase shift modulation
SOS-TPS Symmetric optimization strategy based on triple-phase shift
RMS Root mean square
ZVS Zero-voltage switching
KKT Karush–Kuhn–Tucker (conditions)
LMM Lagrange multiplier method
SPS Single-phase shift modulation
DPS Dual-phase shift modulation
EPS Extended-phase shift modulation
DOFs Degree of freedoms
WBG Wide bandgap
EMC Electromagnetic compatibility
UOMS Unified optimal modulation strategy
GOC Global optimal condition
RL Reinforcement learning
ANN Artificial neural network
AI Artificial intelligence
PSO Particle swarm optimization
FIS Fuzzy inference system
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