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Editorial

Ultra-Low-Power ICs for the Internet of Things (2nd Edition)

Orazio Aiello

Department of Electrical, Electronics and Telecommunication Engineering and Naval Architecture (DITEN),
University of Genoa, 16100 Genova, Italy; orazio.aiello@unige.it

After the success of the first edition [1], we are delighted to launch this second edition
of our Special Issue focusing on Ultra-Low-Power (ULP) Integrated Circuits (ICs) operating
within a tight power budget, which represent an essential element in building electronic
devices that rely less and less on batteries. Our aim is, once again, to present novel IC
design strategies to reduce the cost and power consumption of devices.

In this Special Issue, Tran et al., Pham et al., and Namdari et al. (Contributions 1–3)
discuss IC solutions for biomedical applications. In particular, two capacitively coupled
chopper instrumentation amplifiers (CCIAs) are presented as part of a 180 nm technology
process for monitoring neural potentials. Tran et al. present a chopping ripple reduction
to 0.36 mV, with an overall area of 0.123 mm2 and a power consumption of 1.87 μW at a
supply voltage of 1 V. Pham et al. show a programmable bandwidth from 0.2 to 10 kHz
in an area of 0.083 mm2 and an overall power consumption of 0.47 μW with two supply
voltages at 0.2 V and 0.8 V.

A compact, universal, multi-mode Gm-C filter centered at 462 Hz using a 180 nn, with
a supply voltage of 0.5 V, resulting in a power consumption of 32 nW, is reported in the
work by Namdari et al. (Contribution 3). The work by Nicolini et al. (Contribution 4)
presents a 16-channel in-pixel neural analog front end, enhancing both the system common-
mode rejection ratio (SCMRR) and the common-mode interference (CMI) range with a
power consumption of 3.77 μW per channel in 180 nm technology nodes.

This Special Issue then addresses general-purpose IC blocks (i.e., Contributions 5–8).
Wang et al. (Contribution 5) design a novel low-power MOS-only voltage reference,

showing 21.7 ppm/◦C of variation in a temperature range from −40 ◦C to 120 ◦C, consum-
ing 23.2 nW with a supply voltage of 0.8 V in 55nm technology nodes.

Morell et al. (Contribution 6) propose a novel, stepwise charging driver circuit
for four-phase adiabatic logic and validate it through an analysis in 15 nm FinFET
technology nodes.

The work by Shah et al. (Contribution 7) describes a bulk-driven second-generation
Current Conveyor (CCII) operating at 0.35 V, offering a linear current drive up to 2.5 μA,
while consuming a total quiescent current of 2.86 μA.

Della Sala et al. (Contribution 8) report an approach to designing digital-based
operational transconductance amplifiers (OTAs) by ensuring that the gates operate with
a well-defined quiescent current and output voltage, meaning that they are resistant to
PVT variations.

Regarding security applications, in their article, Zheng et al. (Contribution 9) propose an
8-Transistor (8T) power-gated Physically Unclonable Function (PUF) implemented in 65 nm
technology, built to swiftly eliminate data remanence and maximize physical mismatch.

Among the faster and thus more power-hungry solutions, Naveed et al. (Contri-
bution 10) present a multiplier and Siddiqui et al. (Contribution 11) present a VCO.
Contribution 10 reports a delay-locked loop (DLL)-based frequency 8× multiplier with

J. Low Power Electron. Appl. 2025, 15, 59 https://doi.org/10.3390/jlpea15040059
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a 22 nm FDSOI power consumption of 130 μW at 0.8 V supply with a new simple duty
cycle correction circuit that is XOR logic-based for frequency multiplication. In Con-
tribution 11, a tunable quadrature differential LC CMOS voltage-controlled oscillator
(VCO) with a D flip-flop (DFF) frequency divider, consuming 2.02 mW with a tuning
range of 4.4 to 5.7 GHz and showing a phase noise of −118.36 dBc/Hz at a 1 MHz offset
frequency with a 1.2 V supply voltage, is designed through a 65 nm technology process.

Last, but not least, Baker et al. (Contribution 12) review advancements in wireless
short-range communication (i.e., Bluetooth, RFID, and NFC), adding further value to this
second Special Issue volume.

In summary, these research publications explore a wide array of prospects in-
spired by these innovative designing techniques, covering a broad range of areas in the
ULP/ULV IC field.
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Abstract: Chopper and capacitively coupled techniques are employed in instrumentation amplifiers
to create capacitively coupled chopper instrumentation amplifiers (CCIAs) that obtain a high noise
power efficiency. However, the CCIA has some disadvantages due to the chopper technique, namely
chopper ripple and a low input impedance. The amplifier can easily saturate due to the chopper
ripple of the CCIA, especially in extremely low noise problems. Therefore, ripple attenuation is
required when designing CCIAs. To record biomedical information, a CCIA with a low power
consumption and a low noise, low output ripple, and high input impedance (Zin) is presented in
this paper. By introducing a ripple attenuation loop (RAL) including the chopping offset amplifier
and a low pass filter, the chopping ripple can be reduced to 0.36 mV. To increase the Zin of the
CCIA up to 1.8 GΩ, an impedance boost loop (IBL) is added. By using 180 nm CMOS technology,
the 0.123 mm2 CCIA consumes 1.87 μW at a supply voltage of 1 V. According to the simulation
results using Cadance, the proposed CCIA architecture achieves a noise floor of 136 nV/

√
Hz, an

input-referred noise (IRN) of 2.16 μVrms, a closed-loop gain of 40 dB, a power supply rejection ratio
(PSRR) of 108.6 dB, and a common-mode rejection ratio (CMRR) of 118.7 dB. The proposed CCIA is a
helpful method for monitoring neural potentials.

Keywords: low power; chopper amplifier; ripple attenuation; input impedance

1. Introduction

Wireless biomedical sensors (WBSs) are increasingly used to track our daily activities
in order to detect cardiovascular diseases at an early stage [1–4]. Monitoring human biopo-
tential requires the use of low-power sensors deployed in wearable or implantable systems.
Researchers are currently developing brain–computer interfaces for numerous applications
such as long-term monitoring, sports, rehabilitation, mobile monitoring, and improving the
quality of life of patients [5,6]. WBSs typically use an instrumentation amplifier (IA) with
low power consumption and low noise to connect with many types of biological sensors.
The electrocardiograms (ECGs) of the heart and the electroencephalograms (EEGs) of the
brain are examples of these biopotential signals. Neuroscience research and therapy can
benefit from the use of biomarkers such as action potentials (APs) and local field potentials
(LFPs) [7–9]. Biopotential signals often have an extremely small amplitude. For example,
the amplitude range of an EEG is from 10 to 100 μV and that of an ECG is about 1 mV.
The frequency range of the biopotential signals is 0.5–150 Hz [7,8]. The amplitude of the
AP and LFP signals is about 100 μV to 1 mV, with a frequency range of 0.2 to 10 kHz for
APs, and 1 to 200 Hz for LFPs [9]. Consequently, before signal processing is applied, these

J. Low Power Electron. Appl. 2024, 14, 37. https://doi.org/10.3390/jlpea14030037 https://www.mdpi.com/journal/jlpea
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neural signals need to be amplified. A wearable biomedical sensor, constructed as shown
in Figure 1, provides these neurological signals.

Analog Front-End

V
Z

 
Figure 1. System architecture of a typical wireless sensor biomedical system.

The first stage measures the amplitude of the small bio signal with a dry or wet
electrode. An analog front-end, consisting of an IA at the first stage, a variable gain
amplifier (VGA) at the middle stage, and an analog-to-digital converter (ADC) at the last
stage, processes the neural signal in the second stage before it is transmitted by RF. The
preamplifier of the analog front-end must obtain a high input impedance (Zin) to reduce
the DC input current that could cause tissue damage [8]. The IA must likewise demonstrate
a low power, low noise, high-power supply rejection ratio (PSRR), and common-mode
rejection ratio (CMRR) to eliminate noise from the power line and environmental factor,
which may be important in some cases.

The chopping technique is frequently used in IA [10–17] to create an IA with a high
PSRR, CMRR, and noise efficiency. The input capacitance and the switches in the chopper
block generate the switched capacitance resistor, which is inversely proportional to the
chopper frequency. This leads to a limitation of the Zin of the amplifier if there are no
impedance boosting techniques [18]. The ripple appears as a triangular wave affecting the
quality of the signal of interest caused by a modulated intrinsic offset [19–21]. Furthermore,
for long-term battery life suitable for WBS applications, the power consumption of the
IC must be as small as possible, and the noise must also be low so as not to affect the
signal quality at the output of the IC. Although a number of biomedical amplifiers with
low power consumption have been published, it has not yet been possible to improve the
output ripple or Zin. For example, in 2020, the chopper amplifier in [22] consumed 3.24 μW
at a 1.8 voltage supply, the Zin just reached 440 MΩ, while the ripple suppression technique
used an AC coupling capacitor, which caused this design to be affected by the noise
folding [19]. In 2021, the current-reuse instrumentation amplifier [23] dissipated 5.94 μW
at a voltage supply of 1.8 V to achieve a Zin of 2.6 GΩ without any ripple suppression
approaches. In 2024, although the amplifier [24] consumed only 2.47 μW from a 1.5 V
supply, the output ripple and Zin were not improved.

This paper presents a CCIA for biomedical information recording that is characterized
by low noise, high input impedance, low output ripple, and low power consumption. At
1 V, the 0.123 mm2 CCIA, which was simulated using a 180 nm CMOS process, consumes
1.87 μW. According to simulation results, it is shown that the output ripple being reduced
to 0.36 mV is achieved with an RAL being switched on, and the Zin of the CCIA increases
up to 1.8 GΩ when the impedance boost loop (IBL) is active. When both the RAL and IBL
are activated, the proposed CCIA obtains a closed-loop gain of 40 dB, an input referred
noise (IRN) of 1.81 μVrms, a thermal noise of 136 nV/

√
Hz, a common mode rejection ratio

(CMRR) of 118.7 dB, and a power supply rejection ratio (PSRR) of 108.6 dB. Achieving
a noise efficiency factor (NEF) of 6.8 and 7.5 with both RAL and IBL turned off and on,
respectively, demonstrates that the CCIA records biomedical information successfully.
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2. Design

The proposed CCIA for biomedical monitoring applications with a low output ripple
and a high Zin, as shown in Figure 2, consists of the main channel and three auxiliary loops
such as a negative feedback loop (FBL), a ripple attenuation loop (RAL), and an impedance
boosting loop (IBL) in order to solve the main problems of biopotential amplifiers. The
transconductance input stage (Gm1) of the main path is a dual-folded cascode amplifier
(DFC) with a biased current of 1.2 μA. In order to attain a working stability and a high
swing, the Gm3 used a common source (CS) amplifier, combined with a Miller capacitor of
1.5 pF. A bias current of 1.8 μA is used for the channel and global common mode feedback
(CMFB) from a VDD of 1 V. The CCIA has a closed-loop gain of 40 dB, which is defined by
the ratio of the input and negative feedback capacitors. In this design, the input capacitor
Cin1,2 is set at 20 pF and the negative feedback capacitor Cfb1,2 is set at 0.2 pF. The PMOS
pseudo-resistor Rb1,2 is used to bias DFC using the common mode voltage VCM = 0.5 V. The
capacitors (Cin1,2, Cfb1,2, Cm1,2, and CLP1,2) are created using the MIM capacitor technique.

G G

f

G

f

V

V

V VV V V

f f f

V V

V V

VV

V V

V V

f f

Figure 2. The schematic of the proposed CCIA with the spectrum of signal corresponding to
each node.

As shown in Figure 2, the chopper CHI is employed to modulate the bio signal input
Vbio at low frequency (as shown in Figure 2a) up to a signal at f CH = 10 kHz, before reducing
it with a negative feedback loop at the virtual ground. When Vbio,ω is at virtual ground
(as shown in Figure 2b), it can be written as Vbio,ω = Vbio/(1 + βAV), where AV is the
open-loop gain voltage of the CCIA, and β is the factor of the negative feedback loop based
on the ratio of Cfb to Cin. The chopper CHO converts the Vbio,ω to the essential frequency
band after Gm1 has amplified it to produce V1,Oω. Finally, Gm3 amplifies this signal to

6
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generate a bio signal amplification VO,bio at the CCIA’s output (as shown in Figure 2d).
The transfer function of the proposed CCIA can be expressed as follows:

H(s) = −
(

gm1Cin1,2
/
(Cin1,2 + Cfb1,2)Cm1,2

)/(
s + gm1Cfb1,2

/
(Cin1,2 + Cfb1,2)Cm1,2

)
(1)

where gm1 is the transconductance of the first stage; and Cin1,2, Cfb1,2, and Cm1,2 are the
input, negative, and Miller capacitors, respectively. Unfortunately, Gm1 is attached to the
offset voltage VOS1 resulting from the process variation (as shown in Figure 2b). After
this is amplified by Gm1 to create V1,OS at the output of DFC, the V1,OS is also chopped to
the chopper frequency before being integrated by the Miller integrator. This results in a
considerable ripple at the output (as shown in Figure 2d). The amplitude of the output
ripple can be described as follows:

VO,Ripple =
VOS1gm1

2 fCHCm1,2
(2)

where gm1 is the transconductance of the first stage; f CH is the chopping frequency;
and Cm1,2 are the phase margin compensation capacitors. For example, VOS1 = 10 mV,
gm1 = 0.7 μS, f CH = 10 kHz, Cm1,2 = 1.5 pF, and VO,Ripple = 233 mV.

The block diagram of an RAL is also shown in Figure 2. Instead of capturing the signal
at the output, as in the usual approach, the RAL uses a low-pass filter (LPF) to obtain the
signal at the output of the DFC (V1,O = V1,OS + V1,Oω) (as shown in Figure 2c) before the
chopper output CHO. This is because the V1,OS signal is continuously amplified, while
the AC signal V1,Oω is filtered out by the LPF in this case. To ensure that no AC signal
is applied to Gm1b, which has the schemactic shown in next section, the capacitor CLP2 is
added to the output of the RAL, although the LPF has a small low-pass corner controlled by
RLP1,2 and CLP1. After amplifying V1,OS, the signal VO,RAL is connected to Gm1b, creating a
negative feedback loop to compensate for V1,OS (as shown in Figure 2e). This means that
the ripple caused by VOS1 is reduced at the output of the CCIA (as shown in Figure 2f). To
increase the loop gain (LG) of the RAL and achieve a high ripple attenuation factor (RAF),
Gm2 is implemented using a two-stage operational amplifier for low noise and low power
consumption. We assume that VOS2, another inherent offset caused by process variations,
is similarly associated with Gm2. The modulated offset VOS2 also generates the ripple at the
CCIA’s output and has the same effects as VOS1, so it needs to be reduced. The ripple at the
output of the CCIA is mitigated by a DC loop gain’s factor LG(0) of the feedback loop RAL.
The equation to determine LG(s) in the technique proposed in this study is as follows:

LG(s) ∼= gm1bRLP AvGm2 = gm1bRLP
AvGm2,DC

1 + s/ωp
(3)

LG(0) ∼= Gm1RLP AvGm2,DC (4)

where Gm1b is the auxiliary transconductance of the first stage Gm1; and AvGm2,DC and f p
(ωp = 2πf p) are the DC gain and cut-off frequency of the two-stage amplifier Gm2.

In the chopper biopotential amplifier, the input capacitor and the chopper are com-
bined together, creating a switched capacitor resistor. At the completion of a cycle through
the chopper clock f CH, a charge of Q = 2CinVin is delivered [7]. Therefore, Zin can be
determined as Zin = 1/(2Cinf CH). For example, Zin is 2.5 MΩ for biomedical recording
applications when the input capacitor Cin = 20 pF and f CH = 10 kHz. An impedance boost
loop (IBL) with a time diagram, as shown in Figure 3, is used to pre-charge Q to the Cin, as
the Zin must be improved by minimizing the charge Q from the input signal Vin. When
the IBL is connected to Cin, the connection flowing from the input is interrupted and the
Vin is copied by the buffer in IBL and is pre-charged to Cin. Assuming that the pre-charge
current from the buffer is high enough, Cin will be fully charged from IBL; thus, when
Cin is connected to the input after pre-charging, Cin does not require a charge from the
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input signal Vin. This results in the fact that the Zin can be set indefinitely. The Zin can be
represented following the analysis in [7], as follows:

Zin = Z0/(α + exp(− T/τ)) (5)

where Zin is the input impedance, Z0 is the input impedance without any boosting tech-
nique, α is the buffer gain error, T is the pre-charge time, and τ is the actual time constant.

V

G

V

V

V V V V

Figure 3. Schematics of the IBL and time diagram of the CCIA.

3. Circuit Implementation

Figure 4 shows the dual cascode amplifier (Gm1) combining with the RAL block. A
feedback loop is set up comprising Gm1b, a two-stage chopper amplifier, and the RC-LPF
in order to mitigate the output ripple. Figure 4 shows that the input stage consumes a
power of 1.2 μW from a supply voltage of 1 V. The global common mode feedback circuit
(CMFB) [25], which is used and consumed a biased current of 200 nA from 1 V, is employed
to control the DC voltage at the output node of the CCIA. The gates of the transistors M9
and M10 are adjusted using the CMFB circuit (VCMFB) to control the output DC voltage
followed to VCM = VDD/2. The power consumption of 1.4 μW of Gm1 including CMFB
is used.

Figure 4. Schematic of the two-folded cascode opamp Gm1 with table sizing of CMOS transistors.

Figure 5 shows the architecture of the chopper two-stage amplifier integrating with a
common mode feedback circuit (CMFBR) [25] for Gm2. As already mentioned, the inherent
offset VOS2 of Gm2 has the same effect as VOS1; the offset that is also upmodulated creates
the ripple at the output of the CCIA. Consequently, it must be eliminated. In RAL, the
chopper CHR,I is located at the output of the LPF, while the chopper CHR,O is put between
the first and second stage of Gm2. This causes VOS2 to be modulated up to a high frequency
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and then modulated down by the chopper CHO, resulting in an offset voltage in the front
of Gm3. Therefore, VOS2 is considered as an offset at the input of Gm3. Due to the high gain
level of Gm1 (about 80 dB), this offset is insignificant compared to the input. Therefore, its
influence can be neglected. By using a 1 V supply, the first stage of Gm2 consumes 5 nA,
while the second stage of Gm2 is biased to 20 nA for a better swing. The voltage VCMFBR
is generated by the CMFB circuit, which uses a bias current of 5 nA. Therefore, the total
power of the RAL is only 30 nW.

Figure 5. Schematic of the chopper two-stage amplifier with table sizing of CMOS transistors.

The DC gain and the cut-off frequency of Gm2 are decisive factors for determining the
ripple attenuation factor and the bandwidth of the loop gain. The Monte Carlo simulation
(MCS) method is used to study the fluctuation of these parameters across the chip and
the mismatch of the device, including global variation and local mismatch. Figure 6a
and Figure 6b show the value of the DC gain and cut-off frequency of Gm2, respectively.
These distributions were derived from 300 samples of the MCS. The results show a mean
value (MV) of the DC gain of Gm2 of 90.9 dB, with a standard deviation (Std) of 0.167 dB.
Furthermore, the MV of the cut-off frequency is 0.042 Hz with a Std of 0.0044 Hz.

(a) (b) 

Figure 6. Monte Carlo simulation results for (a) DC gain, and (b) cut-off frequency of Gm2.

Figure 7 shows the schematic of the Gmb in the IBL. The MP0 and MP1 in Gmb are
employed to bias and regulate the buffer with the purpose of reducing the impact of process
variation on mismatch devices. The boosted input impedance in IBL can be affected by the
pre-charge time T, the switches sizing of Φ1,2, and the buffer design. Figure 8 shows the
clock generator for controlling the IBL. The pre-charge time T and Clk1,2 are generated by
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dividing the clock signal f CH, which can be converted into a delayed signal by the use of
several MOS capacitors and inverters. Although using a bias current of 700 nA, IBL is only
enabled in 6 μs in each cycle of 100 μs (f CH = 10 kHz); thus, IBL (Gmb) consumes only the
current of 700 nA × 6/100 = 42 nA. The size and number of the MOS capacitor are shown
in Figure 8. The sizing W/L of the switches SW1,2 is set at about 0.5 μm/0.25 μm in order
to minimize the inherent resistance. Furthermore, the pre-charge time T can be altered by
using a two-switch SW1,2 in order to mitigate the effect of process variability. This research
examines the effect of the pre-charge time T and the size of the switches Φ1,2. Lengthening
the pre-charge time T enhances the Zin of the device, while simultaneously amplifying
the noise of the device. The size of switches Φ1,2 in Figure 3 is another factor that affects
the boost in Zin. A small W/L size can result in a substantial voltage loss between these
switches. Figure 9a and Figure 9b show the relationship between the Zin, the input referred
noise, the pre-charge time, and the switch sizing, respectively. As can be seen in Figure 9a,
the Zin improves from 2.5 MΩ to 0.7–1.8 GΩ when IBL is enabled with the pre-charge time
T and is increased from 3 to 6 μs; however, the IRN increases sharply from 1.7 to 2.2 μVrms.
As shown in Figure 9b, when the switches sizing (Width-W) of Φ1,2 increases, the parasitic
capacitors of these switches are also increased. When clock control for the pre-charge phase
is applied to the gate of the CMOS transistor switches, the charge injection noise and clock
feed-through increases [26,27], leading to an increase in the IRN. In this work, when the
width of the switches sizing of Φ1,2 is changed from 1 to 5 μm, the IRN is increased from 1.8
to 2.1 μVrms, while the noise increases from 2.5 to 3.2 μVrms when W of Φ1,2 changes from
6 to 10 μm. According to the simulated results, as shown in Figure 9, in order to optimize
Zin and IRN, the pre-charge time T and the switches sizing Φ1,2 in this design are therefore
set to 6 μs and W/L is set to 5 μm/0.5 μm.

Figure 7. The schematic of the circuit in IBL with table sizing of the CMOS transistors.

Figure 8. Schematic of a signal control generator for IBL.
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(a) (b) 

Figure 9. The relation between input impedance and noise to (a) the pre-charge time, and (b) the
switches sizing.

4. Simulation Results

Figure 10 shows the layout of the proposed CCIA in the 180 nm CMOS process. The
chip area of the CCIA configuration is 0.123 mm2. Table 1 shows the power dissipation of
each block in the CCIA. The total power consumption of the proposed CCIA is 1.87 μW from
a VDD of 1 V. Gm1, Gm2, Gm3, and Gmb consume 1400, 30, 400, and 40 nW, corresponding to
74.8%, 1.6%, 21.36%, and 2.24% of the total power consumption, respectively. According to
the post-simulation results, it is shown that Figure 11 shows the simulated results of the
CCIA’s transfer function—(a) transient; (b) MCs. The CCIA’s Av is 40 dB. The MCS results
present that the MV of the closed-loop CCIA gain at 300 samples is 38.9 dB, with a Std of
0.28 dB. Figure 12 shows the MCS results for PSRR and CMRR after running 300 samples.
At the 1 V supply, the MV of PSRR and CMRR are 108.6 and 118.7 dB with Stds of 23.7 and
24.4 dB, respectively.

C C

G G G

Figure 10. The layout of the proposed CCIA.

During the simulation, the input of the CCIA is configured so that it is short-circuited
in order to test the output spectrum. Both VOS1 and VOS2 were set to a voltage of 5 mV.
Figure 13 shows the simulated results of the voltage spectrum and the MCS of the output
ripple. When the RAL is disabled, the amplitude of the output spectrum at the chopping
frequency is about 82.2 mV, as shown in Figure 13a. The amplitude of the output ripple
of the CCIA decreases to 0.36 mV when the RAL is enabled, as shown in Figure 13b. The
output ripple is verified using an MCS that includes 300 samples and accounts for both
local and global process variations. When the RAL level is changed from off to on, the MV
of the output ripple decreases from 82.9 mV to 0.36 mV with a Std of 42.6 mV or 93 μV, as
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shown in Figure 13c,d. The simulation results shown in Figure 14 therefore give an MV
of 45.9 for the ripple attenuation, with a Std of 3.68 dB. The proposed feedback network
effectively compensates for the offset voltage (VOS1, VOS2) caused by mismatches due to
process, voltage, and temperature variations, resulting in a significant reduction in the
output ripple voltage.

Table 1. The power dissipation of each block of the proposed CCIA.

Block Circuit Components Power Dissipation (nW)

Dual_FC (Gm1)
OPA-Dual FC

Differential Pair 500

Differential Pair 500

Cascode Branches 200

CMFB 200

CS (Gm3) OPA-CS Common source 400

RAL (Gm2)

Stage-1 Differential Pair 5

Stage-2 Common source 20

CMFB2 5

IBL (Gmb) Buffer 42

Total 1872

 
(a) (b) 

Figure 11. (a) The transient of the proposed CCIA’s transfer function; (b) MCS result of the proposed
CCIA’s transfer function.

 
(a) (b) 

Figure 12. The MCS results of (a) PSRR; (b) CMRR.
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μ

(a) (b) 

 

μ

(c) (d) 

Figure 13. The simulated results of the voltage spectrum and MCS of the output ripple when RAL
(a,c) is disabled, or (b,d) enabled.

μ

μ

Figure 14. The MCS of the ripple attenuation result.

Figure 15 shows the effects of activating the impedance boost loop on the Zin and
the input-related noise. By setting the SW1,2 parameter, it is possible to achieve different
results for the input impedance. When SW1,2 is set to 01 and 11, corresponding to a pre
charge time of 3 and 6 μs, the Zin in the low frequency range increases to about 0.7 and 1.8
GΩ, respectively, as shown in Figure 15a. Without the presence of IBL, the noise floor is
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about 119 nV/
√

Hz, while the 1/f corner frequency is 10 Hz. When IBL is enabled, the
noise floor increases to 136 nV/

√
Hz, resulting in an IRN over a bandwidth of 1 to 200 Hz

of 2.16 μVrms. This increase is observed for different values of SW1,2, which determines the
pulse width of the pre-charge time. Figure 16a shows the variation of IRN for the proposed
amplifier across several process corners, ranging from 1.9 to 2.6 μVrms. On the other hand,
Figure 16b shows the MV of IRN, which is 2.16 μVrms, with a Std of 97.9 nVrms, verified
using an MCS with 300 samples, considering both local and global process variations.

 

μ
−√

(a) (b) 

Ω

Ω

Ω
μ

μ

μ

Figure 15. The simulated results of (a) the CCIA’s input impedance; (b) the CCIA’s noise.

μ
−√

 
(a) (b) 

Ω

Ω

Ω
μ

μ

μ

Figure 16. The simulated result of (a) the CCIA’s noise across several the process corners and (b) the
CCIA’s noise.

Table 2 shows a brief summary of the primary design specifications, encompassing
power consumption, output ripple’s amplitude, Zin, CMRR, PSRR, and NEF (noise efficient
factor). There are several references that show simulation results, such as [24,28,29], in order
to guarantee an equitable comparison. Table 2 is employed to evaluate the performance of
the proposed design in comparison with the current state-of-the-art studies. The proposed
CCIA obtains an NEF of about 7.5 by integrating RAL and IBL. Additionally, it exhibits a
minimal output ripple of 363 μV and a significant Zin of 1.8 GΩ. The CCIA’s dissipation is
1.87 μW from a 1 V supply.
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Table 2. Performance comparison.

Ref. [18] [23] [24] [28] [29] [30] [31] This Work

Year 2017 2021 2024 2022 2020 2021 2019 2024

Power (μW) 2 5.94 1.5 1.21 19.8 0.672 1.2 1.87

Supply (V) 1.2 1.8 2.47 1 1.8 2 5 1

Output ripple (mV) 0.012 NA NA 0.061 NA NA NA 0.36

Ripple Attennuation (dB) NA NA NA >41 NA NA NA 45.9

Zin (GΩ) 0.3 2.6 NA NA 2.1 0.0575 400 1.8

Gain (dB) 25.7 40 59.7 40 46 40.6 20 40

PSRR (dB) NA 85 >70 87 NA 84.2 N/A 108.6

CMRR (dB) NA 93 >87 108 96 83.24 >70 118.7

IRN (μVrms) 9 1.4 1.18 1.8 1.9 2.01 3.7 2.16

NEF 7 NA 2.13 5.4 NA 2.63 NA 7.5

Tech. (nm) 40 180 130 180 180 350 180 180

Meas./Sim. Meas. Meas. Sim. Sim. Sim. Meas. Meas. Sim.

5. Conclusions

The paper presents a 1.87 μW capacitively coupled chopper instrumentation ampli-
fier for biomedical recording. The output ripple is measured at 0.36 mV, and the input
impedance is 1.8 GΩ. The CCIA chip occupies a chip area of only 0.123 mm2 when imple-
mented in a 0.18 μm CMOS technology. The ripple attenuation loop effectively decreases
the output ripple of the proposed CCIA down to 0.36 mV. The CCIA is able to achieve a
high input impedance of approximately 1.8 GΩ due to the impedance boosting loop. The
low-power chopper amplifier has a power dissipation of 1.87 μW at a VDD of 1 V. It also
obtains a closed-loop gain of 40 dB, a PSRR of 108.6 dB, and a CMRR of 118.7 dB. The noise
floor of the CCIA has a magnitude of 136 nV/

√
Hz, which leads to an IRN of 2.16 μVrms

across a bandwidth of 200 Hz. Thus, an NEF value of 7.5 is attained. This illustrates our
ability to evaluate the performance of the proposed CCIA by comparing it to the most
recent studies.
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7. Chandrakumar, H.; Marković, D. A high dynamic-range neural recording chopper amplifier for simultaneous neural recording

and stimulation. IEEE J. Solid-State Circuits 2017, 52, 645–656. [CrossRef]
8. Pham, X.T.; Kieu, X.T.; Hoang, M.K. Ultra-Low Power Programmable Bandwidth Capacitively-Coupled Chopper Instrumentation

Amplifier Using 0.2 V Supply for Biomedical Applications. J. Low Power Electron. Appl. 2023, 13, 37. [CrossRef]
9. Xu, J.; Lin, Q.; Ding, M.; Li, Y.; Van Hoof, C.; Serdijn, W.; Van Helleputte, N. A 0.6V 3.8μW ECG/bio-impedance monitoring IC

for disposable health patch in 40nm CMOS. In Proceedings of the 2018 IEEE Custom Integrated Circuits Conference (CICC),
San Diego, CA, USA, 8–11 April 2018.

10. Yaul, F.M.; Chandrakasan, A.P. A noise-efficient 36 nV/
√

Hz chopper amplifier using an inverter-based 0.2-V supply input stage.
IEEE J. Solid-State Circuits 2017, 52, 3032–3042. [CrossRef]

11. Huang, G.; Yin, T.; Wu, Q.; Zhu, Y.; Yang, H. A 1.3μW 0.7μVRMS chopper current-reuse instrumentation amplifier for EEG
applications. In Proceedings of the 2015 IEEE International Symposium on Circuits and Systems (ISCAS), Lisbon, Portugal, 24–27
May 2015.

12. Wu, R.; Makinwa, K.A.A.; Huijsing, J.H. A Chopper Current-Feedback Instrumentation Amplifier With a 1 mHz 1/f Noise Corner
and an AC-Coupled Ripple Reduction Loop. IEEE J. Solid-State Circuits 2009, 44, 3232–3243. [CrossRef]

13. Park, J.H.; Tang, T.; Zhang, L.; Ng, K.A.; Gammad, G.G.L.; Yen, S.C.; Yoo, J. A 15-Channel Orthogonal Code Chopping
Instrumentation Amplifier for Area-Efficient, Low-Mismatch Bio-Signal Acquisition. IEEE J. Solid-State Circuits 2020, 55, 2771–2780.
[CrossRef]

14. Nasseriana, M.; Peiravia, A.; Moradi, F. A fully-integrated 16-channel EEG readout front-end for neural recording applications.
AEU—Int. J. Electron. Commun. 2018, 94, 109–121. [CrossRef]

15. Li, J.; Zhu, L.; Su, R.; Wang, W.; Zhou, Y.; Xie, S.; Mao, G.; Zhou, Z. A Capacitively Coupled Chopper Instrumentation Amplifier
With Deadtime Offset Reduction Technique for Neural Signal Sensing. IEEE Sens. Lett. 2024, 8, 1–4. [CrossRef]

16. Zheng, J.; Ki, W.-H.; Hu, L.; Tsui, C.-Y. Chopper capacitively coupled instrumentation amplifier capable of handling large
electrode offset for biopotential recordings. IEEE Trans. Circuits Syst. II Express Briefs 2017, 64, 1392–1396. [CrossRef]

17. Wu, J.; Law, M.K.; Mak, P.I.; Martins, R.P. A 2-μW 45-nV/
√

Hz readout front end with multiple-chopping active-high-pass ripple
reduction loop and pseudo feedback DC servo loop. IEEE Trans. Circuits Syst. II Express Briefs 2016, 63, 351–355.
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Abstract: This paper presents a capacitively coupled chopper instrumentation amplifier (CCIA) with
ultra-low power consumption and programmable bandwidth for biomedical applications. To achieve
a flexible bandwidth from 0.2 to 10 kHz without additional power consumption, a programmable
Miller compensation technique was proposed and used in the CCIA. By using a Squeezed inverter
amplifier (SQI) that employs a 0.2-V supply, the proposed CCIA addresses the primary noise source
in the first stage, resulting in high noise power efficiency. The proposed CCIA is designed using a
0.18 μm CMOS technology process and has a chip area of 0.083 mm2. With a power consumption
of 0.47 μW at 0.2 and 0.8 V supply, the proposed amplifier architecture achieves a thermal noise of
28 nV/

√
Hz, an input-related noise (IRN) of 0.9 μVrms, a closed-loop gain (AV) of 40 dB, a power

supply rejection ratio (PSRR) of 87.6 dB, and a common-mode rejection ratio (CMRR) of 117.7 dB
according to post-simulation data. The proposed CCIA achieves a noise efficiency factor (NEF) of
1.47 and a power efficiency factor (PEF) of 0.56, which allows comparison with the latest research
results.

Keywords: ultra-low power; low noise; chopper amplifier; biomedical amplifier

1. Introduction

Wireless sensor biomedicine (WSB) is becoming increasingly popular to monitor our
daily activities for early detection of cardiovascular diseases [1–3]. Due to its use in wearable
or implantable devices, low-power sensors are required to monitor human biopotential
signal. In addition to developing standard applications to improve patients’ quality of life,
long-term monitoring, mobile monitoring, sports and rehabilitation applications, and brain-
computer interfaces will also be realized [4]. Typically, WSBs use a low-noise, low-power
instrumentation amplifier (IA) to interface with many types of biomedical sensors. These
biopotential signals include electrocardiograms (ECGs) and electroencephalograms (EEGs)
from the heart and brain, respectively. Local field potentials (LFPs) and action potentials
(APs) are biomarkers useful for both neuroscience research and treatment [5]. Biopotential
signals, as shown in Figure 1, have a very low amplitude, ranging from 10 to 100 μV for
EEG and about 1 mV for ECG. The biosignals range from 0.5 to 150 Hz [6]. LFP has a
bandwidth of 1 to 200 Hz and a peak amplitude of about 1 mV, while APs have a peak
amplitude of about 100 μV and occupy a frequency band of 200 Hz to 5 kHz [7]. Therefore,
these neural signals must first be amplified before signal processing can be performed.

To improve the quality of neural signals, the readout system often includes an instru-
mentation amplifier (IA) implemented in CMOS technology. However, the IA has two
important noise sources that must be taken into account, flicker noise (1/f ) and thermal
noise [8]. The chopper stabilization technique is commonly used on IA [9,10] to mitigate
1/f noise by up-modulating this noise at low frequencies beyond the spectrum of IA, while
leaving thermal noise unresolved. For example, although the designs in [11,12] consume
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only 2 μW and 1.89 μW, thermal noise remains a concern with values of 100 and 240 nV/Hz,
respectively. In addition, the CCIAs in [13,14] only have a bandwidth of about 500 Hz.
Therefore, CCIAs should have a variable bandwidth to allow better bandwidth selection,
while biopotential signals are often bandlimited. This work is an extension of the work
originally presented at ICCE’22 [15].

Figure 1. Amplitude and frequency ranges of the characteristics of neural signals.

This paper presents an ultra-low-power CCIA with programmable bandwidth for
biomedical applications. To achieve high noise power efficiency, a squeezed inverter ampli-
fier (SQI) operating with a 0.2-V supply is used in the CCIA. In addition, a programmable
Miller compensation capacitor is used in the CCIA to obtain flexible bandwidth without
additional power consumption. Simulated with a 0.18 μm CMOS technology process,
the chip area of the proposed CCIA is only 0.083 mm2. While the power consumption of
0.47 μW is achieved at the supply voltage of 0.2 and 0.8-V, the proposed amplifier archi-
tecture achieves a thermal noise of 28 nV/

√
Hz, an input-related noise (IRN) of 0.9 μVrms

over a bandwidth of 1 kHz, a closed-loop gain of 40 dB, a power supply rejection ratio
(PSRR) of 87.6 dB, and a common-mode rejection ratio (CMRR) of 117.7 dB according to
post-simulation data. The proposed CCIA compares well with the latest research results,
with a noise efficiency factor (NEF) of 1.47 and a power efficiency factor (PEF) of 0.56.

2. Design

As we know, to reduce the thermal noise, there are two approaches: (1) The transistors
of the amplifier are enlarger, resulting in an increase in chip area; (2) The DC current bias
for the amplifier must be increased [8]. However, to achieve low power consumption, the
supply voltage must be reduced to a minimum so that the transistor still works well. This
is the biggest challenge in designing an amplifier. Therefore, the Squeeze inverter amplifier
(SQI) with a supply voltage of 0.2 V is dropped in the proposed design. The multistage
capacitively coupled chopper amplifier (CCIA) is shown schematically in Figure 2. Since the
input stage (Gm1) causes most of the input noise, the low-power and low-noise SQI amplifier
is implemented in the first stage to mitigate the noise. To achieve high transconductance,
the CMOS transistors are operated at a comparatively high current of 800 nA in the
subthreshold region. A low supply voltage VDD,L of 0.2-V is used to power the high-current
input stage Gm1, which corresponds to two drain-source saturation voltages (VDSAT) of
both the PMOS and NMOS transistors in the SQI to reduce power consumption to only
about 320 nW. The combination of the output stage of an amplifier with a common source
(CS) is used to achieve a large output swing with the middle stage using a folded—cascode
amplifier (FC) to achieve high gain. Since the output common mode voltage of the first stage
is only 0.1 V, the FC stage must be used with PMOS transistor input pairs. To handle the
low-frequency flicker noise (1/f ), the chopper CHI is connected before the input capacitor
to modulate the input signal Vin to the chopper frequency f CH = 10 kHz, which is then
modulated down to the baseband by the chopper CHO. The proposed multistage CCIA
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creates multiple poles, which reduce the stabilization of the circuit. To ensure stability
while maintaining bandwidth, Miller compensation capacitors CC1,2 and resistors RZ1,2 are
added to the last stage feedback loop.

Figure 2. Schematic of the proposed CCIA with Cin1,2 = 4 pF, Cfb1,2 = 40 fF, RZ1,2 = 0.9 MΩ,
CC1,2 = 0.62/6.2/30 pF.

As we know, the amplifier is stable when the phase at the loop gain crossover is
higher than −180 degrees when the loop gain is 0 dB. By moving either the loop gain
crossover or the phase crossover point, i.e., the point where the phase reaches −180 degrees,
away from the origin, you can increase the stability. Thus, decreasing CC1,2 causes the
loop gain crossover of CCIA to move away from the origin, increasing the bandwidth
of CCIA. Moreover, the serial nulling resistors RZ1,2 are used to reduce the null in the
right half plane (RHP) caused by the feedforward using the compensation capacitors. The
multi-stage CCIA proposed in this work has a flexible bandwidth from 0.2 to 10 kHz
thanks to the programmable Miller compensation capacitors CC1,2. In contrast, previous
designs [16,17], which also use a multi-stage circuit in the main path, use fixed values of
the Miller compensation components so that the bandwidth of these designs is 0.67 and
0.8 kHz, respectively. The midband gain of the CCIA is determined by the ratio of the
input capacitances Cin1,2 and the feedback capacitances Cfb1,2. In this work, Cin1,2 = 4 pF,
Cfb1,2 = 40 fF are realized by the metal-insulator-metal (MIM) capacitor technique to reduce
the active chip area so that the midband gain of the CCIA reaches 40 dB.

3. Circuit Implementation

3.1. Squeezed-Inverter Amplifier

As shown in Figure 3, the first stage uses the scheme of SQI with a common mode
feedback circuit (CMFB) sharing to increase the CMRR. By using an ultra-low voltage
supply VDD,L = 0.2-V, the CMOS transistors in the SQI operate in the subthreshold region.
The IRN of the first stage can be calculated as follows:

V2
n,in,Gm1 =

8kT
gm,n + gm,p

∼= 4kTnVT

IBIAS
(1)

where gm,n and gm,p are the transconductance of the NMOS NM and PMOS PM transis-
tors, respectively, the bias current IBIAS is 0.8 μA, thermal voltage VT = 26 mV, and the
subthreshold factor [18] n = 1.5. The SQI stage operates with low noise by increasing the
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bias current. Moreover, due to using an ultra-low-voltage supply of 0.2 V, SQI archives
high noise power efficiency.

0.8 μA

Figure 3. Schematic of SQI CS1 = 1 pF, CS2 = 4 pF.

The input stage Gm1 is the main source of noise in the design and requires a large
bias current to limit the output noise with 1/f noise and thermal noise [15]. The chopping
approach can be used to remove the flicker noise while the thermal noise is not compatible
with the bias current. Therefore, an acceptable bias current of 0.8 μA was chosen to
compensate for an extremely low supply voltage of 0.2 V to reduce noise floor while
keeping power dissipation low. To operate at the 0.2 V supply voltage, the negative bias
voltages of the input PM and NM transistors in SQI are regulated by a negative bias
generator and a CMFB loop. A negative voltage VNEG generated by the negative bias
generator (see Figure 3) is used to bias the PM input transistor via a pseudo-resistor RP1,2.
The gate voltage of the transistor NM is controlled by a common CMFB loop [10] driven
by a high voltage source VDD,H = 0.8-V to maintain the common output voltage of SQI at
VDD,L/2. Capacitors CS1,2 are used for AC coupling. Since the subthreshold transistors
operate without a tail current source, it is challenging to balance the bias current for the
input pairs using the CM voltage. Therefore, a common CMFB circuit, as shown in Figure 4,
is required for the SQI differential branches to solve this problem. By using a voltage of
V1,CM = 0.1-V as a reference, a negative feedback loop is created to monitor and adjust
the output common mode voltage of the SQI. The output of the CMFB, V1,CMFB, is used
to control the gate voltage of the transistor NM in each SQI branch through a pair of
pseudo-resistors RN1,2. This approach provides balanced bias currents for the SQI stage
since any change in V1,CMFB affects the input pair by the same amount.

Figure 4. Schematic of CMFB circuit of the SQI.
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3.2. Bias Circuit for Squeezed-Inverter Amplifier

As we know, CMOS transistors must be biased in SQI, but the extremely low supply
voltage VDD,L = 0.2-V makes this difficult. While PM transistors need a negative bias
voltage lower than ground, the voltage drives the gate of the NM transistors using a
CMFB through the high voltage supply VDD,H = 0.8-V. In the conventional negative voltage
generator [16], a switched capacitor loop (SC) is used, in which a 1/10 scaled replica MPB
of the PMOS input transistor is used to generate the negative voltage to regulate the bias
current of the SQI. MPB and the FC work together to provide a negative feedback loop
that continuously regulates VG during the time that the drain voltage is held at VDD,L/2.
An SC network is also used by the feedback loop to hold VG below ground. A low-noise
copy of VG is created using a low-pass filter replica (VNEG). To prevent switching spikes
from affecting the desired signals, a frequency of 20 kHz is used by this SC. To turn off
the switches completely, a negative level shifter is driven by VG or VNEG. However, after
each switching period, the level shifter supplies its “ground” rail, increasing the voltage
differences between VG and VNEG during startup. The negative feedback loop has VG
fixed, so inaccurate replication of VNEG will result in an unexpected bias current. VNEG will
be higher than VG, when the level shifter uses VNEG. As a result, the bias current of SQI
will be reduced, which will increase the input noise. On the other hand, the bias current
will be lower than predicted when this level shifter is driven by VG, which drastically
increases the power consumption. Therefore, an auxiliary path is needed to generate a
voltage VB, a replica of the voltage VG to supplement the negative voltage generator circuit.
The proposed negative bias voltage generator is shown in Figure 5. The VB-fed negative
voltage for the level shifter does not affect VG and VNEG. Therefore, the bias current of
SQI is set to the appropriate value, and VNEG is an exact duplicate of VG. According to
the simulation results shown in Figure 6, the expected level of VNEG is about −150 mV
after VG or VNEG is used by the level shifter but is changed to about −100 mV or −210 mV
accordingly after the start time. Since only VB is supplied by the dynamic current of the
level shifter, VG and VNEG are controlled by an equal voltage of −150 mV when VB is
injected. The improved negative bias generator in the SQI circuit achieves a bias current of
1.56 μA or an almost theoretical value of 1.6 μA.

Figure 5. Schematic of negative voltage bias generator circuit.
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Figure 6. Simulated results of the negative voltage generator when the level shifter is powered by
(a) VNEG, (b) VG, (c) VB.

Monte Carlo simulation results of the negative voltage VNEG and bias current of SQI
(one branch) are shown in Figure 7, where both random process variations and mismatches
were considered. The results of the Monte Carlo simulation with 200 samples show that
the average value of VNEG is −147.6 mV and the bias current of SQI is 785.6 nA with a
standard deviation of 14.9 mV and 15.2 nA, respectively. The effect of temperature and
variable VDD,L on the open-loop gain of SQI is shown in Figure 8. The temperature and
variable VDD,L are examined from −15 to 70 degrees Celsius and 0.1 to 0.3-V, respectively.
At a temperature of 27 degrees Celsius and a VDD,L of 0.2-V, the open-loop gain of the SQI
reaches about 30 dB.

 
(a) (b) 

Figure 7. The result of Monte Carlo simulation of (a) negative voltage VNEG (b) the bias current
of SQI.
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Figure 8. Simulated gain of the SQI stage depending on VDD,L and temperature.

3.3. Middle and Output Stage

To obtain high gain and output swing, the middle and last stage of CCIA employs the
FC and the CS amplifiers, respectively. The schematic of FC is shown in Figure 9, while
the schematic of CS with the phase margin compensation circuit is shown in Figure 10.
Using a supply voltage VDD,H of 0.8-V, the FC is biased a DC current of 40 nA while CS
draws a DC current of 80 nA. Although the current consumption is much lower than
SQI’s current drawing, the effect that the noise of the Gm2 and Gm3 have on the input is
very small because it is divided into the gain of Gm1 (normally 30 dB). The FC input pair
must use PMOS transistors interfacing to SQI’s low output voltage of around 0.1-V. The
Gm3 that employs CS with a passive CMFB circuit built by the pseudo resistors in parallel
with MIM capacitors is also shown in Figure 10a. The network compensation capacitor
CC1,2 is shown in Figure 10b. CC1,2 is built from three parallel capacitors (0.62 pF, 5.58 pF,
and 23.8 pF); therefore, the value of CC1,2 can be changed from 0.62 pF to 30 pF by the
controlling switches SW1,2,3.

 
Figure 9. The schematic of the FC amp circuit.
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(a) (b) 

Figure 10. (a) The schematic of CS amp circuit, (b) the schematic of phase margin compensation
circuit.

The IRN of the proposed CCIA, V2
n,in can be calculated as

V2
n,in =

(
Ctot

Cin1,2

)2
(

V2
n,in,Gm1 +

V2
n,in,Gm2
AV1

)
=
(

Ctot
Cin1,2

)2[ 4kTnVth
IBIAS

+ 8kTn
AV1gm1,2

(
1 + gm3,4+gm9,10

gm1,2

)] (2)

where Ctot = Cin1,2 + Cfb1,2 + Cp, Cp is the parasitic capacitance of the first stage, V2
n,in,Gm1

and V2
n,in,Gm2 are the IRN of Gm1 and Gm2, respectively.

4. Simulation Results

In the 0.18 μm CMOS technology, Figure 11 shows the microphotography of the
layout and the power decay of the CCIA. The chip area of the CCIA layout occupies
only 0.083 mm2. With a VDD,L of 0.2-V and a VDD,H of 0.8-V, the simulated total power
dissipation of the CCIA is 470 nW. Gm1, Gm2, and Gm3 consume 74.1%, 12.3%, and 13.6% of
the power, respectively.

 

 

(a) (b) 

Figure 11. (a) Microphotograph and (b) the power breakdown of the fabricated CCIA.
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The amplitude–frequency response and Monte Carlo simulation of the midband gain
of the proposed CCIA are shown in Figure 12. The closed-loop gain reaches 40 dB while
passing 200 samples, the Monte Carlo simulation results of the midband gain show that the
closed-loop mean value of the CCIA gain is 39.4 dB with a standard deviation of 24.8 mdB.
Since the capacitance value of CC1,2 is programmable, the bandwidth of the CCIA can be
successfully adjusted from 0.2 to 10 kHz. This design is suitable for recording biomedical
signals with variable frequency bands. The Monte Carlo simulation results of the power
supply rejection ratio (PSRR) and common mode rejection ratio (CMRR) are shown in
Figure 13 after a run of 200 samples. Figure 13 shows the average value of PSRR of 87.6 dB
at a supply voltage of 0.2-V and CMRR of 117.7 dB with standard deviations of 24.4 and
32.3 dB, respectively.

 

(a) (b) 

Figure 12. (a) The CCIA’s variable bandwidth of the transfer function, (b) CCIA’s the Monte Carlo
Simulation of the middle-band gain.

 
(a) (b) 

Figure 13. The Monte Carlo simulation result of (a) the CCIA’s PSRR, (b) the CCIA’s CMRR.

Figure 14 shows the input noise of the proposed CCIA. At a bandwidth of 1 kHz,
the IRN of the CCIA is 0.9 μVrms with a thermal noise of 28 nV/

√
Hz and a 1/f corner of

4 Hz. To investigate the effect of process corners on noise, Monte Carlo simulations were
performed with random mismatches of the devices with 200 samples. Figure 15a shows
how the IRN of the proposed amplifier changes from 0.894 to 0.963 μVrms over several
process corners, while Figure 15b shows the average IRN, which is 0.916 μVrms, with a
standard deviation of 62.2 nVrms. The performances of the proposed CCIA operating in
different bandwidth modes are summarized in Table 1. The IRN of the proposed CCIA
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over the bandwidths of 0.2/1/10 kHz is 0.4/0.9/2.8 μVrms. NEF and PEF show practically
comparable values of 1.49 and 0.56, respectively, when the bandwidth changes as the IRN
scales with the integrated bandwidths.

†NEF =Vni,rms ×
√

IDC

πVT4kT × BW
; ††PEF =V2

ni, rms
2PDC

πVT4kT × BW
= NEF2 × VDD (3)

where IDC is the total current consumption, VT is the thermal voltage, k is the Boltzmann
constant, BW is the bandwidth of the proposed CCIA over which the noise is integrated,
and VDD is the voltage supply.

Figure 14. The simulation result of the CCIA’s input-referred noise.

 

(a) (b) 

Figure 15. The simulation result of (a) the CCIA’s IRN depending on the process corners and (b) the
CCIA’s input-referred noise.

Table 1. Performance analysis with varying bandwidth.

Miller Compensate Capacitors CC1,2 (pF) 30 6.2 0.62

Bandwidth—BW (kHz) 0.2 1 10
Thermal noise (nV/

√
H z) 28 28 28

Input-referred noise—Vni,rms (μVrms) 0.4 0.9 2.8
Noise Efficiency Factor (†NEF) 1.49 1.49 1.47
Power Efficiency Factor (††PEF) 0.56 0.56 0.55
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Table 2 contains several references with simulation results, including [6,19–21] for a
fair comparison. The key design specifications such as power consumption, bandwidth,
thermal noise, CMRR, PSRR, NEF, and PEF are summarized in this table to compare the
achieved performance of the proposed design with the state-of-the-art designs. By choosing
different bandwidths, the proposed CCIA achieves a competitive PEF of about 0.56 with a
low input noise of 28 nV/

√
Hz and a noise corner of up to 4 Hz with a power consumption

of 0.47 μW.

Table 2. Performance comparison of the proposed CCIA.

Ref. [6] [16] [17] [19] [20] [21] [22] [23] This Work

Year 2022 2017 2021 2020 2020 2018 2022 2018 2023

Supply (V) 1 0.2/0.8 0.2/0.8 1.8 1.2 1 0.5/1.8 1.5/3.3 0.2/0.8

Power (μW) 1.21 0.79 0.52 3.96 1.9 0.96 4.5 330 0.47

Gain (dB) 40 57.8 39.6 31.7 58.4 62 60 1/12/20/40 40

Bandwidth (kHz) 0.8 0.67 0.8 9 8.7 0.23 300 1250 0.2/1/10

Flexible Bandwidth N N N N Y N N N Y

Thermal noise (nV/
√

Hz) 121 36 32 49.5 N/A N/A 13 60 28

CMRR (dB) 108 85 104 85 110 88 84 90 117.7

PSRR (dB) 87 80 82 87 87 101 88 100 87.6
†NEF 5.4 2.1 1.7 2.08 1.47 3.34 1.3 29 1.49
††PEF 29.7 1.6 0.7 7.78 2.59 9.06 1.1 N/A 0.56

Tech. (nm) 180 180 180 180 130 180 180 180 180

Sim./Meas. Sim. Meas. Meas. Sim. Sim. Sim. Meas. Meas. Sim.

5. Conclusions

This paper describes the design and simulation of an ultra-low-power, programmable
bandwidth, capacitively coupled instrumentation amplifier operating on a 0.2 V supply for
biomedical applications. By implementing it in a standard 0.18 μm CMOS technology, the
chip area of the CCIA occupies only 0.083 mm2. By using programmable Miler compensa-
tion capacitors, the bandwidth of the CCIA can be changed from 200 Hz to 10 kHz. Thanks
to the SQI in the first stage and the chopping technique, the CCIA can achieve high power
efficiency and low noise. With a power consumption of only 470 nW at VDD,L of 0.2-V and
VDD,H of 0.8-V, the prototype ultra-low-power amplifier IC achieves a closed-loop gain of
40 dB, a CMRR of 117.7 dB and a PSRR of 87.6 dB. The CCIA thermal noise is 28 nV/

√
Hz,

resulting in an IRN of 0.9 μVrms over a bandwidth of 1 kHz. Therefore, NEF of 1.49 and
PEF of 0.56 are achieved. This shows that the performance of the proposed CCIA can be
compared with the latest studies.
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Abstract: A low-power, low-voltage universal multi-mode Gm-C filter using a 180 nm TSMC
technology node is presented in this paper. The proposed filter employs only three transconductance
operational amplifiers (OTAs) operating in the sub-threshold region with a supply voltage of 0.5 V,
resulting in a power consumption of 32 nW. Moreover, without additional active elements, the
proposed circuit can operate various functional modes, such as voltage, current, transconductance,
and trans-resistance. The filter’s frequency, centered at 462 Hz, and a compact and low-power
solution showing only 93.5 μVrms input-referred noise make the proposed filter highly suitable for
bio-signal processing.

Keywords: low-power; low-voltage; Gm-C; universal filter; CMOS

1. Introduction

Nowadays, low-power techniques in integrated circuits (ICs) design have gained a
critical role in low-power application systems. Several advanced approaches have been
employed to reduce power consumption, including lowering the supply voltage, bulk-
driven techniques, floating gates, and biasing transistors in the subthreshold region [1–3].
Among these, reducing the supply voltage directly reduces energy consumption, extending
operation within a given power budget [3–8]. In any case, the most extreme care ought to be
given to not jeopardize the proper operation of the circuit, characterized at the application
level. This is particularly important for low-power bio-signal sensing devices in biomedical
applications that are frequently combined with devices that gather and store energy [9–11].
However, if a high supply voltage is required, the system should be equipped with DC/DC
or AC/DC converters, depending on the energy available source type [12,13]. When the
converters are used in energy harvester systems, the conversion efficiency can be estimated
in the range between 40% and 80%, leading to power waste [14]. As a consequence, to
improve the performance and efficiency of an energy-harvested system, the use of low-
power techniques will be fundamental [15–17].

From the perspective of making sensory devices, integrated filter blocks exhibit advan-
tageous features, such as signal conditioning capabilities, and the elimination of interference
and noise. One of the common filter topologies is Active-RC, which is usually used in
communication systems [18]. Despite its good accuracy and low distortion, it cannot be
used in applications that require low power. In analog integrated circuits, Gm-C filters are
among the main building blocks, and their use has led to excellent performance, both in
terms of chip size and power consumption [19–22]. An additional way to further reduce
the power consumption of Gm-C filters is to implement their operational transconductance
amplifiers (OTAs) by using inverter-based topologies. In fact, inverter-based OTAs offer
supply voltage scalability, and thus are very effective at reducing power consumption. A
range of ultra-low power analog filters with inverter-based topologies has been described
in [23–25], which feature a high-frequency response and low power consumption. For dif-
ferent applications, analog filters with different frequency responses are required, including
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low-pass (LP), high-pass (HP), band-reject (BR), all-pass (AP), and band-pass (BP). There-
fore, the design of a universal filter capable of generating all possible filtering responses
is often required [26,27]. There are several modes of operation for multi-mode analog
filters, such as voltage mode (VM), current mode (CM), trans-resistance mode (TRM), and
transconductance mode (TCM). This paper describes a low-power integrated Gm-C filter
capable of generating all filtering responses under the respective operation modes.

This paper is structured as follows: Section 2 outlines the proposed filter design, while
Section 3 presents the simulation results. Section 4 details the noise analysis, and Section 5
covers the sensitivity analysis. Section 6 compares the proposed filter with the state of the
art. Finally, conclusions are drawn in Section 7.

2. The Proposed Filter Design

Figure 1 depicts the proposed ultra-low-power universal Gm-C filter, capable of
operating in various filtering modes. iin1, iin2, and iin3 represent current inputs, while vin1,
vin2, and vin3 correspond to voltage inputs. vOUT denotes the output voltage, and iOUT
represents the output current.
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Figure 1. The proposed universal multi-mode Gm-C filter.

The proposed filter can operate in voltage, current, trans-resistance, and transconduc-
tance modes. It is composed of three gm blocks; gm1, gm2, and gm3 in Figure 1, respectively.
When a transconductance mode is required, a dedicated transconductance mode block gmT
is added to the basic filter (dashed line in Figure 1). Furthermore, to further investigate
the transfer function, Figure 2 reports the signal flow graph (SFG) of the proposed circuit.
Defining D(s) a polynomial function as:

D(s) =s2 +
gm1
C2

s+
gm2gm1

C2C1
(1)

The transfer functions that describe the behavior of the universal multi-mode Gm-C
filter in the different operating modes are as follows:

vOUT(VM) =
D(s)vin3 +

gm2gm1
gm3C2

svin2 +
gm1
gm3

s2vin1

D(s)
(2)
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iOUT(TCM) =
gmT

[
D(s)vin3 + s gm2gm1

gm3C2
vin2 +

gm1
gm3

s2vin1

]
D(s)

(3)

iOUT(CM) =
s2iin1 + s gm1

C2
iin2 +

gm2gm1
C2C1

iin3

D(s)
(4)

vOUT(TRM) =
s2iin1 + s gm1

C2
iin2 +

gm2gm1
C2C1

iin3

gm3D(s)
(5)

+ ++ vOUT

+

−gm1 gm1
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−C2S
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Figure 2. The signal flow graph of the Gm-C proposed filter.

2.1. Current and Trans-Resistance Modes

When vin1 = vin2 = vin3 = 0, the filter operates in the current mode, and its filtering
responses are obtained as:

Low-Pass (LP): if iin = iin3; iin1 = iin2 = 0

iOUT(LP)

iin
=

gm2gm1
C2C1

D(s)
;

vOUT(LP)

iin
= −

gm2gm1
C2C1

gm3D(s)
(6)

High-Pass (HP): if iin = iin1; iin2 = iin3 = 0

iOUT(HP)

iin
=

s2

D(s)
;

vOUT(HP)

iin
= − s2

gm3D(s)
(7)

Band-Pass (BP): if iin = iin2; iin1 = iin3 = 0

iOUT(BP)

iin
=

gm1
C2

s

D(s)
;

vOUT(BP)

iin
= −

gm1
C2

s

gm3D(s)
(8)

Band-Reject (BR): if iin = iin1 = iin3; iin2 = 0

iOUT(BR)

iin
=

s2 +
gm2gm1

C2C1

D(s)
;

vOUT(BR)

iin
= − s2 +

gm2gm1
C2C1

gm3D(s)
(9)

All-Pass (AP): if iin = iin1 = iin2 = iin3

iOUT(AP)

iin
=

s2 +
gm1
C2

s+ gm2gm1
C2C1

D(s)
;

vOUT(AP)

iin
= − s2 +

gm1
C2

s+ gm2gm1
C2C1

gm3D(s)
(10)
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2.2. Voltage and Transconductance Modes

When iin1 = iin2 = iin3 = 0, the voltage mode filtering responses are obtained as:
Low-Pass (LP): if vin = −vin1 = −vin2 = vin3

vOUT(LP)

vin
=

gm2gm1
C2C1

D(s)
;

iOUT(LP)

vin
= −gmT

gm2gm1
C2C1

D(s)
(11)

High-Pass (HP): if vin = vin1; vin2 = vin3 = 0

vOUT(HP)

vin
=

gm1
gm3

s2

D(s)
;

iOUT(HP)

vin
= −gmT

gm1
gm3

s2

D(s)
(12)

Band-Pass (BP): if vin = vin2; vin1 = vin3 = 0

vOUT(BP)

vin
=

gm2gm1
gm3C2

s

D(s)
;

iOUT(BP)

vin
= −gmT

gm2gm1
gm3C2

s

D(s)
(13)

Band-Reject (BR): if vin = −vin2 = vin3; vin1 = 0

vOUT(BR)

vin
=

s2 +
gm2gm1

C2C1

D(s)
;

iOUT(BR)

vin
= −gmT

s2 +
gm2gm1

C2C1

D(s)
(14)

All-Pass (AP): if vin = vin3; vin1 = vin2 = 0

vOUT(AP)

vin
=

s2 +
gm1
C2

s+ gm2gm1
C2C1

D(s)
;

iOUT(AP)

vin
= −gmT

s2 +
gm1
C2

s+ gm2gm1
C2C1

D(s)
(15)

Furthermore, the filter performance parameters such as the center frequency ω0 and
the quality factor Q can be calculated as:

ω0 =

√
gm2gm1

C2C1
(16)

Q =

√
gm2C2

gm1C1
(17)

Table 1 summarizes how different filtering functions come from a different setup of
the inputs universal Gm-C filter.

Table 1. The filtering functions of the proposed universal multi-mode Gm-C filter.

Filtering Function
Input for Current and

Trans-Resistance Modes
Input for Voltage and

Transconductance Modes

LP iin3 −vin1 = −vin2 = vin3
HP iin1 vin1
BP iin2 vin2
BR iin1 = iin3 −vin2 = vin3
AP iin1 = iin2 = iin3 vin3

3. Simulation Results

3.1. Proposed OTA and Gm-C Structures

The filter’s performance has been verified using the 180 nm TSMC technology process.
The operational transconductance amplifier (OTA), which is the building block of the
proposed filter, as well as the gmT block required for the transconductance mode, are
depicted in Figure 3a and Figure 3b, respectively. The body terminals of the NMOS
transistors are tied to the ground, while the body terminals of the PMOS are usually tied to
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the supply voltage VDD, whether differently specified or not. In fact, the body terminals of
the PMOS transistors highlighted in red in Figure 3 are connected together, and available
for proper biasing. This voltage allows the center frequency of the Gm-C filter to be
adjusted whenever process, supply voltage, and temperature (PVT) variations occur. The
inverter-based topology can provide a transconductance gain while the circuit minimizes
its power consumption. In particular, the gain of the proposed OTA is:

AV =

(
gm18,21 + gm17,22

)
·
(

gm2,11 + gm3,12 + gm6,9 + gm7,10

)
gm13,14

·(rd18,21 ‖ rd16,19) (18)
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Figure 3. The circuits used in the proposed Gm-C filter (a) The proposed OTA (gray branches refer to
gm3 block only and in red, the terminal for the calibration. (b) Transconductance mode gmT block.

Table 2 summarizes the transistor aspect ratios, while Table 3 lists the features of the
proposed OTA structure (Figure 3) employed in the Gm-C filter, such as DC gain, gain-
bandwidth product (GBW), phase margin, CMRR, and PSRR, referring to a capacitance load
value (CL) of 1 pF. Then, the AC simulation results for the gain and phase of the proposed
OTA are shown in Figure 4. Notice that two output replicas (shown in gray in Figure 3)
provide additional voltages (VOUT+,2 and VOUT+,3) as outputs of the transconductance gm3
only in the proposed filter (see Figure 1). A still-inverter-based Common-mode Feedback
(CMFB) circuit is made by the transistor M29-M30 and M31-M32 with a common mode
voltage value of VCM = 0.3 V (see Figure 3). The circuit exhibits an input common mode
dynamic range from 0.1 V to 0.4 V.

Table 2. The aspect ratio of the OTA transistors employed in the proposed filter.

Aspect Ratio of OTA

Transistor W/L [μm/μm]

M1, M3, M5, M7, M10, M12 1/0.3 = 3.33
M2, M4, M6, M8, M9, M11 4/0.3 = 13.33

M13, M14 3/0.3 = 10
M15–M22 3/1 = 3
M29–M32 1/0.18 = 5.56

Aspect ratio of transconductance mode gmT block

Transistor W/L [μm/μm]

M23, M25, M28 1/0.18 = 5.56
M24, M26, M27 4/0.18 = 22.22
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Table 3. Characteristics of the proposed OTA used in the proposed filter.

Specification Value

Supply voltage 0.5V
DC gain 46.6 dB

Phase margin 86◦
GBW 17.5 kHz

CMRR 48 dB
PSRR 44 dB

Input-referred noise 503 n V√
Hz

Power consumption 6.3 nW
CL 1 pF

Figure 4. The OTA AC responses: (a) gain response; (b) phase response.

3.2. Gm-C Structures

Figure 5 illustrates the simulation results for the general proposed multi-mode Gm-C
filter, while the transconductance (gm) and capacitance (C1 = C2) values are 58 nS and 20 pF.

3.3. PVT Analysis

A Monte-Carlo analysis is performed to find out how process and mismatch variations
affect the center frequency of the proposed Gm-C filter. Figure 6 shows the band-pass
frequency response for 1000 iterations. Moreover, a complete PVT variation analysis has
been performed. In particular, the center frequency of the Gm-C filter is investigated under
different corner processes in Table 4. Table 5 refers to the variation in the supply voltage
(−/+10%), while Table 6 considers the temperature variation in a temperature range from
0 ◦C to 40 ◦C. From these tables, a significant variation in the center frequency of the proposed
filter is shown. This can also be highlighted in Figures 7–9. Figure 7 depicts the band-pass
frequency responses for the Gm-C filter proposed in various corners. Figures 8 and 9 illustrate
the effects of supply voltage variations from 0.45 V to 0.55 V and temperature variations from
0 ◦C to 40 ◦C on the band-pass and low-pass filters, respectively.
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Figure 5. The frequency responses of the proposed Gm-C filter in the various modes: (a) voltage
mode; (b) transconductance mode; (c) current mode; (d) trans-resistance mode.

Figure 6. Monte-Carlo simulation results for the center frequency of the band-pass filter.
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Table 4. The corner variations of the proposed Gm-C design.

SS SF TT FS FF

Power consumption 8.3 nW 94.5 nW 32 nW 10 nW 118 nW
Center frequency 132 Hz 1.34 kHz 462 Hz 129 Hz 1.43 kHz

Table 5. The supply voltage variations (−/+10%) of the proposed Gm-C design.

0.45 V 0.5 V 0.55 V

Power consumption 42 nW 32 nW 32.7 nW
Center frequency 693.4 Hz 462 Hz 305.5 Hz

Table 6. The temperature variations of the proposed Gm-C design.

0 ◦C 10 ◦C 27 ◦C 40 ◦C

Power consumption 10 nW 16 nW 32 nW 41.5 nW
Center frequency 164.5 Hz 247 Hz 462 Hz 760 Hz

G
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Figure 7. Variations in corner technology for the band-pass frequency response.
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Figure 8. Variations in supply voltage for the band-pass frequency response.
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Figure 9. Variations in temperature for the low-pass frequency response.

37



J. Low Power Electron. Appl. 2024, 14, 40

3.4. Bulk-Biasing Technique

To compensate for the shift of the center frequency of the proposed Gm-C filter due
to the PVT variations, calibration by fine-tuning the body bias of the PMOS transistors
of the transconductance blocks (see VCAL terminals in Figure 3) is considered. From this
perspective, Table 7 shows the values of VCAL to compensate for the variation in the center
frequency across the five-corner process. Notice that the center frequency is affected in the
corner process SS and FS and SF and FF in 132 mV and 100 mV of drift from the supply
voltage allows for the re-centering of the filter on the frequency of 462 Hz. Table 8 shows
how a variation of +/− 10% on the supply voltage can be compensated with only 2 mV
changes of VCAL. Table 9 reports how the lower temperature affected the center frequency
of the filter. Thus, the circuit is suitable for integrated systems for indoor applications.

Table 7. Proposed filter’s center frequency regulation using the body-bias tuning VCAL across the
corner process.

SS SF TT FS FF

Body bias of M2, M4,
M6, M8, M9, M11 0.368 V 0. 4 V 0.5 V 0.368 V 0.4 V

Power consumption 28.4 nW 31 nW 32 nW 32.2 nW 38 nW
Center frequency 462 Hz 462 Hz 462 Hz 462 Hz 462 Hz

Table 8. Proposed filter’s center frequency regulation using the body-bias tuning VCAL for supply
voltage changing +/− 10%.

0.45 V 0.5 V 0.55 V

Body bias of M2, M4, M6, M8, M9, M11 0.498 V 0.5 V 0.498 V
Power consumption 27.8 nW 32 nW 43.4 nW

Center frequency 462 Hz 462 Hz 462 Hz

Table 9. Proposed filter’s center frequency regulation using the body-bias tuning VCAL at different
temperatures.

0 ◦C 10 ◦C 27 ◦C 40 ◦C

Body bias of M2, M4,
M6, M8, M9, M11 0.39 V 0.43 V 0.5 V 0.45 V

Power consumption 28 nW 29.3 nW 32 nW 33 nW
Center frequency 462 Hz 462 Hz 462 Hz 462 Hz

Figure 10 shows a match between the theoretical (given by a math calculation) and
simulation results for the proposed Gm-C filter. In particular, the simulation finds a

frequency value of 422 Hz, while the theoretical one is f0 = 1
2π

√
gm2gm1

C2C1
= 426 Hz.
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G
ai

n 
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] −

−
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−

Figure 10. Comparison between simulation and theoretical results for the proposed Gm-C filter.
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3.5. Group Delay of the Band-Pass Filter

The general transfer function for the band-pass filter is:

H(s) =

[
ω0
Q

]
s

s2 +
[
ω0
Q

]
s +ω02

(19)

where ω0 is the center pulsation and Q is the quality factor of the filter. The group delay
for the band-pass filter is:

D(ω) =

[
ω0
Q

][
ω0

2 +ω2]
[ω02 −ω2]

2 +
[
ω0
Q

]2
ω2

(20)

Thus, the maximum value of the group delay for the band-pass filter is:

D(ω) =
2[
ω0
Q

] =
2C2

gm1
(21)

The group delay is shown in Figure 11: 690 μs is the group delay at the filter’s center
frequency.

Figure 11. Group delay for the proposed band-pass filter.

3.6. The Linearity Performance of the Proposed Filter

The proposed filter’s linearity performance is investigated by applying a 40 mVPP
sinusoidal input at 10 Hz. Figure 12 shows the input and output transient simulation results
for different responses. Furthermore, as the input signal frequency of 10 Hz is outside
the pass band of the band-pass and high-pass filters, their output signals are significantly
weakened in comparison to those of the filtering responses, which are approximately the
same amplitude as the input signals. Also, the input signal frequency of 462 Hz (center
frequency) has been applied, as shown in Figure 13. Figure 14 highlights how the total
harmonic distortion (THD) of the proposed Gm-C filter varies due to the input voltage
amplitude changes between 40 mVpp and 120 mVpp. The THD values for the proposed
filter for different signal amplitudes and across the five corner processes are summarized
in Tables 10 and 11, respectively.
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−

−

Figure 12. Transient simulation results for the proposed filter: (a) input (10 Hz); (b) output.

−

−

Figure 13. Transient simulation results for the proposed band-pass and high-pass filters at the center
frequency (462 Hz): (a) input; (b) output.

Figure 14. THD versus voltage input amplitudes.
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Table 10. THD performance of the proposed filter for different signal amplitudes.

Input Voltage
Amplitude (mVPP)

THD% at 10 Hz

LP BP BR AP HP

40 0.68 1 0.7 0.3 1.7
60 1 1.6 1.08 0.5 2.4
80 1.55 2.5 1.55 0.7 3.4

100 2 3.6 2 1 5
120 3 5 2.9 1.5 7

Table 11. THD performance of the proposed filter for various corner parameters.

Corner Process
THD% at 10 Hz

LP BP BR AP HP

SS 2.3 3.7 2.4 0.2 2.8
SF 4.8 6.6 4.8 4.7 8
FS 2 3.3 2.2 0.17 2
FF 0.5 0.3 0.48 0.47 0.94
TT 0.68 1 0.7 0.3 1.7

4. Noise Analysis

Given the low level of the input signal, the noise performance analysis is critical. To
understand qualitatively how design parameters affect the overall input-referred noise,
the following equations refer to the saturation region model, assumed as the worst-case
scenario. In any case, the subthreshold real values are expected to be lower [28–30].
Assuming gmINV, the transconductance at the OTA input terminals is as follows:

gmINV =
[
gm2 + gm3 + gm9 + gm10

]
(22)

The input-referred thermal and flicker noise values for the OTA used in the proposed
Gm-C filter are:

V2
n,Thermal= 8KTγ

[
gm14 + gmINV

g2
mINV

+ 2
g2

m14(g m16 + gm18
)

g2
mINV g2

m18

]
(23)

V2
n,Flicker =

2KP
Coxf

[
1

(W·L)2
+ 1

(W·L)9

]
+ 2KN

Coxf

[
1

(W·L)3
+ 1

(W·L)10
+

gm14
2

gmINV
2(W·L)14

]
+

+ 4
Coxf

gm14
2

gmINV
2

{[
KP

(W·L)16
+ KN

(W·L)18

](
1 + gm16

2

gm18
2

)} (24)

where K is the Boltzmann constant, T is the temperature, γ is the noise factor, KP and
KN are the flicker noise coefficients of the PMOS and NMOS transistors, COX is the gate-
oxide capacitance, W is the width and L is the length of the transistors. These equations
offer design guidelines for noise minimization. The overall noise is:

V2
n,in,OTA = V2

n,Thermal + V2
n,Flicker (25)

Notice that gmINV is roughly 4× higher than the transconductance of other transistors
in the OTA topology in Figure 3. This results in the minimized input-referred noise of the
overall Gm-C filter.

Considering (|HN1,2,3(s)|) as the transfer function for each OTA input-referred noise
and (|HB(s)|), the band-pass filter’s transfer function is as follows:

|HN1(s)| =
∣∣∣∣Vn,OUT1

Vn,in1

∣∣∣∣ =
∣∣∣∣∣

gm1
gm3

S2

D(s)

∣∣∣∣∣ (26)
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|HN2(s)| = |HB(s)| =
∣∣∣∣Vn,OUT2

Vn,in2

∣∣∣∣ =
∣∣∣∣∣

gm2gm1
gm3C2

S

D(s)

∣∣∣∣∣ (27)

|HN3(s)| =
∣∣∣∣Vn,OUT3

Vn,in3

∣∣∣∣ =
∣∣∣∣∣
s2 +

gm1
C2

s + gm2gm1
C2C1

D(s)

∣∣∣∣∣ (28)

The input-referred noise of the three transconductance blocks for the band-pass filter
(Vn,in,in1, Vn,in,in1, Vn,in,in3 in Figure 15) can be expressed by:
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Figure 15. Modeling of the noise equivalent circuit for the proposed universal filter.

Thus, the overall equivalent input-referred noise for the band-pass filter V2
n,in,BP is:

V2
n,in,BP = V2

n,in,in1 + V2
n,in,in2 + V2

n,in,in3 (32)

5. Sensitivity Analysis

Naming Š the sensitivity of the K circuit characteristic with respect to the L parameter,
is defined as:

Š
K
L =

∂K
∂L

· L
K

(33)

For instance, the sensitivity of the gm2 for the current-mode low-pass filter is calculated
in (34), which is similar to the sensitivity analysis for gm2 in (35).

Š
LPi
gm2

=
∂LPi

∂gm2
·gm2

LP
=

gm1C2C1D(s)− gm2gm1
2

D(s)2 ·gm2C2C1D(s)
gm2gm1

=
S2 +

gm1
C2

S

D(s)
(34)
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5.1. The Sensitivity Analysis of the Current-Mode Filter

The sensitivity of the universal filter responses in the current mode to the capacitance
and transconductance values are as follows:

Š
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Notice that the sum of the sensitivity values to the all-filtering responses in the current
mode is zero, as reported in the following:
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(44)

5.2. The Sensitivity Analysis in Voltage-Mode Filter

The sensitivity of the universal filter responses in the voltage mode to the capacitance
and transconductance values are as follows:
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Š
BRv
gm2
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gm2
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(53)

Again, the sum of the sensitivity values to the all-filtering responses, also in the voltage
mode, is zero:

Š
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(54)

6. Comparison with the State of the Art

Table 12 compares the proposed Gm-C circuit with the state of the art. The proposed
filter shows a lower rms input-referred noise than [31–36]. Additionally, the proposed circuit
consumes less power and even the figure-of-merit (FOM) for the filter. It is defined as:

FOM =
P

f · N · DR
(55)

where P is the power consumption, f is the center frequency of the Gm-C filter, N is its
order, and DR is the dynamic range.

Table 12. Gm-C filter’s state-of-the-art comparison referring to their band-pass’ central frequency.

[31] [32] [33] [34] [35] [36] [37] This Work

Supply voltage [V] 0.6 0.5 0.5 0.5 0.5 0.5 0.5 0.5
Universal Yes Yes Yes Yes Yes Yes Yes Yes

Multi-mode Yes Voltage Yes Yes Yes Voltage Voltage Yes
Filter order 2 2 2 2 2 2 2 2

Center frequency [Hz] 5000 254 211 323 114 153 10 462
Dynamic range [dB] 53.2 49.7 58.23 53.2 53.2 50 63 43.59

Rms input-refer. noise
[μVrms] 155 116 130 108 208 220 45 93.5

Power consumption [μW] 5.77 0.616 0.281 0.646 0.058 0.037 0.053 0.032
FOM

[
10−12 W ·Hz−1·dB−1] 1.26 3.96 0.816 2.187 0.556 2.41 1.88 0.229

7. Conclusions

An ultra-low-power, low-voltage Gm-C filter capable of producing various filtering
responses (LP, HP, AP, BP, BR) in four-mode filtering operations has been designed in
a 180 nm TSMC technology node. The Gm-C filter performance at a center frequency
of 462 Hz has been shown in this paper. Body-bias-driven compensations for all the
frequency responses under the PVT variations have also been reported. Also, the THD, the
overall input-referred noise, and the sensitivity have been considered. The proposed filter
operates at 0.5 V supply voltage with the minimum number of gm blocks, with its building
transistors operating in the subthreshold region, showing an overall power consumption
of 32 nW.
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Abbreviations

TSMC Taiwan Semiconductor Manufacturing Company
OTA Transconductance Operational Amplifiers
VM Voltage Mode
CM Current Mode
TCM Transconductance-Mode
TRM Trans-resistance Mode
LP Low-Pass
HP High-Pass
BP Band-Pass
BR Band-Reject
AP All-Pass
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Abstract: In this work, we introduce the design of a 16-channel in-pixel neural analog front end
that employs a current-based summing approach to establish a common-mode feedback loop. The
primary aim of this novel structure is to enhance both the system common-mode rejection ratio
(SCMRR) and the common-mode interference (CMI) range. Compared to more conventional designs,
the proposed front end utilizes DC-coupled inverter-based main amplifiers, which significantly
reduce the occupied on-chip area. Additionally, the current-based implementation of the CMFB
loop obviates the need for voltage buffers, replacing them with simple common-gate transistors,
which, in turn, decreases both area occupancy and power consumption. The proposed architecture
is further examined from an analytical standpoint, providing a comprehensive evaluation through
design equations of its performance in terms of gain, common-mode rejection, and noise power. A
50 μm × 65 μm compact layout of the pixel amplifiers that make up the recording channels of the
front end was designed using a 180 nm CMOS process. Simulations conducted in Cadence Virtuoso
reveal an SCMRR of 80.5 dB and a PSRR of 72.58 dB, with a differential gain of 44 dB and a bandwidth
that fully encompasses the frequency range of the bio-signals that can be theoretically captured by the
neural probe. The noise integrated in the range between 1 Hz and 7.5 kHz results in an input-referred
noise (IRN) of 4.04 μVrms. Power consumption is also tested, with a measured value of 3.77 μW per
channel, corresponding to an overall consumption of about 60 μW. To test its robustness with respect
to PVT and mismatch variations, the front end is evaluated through extensive parametric simulations
and Monte Carlo simulations, revealing favorable results.

Keywords: front end; neural recording; system common-mode rejection ratio

1. Introduction

Understanding the intricate correlation between individual neuron activities is piv-
otal for advancing the development of numerous applications within the realm of neu-
roscience [1,2]. Among these, a notable area of research focuses on investigating the
mechanisms underlying the effects of neurodegenerative diseases such as Parkinson’s
or Alzheimer’s, in light of their increasing global spread and the corresponding rise in
treatment costs [3–6]. Additionally, ongoing research endeavors center around the devel-
opment of efficient brain–machine interfaces (BMIs) for diagnostic and neuro-prosthetic
purposes [7–9].

However, to achieve breakthroughs in these and other areas of neuroscientific research,
reliance solely on non-invasive methods of neural recording (i.e., EEG or fMRI) has proven
to be insufficient. Although affordable and safe to perform, such techniques are hampered
by limited spatial and temporal resolutions and exhibit a low signal-to-noise ratio (SNR)
due to the filtering effect of the intermediate layers between the scalp and the source
of the bio-signals [10,11]. Invasive neural recording through implantable neural probes,
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on the other hand, allows for the isolation of spike events from single neurons with sub-
millisecond time precision by recording the neuronal activity directly from the extracellular
space of the membrane [12].

Multi-channel neural probes can be fabricated using a variety of techniques and
materials. Most notably, silicon is widely favored on account of its cost-effectiveness,
compatibility with standard fabrication processes, and the ability to integrate CMOS
circuits on the same substrate [13,14]. Taking advantage of this aspect, recently introduced
active neural probes have been a key factor in contributing to the gradual increase in the
density of recording channels that can be implemented in a single probe’s shank. In turn,
the number of individual neurons that can be simultaneously recorded has also experienced
a steady rise [15]. At the forefront of neural recording, devices such as Neuropixels 2.0,
Neuroseeker, and SiNAPS have produced groundbreaking results when applied to small
mammals and non-human primates [16–20].

Designing CMOS neural probes presents a multifaceted challenge, involving various
disciplines such as electronics, material science, and biology [21–23]. While implanted
micro-electrodes provide superior access to fine-grained neural activity, they inherently
cover a smaller volume of brain tissue compared to standard non-invasive methods. Thus,
future advancements must prioritize increasing the density and number of integrated
recording sites to achieve large-scale brain coverage. Moreover, reducing the area occupied
by neural probes can significantly decrease their invasiveness, which, in turn, decreases the
risk of tissue damage during the probe’s insertion and reduces the chances of inflammatory
response under chronic recording conditions [24–26]. It is worth noting that down-scaling
the technology to achieve a smaller area introduces short-channel effects of the MOS
transistors, resulting in a reduction in transconductance and an increase in gate leakage
current, flicker, and thermal noise power [27].

Furthermore, optimizing power consumption in neural recording devices, and thus
managing potential heat generation through dissipation, is a critical parameter [28,29]. Re-
cent studies have shown that power consumption exceeding 40 mW leads to a temperature
increase of over 2 °C, which, in turn, triggers neural cell death within a few days [30].

Another important aspect to consider when designing neural probes is the ability
of the circuit to effectively reject interferences, that is, the common-mode rejection ratio
(CMRR) and the power supply rejection ratio (PSRR). To preserve the integrity of the
acquired bio-signals and maintain a high SNR, both the common-mode signals, typically
fed through the micro-electrodes, and the power supply noise, such as wall-mounted
50/60 Hz interference, should be rejected accordingly [31]. Although various methods
have been employed to ensure a high CMRR for the amplifiers employed in multi-channel
neural probes, few studies have centered on the system CMRR in analog front ends [32–34].
Typically, the system common-mode rejection ratio (SCMRR) in systems with a high channel
count N decreases as N itself increases and is also dependent on the mismatch between the
impedance of the reference electrode and the impedance of the signal-acquiring electrode.

In this regard, the novel approach introduced in [34] aims to raise the SCMRR and
the common-mode interference (CMI) range of a DC-coupled neural recording front end
through the implementation of a shared voltage-averaging circuit (VAC) and a floating-rail
common-mode feedback loop (CMFB). The latter employs an error amplifier with an open-
loop gain of 45 dB that accepts as input the mean of the voltage outputs of the multiple
input amplifiers and, in turn, produces a feedback voltage, used to retroactively cancel out
any common-mode interference.

Similarly, in this work, we introduce the architecture of a DC-coupled analog front end
designed for high-channel-count in-pixel neural recording systems. The described structure
features 15 recording channels alongside a single reference channel. It incorporates a CMFB
loop, which operates on the sum of individual channel currents to enhance both the SCMRR
and the CMI range. In addition, the proposed design focuses on minimizing the on-chip
area footprint of the front end, aligning with the demand for compact and efficient neural
recording devices set by the state of the art.
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The remainder of this paper is organized as follows. Section 2 delves into the architec-
ture of the front end, highlighting its innovative features. The topologies of the various
components that make up the front end are presented in detail in Section 3, while Section 4
concerns the analytical aspects of the circuit’s performance. The results obtained through
simulations are subsequently presented in Section 5, along with a final table to compare
the results with current state-of-the-art devices. The conclusions are drawn in Section 6.

2. System Architecture

In order to effectively contextualize the novel contributions brought forth by the analog
front end proposed in this document, it is necessary to first provide a characterization of
the fundamental workings of the circuit outlined in [34], thereby establishing a baseline for
comparison. In this regard, the circuit depicted in Figure 1 comprises 16 recording channels,
15 of which serve as input channels, while the remaining one acts as a reference channel.
For local conditioning of the acquired bio-signals, each front-end channel integrates an
in-pixel low-noise neural amplifier with a bandwidth of 7.5 kHz, ensuring coverage of
both the action potentials and local field potentials recorded in the extracellular space.
In a conventional IC multi-channel recording system, the total common-mode rejection
ratio is dependent on the intrinsic CMRR of the input amplifiers, as well as the number of
employed channels, as demonstrated in [33]:

SCMRR =

⎛
⎜⎝ 1

ICMRR
+

⎛
⎝1 + 2

(∣∣∣ ZIN
ZE

∣∣∣+ Nε
)

2(Nε − 1)

⎞
⎠

−1⎞⎟⎠
−1

(1)

Here, ZIN represents the input impedance of the low-noise amplifier, while ZE denotes
the impedance of the recording electrode. The term ε is used to quantify the difference in
impedance between the reference electrode and the signal electrode, with a value of one
indicating a condition of a perfect match. With the goal of improving the SCMRR and,
therefore, increasing the CMI range in high-channel-count systems, the solution presented
in [34] employs a common-mode feedback loop based on the average sum of the output
voltages of the input amplifiers.

Figure 1. Block diagram of DC-coupled front end with voltage-based CMFB loop.

The CMFB consists of a voltage-averaging circuit and an error amplifier. In relation
to the single recording channel, the former is composed of a voltage buffer, necessary to
eliminate the loading effect to the main amplifier, and a resistor Ra. Assuming the same
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value for all 16 resistors, the voltage fed to the inverting input of the error amplifier can be
expressed as follows:

Vin_i =

Vout_1
Ra

+
Vout_2

Ra
+ . . . + Vout_N

Ra
N
Ra

=
1
N

N

∑
i=1

Vout,i. (2)

To complete the CMFB loop, the output of the error amplifier, denoted as VFB, is
fed back to the pixel amplifiers. As previously mentioned, the implementation of this
kind of common-mode feedback loop enhances the SCMRR. However, it is important
to acknowledge that including a voltage buffer for each recording channel results in a
substantial increase in the on-chip area occupation, which is a critical aspect to consider in
the context of neural recording devices.

To address this limitation, we devised a variation of the aforementioned front end,
designed with the aim of significantly reducing its area occupation without compromising
the system’s performance. As depicted in the block diagram in Figure 2, this modified
version of the front end maintains the same number of recording channels. Its distinctive
feature lies in the operation mode of the CMFB loop: in place of the mean calculation of the
output voltages, a sum of the output currents is conducted instead.

Figure 2. Block diagram of DC-coupled front end with current-based CMFB loop.

Summing the output signals as currents eliminates the need for voltage buffers and
resistors, resulting in a significant reduction in the on-chip area occupation per recording
channel. In particular, for each input amplifier, the voltage-averaging circuit is replaced
with two much smaller transistors, while the current sum is made possible by imple-
menting two common-gate transistors. In doing so, the voltage buffers and the resistors
depicted in Figure 1 are no longer required. As a result, the on-chip area occupation is
significantly reduced.

3. Circuit Design

The following section of the paper delves deeper into the topologies of the various
stages that comprise the proposed multi-channel neural recording front end, providing
insight into the mechanisms underlying the amplifying stage and the CMFB loop.

3.1. Pixel DC-Coupled Amplifiers

The schematic of the primary low-noise amplifier utilized in each recording channel
is depicted in Figure 3. Following the topology proposed in [34], transistors M1 and M2
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form the DC-coupled inverter-based amplifier of the system. In contrast to commonly used
configurations employing differential amplifiers, the utilization of single-ended amplifiers
offers notable benefits, such as reduced area occupancy and power dissipation, albeit at
the cost of a decreased system rejection to interfering common-mode signals and power
supply variations.

Figure 3. Schematic of the input pixel amplifier employed in the multi-channel analog front end.

For the i-th channel, the output current produced by the main inverter-based amplifier
is duplicated by utilizing the replicating transistors M8 and M9, which share the same
source and gate nodes as the transistors comprising the inverter itself. The magnitude of
the duplicated current is determined by the transconductance of M8 and M9. As such,
by adjusting the aspect ratios of M8 and M9 to a fraction of the ratios of transistors M1 and
M2, it is possible to replicate a scaled current with precision. This is done to ensure a more
efficient occupation of the on-chip area and a reduction in power consumption.

With reference to the schematic in Figure 3, transistors M3 and M4 provide a way to
set the voltages of the floating rails of the input pixel amplifier. Acting as the terminal of the
CMFB loop of the system, these transistors are diode-connected to avoid strong variations
in the output high-impedance node, which would otherwise require Miller compensation.
Additionally, the pairs M3–M4 and M1–M2 must be sized equally in order to effectively
reject common-mode interference and also to prevent an increase in the IRN caused by the
eventual mismatch.

Biasing of the amplifier is achieved through the voltages Vbp and Vbn applied to the
gates of transistors M5 and M6–M7, which, respectively, act as a current source and a
current sink for the inverter. Concerning the pair M6–M7 in particular, connecting the gate
nodes and the body nodes of the two transistors allows us to virtually obtain a transistor
with a channel length capable of exceeding the upper limit set by the specific adopted
technology [35].

3.2. Common-Mode Feedback Stage

The topology of the CMFB stage in the front end is structured around two common-
gate transistors, namely M11 and M12, which are used to establish a low-impedance
node for summing the scaled duplicated currents. Referring to the schematic presented in
Figure 4, node A serves as the summing node for the currents duplicated by the 16 NMOS
replicating transistors, while node B provides the same function for the currents duplicated
by the PMOS replicating transistors connected to the main amplifiers.
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Figure 4. Schematic of the current-summing stage of the CMFB loop.

Transistors M11 and M12 effectively form two folded cascode structures, with the total
scaled output current being converted into the input voltage of the error amplifier through
the output resistance at their shared drain node. This voltage is subsequently amplified
and fed back to the gate of the feedback amplifiers introduced in Section 3.1.

In terms of biasing, transistors M10 and M13–M14 act as current sources and are
employed to set the bias current for the branch of the CMFB stage. It must be noted that
the pair M13–M14 is designed following the same principle as the pair M6–M7 that makes
up one of the two current generators used to bias the inverter-based amplifier.

3.3. Error Amplifier

The topology of the error amplifier utilized to implement the CMFB loop is illustrated
in Figure 5. Designed to operate in weak inversion mode, the amplifier comprises three
stages; transistors M15, M16, M17, M18, M19, and M20 form a differential active-load
amplifying stage, with the signal coming from the inverting input. Note that a reference
voltage is applied to the non-inverting input instead. Transistors M19 and M20 ensure the
correct biasing of the stage and are driven by a voltage Vbn applied to the shared gate node.

The second stage of the amplifier is made up of a common-source transistor, M21,
biased through the composite transistors M22–M23. A compensation feedback capacitor CC
is connected between the drain and the gate of M21 to ensure the stability of the amplifier,
as well as to provide a sufficient gain bandwidth product according to the following
formula [36]:

CC =
gm1

2π · GBW
. (3)

The final class AB stage implemented through M24–M25 guarantees a rail-to-rail
output swing, which, in turn, allows for the overall front end to achieve a high CMI value.
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Figure 5. Schematic of error amplifier.

4. Circuit Analysis

The following section aims to provide an analytical overview of the circuit’s small-
signal performance. The proposed design equations mainly focus on parameters such as
the differential gain, common-mode gain, and SCMRR. Additionally, the circuit’s noise
performance is evaluated.

4.1. Gain and SCMRR

Despite being classified as a single-ended amplifier, the pixel amplifier effectively
operates with an inverting input for the acquired signal and a non-inverting input for the
feedback voltage due to the diode-connected pair of transistors that closes the CMFB loop.
For the k-th recording channel, the gain of the former is AL, while the gain of the latter is
defined as AR. Therefore, the output voltage of the amplifier can be expressed as

Vo = −ALVi + ARVFB � −A1(Vi − VFB), (4)

where AR and AL are assumed to be approximately equal to each other. Referring to the
small-signal model of the pixel amplifier (Figure 6), the gain A1 can be computed as

A1 � A0
gmF

gmF + gmR

1 + s/ωTF
1 + s/ω1

, (5)

where A0 corresponds to

A0 =
gm

g0
, (6)

and ωTF and ω1 are defined as
ωTF =

gmF
CgsF

; (7)

ω1 =
gmR + gmF

Cgs + CgsR + CgsF
< ωTF. (8)
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Figure 6. Small-signal model of the k-th pixel amplifier stage of the front end.

It is important to note that the expressions presented here are based on several ap-
proximations. Firstly, to simplify the calculations, the parameters of the NMOS and PMOS
transistors are assumed to be identical to each other. As such, the small-signal parameters
g∗ and C∗ are equivalent to g∗n + g∗p and C∗n + C∗p, respectively. Furthermore, the compu-
tation of Vo assumes the output of the system to be an open circuit, while the capacitance
Cgd has been disregarded in the node equations of the first stage. By applying Norton’s
theorem, the output current of the equivalent circuit is found to be equal to

Io � − gmR
A0

Vo, (9)

with the equivalent Norton’s admittance being denoted as

Yo =
gmF

gmF + goR
goR

1 + s/ω2

1 + s/ω1
, (10)

where
ω2 =

gmF
Cgs + CgsF + CgsR

(11)

is smaller than ω1. The small-signal model of the current summing stage of the circuit is
presented in Figure 7. The output voltage Vo2 can be derived as

Vo2 = −A2(Vic − VFB) (12)

with Vic = (1/N)∑N
j=1 Vi.

Figure 7. Small-signal model of the CMFB stage of the front end.
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The gain A2 is computed as follows:

A2 =
gm2 + go2

go2

gmRgmF(1 + s/ωTF)

d0 + d1s + d2s2 N. (13)

In this case, N indicates the number of recording channels that make up the front end.
Coefficients d0, d1, and d2 can be expressed as (see Appendix A):

d0 = NgmFgoR + gmFgG2 + gmRgG2

d1 = N(CgsF + Cgs + CgsR)goR + gG2(CgsF + Cgs + CgsR) + Cgs2(gmF + gmR) (14)

d2 = Cgs2(Cgs + CgsR + CgsF)

Voltage Vo2 is subsequently fed to the inverting input of the error amplifier. We may
assume VREF = 0 for the small-signal analysis. The resulting feedback voltage is equal to

VFB = −AEVo2. (15)

The single-pole error amplifier is characterized by a gain AE that can be denoted by
the following expression:

AE =
AE0

1 + sτE
. (16)

By replacing Vo2 in (15) with the expression defined in (12), the feedback voltage can
be rewritten as

VFB =
A2 AE

1 + A2 AE
Vic =

LG
1 + LG

Vic.

Particularly, the loop gain LG = A2 AE is equivalent to

LG =
gm2 + go2

go2

gmR
goR

(1 + s/ωTF)

1 + d1
d0

s + d2
d0

s2

AE0

1 + sτE
(17)

Under the hypothesis that the pole 1/τE is dominant and that 1/τE << ωTF, the ex-
pression for the loop gain can be further simplified. As a result, LG can be expressed as

LG � AE0

1 + sτE
A02 A0R, (18)

where A02 = gm2/go2 and A0R = gmR/goR. Considering an input voltage Vi = Vic + V̂i,
the output voltage, as defined in (4), becomes

Vo = −A1

(
Vic + V̂i − LG

1 + LG
Vic

)
= −A1

(
V̂i +

Vic
1 + LG

)
. (19)

By setting V̂i = 0, the common-mode gain of the system can be evaluated accordingly.
From (19), it is found that Acm can be computed as

Acm =
Vo

Vic

∣∣∣∣
V̂i=0

= − A1

1 + LG
. (20)

It is evident from Equation (20) that the common-mode gain presents a zero in 1/τE,
which is set by the error amplifier employed in the CMFB loop. In order to compute the
SCMRR of the front end, the expression for the single-channel gain must be derived as well.
By imposing Vic = 0 in (4), we obtain the following:

Ach =
Vo

V̂i

∣∣∣∣
Vic=0

= −A1. (21)
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Therefore, the SCMRR can be derived from (20) and (21) as

SCMRR = Ach/Acm = 1 + LG. (22)

According to (22), the SCMRR’s behavior in frequency is dependent on the error
amplifier, with a pole in 1/τE.

4.2. Noise Analysis

For the purpose of noise analysis, each transistor has been modeled by a single noise
current source that encompasses both thermal and flicker noise. With reference to the
model presented in Figure 8, gF = gmF + goF � gmF. Concerning the CMFB stage of the
front end, the noise current generator Iy represents the noise of gG2, as well as the noise of
the other channels.

Figure 8. (a) Noise model of the first stage. (b) Noise model of the current-summing stage.

The equilibrium equation at Vx results in

GDVx = gFVFB + goRVy + IF − IG + IR, (23)

with GD = gF + gmR + goR + gG � gmF + gmR. Hence, the output admittance Yo and the
output current Io can be expressed as

Yo � goR
gF
GD

; (24)

Io = Ionoise + Ioc. (25)

Regarding the expression in (25), the output current’s terms are defined as follows:

Ionoise =
gF IR − gmR(IF − IG)

GD
; (26)

Ioc = −GCVFB, (27)

where GC � gmRgF
GD

. Noise sources make it so that Vy �= 0, which, in turn, causes VFB �= 0.
This affects the channel under consideration and the other recording channels, whose Ioc
affects Vy. The analysis of the second stage provides

Vo2 � A02Vy − I2

go2
. (28)

Considering that VFB = −AEVo2 and, therefore, Ioc = GC AEVFB, voltage Vy can be
derived as

Vy � I2

gm2
− Iy + Ionoise

NAE A02GC
, (29)
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where Iy = IG2 + (N − 1)Ionoise. By substituting Vy in Equation (23) and considering
Vo = AoVx − I1/go, the output noise voltage is computed as

Vonoise � Ao

GD

[
−GD

gm
I1 +

N − 1
N

(IF − IG) +

(
1 +

gF
NgmR

)
IR +

goR
gm2

I2 +
GD

NgmR
Iy

]
. (30)

The input noise can be calculated by dividing the expression in (30) by the gain A1, as
defined in (5), as follows:

Vinoise � 1
gF

[
−GD

gm
I1 +

N − 1
N

(IF − IG) +

(
1 +

gF
NgmR

)
IR +

goR
gm2

I2 +
GD

NgmR
Iy

]
, (31)

By looking at Equation (31), it is apparent that the contribution of I2 to the IRN is
negligible, as its coefficient is much lower than one. Additionally, it can be noticed that
IF, IG, and IR contribute to the overall input noise due to the presence of the CMFB loop.
Other recording channels affect Vinoise through the term Iy.

5. Simulation Results

The proposed analog front end was designed and simulated following the 180 nm
CMOS process from TSMC. This section delves into the layout design aspects of the DC-
coupled pixel input amplifiers and provides sizing information concerning the various
components. Additionally, it showcases the results obtained through extensive simulations.

5.1. Layout and Transistor Sizing

The layout of the analog front end is depicted in Figure 9, showing the 16-pixel
amplifiers, each with an area footprint of 50 μm × 65 μm, placed along two rows. Utilizing
six metal layers, this compact layout encompasses all the transistors described in detail in
Section 3. Notably, the smaller transistors (M8–M9 in Figure 3), responsible for replicating
the scaled currents, are surrounded by the transistors of the main inverter and the feedback
transistors to mitigate potential mismatch between the devices. Overall, the area occupation
per channel is lower than 0.004 mm2.

Figure 9. Layout of the 16-channel neural front end.

With reference to Figures 3 and 4, Table 1 summarizes the size parameters of the MOS
transistors used in both the pixel amplifier and the CMFB stage that make up the closed
loop. As stated previously, the transistors that make up the inverter and the feedback
transistors are sized equally by design. In order to accurately scale the currents of the main
amplifiers, feedback transistors M8 and M9 are sized with a width scaled by a factor of 4.
Transistors M5 and M6–M7 are sized with the intent of producing a bias current of 2.5 μA
for the main amplifying branch. Regarding the common-gate transistors implemented
in the current-summing branch of the front end, the sizes are chosen to be equal to the
replicating transistors to minimize area occupation. For biasing purposes, the W and L
parameters of transistors M10 and M13–M14 are chosen to generate a current at least equal
to the sum of the scaled, replicated currents.
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Table 1. Transistor sizes for the pixel amplifier and the CMFB stage.

MOSFET Width Length

M1–M3 175 μm 1 μm
M2–M4 40 μm 1 μm
M8–M11 43.75 μm 1 μm
M9–M12 20 μm 1 μm

M5 12.70 μm 15 μm
M6–M7 5 μm 10 μm

M10 15 μm 14.1 μm
M13–M14 10 μm 6.91 μm

Table 2 displays the sizing choices made with respect to the error amplifier. In this
case, the parameters of the transistors are set with the aim of obtaining a high open-loop
gain for the amplifier of at least 80 dB, with a phase margin of 60°.

Table 2. Transistor sizes for the error amplifier.

MOSFET Width Length

M15–M16 8 μm 5 μm
M17–M18 20 μm 1 μm
M19–M20 1 μm 10 μm

M21 150 μm 500 nm
M22–M23 3 μm 10 μm

M24 10 μm 180 nm
M25 3 μm 180 nm

5.2. Circuit Simulations

The proposed front end’s nominal behavior was simulated within the Cadence Virtu-
oso environment. To achieve results that closely resemble the actual implementation of the
neural recording system, simulations were conducted using the post-layout netlist with ex-
tracted parasitics. The circuit was biased with a dual voltage supply (Vdd = −Vss = 0.5 V),
while the total current used to bias a single channel was set at 3.5 μA.

Figure 10 shows that the inverter-based pixel amplifiers integrated into each recording
channel boasted a differential gain of 44.16 dB, alongside a high cutoff frequency exceeding
100 kHz. These metrics highlight the amplifiers’ ability to capture and amplify neural
signals across the entire frequency spectrum, encompassing both local field potentials and
action potentials as measured from the extracellular space.

Figure 10. Differential gain of the main amplifier within the proposed front end.
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As shown in Figure 11, further simulations revealed a favorable SCMRR of 80.5 dB
at low frequencies. Particularly noteworthy was the performance of the front end within
the range between 0.1 Hz and 100 Hz, where the SCMRR maintained a value of at least
80 dB. A moderately high level of rejection was maintained at higher frequencies, with the
SCMRR exceeding 60 dB up to a frequency of 2 kHz.

Figure 11. SCMRR of the proposed front end.

The PSRR of the front end, as indicated in Figure 12, exhibited a value of 72.55 dB
at frequencies in the range spanning from 0.1 Hz to 100 Hz. For higher frequencies,
the measured PSRR exhibited a similar behavior to the SCMRR, maintaining a level above
60 dB up until 2 kHz.

Figure 12. PSRR of the proposed front end.

The input-referred noise spectrum of the input amplifier is presented in Figure 13,
showing a noise level of 100 nV/

√
Hz at 100 Hz and a value of 50 nV/

√
Hz at 1 kHz.

By integrating the noise spectrum across various frequency intervals, the noise performance
of the amplifier was evaluated in terms of the IRN. Specifically, the considered frequency
bands are those associated with the LFP signals (1 Hz–300 Hz), the action potentials
(300 Hz–7.5 kHz), and the overall spectrum that characterizes the bio-signals recorded
from the extracellular space (1 Hz–7.5 kHz). The resulting measurements, acquired by
varying the number of channels, are reported in Table 3.

As seen in the results reported in Table 3, the IRN exhibited an increasing trend
as the number of recording channels decreased. This is consistent with Equation (31),
highlighting the significance of the contribution of IR, the noise source associated with the
smaller replicating transistors, which became negligible when using at least eight channels.
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Table 3. IRN values measured in different frequency intervals.

N° of Ch. IRNLFP (μVrms) IRNAP (μVrms) IRNTOT (μVrms)

2 6.44 8.72 10.83
4 3.57 4.90 6.059
8 2.71 3.77 4.64

16 2.36 3.30 4.04

Figure 13. Equivalent input noise of the i-th recording channel.

A widely used figure of merit that allows us to relate the noise performance of the
circuit with its power consumption and bandwidth is the noise efficiency factor (NEF) [37],
expressed as follows:

NEF = IRN ·
√

2 · ITOT
π · VT · 4kbT · BW

, (32)

where VT is the thermal voltage, ITOT is the total supply current of the amplifier, and BW is
the amplifier’s bandwidth in Hz. By substituting the values of the total current required to
bias the individual recording channel, the IRN, and the bandwidth into (32), we obtain

NEF = 3.32.

In addition, the power efficiency factor (PEF) can be computed as

PEF = NEF2 · (Vdd − Vss) = 11.02. (33)

5.3. Process and Mismatch Simulations

To assess the robustness of the front end against PVT (Process, Voltage, and Tem-
perature) and mismatch variations, the system underwent comprehensive testing via
multiple simulations. Specifically, a Monte Carlo simulation comprising 200 iterations was
conducted. The outcomes of these simulations are outlined in Table 4.

Table 4. Performance under mismatch variations.

Parameter Min Max Mean Std. Dev.

GD (dB) 44.05 44.24 44.16 0.04
GCM (dB) −41.06 −34.00 −36.38 1.42

SCMRR (dB) 78.07 85.33 80.53 1.45
PSRR (dB) 64.89 94.52 74.11 6.27

Vout_DC (mV) −24.52 30.54 1.99 11.38

It must be noted that both the differential gain and the common-mode gain of the
front end demonstrated standard deviations within a 2 dB interval, consequently maintain-
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ing a similarly constrained SCMRR. Particularly, the differential gain exhibited minimal
fluctuations around its mean value of 44.16 dB. Although the PSRR (power supply rejection
ratio) variance was marginally higher, it remained moderately limited, with a mean of
74.11 dB and a variance of 6.30 dB. In both instances, the tested performance metrics yielded
favorable results, with both figures of merits exceeding 70 dB on average.

Concerning the SCMRR and PSRR, histograms related to the distribution of results
over the 200 Monte Carlo iterations are presented in Figures 14 and 15.

Figure 14. Histogram of the SCMRR of the proposed front end for 200 Monte Carlo mismatch iterations.

Figure 15. Histogram of the PSMRR of the proposed front end for 200 Monte Carlo mismatch iterations.

To further test the robustness of the proposed front end, a parametric simulation
focusing on temperature variations was conducted. By gradually varying the operating
temperature within the range [0 °C–50 °C], the front end’s gain and noise parameters, along
with the rejection parameters, were evaluated accordingly (Table 5).

Table 5. Performance under temperature variations.

Temp. (°C) 0.00 10.50 21.00 31.60 42.10 50.00

GD (dB) 44.64 44.45 44.30 44.07 43.38 43.73
GCM (dB) −29.89 −32.20 −34.60 −37.33 −40.37 −43.99

SCMRR (dB) 74.53 76.65 78.90 81.40 84.25 86.72
PSRR (dB) 90.46 79.17 74.37 71.28 68.92 67.42

Vout_DC (mV) 1.64 1.86 1.95 1.95 1.90 1.84
IRNLFP (μVrms) 2.27 2.30 2.34 2.38 2.41 2.44
IRNAP (μVrms) 3.14 3.20 3.27 3.33 3.40 3.45

IRNTOT (μVrms) 3.87 3.95 4.02 4.10 4.17 4.23

Regarding the differential gain of the input amplifiers, minimal fluctuations were
observed; however, the common-mode gain of the system exhibited a gradual decrease
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in value as the test temperature rose. Consequently, the SCMRR displayed an increasing
trend with rising temperatures, reaching a maximum value of 86.72 dB at 50 °C. Conversely,
the PSRR of the system tended to decrease in value with rising temperatures. In the range
corresponding to the physiological conditions of the brain [38 °C–41 °C], both the PSRR and
SCMRR were characterized by relatively minor variations, maintaining values of around
70 dB and 80 dB, respectively. When examining the noise performance of the front end
amidst temperature variations, it was expected that the IRN of the system would experience
a gradual rise. Nevertheless, at 4.23 μVrms, considering the total bandwidth [1 Hz–7.5 kHz],
IRNTOT barely exceeded its nominal value measured at 27 °C.

Continuing with the evaluation of the front end, the following batch of simulations was
conducted by varying the power supply voltage ±10% of its nominal value. By consulting
the results displayed in Table 6, it can be seen that variations in the differential gain
were once again minimal. In a similar manner, the common-mode gain of the system
varied between a minimum of −39.21 dB for (Vdd − Vss) = 1.1 V and a maximum of
−32.36 for (Vdd − Vss) = 0.9 V. Integrating the input noise spectrum across the bandwidths
of interest revealed a minor increasing trend in the band related to the local field potentials
[1 Hz–300 Hz] and a minor decreasing trend in the band related to the action potentials
[300 Hz–7.5 kHz]. Overall, the IRN measured across the total frequency band exhibited a
negligible decrease.

Table 6. Performance under supply voltage variations.

Vdd − Vss (V) 0.90 0.94 0.97 1.02 1.07 1.10

GD (dB) 44.18 44.17 44.16 44.15 44.15 44.15
GCM (dB) −32.36 −33.93 −35.54 −37.03 −38.34 −39.21

SCMRR (dB) 76.54 78.10 79.70 81.18 82.49 83.36
PSRR (dB) 59.78 65.66 70.81 74.96 77.80 79.01

Vout_DC (mV) 1.25 0.99 1.65 2.63 3.66 4.39
IRNLFP (μVrms) 2.32 2.34 2.36 2.37 2.39 2.41
IRNAP (μVrms) 3.45 3.38 3.32 3.28 3.25 3.23

IRNTOT (μVrms) 4.16 4.11 4.07 4.05 4.03 4.03

To conclude with the PVT analysis, the results of the simulations under corner varia-
tions are compiled in Table 7. Generally, it can be observed that the front end’s robustness
is quite favorable.

Table 7. Performance under process variations.

Temp. (°C) TT FF SS SF FS

GD (dB) 44.16 43.59 44.73 44.09 44.17
GCM (dB) −36.04 −40.47 −32.38 −35.56 −24.97

SCMRR (dB) 80.20 84.06 77.11 79.65 69.14
PSRR (dB) 72.55 72.38 71.58 68.75 91.49

Table 8 shows a comparison between the front end proposed in this work and various
analog front ends introduced in recent years. In terms of noise, SCMRR, PSRR, and power
consumption per channel (P/Ch), the simulation results presented in this section are
comparable with modern state-of-the-art findings. Of particular importance is the area
occupation per recording channel (A/Ch), which, for our devised front end, was reduced
by a factor of 3 with respect to the front end introduced in [34], and was approximately
one-tenth of the area occupied by the work presented in [33]. Additionally, thanks to
the implemented closed CMFB loop, the CMI range of the front end described here was
significantly higher than those measured for other devices.
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Table 8. Performance comparison against state-of-the-art front ends.

[33] * [38] * [39] ** B This Work **

Year 2016 2018 2019 2022 2024
Process 65 nm 180 nm 180 nm 180 nm 180 nm

N° Channels 16 4 4 15 15
Supply (V) 1 1.8 ±1.2 ±0.5 ±0.5
P/Ch (μW) 3.28 4.50 7.68 1.20 3.77

A/Ch (mm2) 0.042 0.072 0.0214 0.012 0.004
NEF/PEF 3.19/10.2 1.94/6.77 2.65/8.43 2.65/7.02 3.32/11.04

SCMRR (dB) 90 76 >50 75 80.50
PSRR (dB) 78 80 >53 74 72.55

CMI (mVpp) 220 – – 300 400
IRN (μVrms) 4.13 3.20 3.87 5.30 4.04

THD (%(@ mVpp)) 1(0.7) – – 1.6 (2) 1 (1.2)

*: Results obtained by testing a physical chip. **: Results obtained through post-layout simulations.

6. Conclusions

In this work, we have presented a 16-channel in-pixel neural front-end architecture
utilizing a common-mode feedback loop to enhance the SCMRR and the CMI range.
The closed loop was achieved by scaling and summing the input currents of DC-coupled
inverter-based amplifiers on low-impedance nodes provided by common-gate transistors.
Designed using a 180 nm CMOS process from TSMC, post-layout simulations demon-
strated a DC gain of 44.16 dB, with nominal values for the SCMRR and PSRR measured
at 80.50 dB and 72.55 dB, respectively. The front end was shown to consume 3.77 μW per
recording channel, totaling about 60 μW. Noise analysis indicated an IRN of 4.06 μVrms in
the frequency range [1 Hz–7.5 kHz]. Further simulations confirmed the system’s robustness
against PVT and mismatch variations. Overall, the front end exhibited comparable results
with other state-of-the-art devices in terms of rejection, noise, and power consumption.
Thanks to the implementation of DC-coupled amplifiers and a current-based CMFB loop,
the occupied area per channel was minimized to 0.004 mm2.
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Appendix A

Derivation of Equation (15)

From the small-signal model in Figure 7, equilibrium equations allow us to obtain the
following system:

{
gm2(−Vy) + go2(Vo2 − Vy) = 0

0 = sCgs2Vy + gG2Vy + ∑N
i=1 YoVY + ∑N

i=1 Ii = (gG2 + NYo + sCgs2)Vy + ∑N
i=1 Ioi

(A1)

With respect to (A1), the output voltage of the current-summing stage can be calculated
as

Vo2 =
gm2 + go2

go2
Vy =

gm2 + go2

go2

(
− ∑N

i=1 Ioi

gG2 + NYo + sCgs2

)
. (A2)
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In particular, Ioi and Yo can be obtained by applying Norton’s theorem to the circuit
presented in Figure 6. The equivalent output current for the i-th recording channel is,
therefore, defined as

Ioi = gmR(Vi − Vx)− goRVx. (A3)

From the equilibrium equations applied to the first stage of the front end, Vx can be
computed as

Vx =
YFVFB + XVi

D
, (A4)

where YF = gmF + goF + sCgsF, D = gmR + YF + goF + gG + s(Cgs + CgsF), and
X = gmR + sCgs + sCgsR. By replacing Vx’s expression in (A3) with the one calculated
in (A4), the former becomes

Ioi =
gmRYF + gmRgG − goRs(Cgs + CgsR)

D
Vi − (gmR + goR)

YF
D

VFB �

� gmR
YF
D

(Vi − VFB). (A5)

The expression of Yo is computed by applying a test voltage VT and imposing
Vi = VFB = 0:

Yo =
1

Zo
=

Ioi
VT

= goR
H
D

, (A6)

where H = D − gmR − goR = YF + gG + s(Cgs + CgsR). By substituting (A5) and (A6)
into (A2), the following expression is obtained:

Vo2 = − gm2 + gm2

go2

gmRYF N
NHgoR + D(gG2 + sCgs2)

(
1
N

N

∑
i=1

Vi − VFB

)
.

Let NHgoR + D(gG2 + sCgs2) = Δ; through basic approximations, it is possible to
derive the values of d0, d1, and d2

Δ � N(gmF + sCgsF + sCgs + sCgsR)goR+

(gmF + gmR + sCgs + sCgsF + sCgsR)(gG2 + sCgs2) (A7)

From (A7), the target values can be calculated as

d0 = NgmFgoR + gmFgG2 + gmRgG2

d1 = N(CgsF + Cgs + CgsR)goR + gG2(CgsF + Cgs + CgsR) + Cgs2(gmF + gmR)

d2 = Cgs2(Cgs + CgsR + CgsF). (A8)
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Abstract: A novel low-power MOS-only voltage reference is presented. The Enz–Krummenacher–
Vittoz (EKV) model is adopted to provide a new perspective on the operating principle. The normal-
ized charge density, introduced as a new variable, serves as an indicator when trimming the output
temperature coefficient. The proposed voltage reference consists of a specific current generator and a
5-bit trimmable load. Thanks to the good match between the current source stage and the output
stage, the nonlinear temperature dependence of carrier mobility is automatically canceled out. The
circuit is designed using 55 nm COMS technology. The operating temperature ranges from −40 ◦C to
120 ◦C. The average temperature coefficient of the output voltage can be reduced to 21.7 ppm/◦C by
trimming. The power consumption is only 23.2 nW with a supply voltage of 0.8 V. The line sensitivity
and the power supply rejection ratio at 100 Hz are 0.011 %/V and −89 dB, respectively.

Keywords: voltage reference; MOS-only; low power; low voltage; sub-threshold

1. Introduction

The low-power voltage reference is an essential circuit block in power-limited applica-
tions, such as the Internet of Things (IoT), portable devices, and biological interfaces [1–5].
As a constant reference quantity for the circuit system, the robustness and insensitivity of
its output have crucial impacts on the performance of the system. The voltage reference
in such applications aims to keep a stable and constant output in any process, voltage,
and temperature (PVT) with minimal power.

Currently, voltage reference sources can be roughly sorted into three categories: bipo-
lar (BJT) references, CMOS references, and hybrid references. The traditional bipolar
bandgap references (BGRs) generate an output voltage of about 1.2 V (VBG), which is
relatively consistent among different process technologies. Despite that BGR has little
process variation, it requires a supply voltage higher than 1 V [6–8]. This is not suitable
for most low-power applications and is not available in some advanced technology nodes.
Furthermore, the temperature coefficient (TC) of the conventional first-order BGR is rela-
tively large. Meanwhile, high-order compensation technology inevitably makes the circuit
topology more complex.

To realize a voltage reference operating with a sub-1 V supply, the latter two references
have been developed [9–14]. The CMOS references are generally based on the temperature
characteristics of the threshold voltage (VT). The VT-based references (VTR) utilize the
exponential relationship of MOS transistors biased in the subthreshold region to take the
place of BJTs. The output voltage of VTRs is usually equal to the extrapolated value of the
threshold voltage, thus allowing the lower supply voltage. Unfortunately, the process vari-
ation of its output voltage is larger compared to that of BGR. Some VTRs also need resistors
to generate a controllable voltage proportional to the absolute temperature (PTAT) [15–17].
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Because the current is limited to very small, it can be seen that the resistor not only costs
more mask layers in manufacturing but also occupies more chip area. In addition, some
designs associate the different types of transistors [1,18,19], generating an output propor-
tional to the difference of two threshold values (VT1 − VT2). Although this technique can
significantly reduce the supply voltage, it also requires the use of more masks and increases
the process variations.

Recently, some works combined the principles of VTR and BGR, creating a hybrid
voltage reference [20–22]. The hybrid reference generates a nominal value of VBG −VT with
process dependence compensated by a dimension-induced side-effect. However, reducing
the minimum supply voltage of the hybrid reference is challenging because of the fixed
voltage drop between the base and emitter.

Based on the analyses above, we present a new VTR that only consists of one type
of MOS transistor. A novel current source is proposed and discussed by a new approach.
A simple trimming method is also adopted to further reduce the TC. The paper is organized
as follows. Section 2 reviews the basic EKV model, and introduces it into the explanation of
the principle of VT-based voltage reference. Section 3 presents the design of the proposed
circuit and shows the detailed design considerations of each part. Section 4 gives the
simulated results and the comparison with other works that have been reported in recent
years. Section 5 concludes the paper.

2. Principle of MOS-Only Voltage Reference

2.1. EKV Model

Before we look into the Enz–Krummenacher–Vittoz (EKV) model, it is admirable to
revisit the conventional square-law model, which is widely adopted in textbooks. For
saturation region and triode region, the drain current equation ID of the square-law model
can be expressed as follows:

ID = μCox
W
L

[
(VGS − VTH)VDS − 1

2
V2

DS

]
, (1)

where μ is the carrier mobility, Cox is the gate oxide capacitance of unit area, W is the
width of the MOS transistor, L is the length of the MOS transistor, and VGS and VDS are,
respectively, the gate and drain voltage referred to the source terminal. It is important to
note that, to distinguish it from VT , VTH is the threshold voltage with respect to the source.
It can be seen from Equation (1) that the thermal voltage UT is not taken into account,
which leads to the poor coherence between the equation and simulation in temperature-
dependent performance. As a circuit module that is highly concerned with temperature
characteristics, when designing and analyzing the voltage reference, the model should
include a comprehensive representation of temperature characteristics. Thus, we introduce
the Enz–Krummenacher–Vittoz (EKV) model to explain and optimize the proposed voltage
reference circuit.

The EKV model is a charge-based compact model proposed by Enz, Krummenacher,
and Vittoz in Switzerland in 1995 [23]. The starting point of this model was to establish a
single equation that could adapt to all inversion regions [24–27]. The drain current ID of
the EKV model is expressed through the normalized drain current i [28,29]:

i =
ID
IS

, (2)

where IS is the specific current, defined as

IS = 2nUT
2μCox

W
L

= 2nUT
2μCoxK. (3)

Here, n is the subthreshold slope factor of the MOS transistor, which varies between 1.3
and 2, depending on the process technology. K is called the aspect ratio. It can be seen that
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the temperature dependence of IS depends on the carrier mobility and thermal voltage.
The temperature dependence of the mobility can be expressed as μ = μ(TR) · (T/TR)

−m,
where the range of m is 1.5 to 2 [30]. Hence, the specific current is a nonlinear increasing
function of temperature, approximately proportional to T2−m.

The basic EKV model introduces a new variable qx, called normalized mobile charge
density, to value the amount of charge density at the location x along the channel. The nor-
malized mobile charge density can be calculated from the nonequilibrium voltage Vx along
the channel as follows:

VP − Vx = UT [2(qx − 1) + ln(qx)], (4)

VP =
VG − VT

n
, (5)

where VT and VG are the bulk-referenced threshold voltage and gate voltage, respectively,
and VP is defined as the pinch-off voltage. Equation (4) represents the relationship between
the Vx and qx at the location x. We can replace the subscript of x with S or D to obtain the
charge density at the source or drain terminal. When we obtain the qS and qD based on the
source and drain voltage, the normalized drain current of the transistor i can be derived
as follows:

i = (q2
S + qS)− (q2

D + qD). (6)

On the right side of Equation (6), the square term q2 represents drift current, which
is proportional to the surface potential strength. The linear term q represents diffusion
current, which is proportional to the mobile charge density gradient. The part inside the
first bracket is called forward current, and the part inside the second bracket is called
reverse current. Equation (6) is applicable to both saturated and nonsaturated transistors.
However, for saturated transistors, where the VD is greater than the pinch-off voltage VP,
the current contributed by the second bracket can be neglected.

Above are the basic equations of the EKV model. For the origin of Equations (4)–(6),
we provide a detailed derivation in Appendix A. It is admirable that the EKV model
provides predictions of MOSFET behavior across all operating regions, including weak
inversion, moderate inversion, and strong inversion. In addition, q not only represents the
normalized charge density but also can serve as an index of channel inversion level. When
q « 1, that is, q > q2, the diffusion current is dominant. At this point, the channel is in weak
inversion (WI). Similarly, when q » 1, the channel is in strong inversion (SI). When q = 1,
the drift current is equal to the diffusion current, and the channel is in moderate inversion
(MI).

2.2. MOS-Only Voltage Reference Operation Principle

The basic principle of VT-based voltage reference is to bias a diode-connected MOSFET
with a definite current that varies with temperature. The conceptual diagram is shown in
Figure 1a, and the following text details the analysis of how to determine the magnitude
and the temperature dependence of this current.

MLoad

VREF = VT0

Ibias = IS

(a)

VT (V)

Temp (K)
0 TR

VTR

VT0

kVT

(b)

Figure 1. (a) The conceptual diagram of VT-based voltage reference; (b) the temperature characteris-
tic of VT .
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As shown in Figure 1b, the threshold voltage VT is complementary to the absolute tem-
perature (CTAT) with good linearity. Thus its temperature dependence can be represented
by a linear function:

VT = VT0 − kVTT, (7)

where kVT is the temperature coefficient (positive value), and VT0 is the intersection when
the line is extrapolated to absolute zero temperature.

According to Equations (4) and (5), the gate voltage for a source-grounded MOSFET
can be expressed as follows:

VG = nUT [2(qS − 1) + ln(qS)] + VT . (8)

The first term of Equation (8) is PTAT, and the second term is CTAT. In other words,
to make the gate voltage a temperature-independent quantity VREF, the temperature coeffi-
cients of the two terms must complement each other.

nkb
e0

[2(qS − 1) + ln(qS)] = kVT , (9)

where kb is the Boltzmann constant, e0 is the elementary charge. Unfortunately, Equation (9)
does not have an analytical solution, but we can use the function ω(x) to represent the
solution of the equation y + ln(y) = x. ω(x) can be found in the Symbolic Math Toolbox of
MATLAB R2018a or newer versions as a mathematical function wrightOmega. Therefore,
qS can be expressed as follows:

qS =
1
2

ω(
kVT

kb/e0
+ 2 + ln 2). (10)

Assuming the transistor is saturated, we eliminate the reverse current by combining
Equations (2), (6) and (10), and it can be determined that the required bias current Ibias is

Ibias = IS · 1
4

ω2(
kVT

kb/e0
+ 2 + ln 2) = αIS, (11)

where α is a positive dimensionless constant. As shown in Equation (11), the quantity in
the parentheses is temperature-independent, i.e., α is temperature-independent. Therefore,
the temperature characteristic of the required bias current is consistent with the temperature
characteristic of IS. At this bias current, the gate voltage of the diode-connected transistor
MLoad is equal to VT0. It should be noted that the drain voltage of MLoad is also VT0; thus,
the assumption of saturation holds.

Through the analysis above, we can see that the key of VT-based voltage reference is to
generate a current exactly proportional to the specific current IS of the load transistor. It is
worth noting that when qS deviates from our expected value, the right side of Equation (8)
introduces a temperature-dependent term. In other words, the target bias current biases the
load transistor to a constant inversion level. Interestingly, the temperature characteristic of
carrier mobility does not appear in the analysis above. This is because as long as the bias
current is proportional to the specific current, the nonlinear temperature dependence of μ
is automatically canceled out.

3. Circuit Design

3.1. Proposed Specific Current Source

Just as we concluded in Section 2.2, the key of the VT-based voltage reference is to
design a specific current source. The core circuit of the proposed specific current source
is shown in Figure 2. The devices in the circuit determining the current are M1 − M4.
To ensure that the current generated matches the load transistor MLoad, the unit size of
M1 − M4 is equal to the size of MLoad. In other words, to avoid VT mismatch caused by
inconsistent channel lengths, all NMOS transistors have identical unit sizes to eliminate the
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impact of second-order effects. In addition, the bulk terminals of all NMOS are connected
to VSS.

Current Mirror

VSS

M1

M4

VG2

M3

M2

VG3

VG1

Figure 2. Core circuit of the proposed specific current source.

The current mirror in the upper part of Figure 2 could be replaced by either a simple
PMOS current mirror or a cascoded one. For ease of explaining its operating principle, we
assume that the current ratios of these three branches are equal. Thus, the drain currents of
M1 − M4 can be expressed as follows:

1
2

i1 IS1 = i2 IS2 = i3 IS3 = i4 IS4 = IR. (12)

For each transistor, we can use Equations (4) and (6) to sequentially derive out the
following relationships:

M1 :

{
VP1 = UT [−2 + ln(qS1)] =

VG1−VT
n

i1 = qS1 = 2IR
IS1

; (13)

M2 :

{
VP2 = UT [−2 + ln(qS2)] =

VG2−VT
n

i2 = qS2 = IR
IS2

; (14)

M3 :

⎧⎪⎨
⎪⎩

VP3 − VG2 = UT [2(qS3 − 1)]
VP3 − VG1 = UT [2(qD3 − 1)]
i3 = q2

S3 − q2
D3 = IR

IS3

; (15)

M4 :

{
VP4 − VG2 = UT [2(qS4 − 1)]
i4 = q2

S4 = IR
IS4

. (16)

The equations listed above were simplified based on the proper assumptions as
follows: (i) The sizes of M1 and M2 are set large enough, thus, the q1,2 = ID1,2/IS1,2 	 1.
(ii) The sizes of M3 and M4 are set small enough, thus, the q3,4 = ID3,4/IS3,4 
 1. Simply
speaking, M1,2 are in weak inversion level, and M3,4 are in strong inversion level. If we
set the sizes of the M1 and M2 to be similar, the difference between VG1 and VG2 can be
controlled at a lower level. In other words, M3 is in the deep triode region, while M1,2,4 is
in saturation. In Equations (13), (14) and (16), therefore, we neglected the contribution of
qD1,2,4 to the normalized drain current.

By combining Equations (13) and (14), we have the following:

VG1 − VG2 = nUT ln(
2IS2

IS1
). (17)

71



J. Low Power Electron. Appl. 2024, 14, 13

Since VP3 is equal to VP4, we can easily determine that qS3 and qS4 are equal. When we
take the difference of the first two rows of Equation (15), we can obtain another relationship
of VG1 and VG2:

VG1 − VG2 = 2UT(qS3 − qD3). (18)

The third row of Equation (15) can also be written as follows:

qS3
2 − qD3

2 =
IR
IS3

=
q2

S4 · IS4

IS3
=

q2
S3 · IS4

IS3
. (19)

By substituting Equation (17) into Equation (18), we will have a quadratic equation of qS3:

q2
S3 − (qS3 − c1)

2 = q2
S3 · c2, (20)

where c1 = 1
2 n ln(2IS2/IS1), and c2 = IS4/IS3. Finally, we can obtain the solution of

Equation (20), and the produced current can be expressed as follows:

qS3 =
c1

c2
(1 +

√
1 − c2) = qS4, (21)

IR = q2
S4 · IS4 =

c2
1

c2
2
(1 +

√
1 − c2)

2 · IS4. (22)

The other root of Equation (20) is discarded, as it does not comply with the assumption
made before, that qS3,D3 
 1. If we substitute c1 and c2 with the aspect ratios of M1 − M4,
Equation (22) can be rewritten as follows:

IR =
1
2

μU2
TCoxn3 ln2(

2K2

K1
) · K2

3
K4

(
1 +

√
1 − K4

K3

)2

. (23)

Therefore, the current of each branch is proportional to the specific current. The tem-
perature characteristic of IR also follows the characteristic of the unit transistor.

The complete schematic of the proposed voltage reference is given in Figure 3. As an-
notated in the figure, the overall circuit is composed of four parts: a specific current source,
an operational transconductance amplifier (OTA), a start-up circuit, and a trimmable output
stage. A cascode transistor M5 is added to mitigate the difference in drain voltage between
M1 and M2. The OTA is used to decrease the voltage difference of VD7 and VD8, thus,
improving the accuracy of the current mirror and reducing the line sensitivity. The role
of the start-up circuit is to help the circuit to reach the desired stable state after power-up.
Finally, the output stage copies the IR and generates the reference voltage VREF. In the
following subsection, we will give detailed explanations of the operating principles of the
remaining part.

VSS

M1

M4

VG2

M3

M2

VREF

VG1

MLoad

M5

MOut

M7M6 M8

VDD

M9

M10 M11

M13M12

M15

M14

M16

VD8

VD7

VBP

VX VREF

1 11

IR a IR

a

CC

b=KL/K4

Start Up

OTA Specific
Current
Source

Tr
im

m
ab

le
O

ut
pu

t S
ta

ge

Figure 3. Schematic of the proposed VT-based voltage reference source.
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3.2. Loop Stability

While the amplifier enhances the loop gain, at the same time, the stability of the loop
needs to be carefully analyzed. Thus, to prevent the parasitic oscillation of the circuit,
a compensation capacitor CC is added.

The proposed specific current source contains three branches, and both positive
feedback and negative feedback exist in the loop. Thus, the expression of the total loop gain
is quite complex. Based on reasonable simplifications and comparison with simulation,
the frequency response of the loop gain can be expressed as follows:

LG(s) =
K(s − wz)(

s − wp1
)(

s − wp2
)(

s − wp3
) , (24)

where
wz = − gm1

Cgs2
;

wp1 = wota = − gota
Cota

;
wp2 = − gdsp

Cc

(
1+ gm2

gm1
+

gm2gm3
gm4gds3

) ;

wp3 = − gm2
Cgs2

· (1 + gm1
gm2

+ gm1
gds3

);

LG(0) = − gmp
gdsp

· gm2
gds3

· (1 − gm3
gm4

) · gmota
gota

.

(25)

LG(0) is the DC gain of the loop. gota and Cota denote the conductance and capacitance
at the output node of the amplifier. The loop gain contains one negative zero and three
negative poles. wp1 and wp2 are much smaller than wp3, contributing a phase shift of
−180◦. Given that the current in M1 is twice that of M2, gm1/gm2 is approximately equal
to 2. Hence, wp3 is larger than the zero wz, causing the phase to increase by 90◦ and
then decrease by 90◦. The distribution of the loop’s poles and zero is shown in Figure 4.
As the compensating capacitance CC increases, wp2 moves towards the origin. By carefully
locating two poles, wp1−2, it is possible to retain enough phase margin. The detailed
stability results will be presented in the section on simulation results.

j

CC  
z

p2p3 p1

Figure 4. Pole-zero plot of loop gain and the effect of compensating capacitor.

3.3. Output Stage

After generating the required current IR, we can copy it into the load transistor with
a certain proportion and obtain a reference voltage approximately equal to VT0. Due to
the variation of VT and its temperature coefficient during the actual manufacturing, it is
necessary to perform trimming in the output branch. As follows, two methods of trimming
will be presented: (i) trimming the multiplier of MLoad; (ii) trimming the copy ratio of the
current mirror.

If we suppose the copy ratio of the PMOS current mirror is 1 : a, and the aspect ratio
of the load transistor is KL, then

qSL =

√
aK4

KL
· qs4 =

c1

c2
(1 +

√
1 − c2) ·

√
a
b

, (26)

where b = KL/K4. According to Equation (10), the trimming range determined by the
variables a and b must cover the variations in kVT caused by the process corner. The effects
of a and b on the normalized charge density of MLoad are shown in Figure 5. If we increase
the output stage current, i.e., a, the normalized charge density of the load qSL will rise.
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When it reaches the value calculated from Equation (10), the temperature coefficient of
the VREF approximates zero. Similarly, adjusting the size of the load transistor, i.e., b, can
achieve the same goal.

The dashed line represents the target charge density, where the temperature coefficient
should be zero. q∗SL(kVT,max) corresponds to the case of a relatively large kVT , and, similarly,
the q∗SL(kVT,min) does, too. Hence, the intersection points of two dashed lines and qSL(a),
or qSL(b), indicate the minimum trimming range.

qSL

a or b

qSL(kVT,max)

qSL(kVT,min)

0

qSL(b)

qSL(a)

Figure 5. The impact of a (current mirror copy ratio) and b (size ratio KL/K4) on the normalized
charge density of MLoad.

3.4. Start-Up Circuit

When the power supply voltage is applied, all branches in the voltage reference may
remain zero. Thus, a start-up circuit formed by M14 − M16 is adopted to assist the circuit
escape from the zero-current state [31].

In the initial start-up stage, due to VREF being zero, M14 is turned off. Therefore,
the ramp-up of VDD is coupled to node VST through the MOS capacitor M16. Once the
voltage of VST exceeds the threshold voltage of M15, the node VBP will be pulled down,
hence the branch current rising. Meanwhile, VREF will also rise until it reaches the final
steady state. When VREF becomes the desired value, approximately VT0, M14 is turned on,
discharging the node VST to ground. Finally, M15 is turned off, disconnecting the start-up
circuit from the core circuit.

4. Simulation Results

In the early stage of circuit design, we use the EKV model to investigate the behavior
of the circuit and roughly determine the size of the transistor. The parameters of the EKV
model can be extracted through simulation using a MATLAB script which is available on
the website provided in [29]. To ensure the simulation accuracy, the final results are still
obtained through the Spectre simulator with the BSIM4 model. Table 1 gives the sizes of
each transistor in Figure 3.

Table 1. Sizes of the transistors in Figure 3.

Transistor Size Transistor Size

Mu 0.12/20 (μm/μm) M10,11 4Mu
M1 64Mu M12,13 5/20 (μm/μm)
M2 52Mu M14 2Mu
M3 3Mu M15 2Mu

M4,5 1Mu M16 5/20 (μm/μm)
M6−8 5/20 (μm/μm) MOut 3×5/20 (μm/μm)

M9 104Mu MLoad ( 1
4∼ 47

64 )Mu
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4.1. Temperature Dependence before Trimming

As explained in Section 3.3, we can trim the temperature coefficient by adjusting the
size of the load transistor or the current mirror ratio. It is preferred to take the method
of trimming load, thus the consumption of the circuit can be constant. The total current
consumption of the proposed voltage reference is proportional to the specific current of the
unit NMOS transistor. According to Equation (3), the power of the circuit is approximately
a PTAT quantity. At room temperature, the generated specific current IR is 3.6 nA. As we
set the output current ratio a equal to 3, the total current is approximately 8 times that of
IR, i.e., 29.0 nA. Across the entire temperature range, the total current increases from 19.3
nA at −40 ◦C to 41.2 nA at 120 ◦C.

In order to determine the trimming range of the circuit, it is necessary to evaluate the
temperature dependence before trimming. A Monte Carlo simulation of 500 samples is
performed, sweeping the temperature from −40 ◦C to 120 ◦C. Both mismatch and corner
variation are included in the model to ensure the performance after layout. To avoid
making the figure too cluttered, only 100 VREF curves are shown in Figure 6. Thanks
to the fact that the specific current of MLoad is well matched to the current generated,
curves before trimming are relatively flat. The average value of VREF varies from 421 mV
to 522 mV. Figure 7 shows the TC histogram of 500 samples. The mean of TC is about
41.8 ppm/◦C, and the standard deviation is about 37.0 ppm/◦C. The statistical distribution
indicates that the temperature coefficient of the vast majority of samples is less than
100 ppm/◦C, which can be easily reduced through trimming.

Figure 6. Monte Carlo simulation results before trimming: temperature dependence of VREF.

Figure 7. Monte Carlo simulation results before trimming: histogram of temperature coefficient.
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4.2. Temperature Dependence after Trimming

The process variation range of VT0 is relatively wide, as Figure 6 confirms. Therefore,
we cannot use the one-point trimming methodology as BJT-based voltage reference does.
The trimming method we adopted can be described as follows: (1) Sweep the trim bits
at one ambient temperature, e.g., 20 ◦C, to obtain the voltage of VREF. (2) Sweep the trim
bits at another ambient temperature, e.g., 60 ◦C, to obtain another set of output values.
(3) Take the absolute difference between two sets of data. The trim bits corresponding to
the minimum difference are the final bits we need.

A single NMOS switch is used to connect or disconnect the variable load transistors
to the output. The size of the variable load follows a binary order, specifically, 1, 1/2,
1/4, 1/16, and 1/32, with respect to the size of MLoad. Similarly, we performed a Monte
Carlo simulation of 500 samples with the above trimming procedure. Figure 8 presents the
trimmed output voltage after subtracting its mean value. The curves intersect at the two
temperature points where we performed the trimming. The histogram in Figure 9 shows
that the mean of TC is reduced to 21.7 ppm/◦C and the standard deviation to 10.6 ppm/◦C.
A total of 84.2 percent of the samples have a temperature coefficient below 30 ppm/◦C,
and 95.4 percent of the samples have a temperature coefficient below 40 ppm/◦C.

Figure 8. Monte Carlo simulation results after trimming: temperature dependence of ΔVREF.

Figure 9. Monte Carlo simulation results after trimming: histogram of temperature coefficient.

After calibration, the distribution of average output voltage and the final determined
trimming bits are shown in Figures 10 and 11. The mean value of the VREF is 474.4 mV,
roughly similar to the output under the typical process corner. As we adopted the global
Monte Carlo model during simulation, the variation coefficient σ/μ is 5.8%, which is larger
compared to the coefficient of BGR. VREF is relatively higher under the fast corner and
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lower under the slow corner; therefore, the proposed voltage reference can also serve as
an indicator of the NMOS corner. Figure 11 implies that the selection of a 5-bit trimming
range can meet the needs of the vast majority of samples. The bits number varies from 9 to
23, and its mean value is around the half of 25.

Figure 10. Histogram of average output voltage after trimming.

Figure 11. Histogram of determined trimming bits number.

4.3. Frequency Compensation

Figure 12 illustrates the frequency response of the loop gain with or without CC. The
red circles in the figure denote the unit gain frequency and the corresponding phase margin.
As explained in Section 3.2, the increasing of CC compresses the unity gain bandwidth of
the loop. When the unity gain bandwidth decreases, the frequency point corresponding to
the phase margin first approaches wp3 and then moves closer to wz. In a figurative sense,
the corresponding point will first climb a hill and then descend into a valley. The simulation
result of phase margin versus CC is shown in Figure 13. The capacitance value of the CC is
finally determined to be 400 fF, while the phase margin of the loop is 38.7◦.
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Figure 12. Frequency response of loop gain without or with CC.

Figure 13. Phase margin as a function of CC.

4.4. Supply Dependence

The supply dependence of the proposed voltage reference was simulated at room
temperature. Figure 14 shows the output voltage and the input difference of the amplifier
as functions of VDD. The minimum supply voltage could be as low as 0.8 V, and the line
sensitivity (LS) is 0.011%, ranging from 0.8 V to 1.5 V. The maximum supply voltage is
mainly limited by the breakdown voltage of VDS. The results also indicate that a lower
supply voltage leads to inaccuracy in the specific current generator. The acceptable supply
voltage depends not only on the voltage headroom of the PMOS current mirror but also
on the allowable amplifier input residue, because the larger the residue, the worse the
temperature coefficient of VREF. Figure 15 shows the power supply rejection ratio (PSRR)
with a load capacitance of 10 pF at room temperature. Thanks to the additional amplifier,
the PSRR is −89 dB at 100 Hz.
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Figure 14. VREF and difference of OTA’s input voltage versus supply voltage.

Figure 15. PSRR with a CL of 10 pF.

Figure 16 shows the layout of the proposed voltage reference. Each part of the circuit
is annotated, including the compensation capacitor CC. The overall area of the core circuit
is only 90 μm × 100 μm. Since the size of all NMOS is determined based on the unit cell
Mu, the layout of the circuit is highly compact. CC is composed of a metal–insulator–metal
(MIM) capacitor using top metal; thus, it can be stacked on the active device to save area.
Dummy transistors are added on both sides of the layout to mitigate the layout-dependent
effect (LDE).

10
0u

m

90um

Trimming
Load

OTA
CC

Current 
Mirror

Start Up Specific
Current 
Source

Figure 16. Layout.
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Table 2 compares the performance of the proposed VT-based voltage reference with
other reported works. It can be seen that the proposed reference is very competitive in
many aspects. We balanced the circuit’s power and TC, adding an amplifier to improve
LS with an acceptable current consumption. Thus, our design shows excellent supply
and temperature independence. Meanwhile, our design only adopts one type of MOSFET,
which makes it more efficient in terms of mask layer numbers and process portability.
Compared with [32], which also contains one MOSFET type, our design achieves a lower
supply voltage and less power consumption. In addition, our design enables the majority
of chips to achieve a small TC through a 5-bit trimming, which improves the yield in
practical system applications.

Table 2. Comparison of the proposed voltage reference with previous works.

Parameter This Work TCASII’23 [1] TCASII’23 [15] TCASII’21 [32] SBCCI’20 [14] JLPEA’18 [18]

Process (nm) 55 180 65 180 130 350
Temp. Range (°C) −40–120 −10–100 −20–80 −40–85 −40–125 −70–85

TC (ppm/°C) 21.7 90 79.4 60.86 28.8 42
VREF (mV) 474.4 288 107.2 985 575.2 1520

σ/μ (%) 5.8 0.574 2.4 2.6 4.32 2
Supply (V) 0.8–1.5 0.5–2 0.4–0.8 1.5–6 1–1.8 1.7–3.3
LS (%/V) 0.011 0.23 0.54 0.003 0.071 10

Consumption (nW) 23.2 0.5 56.7 63 36.4 1110
PSRR (dB) −89 (@100 Hz) −45 (@100 Hz) −66.5 (@10 Hz) −93.3 (@10 Hz) −54.4 (@100 Hz) −35 (@100 Hz)

Area (mm2) 0.009 0.0029 0.0084 0.015 0.0078 0.06
Components 1 Type MOS 3 Types MOS MOS + Res 2 Types MOS 1 Type MOS 2 Types MOS + Res

5. Conclusions

This paper presents a 55 nm low-power VT-based voltage reference. The reference
proposed only requires MOS transistors, and no BJTs or resistors are needed. A detailed
explanation of the operating principle and design of the circuit was given with the EKV
model. The reference consists of a novel specific current generator, a simple amplifier,
a start-up circuit, and a trimmable output stage.

The simulation results showed that a balanced trade-off between TC and power was
achieved. The proposed voltage reference has an average TC of 21.7 ppm/◦C with a
power consumption of 23.2 nW. The circuit also has excellent supply independence. Its line
sensitivity is only 0.011 %/V, and PSRR is −89 dB at 100 Hz. The core area of the circuit
is 0.009 mm2. Therefore, the proposed circuit is a suitable voltage reference module for
low-power applications.
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Appendix A

In this appendix, the origins of basic EKV equations are derived. Firstly, there are two
transport mechanisms in the composition of the MOS transistor: drift current and diffusion
current. The total drain current ID can be expressed as follows:

ID = μW
(
−Qi

dψS
dx

+ UT
dQi
dx

)
, (A1)

where Qi is the mobile charge density, and ψS is the surface potential at the position x
along the channel. The diffusion factor varies little across the WI, MI, and SI. Therefore,
for diffusion current, the relationship between Qi and surface potential can be approximated
as follows:

d
(
− Qi

Cox

)
= −

(
1 +

γ

2
√

ψS

)
dψS = −ndψS, (A2)

where γ is known as the back gate parameter. We normalize the Qi as follows:

q = − Qi
2nUTCox

, (A3)

Thus, Equation (A2) can be expressed as follows:

dψS = −2UTdq. (A4)

Therefore, we rewrite the differential equation of the drain current:

∫ D

S
IDdx =

∫ D

S
−2nU2

TCox(2q + q)dq. (A5)

Finally, we perform the integration from the source terminal to the drain terminal and
obtain

ID = 2nU2
TμCox

W
L

·
[(

q2
S + qS

)
−
(

q2
D + qD

)]
. (A6)

Another fundamental physical equation of the EKV model relates the nonequilibrium
voltage V and q:

Qi ∝ exp
(

ψS − φF − V
UT

)
, (A7)

hence,
dQi
Qi

=
dq
q

=
dψS − dV

UT
. (A8)

Substituting Equation (A4) into Equation (A8), we obtain

∫ qP

qx

(
2 +

1
q

)
dq =

∫ VP

Vx
− 1

UT
dV. (A9)

where qP denotes the normalized charge density at the pinch-off point and equals one.
Thus, we connect the V and q after integration and have Equation (4).

The physical interpretation of the linear relationship between VP and VG is relatively
complex, and due to text space constraints, the detailed derivation is not provided here.
Readers can find a detailed explanation of Equation (5) in reference [23,28].
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Abstract: Adiabatic logic has been proposed as a method for drastically reducing power consumption
in specialized low-power circuits. They often require specialized clock drivers that also function
as the main power supply, in contrast to standard CMOS logic, and these power clocks are often a
point of difficulty in the design process. A novel, stepwise charging driver circuit for four-phase
adiabatic logic is proposed and validated through a simulation study. The proposed circuit consists
of two identical driver circuits each driving two opposite adiabatic logic phases. Its performance
relative to ideal step-charging and a standard CMOS across mismatched phase loads is analyzed,
and new best practices are established. It is compared to a reference circuit consisting of one driver
circuit for each phase along with a paired on-chip tank capacitor. The proposed driver uses opposite
logic phases to act as the tank capacitor for each other in a “self-tanked” fashion. Each circuit was
simulated in 15 nm FinFET across a variety of frequencies for an arbitrary logic operation. Both
circuits showed comparable power consumption at all frequencies tested, yet the proposed driver
uses fewer transistors and control signals and eliminates the explicit tank capacitors entirely, vastly
reducing circuit area, complexity, and development time.

Keywords: adiabatic logic; stepwise charging; tank capacitor; FinFET

1. Introduction

Adiabatic logic, a novel approach in low-power digital circuit design, has been pro-
posed as a method to increase the energy efficiency of digital circuits, especially in energy
constrained applications such as IoT devices and other embedded systems. By employing
adiabatic logic, these energy-constrained applications can achieve notable improvements in
energy efficiency, allowing for prolonged battery life, reduced power consumption, and en-
hanced overall performance. The main principle by which an adiabatic logic circuit differs
from a typical CMOS logic circuit lies in the differing methods of charging or discharging a
load capacitance in the system through careful control of the power supply [1]. By smoothly
ramping between different target voltages (i.e., a logic high or a logic low), losses caused
by charging the load capacitance of each logic gate can be reduced. Often, this can require
complex resonant circuits adding to design time and reducing manufacturability [2–5]. Al-
ternatively, stepwise charging can be used to find a middle ground between typical CMOS
logic power consumption and ideal adiabatic logic operation [6–10]. Instead of smoothly
transitioning between targets as in ideal adiabatic logic or sharply jumping between a
logic high and a logic low, step-charging transitions between multiple intermediate voltage
levels. Step-charging energy consumption approaches that of ideal adiabatic charging as
the number of steps increases. These step-charging circuits can require multiple supply
voltage levels or large on-chip tank capacitors in their design. This work aims to reduce
design time and chip area by use of a redesigned step-charging driver circuit that eliminates
the need for tank capacitors.
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2. Adiabatic Logic

Consider a typical CMOS inverter with a load capacitance C as shown in Figure 1.
During a charging event, an amount of charge Q = CVDD travels from the power supply
to the load capacitance through the pull-up PFET. Now, the voltage across the load is equal
to the supply voltage VDD and the capacitor stores an amount of energy Estored = 1

2 CV2
DD,

but an amount of energy equal to Etotal = QVDD = CV2
DD leaves the power supply. The

difference is lost in the upper transistor (PFET). Similarly, it can be easily seen that during
a discharging event, all the charge stored in the capacitor is dumped to ground through
the lower transistor (NFET), and all the stored energy is lost in the NFET. Charging and
discharging events both consume an amount of energy, Elost =

1
2 CV2

DD, regardless of any
properties of the NFETs or PFETs that comprise the logic gates.

 

Figure 1. CMOS inverter circuit showing the current path during both a charging and discharging
event. The capacitor C represents the load created by attaching further logic gates to the inverter.

By contrast, during adiabatic charging of the same system, the supply voltage, vS, is
not static but slowly ramps from 0 V to VDD over a time T. In doing so, the voltage across
the load capacitance can be modeled as approximately following the supply voltage, that
is, vC ≈ vS = VDD

T t. In doing so, the overall energy dissipated in charging the capacitor
over this time period can be found:

Elost =
RC
T

CV2
DD (1)

where R is the on-resistance of the PFET PMOS channel during charging. Through this
method, less than 1

2 CV2
DD energy can be lost during a charging event through careful

control of device parameters and charging time.
There is a variety of circuit architectures that implement this adiabatic charging

method, with a common application being in different four-phase adiabatic logic families
such as “efficient charge recovery logic” (ECRL) [11] and “positive feedback adiabatic
logic” (PFAL) [12]. In both families, the ideal power supply consists of a trapezoidal power
clock, as illustrated in Figure 2a. Four separate phases occur in the power clock: evaluate,
hold, recover, and wait. During the evaluate phase, the supply voltage follows the ramp
illustrated earlier and allows for the logic gate to perform its computation. The hold phase
holds the output logic values for any successor logic to evaluate its own operation. Recover
allows for the charge in the load capacitance to return to the power supply and the wait
phase provides symmetry for smooth operation. Four different power clocks are required
to implement an ECRL or PFAL system, staggered as shown in Figure 2b, with the evaluate
phase being in line with its predecessor’s hold phase. Logic is thus chained together as in
Figure 3, with each gate passing data along in a pipeline.
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(a) (b) 

Figure 2. Ideal trapezoidal power clocks for adiabatic logic. (a) Power clock showing relative voltage
levels during each phase of operation: evaluate, hold, recover, and wait; (b) four staggered power
clocks used in four-phase adiabatic logic, each offset 90 degrees such that the evaluate phase of one
clock is during the hold phase of its predecessor.

 
Figure 3. Four successive buffers implemented in four-phase adiabatic logic, buffering a logical value
from point A to B, each taking a different power clock in sequence.

3. Stepwise Charging

As mentioned previously, for PFAL and ECRL, generation of the ideal trapezoidal
waveform is quite difficult and can require carefully tuned resonant circuits. To this end,
alternative methods consisting of multiple steps to intermediate voltages in the charging
process to mimic the smooth ramp up have been investigated [6–10]. The simplest of these
is the two-step charging case illustrated in Figure 4. A switch brings the load capacitance
to half the supply voltage during the evaluation phase, dissipating 1

8 CLV2
DD, followed by a

second switch to VDD and dissipating another 1
8 CLV2

DD. While nowhere near as efficient as
the ideal trapezoidal behavior in (1), the two-step case results in only 1

4 CLV2
DD being lost in

each charge or discharge cycle, half that of conventional CMOS.

 

Figure 4. Stepwise charging of a load capacitance using two steps, each contributing half the charge
needed to reach supply voltage. The four phases used in this clock match those of the trapezoidal
clock of Figure 2a. The exponential behavior of charging and discharging the load capacitance is
exaggerated for illustration.
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To implement step-charging, specific driver circuits are used, as demonstrated in [7]
and shown in Figure 5a. These consist of a large tank capacitance CT and pass-transistors
for moving the required charge around. This driver circuit is controlled by a finite state
machine of conventional CMOS logic with an operating frequency higher than that of the
driven adiabatic logic (with the goal that the power saved by using adiabatic logic is not
outweighed by the power consumed by the driver circuit and control logic). During the
beginning of the evaluate and recover phases of the power clock the transmission gate
controlled by S1 levels the voltage between CL and CT , ideally bringing both their voltages
to VDD

2 . During the latter half of these phases, either S0 or S2 drives CL to the supply
voltage or ground, respectively. The control signal timing for the step driver can be seen in
Figure 5b.

 
(a) (b) 

Figure 5. Traditional stepwise charging driver circuit. (a) The driver circuit; different pass transistors
control the flow of charge to the power clock node represented by capacitor CL. The tank capacitor CT

sources or sinks charge during the middle of evaluate and recover phases, respectively. (b) Control
signal timing for each of the pass transistors.

One of these driver circuits and companion FSM is required for each power clock and
the tank capacitance must be tuned to match the load carried by that specific clock’s logic,
with a larger tank capacitance allowing the step voltage to be closer to half the supply,
improving efficiency, though with more area overhead. In [7], it was found that a tank
capacitance equal to ten times the load capacitance was a good rule of thumb for proper
logical operation and circuit efficiency before hitting diminishing returns. In practice,
this requires careful investigation of the load represented by each phase of logic and an
additional area overhead needed to implement the large tank capacitance. A total of 4 tank
capacitances, 12 switching devices, and 12 different control signals are thus required to
implement this system for any four-phase adiabatic logic.

4. Improved Step-Charging Circuit

An improved step-charging circuit can be implemented using the circuit shown in
Figure 6a. In contrast to the reference work, only two of these circuits are needed, one for
each pair of opposite logic phases. Thus, only 10 switching devices and control signals are
required, and importantly, no explicit tank capacitors are required. It achieves this by using
the load capacitance, Cn, of phase φn as the tank capacitor for its opposite phase φn+2 and
vice versa in a “self-tanked” fashion.

When one phase is dropping in its first step down from VDD, this charge is used to
step up the opposite phase from ground. If the load capacitances for each phase are equal,
then any charge will be distributed equally, the step voltage will be equal to VDD

2 , and the
energy consumed remains at half of that of a conventional CMOS. If the load capacitances
are not equal (a more likely scenario), then the load capacitances for each phase can be
defined as such: CL is the nominal CMOS load and will correspond to the phase with
the lower load and CH will correspond to the phase with the higher load. CH = αCL and
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α ≥ 1, α representing the factor by which one phase’s load is larger than the other. Note
that the order of these two loads does not matter, as a full cycle of their power clocks will
be considered. Due to charge conservation between the mismatched capacitances, two
different step voltages occur at different points in the power clock:

Vstep−A =
1

α + 1
VDD and Vstep−B =

α

α + 1
VDD (2)

  

(a) (b) 

Figure 6. Improved stepwise charging driver circuit. (a) The driver circuit; different pass transistors
control the flow of charge between to opposite phases of the adiabatic logic, represented here by their
loads and relative offset from each other: Cφn and Cφn+2 ; (b) Control signal timing for each of the pass
transistors, separated into ‘a’ control signals for φ0 and φ2, and ‘b’ signals for φ1 and φ3.

φL, the clock corresponding to the lower load, will attain α
α+1 VDD on its way to

charging to VDD, while lowering to 1
α+1 VDD on its descent to 0 V. φH will do just the

opposite on its way up and down. Now, a charging event and the energy lost for φL can be
decomposed into its two steps:

EL,charging =
1
2

CL

(
α

α + 1
VDD

)2
+

1
2

CL

(
VDD − α

α + 1
VDD

)2
(3)

EL,charging =
1
2

CLV2
DD

[
1 − 2

α

α + 1
+ 2
(

α

α + 1

)2
]

. (4)

A discharge event and its energy can be decomposed in the same way:

EL,discharging =
1
2

CLV2
DD

[
1 − 2

1
α + 1

+ 2
(

1
α + 1

)2
]

. (5)

Combined, the overall energy lost during a complete cycle of φL can be shown as
follows:

EL =
1
2

CLV2
DD · 2

α2 + 1

(α + 1)2 . (6)

It is at this moment that two interesting observations can be made. Setting α = 1,
results in the case with no mismatch and an overall energy loss of 1

2 CLV2
DD for both a single

charge and discharge, congruent with the results stated in the goals of stepwise charging
(note that ECMOS = CLV2

DD when combining a single charge and discharge). Additionally,
taking the limit as α → ∞ results in EL = CLV2

DD, again, the standard CMOS result. This
factor can be thought of as corresponding to a higher load capacitance whose voltage
cannot be changed no matter how much charge is taken out of it, a Vstep−A = 0 V, and
a Vstep−B = VDD. Thus, the higher capacitance acts as a static voltage source, just like a
CMOS power supply.
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The same process of finding energy loss can be performed for CH as well, remembering
to factor in α for the load capacitance being a higher value, resulting in the following:

EH =
1
2

CLV2
DD · 2α

α2 + 1

(α + 1)2 . (7)

Again, this can be checked for congruence to the no mismatch case by setting α = 1,
and indeed does result in half the energy of standard CMOS charging. Combining both (6)
and (7), a combined energy loss for the two mismatched phases can be determined:

EH + EL = CLV2
DD ·

[
α

α2 + 1

(α + 1)2 +
α2 + 1

(α + 1)2

]
= CLV2

DD

[
α2 + 1
α + 1

]
. (8)

Similarly, the energy for a standard CMOS circuit going through both a charge and
discharge cycle with two different loads can also be determined:

ECMOS = EH,CMOS + EL,CMOS = αCLV2
DD + CLV2

DD = (α + 1)CLV2
DD. (9)

An energy savings factor can then be defined as the ratio between (8) and (9):

ESF% =
EH + EL

EH,CMOS + EL,CMOS
=

α2 + 1

(α + 1 )2 . (10)

For the matched α = 1 case, this again shows that the step-charging circuit will use
half the energy of a standard CMOS circuit. Even if the higher load in a phase is twice that
of the lower, this still results in an energy consumption 55% that of standard CMOS.

It may seem prudent at this point to add additional compensation capacitance to the
lower load phase to force CH = CL and α = 1. However, doing so changes the combined
energy of the step-charging phases to the following:

EH,compensated + EL,compensated = αCLV2
DD. (11)

This can be compared to the unadjusted energy in (8) to determine how much com-
pensation adjusts the energy used:

Compensation % Change =
EH,compensated + EL,compensated

EH + EL
=

α2 + α

α2 + 1
. (12)

For α > 1, this always results in more energy being used in the compensated case vs.
the uncompensated case in (10). Therefore, there is no benefit to adding capacitance to the
lower load to account for a mismatch between phases.

5. Implementation and Simulation

A test circuit was designed using the FreePDK15 15 nm FinFET PDK provided by
North Carolina State University [13].

This circuit consisted of two of the step-charging driver circuits depicted in Figure 6a
as well as an example test logic circuit (Figure 7) implemented in ECRL using the methods
laid out in [11]. Buffers were interspersed to add additional load to the example circuit
as well as to keep signals properly in-phase as they are pipelined through the circuit in
accordance with ECRL design principles. Control signals for the step-driver circuits were
defined using idealized voltage sources and follow the timing of Figure 6b.
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Figure 7. Logic circuit used to test the power consumption of the stepwise charging driver circuits.
Each combination of logic signals A, B, and C were tested. Each gate was implemented in ECRL,
and buffers were included to ensure proper timing of signal propagation through the circuit. Each
logic gate used minimized FinFETs as allowed for by the PDK with two fins per device.

All FinFETs used in the simulation were of minimum sizing, as detailed in the PDK
with two fins used per device. VDD was set to 0.8 V.

The A, B, and C data signals depicted in Figure 7 merely count up from a binary 0 with
A being the least significant bit and C being the most significant, allowing for all logical
results to be evaluated for the average power consumption. All results are available after
one ECRL period after being applied due to the inherent pipelining of ECRL.

The proposed system was compared to the reference driver circuit in Figure 5. First an
implementation of the reference driver circuit was designed using minimum sized FinFET
parameters and two fins per device. Control signals were also created using ideal voltage
sources. This is to keep consistency with the proposed driver implementation. Then, a
sweep of the tank capacitor for each driver was performed to confirm the findings laid
out in [7], each of the four drivers receiving identical capacitance values. The reference
drivers were attached to each clock phase for the test logic circuit and driven to result in an
adiabatic logic frequency of 250 MHz. Average power consumption was then computed
for these simulations. These results can be seen in Figure 8. After a tank capacitance of
20 fF, savings in power suffers from significant diminishing returns. Therefore, 20 fF was
chosen as the baseline for tank capacitor in the reference driver circuit, with 100 fF being
used as an extreme to compare efficiency with the proposed driver circuit. In all reference
driver simulations, tank capacitors were pre-charged to 0.4 V in order to model the circuit
having reach its steady state of operation, with the goal being to mimic the “few cycles to
settle” requirement laid out in [7]. Simulations for each circuit were then performed at a
range of adiabatic system frequencies (100 MHz to 1 GHz), and power consumption for
each system (proposed, reference at 20 fF, and reference at 100 fF) was calculated.
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Figure 8. Tank capacitor sweep at 250 MHz operation of the reference driver and test logic circuit.
After about 20 fF of tank capacitance on each phase, the circuit hits diminishing returns in regard to
power savings.

6. Analysis

All test logic circuits adequately performed the logical operations required under their
respective drivers, confirming that both methods are sufficient for proper logical operation.
Power consumption across the frequency range for each driver is shown in Figure 9. As
can be seen, across the majority of the frequency range, both the 20 fF reference driver,
the 100 fF reference driver, and the proposed driver perform within 1% of each other with
regard to power consumption. Lower frequencies slightly deviate from each other as these
ranges are more dominated by leakage power rather than the dynamic switching power.
Additionally, when observing the waveforms of the clocks in Figure 10 for the proposed
driver, the mismatch in load between the phases can be seen. φ0 and φ2 are relatively well
balanced, and their step voltages do not deviate far from VDD

2 during either charging or
discharging. This can be explained by the relatively even load for each phase based on
the logic used in Figure 7. φ1 and φ3, however, show a deviation to about 480 mV at the
worst in a given charge or discharge cycle. Again, by looking at Figure 7, it is easy to see
that the load seen by φ3 is the lowest in the circuit, as the outputs of logic gates driven by
φ3 do not drive any other gates, only their self-loading is present. Adding dummy load
to clock 3 in the form of capacitor connected NFETs allowed for the step voltage to reach
closer to the ideal of VDD

2 , in agreement with (2) and the reduction in α to be closer to 1, but
overall increased the power consumed by the circuit in agreement with the findings in (11)
and (12).
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Figure 9. Comparison of power consumption for each circuit under test at different adiabatic logic
frequencies. The proposed stepwise charging driver circuit is compared to the reference work at with
both 20 fF and 100 fF tank capacitors. During low-frequency operation, power is largely dominated
by leakage current and little change in power consumption occurs with a change in frequency. As
frequency increases, power scales linearly. Higher frequencies show power consumptions within 1%
of each other for each circuit under test.

 

Figure 10. Power clock waveforms for the proposed stepwise charging driver circuit at 500 MHz
adiabatic logic operation. Upper plot: φ0 (red) and φ2 (blue) can be seen to have relatively equal load
as both their step voltages follow closely to half the supply voltage. Lower plot: φ1 (green) and φ3

(orange) show mismatched load as their step voltages deviate from half the supply. An analysis of
the unloaded outputs of φ3 in Figure 7 show this to be the case, with only the self-loading of the logic
gates present for that power clock.

7. Conclusions

A novel stepwise charging driver circuit for four-phase adiabatic logic was designed
and analyzed for power consumption compared to a standard CMOS and to a reference
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step driver design. A series of simulations was performed using the FreePDK15 15 nm
FinFET process comparing the two driver circuits. The proposed and reference drivers
were both tasked with driving the same arbitrary logic function and both logical accuracy
and power consumption were analyzed. These simulations were performed across a logical
frequency range of 100 MHz to 1 GHz. Both drivers were able to drive the logic circuits
for correct logical operation for each frequency tested. For the majority of the frequency
range observed, both proposed and reference driver circuits operated within 1% power
consumption of each other for the performance of adiabatic logic operations. However,
the proposed driver circuit eliminates six transistors, six control signals, and four on-chip
tank capacitors, leading to reduced circuit area requirements for the same circuit operation
and efficiency.

Author Contributions: Conceptualization, W.M.; methodology, W.M.; software, W.M.; validation,
W.M. and J.-W.C.; formal analysis, W.M.; investigation, W.M.; resources, W.M.; data curation, W.M.
and J.-W.C.; writing—original draft preparation, W.M.; writing—review and editing, W.M. and
J.-W.C.; visualization, W.M. and J.-W.C.; supervision, J.-W.C.; project administration, W.M. and
J.-W.C.; funding acquisition, J.-W.C. All authors have read and agreed to the published version of
the manuscript.

Funding: This research received no external funding.

Data Availability Statement: Dataset available on request from the authors.

Conflicts of Interest: The authors declare no conflict of interest.

References

1. Athas, W.; Svensson, L.; Koller, J. Low-Power Digital Systems Based on Adiabatic-Switching Principles. IEEE Trans. Very Large
Scale Integr. Syst. 1994, 2, 398–407. [CrossRef]

2. Kuttappa, R.; Filippini, L.; Sica, N.; Taskin, B. Scalable Resonant power Clock Generation for Adiabatic Logic Design. In
Proceedings of the IEEE Computer Society Annual Symposium on VLSI, Tampa, FL, USA, 7–9 July 2021.

3. Kuttappa, R.; Khoa, S.; Filippini, L.; Pano, V.; Taskin, B. Comprehensive Low Power Adiabatic Circuit Design with Resonant
Power Clocking. In Proceedings of the 2020 IEEE International Symposium on Circuits and Systems, Seville, Spain, 12–14
October 2020.

4. Frank, M.; Brocato, R.; Conte, T.; Hsia, A.; Jain, A.; Missert, N.; Shukla, K.; Tierney, B. Special Session: Exploring the Ultimate
Limits of Adiabatic Circuits. In Proceedings of the IEEE 38th International Conference on Computer Design, Hartford, CT, USA,
18–21 October 2020.

5. Jeanniot, N.; Pillonnet, G.; Nouet, P.; Azemard, N.; Todri-Sanial, A. Synchronised 4-Phase Resonant Power Clock Supply for
Energy Efficient Adiabatic Logic. In Proceedings of the 2017 IEEE International Conference on Rebotting Computing, Washington,
DC, USA, 8–9 November 2017.

6. Koller, J.G.; Svensson, L. Driving a capacitive load without dissipating fCV2. In Proceedings of the IEEE Symposium on Low
Power Electronics, San Diego, CA, USA, 10–12 October 1994.

7. Raghav, H.S.; Bartlett, V.A.; Kale, I. Energy efficiency of 2-step charging power-clock for adiabatic logic. In Proceedings of the
2016 26th International Workshop on Power and Timing Modeling, Optimization and Simulation, Bremen, Germany, 21–23
September 2016.

8. Chernichenko, D.; Kushnerov, A.; Ben-Yaakov, S. Adiabatic charging of capacitors by Switched Capacitor Converters with
multiple target voltages. In Proceedings of the 2012 IEEE 27th Convention of Electrical and Electronics Engineers in Israel, Eilat,
Israel, 14–17 November 2012.

9. Khorami, A.; Saeidi, R.; Sharifkhani, M. An Analysis of Stepwise Adiabatic Circuits. In Proceedings of the 28th Iranian Conference
on Electrical Engineering, Tabriz, Iran, 4–6 August 2020.

10. Raghav, H.S.; Bartlett, V.; Kale, I. Investigation of stepwise charging circuits for power-clock generation in Adiabatic Logic. In
Proceedings of the 2016 12th Conference on Ph.D. Research in Microelectronics and Electronics, Lisbon, Portugal, 27–30 June 2016.

11. Moon, Y.; Jeong, D.-K. An efficient charge recovery logic. IEEE J. Solid-State Circuits 1996, 31, 514–522. [CrossRef]
12. Vetuli, A.; Pascoli, S.; Reyneri, L. Positive feedback in adiabatic logic. Electron Lett. 1996, 32, 1867–1869. [CrossRef]
13. FreePDK15. Available online: https://eda.ncsu.edu/freepdk15/ (accessed on 10 January 2024).

Disclaimer/Publisher’s Note: The statements, opinions and data contained in all publications are solely those of the individual
author(s) and contributor(s) and not of MDPI and/or the editor(s). MDPI and/or the editor(s) disclaim responsibility for any injury to
people or property resulting from any ideas, methods, instructions or products referred to in the content.

93



Journal of

Low Power Electronics
and Applications

Article

0.35 V Subthreshold Bulk-Driven CMOS Second-Generation
Current Conveyor

Muhammad Omer Shah, Manfredi Caruso and Salvatore Pennisi *

DIEEI (Dipartimento di Ingegneria Elettrica Elettronica e Informatica), University of Catania, 95125 Catania, Italy;
muhammad.shah@phd.unict.it (M.O.S.); manfredicaruso1@gmail.com (M.C.)
* Correspondence: salvatore.pennisi@unict.it; Tel.: +39-095-7382318

Abstract: This study describes a high-performance second-generation Current Conveyor (CCII)
operating at 0.35 V and achieving rail-to-rail operation at the Y terminal and class AB current drive
at the X and Z terminals. The solution utilizes a low-voltage subthreshold bulk-driven CMOS OTA
that was experimentally developed earlier, making systematic use of body terminals to improve
small-signal and large-signal performance. The circuit has a high open-loop voltage gain and uses
cascoded current mirror topologies, resulting in precise voltage and current transfer with bandwidths
of 1.33 MHz and 2.13 MHz, respectively. The CCII offers a linear current drive up to 2.5 μA while
consuming a total quiescent current of 2.86 μA (758 nA in the output branches), displaying one the
highest figures of merit in terms of current utilization for sub 1 V solutions.

Keywords: bulk-driven; CMOS analog integrated circuits; low-voltage; operational transconductance
amplifier

1. Introduction

Bulk-driven (BD) techniques have gained significant attention among circuit designers
in recent years [1–5] because they eliminate the threshold voltage limitation when driv-
ing MOS field-effect transistor (MOSFET) devices via their bulk (body) terminals. The
effectiveness of the BD approach has been particularly evident in implementing Opera-
tional Transconductance Amplifiers (OTAs) that function with supply voltages from 400
mV down to 250 mV [6–19]. This approach allows for the widest common-mode input
range, nearly providing rail-to-rail limits. Furthermore, it often results in quiescent current
consumption of only a few microamperes or less, which is achieved by properly biasing
MOSFETs in their sub-threshold region. The above properties meet the rising demand
for ultra-low-voltage, ultra-low-power integrated circuits (ICs) in portable, wearable, and
implantable electronics [20–23] but also in the Internet of Things and in the automotive
field, which require the development of new circuit topologies and design methodolo-
gies aimed at preserving the performance characteristics of established CMOS solutions
while enhancing input/output voltage swing and reducing the necessary supply voltage,
particularly in the analog domain.

In this framework, the second-generation Current Conveyor, CCII, is a versatile three-
terminal (namely, Y, X, and Z terminals) block that provides distinctive performance as
it brings together voltage-mode processing characteristics (the voltage follower action
between the Y and X terminals) with current-mode ones (the current follower action
between X and Z terminals). CCIIs have indeed been used for active filter implementation
and are found to be building blocks of transimpedance and current feedback operational
amplifiers, voltage, and current operational amplifiers [24–27].

A comprehensive review of the recent literature reveals that numerous publications
explore novel CCII implementations with low-voltage and low-power capabilities that also
exploit body-driven and subthreshold techniques to attain rail-to-rail performance [28–33].
In this paper, we present an alternative high-accuracy body-driven CCII solution supplied
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from 0.35 V and with a 2.86 μA total quiescent current (758 nA in the two output branches).
Among the most relevant performances, thanks to the high open-loop gain and exploitation
of cascoded current mirror topologies, the circuit provides accurate voltage (Y to X) and
current (X to Z) transfers with a −3 dB frequency of 1.33 MHz and 2.13 MHz, respectively,
and with an efficient current drive capability of around 2.5 μA.

Compared to other sub-1V solutions, the proposed design achieves superior current
drive efficiency. This metric, defined as the ratio of maximum output current to total
quiescent current, is particularly important in targeted battery-operated or even battery-
less applications.

The rest of the paper is organized as follows. The presented solution is described
in Section 2, where particular focus is directed towards elucidating the primary novel
design solutions and fundamental design equations. Section 3 delves into the simulations
conducted to assess the proposed solution, while in Section 4 the paper concludes with the
authors presenting their findings and drawing conclusions.

2. The Proposed Solution

The proposed solution is depicted in Figure 1 and was derived from the OTA con-
figuration presented by one of the authors in a recently published work that employs
MOSFETs in the subthreshold region and strategically leverages the body terminals to
enhance small-signal and large-signal performance [19].

Figure 1. Schematic diagram of the proposed BD CCII.

Our proposed current-conveyor circuit introduces several key modifications compared
to the design presented in [19]. Firstly, we introduce a current branch replicating current
at terminal X in terminal Z. Secondly, we remove the Slew-Rate Enhancer section of [19]
to eliminate nonlinearities inherent to this highly nonlinear circuit. Finally, we employ
extensive transistor cascoding to achieve superior DC and AC matching, while also opti-
mizing loop gain and the equivalent resistance at terminal Z. Moreover, while reference [19]
focuses on off-chip, high-drive applications, our CCII is specifically designed for on-chip,
low-load capacitance applications. This necessitates a distinct design approach to optimize
for these contrasting use cases.

The solution is based on local positive feedback for improved input transconductance
which is achieved through the bodies of M3–M4, and dynamic threshold voltage control to
boost the current drive capability is implemented with the bodies of M13–M14. It is to be
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noted that a trade-off among simplicity, current transfer accuracy, linearity, high impedance,
and voltage compliance is achieved through supply-biased cascode structures. In other
words, all the n-channel (p-channel) cascode transistors have their gates connected to VDD
(VSS).

Specifically, the solution is made up of four sections: the BD rail-to-rail input stage
(M1–M4, R1–R2), the second gain stage with a differential-to-single-ended function (M5–M12)
the third noninverting gain stage (M13–M20), and a replica of the output branch (M21–M24)
which, working in class AB, mirrors the current from terminal X into terminal Z.

The input stage utilizes transistors M1 and M2, forming a minimum-supply tail-less
body-driven pair without a dedicated current source transistor. A constant current (IB)
establishes the quiescent current through this pair via the diode-connected transistor MR
(with the body connected to terminal Y). The actual current flowing through M1 and M2 is
determined by the mirror ratio (W/L)1,2/(W/L)R, where W and L represent the width and
length of the transistors. Due to the virtual short at the input of the OTA (VX = VY), these
transistors share the same body voltage at DC, resulting in the same threshold voltage.

The active load for the input stage comprises transistors M3 and M4, with negative
feedback resistors R1 and R2 playing a crucial role in amplifying differential signals. This
load configuration allows the inherently pseudo-differential pair (M1 and M2) to effectively
handle differential inputs. Local positive feedback is implemented by connecting the body
of M3 to the drain of M4 and vice versa, enhancing the overall transconductance of the
input stage.

The second stage, designed for high output impedance and for converting differential
to single-ended output, consists of transistors M5–M12. The quiescent current in this
stage mirrors the current in the first stage through M9 and M10 because M3 and M4 act as
diode-connected devices at DC, ensuring no current flows through R1 and R2 at DC.

Given that VBS3,4 = VGS3,4 while VBS9,10 = 0, the current mirror gain is reduced com-
pared to a conventional current mirror, where this factor equals 1 [19].

The third gain stage, consisting of common-source transistor M17 with cascode M19
and active loads M13–M16 and M18, M20, regulates the X branch’s quiescent current through
the current mirror gains of M3,4 to M17, and of M13 to M14. Notably, the pull-down iX
current from M18 can exceed the quiescent value, like the pull-up iX current from M14,
although to a lesser extent. In fact, both M14 and M18 operate in class AB but the positive-
going output step responds slower than the negative-going step due to the limited variation
of the gate voltage of M17 compared to the gate voltage of M18. To address this asymmetry,
the gain in the current mirror formed by transistors M13–M14 is dynamically adjusted based
on the required current level. This is achieved by connecting the body of M13 to the drain of
M4 and the body of M14 to the drain of M8 (M12), as shown in Figure 1. This configuration
leverages the dependence of the threshold voltage of M13 and M14 on variations in VX2 and
VX3, boosting the current mirror gain when the output stage supplies current, as explained
in [19].

The output of this stage is tied to the inverting input of the input pair M1–M2 providing
unity gain configuration through high-gain negative feedback and hence ensuring virtual
short between voltages at nodes Y and X.

The current flowing in terminal X through M14 and M18 is mirrored to terminal Z
thanks to the class-AB current mirror made up of transistors M21–M24 replicating the
branch formed by M14, M16, M18, and M20.

Capacitor Cc provides frequency compensation. Transistor dimensions and other
design parameters are summarized in Tables 1 and 2.
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Table 1. Transistor dimensions of circuit in Figure 1.

Device W/L (μm/μm)

MR, M1, M2 34/0.5

M3, M4 8/1

M5, M6 160/1

M7, M8 9/0.5

M11, M12 2/0.5

M9, M10 32/1

M13 50/0.5

M15 5/0.5

M17 16/1

M18 1.5/0.5

M14, M21 200/0.5

M16, M22 20/0.5

M18, M23 60/2

M20, M24 6/1

Table 2. Other design parameters of circuit in Figure 1.

Param Value

VDD–VSS 0.35 V

IB 200 nA

R1, R2 250 kΩ

CC 200 fF

CL 1 pF

Small-Signal Analysis and Noise

Owing to the negative feedback, the CCII voltage transfer from terminal Y to X is as
follows:

VX
VY

=
1

1 + 1
T(s)

≈ 1
1 + 1

T(0)

1
1 + s

ωGBW

(1)

where T(0) is the loop gain GmEQroX3gm17roX, in which roX3 and roX are equivalent re-
sistances at the drain of M8, M12 and M16, M20, respectively, and GmEQ is given by
gmb1,2/(1 − gmb3,4rX1,2), due to the local positive feedback operated by the bodies of M3
and M4, and as detailed in [19]. As usual, ωGBW is given by GmEQ/Cc.

It is seen that the DC value of (1) tends to be 1 for high values of T(0).
The equivalent (closed loop) small signal resistance at terminal X is approximately

given by the following equation:

rX ≈ roX
T(0)

=
gm20ro18ro20 // gm16ro14r016

T(0)
(2)

and the small signal equivalent resistance at terminal Z is simply as follows:

rZ = gm24ro23r024 // gm22ro21r022 (3)

The CCII noise performance can be modeled by considering the equivalent input noise
voltage of the voltage buffer (vnY, in series to terminal Y) and the equivalent input noise
current of the current buffer (inX, in parallel to terminal X), as shown in Figure 2 [34].
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Figure 2. CCII with noise sources.

The equivalent input-referred noise voltage spectral density of the CCII, v2
nY, accounts

for the contribution of transistors M1 and M2, that of transistors M3 and M4, and of
resistors R1,2. It can be approximated as in Equation (4), considering only white noise for
simplicity [9].

v2
nY ≈ 2v2

n1,2

(
gm1,2
gmb1,2

)2
+ 2v2

n3,4

(
gm3,4
gmb1,2

)2
+ v2

nR1,2Y

= 2 2
3 4kT 1

gmb1,2

(
gm1,2
gmb1,2

+
gm3,4
gmb1,2

)
Δ f

+4kTR1,2

(
1

gmb1,2ro1

)2
[

1 +
(

1 + 2ro1
R1,2

)2
]

Δ f

(4)

where v2
ni is the gate-referred noise voltage spectral density of the i-th transistor, v2

nR1,2Y is
the input-referred noise contribution of the resistors R1 and R2, ro1 is the output resistance
of M1, and k and T are the Boltzmann’s constant and the absolute temperature.

In the above expression, noise from MR is neglected since it is seen as a common-mode
signal and is rejected. Additionally, the noise from the R1,2 results is considered to be
negligible by the following equation:

(gm1,2 + gm3,4)ro1 
 3
4

R
ro1

[
1 +
(

1 +
2ro1

R

)2
]

(5)

Unfortunately, (5) is not fulfilled in our design.
The noise current generator, inX, is equal to the output noise at terminal Z when

terminal X is floating. The mean-square value can easily be calculated as follows:

i2nX ≈ g2
m14v2

n14 + g2
m21v2

n21 + g2
m18v2

n18 + g2
m23v2

n23 (6)

3. Simulation Results

The circuit was designed and simulated using a standard 65 nm CMOS technology
supplied by TSMC and accessed through EUROPRACTICE. The supply voltage is 350 mV
and the total current consumption is 2.86 μA, with the current in the X and Z output
branches equal to 758 nA each.

Figure 3a,b shows the Bode plots, magnitude, and phase, of the open loop gain from
the body of M2 and the drain of M16 and M20, with a load capacitance of 1 pF. The DC gain
is around 70 dB and the unity gain bandwidth is 600 kHz, with more than 70◦ phase margin.

The Bode plots of the (closed-loop) voltage transfer (from Y to X) are shown in
Figure 4a,b. The low-frequency gain is −4.096 mdB. Montecarlo simulations on 1000 itera-
tions show 68 mdB of standard deviation. The −3 dB frequency is 1.33 MHz.

Additional simulations indicate little changes in the low-frequency gain with different
DC levels of the voltage at the Y terminal in the range [20 mV–350 mV]. The same marginal
variations are found for different operating temperatures in the range [−40 ◦C–120 ◦C].

The Bode plots of the current transfer (from X to Z) are shown in Figure 5a,b. The low-
frequency gain is −2.087 mdB. Montecarlo simulations on 1000 iterations show 72.5 mdB
of standard deviation. The −3 dB frequency is 2.13 MHz. A 14.1 dB peak is observed at
1.38 MHz.
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Figure 3. Gain (a) and phase (b) of open loop Y to X voltage transfer.

Figure 4. Magnitude (a) and phase (b) of voltage transfer (Y to X) versus frequency.

Figure 5. Magnitude (a) and phase (b) of current transfer (X to Z) versus frequency.

The magnitude of the impedance at terminal Y versus the frequency is shown in
Figure 6. It decreases with the frequency while maintaining a substantial high value. For
example, it is 118 GΩ at 10 Hz, 150 MΩ at 10 kHz, and 1.6 MΩ at 1 MHz. The parasitic
capacitance at this terminal is evaluated to be 96.5 fF.
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Figure 6. Magnitude of impedance at node Y versus frequency.

Figure 7 shows the input current at terminal Y as a function of VY. Under a 175 mV
VY, the input current is 378.9 fA (with 189 fA flowing into each bulk of MR and M1). The
maximum input current, for VY equal to 0, is 26 pA.

Figure 7. Leakage current at terminal Y versus VY.

The magnitude of the impedance at terminal X versus frequency is shown in Figure 8.
The low-frequency impedance is 1.8 kΩ. The inductive behavior is apparent because of
the peaking of around 520 kΩ at around 1.5 MHz. The magnitude of the impedance at
terminal Z versus frequency is shown in Figure 9, and the low-frequency value is 7.46 MΩ.

The DC transfer characteristic of the voltage transfer VX versus VY and of the current
transfer IZ versus IX are illustrated in Figures 10 and 11, respectively. The rail-to-rail input
(Y) and output (X) voltage ranges are apparent from Figure 10. Figure 11 shows that the
linear current range is around ±2.5 μA (the quiescent current in the two branches with
nodes X and Z is around 758 nA each). The systematic offset current at terminal Z is 1.1 pA.

The Total Harmonic Distortion (THD) of the voltage at terminal X for different input
sinusoidal amplitudes and frequencies is shown in Figure 12. It shows that the THD at
1 kHz and 10 kHz equals 1% at about 340 mVp−p and 305 mVp−p input, respectively. The
THD of the current at terminal Z (tied to a voltage equal to VDD/2) for different input
sinusoidal amplitudes and frequencies is shown in Figure 13. It shows that the THD at
1 kHz and 10 kHz equals 1% at about 2.8 μA and 2.7 μA input, respectively.

As discussed in the previous section, two equivalent noise sources are necessary
to characterize a CCII. The equivalent noise voltage generator (at terminal Y) and the
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equivalent noise current generator (at terminal X) spectral densities are plotted in Figure 14a
and Figure 14b, respectively. White noise levels are, respectively, 849 nV√

Hz
and 943 f A√

Hz
. In

agreement with (5) and (7), the noise voltage main contributions are due to R1,2 (44%), M1,2
(27%), and M3,4 (16%). The noise current main contributions are due to M14, M21, M18, and
M23, giving more than 50% of the total.

Figure 8. Magnitude of impedance at node X versus frequency.

Figure 9. Magnitude of impedance at node Z versus frequency.

Figure 10. DC voltage transfer characteristic, VX versus VY .
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Figure 11. DC current transfer characteristic, IZ versus IX .

Figure 12. THD of voltage at terminal X versus magnitude of applied input voltage at Y.

Figure 13. THD of current flowing from terminal Z versus magnitude of applied input current at X.
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Figure 14. Input noise spectral density: (a) noise voltage at terminal Y (a) and (b) noise current at
terminal X.

Table 3 summarizes the performance of the proposed CCII (last column) compared to
recent low-voltage, low-power CCII implementations [28–33]. Notably, reference [33] is
the only fully fabricated and measured design in the table. While both designs utilize a
class AB configuration, reference [33] operates at a supply voltage exceeding 1 V. It can be
observed that the trend favors reduced supply voltage and lower DC power consumption.
However, maintaining acceptable values of equivalent resistance RX, −3 dB frequencies
for voltage and current transfer, and input current range at node X (which corresponds to
the current drive capability at node Z) necessitates a trade-off between these parameters
and current consumption. The proposed solution demonstrates good current utilization
efficiency which can be defined as the ratio between the maximum input/output linear
current (IXmax,Zmax) and the total quiescent current (IQ). This efficiency metric highlights
the proposed CCII’s ability to achieve high performance while maintaining low power
consumption. Moreover, the −3 dB frequency of the voltage transfer is also good in
comparison to the low IQ utilized.

Table 3. Performance comparison of low voltage CCIIs.

Ref. [33] * [28] [29] [30] [31] [32] Proposed

Year 2003 2011 2012 2012 2017 2019 2024

Tech. (nm) 350 180 180 180 90 180 65

VDD (V) 1.5 0.8 1 0.5 0.4 0.3 0.5 0.35

IQ (μA) 173 80 10 60 4.5 63.3 × 10−3 1.01 2.86

DC Power (μW) 2595 64 10 30 1.8 0.019 0.509 1

Y-Input voltage range
(%VDD) 73 95 100 80 n.a. 100 100 97

X-Input current range (μA) ±900 ±7 ±3 ±15 n.a. ±0.024 ±0.4 2.5

IXmax,Zmax/IQ 5.2 8.75 × 10−2 0.3 0.25 n.a. 0.379 0.396 0.87

RY (MΩ) ∞ ∞ ∞ ∞ n.a. 703 664 150 @10 kHz

RX (Ω) 150 27 42 260 106 56 × 103 3 × 103 1.8 × 103

RZ (MΩ) 0.3 0.89 53 0.113 n.a. 94.7 8 7.46

Voltage gain VX/VY (mdB) −20 0 0 −17.4 34.7 −11.3 −8.69* −4.1

Current gain IZ/IX (dB) −40 0 0 −34.8 0 −8.69 −8.69 −2.1

−3 dB BW VX/VY (MHz) 2.4
@CL = 10 pF 14 4.8 11 1 4.1 × 10−3 * 56.4 × 10−3 *

@CL = 30 pF
1.33

@CL = 1 pF

−3 dB BW IZ/IX (MHz) 1.2 13 8.2 10 1.25 39.2 × 10−3 578 × 10−3 2.13

* Measured results.
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As a final remark in the conclusion of this section, being the solution based on the
topology in [19] that was experimentally characterized and found in reasonable agreement
with the simulations, we are confident that also the simulations of this CCII, implemented
in the same CMOS technology, provide meaningful and quite accurate results, even under
MOSFETs’ subthreshold regime.

4. Conclusions

This work demonstrated a 0.35 V high-performance CCII achieving rail-to-rail volt-
age operation at the Y terminal and class AB current operation at the Z terminal. The
design leverages a previously developed low-voltage subthreshold bulk-driven CMOS
OTA which strategically utilizes body terminals for enhanced small-signal and large-signal
performance. The resulting circuit boasts high open-loop gain and cascoded current mirror
topologies, leading to accurate voltage and current transfer with bandwidths of 1.33 MHz
and 2.13 MHz, respectively. Under a total quiescent current consumption of 2.86 μA, the
CCII provides a linear current drive of up to 2.5 μA, with one of the best figures of merit
concerning current utilization.

This work contributes to the growing body of research on CCII implementations
suitable for portable and implantable electronics and for emerging applications requiring
high performance and sub-1V, low-power consumption.
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Abstract: An approach to design analog building blocks based on digital standard cells is presented
in this work. By ensuring that every CMOS inverter from a standard-cell library operates with a well-
defined quiescent current and output voltage, the suggested method makes it possible to construct
analog circuits that are resistant against PVT variations. The method uses the local supply voltages
connected to the source terminals of the p-channel and n-channel MOS transistors of the standard-cell
inverters as control inputs. It is based on adaptive supply voltage generator (ASVG) reusable blocks,
which are comparable to those used in digital applications to handle process variations. All of the
standard-cell inverters used for analog functions receive the local supply voltages produced by the
ASVGs, which enable setting each cell’s quiescent current to a multiple of a reference current and each
cell’s static output voltage to an appropriate reference voltage. Both the complete custom design of the
ASVG blocks and a theoretical study of the feedback loop of the ASVG are presented. An application
example through the design of a fully synthesizable two-stage operational transconductance amplifier
(OTA) is also provided. The TSMC 180 nm CMOS technology has been used to implement both the
OTA and the ASV generators. Simulation results have demonstrated that the proposed approach
allows to accurately set the quiescent current of standard-cell inverters, dramatically reducing the
effect of PVT variations on the pmain performance parameters of the standard-cell-based two-
stage OTA.

Keywords: ultra-low voltage; ultra-low power; IoT; OTA; body driven; replica bias; CMFF

1. Introduction

The evolution of technology has made electronics more and more pervasive [1–3].
Modern electronic systems are essentially digital systems [4] with analog interfaces, en-
abling them to interact with the real world [5–7]. However, even if the analog part often
constitutes just a small fraction of the overall system, its design typically requires the most
effort since it is a custom, trial-and-error process, compared to the fully automated design
and layout of the digital part [8–15]. For this reason, research is ongoing to automate the
design of analog blocks, or at least use automatic place and route tools for the layout phase,
to speed up the marketing time and improve the portability of designs across different
technologies [16]. In this context, an interesting research field concerns the use of digital
standard cells to design analog blocks that are compatible with the automatic place and
route tools of the digital design flow [17–21].

Two approaches are possible to design standard-cell-based analog blocks: the analog
functions can be rethought from basic principles to implement them in the digital domain
(e.g., DIGOTA [13,14,20,22], dyadic pulse DAC [23–26]). On the other hand, standard cells
can be exploited to mimic the basic analog building blocks and reproduce analog circuit

J. Low Power Electron. Appl. 2024, 14, 39. https://doi.org/10.3390/jlpea14030039 https://www.mdpi.com/journal/jlpea



J. Low Power Electron. Appl. 2024, 14, 39

topologies [9,18,19,27,28]. The latter approach allows a better control of the circuits’ analog
performance and is more familiar to the analog designer; however, it requires the designer
to cope with the variations of process parameters, temperature, and supply voltage (PVT).

A typical field of application for such circuits is that of ultra-low-voltage (ULV)
and ultra-low-power (ULP) systems [29] for biomedical and Internet of Things (IoT) sys-
tems [30–36] that include a large digital part, with a low supply voltage (0.3–0.5 V) limiting
the use of standard analog approaches such as differential pairs and cascode [37–40].
To implement analog functions such as amplifiers and filters [41–44], body driving and
inverter-based stages are the most common options [37,45–56]. For blocks at the edge of
the analog and digital worlds, such as comparators, the use of standard cells allows an
efficient implementation of low-voltage latches [57–61].

In absence of the tail current generator, which is not compatible with the ULV en-
vironment, controlling the bias point of gain stages and hence the performance of the
amplifiers (gain, gain–bandwidth product)—with respect to variations in PVT and input
common-mode voltage—is extremely difficult [19,27]. Body biasing is a solution that is
often adopted in inverter-based stages [45,62], but it is compatible only with standard-cell
families where body voltage rails are explicitly accessible.

An approach to center the input–output transfer characteristic of standard-cell in-
verters to keep the DC output voltage constant has been recently proposed in [27]. This
allows us to design robust amplifiers, such as a cascade of inverter stages, keeping them
optimally biased [18,28]; however, this also provides no control of the inverters’ quiescent
current and hence on their transconductance (and consequently on the gain–bandwidth
product of amplifiers based on such inverters). The quiescent current is in fact affected by
PVT variations of the threshold voltage of devices [51], and this causes huge variations
of the transconductance, especially in standard-cell inverters biased in the sub-threshold
region [9,45].

Adaptive supply voltage scaling (ASV) is often utilized by digital designers to cope
with PVT variations and to reduce the spread of the maximum operating frequency and
power consumption of digital circuits [63–65]. In these approaches, specific adaptive supply
voltage generators (ASVGs) are exploited to provide local supply voltage for optimizing the
speed/power consumption trade-off [66]. These blocks are typically designed following
a full-custom approach, similarly to the standard cells in the digital libraries of a given
technology. Once all the needed files are available, ASVGs can be used in a semi-custom
design flow, where the layout step is performed by an automatic place and route tool.

In this work, we propose a novel approach in which suitable ASVGs are exploited to
keep the bias current of digital standard cells used for analog design constant by generating
suitable values of local supply voltages VDDctrl and VSSctrl in order to counteract the effects
of PVT variations on the quiescent current. The proposed approach is applied to the design
of a simple two-stage inverter-based OTA implemented with standard-cell inverters. Simu-
lation results referring to the standard-cell library of a 180 nm CMOS technology highlight
the capability of the proposed methodology to dramatically reduce the spread of main OTA
performance parameters with respect to the conventional design. In Section 2, we present
both a theoretical study and simulation results of the conventional standard-cell-based
two-stage OTA operating in sub-threshold to highlight the strong impact of PVT varia-
tions on the main OTA parameters. The proposed approach to set the quiescent current
of standard-cell inverters and its application to a standard-cell-based two-stage OTA are
discussed in Section 3, the results of parametric and Monte Carlo simulations are presented
in Section 4, and some conclusion are drawn in Section 5.

2. Two-Stage Standard-Cell-Based OTA Operating in Sub-Threshold

To explain the proposed approach in detail, we refer, as a case study, to the con-
ventional two-stage inverter-based OTA implemented with standard-cell inverters. The
topology of the two-stage inverter-based OTA is depicted in Figure 1. The first stage is
composed using I1–4, which implement a standard-cell-based differential to a single-ended
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converter [19], whereas the second stage is composed using I5, implementing the inverting
output stage. Although it is simple, this architecture is very effective for highlighting the
main limitations that come from the adoption of a standard-cell approach to analog design,
in which analog blocks are directly connected to the supply voltages VDD and VSS, without
any control of the bias current of standard-cell inverters.

Figure 1. Conventional two-stage standard-cell-based OTA.

2.1. Characterization of the CMOS Inverter Operating in Sub-Threshold and Transfer Matrix

For the following analysis, we denote the input capacitance of the generic i-th inverter
with Cgsi , which is given by the sum of the gate-source capacitances Cgsn,pi

of the NMOS
and PMOS transistors of the inverter, with Cgdi

being the sum of the gate-drain capaci-
tances Cgdn,pi

, gmi being the sum of the transconductances gmn,pi of the NMOS and PMOS
transistors of the inverter, and with gdsi being the sum of output conductances gdsn,pi of
the NMOS and PMOS transistors of the inverter. By using this notation, the inverter’s
transfer matrix input voltage, output voltage, and currents can be written as follows:[

VIn
IIn

]
=

[
A B
C D

]
×
[

VOut
−IOut

]
(1)

where

A =
gdsi
gmi

(
1 + s Cgdi

/gdsi

)
(2)

B =

s ·
(

Cgsi + gmi/gdsi · Cgdi

)
· gdsi

gmi
·
(

1 + s Cgdi
/gdsi

)
(3)

C = 1/gmi (4)

and, finally,

D =

s ·
(

Cgsi + gmi/gdsi · Cgdi

)
gmi

(5)

As it can be observed, the coefficients of the inverter’s transfer matrix depend on terms gmi
and gdsi. These terms rely on the quiescent current of the NMOS and PMOS transistors
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of the inverter which, due to the operation in the sub-threshold region, can be expressed
as follows: ⎧⎪⎪⎨

⎪⎪⎩
Idn = Id0n e

Vgsn−Vthn
n Ut

(
1 − e−

Vdsn
Ut

)
NMOS

Idp = Id0p e
Vsgp+Vthp

n Ut

(
1 − e−

Vsdp
Ut

)
PMOS

(6)

where usual notation is adopted for gate-source, drain-source, and threshold voltages of
NMOS and PMOS transistors; Ut denotes the thermal voltage; and n = 1 + Cdepl/Cox and
Id0 can be written as follows:

Id0n,p = μn,p(n − 1)Cox
Wn,p

Ln,p
U2

t (7)

where μn,p and Cox are the mobility and oxide capacitance per unit area, whereas Wn,p and
Ln,p are the gate width and gate length of NMOS and PMOS devices, respectively.

It is evident from the above equations that the quiescent current of MOS devices,
and therefore the small signal parameters of the inverter, are strongly dependent on PVT
variations. This has a strong impact on the performance parameters of the conventional
two-stage standard-cell-based OTA, as it will be better pointed out in the next subsections.

2.2. Analytical Characterization of the Standard-Cell-Based Two-Stage OTA

The most important performance parameters of an OTA are the gain–bandwidth
product (GBW), the phase margin (mϕ), the differential voltage gain (AvD), the power
consumption (Pd), and the average slew rate (SRavg). Referring to the OTA in Figure 1,
using the notation introduced in Section 2.1, and denoting the load capacitance of the OTA
with CL, the main performance parameters of the OTA can be easily expressed as follows:

AvD =
1
2

(
1 +

gm2

gm3

)
· gm1

gds4 + gds1
· gm5

gds5
· 1

1 + sCL/gds5
(8)

GBW =
1
2

(
1 +

gm2

gm3

)
· gm1

gds4 + gds1
· gm5

CL
(9)

mϕ = 180 − arctan
{

GBW · gds4 + gds1

Cgs5

}
− arctan

{
GBW · gds5

CL

}
(10)

SRavg =
Id0 e

VDD−Vthn
n Ut + Id0 e

VDD−Vthp
n Ut

2
(11)

As it can be observed, all the terms in the above equations depend on gmi and gdsi of the
inverters, which, as discussed in Section 2.1, are strongly dependent on the supply voltages,
which set the value of gate-source and drain-source voltages, the temperature (due to the
temperature dependence of parameters such as Ut or Id0n,p ), and process variations (due to
the dependence of Vth on process steps).

All these considerations allow us to conclude that the conventional standard-cell-based
two-stage OTA exhibits performance parameters that strongly dependent on PVT variations.
This point will be further assessed in the next section through transistor-level simulations.

2.3. Simulation Results on the Conventional Standard-Cell-Based Two-Stage OTA Operating in
Sub-Threshold without Quiescent Current Control

The two-stage standard-cell-based OTA reported in Figure 1 was designed in reference
to the standard-cell library of the TSMC 180 nm CMOS technology with a nominal supply
voltage VDD − VSS of 0.35 V. Transistor-level simulations were carried out within the
Cadence Virtuoso environment. To quantify the dependence of performance parameters
on PVT variations, parametric and corner simulations were executed. The results are
summarized in Table 1, where Vo f f denotes the error with respect to the ideal DC output

109



J. Low Power Electron. Appl. 2024, 14, 39

voltage of the OTA in a unity–gain feedback configuration and where Itot is the total current
drawn by the OTA. The first five columns in the table (from Typ to FS) refer to the five
process corners of the technology, the sixth and seventh column refer to supply voltage
variations, and the last two columns refer to temperature variations.

Table 1. Performance parameters of the conventional standard-cell-based OTA under PVT variations.

Typ FF SS SF FS 90% VDD 110% VDD 0° 80°

Vo f f [mV] 2.2 2 2.3 −0.5 7.1 7.6 2.9 2.2 2.2
Pd [nW] 1.688 6.958 0.371 1.599 3.338 1.013 1.505 0.536 9.713
Itot [nA] 4.221 17.39 0.927 3.998 8.345 3.217 3.909 1.341 24.28
Avd [dB] 52.12 49.53 56.41 51.95 51.18 48.71 51.78 52.9 50.55
GBW [kHz] 53.56 217.8 12.12 66.63 39.58 13.32 42.22 18.05 265.8
mϕ [deg] 60.41 63.03 56.38 53.67 71.71 72.89 63.92 60.9 60.46
SRavg [V/ms] 144.5 546.2 34.17 149.5 394.1 21.59 101.1 90.86 368.1

The results of process-only and mismatch-only Monte Carlo simulations are reported in
Table 2 and Table 3, respectively. The histograms of GBW, Pd, and mϕ under process-only and
mismatch-only Monte Carlo simulations are reported in Figure 2 and Figure 3, respectively.

Table 2. Performance parameters of the conventional standard-cell-based OTA under process-only
Monte Carlo simulations.

Mean Std Dev

Vo f f [mV] 2.3 0.99

Pd [nW] 1.92 0.92

Itot [nA] 4.379 2.319

Avd [dB] 51.12 0.90

mϕ [deg] 60.97 4.34

GBW [kHz] 58.53 26.77

SRavg [V/ms] 147.5 80.44

Table 3. Performance parameters of the conventional standard-cell-based OTA under mismatch-only
Monte Carlo simulations.

Mean Std Dev

Vo f f [mV] 3.1 18.11

Pd [nW] 1.82 0.44

Itot [nA] 4.314 1.106

Avd [dB] 49.11 10.11

mϕ [deg] 62.89 10.03

GBW [kHz] 56.16 12.61

SRavg [V/ms] 146 30.52

As it can be observed in all the above tables and figures, the quiescent current of the
standard-cell inverters operating in a sub-threshold exhibits huge variations, resulting in
large variations in the GBW and mϕ of the OTA. Due to this behavior, the applicability
of this OTA to signal processing systems presents many difficulties and drawbacks, and
its usage is not justified. In order to make this standard-cell-based OTA usable in real
applications, the quiescent current of the inverters should be controlled to at least reduce
variations with respect to temperature and process variations.
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(a) (b) (c)
Figure 2. Gain–bandwidth product (a), power consumption (b), and phase margin (c) of the conven-
tional standard-cell-based OTA under process-only Monte Carlo simulations.

(a) (b) (c)
Figure 3. Gain–bandwidth product (a), power consumption (b), and phase margin (c) of the conven-
tional standard-cell-based OTA under mismatch-only Monte Carlo simulations.

3. Proposed Approach to Set the Quiescent Current of Standard-Cell Inverters and
Application to a Standard-Cell-Based OTA

In the conventional approach, standard-cell inverters are directly supplied with two
constant voltages VDD and VSS. However, standard-cell inverters with constant supply
voltages VDD and VSS exhibit huge variations in their transconductance, especially if
operating in a sub-threshold. This, as demonstrated in the previous section, results in large
variations in the main OTA parameters, such as the gain–bandwidth product, the power
dissipation, and the phase margin.

In order to properly set the quiescent current of standard-cell inverters, the approach
proposed here takes advantage of two locally generated supply voltages, VDDctrl and VSSctrl ,
whose main role is to accurately set the DC current of all the standard-cell inverters used
for analog design through a replica-bias approach, thus strongly reducing the variability of
the transconductance and output conductance gmi and gdsi of the standard-cell inverters
operating in a sub-threshold. The simplified schematic of the proposed approach to set
the quiescent current of standard-cell inverter is reported in Figure 4. The two circuits
in the upper and lower right corner of the figure act as ASV generators to produce the
VDDctrl and VSSctrl , respectively. These voltages are then routed as local supply voltages to
all the standard-cell inverters used for analog purposes (i.e., the inverters implementing the
two-stage OTA in this example). Referring to Figure 4, transistors Mn3 and Mp3 implement
a replica of the NMOS and PMOS device of the minimum area standard-cell inverter,
respectively, whereas Mn1–Mn2 and Mp1–Mp2 implement conventional current mirrors
that force a reference current Ibias in Mn3 and Mp3. The gate voltage of the replica devices
Mn3 and Mp3 is set to a reference voltage Vre f (usually set at the midpoint between VDD
and VSS), and their drain voltage is compared with the same reference voltage Vre f through
the two error amplifiers EA1 and EA2. The task of amplifiers EA1 and EA2 is to generate
the two control voltages, VDDctrl and VSSctrl , which close the loops at the source nodes of
Mp3 and Mn3, respectively. In this way, the two control voltages VDDctrl and VSSctrl are
changed by the feedback loops in order to set the bias current of Mn3 and Mp3 to Ibias
and the drain voltages of Mn3 and Mp3 to Vre f despite PVT variations, as will be better
assessed in the next sections.
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− +

− +

Figure 4. Proposed approach to set the quiescent current of standard-cell inverters and application to
the standard-cell-based two-stage OTA.

3.1. Analysis of the Feedback Loop in the ASV Generators

In the following section, we derive a simplified model of the feedback loop implement-
ing the ASV generator for the VDDctrl (see the upper right corner of Figure 4). A similar
model can be developed for the ASV generator for the VSSctrl . The block scheme derived for
the feedback loop in the upper right corner of Figure 4 is depicted in Figure 5: Idp3 is the
current that flows in Mp3 when the supply voltage VDDctrl has its nominal value, and Vx is
the variation of VDDctrl with respect to such value. Ibias is the reference current, mirrored
through Mn1,2.

+

−

Figure 5. Block scheme derived for the feedback loop of the VDDctrl ASV generator.

The comparison between the drain current of Mp3 and Ibias generates an offset current
Io f f which, flowing through the output conductance gdsp3 + gdsn2, turns into an offset
voltage (Vo f f in Figure 5 is the difference between the DC output voltage and Vre f ). The
error amplifier EA1, with gain AvEA, closes the loop, modifying the supply voltage VDDctrl ,
hence the current in Mp3, to cancel the offset. Due to the finite loop gain, the residual offset
current is

Io f f =
Idp3 − Idbias

1 +
gmp3 AvEA

gdsp3+gdsn2

(12)
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By performing the same analysis on the feedback loop in the ASV generator for the VSSctrl ,
the offset current in Mn3 can be expressed as follows:

Io f f =
Idn3 − Idbias

1 + gmn3 AvEA
gdsn3+gdsp2

(13)

Equations (12) and (13) show that the proposed feedback loops suppress the offset current
by a factor given by the gain of the auxiliary amplifier times the gain of the replica stage.
This means that the feedback loops allow us to set the quiescent current of Mp3 and of Mn3
to Ibias, strongly reducing the effect of PVT variations (which give rise to the component
Io f f ). It has to be pointed out that, since Mp3 and of Mn3 are a replica of the transistors
of the standard-cell inverter, the quiescent current of all the standard-cell inverters using
VDDctrl and VSSctrl as local supply voltages will also be set approximately equal to Ibias
despite PVT variations.

3.2. Implementation of the Error Amplifier

The error amplifier was implemented according to Figure 6. It is a two-stage OTA
with a Miller compensation. The transistors’ sizes are reported in Table 4. Since Vre f = 0.2 V,
VDD = 0.5 V, and Mp3 and Mp4 are biased in a sub-threshold, the current source Mp2 is
properly biased in saturation. The compensation capacitance Ccomp is 10 pF, whereas CoEA
is the parasitic capacitance seen at the output of the error amplifier, which is in the order of
hundreds fF (it depends on the Cgs and Cgd seen at the source terminals of transistors).

Figure 6. Schematic of the error amplifier.

Table 4. Transistor sizing of the error amplifier.

M p1 = M p2 M p3 = M p4 Mn1 = Mn2 Mn3 M p5

W [m] 1 μ 1 μ 440 n 3.52 μ 4 μ
L [m] 500 n 500 n 1 μ 220 n 500 n

To effectively bias multiple stages, it is crucial to properly size the error amplifier’s
output stage, which has to supply a current to all the standard cells. In the design phase, by
estimating the overall system requirements, the error amplifier can be appropriately sized
to bias all cells simultaneously, eliminating the need for additional stages.
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3.3. Impact of the VDDctrl and VSSctrl ASV Generators on the PSRR

By using the proposed approach to stabilize the bias current of standard-cell-based
analog blocks, the supply voltage to such blocks is provided by the ASV generators. This
affects the power supply rejection ratio (PSRR) of the analog block, since disturbances from
the overall supply voltages are filtered by the ASVGs: the overall gain from the global
positive supply voltage to the output of the analog block can be written as

Add,tot = AASV1,dd Add + AASV2,dd Ass (14)

and
Ass,tot = AASV1,ss Add + AASV2,ss Ass (15)

where Add and Ass are the gains from positive and negative supply voltages to the output
of the analog block (e.g., an OTA), and AASV1,dd(AASV1,ss) and AASV2,dd(AASV2,ss) are
the gains from the positive (negative) supply voltage to the outputs of the positive and
negative (positive) ASVGs, respectively. An analog expression can be written for the
negative supply voltage.

The analysis of the ASVG circuit in Figure 4 shows that the gains AASV1,dd and AASV2,ss
are approximately inversely proportional to the intrinsic gain A0 of MOS devices, thus
resulting in an improvement of the order of A0 in the PSRR. If we define the positive and
negative PSRRs of the analog block as PSRRd and PSRRs, the overall positive and negative
PSRRs are approximately given by

PSRRdtot =
A0

1
PSRRd − 1

PSRRs

(
1 + gmp

gmn

) (16)

PSRRstot =
A0

1
PSRRs − 1

PSRRd

(
1 + gmn

gmp

) (17)

where the generic transconductance gain of MOS devices is denoted with gmp and gmn.
In Figure 7, the gain AASV1,dd is reported in a blue color, gain AASV2,dd is reported in

a green color, gain AASV1,ss is reported in a red color, and gain AASV2,ss is reported in a
purple color.

Figure 7. Gain AASV1,dd is reported in a blue color, gain AASV2,dd is reported in a green color, gain
AASV1,ss is reported in a red color, and gain AASV2,ss is reported in a purple color.

4. Simulation Results on the Standard-Cell-Based Two-Stage OTA Operating in
Sub-Threshold with the Proposed Quiescent Current Control

The two-stage standard-cell-based OTA with the proposed quiescent current con-
trol scheme reported in Figure 4 was also designed in reference to the TSMC 180 nm
CMOS technology, with a global supply voltage VDD − VSS of 0.5 V for the ASV generators
and a nominal local supply voltage VDDctrl − VSSctrl of 0.35 V for the standard-cell invert-
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ers used in the OTA. Transistor-level simulations were carried out within the Cadence
Virtuoso environment.

To highlight the effectiveness of the proposed approach in strongly reducing the
effects of PVT variations, the same parametric and corner simulations executed for the
OTA without the quiescent current control were also carried out on the OTA, exploiting
the proposed current control approach. Results of these simulations are summarized in
Table 5, where Itot is the total current drawn by the OTA. The first five columns in the table
refer to the five process corners of the technology, the sixth and seventh columns refer to
global supply voltage variations, and the last two columns refer to temperature variations.
As it can be observed, with respect to the conventional OTA without quiescent current
control, both current dissipation and the GBW are much more stable. To further improve
the robustness of the proposed circuit to temperature variations, the reference current Ibias
was assumed to be generated by a proportional to absolute temperature (PTAT) current
source, which set a bias DC in the standard-cell inverter to approximately 500 pA in typical
conditions. The usage of the PTAT current source is evident from the the last two columns
of Table 5, in which Itot results varied from 1.945 nA to 3.56 nA in order to keep the GBW
almost constant in the specified temperature range from 0° to 80°.

Table 5. Performance parameters of the standard-cell-based OTA with the proposed quiescent current
control scheme under PVT variations.

Typ FF SS SF FS 90% VDD 110% VDD 0 80

Vo f f [mV] 0.01 0.04 0.2 −0.1 0.023 0.02 0.13 0.04 0.03
Itot [nA] 2.497 2.505 2.167 2.399 2.499 2.477 2.499 1.945 3.56
Pd [nW] 1.249 1.253 1.084 1.199 1.249 1.239 1.25 0.972 1.78
Avd [dB] 51.29 45.72 58.65 51.19 50.72 51.27 51.29 53.59 45.41
mϕ [deg] 57.8 69.8 40.79 58 59.12 57.83 57.82 52.75 69.71
GBW [kHz] 33.67 27.42 36.04 31.91 33.48 33.42 33.68 31.25 31.42
SRavg [V/ms] 30.1 12.27 114.6 19.27 55.41 33.83 29.32 70.82 7.218

In addition, the results of process-only and mismatch-only Monte Carlo simulations
are reported in Table 6 and Table 7, respectively. The histograms of GBW, Pd, and mϕ under
process-only and mismatch-only Monte Carlo simulations are also reported in Figure 8 and
Figure 9, respectively. As it can be observed, the power dissipated. Moreover, the current
consumption and the GBW were characterized by an extremely small standard deviation,
especially if compared with the same topology characterized without a control loop, con-
firming the extreme robustness achieved by the standard-cell-based OTA exploiting the
proposed ASV-based quiescent current control approach.

(a) (b) (c)
Figure 8. Gain–bandwidth product (a), power consumption (b), and phase margin (c) of the standard-
cell-based OTA with the proposed quiescent current control scheme under process-only Monte
Carlo simulations.
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(a) (b) (c)
Figure 9. Gain–bandwidth product (a), power consumption (b), and phase margin (c) of the standard-
cell-based OTA with the proposed quiescent current control scheme under mismatch-only Monte
Carlo simulations.

Table 6. Performance parameters of the standard-cell-based OTA with the proposed quiescent current
control scheme under process-only Monte Carlo simulations.

Mean Std Dev

Vo f f [mV] 0.03 0.022

Pd [nW] 1.248 0.022

Itot [nA] 2.497 0.044

Avd [dB] 51.22 1.90

mϕ [deg] 58.18 4.31

GBW [kHz] 33.41 2.03

SRavg [V/ms] 31.49 10.48

Table 7. Performance parameters of the standard-cell-based OTA with the proposed quiescent current
control scheme under mismatch-only Monte Carlo simulations.

Mean Std Dev

Vo f f [mV] −0.9 15.82

Pd [nW] 1.32 0.14

Itot [nA] 2.62 0.27

Avd [dB] 51.32 2.54

mϕ [deg] 58.32 7.30

GBW [kHz] 34.69 9.83

SRavg [V/ms] 31.88 10.48

5. Conclusions

In most cases, the existing ways to implement analog building blocks from digital
standard-cell libraries do not provide enough control over the quiescent operating point.
This makes the same solutions vulnerable to significant fluctuations in performance when
PVT conditions are changed. This research offered a technique for biasing through the
development of ASV generators, which appears to be a workable way to create analog
circuits based on standard cells that have output voltages and quiescent currents that are
well defined. A fully synthesizable two-stage OTA was designed in a 180 nm CMOS process
to illustrate the application of the proposed approach. Excellent stability of the GBW, power
consumption, and phase margin of the OTA exploiting the proposed quiescent current
control strategy were demonstrated by the simulation results. More specifically, the ratio
between the mean value and the standard deviation ( σ

μ ) of the GBW (Pd) obtained from
process-only Monte Carlo simulations for the OTA designed with the proposed approach
was about 0.06 (0.017). These values, when compared with the σ

μ values of the GBW (Pd)
obtained from the conventional standard-cell-based OTA without ASVGs, which were 0.5
(0.53), confirm the dramatic reduction in the σ

μ of main performance parameters under
process variations that was allowed by the proposed approach.

116



J. Low Power Electron. Appl. 2024, 14, 39

Author Contributions: Conceptualization, R.D.S., G.S. and F.C.; methodology, R.D.S., G.S. and F.C.;
software, R.D.S.; validation, R.D.S. and G.S.; formal analysis, R.D.S.; investigation, R.D.S. and G.S.;
resources, G.S.; data curation, R.D.S.; writing—original draft preparation, R.D.S.; writing—review
and editing, R.D.S., G.S. and F.C.; visualization, R.D.S., G.S. and F.C.; supervision, G.S.; project
administration, G.S.; funding acquisition, G.S. All authors have read and agreed to the published
version of the manuscript.

Funding: This research received no external funding.

Data Availability Statement: No new data were created or analyzed in this study. Data sharing is
not applicable to this article.

Conflicts of Interest: The authors declare no conflicts of interest.

Abbreviations

The following abbreviations are used in this manuscript:

ASV Adaptive Supply Voltage
ASVG Adaptive Supply Voltage Generator
DAC Digital-to-Analog Converter
DIGOTA Digital Operational Transconductance Amplifier
GBW Gain–Bandwidth Product
IoT Internet of Things
OTA Operational Transconductance Amplifier
PSRR Power Supply Rejection Ratio
PVT Process, Supply Voltage, and Temperature
ULP Ultra-Low Power
ULV Ultra-Low Voltage

References

1. Buzzin, A.; Asquini, R.; Caputo, D.; de Cesare, G. Sensitive and Compact Evanescent-Waveguide Optical Detector for Sugar
Sensing in Commercial Beverages. Sensors 2023, 23, 8184. [CrossRef] [PubMed]

2. Gupta, B.B.; Quamara, M. An overview of Internet of Things (IoT): Architectural aspects, challenges, and protocols. Concurr.
Comput. Pract. Exper. 2020, 32, e4946. [CrossRef]

3. Kadhim, K.T.; Alsahlany, A.M.; Wadi, S.M.; Kadhum, H.T. An Overview of Patient’s Health Status Monitoring System Based on
Internet of Things (IoT). Wirel. Pers. Commun. 2020, 114, 2235–2262. [CrossRef]

4. Barbirotta, M.; Cheikh, A.; Mastrandrea, A.; Menichelli, F.; Vigli, F.; Olivieri, M. A Fault Tolerant soft-core obtained from an
Interleaved-Multi- Threading RISC- V microprocessor design. In Proceedings of the 2021 IEEE International Symposium on
Defect and Fault Tolerance in VLSI and Nanotechnology Systems (DFT), Athens, Greece, 6–8 October 2021; pp. 6–8. [CrossRef]

5. Chuah, J.W. The Internet of Things: An overview and new perspectives in systems design. In Proceedings of the 2014 International
Symposium on Integrated Circuits (ISIC), Singapore, 10–12 December 2014; pp. 10–12. [CrossRef]

6. Aiello, O.; Crovetti, P.; Alioto, M. Fully Synthesizable Low-Area Analogue-to-Digital Converters with Minimal Design Effort
Based on the Dyadic Digital Pulse Modulation. IEEE Access 2020, 8, 70890–70899. [CrossRef]

7. Di Patrizio Stanchieri, G.; Aiello, O.; De Marcellis, A. A 0.4 V 180 nm CMOS Sub-μW Ultra-Compact and Low-Effort Design
PWM-Based ADC. In Proceedings of the 2024 IEEE International Symposium on Circuits and Systems (ISCAS), New Delhi, India,
18–19 October 2024; pp. 19–22. [CrossRef]

8. Toledo, P.; Aiello, O.; Crovetti, P.S. A 300mV-Supply Standard-Cell-Based OTA with Digital PWM Offset Calibration. In
Proceedings of the 2019 IEEE Nordic Circuits and Systems Conference (NORCAS): NORCHIP and International Symposium of
System-on-Chip (SoC), Helsinki, Finland, 29–30 October 2019; pp. 29–30. [CrossRef]

9. Centurelli, F.; Della Sala, R.; Scotti, G. A Standard-Cell-Based CMFB for Fully Synthesizable OTAs. J. Low Power Electron. Appl.
2022, 12, 27. [CrossRef]

10. Barbirotta, M.; Menichelli, F.; Cheikh, A.; Mastrandrea, A.; Angioli, M.; Olivieri, M. Dynamic Triple Modular Redundancy in
Interleaved Hardware Threads: An Alternative Solution to Lockstep Multi-Cores for Fault-Tolerant Systems. IEEE Access 2024,
12, 95720–95735. [CrossRef]

11. Sood, L.; Agarwal, A. A CMOS standard-cell based fully-synthesizable low-dropout regulator for ultra-low power applications.
AEU Int. J. Electron. Commun. 2021, 141, 153958. [CrossRef]

12. Xu, Z.; Ojima, N.; Li, S.; Iizuka, T. An All-Standard-Cell-Based Synthesizable SAR ADC With Nonlinearity-Compensated RDAC.
IEEE Trans. Very Large Scale Integr. VLSI Syst. 2021, 29, 2153–2162. [CrossRef]

13. Toledo, P.; Crovetti, P.; Aiello, O.; Alioto, M. Design of Digital OTAs With Operation Down to 0.3 V and nW Power for Direct
Harvesting. IEEE Trans. Circuits Syst. I 2021, 68, 3693–3706. [CrossRef]

117



J. Low Power Electron. Appl. 2024, 14, 39

14. Toledo, P.; Crovetti, P.; Aiello, O.; Alioto, M. Fully Digital Rail-to-Rail OTA With Sub-1000-μm2 Area, 250-mV Minimum Supply,
and nW Power at 150-pF Load in 180 nm. IEEE Solid-State Circuits Lett. 2020, 3, 474–477. [CrossRef]

15. Aiello, O.; Crovetti, P.; Sharma, A.; Alioto, M. Fully-Synthesizable Current-Input ADCs for Ultra-Low Area and Minimal Design
Effort. In Proceedings of the 2019 26th IEEE International Conference on Electronics, Circuits and Systems (ICECS), Genoa, Italy,
27–29 November 2019; pp. 27–29. [CrossRef]

16. Liu, J.; Park, B.; Guzman, M.; Fahmy, A.; Kim, T.; Maghari, N. A Fully Synthesized 77-dB SFDR Reprogrammable SRMC Filter
Using Digital Standard Cells. IEEE Trans. Very Large Scale Integr. VLSI Syst. 2018, 26, 1126–1138. [CrossRef]

17. Toledo, P.; Klimach, H.; Bampi, S.; Crovetti, P. A 300 mV-Supply, 144 nW-Power, 0.03 mm2-Area, 0.2-PEF Digital-Based Biomedical
Signal Amplifier in 180 nm CMOS. In Proceedings of the 2021 IEEE International Symposium on Medical Measurements and
Applications (MeMeA), Lausanne, Switzerland, 23–25 June 2021; pp. 23–25. [CrossRef]

18. Della Sala, R.; Centurelli, F.; Scotti, G. A High Performance 0.3 V Standard-Cell-Based OTA Suitable for Automatic Layout Flow.
Appl. Sci. 2023, 13, 5517. [CrossRef]

19. Sala, R.D.; Centurelli, F.; Scotti, G. A Novel Differential to Single-Ended Converter for Ultra-Low-Voltage Inverter-Based OTAs.
IEEE Access 2022, 10, 98179–98190. [CrossRef]

20. Toledo, P.; Crovetti, P.; Klimach, H.; Bampi, S.; Aiello, O.; Alioto, M. A 300mV-Supply, Sub-nW-Power Digital-Based Operational
Transconductance Amplifier. IEEE Trans. Circuits Syst. II 2021, 68, 3073–3077. [CrossRef]

21. Angioli, M.; Barbirotta, M.; Cheikh, A.; Mastrandrea, A.; Menichelli, F.; Jamili, S.; Olivieri, M. Design, Implementation and
Evaluation of a New Variable Latency Integer Division Scheme. IEEE Trans. Comput. 2024, 73, 1767–1779. [CrossRef]

22. Privitera, M.; Crovetti, P.; Grasso, A.D. A Novel Digital OTA Topology With 66-dB DC Gain and 12.3-kHz Bandwidth. IEEE
Trans. Circuits Syst. II 2023, 70, 3988–3992. [CrossRef]

23. Crovetti, P.S. All-Digital High Resolution D/A Conversion by Dyadic Digital Pulse Modulation. IEEE Trans. Circ. Syst. I 2016,
64, 573–584. [CrossRef]

24. Aiello, O.; Crovetti, P.; Alioto, M. Standard Cell-Based Ultra-Compact DACs in 40-nm CMOS. IEEE Access 2019, 7, 126479–126488.
[CrossRef]

25. Aiello, O.; Crovetti, P.S.; Alioto, M. Fully Synthesizable Low-Area Digital-to-Analog Converter With Graceful Degradation and
Dynamic Power-Resolution Scaling. IEEE Trans. Circ. Syst. I 2019, 66, 2865–2875. [CrossRef]

26. Rubino, R.; Crovetti, P.S.; Aiello, O. Design of Relaxation Digital-to-Analog Converters for Internet of Things Applications in
40nm CMOS. In Proceedings of the 2019 IEEE Asia Pacific Conference on Circuits and Systems (APCCAS), Bangkok, Thailand,
11–14 November 2019; pp. 11–14. [CrossRef]

27. Sala, R.D.; Centurelli, F.; Scotti, G. Enabling ULV Fully Synthesizable Analog Circuits: The BA Cell, a Standard-Cell-Based
Building Block for Analog Design. IEEE Trans. Circuits Syst. II 2022, 69, 4689–4693. [CrossRef]

28. Sala, R.D.; Centurelli, F.; Scotti, G. A Novel High Performance Standard-Cell Based ULV OTA Exploiting an Improved Basic
Amplifier. IEEE Access 2024, 12, 17513–17521. [CrossRef]

29. Aiello, O.; Crovetti, P.; Alioto, M. Ultra-Low Power and Minimal Design Effort Interfaces for the Internet of Things: Invited paper.
In Proceedings of the 2019 IEEE International Circuits and Systems Symposium (ICSyS), Kuantan, Malaysia, 18–19 September
2019; pp. 18–19. [CrossRef]

30. Buzzin, A.; Cupo, S.; Giovine, E.; de Cesare, G.; Belfiore, N.P. Compliant Nano-Pliers as a Biomedical Tool at the Nanoscale:
Design, Simulation and Fabrication. Micromachines 2020, 11, 1087. [CrossRef] [PubMed]

31. Namdari, A.; Aiello, O.; Caviglia, D.D. 0.5V 32nW Inverter-Based Gm-C Filter for Bio-Signal Processing. In Proceedings of
the 2024 IEEE International Symposium on Circuits and Systems (ISCAS), New Delhi, India, 18–19 October 2024; pp. 19–22.
[CrossRef]

32. Sanchotene Silva, R.; Rodovalho, L.H.; Aiello, O.; Ramos Rodrigues, C. A 1.9 nW, Sub-1 V, 542 pA/V Linear Bulk-Driven OTA
with 154 dB CMRR for Bio-Sensing Applications. J. Low Power Electron. Appl. 2021, 11, 40. [CrossRef]

33. Aiello, O.; Crovetti, P.; Lin, L.; Alioto, M. A pW-Power Hz-Range Oscillator Operating With a 0.3–1.8-V Unregulated Supply.
IEEE J. Solid-State Circuits 2019, 54, 1487–1496. [CrossRef]

34. Buzzin, A.; Asquini, R.; Caputo, D.; de Cesare, G. Evanescent waveguide lab-on-chip for optical biosensing in food quality
control. Photonics Res. 2022, 10, 1453–1461. [CrossRef]

35. Aiello, O. Electromagnetic Susceptibility of Battery Management Systems’ ICs for Electric Vehicles: Experimental Study.
Electronics 2020, 9, 510. [CrossRef]

36. Aiello, O.; Crovetti, P.; Alioto, M. 5.2 Capacitance-to-Digital Converter for Operation Under Uncertain Harvested Voltage down
to 0.3V with No Trimming, Reference and Voltage Regulation. In Proceedings of the 2021 IEEE International Solid-State Circuits
Conference (ISSCC), San Francisco, CA, USA, 13–22 February 2021; pp. 13–22. [CrossRef]

37. Rodovalho, L.H.; Aiello, O.; Rodrigues, C.R. Ultra-Low-Voltage Inverter-Based Operational Transconductance Amplifiers with
Voltage Gain Enhancement by Improved Composite Transistors. Electronics 2020, 9, 1410. [CrossRef]

38. Ballo, A.; Grasso, A.D.D.; Pennisi, S.; Susinni, G. A 0.3-V 8.5-μ a Bulk-Driven OTA. IEEE Trans. Very Large Scale Integr. VLSI Syst.
2023, 31, 1444–1448. [CrossRef]

39. Ballo, A.; Carvajal, R.G.; Grasso, A.D.; Luján-Martínez, C.I.; Pennisi, S.; Venezia, C. 0.35-V SR-Enhanced Bulk-Driven OTA for
Loads up to 10 nF. IEEE Trans. Circ. Syst. I 2024, 1–9. [CrossRef]

118



J. Low Power Electron. Appl. 2024, 14, 39

40. Della Sala, R.; Centurelli, F.; Monsurró, P.; Scotti, G. On the Feasibility of Cascode and Regulated Cascode Amplifier Stages in
ULV Circuits Exploiting MOS Transistors in Deep Subthreshold Operation. IEEE Access 2024, 12, 73292–73303. [CrossRef]

41. Kumngern, M.; Aupithak, N.; Khateb, F.; Kulej, T. 0.5 V Fifth-Order Butterworth Low-Pass Filter Using Multiple-Input OTA for
ECG Applications. Sensors 2020, 20, 7343. [CrossRef] [PubMed]

42. Khateb, F.; Kulej, T.; Vlassis, S. Extremely Low-Voltage Bulk-Driven Tunable Transconductor. Circuits Syst. Signal Process. 2017,
36, 511–524. [CrossRef]

43. Kulej, T.; Khateb, F.; Arbet, D.; Stopjakova, V. A 0.3-V High Linear Rail-to-Rail Bulk-Driven OTA in 0.13 μm CMOS. IEEE Trans.
Circuits Syst. II 2022, 69, 2046–2050. [CrossRef]

44. Jaikla, W.; Khateb, F.; Kumngern, M.; Kulej, T.; Ranjan, R.K.; Suwanjan, P. 0.5 V Fully Differential Universal Filter Based on
Multiple Input OTAs. IEEE Access 2020, 8, 187832–187839. [CrossRef]

45. Rodovalho, L.H.; Ramos Rodrigues, C.; Aiello, O. Self-Biased and Supply-Voltage Scalable Inverter-Based Operational Transcon-
ductance Amplifier with Improved Composite Transistors. Electronics 2021, 10, 935. [CrossRef]

46. Kulej, T. 0.5-V bulk-driven CMOS operational amplifier. IET Circuits Devices Syst. 2013, 7, 352–360. [CrossRef]
47. Kulej, T.; Khateb, F. Design and implementation of sub 0.5-V OTAs in 0.18-μm CMOS. Int. J. Circuit Theory Appl. 2018,

46, 1129–1143. [CrossRef]
48. Kulej, T.; Khateb, F. A Compact 0.3-V Class AB Bulk-Driven OTA. IEEE Trans. Very Large Scale Integr. VLSI Syst. 2019, 28, 224–232.

[CrossRef]
49. Kulej, T.; Khateb, F. A 0.3-V 98-dB rail-to-rail OTA in 0.18 μm CMOS. IEEE Access 2020, 8, 27459–27467. [CrossRef]
50. Khateb, F.; Kulej, T. Design and Implementation of a 0.3-V Differential Difference Amplifier. IEEE Trans. Circ. Syst. I 2018,

66, 513–523. [CrossRef]
51. Della Sala, R.; Centurelli, F.; Monsurrò, P.; Scotti, G.; Trifiletti, A. A 0.3V rail-to-rail three-stage OTA with high DC gain and

improved robustness to PVT variations. IEEE Access 2023, 11, 19635–19644. [CrossRef]
52. Kulej, T.; Khateb, F. 0.4-V bulk-driven differential-difference amplifier. Microelectron. J. 2015, 46, 362–369. [CrossRef]
53. Kulej, T. 0.4-V bulk-driven operational amplifier with improved input stage. Circuits Syst. Signal Process. 2015, 34, 1167–1185.

[CrossRef]
54. Kulej, T. 0.5-V bulk-driven OTA and its applications. Int. J. Circuit Theory Appl. 2015, 43, 187–204. [CrossRef]
55. Khateb, F.; Kulej, T.; Akbari, M.; Steffan, P. 0.3-V bulk-driven nanopower OTA-C integrator in 0.18 μm CMOS. Circuits Syst. Signal

Process. 2019, 38, 1333–1341. [CrossRef]
56. Centurelli, F.; Della Sala, R.; Monsurró, P.; Scotti, G.; Trifiletti, A. A novel OTA architecture exploiting current gain stages to boost

bandwidth and slew-rate. Electronics 2021, 10, 1638. [CrossRef]
57. Della Sala, R.; Spinogatti, V.; Bocciarelli, C.; Centurelli, F.; Trifiletti, A. A 0.15-to-0.5 V Body-Driven Dynamic Comparator with

Rail-to-Rail ICMR. J. Low Power Electron. Appl. 2023, 13, 35. [CrossRef]
58. Aiello, O.; Crovetti, P.; Toledo, P.; Alioto, M. Rail-to-Rail Dynamic Voltage Comparator Scalable Down to pW-Range Power and

0.15-V Supply. IEEE Trans. Circuits Syst. II 2021, 68, 2675–2679. [CrossRef]
59. Sala, R.D.; Centurelli, F.; Scotti, G.; Palumbo, G. Rail to Rail ICMR and High Performance ULV Standard-Cell-Based Comparator

for Biomedical and IoT Applications. IEEE Access 2024, 12, 4642–4659. [CrossRef]
60. Sala, R.D.; Bocciarelli, C.; Centurelli, F.; Spinogatti, V.; Trifiletti, A. A Novel Ultra-Low Voltage Fully Synthesizable Comparator

exploiting NAND Gates. In Proceedings of the 2023 18th Conference on Ph.D Research in Microelectronics and Electronics
(PRIME), Valencia, Spain, 18–21 June 2023; pp. 18–21. [CrossRef]

61. Aiello, O.; Crovetti, P.; Alioto, M. Fully Synthesizable, Rail-to-Rail Dynamic Voltage Comparator for Operation down to 0.3 V.
In Proceedings of the 2018 IEEE International Symposium on Circuits and Systems (ISCAS), Florence, Italy, 27–30 May 2018;
pp. 27–30. [CrossRef]

62. Ballo, A.; Pennisi, S.; Scotti, G. 0.5 V CMOS Inverter-Based Transconductance Amplifier with Quiescent Current Control. J. Low
Power Electron. Appl. 2021, 11, 37. [CrossRef]

63. Chen, T.; Naffziger, S. Comparison of adaptive body bias (ABB) and adaptive supply voltage (ASV) for improving delay and
leakage under the presence of process variation. IEEE Trans. Very Large Scale Integr. VLSI Syst. 2003, 11, 888–899. [CrossRef]

64. Eireiner, M.; Henzler, S.; Georgakos, G.; Berthold, J.; Schmitt-Landsiedel, D. Local Supply Voltage Adjustment for Low Power
Parametric Yield Increase. In Proceedings of the 2006 32nd European Solid-State Circuits Conference, Montreux, Switzerland,
19–21 September 2006; pp. 98–101. [CrossRef]

65. Cha, S.; Milor, L. Adaptive supply voltage and duty cycle controller for yield-power optimization of ICs. In Proceedings of the
2017 7th IEEE International Workshop on Advances in Sensors and Interfaces (IWASI), Vieste, Italy, 15–16 June 2017; pp. 133–138.
[CrossRef]

66. Nielsen, L.S.; Niessen, C.; Sparso, J.; van Berkel, K. Low-power operation using self-timed circuits and adaptive scaling of the
supply voltage. IEEE Trans. Very Large Scale Integr. VLSI Syst. 1994, 2, 391–397. [CrossRef]

Disclaimer/Publisher’s Note: The statements, opinions and data contained in all publications are solely those of the individual
author(s) and contributor(s) and not of MDPI and/or the editor(s). MDPI and/or the editor(s) disclaim responsibility for any injury to
people or property resulting from any ideas, methods, instructions or products referred to in the content.

119



Journal of

Low Power Electronics
and Applications

Article

A Power-Gated 8-Transistor Physically Unclonable Function
Accelerates Evaluation Speeds

Yujin Zheng *, Alex Yakovlev and Alex Bystrov

Microsystems Group, School of Engineering, Newcastle University, Newcastle upon Tyne NE1 7RU, UK;
alex.yakovlev@newcastle.ac.uk (A.Y.); a.bystrov@newcastle.ac.uk (A.B.)
* Correspondence: y.zheng26@newcastle.ac.uk

Abstract: The proposed 8-Transistor (8T) Physically Unclonable Function (PUF), in conjunction
with the power gating technique, can significantly accelerate a single evaluation cycle more than
100,000 times faster than a 6-Transistor (6T) Static Random-Access Memory (SRAM) PUF. The 8T
PUF is built to swiftly eliminate data remanence and maximise physical mismatch. Moreover, a
two-phase power gating module is devised to provide controllable power on/off cycles for the chosen
PUF clusters in order to facilitate fast statistical measurements and curb the in-rush current. The
architecture and hardware implementation of the power-gated PUF are developed to accommodate
fast multiple evaluations of PUF Responses. The fast speed enables a new data processing method,
which coordinates Dark-bit masking and Multiple Temporal Majority Voting (TMV) in different
Process, Voltage and Temperature (PVT) corners or during field usage, hence greatly reducing the
Bit Error Rate (BER) and the hardware penalty for error correction. The designs are based on the
UMC 65 nm technology and aim to tape out an Application-Specific Integrated Circuit (ASIC) chip.
Post-layout Monte Carlo (MC) simulations are performed with Cadence, and the extracted PUF
Responses are processed with Matlab to evaluate the 8T PUF performance and statistical metrics for
subsequent inclusion in PUF Responses, which comprise the novelty of this approach.

Keywords: physically unclonable function; PUF; power gating; SRAM; dark bit; metastability; data
remanence; data retention; reset

1. Introduction

1.1. Background

The Internet of Things (IoT) market is growing fast in annual revenue. However, this
globally interconnected world poses a much more severe challenge to security. Due to the
extremely resource-constrained nature of many IoT devices, e.g., wearables, lightweight se-
curity schemes and enhanced energy efficiency are consequently in great demand. To build
a strong physical cyber-defence capability from the very start of the Integrated Circuit
(IC) design [1], PUFs are promising hardware security primitives because they are easy
to evaluate and physically hard to duplicate [2]. PUFs are functions that map Challenges
to Responses through physically unclonable devices [2,3], and each PUF device is unique.
Their uniqueness comes from the uncontrollable physical parameter mismatch generated in
semiconductor fabrication. The proposed 8T PUF is derived from conventional 6T-SRAM.
SRAM is an indispensable part of mainstream embedded designs because of its symmetric
structure and mass entropy. The SRAM PUF was first proposed by Guajardo et al. [4] and
Holcomb et al. [5], who discovered the intrinsically random start-up values of SRAM cells.
Accordingly, these repeatable start-up values are the raw data for creating the Response of
the PUF, and the address used to read them is the Challenge, as shown in Figure 2.

However, in a small number of SRAM cells, random logical states inevitably appear
after every power-up due to negligible physical mismatch. They cause unreliable PUF
readings, which cannot be tolerated for authentication. Moreover, some stable cells become
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unstable with the change in environmental conditions, such as temperature or supply
voltage, because the physical mismatch in cells is affected, e.g., the threshold voltages
of transistors.

One PUF application is extracting and regenerating Secret Keys. The raw data read
from the PUF cells are the source for creating Secret Keys. The keys are normally extracted
during manufacturing in a stable nominal temperature and voltage condition and regener-
ated in the field with various environmental conditions. Since no error can be tolerated
for Secret Key application, there are some requisite techniques for identifying unstable
PUF cells during manufacturing, such as Multiple Evaluation [6], TMV [6–9], Dark-bit
masking [7–10], etc. Then, the stable cells can be used to derive the Secret Key for authentica-
tion. Whilst the keys are regenerated in the field, SRAM PUF is sensitive to environmental
changes and ambient noise, which both cause bit errors. However, time is too limited
to execute any aforementioned techniques to reduce errors. Thus, bit error correction
techniques are vital, such as BCH codes [11], Hamming codes [12], etc. For error correction
and its required PUF entropy, the hardware overheads increase exponentially with the
growth in error numbers [13]. This is unsuitable for lightweight IoT applications.

1.2. Main Contributions

Two fundamental circuits are built in this work: one is the custom 8T PUF in Figure 1a;
the other is the two-phase power gating cell in Figure 1b. A single-phase power gating
cell is also implemented for comparison, as shown in Figure 1c. Based on these circuits,
a power-gated 8-Transistor (8T) PUF architecture presented in Figure 2 is developed to
alleviate some of the aforementioned issues. This power gating structure can also be
utilised with the other bistable PUFs to improve PUF performance. The main contributions
are listed below:

Figure 1. Schematics of (a) 8T PUF cell, (b) two-phase power gating cell and (c) single-phase power
gating cell.
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Figure 2. A two kilo-bit power-gated PUF architecture.

• The custom 8T PUF facilitates fast statistical measurements and improves security:

The 8T PUF maximises physical mismatch and eliminates data retention swiftly for
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high-speed evaluations and countering security attacks [14–18]. It does not require
a special process for high-density SRAM manufacturing and can be fabricated in
the same process as microcontrollers (MCUs). Fast statistical measurements can be
performed on this platform to extract raw PUF bits. These raw bits are then processed
and marked onto a bitmap to identify the PUF cell instability. These unstable bits,
which are discarded in the references, can be used for True Random Number generation
or as part of the PUF Response [19–22].

• Two-phase power gating improves PUF performance and security whilst saving

energy and delaying ageing: This newly developed power-switching process includes
three stages:

1. Reset stage: The reset stage drops the virtual power supply (vddv), quickly
drains the remaining current and eliminates retained data.

2. Phase I power-up stage: Phase I slowly powers up the chosen PUFs to prolong
the metastability-resolving process in the hope of reducing EMI and crosstalk
amongst PUF cells [23].

3. Phase II power-up stage: Finally, phase II speeds up the voltage ramp-up process.

In addition, different combinations of power gating parameters can curb the in-rush
current, thus shielding it from side channel attacks, e.g., Differential Power Analysis
(DPA) [14,15]. Moreover, the 8T PUF cells are partitioned into rows, and only the
chosen rows will be powered up during the reading process. Besides saving energy
proportionally, PUF cells without a power supply cannot be read out and are protected
from security attacks. Furthermore, power gating can delay the transistor ageing effect.

• A new data processing method marks out most errors: The high-speed measurements
not only reduce the time needed for the enrolment phase in manufacturing but also
enable multiple evaluations in the key regeneration phase. Since the positions of the
unstable PUF cells drift away in different voltage or temperature corners, and extreme
corners cause more unstable PUF cells, TMV plus Dark-bit masking in nominal con-
ditions [7–9] is insufficient. We propose a new data processing method here. First,
during manufacturing, Multiple TMV under nominal conditions and extreme corners
are used to mark out unstable readings and flipped readings as Dark bits onto a
bitmap. Then, during field usage, the Dark bits are discarded first and followed by
the regeneration of Secret Keys using fast TMV. Finally, with a significantly reduced
number of error bits remaining, an error correction technique with a lower hardware
penalty will be applied. When the BER drop close to 0%, the hardware penalty for
error correction can be reduced significantly. The stability levels of PUFs are also
recorded on the bitmap. These unstable readings can be used further for True Random
Number generation or as part of the PUF Response.

1.3. State of the Art and Related PUF Works

Before starting a new silicon-based PUF design, the implementation method needs
to be considered first. The silicon-based PUFs can be implemented in an ASIC or a Field-
Programmable Gate Array (FPGA). Since FPGAs have ready-to-use resources and can
be purchased off-the-shelf, many early PUF works are based on FPGAs [2–4]. However,
ASIC-based PUFs can offer far more energy and have a cost-efficient design, which is
crucial for lightweight IoT devices [8,9,24–34]. However, FPGA-based PUFs [35–41] are
indispensable parts for applications which are not area or energy sensitive but time sensitive
instead. In addition, FPGA is a feasible platform for assessing PUF design methods and
performance. There are several novel FPGA-based bistable PUF works [36–41], which
we intend to implement in our test chip with the power gating method to compare the
metastable behaviour and PUF performance.

There are several PUF applications [42–45] that previously applied the power gating
method, but their purposes and implementations are different to this approach.
Maes et al. [42] implemented power-gated PUF blocks for further investigation. Xu et al. [43]
utilised the random duration of multiple power gating to replace voltage control so as
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to induce failure patterns to determine the Data Retention Voltage (DRV). In comparison,
our design diminishes data retention swiftly for high-speed evaluation. Although with a
different purpose, this research and its predecessor [46] have clarified that “a strong DRV
fingerprint is correlated with power-up tendency”. This substantiates that the stability
or instability degrees of PUF cells come from their innate physical mismatch. However,
it can be seen that 40 μs is not enough to eliminate retention data at 25 ◦C. In 2020, a 2D
power gating scheme to relieve an enhancement–enhancement (EE) SRAM PUF from short-
circuit currents and also to protect PUF data from attacks was presented by Liu et al. [44].
However, there was no consideration of the major power gating parameters, such as the
SLEEP transistor design [47], power distribution network [48], etc. This scheme also has a
half-selected cell problem, which requires additional peripheral circuits to lower the extra
energy consumption.

1.4. Paper Structure

The remainder of this paper is organised as follows. Section 2 describes the power-
gated PUF architecture, the 8T PUF design, the two-phase power gating implementa-
tion and a new data processing method combining Multiple TMV and Dark-bit masking.
Section 3 firstly analyses the power gating parameters, then compares the power-gated 8T
PUF behaviour with the 6T PUF, and lastly discusses the importance of a thorough reset for
PUF applications. Section 4 measures the processed data for a PUF property comparison.
Finally, Section 5 concludes the main contributions and outlines the ongoing work and
future plan.

2. Power-Gated PUF Architecture and Design Methods

An example architecture of a power-gated PUF array is illustrated in Figure 2. This
architecture consists of some general SRAM function blocks in grey, a 2 kilo-bit power-gated
PUF array and two functional blocks, i.e., a Control block and a Data Processing block.
The two function blocks will be implemented and evaluated in due course.

• Challenge–Response pair (CRP): The 8-bit address inputs are the PUF Challenges,
and the 8-bit corresponding data outputs are the PUF Responses. Together, they form a
Challenge–Response pair (CRP).

• PUF array: In the PUF array, there are 128 PUFs in a row gated by a power gating cell.
Since the main purpose of power gating is facilitating fast evaluations by switching
the power supply, the general term SLEEP for normal power gating is replaced by
SUPPLY in this work.

• Control block: The switching activity is controlled by the Control block. Apart
from passing the decoded higher 4-bit address to choose an 8-bit word from 16:1
multiplexers, it generates SUPn1, SUPn2 and WL (Word Line) signals from the decoded
lower 4-bit address. Once a PUF row is chosen by the lower 4-bit address, the SUPn1
signal is discharged to ‘0’ to switch on the power supply. After Data are settled down,
the SUPn2 will be discharged to ‘0’, and WL will be asserted to ‘1’ in sequence for a
reading process. Then, in the Reset stage, both SUPn1 and SUPn2 signals are asserted
to ‘1’. There will be no power supply to the PUF cells, and the data will be discharged
to ‘0’. The protocol of the two-phase power gating method is shown in Figure 3.

 

Figure 3. Protocol of two-phase power gating.
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• Data Processing block: The Data Processing block is there to evaluate the raw read-
out bits and marking out different stability levels of each PUF cell. Using TMV under
nominal or various voltage and temperature conditions is to sift the unstable or flipped
bits to achieve a lower Bit Error Rate (BER).

The input vectors and the output vectors of multiple PUF arrays can be concatenated
to match the PUF entropy requirement. The parameters of this architecture, e.g., the
type of PUF cell, the number of rows or columns, word width, etc., can be altered for
various purposes or implemented in different fabrication techniques. It is worth noting that
with larger PUF array dimensions, the sizes of SUPPLY transistors need to be evaluated.
The driven ability of SUPn1 and SUPn2 signals needs to be improved.

The design is implemented with UMC 65 nm technology. The layout of one test circuit
is partly illustrated in Figure 4. It includes rows of two-phase power-gated 8T PUFs on the
left-hand side and rows of single-phase power-gated 6T-SRAM PUFs on the right-hand
side for comparison. Each row has 128 PUF cells.

Figure 4. Part of the power-gated PUF test circuit layout.

2.1. 8-Transistor PUF Design

A distinctive feature of the 8T PUF is preparing a clean status for the next power-
on cycle with a high reset speed. This clean status means attackers cannot read out any
retention data. Unlike some 8T SRAM designs [49,50] concentrating on improving the write
margin and dealing with the opposite requirements for read stability and write ability, this
8T PUF abandons the write function and keeps only the SRAM read ability. The physical
parameter mismatch, which affects SRAM stability, is actually a vital feature of PUFs. Since
mismatch amongst transistors increases with the scaling down the physical size, the 8T
PUF uses the smallest transistor to maximise the mismatch. An 8T PUF can be fabricated
by the same process as MCUs, so a special process for high-density SRAM is not needed.

The 8T PUF cell shown in Figure 1a stems from conventional 6T-SRAM [51]. Four
transistors, namely PM0, PM1, NM0 and NM1, make up two cross-coupled inverters for
storing data. The unique PUF readings predominantly come from the threshold voltage
mismatch among these transistors. After powering up, the mutual input and output nodes,
i.e., Data and DataN, both reach a metastable state [52], at which time the outputs of two
cross-coupled inverters are lingering between logical ‘0’ and ‘1’, then cross it and settle in
one of these stable states. NM4 and NM3 are access transistors. They connect the internal
nodes Data and DataN to bit lines BL and BLN. In addition, two NMOS transistors NM2
and NM5 are designed to rapidly discharge the Data and DataN nodes during the reset
stage with both SUPn1 and SUPn2 signals asserting. As a result, the reset time can be
shortened by 5 orders of magnitude, i.e., from 120 microseconds to 1 nanosecond, hence
facilitating high-rate PUF evaluation. Furthermore, no data remanence can be exploited
by attackers [53,54]. The PUF layouts were implemented symmetrically. During the
evaluations, it is shown that a tiny bias of layout influences the proportion of the ones and
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zeros of the PUF readings. With two additional transistors, the area cost of the 8T PUF is
13.2% more than its 6T-SRAM PUF counterpart, which was implemented for comparison
as shown in Figure 4.

2.2. Two-Phase Power Gating Method and Design

Originally, the power gating technique was introduced to reduce leakage, which is
independent of the transistor switching activity and thus lessens power dissipation. This
design eliminates the leakage current from unchosen PUF rows, so the energy consumption
is roughly proportional to the chosen PUF percentage. In the two-phase power gating
method, the power gating cells switch the chosen rows of PUF cells on and off in three
stages: a reset stage, phase I power-up and phase II power-up. First and foremost, this
enables fast statistical evaluations, which improve PUF performance. Secondly, this method
facilitates different combinations of power gating parameters in hardware implementation,
so that the in-rush current can be curbed by adjusting these parameters. The flattened
currents provide a method against side channel attacks. Moreover, PUF rows without
power supply cannot be read out and are protected from security attacks.

Conventional power gating is conducted via a SLEEP transistor to enable a power or
ground connection [47]. Figure 1b shows the single-phase power gating cell is operated
via a PMOS transistor PM2 as a SUPPLY transistor to switch power on/off and an NMOS
transistor NM8 for fast resetting. As illustrated in Figure 1c, the two-phase power gating cell
employs two PMOS transistors as SUPPLY transistors for two-stage power switching and
an NMOS transistor NM6 for resetting. In the test circuits, each power gating cell controls
the power supply of a row of 128 PUF cells. The reset transistor NM6 quickly drains the
remaining current and drops vddv to 0 V. Since a smaller transistor curbs the drain current
and the vddv output, the two-phase power gating exploits this to generate a gentle voltage
incline with a smaller SUPPLY transistor PM4 in phase I and create a steep slope of vddv
using a larger SUPPLY transistor PM5 in phase II. Consequently, the metastability resolving
time in phase I is lengthened in the hope of minimum mutual disturbance amongst PUF
cells. Meanwhile, if all PUF cells start metastability in a very short period of time, the in-
rush current will be significant due to all the cross-coupled transistors in 8T PUF cells
being in saturation mode. The prolonged phase I is able to flatten the current peak as well.
Afterwards, phase II takes control and increases vddv swiftly. The sizes of two SUPPLY
transistors and the time duration of the two phases need to be evaluated to obtain the best
trade-off. This will be discussed in the evaluation part in Section 3.1.

2.3. Multiple TMV and Dark-Bit Masking

In some previous methods combining TMV with Dark-bit masking [7–9], TMV cannot
eliminate the unstable bits in different environmental conditions, and the Dark-bit mismatch
increases bit errors more than 10-fold during field usage. This is because the physical
mismatch, e.g., the threshold voltages, vary under different voltages or temperatures.
Hence, some stable cells become unstable and vice versa. However, there are some cells
that even change their bias tendency and flip their readings. PUF cells with flipped readings
cannot be distinguished by TMV under nominal condition.

We introduce a Multiple TMV method with additional TMV thanks to the high-speed
evaluation enabled by the proposed design and architecture. During manufacturing,
the golden reading is extracted using TMV in the nominal condition first. Then, by com-
paring the TMV results at all worst corners with the golden reading, any flipped bits and
unstable bits are marked as Dark bits. Afterwards, while the Secret Key regenerates in the
field, the marked-out Dark bits will be eliminated from the raw data first. Then TMV will
be executed next, and the unstable bits at this moment are the error bits. Then, these error
bits will be corrected with the error correction technique with a lower hardware penalty.
The simulation results show that the BER can drop to 0%, which is presented in Section 4.

125



J. Low Power Electron. Appl. 2023, 13, 53

3. Evaluations and Results Analyses

Due to the sensitivity of bistable PUFs, e.g., the 8T PUF and the SRAM PUF, many
aspects of parameter mismatch count for the PUF stability. Although the layouts were
implemented symmetrically to avoid human-made bias, the physical parameters still
exhibit variations. For this reason, post-layout simulation is a much more accurate way to
evaluate the sizes of SUPPLY transistors and measure PUF performance, such as uniqueness,
robustness and randomness. For various evaluation purposes, different simulation methods
were executed with corresponding test circuits.

3.1. Power Gating Parameter Evaluation

A DC sweep and post-layout transient simulations were performed to evaluate the
size of SUPPLY transistors for a cluster of 128 PUF cells and the corresponding behaviour
of the PUF cells.

For two-phase power gating, the phase one SUPPLY transistor PM4 must be small
enough to prolong the metastability process. Meanwhile, the phase two SUPPLY transistor
PM5 should be large enough to supply power to 128 PUF cells quickly. As presented in
Figure 5, there is a roughly linear relationship between the SUPPLY transistor width and
the approximate value of the vddv plateau while metastability resolves. There is also a
nearly quadratic dependence between the SUPPLY transistor width and the time duration
for vddv to reach 1.2 V or the metastability resolving time duration. Hence, by varying the
size of the SUPPLY transistor, the metastability resolving time can be manipulated.
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Phase I SUPPLY transistor widths of 80 nm to 320 nm and phase II SUPPLY transistor
widths of 1 μm to 4 μm were picked to evaluate various combinations of two-phase power
gating. Figure 6 illustrates the comparison of the current peaks of different signal edges
in different combinations of SUPPLY transistors whilst power gating a 128-bit PUF. It
can be seen that a higher power-up current corresponds to a larger SUPPLY transistor.
The phase II current also relates to the vddv value at the start point of phase II. The energy
consumption of a PUF cell for each reading cycle exhibits minimal variation, i.e., from
5.7 fJ to 6.2 fJ. These adjustable power-up currents can limit the in-rush current and be
exploited further as a candidate against side channel attacks. In our design, the SUPPLY
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transistor combination of 80 nm for PM4 and 4 μm for PM5 is implemented to emphasise
the prolonged PUF metastability-resolving process and the rapid reset process.

The power consumption of a power-gated PUF array is proportional to the chosen
PUF percentage, in addition to the power consumption of the power-gating cells. The post-
layout simulation results show that the power consumption is about 36.5% when only a
quarter of PUF rows are enabled. For example, a row of 128 8T PUFs consumes 954 fJ in an
array of four PUF rows, which consume 2.613 pJ under the same conditions. The dynamic
power of one two-phase power gating cell is about 812.5 aJ.

3.2. Power-Gated PUF Behaviour

To examine the PUF behaviour of 8T PUFs, post-layout Monte Carlo simulations with
a Gaussian distribution of transistor threshold voltages were carried out under nominal
conditions, i.e., a supply voltage of 1.2 V, an ambient temperature of 27 ◦C and a Typical–
Typical (TT) process corner. The test circuit includes a row of 128 two-phase power-gated
8T PUFs and a row of 128 single-phase power-gated 6T-SRAM PUFs on the right-hand side
for comparison.

The 128-run Monte Carlo simulation results illustrate the different power-up and reset
behaviours of PUF cells, as shown in Figure 7. In Figure 7a, with a 4 μm width SUPPLY
transistor, the vddv of single-phase power gating reaches 1.2 V in roughly 1 ns, whilst
quickly resolving the metastability of inside node pairs, i.e., Data and DataN. In contrast,
Figure 7b illustrates that vddv reaches around 0.7 V in 5 ns and lingers for about 4 ns, then
gradually climbs up towards 1.2 V at phase I power-up with the SUPPLY transistor width
of 80 nm. Following this, with a 4 μm width SUPPLY transistor, phase II starts from 22.5 ns
and swiftly increases vddv to 1.2 V in around 1 ns with the help of the 80 nm SUPPLY
transistor. It can be seen that the low start-up voltages in phase I lengthen the metastability
resolving time of 8T PUFs. Simultaneously, Data and DataN start wrestling while vddv is
ramping up slowly, then escape out of metastability and tend to their distinct logical status
in various resolving times due to their intrinsically varied physical parameters. These
opposite tendencies of Data and DataN resemble the random PUF behaviour in real circuits.

After powering up, the WL signal asserts at 25 ns for data reading. Finally, in the reset
stage, PUF cells are powered down. The remaining currents are drained away quickly
from the 8T PUF cells within 1 ns. However, the traditional 6T-SRAM PUFs still have data
retention, which not only affects the initial states of Data and DataN pairs in the following
cycles but also can be targeted by attackers. It is worth noting that with the technology
scaling down from 90 nm to 65 nm, the reset period for the same 6T-SRAM design lengthens
from 5 μs to 120 μs, as listed in Table 1.

Figure 7. Waveforms of a 128-run post-layout Monte Carlo simulation.
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Table 1. Reset periods in comparison.

HOST DFT ESSCIRC DFT DATE This This
2012 [6] 2012 [55] 2014 [10] 2016 [20] 2023 [56] Work Work

Design
6T-

SRAM
6T-

SRAM Hybrid DFF 6T-
SRAM

6T-
SRAM 8T PUF

Technology 65 nm 45 nm 22 nm 45 nm 90 nm 65 nm 65 nm
Reset Time 1 ms 1 s 1 s 50 μs 5 μs 120 μs 1 ns

3.3. Reset Period and Effect

Without resetting thoroughly, the assessment of the PUF characteristics can be mis-
guiding. One piece of evidence is that with the data remanence, the under-reset 6T-SRAM
PUF readings do not change in more than 200,000 runs of a Monte Carlo simulation com-
pared to the 8T PUF. This creates a deceptive deduction that the 6T-SRAM PUF cells are
100% stable in nominal conditions [57]. However, if the reset time duration is prolonged
to 120 μs with 65 nm technology, the simulation results show that the stability of the thor-
oughly reset 6T-SRAM PUF will be affected in the same way as the 8T PUF, as illustrated
in Figure 8. Long duration transient simulations were conducted with intensified noise.
In these simulations, the 8T PUF cell, with the help of two discharging NMOS transistors,
can reset two internal data nodes to the absolute values below 10 mV within 1 ns, while the
6T-SRAM PUF can barely achieve the same reset level even in 100 μs.

This reset issue has been overlooked because most research does not switch power
at such high frequencies, as listed in Table 1. Consequently, the longer power-off periods
result in a better reset quality under the same conditions.

Figure 8. Transient noise simulation with a 120 μs reset period.

4. 8-Transistor PUF Performance Measurements

To assess the PUF performance, 5G transient noise, including thermal noise, flicker
noise, shot noise, etc., was added to the post-layout Monte Carlo simulations because
all 8T PUF cells and 6T-SRAM PUF cells were stable in nominal conditions without any
external noise. For the two-phase power gating SUPPLY transistors, an 80 nm width was
chosen for phase I, and 4 μm was chosen for phase II. Meanwhile, the 6T-SRAM PUF was
examined under the same conditions for comparison. In addition to nominal conditions,
the design was evaluated under different PVT corners, i.e., temperatures from −40 ◦C to
85 ◦C and supply voltages from 0.8 V to 1.6 V, and the process corners included Slow–Slow
(SS), Fast–Fast (FF) etc. For quantitative evaluation, clusters of 2048 PUF cells were read
out for 100 power on–off cycles of 60 ns. This resembles 100 times the same Challenge.
The 100 2048-bit read-out strings are the PUF Responses. Furthermore, the PUF clusters
imitate different PUF devices. With a thorough reset, these PUF characteristics are able to
be assessed with post-layout simulations. The intensive multiple simulations here aim to
examine the PUF properties to prepare for prototype chip fabrication, so the extracted data
were then processed with Matlab to acquire PUF robustness, uniqueness, randomness, etc.
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The results were compared with some prior work in Table 2. It is worth noting that the
works [8,9,25,58–61] are ASIC-based measurements, and only [62] and this work include
simulation-based evaluations. In fact, post-layout simulations are very resource and time
consuming, so only a few works, e.g., [62], can extract data from schematic-based simulations.

Table 2. PUF performance comparison.

Measurement CMOS Chip-Based Simulation-Based

ISSCC ISSCC ISSCC JSSC JSSC JSSC Electronics IJCTA This
2014 [8] 2015 [58] 2016 [59] 2017 [9] 2020 [44] 2022 [60] 2023 [61] 2017 [62] Work

Technology 22 nm 65 nm 45 nm 14 nm 130 nm 180 nm 130 nm 65 nm 65 nm
Bitcell Area (μm2) 4.66 25.35 5.3 1.84 6.3 223 72.03 - 4.19
Bitcell Area (F2) 9632 6000 2613 9388 373 7222 4262.13 - 992
Unstable Bits 30% 1.73% - 26.37% 2.14% 0.61% 0.586% 0.32% Δ 7.71%
Native BER - - 0.1% 5.76% 0.21% 0.13% 0.49% - 1.17%
Worst BER 6% 4.56% * 2.84% 6.78% 0.34% 1.1% 3.125% - 12.21%
Stabilised BER 0.97% 1.73% 0.21% 1.46% 0% 0.13% - - 0%
Intra-distance 2.58% 0.92% - 3.4% 0.3% 0.16% 0.491% 2.25% Δ 1.45%
Inter-distance 49% 50.14% 49.8% 48.6% 49.23% 49.3% 50.12% - 50.67%
Mask Ratio 11% - 18.5% 20% 31.2–75% 0.61% 0% - 21.78%
ACF @95% c.l † 0.01 0.0363 0.017 - 0.0228 0.0472 0.025 - 0.0315
Energy/bit (fJ) 13 15 - 4 128 - 5.36 - 6.15

* The worst unstable bit rate. † Auto-correlation Function at 95% confidence level. Δ MVOUT = 1 mV.

By comparing this work with state-of-the-art designs, it is shown to satisfy the basic
PUF requirements and can be evaluated as a PUF. From Table 2, it can be seen that some of
the latest designs [44,59–61] improve the native stability of PUFs and achieve the native
BER very close to 0%. Ref. [44] realises a 0% stabilised BER with relatively high mask ratios
and energy consumption per bit, while [59–61] utilises a novel circuit implementation.
This work tries to reach the same level of performance with high-frequency evaluations
enabled by the power-gated 8T PUF structure. Since the post-layout simulation is extremely
time and resource consuming, there are only a few previous works that attain the same
level of results by simulation, e.g., the results of [62] are extracted from schematic-based
simulations. The main achievement of the proposed design and structure is the speed,
which saves time and hence conserves the total power consumption, etc.

4.1. Uniformity

For PUF uniformity, the proportion of ones and zeros of the 8T PUF readings should
be evenly distributed. Our results of stable zeroes are 46.22% and stable ones are 46.06%.

4.2. Robustness: Intra-Distance and BER

For an ideal PUF cell, the Responses to the same Challenge should always be the
same. However, the existence of unstable cells makes this impossible. Thus, the intra-
distance, which is the Hamming distance between bit strings of the Responses from repeated
measurements of the same PUF, is used to evaluate the PUF robustness. To minimise
the area overheads for error correction in the key regeneration phase, the intra-distance
is expected to be close to zero. By comparing every pair of two Response bit strings and
adding up the total numbers of different bits, the intra-distances are calculated. The average
intra-distance of all the simulated 8T PUF groups is 1.45%.

Under nominal conditions, the average percentage of total unstable bits in 20 groups
of 2048 8T PUF cells is 7.71%; the raw BER is 1.17%. The corresponding BER of the worst
corner is 12.21%. Most of the unstable readings can be fixed by the Data Processing block
using TMV, which can be visualised in the golden bitmap generated in the key enrolment
phase. For example, in the golden bitmap shown in Figure 9, squares with different
colours represent the statistical results of the PUF stability, i.e., white indicates stable ‘0’,
black squares show stable ‘1’ and different grey shades present the degree of bias of the
cells. Most impressively, the worst corner BER can be decreased to 0% with Dark-bit
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masking coordinated with TMV in the worst voltage and temperature corners and in the
field. The mask ratio is 21.78%. As a result, the hardware penalty for error correction
is minimised.

Figure 9. Golden bitmap of 2048 8T PUFs.

4.3. Uniqueness: Inter-Distance

Since PUFs are the hardware sources for identifying individual devices or generating
Secret Keys, the extracted information from each PUF should be unique. The fractional
Hamming distance was computed between different PUF devices. In order to successfully
identify each PUF device, this value should be close to 50%. In the experiments, the Re-
sponse bit strings of different PUF clusters were compared to calculate the inter-distance.
The average inter-distance of the 20 8T PUF clusters is 50.67%.

4.4. Randomness

Firstly, the Applied Auto-correlation Function (ACF) was used to analyse the spatial
correlations among 64 groups of 2048 8T PUFs. The result is 0.0315, which is close to zero,
within the 95% confidence bound. This indicates a low spatial correlation of the 8T PUFs
based on the physical extraction from the layout design. Then, the randomness of 64 groups
of 2048 8T PUFs was assessed with the NIST SP 800-22 [63] statistical test suite. The NIST
results are listed in Table 3. The simulation results passed most of the tests. However,
the randomness generated by the simulator has limitations, especially for the large amount
of data which is required by both the ACF and NIST test suite. Moreover, this practical
simulation method is time and resource consuming. A test chip for facilitating on-chip
statistical experiments is under development to improve the evaluation efficiency and
verify the PUF behaviour in the real world.

Table 3. NIST analysis for 64 PUF groups.

String Length p-Value Proportion

Frequency 2048 0.73856 64/64
Block Frequency 2048 0.91013 64/64
Cumulative Sums 2048 0.87698 64/64
Runs 2048 0.0204 11/64
Longest Run 2048 0.005 14/64
Rank 2048 0.44962 64/64
FFT 2048 0.18139 52/64
Approx. Entropy 2048 0.009 28/64
Serial 2048 0.18290 40/64
Linear Complexity 2048 0.63316 61/64

5. Conclusions and Future Work

In this paper, the design, architecture and evaluation of a rapid reset 8T PUF utilising
the power gating technique are presented. Its purpose is to enhance PUF stability and
minimise the hardware penalty for error corrections. The design can apply on–off power
cycles repeatedly to PUF clusters to facilitate fast multiple evaluations for extracting
the bias probability of PUF cells. The ultra-fast speed enables TMV in different voltage
and temperature corners or in the field. Dark-bit masking based on these extracted data
can reduce the BER to close to zero in experiments. In the design, an SRAM-based 8T
PUF cell with the ability to eliminate data retention is built, and a two-phase power
gating method is devised and evaluated. Besides switching the power supply swiftly and
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saving power, the power-up process can be manipulated via varying the power gating
method and parameters so as to decrease the interference between sensitive PUF cells and
limit the in-rush current during power-up. Consequently, PUF stability and security are
enhanced. In addition, the clean and fast reset makes it possible for swift and accurate PUF
measurements either in simulation or in a fabricated silicon chip. The 8T PUF characteristics,
including robustness, uniqueness and randomness, are thus qualitatively confirmed.

Future work will include quantitative evaluations of the 8T PUF performance on
various PVT corners and assessments of different power gating settings. The extracted
unstable degrees of PUF cells will be post-processed and added to the PUF Response to
increase its entropy. In addition to this, a test chip is currently being fabricated. Afterwards,
the fabricated test chip will enable on-chip statistical experiments, which serve as a platform
to extract analogue secrets. Finally, the differences in the power-gated 8T PUF’s entropy
compared to its 6T-SRAM PUF counterpart will be assessed, measured and reported.
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Abbreviations

The following abbreviations are used in this manuscript:

8T 8-Transistor
PUF Physically Unclonable Function
6T 6-Transistor
SRAM Static Random-Access Memory
TMV Temporal Majority Voting
PVT Process, Voltage and Temperature
BER Bit Error Rate
ASIC Application Specific Integrated Circuit
IoT Internet of Things
IC Integrated Circuit
MCU Microcontroller
vddv virtual power supply
DPA Differential Power Analysis
FPGA Field-Programmable Gate Array
CRP Challenge–Response Pair
DRV Data Retention Voltage
WL Word Line
TT Typical–Typical
SS Slow–Slow
FF Fast–Fast
CMOS Complementary Metal Oxide Semiconductor
ACF Applied Autocorrelation Function
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Abstract: A low-power delay-locked loop (DLL)-based frequency multiplier is presented. The
multiplier is designed in 22 nm FDSOI and achieves 8× multiplication. The proposed DLL uses a
new simple duty cycle correction circuit and is XOR logic-based for frequency multiplication. Current
starved delay cells are used to make the circuit power efficient. The circuit uses three 2× stages
instead of an edge combiner to achieve 8× multiplication, thus requiring far less power and chip area
as compared to conventional phase-locked loop (PLL) circuits. The proposed 8× multiplier occupies
an active area of 0.09 mm2. The measurement result shows ultra-low power consumption of 130 μW
at 0.8 V supply. The post-layout simulation shows a timing jitter of 24 ps (pk-pk) at 2.44 GHz.

Keywords: WSN; frequency multiplier; XOR; FDSOI 22 nm

1. Introduction

The development of wireless sensor networks (WSNs) has seen an increased demand
in the last decade. The interest can be attributed to their cost-effective and easy implemen-
tation in a wide range of fields such as agriculture, environment monitoring, surveillance,
etc. [1]. Designing a sensor node requires several critical design considerations such as
form factor, network size, operating conditions, power consumption, maintenance, etc.
For WSNs, when designing a battery-less sensor node, minimizing the power consump-
tion is a challenging task. Among the several functional blocks of a sensor node, most
of the available power is used for carrier signal generation for data transmission. Us-
ing a local oscillator for carrier generation not only necessitates a significant amount of
power consumption, but it is also quite difficult to achieve sufficient accuracy over process–
voltage–temperature (PVT) variations [2]. Thus, it is challenging to implement a low-power
wireless communication architecture in low-cost WSNs without the availability of a stable
reference frequency.

Backscattering the incoming signal to eliminate the need for carrier signal generation
has been a popular and uncomplicated solution [3]. However, backscattering can make
the system prone to self-jamming [4]. The phase-locked loop (PLL) architecture is another
dominant choice for carrier frequency synthesis. Ref. [5] shows the implementation of a
transceiver that uses the received 915 MHz signal as input of a PLL to realize a 2.4-GHz RF
carrier for wireless data transmission. However, due to the need for a VCO, a phase detector,
and a frequency divider, a PLL is physically large and consumes a significant amount of
power [6]. The PLL also suffers from phase noise accumulation in the voltage-controlled
oscillator (VCO) [7].

In the last decade, the delay-locked loop (DLL)-based frequency synthesis has been un-
der exploration [8–13] due to its low power, low complexity, and area-efficient performance.
Ref. [8] presents a DLL based on a voltage-controlled delay line (VCDL) and an edge com-
biner. This approach may suffer from duty cycle distortion due to the possible mismatches
in the VCDL and because the frequency multiplier triggers on both the rising and the
falling edge. Another DLL uses VCDL, which can be configured as a resettable VCO [9].
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However, this approach may have a high in-lock error due to the process of injecting back
the frequency into the VCDL. Since the DLL operation does not require any inductors and
for the most part consists of digital logic circuits, its implementation is area efficient. This
paper presents the design of a low-power XOR logic-based DLL. The proposed DLL is de-
signed as a part of a battery-less wireless sensor node. To conserve power, the sensor node
extracts the carrier of an ISM band signal and divides the received frequency. The DLL then
applies 8× multiplication to the input signal to generate a 2.44 GHz signal in the output.
Therefore, it is critical for the DLL to be energy efficient for its application. The design uses
current-starved voltage-controlled delay cells (VCDLs) to minimize power consumption.
A series of three 2× multiplication stages are used to achieve 8× frequency multiplication.
A new charge pump (CP)-based duty cycle control loop (DCCL) is implemented in each
multiplication stage to achieve low duty cycle distortion over PVT variation.

This paper is organized as follows: Section 2 describes the implemented DLL ar-
chitecture. The circuit implementation is discussed in Section 3. Section 4 presents the
experimental results, and a conclusion ends the paper.

2. DLL Architecture and Operation

The block diagram of the proposed frequency multiplier is shown in Figure 1.

 
Figure 1. Proposed DLL architecture showing the full operation of 2× multiplication.

Each 2× multiplication comprises a VCDL, an XOR gate, and a duty cycle control loop
(DCCL). A series of three 2× multipliers is used to achieve 8× frequency multiplication.
VCDL is then followed by a low-power XOR gate. Given that frequency locking is not an
issue, an XOR gate is preferred as the phase detector in our approach. The XOR gate takes
in both the original signal and the delayed signal to output a 2× frequency, as shown in
Figure 2.

Figure 2. XOR logic-based frequency multiplication technique.
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Initially, the delay introduced by the VCDL may not be exactly 90◦. The duty cycle
may be less than or greater than 50%. The duty cycle correction circuit uses a passive
integrator to generate an average DC voltage proportional to the duty cycle. The output of
the integrator is compared with a voltage level equal to half of the supply voltage (VDD)
using comparators. After comparison, the DCCL circuit signals the charge pump (CP)
circuit to generate feedback control voltages. The feedback coming from CP then varies
Vctrl to correct the delay to 90◦, achieving a 50% duty cycle. It is to be noted that in the case
of a single 2× multiplication stage for an input frequency of 305 MHz, the whole circuit
except the output of the XOR gate is switching at 610 MHz, i.e., twice the input frequency.

3. Circuit Implementation

3.1. Current-Starved Delay Cell

Current-starved full-swing inverter cells are used in the VCDL to generate the 90◦
delay. The implemented delay cell is optimized for low power consumption and is shown
in Figure 3. The current in the delay cell is controlled by the gate voltage of MN2 and MP2.
The inverter is sized to produce only a fraction of the total delay. Too many or too few delay
cells in VCDL can impact the process corner variation. Therefore, the number of delay cells
in each VCDL is optimized to achieve better performance across process corners. Careful
consideration in layout design is taken to minimize mismatches.

 

Figure 3. Current-starved delay cell.

3.2. XOR Logic

Conventional XOR gates are used for frequency multiplication. The use of an edge
combiner is avoided in this implementation to reduce the number of XOR gates. The current
implementation uses only three XOR gates in total to achieve 8× frequency multiplication.
Comparatively, an edge combiner will require seven XOR gates for 8× multiplication.
The schematic of the implemented XOR gate topology is shown in Figure 4. Since each
multiplication stage has a different input frequency, each of the XOR gates is optimized for
power consumption and frequency.

3.3. Duty Cycle Correction Loop

The DCCL ensures a 50% duty cycle of the output on all PVT corners. It controls the
delay of VCDL using the signal Vctrl. The feedback forces the average (i.e., DC component)
of the 2× signal to be equal to half of the VDD to achieve a 50% duty cycle. To save power
and area, diode-connected stacked PMOS devices are used. The stacked MOS diodes
generate a VREF equal to half of VDD. A passive RC integrator extracts the DC of the
2× signal and compares it with VREF using OTAs, as shown in Figure 5. The OTAs are
biased in the subthreshold region to achieve ultra-low-power operation. The UP and DN
signals coming from the OTAs are fed into the charge pump circuit to generate Vctrl.
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Figure 4. Implemented XOR gate.

Figure 5. Proposed duty cycle correction loop.

The implemented charge pump (CP) circuit is shown in Figure 6. The CP is biased in
the subthreshold region for low current consumption. Self-cascoded transistors are used in
the current mirrors to boost the output resistance allowing a high output voltage swing.
When the duty cycle is >50%, the UP signal is High, and the DN signal is Low so that C1
charges and Vctrl increases. This increase in Vctrl decreases the delay in the VCDL until
the duty cycle becomes 50%. When the duty cycle is <50%, the UP signal is Low and the
DN signal is High, thus correcting the duty cycle by decreasing Vctrl. This feedback loop
ensures a 50% duty cycle across all PVT corners.

 

Figure 6. Charge pump circuit implementation.
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3.4. Simulation Results of a Single 2× Multiplication Stage

Figure 7 illustrates a transient simulation of a single stage of 2× frequency multiplica-
tion. The input frequency provided to the 2× multiplier is 305 MHz, yielding a 605 MHz
signal at the output. Due to the action of the duty cycle correction loop, the circuit achieves
a 50% duty cycle across all simulated process corners. The simulated power consumption
of the 2× multiplier is approximately 40 μW at a 0.8 V supply.

Figure 7. Simulation results of the input vs. output frequency of the 2× multiplication stage.

For the implementation of DLL in this work, 22 nm FD-SOI (Fully Depleted Silicon-
On-Insulator) process technology is used. FD-SOI transistor technology offers superior
electrical performance due to its reduced parasitic capacitance, energy efficiency, and
improved isolation as compared to the transistor fabricated over bulk silicon [14], leading to
enhanced signal integrity and lower power consumption. Additionally, the improved short-
channel effects in FD-SOI contribute to better device scaling, allowing for the integration of
more compact and efficient DLL components. Overall, the utilization of the FD-SOI process
in DLL implementation promises superior performance, reduced power consumption, and
increased design flexibility compared to traditional CMOS processes.

4. Experimental Results

The circuit is implemented in 22 nm FD-SOI technology and is designed in Cadence
Virtuoso. The block schematic of the 2× multiplier is shown in Figure 8 which highlights
all the sub-blocks of the circuit. The proposed 8× multiplication circuit occupies an active
area of 0.09 mm2. The layout and micrograph of the circuit is shown in Figure 9.

Figure 8. Block schematic of the 2× multiplier in 22 nm FD-SOI.
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Figure 9. Micrograph and layout of the proposed circuit.

Figure 10 shows the post-layout performance of the 8× frequency multiplier. Here,
305 MHz is given as input frequency to the multiplier, which generates an output frequency
of 2.44 GHz. Figure 11 shows the action of the control loop to correct the duty cycle of
the output signal. It takes about 40 μs to achieve a 50% duty cycle. The measured power
consumption of the 8× multiplier is about 130 μW at 0.8 V.

 

Figure 10. Post−layout simulation of the input vs. output frequency of the proposed circuit showing
8× multiplication.

Figure 11. Post layout simulated response of the duty cycle correction loop. The circuit takes 40 μs to
achieve a 50% duty cycle.
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The circuit passed all the post-layout process corner simulations for a temperature
range of −20 to 110 ◦C while the supply voltage was kept constant at 0.8 V.

The DC offset of the OTAs for error corrections changes across process corners and
appears as a static duty cycle error. This error can be seen as spurious tones in the output
frequency spectrum. For all process and temperature corners, the duty cycle error remains
in an acceptable range of −5% to 3%. For all the process and temperature corners, the
number of delay stages is chosen such that the duty cycle error before correction is always
positive. The observation shows that the feedback loop can correct a max duty cycle error
of 30% before saturating.

Figure 12 shows the measured frequency spectrum of the output. The sideband
harmonics power level is seen at least 25 dB lower than the carrier. The simulation shows a
timing jitter of 24 ps (pk-pk).

 

Figure 12. Measured frequency spectrum of the output.

A FOM (figure of merit) is derived from [15] to make a performance comparison with
the state of the art. Equation (1) calculates the FOM using multiplication factor (N), Power
Consumption (Pdc), Process minimum length (Lmin), operating bandwidth (BW in %),
and Area (A). The comparison of performance is summarized in Table 1. The proposed
multiplier achieves the best FOM due to lower power consumption, wider operating
bandwidth, and better multiplication factor/area ratio. Note that a lower FOM is an
indication of better performance.

FOM = 10 log
Pdc
N

+10 log
A

Lmin
−10 log(BW), (1)

Table 1. Summary of performance comparison.

This Work [11] [12] [13]

Supply Voltage (V) 0.8 0.6–1.2 1 N/A

Multiplication Factor 8× 32× 3× 3×
Input/Output Frequency (GHz) 0.305/2.44 0.017/0.574 20/60 3.5/10.5

Timing jitter (Simulated) (ps) 24 ps @ 2.44
GHz (pk-pk)

97 ps @ 0.574 GHz
(pk-pk) N/A N/A

Normalized periodic jitter (jitter/period) 0.0586 0.055 N/A N/A

Power consumption (mW) 0.13 2.71 50 5.5

Active area (mm2) 0.09 0.014 0.4 0.075

Technology 22 nm
FD-SOI

28-nm
FD-SOI

45 nm SOI
CMOS

22 nm
FD-SOI

FOM 74.01 91.76 111.85 114.53
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5. Conclusions

An XOR logic-based, low-power DLL frequency multiplier is presented. The circuit
achieves 8× multiplication in three 2× stages. The design eliminates the need for edge
combining, effectively minimizing the power consumption to 130 μW at 0.8 V supply. The
circuit utilizes a new simpler duty cycle correction loop offering multiplication of a wide
frequency. The duty cycle correction loop also ensures minimal duty cycle distortion across
all PVT corners. A timing jitter of 24 ps (pk-pk) is observed at 2.44 GHz output comparable
to the state-of-the-art options. The proposed design is a suitable low-power frequency
multiplier for battery-less wireless sensor nodes.
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Abstract: This article presents the design and optimization of a tunable quadrature differential LC
CMOS voltage-controlled oscillator (VCO) with a D flip-flop (DFF) frequency divider. The VCO is
designed for the low-power and low-phase-noise applications of 2.4 GHz IoT/BLE receivers and
wireless sensor devices. The proposed design comprises the proper stacking of an LC VCO and a
DFF frequency divider and is simulated using a TSMC 65 nm CMOS technology, and it has a tuning
range of 4.4 to 5.7 GHz. The voltage headroom is preserved using a high-impedance on-chip passive
inductor at the tail for filtering and enabling true differential operation. The VCO and frequency
divider consume as low as 2.02 mW altogether, with the VCO section consuming only 0.47 mW. The
active area of the chip including the pads is only 0.47 mm2. The designed VCO achieved a much
better phase noise of −118.36 dBc/Hz at a 1 MHz offset frequency with 1.2 V supply voltages. The
design produced a much better FoM of −196.44 dBc/Hz compared to other related research.

Keywords: CMOS; quadrature; differential; DFF frequency divider; phase noise; quality factor;
varactor; Inductor Capacitor voltage-controlled oscillator (LC-VCO); layout

1. Introduction

The proliferation of mobile phones and the establishment of cellular networks revolu-
tionized personal communication. The 21st century witnessed the emergence of 3G, 4G,
and 5G wireless networks, enabling faster data transfer and the growth of the mobile inter-
net. Wireless communication has continued to evolve, with innovations in areas like Wi-Fi,
Bluetooth, and IoT (Internet of Things) communication. These technologies have become
integral to daily life and various industries. The advent of Wi-Fi, Bluetooth low energy
(BLE), and the subsequent growth of IoT (Internet of Things) devices has had a significant
impact on the way we live, work, and interact with technology. The number of Internet of
Things (IoT) devices and connected objects has grown significantly in recent years. Exam-
ples include automation systems for homes, smart appliances, smart agriculture systems,
smart healthcare systems, wireless sensors, wearable technology, etc. The transportation,
logistics, healthcare, life, and digital industries are all being improved with the emergence
of intelligent, wirelessly interconnected objects. It is anticipated that billions of devices
with sensor will be linked to the Internet through diverse access networks. Cisco’s IoT
Connections Count Forecast estimated that there would be over 36 billion connected IoT
devices by 2025. The future of wireless communication holds the promise of even faster
and more reliable networks, expanded IoT applications, and the integration of wireless
technology into areas like autonomous vehicles and smart cities.

The proliferation of IoT devices, many of which rely on 2.4 GHz devices like Wi-Fi
and Bluetooth low energy (BLE) for connectivity, has been revolutionary. These devices
are embedded in our homes, industries, transportation systems, and cities. They collect
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data, automate tasks, and enhance efficiency and convenience. Implementing economical,
low-power, and adaptable systems is a significant necessity for these devices. The IoT
sensor node needs to be mobile, battery-operated, and perhaps able to retain energy for
several years. It is a crucial element of IoT systems, and it mostly influences the system’s
performance. Therefore, the transceiver RF must adhere to strict power limitations. The
most important part of every RF transceiver is the voltage-controlled oscillator (VCO).

A substantial amount of the power budget is used by the VCO. The key challenge in
this endeavor is reducing the power consumption.

The leading idea of this article is to produce a design that has low phase noise, low
power consumption, accurate quadrature oscillation, and a better frequency tuning range
with a reduced chip size. In this regard, we adopted the best technique of a VCO and
frequency divider and integrated them at their optimal level. It has been used to satisfy the
requirements of IoT applications: autonomy, stability, and frequency agility.

Wireless communication has become a ubiquitous part of our daily lives, and the de-
mand for low-power, cost-effective, and secure RF transceivers has increased dramatically
with the emergence of the Internet of Things (IoT) and other wireless applications.

The use of advanced techniques by RFIC designers has resulted in improved efficiency
for RF transceivers. These techniques have allowed for the integration of more function-
ality onto a single chip, resulting in more efficient, reliable, and cost-effective wireless
communication systems. The complete system-on-chip (SoC) design approach enables
the integration of numerous components, including RF transceivers, onto a single chip,
resulting in decreased power consumption and cost.

In this article, the LC tank complementary cross-coupled differential voltage-controlled
oscillator (VCO) technique is used to achieve perfect symmetry between the quadrature
outputs of an oscillator. This technique addresses the intrinsic asymmetry issue in current
reusing and ensures an accurate quadrature phase relationship, leading to improved
performance in RF transceivers.

In article [1], comparative analyses were conducted on various LC oscillator topologies,
including Colpitts, Hartley, and common-source cross-coupled differential pairs, in the
frequency range of 1 to 100 GHz. The circuits were implemented in 28 nm bulk CMOS
technology to operate at different frequencies while maintaining equal power consumption,
quality factor, and transistor sizes for a fair comparison. The impulse sensitivity function
was accurately evaluated with all the necessary steps and settings discussed in detail.
Additionally, PN performances were assessed through periodic steady-state simulations in
the Spectre RF-Cadence environment.

The quadrature differential cross-coupled LC oscillator and the VCO Ring Oscillator
are the two most prevalent kinds of integrated oscillators. Both types have their advantages
and disadvantages, which make them more suitable for specific applications. Ring oscil-
lators are so widely used because of their low power consumption and small size, which
make them ideal for many applications where these factors are critical. The ring oscillator’s
phase noise performance is inferior to that of quadrature differential cross-coupled LC
oscillators in applications where phase noise is an important characteristic. On the other
hand, quadrature differential cross-coupled LC oscillators are preferred for systems that
require high data rates and low bit error rates. They perform better in terms of phase noise
than ring oscillators in RF applications demanding high-quality signals. However, they
may require more area and consume more power compared to ring oscillators.

Due to their low power usage, improved phase noise performance, and straightfor-
ward implementation, LC tank VCO techniques and quadrature differential cross-coupled
LC oscillator techniques are frequently used in high-performance RF and wireless commu-
nication systems. Their unique topologies and careful selection of components make them
ideal for a wide range of applications. Those require high-speed data transfer rates, low bit
error rates, and low power consumption [2]. When compared to a quadrature VCO, the
approach of operating the VCO at twice the LO frequency and then 1

2 division is often used
to cover less chip space [3].
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A power-efficient method for reusing current is the LC VCO followed by a 1/2 fre-
quency divider circuit. When oscillation amplitude is decreased, the voltage headroom for
each MOS is likewise decreased, which results in more phase noise than a separated VCO
and divider. To minimize the trade-off between voltage headroom and power usage, VCO
and frequency divider circuits must be carefully designed together [4].

1.1. Quadrature Generation VCO

Direct conversion transceivers are commonly used in modern radio systems. They
offer a simpler architecture compared to other types of transceivers, such as super hetero-
dyne transceivers, which require multiple stages of frequency conversion and filtering.
Quadrature down-conversion is necessary for recent modern radio systems to reject the
image signals in direct conversion and low-IF receivers. Both the Colpitts and LC oscil-
lators can produce quadrature signals; however, the Colpitts oscillator performs worse
concerning phase noise as compared to the LC oscillator [5,6].

To generate quadrature signals, the VCO usually employs a coupling network, such as
a quadrature LC tank or a pair of coupled resonators, which provides the necessary phase
shift between the two outputs. However, this coupling network can introduce additional
phase noise, which can degrade the overall phase noise performance of the VCO. This
demonstrates that a traditional parallel-coupled QVCO outperforms a single-phase VCO
in terms of phase noise due to the coupling transistors being connected in parallel with the
switching pairs, which causes a non-zero resonator phase shift and reduces the phase noise
of the QVCO. A trade-off between phase noise and phase accuracy led to this coupling
approach. [7]. Secondly, the QVCO design acquires more chip area as compared to a single
VCO [4,8–10].

The most precise quadrature LO signals across a broad frequency range are produced
using a double-frequency VCO using a 1/2 frequency divider technique. Increased power
consumption was a result of this technique of high operating frequency for the VCO and
frequency divider. However, the master–slave flip-flops, which have to be designed for
the doubled frequency, consume much power. If the primary design concern is low cost
or small area, then this solution clearly must be preferred, as the VCO designed at double
frequency features a smaller coil, and the area of the master–slave flip-flops in sub-μm
CMOS is negligible. Also, in ZERO-IF receivers, this solution should be preferred because
it avoids direct parasitic coupling between the VCO and receiver input. There is a tradeoff
between power consumption and phase noise and this technique will provide better phase
noise [2].

The leading idea of this article is to produce a design that provides better phase noise,
low power consumption, accurate quad oscillation, and a better frequency tuning range
with a reduced chip size. In this regard, we adopted the best technique of the VCO and
frequency divider and integrated them at their optimal level. The proposed VCO technique
naturally provides an output CM level about equal to VDD/2. The technique can be viewed
as complementary cross-coupled CMOS (NMOS and PMOS pair) sharing the same bias
current. Instead of using a CMOS current source at the tail of the structure, we used a
high-impedance passive inductor to save the voltage headroom and reduce the noise factor.
To maximize the tuning range, we carefully selected the CMOS dimensions as mentioned
in the article’s design methodology in Section 3.1. More than fifty iterations were carried
out during the design, integration, and simulation process by using TSMC 65 nm with a
1 poly and 9 metals (1P9M) CMOS process in the Cadence Virtues CAD environment. This
article’s results show that we achieved better phase noise, ultra-low power consumption,
and better quad oscillation with the reduced chip area as compared to other related work.

1.2. The Contribution

The main objective of our work is to further reduce the phase noise and power
consumption along with a reduced chip size. The proposed technique achieves phase noise
as low as −118.36 dBc/Hz at a 1 MHz offset frequency with 1.2 V supply voltages and
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consumes only 0.47 mW of power. The proposed technique consumed 76% less power
as compared to the latest related work published in [11]. The active area of the chip
including the pads is only 0.47 mm2; furthermore, in the proposed design, we used a DFF
master–slave 1

2 frequency divider to obtain the accurate quadrature oscillation.
In this article, we used TSMC 65 nm with 1 poly and 9 metals (1P9M) CMOS technology

in a Cadence Virtues CAD environment for the VCO schematic design, simulations, layout,
and post-layout simulations. This article is structured in four sections. Section 2 of the
paper discusses the LC-VCO and frequency divider designs. Section 3 presents the results
of the post-layout simulation employing 0.65 m CMOS technology and its comparisons.
Section 4 of the paper describes a brief conclusion.

2. Literature Review

Commonly Used Techniques in Traditional Low-Voltage LC-VCO

To reduce phase noise in cross-coupled oscillators, many research efforts have been
carried out in recent years, each of which has distinct advantages and disadvantages. In
an earlier study, by improving the resonator’s design, the researchers also attempted to
reduce phase noise as discussed in [12–14]. In [10], an active resonator with a high Q factor
was used to minimize phase noise. In [13,14], the study’s findings were that the oscillator’s
phase noise efficiency can be enhanced by increasing the inductance energy factor (IEF).
In [15], the tail current shaping technique was used to manage tail current and improve
phase disturbance.

One of the most popular types of oscillators is the quadrature differential cross-coupled
LC tank oscillator, as they have advantages including better phase noise performance, less
power consumption, and simple and straightforward designs, as reported in [7,16–18].
However, the researchers faced significant design challenges while trying to obtain lower
phase noise in these oscillators. The analysis and prediction of phase noise or timing jitter
in oscillators is a particularly difficult problem, since oscillators are independent non-linear
circuits and their non-linearity is essential to their operation and evaluation of their noise
performance. Along with LC tank loss, the MOSFET switching pairs and tail biasing
MOSFET also produced some noise in this kind of oscillator.

Traditionally, PMOS or NMOS devices, or both together, could be utilized to produce
a quadrature differential cross-coupled pair (CMOS). The quadrature differential cross-
coupled MOS oscillator consumes less power, but the phase noise is increased because of
noise from the extra cross-coupled block as compared to a single MOSFET. However, the
power consumption of the CMOS circuit is almost half that of single pair topologies [6,15].

The complementary quadrature differential cross-coupled is the widely used technique
of the LC–VCO presented in [2,12]. The circuit employs two MOSFETs to provide negative
transconductance (−gm), which compensates for LC tank losses. It lessens the 1/f noise and
has a symmetric and straightforward structure. However, due to the tail current source’s
limited voltage headroom, this configuration is inappropriate for low-supply voltage
operation. A different method employed in [16] is effective for low-power applications. In
a typical quadrature differential cross-coupled VCO, cross-connected PMOS and NMOS
transistors produce the same negative conductance because of half-power dissipation. Since
there is no tail current circuit, this architecture will not impact the headroom. Furthermore,
because of its low power supply voltage and lack of a tail MOS current source in its
design, this VCO is more sensitive to PVT changes. It has been reported in [19] that the
VCO’s performance would be improved by increasing its tolerance to PVT fluctuations by
adopting an adaptive body-biasing approach.

The capacitive source degeneration (CSD) technique is used to improve the phase
noise performance of an LC oscillator. In the CSD technique, a capacitor is placed in series
with the input signal source of the LC tank, which provides a negative feedback path
that reduces the amplitude of the oscillation signal. This reduces the non-linearity of the
oscillator and improves its phase noise performance, as reported in [15,20,21]. Due to the
improper selection of degeneration capacitors, the primary downside to this approach
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is that it lowers the resonator’s effective quality factor and hurts phase noise. The noise
source is increased by placing an active MOS device in the tail. This technique lowers the
thermal noise of the tail current by filtering several tail current harmonics through the
source capacitor.

The researcher completed a lot of work to reduce the phase noise, like a traditional
current source, which utilizes RC for noise filtering, tail filtering using LC, and sinusoidal
noise shaping. All these techniques have some trade-offs. For example, by employing the
notch filter feature of the LC circuitry, the second harmonic of the tail current noise can be
eliminated. To prevent an increase in both the noise injected into the tank and the tank loss,
sinusoidal noise shaping requires an external bias voltage and, respectively, larger resistors,
as reported in [15,22].

This work aims to address some of the limitations that are associated with LC-VCO
design, including the effect of the LC tank, a tail-active MOS device for the current source,
large resistance at the tail, or the unsuitable selection of a degeneration capacitor. These
limitations may negatively impact the performance of the LC-VCO. The LC-VCO is dis-
cussed in the next section, which may involve various techniques or strategies to address
the identified limitations and describe the circuit diagram, components, parameters, or
equations used in the design process. Additionally, we compare the suggested LC-VCO’s
performance to other methods that are already in use or gauge its main characteristics, such
as frequency stability, phase noise, power consumption, or tuning range [6,23].

3. Design Methodology

3.1. The Proposed Circuit Design

In this article, a differential quadrature differential cross-coupled PMOS and NMOS
LC-VCO with a tail inductor D flip-flop (DFF) frequency divider is proposed. In the
design, the quadrature differential cross-coupled CMOS architecture is used to provide
high linearity and low phase noise performance.

The cross-coupled architecture ensures that the output signals have a 180-degree phase
difference between the complementary outputs, which improves the circuit’s linearity. The
differential architecture also provides a high common-mode rejection ratio (CMRR), which
reduces the impact of common-mode noise on the output signals. The DFF frequency
divider is used to divide the frequency of the output signals by a factor of two. The output
of the VCO is connected to the clock input of the DFF, and the divided output signals are
obtained from the Q and Q’ outputs of the DFF. The use of a frequency divider allows the
circuit to generate two signals with a 90-degree phase difference at a frequency that is half
the frequency of the VCO output.

Here are some key design aspects to consider when implementing this VCO:
Differential cross-coupling: The VCO employs two pairs of PMOS and NMOS transis-

tors that are cross-coupled differentially to create a positive feedback loop. Cross-coupling
topology is designed to provide sufficient feedback to achieve the desired oscillation
frequency and phase noise performance.

LC tank design: The resonant frequency and Q factor of the LC tank are critical
parameters that determine the output frequency and phase noise performance of the
oscillator. The tank should be designed with an appropriate inductance and capacitance to
achieve the desired resonant frequency and Q factor.

Tail inductor design: The tail inductor is an additional inductor that is connected to
the common source node of the differential transistors. It provides additional negative
feedback to improve the oscillator’s phase noise performance. The tail inductor is designed
with an appropriate inductance value and quality factor to achieve optimal performance.

Transistor sizing and biasing: The PMOS and NMOS transistor sizes are appropri-
ately chosen to achieve the desired oscillation frequency and phase noise performance.
The biasing conditions of the transistors are chosen carefully to ensure optimal power
consumption and linearity.
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Parasitic elements: Parasitic elements, such as resistance and capacitance, can have a
significant impact on the oscillator’s performance. These elements can contribute to power
consumption, noise, and frequency stability. It is important to carefully account for these
parasitic elements in the design and layout of the oscillator.

3.2. A Quadrature Differential Cross-Coupled LC VCO Is Proposed

In this structure, a VCO design is intended for use in 2.4 GHz IoT/BLE devices such
as direct conversion, low IF receivers, or WSN sensors. The design replaces the tail MOS
transistor with a high-quality factor inductor to reduce tail noise effects and improve the
effective quality factor of the LC tank. The VCO operates at twice the needed LO frequency
and is followed by a frequency divider’s bias current. The design is aimed at achieving
accurate quadrature signal generation while consuming low power.

Figure 1 depicts the proposed VCO, which features the high-quality factor inductor
in place of the tail transistor. This modification results in a reduction in the tail noise
current and an increase in the effective quality factor of the LC tank, thereby improving the
overall performance of the oscillator. The VCO is designed to operate at 2.4 GHz, making it
suitable for use in IoT/BLE devices. Its power-efficient design and accurate quadrature
signal generation make it well-suited for low-power wireless applications.

Figure 1. The schematic of the proposed differentially quadrature differential cross-coupled PMOS
and NMOS LC-VCO with a tail inductor.

The proposed technique is based on two back-to-back quadrature differential cross-
coupled inverting CMOSs along with a high impedance inductor at the tail for biasing, and
provides truly differential operation. The bias current is reused by the PMOS devices, which
provide high transconductance, and the quadrature differential cross-coupled NMOS and
PMOS pair shares the same current. However, it offers double the voltage swing, which
places points X and Y at VDD/2 at the CM level. The capacitive varactors are used to
adjust the resonance frequency; the LC tank is employed to reach the desired frequency.
The on-chip high Q integrated inductor is used to reduce losses in the LC tank.

In the proposed design technique, the PMOS transistors utilize the bias current to
increase transconductance. However, a more significant benefit of other LC topologies, such
as traditional two LC tanks with just NMOS quadrature differential cross-coupled VCOs
and top-biased LC tank quadrature differential cross-coupled VCOs, is that they provide
double the voltage swing for a given bias current and inductor design. To comprehend this
issue, we suppose that L1 and L2 in a traditional two-tank circuit correspond to LXY in
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the complementary architecture. Consequently, LXY displays an equal parallel resistance
of 2Rp.

The design of the proposed VCO consists of a pair of PMOS and NMOS transistors
coupled back-to-back to form differential complementary CMOS architecture. The PMOS
transistors staked at top of the circuit provide a high transconductance. This approach
anticipates an output common-mode (CM) level equal to VDD/2. The suggested technique
yields double the voltage swing for a given bias current as compared to typically only
NMOS, PMOS, or LC CMOS pairs. The nodes LXY present an equivalent parallel resistance
of 2Rp. In the design, a high-impedance inductor is introduced at the tail of the VCO for
biasing instead of the conventional MOS current source. This induction of the inductor is
used to block the 1/f noise to enhance spectral purity. This technique will save the voltage
headroom of the supply voltage. Furthermore, due to no 1/f noise, the phase noise was
also reduced, as reflected in the results.

The paragraph describes the role of the passive high-impedance tail inductor in the
performance of the VCO. The high-impedance inductor is placed at the tail for filtering
purposes and to preserve voltage headroom while ignoring frequency modulation. Tra-
ditionally, the output common-mode (CM) level is modulated by the capacitances of the
varactors, which are cross-coupled with a MOSFET current source at the tail for biasing.
This can result in poor phase noise due to the modulation of the CM level. However,
the article addresses this issue by replacing the MOS current source with a high-quality
factor inductor at the tail. This modification reduces the phase noise and improves the
performance of the VCO.

The MOS varactor is occupied as a PN junction, with Mvar1 and Mvar2 appearing
parallel to the tanks. The two factors that determine a varactor’s performance are (a) the
capacitance range, or the ratio between the maximum and minimum capacitances it can
deliver as the applied voltage varies, and (b) the quality factor, which is constrained by the
series resistance within the varactor structure [22]. As a consequence of the high impedance
inductor at the tail, the design saves the voltage headroom, lowers phase noise, and ignores
frequency modulation. Because the complementary structure has quadrature differential
cross-coupled pairs of PMOS and NMOS transistors, which are useful in deep submicron
CMOS technologies, it exhibits resilience to process changes. The capacitance of MV1 and
MV2 reduces when Vcont increases from zero to VDD because their gates are operating at
an average level equal to VDD, maintaining a positive gate-source voltage. This behavior
persists even when there are significant voltage fluctuations across MV1 and MV2 and at
X and Y. The control voltage (Vcont) across each varactor varies from zero to VDD. There
is a monotonic decrease in the varactor’s capacitances which is observed as the control
voltages increase. Hence, the oscillation frequency may be written as,

ωosc =
1√

L1(C1 + Cvar)
(1)

Cvar is the average capacitance of each varactor.
In the case of the proposed LC-VCOs, the RF circuit sizing tool was used to opti-

mize the circuit performance by exploring various design parameters such as the sizes
of the transistors, capacitors, and inductors, and their respective placements in the cir-
cuit. The goal was to achieve the desired performance specifications, such as frequency
stability, phase noise, and power consumption while minimizing the impact of noise and
other sources of interference. There are boundaries for design variables (transistor width,
length, bias current, inductor value, Q factor (size), and varactor (control voltages and
capacitance value)).

The design methodology described here involves optimizing the components of a
voltage-controlled oscillator (VCO), including the inductor, varactor, and active circuit. The
focus of the optimization process is to improve the power consumption and phase noise
performance of the VCO.
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The merit of paper is to design an ultra-low-power VCO. The design methodology
emphasizes the importance of optimizing each component of the VCO to meet the required
performance parameters. By optimizing the inductor, varactor, and active circuit, it is
possible to enhance the VCO’s phase noise and power consumption efficiency overall. The
design flow is to be considering a part of optimizing the overall design of the VCO. To
improve the design, three key considerations have been taken into account, as is shown
below in Figure 2. To reduce the resistive loss (gL) and increase the quality factor, the
inductor must first be tuned, after which the varactor needs to be optimized, and then the
active circuit needs to be optimized.

 

Figure 2. Design flow of ULP LC-VCO.

Inductance optimization:

When considering the design of a ULP VCO, the inductor optimization process re-
quires an abundance of focus. A suitable inductance value and quality factor are used in
the design of the tail inductor to ensure optimum performance. The initial phase is to select
the type of inductor based on the desired boundaries.

In the proposed design, we selected a high-impedance passive inductor (spiral_std_mu_z)
from the tsmcN65 library. In comparison with the other types of inductors, this type of
inductor presented a good compromise between quality factor (QL), resistive loss (gL),
occupation area, and self-resonant frequency (SRF). The following phases involve selecting
the proper inductance size (width and length), as well as geometrical variables such spacing,
count of turns, inner radius, and guard ring distance. By choosing a high inductor value
with minimal series resistance and maximum quality factor, both power consumption and
power factor can be reduced. It is important to note that increasing L’s value is limited by
its SRF, which should be greater than the oscillation frequency. The inductor track width
(W) and the number of turns (N) have been adjusted. The minimum number of turns
(Nmin) is needed to reduce the resistive loss (gL). As a result, Nmin must be increased
to increase the inductance value. In addition, SRF, QL, and gL are significantly impacted
by the inductor’s track width. Increasing track width typically enables a reduction in gL
followed by an increase in QL. However, it has several downsides, like increased substrate
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coupling. The frequency of self-resonance may decrease as a result. For the inductive action
to continue, this SRF should be greater than the operational frequency. Therefore, we had
used the minimum track width (Wmin) on occasion to boost the SRF.

Varactor optimization:

The phase noise and power dissipation capabilities of the LC resonator are greatly
influenced by the varactor’s quality factor, making it a crucial component of the device.
In order to evaluate the performance of the VCO, the varactor must be optimized. The
initial phase of the optimization technique is to select the appropriate varactor type based
on the application-specific constraints. In particular, MOS varactors have been proposed as
their tuning range is highly constrained. The diode varactor, on the other hand, offers a
good compromise between linearity, quality factor (Qv), and effective parallel equivalent
conductance, making it desirable for applications with high limits on consumption. In
order to attain the wide tuning range for this design, a MOS varactor has been adopted.
In order to mitigate PN and power consumption, the value of C should be lowered. The
frequency tuning range will, however, be restricted as a result. Subsequently, it is necessary
for adjusting the varactor’s physical settings. In terms of tuning range and PN, these
properties have an impact on the oscillator’s performance.

Active circuit optimization:

A key element of the VCO employed to compensate for tank loss is the active circuit.
It also reaffirms parasitic components, though, which may manipulate the oscillation
frequency and compromise the phase noise of the VCO. The switching speed and power
consumption of this circuit can be improved by employing low-leakage transistors with
modest channel lengths. In order to provide the lowest transconductance, transistor width
is determined next. The performance of the VCO in terms of noise and power consumption
is further improved by using the maximum number of fingers (NF), which lowers the
gate resistance.

Furthermore, in this article, we used TSMC 65 nm with I poly and 9 metal (1P9M)
CMOS technology in a Cadence Virtues CAD environment for the VCO schematic design,
simulations, analysis of the simulation results, layout, and post-layout simulation. Opti-
mizing a VCO is a complex and iterative process. In this research, the optimizing process
took several iterations to obtain the best results. The following steps have been taken to
design and optimize the proposed VCO.

VCO specifications: The leading idea of this article is to produce a design that pro-
vides better phase noise, low power consumption, accurate quad oscillation, and a better
frequency tuning range with reduced chip size. In this regard, we adopted the best tech-
nique of the VCO and frequency divider.

VCO schematic: Using Cadence Virtuoso, create the VCO schematic that meets the
specifications of cross-coupled LC VCO. Choose an appropriate MOS sizing as the transistor
size is crucial in optimizing the VCO.

Simulate the VCO: Simulate the VCO using Cadence Spectre in TSMC 65 nm. The
simulation should include frequency response and phase noise. Completing the proper
biasing can ensure stable oscillation and minimize phase noise. Adjust the voltage levels
and current source of the VCO to be properly biased.

Analyze the simulation results: Analyze the simulation results to identify areas that
require improvement. To reduce the phase noise, use different transistor sizes and adjust
the biasing.

Modify the VCO schematic: Based on the analysis of the simulation results, modify
the VCO schematic to improve its performance. This may include changing the transistor
sizes, adding or removing components, and adjusting the biasing.

Simulate and analyze the modified VCO: Simulate the modified VCO and analyze
the simulation results to determine if the performance has been improved. If necessary,
repeat steps 5 and 6 until the desired performance is achieved.
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Lay out the VCO: Once the VCO schematic has been optimized, lay out the VCO
using the Cadence Virtuoso layout editor. Ensure that the layout adheres to the SMC 65 nm
with 1P9M CMOS technology rules and guidelines.

Verify the layout: Verify the layout using the Cadence Virtuoso verification tools to
ensure that it meets the design rules and guidelines, and is free from any errors.

Simulate the post-layout VCO: Simulate the post-layout VCO using the Cadence
Spectre simulation tools to verify its performance.

Analyze the simulation results and perform optimization: Analyze the simulation
results of the post-layout VCO and perform any necessary optimization to further improve
its performance.

All these steps were carried out to produce the best results. This article’s results
show that we achieved lower phase noise, ultra-low power consumption, and better quad
oscillation with the reduced chip area as compared to other related work.

Overall, this design methodology emphasizes the importance of optimizing each
component of the VCO to meet the required performance parameters. By following this
methodology and optimizing the inductor, varactor, and active circuit, it is possible to
enhance the VCO’s phase noise and power consumption efficiency. Furthermore, the article
proposes an optimized approach for addressing the trade-off between phase noise and
power consumption in VCO design by using a high-quality factor inductor at the tail
to minimize phase noise. This modification improves the performance of the VCO and
makes it suitable for use in low-power wireless applications. A high-impedance passive
inductor (spiral_std_mu_z) is used from the tsmcN65 library at the tail for filtering, which
preserves voltage headroom and ignores frequency modulation. The tail inductor provides
additional negative feedback to improve the oscillator’s phase noise performance as well.
The induction of the tail inductor instead of the conventional MOSFET current source
results in a reduction in the tail noise current and an increase in the effective quality factor
of the LC tank, thereby improving the overall performance of the oscillator.

3.3. Frequency Divider Design

An effective frequency divider is an essential component in many electronic circuits
and systems, particularly in wireless communication applications. The primary function of
a frequency divider is to divide the input frequency by a fixed integer value to generate
a lower-frequency output signal. However, an effective frequency divider must not only
divide frequencies correctly across the entire band of interest, but also add very little noise
to the system.

There are different topologies of frequency dividers. In general, the injection-locked
dividers have the simplest structure and the narrowest locking range, which results in the
greatest operation frequency. Only for low frequencies do static dividers show a reasonably
wide range of operation. Miller dividers, also referred to as regenerative dividers, serve
as a common way between the two. Among them, the static dividers for relatively low
frequencies would be a better choice for this research perspective as they cater for 2.4 GHz
applications. The static divider has some different techniques like the LC tank, Current
Mode Logic CML ring, and CML DFF. The D flip-flops 1/2 frequency divider utilized
current mode logic (CML) with negative feedback, whereas the LC tank and CML ring
frequency dividers employ injection locking. The DFF frequency divider is used by most
researchers in VCOs and PLL circuits, as reported in [24–26].

Static frequency dividers have been extensively used in synthesizer design because of
their ease of implementation and robustness. MOS current mode logic (CML) is commonly
used for D-latch applications in a static frequency divider. CML logic can handle high
operation frequencies due to its small voltage swing, which reduces rise and fall times.
In addition, the CML logic’s inherent differential configuration would reduce switching
and supply noise. A power-efficient method for reusing current is the LC VCO followed
by a 1/2 frequency divider circuit. When oscillation amplitude is decreased, the voltage
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headroom for each MOS is likewise decreased, which results in more phase noise than a
separated VCO and divider. This technique produces an accurate quadrature signal.

The proposed VCO is followed by a 1/2 frequency divider with two D-type flip-
flop latches for quadrature waveform at the desired frequency, as shown in Figure 3.
Two D latches constitute the frequency divider’s adopted circuit based on the master–slave
formation, i.e., the inverted output of the slave latch (MD2, ML1) connect to the input of
the master latch (MD1, ML1), which is also reported in [6,26].

Figure 3. The schematic of the proposed CML D flip-flop 1/2 frequency divider.

The master–slave DFF latch formation is a popular technique for implementing high-
speed digital circuits. To create the differential and quadrature phases in the latch formation,
the output of the master DFF is delayed by half an input clock cycle, while the output of
the slave DFF is delayed by a quarter of an output clock cycle. This delay creates a phase
difference between the two outputs, which can be used to drive downstream circuitry. The
sizing of the MOS transistors in the divider circuit can have a significant impact on the
overall performance of the oscillator, including its frequency stability, phase noise, and
power consumption. By optimizing the transistor sizes and other parameters in the divider
circuit, it is possible to improve the overall performance of the oscillator and achieve
self-oscillation at minimum power dissipation. The WL/WD widths ratio has a critical
effect on increasing the operating frequency of the divider. The master and slave MOS
latches width ratio determines the operating frequency range of the divider. The simulation
results show that, with a small WL/WD width ratio, the divider is capable of dividing
much higher frequencies but with a higher input frequency range such that (4.4–5.8 GHz @
WL/WD = 0.1) compared to a large WL/WD ratio, where the lower input frequency range
such that (1.8–2.2 GHz @ WL/WD = 1), as depicted in Figure 4.

As discussed in [24], a necessary condition of the divider for self-oscillation is

gmLRLD > 1 (2)

where gmL is the transconductance of the latch ML and RLD is the load resistor of the divider.
It is observed that the width of the latch transistor decreases and the transconductance also
decreases. To self-oscillate the divider, the load resistance should be increased accordingly,
affecting the increase in the output voltage swing. Furthermore, the width of the divider
transistor WD is decreased, causing a further increase in the maximum frequency of the
divider. The maximum division frequency and WL have a monotonic relationship is
observed. To ensure that the divider’s minimum input division frequency is within the
specified frequency range of 2.2 GHz, a low WL/WD ratio of 0.6 was selected. This range
also gives better amplitude as compared to other WL/WD width ratios.
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Figure 4. The latch-to-driver width ratio (WL/WD) concerning the input frequency range response.

Figure 5 shows the transistor’s clock width (WCLK) response concerning the divider’s
input frequency range. At high frequencies, it is critical to optimize the energy linked to
the common source node for a certain externally injected signal. The transistor’s clock size
and biasing have an important role. For a particular size of the clock transistor, a specific
common-mode value produces the maximum self-oscillating frequency [25]. A constant
WL/WD ratio is used to simulate the response, and it is evident that the divider works
at high input frequencies for small-size MCLK transistors such that (4.4–5.8 GHz @ 1 μm).
Comparatively, as the MCLK transistor size increased, the input frequency range became
narrower such that (1.9–2.2 GHz @ 10 μm).

Figure 5. The input frequency ranges as a function of WCLK.

For similar reasons as those cited above for choosing the WL/WD ratio, a width of
WCLK = 6 μm was chosen for the divider in this work.

4. Post-Layout Simulation Results Using the TSMC 65 nm CMOS Process

This section describes the performance evaluation of the VCO designed with the
inclusion of a high-impedance inductor at the tail of two quadrature differential cross-
coupled MOSs instead of a conventional MOS current source. The simulation results focus
on three performance metrics: phase noise, power consumption, and chip size. Phase
noise is an essential parameter in the performance evaluation of a VCO as it determines
the amount of jitter or frequency instability in the output signal. Minimizing power
consumption is critical in the design of low-power wireless communication systems. By
using low-power components, power management techniques, and optimizing the design
of individual components, it is possible to extend the battery life of the system. Finally, a
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key factor in the design of integrated circuits is the chip size because smaller chips result in
lower manufacturing costs and greater integration densities.

The post layout simulations were performed using TSMC 65 nm with 1 poly and 9
metals (1P9M) CMOS technology in a Cadence Virtues CAD environment. Based on the
simulation results of the design of the VCO, the performance matrices of the VCO are
analyzed. The results are compared with those of a conventional VCO that uses an MOS
current source at the tail. The inclusion of the high-impedance inductor is expected to
improve the phase noise performance of the VCO while reducing power consumption.
Additionally, the design should allow for a smaller chip size.

The proposed work is focused on a quadrature differential cross-coupled CMOS
VCO followed by a 1/2 CML DFF frequency divider using a 1.2 V supply voltage which
produced low phase noise and consumed low power. The designed VCO using a 2.4 GHz
carrier frequency and a 1.2 V supply voltage consumed only 0.47 mW of ultra-low power
and has −118.36 dBc/Hz of phase noise at 1 MHz offset with the control voltages (Vcont)
of 1.2 V. The proposed VCO combined with a frequency divider consumed only 2.02 mW
power. A small active chip area of 0.19 mm2 is covered by the proposed VCO with a
frequency divider.

Several articles analyzing the performance of the LC VCO have reported a widely
acknowledged figure of merit, as indicated below and described in [26]:

FoM = L(Δf) + 10log

(
Pdc

[mW]

)
− 20log

(
fo

Foffset

)
(3)

where L{Δf} is the phase noise measured at a 1 MHz offset frequency, the power consump-
tion (Pdc) is measured in mW, and the oscillation frequency is (f0).

This article establishes a new figure of merit (FoM) expression. The FoM is an impor-
tant metric in integrated circuit (IC) design that considers multiple factors such as phase
noise, power consumption, and chip area. The newly proposed FoM expression includes
all these factors and extends Equation (3) which includes the chip area as shown in the
below expression.

FoM = L(Δf) + 10log

(
Pdc

[mW]

)
− 20log

(
fo

Foffset

)
− 10log(chip area) (4)

The FoM expression includes a tradeoff between the various factors considered, and
the goal is to optimize the FoM value for a given application. By including the chip area
in the FoM expression, the new expression allows for a more comprehensive assessment
of the IC design, as chip area is an important consideration in IC manufacturing cost and
integration density. The new FoM expression provides a valuable tool for IC designers to
optimize their designs based on a comprehensive set of performance metrics.

4.1. Phase Noise

This section discusses the phase noise achieved after the simulation. In the presented
work, we successfully achieved the required phase noise characteristics at low offset
frequencies. The flicker noise is a dominant source of noise at low frequencies, and the
VCO design aims to minimize this noise contribution to achieve low phase noise.

As depicted in Figure 6, the phase noise efficiency improved when the control voltages
of the VCO were increased from 0 V to 1.2 V.
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Figure 6. Phase noise v/s frequency at different control voltages.

The lowest phase noise of −118.36 dBc/Hz at 1 MHz offset is achieved at the carrier
frequency of 2.4 GHz and a control voltage of 1.2 V, as depicted in Figure 7. The proposed
VCO design achieves low phase noise performance by minimizing the effects of flicker
noise and optimizing the control voltages. The results show that the VCO design is effective
in achieving the required phase noise characteristics, rendering it appropriate for use in a
variety of applications, including low IF receivers, wireless sensor networks, and direct
conversion receivers.

 

Figure 7. Phase noise −118.36 @ 1 MHz offset frequency.

The quadrature differential cross-coupled VCO and divide-by-two frequency divider’s
output frequencies may be adjusted between 4.4 GHz and 5.7 GHz, as depicted in Figure 8,
where, at minimum control voltages, the frequency is low, i.e., 4.4 GHz, and as the voltages
increase, the VCO exhibits a high frequency, i.e., 5.7 GHz. These characteristics of the VCO
make it tunable. By changing the variable capacitor’s control voltage, the frequency of
oscillation may be tuned. The VCO takes around 29 ns to attain a steady amplitude. The
time domain output of the designed LC-VCO is present in Figure 9.
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Figure 8. Frequency v/s control voltages.

Figure 9. The proposed VCO’s time domain output waveform.

In this article, a differential VCO technique has been adopted that consists of an LC
tank complementary cross-coupled MOS pair (NMOS and PMOS) operating at double the
required LO frequency reuses the bias current of a divide-by-two frequency divider and
capacitor varactor for voltage control. The technique provides high phase accuracy and
acquires low power and accurate quadrature local oscillator (LO) signal generation. The
master–slave flip-flop in series makes it possible to generate two output signals that are
90 degrees out of phase with each other and this constitutes the divide-by-two frequency
divider which generates the accurate quadrature LO signals.

The fact that the complementary cross-coupled pair only requires half the current than
the cross-coupled structure allows for the more efficient utilization of current resources,
leading to lower power consumption. Furthermore, the reduced current requirement in
the complementary pair allows for the possibility of increasing the tail current without
significant concerns for power consumption. By increasing the tail current, the gain of the
VCO can be improved, resulting in better overall performance. The current is reused in
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the PMOS and NMOS pair leading to an increase in the transconductance gm. It would
double the transconductance gm for the same current. The symmetry provided by the
complementary topology can help lower phase noise. Phase noise refers to the random
fluctuations in the output signal’s phase, which can degrade the performance of an oscillator.
The balanced structure of the complementary topology can reduce phase noise, which is the
unpredictable variation in the phase of the output signal. These fluctuations can negatively
impact the oscillator’s performance. However, the symmetry of the complementary pair can
minimize specific sources of phase noise, resulting in better spectral purity and improved
performance.

Furthermore, the most precise quadrature LO signals across a broad frequency range
are produced using a double-frequency VCO using a 1/2 frequency divider technique.
In this article, a LC tank complementary cross-coupled differential voltage-controlled
oscillator (VCO) with master-slave D flip-flops is used to achieve perfect symmetry between
the quadrature outputs of an oscillator. This technique addresses the intrinsic asymmetry
issue in current reusing and ensures an accurate quadrature phase relationship, leading
to improved performance in RF transceivers. To design ZERO-IF receivers, this solution
should be preferred because it avoids direct parasitic coupling between the VCO and
receiver input. Figure 10 exhibits the quadrature output waveform in the time domain of
the proposed VCO with a frequency divider in post-layout simulation.

Figure 10. The quadrature time domain output waveform of the proposed VCO with a frequency divider.

The proposed VCO technique naturally provides an output CM level around equal
to VDD/2. The technique can be viewed as two back-to-back CMOS inverters or as cross-
coupled NMOS and PMOS pairs sharing the same bias current. Instead of using CMOS
current source at the tail of the structure, we used a high-impedance passive inductor to
save the voltage headroom and reduced the noise factor. To maximize the tuning range, we
carefully selected the CMOS dimensions as mentioned in the article.

4.2. Design Layout

The layout area of the presented CMOS VCO and frequency divider architecture in
this article occupied a small active area of 0.19 mm2 of the chip without a pad and 0.47 mm2

with pads. Figure 11 shows a chip photograph of the proposed LC-VCO. The design
presented in this article is simulated with the TSMC 65 nm CMOS technology with 1 poly
and 9 metals.
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Figure 11. Layout of proposed ULP-VCO using 65 nm CMOS technology.

As highlighted, the simulation results may differ during the manufacturing process.
These would be manufacturing deviations, temperature variations, supply voltage vari-
ations, or environmental noise sources. These variations would impact design results if
not properly simulated considering these factors. To mitigate the impact of manufacturing
deviations and environmental influences, designers employ techniques such as process cali-
bration, temperature compensation, voltage regulation, shielding, and isolation to improve
the performance and reliability of the complementary structure of cross-coupled VCOs.
Furthermore, proper layout techniques, the use of well-matched components, and the
careful consideration of environmental factors during the design process can help minimize
the effects of these influences.

To mitigate the impact of manufacturing deviations and environmental influences and
to maintain the desired performance, we adopted the following:

Layout techniques: Proper layout techniques can minimize the impact of environmen-
tal influences. Careful placement of critical components, proper grounding, and separation
of sensitive RF circuitry from noise sources reduced the effects of noise and interference.

Simulation and modeling: Advanced simulation tools and accurate models enabled
us to predict the impact of environmental influences during the design phase. By simulating
the behavior of RF circuits under different environmental conditions, it optimized circuit
performance, selected the appropriate compensation techniques, and ensured robustness
against environmental variations.

These techniques collectively help mitigate the influence of environmental factors on
RF circuits, maintain consistent performance, and ensure reliable operation across different
operating conditions and environments.

We used TSMC 65 nm with 1 poly and 9 metals (1P9M) CMOS technology in Cadence
Virtues CAD environment for the VCO schematic design, simulations, analysis of the
simulation results, layout, and post-layout simulation. To cater to the manufacturing
deviations and environmental influences and maintain the desired performance, Cadence
has tools to account for real-world effects in the development of a VCO. We adopted
multiple steps, and some are as follows:
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Circuit Simulation: After the selection of the appropriate components and schematic
design, we used Cadence’s circuit simulation tool SpectreRF 65 nm to perform various
simulations. These simulations help analyze the circuit’s behavior under different operating
conditions, including manufacturing variations and environmental influences.

Layout Design: Once the circuit behavior was validated through simulations, we
went through the layout design phase. We used Virtuoso Layout Suite to create the
physical layout of the VCO circuit, considering design rules, parasitic effects, and the
manufacturing process.

Design Rule Checking (DRC) and Layout Versus Schematic (LVS) Checks: Before
proceeding further, we used Cadence’s DRC and LVS tools to ensure that the layout adhered
to the design rules and matched the schematic connectivity accurately.

Post-layout Simulation: Once the layout was verified, we performed post-layout
simulations to evaluate the circuit’s performance under real-world conditions. This step
considered parasitic effects, such as parasitic capacitance and inductance, which can signifi-
cantly affect the VCO’s behavior.

Due to some limitations, we would not go for the fabrication of the chip to further
prototype testing and validation after. Unfortunately, up until now, this research received
no specific grant from any funding agency in the public or commercial sectors. If we found
any potential collaborator in near future, we would definitely go for the chip fabrication
through TSMC Taiwan.

4.3. Comparison with Previous Work

The proposed LC cross-coupled VCO with a high impedance passive tail inductor
followed by a frequency divider in this paper has exhibited better phase noise, less chip
area, i.e., 0.19 mm2, and consumed only 0.47 mW of power. The leading idea of the article
is to produce a design that provides better phase noise, low power consumption, accurate
quad oscillation, and a better frequency tuning range with reduced chip size. The citations
cover a wide range of topics related to oscillator design, including low-phase noise design,
low-power operation, frequency dividers, and various techniques for improving VCO
performance. There are some recent works but with different CMOS process, techniques,
and carrier frequency are cited in [27–31].

To fairly compare of our work with other VCO techniques, we only cater to the
frequency range of 2.4 GHz. We have adopted the conventional state-of-the-art FoM
equations as well, and compared the VCO results with other similar works. To better
understand and elaborate on our results, we compare the results of our proposed VCO
with the conventional FoM equation and with the FoM equation including chip size as well,
as described in Tables 1 and 2. To compare this work with other related works, we used
conventional FoM equations.

FoM = L(Δf) + 10log

(
Pdc

[mW]

)
− 20log

(
fo

Foffset

)
(5)

FoM = L(Δf) + 10log

(
Pdc

[mW]

)
− 20log

(
fo

Foffset

)
− 10log(chip area) (6)

The proposed VCO has produced −196.44 dBc/Hz of FoM. Overall, this research
exhibits a better figure of merit than other related works.
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Table 1. Performance comparison of LC-VCO with other similar VCO designs.

Simulated/
Measured

FoM
(dBc/Hz)

Chip Area
(mm2

(Active))

Power
Consumption

(mW)

Phase Noise @
1 MHz

(dBc/Hz)

Supply
Voltage (V)

Carrier
Frequency

(GHz)

CMOS
Process

(nm)
Reference

S −184.47 0.63 8.22 −125 1.5 2.7 180 [4]
M −179.7 0.72 4.32 −121.5 1.8 1.58 180 [10]
S −192.22 0.48 2.4 −130 1.2 2 130 [23]
M −187 1.44 2.92 −117.4 1 5.13 180 [32]
S −186.91 0.837 2.04 −122.4 1.2 2.4 130 [11]

S −189.24 0.19 0.47 −118.36 1.2 2.4 65 This
Work

Table 2. Performance comparison of LC-VCO with other similar VCO designs including chip area.

Simulated/
Measured

FoM
(dBc/Hz)

Chip Area
(mm2

(Active))

Power
Consumption

(mW)

Phase Noise @
1 MHz

(dBc/Hz)

Supply
Voltage (V)

Carrier
Frequency

(GHz)

CMOS
Process

(nm)
Reference

S −186.47 0.63 8.22 −125 1.5 2.7 180 [4]
M −177.7 0.72 4.32 −121.5 1.8 1.58 180 [10]
S −189.04 0.48 2.4 −130 1.2 2 130 [23]
M −188.53 1.44 2.92 −117.4 1 5.13 180 [32]
S −187.68 0.837 2.04 −122.4 1.2 2.4 130 [11]

S −196.44 0.19 0.47 −118.36 1.2 2.4 65 This
Work

5. Conclusions

This article presents a tunable quadrature differential cross-coupled CMOS LC-VCO
followed by a 1/2 DFF frequency divider for low-power, low-phase IoT/BLE receivers
and wireless sensors. An ultra-low-power VCO with a tuning range of 4.4 to 5.8 GHz
was designed using TSMC 65-nm CMOS technology. The technique is constructed on
two back-to-back quadrature differential cross-coupled inverting CMOSs through a high-
impedance on-chip passive inductor at the tail and allows for truly differential operation
followed by a 1

2 DFF frequency divider producing accurate quadrature outputs. In the
design, a high-impedance inductor is used at the tail for filtering, and this preserves voltage
headroom and ignores frequency modulation.

The designed VCO operates at 2.4 GHz carrier frequency and 1.2 V supply voltage
consuming only 0.47 mW of ultra-low power and has −118.36 dBc/Hz of phase noise
at 1 MHz offset with the control voltages (Vcont) of 1.2 V. The proposed VCO combined
with a frequency divider consumed only 2.02 mW power. The active area of the chip
is 476 × 416 m2 without pads and 783 × 638 m2 with pads. A figure of merit (FoM) of
−196.44 dBc/Hz was produced by the proposed VCO. In comparison to other related
research, this work exhibits a higher figure of merit (FoM).

Future Enhancement:

The fabrication and testing of the simulated ULP VCO design are important steps
towards validating the design and demonstrating its potential impact in the field of wireless
communication. The use of a well-developed IC design tool library for 65 nm CMOS
technology from TSMC made the design process more efficient and cost-effective.

Once the ULP VCO design is fabricated and tested, it can be evaluated for its perfor-
mance in terms of frequency stability, phase noise, phase error, and power consumption.
This will provide valuable data that can be used to further optimize the design and evaluate
its suitability for specific applications. The potential applications for IoT/BLE receivers and
WSN devices make this design highly impactful in the field of wireless communication.
Its successful fabrication and testing can lead to the development of more efficient and
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reliable IoT/BLE receivers and WSN devices, which can have a positive impact on various
industries, such as healthcare, industrial automation, and smart cities.
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Abstract: Wireless short-range communication has become widespread in the modern era, partly due
to the advancement of the Internet of Things (IoT) and smart technology. This technology is now
utilized in various sectors, including lighting, medical, and industrial applications. This article aims
to examine the historical, present, and forthcoming advancements in wireless short-range communi-
cation. Additionally, the review will analyze the modifications made to communication protocols,
such as Bluetooth, RFID and NFC, in order to better accommodate modern applications. Battery-
less technology, particularly batteryless NFC, is an emerging development in short-range wireless
communication that combines power and data transmission into a single carrier. This modification
will significantly influence the trajectory of short-range communication and its applications. The
foundation of most low-power, short-range communication applications relies on an ultra-low-power
microcontroller. Therefore, this study will encompass an analysis of ultra-low-power microcontrollers
and an investigation into the potential limitations they might encounter in the future. In addition to
offering a thorough examination of current Wireless short-range communication, this article will also
attempt to forecast future patterns and identify possible obstacles that future research may address.

Keywords: NFC (near field communication); RFID; ultra-low-power microcontroller; batteryless;
Bluetooth; Wi-Fi; short-range communication; wireless communication

1. Introduction

Short-range wireless technology is a vital part of modern life, with its reach contin-
uing to grow [1]. It is used in most sectors, from wireless payments in shops and door
access in schools [2] to TV remotes at home. Its continued growth has been powered by
the widespread use of smartphones, which are ubiquitous in the modern era, reaching
above 80% ownership in Germany, the UK and the USA [3] and 4.6 billion smartphone
users worldwide in 2023 [4], bringing short-range wireless technology to the forefront
of applications.

This review paper will cover a brief history of short-range wireless technology, an in-
depth review of modern low-power applications using short-range wireless technology,
as well as predictions of the future of short-range wireless technology and the research
that is needed to improve or adjust short-range wireless technology for future applications.
Short-range wireless communication is an extensive term that can be split into two parts:
wireless can be defined as a gap between the transmitter and receiver that is not connected
by wires, while short range changes depending on the use case and protocol—in this article,
short range will be any protocol with a typical range below 100 meters; communication
means data are at least transmitted from one system to another system. This defines the
minimum requirements for a protocol to consist of short-range wireless communication in
this article.

Understanding whether a short-range wireless system is passive or active is crucial
in grasping its use cases and applications. Active refers to a state where both sides of the
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overall system are simultaneously powered, whereas passive indicates a condition where
only one side is powered i.e., the opposite side receives power through the transmission.
An example of an active system is a TV remote. The TV remote operates using a battery,
while the TV itself is powered by the mains supply, ensuring that both the transmitter
and receiver are supplied with power. An instance of a passive system would be wireless
payments, such as credit cards. In this instance, the credit card receives power via inductive
coupling from the RFID reader, indicating that it is a passive system, as one side is not
powered by an internal power supply.

Table 1 displayed above shows the most prevalent short-range wireless technologies,
with the range indicating the highest rated distance of their typical application. A non-line
of sight protocol refers to a situation where the signal has the ability to pass through the
outer covering of an electromagnetically permeable case, e.g., plastic. This is essential for
embedded systems where direct visibility between the transmitter and receiver is usually
unattainable. A Broadcast technology allows the transmitter to natively communicate with
multiple devices at the same time. Each short-range technology serves different purposes
but can generally be categorized into two primary applications, identification and data
transfer, with specific technologies capable of performing both functions. Identification
methods include UWB, barcode, UHF RFID, VHF RFID, and HF RFID. Data transfer can
be achieved through various means, including infra-red communication, Wi-Fi, Bluetooth,
and NFC.

Table 1. Table comparing short-range technology.

Name Passive/Active Range in Meters (m) Non-Line of Sight Broadcast
Identification/Data

Transfer

Optical communications [5] Active 7 m NO NO Data transfer

VHF and HF RFID [6] Passive 0.1 m YES YES Identification

UHF RFID [7] Passive/Active 1 m/100 m YES YES Identification

NFC [8] Passive/Active 0.1 m YES NO Data transfer

Barcode [9] Passive 0.1 m NO NO Identification

Wi-Fi [10] Active ≥10 m YES YES Data transfer

Bluetooth [11] Active 5 m YES NO Data transfer

UWB [12] Active 15 m YES YES Data transfer

MST * [13] Passive 0.1 m YES NO Identification

* Magnetic Secure Transmission.

Various constraints exist for each of the short-range technologies, encompassing factors
such as costs, availability, and power consumption. The method of communication varies
depending on the specific application or circumstance. Nevertheless, there are instances
where certain short-range technologies are becoming obsolete and surpassed in particular
functions due to overlaps, such as infra-red communication being substituted by Bluetooth
and Wi-Fi and Magnetic Secure Transmission being replaced by NFC. However, certain
technologies persist in usage despite the availability of alternative options that excel in
specific domains, such as substituting barcodes with RFID tags. The implementation
of this latter technology is generally limited to industrial applications rather than retail
applications, primarily due to its higher cost.

Short-range wireless technologies such as Wi-Fi (IEEE 802.11 Wi-Fi standards) and
NFC are constantly evolving, with new revisions being released on a regular basis. For in-
stance [14], Wi-Fi 6 (802.11ax) was released in 2019, and RFID ISO/IEC was revised in 2020.
The reason behind these constant revisions is the evolution of parallel technology and its
applications. For instance, NFC technology is now a standard feature in most modern
smartphones. However, it was introduced in 2004 and was developed in anticipation of
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the growing popularity of mobile phones [15]. Similarly, low-power embedded systems
currently use Bluetooth mesh and dynamic NFC technology. However, they may evolve to
adapt to ultra-low-power or batteryless applications in the future. It is evident that NFC,
UHF, HF, and VHF RFID are interlinked. NFC, also known as Near Field Communication,
can be regarded as a derivative of RFID technology. This communication protocol oper-
ates at a frequency of 13.56 MHz and shares protocols with HF RFID (ISO14443 [16] and
ISO15963 [17]). However, NFC has distinct features and use cases compared to RFID. One
notable difference is that some NFC devices can switch between tag and reader modes, en-
abling two-way data transfer. Additionally, NFC is limited to Peer-to-Peer communication,
whereas RFID may transmit in broadcast mode. There are multiple different frequencies
used for RFID technology: 125 KHz (VHF), 13.56 MHz (HF), 433 MHz (Active UHF),
and 865–915 MHz (Passive UHF). Each frequency serves a specific purpose. The 125 kHz
(VHF) and 13.56 MHz (HF) frequencies operate through inductive coupling. The 433 MHz
(Active UHF) and 2.45 GHz (Active Microwave) frequencies are used for active tags, which
means they require a battery but have an enhanced transmission range. On the other hand,
the 865–915 MHz (Passive UHF) frequency utilizes backscatter to transmit data.

While identification is the basis for many protocols and applications, data transfer can
also achieve identification while also having unique communication applications. Data
transfer is typically dynamic, while identification is static. Dynamic means that both sides
of the system are active, and so for data transfer to occur, both sides must communicate with
each other. While communication is the normal focus of short-range wireless technology,
there is another area, short-range energy harvesting technology, which transmits power
between devices instead of data. An example is wireless power transfer [16], which can be
included in wearable devices or electric vehicles. Wireless power transfer typically uses
inductive coupling to transmit power between devices.

Another crucial area is the network type of the protocol [17]. A Personal Area Network
(PAN) is used for connecting devices within a small area, typically within a range of less
than 10 meters. A local area network (LAN), on the other hand, is used to connect devices
within a wider location such as a building, office or home. A LAN is normally less than
100 meters. Lastly, a wide area network WAN is used to connect devices over a larger area,
including a metropolitan area and international connections. PAN examples include the
majority of short-range wireless protocols such as Bluetooth and infra-red connections.
However, Wi-Fi is an example of a LAN network. WAN technologies are not typically used
in short-range networks.

The rest of this paper is organized as follows: Section 2 will review a brief history of
short-range technology and give a timeline of major developments. Section 3 will cover
four of the most used short-range protocols: Bluetooth, Wi-Fi, UWB, and RFID. Section 4
will go into detail about the developing technology of batteryless communication, which,
as introduced before, combines both communication and power transmission. Section 5
covers an overview of the power consumption of short-range wireless communication
applications. As will be discussed in Section 5, a critical factor of the majority of low-power
embedded applications is the microprocessor, so Section 6 will review current ultra-low-
power microcontrollers and their future limits, as ultra-low-power microcontrollers are the
key limiting factor to making ultra-low-power applications feasible. Section 7 discusses the
future of short-range wireless protocols and applications before concluding in Section 8.

2. Brief History of the Evolution of Wireless Short-Range Technology

Short-range wireless communication did started gaining traction after 1945. Be-
fore 1945, there were some short-range wireless technologies; however, their use cases were
minimal, and wired communication was used for most purposes. That changed in a unique
case of international espionage: the “Great Seal Bug” [18] in 1945 was one of the first passive
short-range communication devices to be used in a real-world application. The device
was powered externally by a transmitter and covertly transmitted audio. “The Great Seal
Bug” [18] is the precursor to modern RFID. The espionage device shows the possibility of
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transferring data passively, and the possibilities of the technology have become apparent
in the modern era with the invention of standard RFID.

Before 1980, the widespread use of short-range wireless technology was limited.
In the 1960s and 1970s, research into short-range communication was ongoing and with
real-world technology bringing more commercial products such as TVs into households,
wireless communication between two devices became a necessity. The first TV remote
invented in the 1940–1950s used light to send signals; however, in the 1960s, ultrasonic
TV remotes were introduced. While infra-red TV remotes were developed in 1970, they
were not used in commercial products until the 1980s. The introduction and innovation of
new technology were due to the increase in real-world applications in the case discussed
due to the proliferation of the TV; however, this revolution also happened in many sectors
and products.

The decades between 1980 and 2000 saw the rapid advancement of RFID. Both passive
and active RFID became commercially available, with one of the active main uses being
animal tracking with the introduction of ISO 11784 in 1994, while passive RFID became
a mainstay in libraries and shops. This has become possible because of low-voltage, low-
power CMOS logic circuits. The technology of low-voltage, low-power CMOS logic circuits
made passive RFID possible, causing a surge in use. In 1985, an RFID tag circuit would
cover 1/4 of a credit card [6], while by 1999, an RFID circuit could be built into a single IC,
significantly reducing the size. The massive reduction in cost and size between 1980 and
2000 has led to the modern adoption of RFID. What can be gathered from the development
of RFID is that hardware improvements influence the applications of the protocol, so while
there is no direct change in the protocol, ongoing research and development will cause
changes in the applications and use cases.

Bluetooth first standard was released in 1999 [19]; however, since then, there has
been substantial modification to the Bluetooth protocol, which was made for computer
peripherals. The modifications have led to a standard that works specifically with battery
and IoT devices; this can be seen in Bluetooth version 4, which lowered energy consumption
(Bluetooth low energy (BLE)), making the protocol more efficient for IoT applications.

In [20], published in 2007, it states, “RFID finds relatively limited applications these
days and must overcome many technical hurdles for wide acceptance. However, none
of these hurdles seems to pose a fundamental barrier, and it is evident RFID will soon
be pervasive in our daily life”. While UHF RFID has not replaced bar-codes in low-cost
environments, it has increased use in smart factory concepts [21]; it has also been looked
at as a batteryless solution with ideas such as WISP and UHF RFID sensors. HF RFID
(ISO14443 and ISO15963) has been used as a standard for NFC.

The increase in low-power battery devices in the mid/late 2000s influenced the creation
of the NFC forum and publication of ISO 18000-3 [22] in 2004; the development of BLE
in 2010; and the publishing of Zigbee (802.15.4) in 2003 [23]. The adoption of new or
adapted protocols started around 2005, with the main use case being low-power, battery-
powered embedded systems. The shift to battery-powered, wireless connected devices has
enabled greater convenience, mobility, and connectivity in various aspects of the modern
era, from smartphones and wearables to smart homes and the Internet of Things (IoT) [24].

If the timeline is to be defined, the development of data transfer short-range protocols
spans two different eras: the current battery-powered era, and the era before battery-
powered devices became dominant, which was the mains-powered era. The battery era
heavily influenced short-range communication protocols which were modified and created
to focus on low-power battery-powered systems. This came with different specifications to
the prior era of short-range communication, which was made for either mains-powered to
mains-powered communication or mains-to-battery systems. The main difference between
the two eras is that low-power communication was a necessity in battery-powered devices,
which has caused a shift in short-range wireless communication protocols. This shift has
caused the development and modification of protocols to fit the low-power application,
protocols such as Bluetooth low power (BLE) and Zigbee.
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3. Overview of Modern Day Short-Range Wireless Communication Protocol

3.1. Comparing Modern-Era Short-Range Wireless Protocols

The volume of research related to each communication protocol is hard to measure;
however, Table 2 shows the number of journal entries based on the keyword between the
years 2018 and 2024. These data show that the most researched protocol is RFID, followed
by Bluetooth and Wi-Fi; however, this only gives a brief overview of the influence of certain
protocols in the research. Figure 1 displays the grouping of different frequency bands; a
protocol’s frequency is a critical factor. The most popular band is the 2.45 GHz band with
Bluetooth, Wi-Fi, and Zigbee; it contains two of the dominant protocols as seen in Table 2.
Ultra-wideband differs from the others in both the frequency range and its application,
which is mostly for localization rather than data transmission.

Range

Fr
eq

ue
nc

y

100Khz

1Mhz

10Mhz

10Mhz

100Mhz

1Ghz

10Ghz

100Ghz

10mm 100mm 1M 10M 1KM100M

Bluetooth

Zigbee

LF RFID

Active UHF
RFID

NFC/
HF RFID

UWB

Transfer jet X

wifi 5GHZ

Wifi 2.4 GHZ

Transfer jet
Passive

UHF RFID

Figure 1. Graph of short-range protocols.

Table 2. Table of IEEE journal entries for keyword 2018–2024.

Keyword Search Results

RFID 2627
BLUETOOTH 1723

Wi-Fi 1328
UWB 1152
QR 794

UHF RFID 402
NFC 130

BARCODE 98

3.2. RFID
RFID Types

RFID is split into a range of different frequencies; however, there are two main
components to every RFID system: readers and tags. All RFID readers transmit data
that is modulated by an RFID tag. There are two main methods of communication through
RFID depending on the frequency used as seen in Table 3 near field inductive coupling or
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backscatter coupling. Near field coupling is used by LF and HF RFID due to the longer
wavelength [25].

Table 3. Table comparing RFID technology.

Name
Low-Frequency

RFID
High-Frequency

RFID
Active UHF RFID Passive UHF RFID Microwave RFID

Frequency 125/134 KHz 13.56 MHz 433 MHz 860–928 Mhz 2.45 GHz/5.8 GHz

Typical Type Passive Passive/Active Active Passive Passive/Active

Read range 0.3 m 1 m 100 m 6 m 10 m

Dipole Antenna size 1141.2 m 10.52 m 329.45 mm 155.9 mm 58.22 mm

Communication
method

Near field
inductive coupling

Near field
inductive coupling

Transmitter
Backscatter

coupling

Backscatter
coupling

Backscatter cou-
pling

A system is said to be in near field at a distance of C/2π f where C is the speed of
electromagnetic radiation and f is frequency. Thus, using the relevant frequencies, we can
define this for the relevant bands as:

LF RFID: 3 × 108/(2π × 125 × 103) = 382 m

HF RFID: 3 × 108/(2π × 13.56 × 106) = 3.52 m

UHF RFID: 3 × 108/(2π × 860 × 106) = 0.055 m

As can be seen, the near field region will only work with LF and HF RFID tags as the
near field region drops below 10 cm at UHF, so UHF and microwave RFID use Far Field
coupling. At these higher frequencies, a technique called backscatter [20] is used to reflect
the electromagnetic wave.

RFID was developed for identification and detection. Detection that an RFID tag is
in the range of the RFID reader is a main feature of RFID. This is the type of system used
in many retail outlets for device detection. While the retail outlet scenario is interesting,
most do not have a smart system, so it only detects when a tag is in the range of the sensor
and not the specific tag. This is where the libraries use case [26] is unique; they use both
parts of RFID identification and detection in one system. This system means a book can
be tracked around the library in the same way RFID is used in logistics and can be sorted
using its ID and then placed either by hand or by conveyor to the correct location. It was
also used to know when a nook had left the library. This can be performed by an allowlist
to only let certain IDs through the RFID reader.

Some RFID detection systems are used to track people. For example, an RFID tag is
applied to clothing such as boots [22]. This smart system can detect how often the RFID tag
is moved through the reader. Alternative methods use wristbands, which can be seen at
major attractions; this uses a handheld reader to scan the RFID tag.

RFID has many applications, with identification being the most prominent use case. It
is widely used in industries such as retail, logistics, healthcare, and asset tracking. While
RFID is used in regular identification systems, such as logistics and asset tracking, there
is another use case where RFID is used as a sensor. This significantly changes the use
cases of RFID and has the potential to use RFID as the communication protocol to obtain
a low-power passive sensor, which, in some research, is a batteryless system. Unlike the
typical RFID use for identification and detection, where RFID tags are detected by RFID
readers, RFID as a communication protocol for low-power passive sensors involves using
RFID technology to transmit data from the sensor to a reader. This means that the RFID
tag itself acts as a sensor, collecting and transmitting data such as temperature, humidity,
or pressure [27]. This opens up new possibilities for applications where battery-powered
or wired sensors are not feasible or practical. However, there are many different methods
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for RFID sensors. The three main categories of sensors are battery-assisted RFID sensors,
hybrid RFID sensors, and batteryless RFID sensors. There are two main methods for RFID
sensors: chipless and chip-based.

Chip vs. chipless systems: As stated, these are the two main design methods. One
is centered around using a solution-on-chip to perform communication. While chipless
systems [28] use many different types of communication techniques, some examples are
On–Off Keying (OOK), Pulse Position Modulation, Phase Modulation and Backscattered-
Based Tags. On–Off Keying tags transmit using 1 or 0, so one way to perform this technique
is to use a capacitor [29] to detect when the transmission should be reflected back to the
reader. This is a simple way to obtain a binary sensor. Pulse Position Modulation uses
the same binary signals with 1 and 0; however, it changes the signal based on a timing
window if, with a 0 and 1 reflection timing transmitting a 0 or 1 [30], Phase Modulation
uses a number of [31] delay lines to effect the phase of the signal with the number of delay
lines being proportional to the number of bits. Backscattered-Based Tags [32], instead of
using the time domain, use the frequency domain and so the tag can change its resonance
frequency and so can be different from other tags with the same use case as barcodes,
a cheap solution to identify products.

Battery-assisted RFID sensors, as the name implies, use a battery and, therefore,
an active tag; however, for RFID sensors, most research uses the passive range for these
sensors. This is due to the different use cases for UHF active RFID at 433 MHz, which is
most commonly used for long-range identification or tracking. At the same time, RFID
sensors do not have a range at the forefront of their application; the battery’s main purpose
is to collect data and then use passive RFID to transmit data, saving power and conserving
lifespan. This idea also has the difference that, in some scenarios, the battery can be charged
through RF energy harvesting, meaning a smaller battery or supercapacitor can be used,
and the tag can be smaller and be embedded for years and could theoretically have an
indefinite lifespan if powered periodically [33].

Batteryless RFID sensors have no battery, which significantly changes the dynamics
of the tag, as it is a passive tag with active features. It uses a low-power sensor to gather
data and uses backscatter to send the signal. The WISP Wireless Identification and Sensing
Platform [34] is one of the design ideas for a batteryless RFID. This specifies the use of an
ultra-low-power microcontroller, which makes it flexible enough to be used with many
different sensors, and this would lead to many applications, such as temperature sensing.
There are many different types of batteryless RFID designs, and [35] Chipless, Antenna
Resonance, Multi-Port Architecture, and Digitally Integrated are four different types of
batteryless RFID sensor methods.

Hybrid RFID systems can be either batteryless or battery-assisted RFID sensors; how-
ever, they are normally associated with battery-assisted RFID. This can be split into a
communication or power hybrid system. A communication-hybrid system uses another
short-range communication technology to transfer data; Bluetooth [36] can be paired with
either RFID or Zigbee [37], RFID can be used for location-based sensing while Zigbee can
communicate at extended distances, making a system that can be used for message-based
detection when an object reaches a selected location. Energy harvesting and RFID are the
main use cases of hybrid RFID. This type of RFID uses extremely low power transmission
with an alternate energy source, which can be RF, solar, or piezoelectric energy harvesting.

RFID is a growing sector of research [38], with the increase starting around 2010 with
the advent of the Internet of Things (IoT) and the adoption of other short-range communi-
cation, such as Bluetooth BLE, making wireless handheld portable systems inexpensive.
RFID is also the most common protocol term since 2018 in the keyword search shown in
Table 2, which shows that research into RFID development is continuing in the modern era.

3.3. Bluetooth Low Power Applications

Bluetooth has been in development since 1999 when Bluetooth version 1 was intro-
duced; however, a major development occurred in 2010 when Bluetooth 4 was introduced,
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bringing Bluetooth low energy (BLE). This created a shift in the Bluetooth protocol and
its applications, with Bluetooth inclusion in a growing number of devices. There were
2.7 billion device shipments that included Bluetooth in 2014; in 2023, it was estimated
that there would be 5.4 billion [39], with the growth of Bluetooth devices continuing into
the future [19]. As mentioned, BLE is a subset of Bluetooth and is specifically made for
low-power battery-powered devices and IoT. Its main difference from Bluetooth is its work
cycle, while Classic Bluetooth is always paired. BLE can go into sleep mode and has a pro-
tocol stack specifically built for low power, which drastically reduces power consumption
while also being built to be connected to unlimited devices. Classic Bluetooth only has a
limit of eight simultaneous devices.

Due to its work cycle nature, BLE has unique applications in sensor networks and IoT,
which include fields such as logistics, retail, and medical. The sleep cycle of the BLE device
is a critical factor; ref. [40] shows that a round trip with a connection interval of 375 ms
has an estimated lifespan of 2 years, while a connection interval of 4000 ms has a lifespan
of 12 years using a CC2540 (SoC) for Bluetooth low-energy applications [40]. The power
consumption ranges from 10 mA at 7.5 ms intervals to less than 100 μA at 375 ms. This
does not take into account the sensing power and the ultra-low-power microcontroller
work cycle, which shows the possibility of BLE low-power sensors and applications [41].

BLE has many applications in the medical field; for example, [42] describes a sensor
for blood pressure monitoring using a CC2541F256 SoC. It combines the BLE RF transceiver
and an 8051 MCU, with the reader of the sensor being a smartphone with a custom app. This
is a typical BLE sensor design with the sensor being powered by a battery. The work by
Lin et al. shows a complete platform for BLE in the medical use case [43]; in this IoT
solution, the sensor is connected to the cloud as shown in Figure 2. This means data can be
collected from a sensor network and accumulated in an online database. These applications
can be used to monitor people consistently and without the need for an on-site visit in some
circumstances. The issue with this system is that it needs two protocols, BLE and Wi-Fi,
to be compatible, and so it has three points of failure: a sensor, a smartphone, and Wi-Fi.

SENSOR 2 MICRO-
CONTROLLER

SENSOR 3

SENSOR 1

Bluetooth module 
transceiver 

Smartphone
transceiver 

Smartphone
Application Cloud  database

Figure 2. Bluetooth sensor network block diagram.

BLE has a major advantage in hybrid systems, as its work cycling transmission means
it has low power, compared to an alternative such as Wi-Fi; extended range, compared to
NFC; and compatibility with smartphones, compared to UHF RFID. A hybrid system has
distinct advantages [44]. For example, combining BLE and Wi-Fi makes a distinct hybrid
system, with BLE low-power sensors data can be collected and then through Wi-Fi they can
be stored in the cloud. However, this also means updates can be sent as well to multiple
sensors. This hybrid functionality can also be included into a single SoC such as the ESP32
and ESP8266 devices, which have both BLE and Wi-Fi capabilities. An indoor localizing
system can be the combination of Wi-Fi and Bluetooth [45], showing that combining the
two technologies in parallel is also an alternative, giving more reading and better reliability.

The other hybrid BLE design combines BLE and energy harvesting. This can be
performed with different energy-harvesting methods; however, due to the higher power
consumption of BLE compared with RFID, the most viable option for energy harvesting
is solar [46]. There are a number of commercial BLE hybrid systems available, such as
Cyalkit-E02 BLE beacon and Gimbal BLE beacon. These show the viability of BLE and
solar hybrid technology with a power consumption of 0.17 mW and 0.28 mW, respectively,
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with a range of 0.59 m and 0.31 m. They are low-power, low-range technologies that can be
powered by a solar cell measuring 15 mm × 15 mm [47].

3.4. Wi-Fi Low Power Applications

Wi-Fi has many versions and is defined in IEEE 802.11 [48]. The 802.11b (2.4 GHz
signaling) is the original 1999 standard, and 802.11g was released in 2003; both are 2.4 GHz
Wi-Fi versions. Ultra-low-power Wi-Fi suggests a similar idea to BLE, which changes
the work cycle from a 100% work to a sleep/wake-up cycle doing the same; this means
performing bursts of work and then sleeping until the next transmission. An example of
limiting Wi-Fi to reduce power consumption is limiting packets per second. The trans-
mission of 10 packets per second with a battery of 7500 mAH would last approximately
40 months, while increasing the packets per second to 100 packets per second would make
the battery life decrease to 20 months and another increase to 330 packets would only last
10 months, respectively [49].

Wi-Fi [50] is used in IoT to link PAN and LAN networks to a database; this is a
critical infrastructure in IoT applications. Some IoT applications that contain Wi-Fi have
the prospect to be used in a smart grid, intelligent environment protection, and precision
agriculture [51]. An ESP8266 is a module with Wi-Fi standard IEEE 802.11 b/g/n, and
with a 1000 mAh battery can last 40–60 h in light sleep [52], depending on the transmission
interval. Wi-Fi also has a use case in tracking and identification, while this is not its main
use case [53]. Research into Wi-Fi-based localization has been performed and is viable. This
brings up the comparison to RFID. While Wi-Fi transmitters are cheaper and have a longer
range than RFID transmitters, RFID transmitters have significantly lower power due to
backscatter as well as having significantly reduced cost per device.

Another interesting use case of Wi-Fi is in energy harvesting; compared to RFID or
BLE, where the energy harvesting is received, Wi-Fi could act as a transmitter for RF energy
harvesting, which could power an ultra-low-power sensor in an indoor environment. There
has been research on Wi-Fi energy harvesting [54]; however, the issue is the efficiency of
energy harvesting with multiple antennas having an efficiency below 20% and a maximum
output of 2V at 1mA output. Another area of research is hybrid Wi-Fi systems; this could
be with another LAN protocol such as LIFI [55] or a PAN protocol [56] such as Bluetooth.

3.5. Ultra Wide Band (UWB) Short-Range Applications

Ultra-WideBand (UWB) is defined in IEEE 802.15.4, and the primary use case is
location-based sensing, specifically, the time of flight sensing. The first standard was
released in 2007 (IEEE 802.15.4a) [12]. UWB spans from 3.1 to 10.6 GHz. However, different
global regions have varying UWB-allocated frequencies.

One of the main differentiation factors between UWB and other wireless short-range
communication methods is the frequency band as indicated in the name. There are 16 pre-
defined channels, with channels 1–16 ranging from a center frequency of 3494.4 MHz and
channel 16 having a center frequency of 9484.8 MHz [12]. Compared to other protocols,
UWB has less traffic at its designated frequency as seen by Figure 1, and UWB signals
employ a significantly wider bandwidth than other technologies such as Wi-Fi and Zigbee.
This wider bandwidth means a shorter pulse is needed for communication.

One of the applications for Hybrid UWB entails integrating UWB with alternative
short-range wireless communication protocols, including Bluetooth low energy (BLE) [57],
Wi-Fi [58], or UHF RFID [59]. By means of this integration, UWB hybrid systems are able
to exploit precise positioning and high data transfer rates while benefiting from low power
consumption compared to BLE and Wi-Fi due to their shorter duty cycle.

An instance of this can be seen in a hybrid UWB and BLE system, where UWB is
employed to facilitate precise indoor positioning and proximity detection; this hybrid
technology can also be combined with Wi-Fi for a flexible system [60], and BLE serves as a
low-power conduit for transmitting data over greater distances or establishing connections
with devices lacking UWB support. Short-range precision tracking accuracy and long-
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range data transfer are essential for applications such as asset tracking, indoor navigation,
and smart home automation; hybrid UWB can be a feasible solution.

Overall, UWB communication offers high data transfer rates, precise positioning
capabilities, resistance to interference, and ultra-low average power consumption, making
it well suited for a wide range of applications across industries and applications that require
identification and tracing capabilities.

4. In-Depth Discussion of Batteryless Near Field Communication (NFC)

NFC is based on RFID protocols ISO 14443 and ISO 15963 [61] and has five tag types.
Type 1–4 use ISO 14443 and have a range of 100 mm, while type 5 NFC tags use ISO
15963 and have a range of 1 m. NFC has three operating modes specified in the standard:
Read/Write, Peer-to-Peer, and Card Emulation. Read/Write mode is the typical mode used
in NFC where you have a dedicated tag and reader; the tag is a passive tag, while the reader
can be mains or battery powered. Peer-to-Peer is performed between two NFC devices,
which switch between reader and tag modes. This NFC method is either mains-to-battery
or battery-to-battery. Card Emulation is the simplest mode, where an NFC device emulates
a smart card. The NFC device is normally battery powered.

Three significant forces are pushing towards a future where batteryless Near Field
Communication (NFC) applications become a standard. These forces include improve-
ments in ultra-low-power microcontrollers, the rise of affordable NFC energy harvesting
integrated circuits (ICs), and the widespread integration of NFC readers in most smart-
phones. These dynamics fit together to create a standard of wireless communication that
does not rely on conventional power sources, opening up possibilities across various
industries, daily life, and new applications.

The reason for the focus on batteryless NFC is the combination of data and energy
transfer in a single communication protocol. This differs from the hybrid approach, which
uses a combination of two differing protocols. An example of a hybrid system can be seen
by combining [62] solar cells with Bluetooth BLE or Wi-Fi energy harvesting and infra-red.
Batteryless NFC uses one protocol, which means simplicity over the hybrid approach.
As batteryless NFC does not include a type of significant energy storage, such as a battery
or supercapacitor, this leads to the system being powered by an external source in the
batteryless NFC tag. This is achieved through an NFC reader through near-field coupling.

Another term associated with the batteryless NFC concept is passive–active NFC.
Passive–active NFC is a subset of passive NFC communication, where an NFC tag can be
powered externally from an NFC reader and does work. The work that is performed can
be data transfer or sensor reading. The difference between passive and passive–active is
that tasks outside the NFC protocol can be achieved [63], which means external memory
checking where the data are transferred or confirmed by a microcontroller or temperature
sensing where sensor data are sent over NFC. Batteryless NFC can be included in the
passive–active NFC concept; however, the difference between passive and passive–active
NFC is that passive–active NFC can have a battery or be connected to the mains but can
also switch states while including the batteryless mode. This gives flexibility, as the system
is not confined to one mode of NFC but can switch between modes.

A batteryless NFC tag contains three main parts: the transmission system, which
contains the antenna and matching circuit; the NFC protocol, which is contained on a
dynamic NFC IC; and the work part, which contains sensors and a microcontroller IC.
The transmission system is a loop antenna matched to 13.56 Mhz with a corresponding
matching circuit if necessary. The size of the antenna can vary significantly depending on
the use case, size and range of the device. With the majority of NFC antennas being loop
antennas [64], a typical NFC antenna size is 30 mm × 40 mm; however, the overall size
can be reduced significantly [65]. One type of NFC antenna is the PCB loop antenna. This
type of antenna can be as small as 2.4 by 2.4 mm by having a dual-layer PCB loop antenna;
however, this will affect the range of energy that is achievable. In designing this type of
antenna, a design choice is energy harvesting range vs. antenna size.
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There are a range of dynamic NFC tags used for batteryless NFC such as the M24LR,
ST25DV16K, NT3H211, and RF430FRL152H. This range of ICs has been achieved by the
development of batteryless NFC and passive–active NFC; these ICs are a range of NFC type
NT3H211, which is a type 2 NFC tag using ISO 14443, while M24LR and ST25DV16K are
type 5 NFC tags using ISO 15963. The most unique is the RF430FRL152H, which also uses
ISO 15693. However, it is a combination of a dynamic NFC IC tag and a microcontroller in
a single IC, whose stated use is as a sensor transponder [66]. These ICs have opened the
door to easy access to batteryless NFC; there has been a switch from chipless batteryless
design in the 2010s to use commercial dynamic NFC ICs in the 2020s.

However, as mentioned in the discussion of RFID, the factor range of an NFC tag
system varies significantly depending on a range of factors. The range of a system is critical
in batteryless NFC, as this determines the working distance using smartphones. The range
of batteryless NFC is limited to 8–45 mm, with the typical batteryless NFC application
having a range of 20 mm. ISO 14443 is limited to a range of around 10 cm; however, type 5
NFC tags, which are designed for industrial applications, can have a stated range of 100 cm.
However, this means an industrial NFC reader can be used to power the system to increase
the range of the system. A system is shown with increased range using an industrial NFC
reader and increased power transfer by using wireless power transfer and a wireless power
transfer antenna [67].

As seen in Table 4, there is a range of researched applications for batteryless NFC
with a varied combination of both NFC ICs and microcontrollers. The applications range
from industrial, agricultural and medical use cases for batteryless NFC. The range of the
batteryless applications displayed in Table 4 only uses smartphone NFC readers for range
measurements compared to industrial NFC readers, and as such, the range is below 45 mm
for all applications. The NFC Bicycle Tyre Pressure Sensor [68] only has a range of 8 mm.
This is due to the small antenna size of 14 × 48 mm; however, with an alternative reader,
this range could be extended.

Table 4. Table comparing NFC applications.

Application Name Year Range NFC IC Microcontroller

Batteryless soil moisture measurement system [69] 2018 20 mm M24LR ATTINY85

Batteryless NFC Sensor for pH Monitoring [70] 2019 18 mm M24LR ATTINY85

Batteryless NFC Bicycle Tire Pressure Sensor [68] 2021 8 mm NT3H211 ATTINY85

Smart Bandage With Wireless Strain and
Temperature Sensors [71] 2020 43 mm RF430FRL152H RF430FRL152H

Smartphone-Based NFC Potentiostat for Wireless
Electrochemical Sensing [72] 2021 20 mm SIC4341 N/A

Concertina-Shaped Vibration Energy
Harvester-Assisted NFC Sensor [73] 2022 45 mm ST25DV16K STM32L031

glucose monitoring via smartphone [74] 2023 N/A SIC4341 N/A

Total Minerals in Drinking Water via
Smartphone [66] 2021 30 mm M24LR16E MSP430FR2433

Dosimeter tag for ionizing radiation [75] 2023 N/A M24LR64E PIC16LF1703

The range of batteryless NFC applications shows how batteryless NFC is versatile
and can be used to solve many tasks. The reason for this is that NFC is a widespread
protocol with use cases in payment systems, which has led to the integration of NFC
readers in smartphones while also being a wireless protocol used for identification, which
competes with QR codes. One of the main applications of batteryless NFC is in the
medical field, where its use could be widespread to include sense internal or external
sensor measurements. Another example system shows a smartbandage that uses an
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RF430FRL152H [71]. It uses a combination of strain and temperature sensors to collect data;
however, it performs no data analysis internally and stores the data in ROM for transmission
over ISO 15963. This system is a typical sensor system, which is the most common use
case for batteryless NFC sensor-based systems, which typically uses a microcontroller
to input and convert sensor readings into a dynamic IC memory storage in the case of
the RF430FRL152H. This is performed inside a single IC compared to other examples
which have a dedicated NFC IC. Another researched use case is glucose monitoring [74].
This was performed using a SIC4341 device, which is a dynamic NFC IC; this system
received data from the glucose sensor and transmitted them through NFC. Both systems
described above use a smartphone as the NFC reader and display the data in a smartphone
app. The advantage of this is that any user with a smartphone with NFC capabilities can
use this system.

Batteryless NFC sensors are the primary focus of batteryless NFC research. In [69],
an example is given of a soil moisture measurement system that uses an M24LR NFC IC
while using an ATTINY85 as the MCU. This system, during work, uses approximately
1 mA of power, which is performed using a SIC4341, a dynamic NFC IC. This system
receives data from the glucose sensor and transmits the data through NFC. The supply
voltage varies from 2.7 to 3.3 volts, and the system includes three sensors which measure
humidity, temperature, and soil water content. This system shows a typical application
and the responding power levels [76]. The maximum claimed NFC power is 10 mA at 3.3 V.
This comes from the SIC43XX series; however, it uses ISO14443, so the range is limited.
M24LR-E-R has a claimed maximum 6 mA at 3 V. The soil moisture measurement system
has a range of 20 mm. This is mostly due to its antenna size and antenna design and is
limited by the reader’s choice of smartphone. This range would increase if an industrial
reader were used, which is viable with ISO 15963,

One of the main developments that could use batteryless NFC is smart factories or
smart devices to perform batteryless over-the-air (OTA) programming or transmission. This
can be performed in a batteryless way in passive–active systems either in the field or in a
controlled environment such as a factory. This could be a batteryless wireless in-application
programming into an embedded system, possibly without the need to power the system or
to a system with no other communication protocol. This could be used to embed sensors
without the need for energy storage and be able to communicate [77]. OTA programming
also has a range of benefits, as programming can be performed quickly and wirelessly,
so there is no need to remove packaging while also having a way to internally read the
device data as an advanced label. Where this becomes specific for batteryless NFC is the
advantage of confirming that the communication was successful, as well as being able to
add security features and conduct testing.

5. Power Consumption of Short-Range Wireless Communication Applications

Short-range wireless communication covers various standards and protocols with
varying power consumption based on application. RFID and UWB, which focus on identi-
fication and location, respectively, are low-power protocols with low amounts of static data
transfer. This is comparable to BLE and batteryless NFC, which involve more dynamic
data transfer, while Wi-Fi is focused on data transfer compared to power consumption.
The type of system, whether it is batteryless, battery powered, or mains powered, plays a
significant role in determining the power requirements. This factor is crucial in selecting the
most suitable wireless communication protocol, as each system type has different power
consumption needs.

Dedicated ICs vs. system on a chip differ between protocols; BLE has a range of
different chipsets. The power consumption of different chipsets varies massively with
operation and hardware power consumption; however, an estimation of processing power
vs. communication power can be achieved with the Intel A-101 having an average current
of 0.089 mA and a 21.338% processing vs. communication ratio, Cypress CY8CKIT-042-
BLE having an average current of 0.018 mA and a 23.02% ratio, and the NXP FRDM-
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KW41Z having an average current of 0.036 mA and a 28.07 ratio [41]. SOCs with a single
microcontroller are naturally more efficient than dedicated ICs due to the need for two
simultaneous processors to be active. This can be seen in the batteryless NFC operation
in [69]. The M24LR dynamic NFC IC power consumption is 0.4 mA. The ATtiny85 power
consumption is 0.3 mA, and the ratio is 47% when the timer is taken into account.

While communication transmission power consumption takes up a significant propor-
tion of the overall power consumption during active operation, there is a limit to reducing
the power consumption unless we want to reduce the range or communication duty cycle
of the system. Microprocessors are the main power drain during the non-active operation
of the system, and reducing the power consumption of the microprocessor either during
active or non-active operation can make a batteryless system viable or increase the battery
life of battery power systems.

Comparing the power consumption of different short-range wireless communication
applications is challenging due to the varying factors between systems and applications,
such as duty cycle, the range required, the microprocessor used, and the varying number
of sensors used in data-gathering devices. To avoid this problem, the minimum system
requirements must be the focus. These limits determine the feasibility and limits of short-
range wireless communication, which must be considered.

The transmit power consumption is based on different protocols, Bluetooth 102.6 mW,
Wi-fi 722.7 mW, Zigbee 73.5, UWB 749.1 mW [78], and RFID reader 180 mW [79]. However
these values only show the peak power required. These power requirements set a limit
on pure batteryless-based solutions, as energy storage is required for high-power short
duty cycle transmission compared to a battery-based system, where the average power
consumption is the important distinction.

Ultra-low-power microcontrollers are a critical part of dynamic short-range wireless
communication systems, as they limit the power consumptionin dynamic applications such
as BLE, Zigbee, and batteryless NFC.

6. Review of Ultra-Low-Power Microcontrollers

Historically, ultra-low-power microcontrollers were distinguished from standard mi-
crocontrollers by their unique characteristics. In 2000, ultra-low-power microcontrollers [80]
had unique features compared to standard microcontrollers. One of the main differences
was the supply voltage, with some ultra-low-power microcontrollers having a supply
voltage of 1.8 V, whereas standard microcontrollers had a supply of 3.3 V. The other factor
was the inclusion of multiple low-power modes compared to the standard, which included
just a sleep mode. In 2024, ultra-low-power microcontrollers are more difficult to dis-
tinguish from their standard series counterparts. This is evident in the STM32 series of
microcontrollers, where the STM32L0 series has a supply voltage range of 1.65–3.6 volts,
and the STM32H723 high-performance microcontroller has a supply voltage range of
1.62–3.6 volts, in addition to a number of low-power modes and a 32 kHz internal clock.
Regular microcontrollers incorporate ultra-low-power microcontroller features. However,
the primary distinction between standard and ultra-low-power microcontrollers lies in
their respective purposes. An ultra-low-power microcontroller aims to control and reduce
power consumption. This is typically accomplished in two distinct ways. In work/run
mode, the objective is to complete as much work as possible while consuming the least
amount of energy possible. In sleep mode, the sole objective is to consume as little energy
as possible.

Many factors affect ULP microcontrollers, but the most critical is power consumption.
The goal of ULP microcontrollers is to have the lowest possible power consumption while
getting the most work done, compared to regular microcontrollers, where getting work
done fast and efficiently is the most important factor. Power consumption is affected
by both hardware and software factors; the main hardware factors are supply voltage,
transistor size, and the number of cores. The software factors include low power modes,
efficiency of work, and length of work.
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The divergence between regular and ULP microcontrollers occurred in the early 2000s.
ULP microcontrollers have the goal of the lowest power consumption, which enhances
battery life, as the battery capacity is not growing as fast as other associated technologies.
Decreasing power consumption is one way to increase lifespan without affecting the
size of the battery; this is crucial in areas such as spacecraft, medical implants, and IoT
devices. ULP microcontrollers have also led the way in energy harvesting and, in the future,
batteryless technology. Another divergence occurred in 2000. The transistor size in both
CISC and RISC products were significantly closer than in the modern era, with the size of
the transistor being 250 nm for a workstation, 350 nm for an embedded system, and 500 nm
in the year 2000, while today, typically a CISC core is 7 nm [81], while the RISC typical core
size is 65 nm [82].

The supply voltage of both the internal transistors and the minimum supply voltage
of a microcontroller are vital for ULP microcontrollers and have a significant impact on
low-power performance. The reduction in the supply voltage of transistors dropped by
around 40% from 2003 to 2020 as shown in Figure 3. The drop from 1.2 V to 0.7 V means
it is possible to reduce the power consumption of ULP microcontrollers; the issue is that
the standard for ULP microcontrollers is still 1.8 V and has not shifted since the mid-2000s.
Some series of microcontrollers have reduced the supply voltage such as the STM32L,
which has a minimum supply voltage of 1.65 V; however, the reduction is minimal, and no
mainstream chipset has reduced their supply voltage significantly. The problem is that the
supply voltage is only reduced when a new series comes out, and this is normally less than
two times the transistor voltage. This can be seen in STM32, which released in 2014. The
2013 supply voltage was 0.86 × 2 = 1.72. A mainstream series of 1.4 V might be possible
by 2025. The supply voltage will stall due to expected technological barriers. This will
cause major issues, as reducing the supply voltage is one of the two ways to reduce power
consumption without affecting performance.
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Figure 3. Figure microcontroller predicted supply voltage [81] .

The selection of the microcontroller for low-power short-range communication is
crucial; with different protocols having differing requirements, the challenge is selecting
a microcontroller for an application, with Table 4 showing that there is a range of micro-
controller options for a single application. What is known is that the slowing of power
consumption optimization [83] is making generational change smaller and causing the
older microcontrollers to still have relevance.

7. Future Discussion

The current state of short-range communication protocols is heavily influenced by the
prevalence of battery-powered devices. The shift happened around 2005 when protocols
were specifically modified, such as in the case of BLE, or created, such as NFC. The change

178



J. Low Power Electron. Appl. 2024, 14, 27

occurred due to a combination of factors, including the [84] development and improvement
of battery technology, as well as the development of ultra-low-power microcontrollers,
hardware improvements, and the addition of software and power consumption optimiza-
tion. The shift to low-power embedded systems and battery power devices has led to a
range of use cases, which has led to the development of BLE, NFC, and low-power Wi-Fi.
One of the questions concerning the development of wireless communication protocols
is: does the protocol develop first, or does the use case? One real-world example of the
modification of an existing protocol is Bluetooth, as the protocol was already developed
but was modified to fit low-powered devices, while NFC was built specifically for the use
of contactless payments [85]. However, there is continued research into future use cases of
current protocols such as Bluetooth localization and passive RFID sensors such as WISP.

What is happening to batteryless technology is that existing protocols such as NFC are
being used without modification while standalone platforms such as NFC-WISP [86] are in
development. Batteryless technology is used in RFID and NFC; however, without modi-
fication, they do not perform any work and are static devices. However, passive–active
NFC changes this, making a use case where either a sensor or over-the-air programming
is viable without an additional component added to the system. This is comparable to
a hybrid communication-energy-having system, which, while having advantages, is less
desirable than a single protocol to perform both energy and data transfer.

There are many challenges ahead to continue the evolution of ultra-low-power systems;
for example, microcontroller development is coming to a physical limit Figure 4 in the
size of transistors and supply voltage. The current trend of improvements to hardware
power consumption optimization might lead to the development of more software-based
power consumption techniques. The development of batteryless and hybrid systems
that rely on external power sources are currently being researched as seeming viable to
be included in embedded systems [54]. Wi-Fi energy harvesting is an example where
direct inclusion into low-power applications that are currently in use, such as TV remotes,
clocks, and smoke alarms, will lead to the inclusion of hybrid technology. The adoption of
batteryless systems using RFID and NFC technology would lead to the optimization and
maybe integration of batteryless NFC systems into one platform. This could lead to internal
sensors, and the application for internal battery sensors includes areas from construction
to medical use. The use of tiny internal batteryless sensors could lead to an increase in
health monitoring [87], and implants could help with patient monitoring. Another use
is in long-life sensors such as inside concrete [67] or insulation, which would be used to
monitor temperature.
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8. Conclusions

The main conclusion from comparing different short-range wireless communications
is that protocols can evolve to conform to different application scenarios, for example, the
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change from Bluetooth to BLE or NFC to batteryless NFC. Additionally, protocol optimiza-
tions such as those seen in Wi-Fi are critical to keeping protocols prevalent. Research is
continuing to advance the current protocols to improve operational parameters such as
power consumption, range, data rates or to add new, more advanced, features.

Factors influencing IoT and embedded systems contribute to the growing interest in
short-range wireless communication. The analysis in this paper encompasses the customary
short-range communication protocols and technologies currently used. The current era is
focused on battery-powered, low-power communication, and this will be the focus for the
majority for many years; however, physical limitations in ultra-low-power microcontrollers
and battery technology will seem to lead to an end to hardware power consumption
growth. This can be seen by the slowing of microcontroller size and supply voltage
reductions [88]. This has led to the development of multi-core microprocessors, and the
industry believes in the innovation of core stacking. This, however, conflicts with the ultra-
low-power microcontroller goal of low power consumption, as this does not help with
lowering power consumption, as transistor size and supply voltage are crucial for lowering
power consumption. For a microcontroller, this will lead to a stagnation in hardware
power consumption.

Another increasing factor in modern-day IoT and embedded systems is the increasing
number of devices, as well as the goal of being able to make smart devices with smaller size
and longer life. This has led to an increase in IoT device research; however, some tasks are
impractical with current research and technology. The aim is to overcome physical hard-
ware hurdles for smaller devices with energy-harvesting solutions and software solutions.

Short-range wireless communication has many solutions, depending on the applica-
tion and use case. It connects at least two systems together in a range of different ways;
with the protocols in this review, only the most widespread protocols were discussed, but as
seen, Bluetooth, Wi-Fi, and optical communication are still being developed and modified
with adjustments, and new versions are still in development. While RFID has not had any
major changes or updates, it is still being updated, with ISO 15963 having a specification in
2020. There is also new long-range communication, such as ZigBee or Sigfox, which can
be used to connect short-range devices to low-power networks. What can be seen is the
evident evolution in short-range wireless communication, even though existing protocols
seem to have become dominant in some application scenarios.

Batteryless and hybrid energy systems are rapidly evolving and have numerous
advantages over traditional systems as highlighted in this review. Although not yet
mainstream, the applications and use cases for this technology are immense. One of the
most significant advantages of hybrid systems is their lifespan, which can last for a few
years in the right conditions. In contrast, a batteryless system could theoretically last for an
indefinite period. To incorporate these systems into an IoT or smart system, a low-power
communication protocol that can be combined with energy harvesting is essential.
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