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Abstract

The stochastic fluctuations of Al computational loads inject harmonic currents into the DC
bus, amplifying bus voltage ripples and weakening the power quality. Existing strategies
typically rely on high-gain control strategies to minimize harmonic output impedance,
aiming at full absorption of harmonic currents. However, such designs rarely consider
engineering constraints such as capacity and current boundaries, which impose inherent
limits on harmonic absorption. To address these issues, this paper proposes an adaptive
harmonic impedance control and flexible compensation method for Al data centers. By
integrating DC bus voltage feedforward with output current feedback, a virtual harmonic
impedance control channel is constructed to enable real-time impedance shaping. Then, an
adaptive gain regulation mechanism is developed to adjust harmonic impedance according
to the available capacity and current margin. Compared with traditional strategies relying
on fixed high gains or resonant links, the proposed method allows for the continuous
regulation of harmonic impedance over a wide range. This enables the dynamic matching
of harmonic absorption capability with the available capacity, effectively suppressing
the risks of overcurrent, saturation, and stability degradation. Simulation and 8 kW
experimental results verify the correctness and effectiveness of the proposed analysis and
control strategy.

Keywords: Al data center; adaptive harmonic impedance; flexible compensation;
impedance reshaping

1. Introduction

In recent years, the rapid advancement of artificial intelligence (Al) has driven a
continuous increase in the power density and capacity of Al data centers (AIDC) [1-3].
Large-scale GPU/TPU computing clusters exhibit pronounced stochastic and fast-varying
load characteristics, which inject wideband harmonic currents into the DC bus [4-7]. This
harmonic injection amplifies DC bus voltage ripple, degrades power quality, and poses
increasing challenges to the stability and reliability of the power delivery system [8,9].

To mitigate DC bus ripple and absorb harmonic currents, existing research has pri-
marily developed along three technical routes: passive filtering, additional compensation
devices, and impedance reshaping.

Firstly, passive approaches, e.g., large electrolytic capacitors or LC filters, are straight-
forward but suffer from large volume, high cost, and limited effectiveness across wide
frequency ranges, which makes them less attractive for high-density AIDC applications [10].

Energies 2026, 19, 862
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As for additional compensation devices, one class of research achieves active rip-
ple throughput by constructing additional energy channels, including active capacitor
technologies [11-14] and active power decoupling (APD) [15-20]. These methods can sig-
nificantly reduce DC bus capacitance requirements, but they suffer from complex hardware
structures, limited modulation depth, and compensation capabilities that easily reach limits
under large-amplitude load disturbances. Another class of research relies on DC active
power filters (DC-APF) to reduce bus ripples through harmonic current detection and injec-
tion compensation. However, conventional DC-APF is susceptible to measurement noise,
filtering-induced phase lag, and DC bus coupling, causing ripple suppression performance
and stability to vary with operating conditions. Meanwhile, under severe disturbances or
low-frequency pulsations, the required peak compensating current and energy buffering
increase, further leading to higher device stress and losses. Ref. [21] introduces a first-order
inertial link in the voltage loop to achieve synergy between voltage control and harmonic
extraction, but the inertial link may sacrifice dynamic response speed, limiting suppres-
sion capability under severe operating conditions. Ref. [22] employs sliding mode active
disturbance rejection control to enhance DC-APF disturbance rejection performance and
dynamic response, but the complexity of sliding mode chattering and parameter tuning
still constrains its engineering application.

Thirdly, with the development of impedance modeling and frequency-domain con-
trol theory, harmonic suppression methods based on impedance reshaping have received
widespread attention in recent years. These methods realize the diversion and redistribu-
tion of harmonic currents by regulating the output impedance in specific frequency bands.
Specifically, Ref. [23] incorporates a bandpass filter into the inductor current feedback to
increase impedance in the target frequency band, guiding harmonic currents to the bus
capacitor. Ref. [24] reduces bus voltage ripples by lowering the output impedance of the
bidirectional DC/DC converter (BDC), but the associated optimization algorithms present
difficulties in engineering implementation. Ref. [25] proposes an adaptive sliding mode
control-based output impedance shaping method that enhances the source-side converter’s
output impedance at twice the line frequency. However, this approach relies on sparse
communication networks and does not account for communication delays. Additionally,
the chattering inherent in sliding mode control and the complexity of parameter tuning
increase the difficulty of engineering implementation. Ref. [26] proposes a frequency-
selective droop strategy to provide high gain at specific frequencies for precise impedance
reshaping, but the parameter design is complex. For comparison, this paper summarizes
the characteristic differences between typical DC bus harmonic suppression methods in
Table 1.

Table 1. Comparison of different DC bus voltage harmonic suppression methods.

Method C Additional Power Adjustable Output  Risk of Modulation CC()) Ir)lesii:;%s
ethod Category Devices Impedance Saturation .
Considered
Passive filtering X X X X
Additional
compensation N4 vV vV X
devices
Impedance Shaping X vV vV X
Proposed method X Vv X vV

https://doi.org/10.3390/en19030862



Energies 2026, 19, 862

Overall, existing active harmonic suppression methods mostly employ high-gain
controllers, resonant links, or intelligent optimization strategies to minimize the equivalent
harmonic impedance of the compensation device, thereby forming a “low impedance point”
on the bus side to absorb harmonic currents. These impedance-shaping methods typically
use fixed gains, which result in a fixed equivalent harmonic impedance and, consequently,
an unchanged harmonic absorption capability. When the data center capacity continues to
expand and load disturbances become more severe, compensation strategies with fixed
or excessively high gains easily trigger problems like overcurrent, over-modulation, or
control saturation, further causing a reduction in stability margin or even system instability.
Therefore, for high-dynamic, high-power-density AIDC scenarios, there is an urgent need
for a novel control method that explicitly considers engineering constraints and allows for
the flexible regulation of compensation capability.

To bridge the above-mentioned gap, this paper proposes an adaptive harmonic
impedance control method for flexible compensation in AIDC. Unlike DC-APF solutions
that require additional power devices, the proposed approach reuses the energy-storage
BDC already deployed in the data center as the actuator. By integrating DC bus voltage
feedforward with output current feedback, a virtual harmonic impedance control channel
is constructed to enable real-time impedance shaping. In addition, an adaptive gain regula-
tion mechanism is developed. Different from fixed-gain impedance-shaping methods, the
proposed approach adjusts the harmonic impedance according to the converter’s available
capacity and current margin, so that harmonic absorption capability can be flexibly allo-
cated while avoiding overcurrent, modulation saturation, and stability degradation. The
main contributions are summarized as follows:

(1) Control framework: An adaptive harmonic impedance control architecture is pro-
posed for Al data center DC buses, which realizes flexible ripple compensation
through impedance shaping without requiring additional power devices.

(2) Constraint-aware regulation: A capacity- and current-margin-aware adaptive gain
regulation mechanism is established to continuously tune the equivalent harmonic
impedance, enabling dynamic matching between harmonic absorption capabil-
ity and available converter margins, and improving safety and stability under
large disturbances.

(3) Verification: The simulation and 8 kW experiment results demonstrate that the pro-
posed method can regulate the equivalent harmonic output impedance of the BDC
over a wide range, achieving dynamic matching between compensation capability
and converter available capacity, and effectively suppressing DC bus voltage ripples
while ensuring system stability.

The remainder of this paper is organized as follows: Section 2 details the principle
and implementation structure of adaptive harmonic impedance control; Section 3 presents
the unified design framework for the adaptive gain coefficient k; Section 4 verifies the effec-
tiveness of the proposed strategy through simulation and experimental results; Section 5
concludes the paper and looks forward to future work.

2. Proposed Adaptive Harmonic Impedance Control
2.1. Typical Architecture and Control Strategies of AIDC

Figure 1 illustrates a typical DC microgrid power supply topology for AIDC. The
system consists of distributed power sources, energy storage units, and AIDC loads. In
Figure 1, the 54 V (and 12 V) rails are load-side buses, typically generated by dedicated
load-side DC-DC modules in the AIDC power chain. It should be noted that the topology
adopted in this paper is not intended for the Al power-supply stage that steps down an
800 V DC bus to 54 V; instead, it is designed for the DC/DC converter in the energy storage

https://doi.org/10.3390/en19030862
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unit within an AIDC architecture. In an AIDC architecture, some DC/DC or AC/DC con-
verters are responsible for regulating and maintaining the DC bus voltage, and these units
can be regarded as equivalent DC voltage sources, also called “power source side” [27].
In addition, components such as Al loads, AC loads, DC loads, and certain bidirectional
DC/DC converters in energy storage systems typically achieve power regulation by con-
trolling their output currents; these units can therefore be treated as equivalent DC current
sources [27]. To reduce DC bus voltage ripples, this paper integrates the ripple suppression
function as an additional control objective into the BDC, equipped with active filtering
capabilities, achieving “flexible compensation without adding power devices”.

800V DC Bus

e

DC
| Battery
DC

| Energy Storage Units |

DC ;
| DC Loads
DC

AIDC Loads

_ o : DC |
|Supercapa01tor W e |
|

|

Figure 1. Typical topology of the power supply system in an AIDC.

To enhance power density while balancing low ripple, low loss, and high reliability,
BDCs in AIDC typically employ an interleaved parallel structure as the energy hub between
the DC bus and the storage side. The basic principle is to electrically parallel multiple
identical power phases and apply a fixed phase difference in modulation to drive them
interleaved. This increases the equivalent switching frequency on the bus side to N times,
significantly reducing inductor current ripple and the ripple current stress on the bus
capacitor [28,29]. In addition, advanced interleaved topologies, such as the interleaved
cascaded non-inverting buck-boost converter, have also been reported to further improve
power density and performance [30]. However, the focus of this paper is the harmonic
suppression strategy and its impedance-shaping mechanism. Therefore, to simplify the
modeling and highlight the control principle, the converter stage is represented by the
simplest three-phase interleaved Buck-based consideration in this work, without loss
of generality for the proposed control concept. As shown in Figure 2, the three-phase
interleaved parallel BDC consists of three power phases. Each phase includes synchronous
half-bridge switching devices S; and an inductor L;. The input side connects to the storage
voltage us, and the output side parallels the DC bus voltage ., where C; is the input-side
capacitor, C; is the bus-side capacitor, and 7;; is the inductor current of each phase.

https://doi.org/10.3390/en19030862
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Figure 2. Circuit topology and control strategy of the three-phase interleaved BDC.

In terms of control strategy, this paper adopts the current source control mode shown
in Figure 2, using an inductor current closed loop for fast current tracking. A current
sharing loop is configured for each phase to ensure ij; ~ iDC,ef/ N, where G; is the current
loop transfer function, ipcref is the current reference value, and Aij,, denotes the current-
balancing compensation term. As shown in Figure 3, the three-phase interleaved DC/DC
converter adopted in this paper employs three PWM modules to drive and control the
three phase legs, respectively. For each phase, the corresponding PWM module triggers the
inductor current sampling. The sampling trigger is placed at the peak/valley of the PWM
carrier waveform, so that the mid-point value of the phase inductor current can be captured,
and this sampled value is used as the feedback signal for control. Interleaved modulation is
achieved by setting the phase difference in the carrier or switching function of each phase to
27t/N. Under ideal current-sharing conditions, the N-phase inductor current ripples cancel
each other out on the bus side, theoretically reducing the output current ripple amplitude
as N increases; meanwhile, the increased equivalent ripple frequency helps reduce bus
capacitance requirements. It is noted that, in practical interleaved systems, nonidealities
such as inductance tolerances, device parameter dispersion, and sensor gain/offset errors
may lead to imperfect current sharing; dedicated current-balancing/equalization strategies
have been reported to enhance the robustness of branch current distribution [31].

To characterize the formation mechanism of DC bus ripples from the perspective of
“impedance reshaping”, this paper establishes an equivalent circuit model in the frequency
domain, as illustrated in Figure 4. The equivalent circuit modeling in Figure 4 follows the
commonly adopted impedance-based / Thevenin—Norton representation for DC microgrids
and converter-interfaced systems [32]. Specifically, the impedances used in this paper are
derived from a formal small-signal linearization around a given steady-state operating
point, yielding the corresponding port output/input impedances in the frequency domain.
In practice, these impedances can also be obtained (or validated) via standard impedance
measurement/identification procedures, e.g., injecting small-amplitude sinusoidal (or
broadband) perturbations and measuring the resulting port voltage/current responses.

https://doi.org/10.3390/en19030862
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A Instantaneous current of inductor current iy ()
1k Instantaneous current of inductor current i;,(¢)
1075 Instantaneous current of inductor current iz;()

Current(A )

D1
Counter 1 (S AN 1 N >
EPWM 1A | | l ' — >
Triggtl/\ D2
Counter 2 <~ ~ N >
EPWM 2A >
Counter 3 |-L e 5 ; n
AN N2 »
EPWM 3A — X ) — >
0 100 200 300
Time(us )

Figure 3. Timing diagram illustrating the instantaneous current waveform and the sampled

current sequence.

DC Bus

Z(S)
Zpa(S)
Tttref(S)

Tiiref(s)

in(s) f)

Figure 4. System equivalent circuit.

The power source side is modeled as a series connection of a controlled voltage source
Tyure(s) and an output impedance Z,(s), the Al load is equivalent to a current source i(s)
being injected into the Point of Common Coupling (PCC) in the harmonic frequency band,
and the BDC is equivalent to a parallel connection of a controlled current source Ti(s)

and an output impedance Zy;.(s). When the system lacks a ripple compensation device, the
ripple current is shared by the load connected to the DC bus and the converter. Analyzing

the schematic of Figure 4 in the harmonic frequency domain yields the equivalent circuit

shown in Figure 5

DC Bus

Zoi(S) I:I Zpde(S) |:

Figure 5. System equivalent circuit in the harmonic frequency domain.

—
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This model provides a unified description of “how harmonic currents are distributed
among Z, ,(s) and Zy,. ;(s)”, laying the foundation for subsequent stability and compensa-
tion capability analysis. Under this equivalent model, the harmonic voltage ripple at the
bus can be written as

Vir(s) = Zeg (s) - in(s) @

where

Zeq (S) = ()

(73 * Zaw)

Therefore, one of the fundamental ways to reduce bus ripple is to make Z; (s)
present a “controllable low impedance” in the target frequency band, thereby prioritizing
the diversion of i(s) to the BDC. Conversely, when the system’s available margin is
insufficient or participation in compensation is undesirable, Z;.(s) can be raised to a
“high impedance” to reduce harmonic current sharing.

2.2. The Proposed Adaptive Harmonic Impedance Control Method

Existing control approaches based on the DC bus harmonic voltage or the converter
harmonic output current typically introduce a tunable factor to generate the harmonic
current or harmonic voltage reference, which is then tracked by the current or voltage
controller. By adjusting this factor, the harmonic output impedance of the BDC can be
continuously regulated. However, to achieve highly flexible tuning, the factor often needs
to vary over a wide range, which substantially amplifies the feedforward or feedback
gains; excessive gains may lead to overcurrent, saturation, and a reduced stability margin.
To address these issues, this paper proposes an adaptive harmonic impedance control
and flexible compensation method for AIDC. The proposed strategy constructs a virtual-
impedance path within the control loop using the DC bus harmonic voltage and the
converter output harmonic current, thereby enabling online dynamic reconstruction of the
reference voltage. With this method, the harmonic output impedance of the BDC can be
flexibly set over a wide range without excessively amplifying feedforward or feedback
gains, thus avoiding overmodulation and instability. The modified harmonic voltage
command can be expressed as

uge = k(uge_p — Zoio_p) 3)

where Z, represents the virtual impedance and k is the gain coefficient.
To achieve precise suppression of bus voltage ripples, a multi-resonant controller is
employed in the control channel to track the reference voltage:

2wW,s
G,=) K———F7—— 4
h ; "2 4 2w,s + w? @

where K, is the resonant gain, w; is the resonant frequency, and the cutoff frequency
w, determines the control bandwidth. In this work, the target frequency set is explicitly
selected as f; € {20,50,100,150} Hz, and the resonant branches are designed with w, ; = 27f; to
provide targeted suppression at these representative disturbance components. The resonant
gains K, ; and the bandwidth parameter w, are selected according to widely adopted tuning
guidelines [33]. This controller can respond rapidly to harmonic components at specific
frequencies, effectively mitigating periodic voltage ripple on the DC bus.

Figure 6 depicts the control scheme of the BDC based on adaptive harmonic impedance.
The specific implementation of the adaptive harmonic impedance control module is shown
in Figure 7.

https://doi.org/10.3390/en19030862
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Figure 6. Control scheme of the BDC based on adaptive harmonic impedance control.
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Figure 7. Adaptive harmonic impedance control module.

2.3. Equivalent Harmonic Output Impedance Analysis

The harmonic voltage reference value obtained in Equation (3) will be tracked by
a voltage controller based on a resonant loop. It should be noted that an ideal resonant
element in the continuous-time domain provides theoretically high gain at w;; however,
in digital implementation, this gain becomes finite due to w., sampling/computation
delays, and discretization effects. Therefore, w, is introduced to limit the resonant peak and
bandwidth, ensuring implementation feasibility and robustness. Under zero-static-error
tracking conditions at this resonant frequency, the harmonic voltage reference becomes
equal to the actual harmonic voltage, which leads to the following relation:

Uge p = Uge = k(Uac_p — Zoio 1) (5)

Consequently, the equivalent harmonic output impedance of the BDC can be

expressed as
Ugc_h k
! — Z
—iyp  1—k7" ©)

Zo_h =

From Equation (6), the BDC’s equivalent harmonic impedance is mainly determined
by the gain coefficient k and the virtual impedance Z,, where the design of Z;, can follow

https://doi.org/10.3390/en19030862
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Ref. [34]. It should be noted that the virtual impedance Z, adopted in this paper is a purely
resistive type. The corresponding design guideline is as follows:

(lxudcre f ) ?
Zy = ———— @)
1Py
where « is the maximum ripple coefficient on the DC bus, Py, is the rated power of the
BDC, and 7 is the harmonic compensation coefficient.

When k approaches 0, the BDC equivalent harmonic output impedance approaches
zero, allowing the BDC to actively absorb harmonic currents in the system and thus
effectively suppress DC bus voltage ripple; physically, this corresponds to a “strong-
compensation” operating mode, but in a real converter, the achievable absorption is ulti-
mately limited by current ratings, the modulation margin, and thermal constraints. When k
approaches 1, the equivalent harmonic output impedance tends to infinity, and the BDC
response to DC bus voltage disturbances becomes negligible; this can be interpreted as
a “weak-compensation” mode in which the converter intentionally reduces harmonic
participation to avoid saturation or overcurrent when the available margin is insufficient.
Therefore, the BDC equivalent harmonic output impedance can be continuously tuned
over a wide range. Furthermore, as indicated by Equation (6), when k varies within the
interval (0, 1), the gains of the voltage feedforward and current feedback paths remain
within a reasonable range without excessive amplification, which improves system stability
and helps avoid oscillations and instability caused by control-loop overmodulation or
gain coupling.

When the BDC is interfaced to the DC bus of the AIDC as a current-source-type unit
and the proposed control strategy is applied, its equivalent control block diagram is as
shown in Figure 8.

ths(s)
Gh(S )
] 1 Udce
G,’ rtd -
(5) s =

Gh QS(S) T
Figure 8. Equivalent control block diagram of the proposed compensation strategy.

From the control block diagram, the expression of the output impedance of the BDC
can be derived as

_ Uge Ls + Gi(s) + Gh(s)ths(S)ka
Zpac(s) = —+

iy~ T4 Cs(Ls 1 Gi(5)) — Cu(5)Crpe(8) (K — 1) ®

where Gy5(s) is the high-pass filter used for harmonic extraction, and its transfer function

is given by
s

TS wiyr

©)

G ps

where wy, is the cutoff frequency and is typically selected as 15-30 rad/s.

To investigate the influence of the gain coefficient k on the BDC output impedance, tak-
ing the 20 Hz harmonic component as an example, the Bode plots of the output impedance
under different values of k are drawn, as shown in Figure 9. Meanwhile, to illustrate the
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influence of the virtual impedance Z; on the impedance-shaping effect, the Bode plots of
the BDC output impedance under different Z, values are presented in Figure 10.

40 T T

\ . — k=0
: : — k=025 | |

k=0.5

— =0.75
\1 H

[
=)

Amplitude(dB)
B
T

|
[
(=)

|
O
=2}

Phase(deg)
= &
= |

10" 10° 10! 10? 10° 10*
Frequency (Hz)

|
N
n

Figure 9. Bode plots of the output impedance of the current-source-type BDC as gain k varies
from 0 to 1.
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Figure 10. Bode plots of the output impedance of the current-source-type BDC for different Z, values.

From the Bode plots in Figure 9, it can be seen that as the gain k gradually increases
from 0 to 1, the output impedance of the BDC at the frequency point increases accordingly.
This indicates that the gain k can regulate the BDC output impedance, thereby chang-
ing the magnitude of the harmonic current absorbed by the BDC. As can be observed
from Figure 10, as the virtual impedance Z, increases, the BDC’s equivalent harmonic
impedance at the selected frequency correspondingly increases. Consequently, the ripple
suppression capability is weakened, and the compensation current decreases. Therefore,
in practical design, Z, should not be chosen excessively large. Simultaneously, the phase
in Figures 9 and 10 remains consistently between —90° and 90°, demonstrating that the
impedance shaping process does not introduce abnormal phase characteristics.

According to the characteristic equation of the system output impedance, the loop
gain of the system can be obtained as

kZy Gy () Gps(s)
()= 75+ Gi(sp)

(10)
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The stability of the system is determined by the loop gain D(s). From Equation (10), it
can be observed that the poles of the loop gain are independent of k and Z,. First, the pole
distribution of D(s) is examined to evaluate the open-loop stability of the BDC; when all
poles of the transfer function D(s) lie in the left half of the complex plane, the open-loop
system is stable. Figure 11 shows the pole distribution of D(s); it can be observed that
there are no poles with positive real parts, indicating that the open-loop system is stable
under the selected parameters. From Figure 11 and the denominator term of Equation (10),
it can be seen that the factors affecting open-loop stability include only the bandwidth
of the resonant controller, the parameters of the current-loop controller, and the circuit
parameters of the BDC. Assuming the BDC component parameters (e.g., capacitance and
inductance) are properly designed, the open-loop stability condition is satisfied only when
the resonant-controller bandwidth is positive and the current-loop controller parameters
are appropriately selected; this premise always holds for the method proposed in this paper.

Enlarged view

15 T T T T T T T T T
P Determined by @, of the

resonant controllers

100° 100

50 50 Determined by oy, of the

high-pass filter

]
|
I_
Al
|
|
|

= 1
5 | o Y
o X 1 1 T 1 T i 0 I L
l I
| | [ (i
=3 Determjned by the inductor L | I - Determined| by the inductor L
and the K, and K, of the current and the K, and K] of the current
_100—loop | 1 _100—loop .
~
l. U~ X

_15 i I | | L i | i
—18,000 16,000 —14,000 —12,000 —10,000 -8000 —6000 4000 2000 0 -35 -30 -25 -20 -15 -10 =5 0 5

Figure 11. Pole map of D(s).

Therefore, within the variation range of k€ [0, 1], the system remains open-loop stable,
and no unstable poles are introduced, nor is stability compromised by tuning k. Meanwhile,
the bandwidth of the adaptive update channel for k is designed to be far lower than that of
the inner current loop, meaning that the variation in k is a slow-variable adjustment and
will not cause a “rapid gain jump” on the fast dynamic timescale dominated by the current
loop, thereby avoiding transient instability or a significant reduction in stability margin
due to fast gain variations.

2.4. Stability Analysis of the Proposed Strategy in a Parallel-Converter System

To analyze the stability of the proposed strategy in a parallel-converter scenario, a
parallel system consisting of a voltage-source BDC and a current-source BDC is constructed,
and the proposed strategy is applied to this system. The impedance model of the parallel
system is shown in Figure 12.

The control block diagram of the voltage-source BDC is shown in Figure 13.

Its equivalent output impedance is given by

Ls + Gj(s)

_ Hge
Zo(s) = —ip 14 Cs(Ls + G;(s)) + Gi(s)Go(s) w

The Nyquist criterion based on the impedance ratio T,(s) is an effective method
for assessing interaction stability between two subsystems in a cascaded network. If the
Nyquist plot of T},(s) encircles the point (—1, 0), the overall system becomes unstable. The
expression of Ty,(s) is given by
Z,(s)

Tuls) = Zpac(s)

(12)
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Figure 14 shows the Nyquist plots of Tj,(s) under the proposed strategy for k = 0, 0.25,

0.75, and 1. As observed in Figure 14, when k varies from 0 to 1, none of the Nyquist curves

of the parallel system encircle the point (—1, 0). Therefore, the choice of k within this range

does not compromise the system’s stability.
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Figure 12. Impedance model of the parallel system comprising a voltage-source BDC and a current-

source BDC.
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Figure 13. Control block diagram of the voltage-source BDC.
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3. Develop an Adaptive Gain Adjustment Mechanism

In practical engineering applications, converters are typically subject to constraints
such as power limits, current limits, modulation margin, and thermal losses. To explic-
itly associate the gain coefficient k with these constraints, this paper proposes a unified
design framework for an adaptive gain coefficient and introduces a capacity and current
boundary-based adaptive gain regulation mechanism, thereby enabling real-time shaping
and on-demand tuning of the equivalent harmonic impedance of the BDC. The proposed
framework exhibits good scalability, allowing new influencing factors to be incorporated
flexibly without changing the overall architecture. It mainly consists of four modules:
normalization and available margin calculation, piecewise-differentiable gating mapping,
multi-indicator geometric aggregator, and linear mapping. The detailed flowchart is shown

in Figure 15.
Acquisition of operating ;
variables Py, I« ** Weight scheduler

: Extensible influencing
| factors
I
I

m

Y
Normalization and available margin
calculation
Equation (13) : M, Equation (14) : M;

Multi-indicator geometric
aggregator -
Equation (17) : € =[] 5.,

Modulation margin
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Figure 15. Design flowchart of the adaptive gain coefficient k.

3.1. Normalization and Available Margin Calculation

First, dimensionless “available margin” indices M,, € [0, 1] are computed for various
constraint quantities to characterize the safety degree of the current operating point relative
to the rated limits. We take power and current available margins as examples.

The power availability margin is defined as

Pn_|Pb|

n

Mp = ,0< M, <1 (13)
where P, is the rated power of the device and P}, is the current active power (or power
command). Specifically, Py is obtained by multiplying the measured instantaneous DC bus
voltage and output current to compute the instantaneous power, and then applying a low-
pass filter to generate a smoothed estimate, so as to mitigate the influence of switching ripple
and measurement noise on the adaptive decision. When the output power approaches
the rated value, M, approaches 0, indicating that the power capacity is gradually being
exhausted; when the output is far below the rated power, M, approaches 1, characterizing
sufficient regulation space on the power side.
Similarly, the current availability margin is defined as

I — I
M;‘:M,OSMiﬁl (14)
ILmax

where [ 5« is the maximum allowable current and [} is the inductor current. Likewise, M;
decreases from 1 to 0 as the current constraint is gradually approached. Specifically, I, is
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obtained by applying a low-pass filter to the measured inductor current signal, so as to
reflect the available current margin and the proximity to the current constraint.

The filtering stages used to compute Pj, and I}, together with the update channel of k,
form a slow adaptive loop whose bandwidth is designed to be much lower than that of the
inner current loop. As a result, the adaptation does not introduce rapid gain jumps on the
fast time scale dominated by the current loop, thereby avoiding transient instability or a
significant reduction in stability margins caused by fast parameter variations.

3.2. Piecewise-Differentiable Gating Mapping

To effectively suppress chattering or abrupt changes near the threshold caused by
measurement noise or small perturbations, thereby preventing high-frequency switching
or oscillations of the gain k in the vicinity of the operating boundary, a smooth cubic gating
function S(x; xo, x1) is introduced to nonlinearly map the available margin:

0,x < xp
2 _
S(x;x0,x1) = (;j’o) (3—2;‘]7’;00),% <x<x (15)
1,x>x

where xg and x; are the thresholds at which the regulation starts to take effect and is fully
released, respectively. Within the interval (xg, x1), the function is a cubic smooth curve, and
both the function value and its first derivative are continuous at (xo, x1). This guarantees a
smooth transition of the tuning coefficient k and its rate of change, thus preventing control
chattering induced by small fluctuations in the margins.

For each available margin M, (such as M,, M;, etc.), a corresponding adjustable
margin factor S;, is obtained through the gating function

Sm = S(Mm, M0, My ) € [0, 1} (16)

The thresholds (0, 1,1 ) can be flexibly set according to the importance of each
physical quantity, thereby determining the start point and width of the transition region for
its regulation effect.

3.3. Multi-Indicator Geometric Aggregator

After obtaining the adjustable margin factors S;, for each constraint, they are combined
using a geometric-weighted form:

g=]ISu"" (17)

where &, > 0 is the weight exponent of each influencing factor, typically chosen such that
Y @m = 1, ensuring that the aggregated factor ¢ remains within [0, 1]. For example, when
considering only power and current available margins, one has

g = S(Mp;mpo, mp1)"" - S(Mj; mig, mjp )™ (18)

The proposed geometric weighting method exhibits excellent consistency, sensitivity,
and scalability. When any critical available margin is severely insufficient, causing the
corresponding S;, to approach 0, the weighted product g will decrease rapidly. This
makes the final regulation coefficient more sensitive to the “weakest link”, enabling the
timely reinforcement of protection or limiting actions. If other constraint factors, such
as modulation margin or thermal loss margin, need to be considered subsequently, it
is only necessary to define new M; and §;, following the same steps, and introduce the

https://doi.org/10.3390/en19030862
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corresponding SY term into the product, without altering the original control framework.
Meanwhile, by adjusting the weight coefficients «;,, the relative importance of different
constraints to system safety can be flexibly characterized based on engineering experience
or optimization results.

3.4. Linear Mapping

The comprehensive influence factor g is linearly mapped to the regulation coefficient
interval [kin, Kimax]:
k = Kkmax — (kmax - kmin)g (19)

Since g € [0, 1], it directly follows that
ke [kminr kmax] (20)

When the system operates with sufficient available margins, each M,, is large, resulting
in S;; =~ 1 and thus g approaches 1. In this case,

k ~ kmin (21)

At this point, the equivalent harmonic output impedance of the BDC is very small,
providing strong equivalent harmonic absorption capability for the DC bus. Conversely,
when certain constraints approach their limits and the available margin decreases, the
relevant S, decreases significantly, causing g to approach 0. It can be obtained that

k ~ kmax (22)

At this point, the regulation coefficient automatically increases, resulting in a larger
harmonic output impedance of the BDC and reduced harmonic absorption capability. This
forces the system operation to retreat towards the safe region, achieving adaptive protection
against operational risks under multi-constraint conditions.

In summary, this method constructs normalized available margins, employs smooth
gate functions for interval mapping, and utilizes geometric weighting to fuse multiple
influence factors. Ultimately, the comprehensive quantity g is mapped to the adaptive gain
coefficient k, flexibly altering the equivalent harmonic output impedance of the BDC.

3.5. Example of Extended Constraints

In practical PWM converters, the harmonic compensation path is implemented as an
auxiliary signal superimposed on the modulation waveform (or the duty-cycle command).
When the compensation demand becomes large, the modulation command may move
closer to the saturation boundary, which can induce overmodulation and nonlinear distor-
tion. Consequently, the achievable impedance-shaping capability is inherently bounded in
practice. To explicitly capture this engineering limitation and to enable an online constraint-
aware capping of the compensation strength, the modulation margin is introduced as an
illustrative constraint and incorporated into the unified framework.

For PWM modulation (or duty-cycle control), the unsaturated modulation command
is denoted as m*(t), and it is constrained within the admissible range [11,,,,uax]. Based on
this, a normalized index describing the available modulation margin, M,,,4(t), is defined as

(mmax_|m*(t)|

23
Mmax — Msgfe @)

Mmod(t) = satjg ]

where mg,, represents a reserved safety margin threshold selected to avoid pronounced non-
linear distortion when operating near saturation. With this definition, M,,,4(t) decreases as
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| m" ()| approaches 11y, indicating an insufficient modulation margin; conversely, M,;;,;(t)
remains close to unity when | m' ()| is well below My, indicating a sufficient margin.

To prevent abrupt variations and potential chattering when the operating point is
close to the margin boundary, M,,,;(f) is further transformed into a modulation margin
factor, S;;04, through a smooth gating function:

Smod = S(Mmod) (24)

The gating function S(M,,,,4) can adopt the cubic smooth form used in the unified
framework, ensuring consistency with the gating design applied to the power and current
margin constraints.

Subsequently, the modulation margin factor is incorporated into the multi-indicator
geometric aggregation to form the composite influence factor g:

g=[1Su" = g =8, S}igumed (25)
m

where «,,,; > 0 denotes the weighting exponent associated with the modulation margin
constraint and reflects its relative importance. The established linear mapping from g to
k over the range [k, kimax] is preserved. Under a reduced modulation margin, the value
of M,,04(t) becomes smaller, which leads to a smaller S,,,; and consequently a smaller
aggregated factor g. In this case, the coefficient k is adaptively increased, which raises the
equivalent harmonic impedance and weakens the participation of harmonic compensation.
In this way, the proposed formulation provides an explicit, constraint-aware cap on the
compensation strength and helps avoid overmodulation and saturation.

The online computation of the modulation margin index typically requires no addi-
tional sensors and primarily relies on controller-internal variables and routinely measured
signals. Specifically, the controller can directly provide the modulation command ' (t), the
corresponding limits 11,5, and m,,;,,, and the safety threshold Mafe determined by engineer-
ing settings. If a formulation based on the modulation index and DC bus voltage is adopted,
the DC bus voltage u;. (which is normally sampled) and the relevant normalization base
values or per-unit scaling factors of the modulator may also be used. These signals support
a complete online closed-loop procedure that sequentially performs margin evaluation,
smooth gating, multi-indicator aggregation, and coefficient update, thereby integrating
modulation margin constraints into the unified framework.

4. Simulation and Experimental Verification

To verify the effectiveness and practical feasibility of the proposed adaptive harmonic
impedance control and flexible compensation strategy, a simulation model of a DC micro-
grid with two parallel-connected BDCs is first established in Matlab/Simulink based on
the parameters listed in Table 2, as shown in Figure 16. Here, Uj,r denotes the reference
voltage of the DC bus; U, is the reference voltage on the high-voltage side of the BDC;
Cp and L, are the BDC filter capacitor and filter inductor, respectively; Py, is the rated
power of the BDC; my and 1, represent the lower and upper limits of the available power
margin, respectively; R, is the resistance of the single-phase AC load; P, is the rated
power of the single-phase AC load; Cy is the DC-link filter capacitor; fs, and f; are the
switching frequency and sampling frequency, respectively; Uy is the reference voltage
of the single-phase AC output; fy is the rated frequency of the single-phase AC load; and
Cac and Lac are the AC-side filter capacitor and filter inductor, respectively (used in the
AC-side filtering stage). In this setup, BDC 1 adopts voltage source control to establish
and regulate the DC bus voltage, whereas BDC 2 employs current source control and
incorporates the proposed strategy to provide harmonic compensation capability. It should
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be noted that the proposed harmonic mitigation method is applied only to BDC 2, while
the control strategy of BDC 1 remains unchanged.

Table 2. System parameters.

Symbol Value Symbol Value
Uacref 350V Uy 500 V
Cp 500 pF Ly 300 uH
Py, 8 kW Mo 0.1
mMp1 0.3 Pﬂd 8 kW
Rye 6.05 Q) Cic 1000 uF
fow 10 kHz fs 20 kHz
Uacref 220V fac 50 Hz
CIZC 25 HF Lac 300 ]JH

Converter

A —{mcims]

—_— Ca ‘

Figure 16. System simulation structure.

In the simulations, harmonic currents at 20 Hz, 50 Hz, 100 Hz, and 150 Hz are injected
into the DC bus to emulate random fluctuations of the AIDC load, where the selection of
these frequency points is justified as follows:

(i)  Public engineering analyses indicate that large-scale Al training loads, due to the syn-
chronized “computation-communication” iterations of GPU clusters, exhibit second-
scale low-frequency power swings whose spectral energy can extend over approx-
imately the 0.1-20 Hz band [35,36]; thus, 20 Hz is chosen as a representative point
within this low-frequency disturbance range to cover relatively faster components
and to evaluate the adaptive harmonic suppression capability of the proposed method
under different compensation strengths.

(ii) In practical AIDC power-supply chains, power electronic interfaces such as UPSs,
PFC stages, and inverters may couple the AC-side fundamental frequency-related
disturbances and their integer-multiple-related components into the DC side [37,38].
When the DC bus supplies a single-phase AC load through an inverter, a typical
double-line-frequency ripple appears on the DC side; moreover, among low-order har-
monics, the third harmonic corresponds to 150 Hz in a 50 Hz system and is commonly
observed in scenarios involving nonlinear loads such as computers/UPSs [39].

This set of frequency points is selected for representative validation. The proposed con-
trol framework is not limited to these specific frequencies; in practical applications, it can be
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extended and its parameters can be tuned according to the measured harmonic/disturbance
spectra on site. Accordingly, the above-outlined injected frequency components are used to
evaluate the harmonic suppression performance and adaptive regulation capability under
different compensation strengths and operating conditions.

4.1. Simulation Results Analysis

Without the proposed control strategy, the DC bus voltage ripple amplitude is 27.4 V,
and the voltage THD is 3.06%. The ripple current mainly flows into BDC 1 with an
amplitude of 71.5 A, whereas the ripple current of BDC 2 is only 7.7 A (see Figure 17). This
is because, in a paralleled converter system, the sharing of harmonic currents is mainly
determined by the closed-loop output impedances of the branches, and ripple currents
tend to flow into the branch with the smaller output impedance. In the low-frequency
range of interest, the closed-loop output impedance of the current-source-type converter
BDC 2 is much higher than that of the voltage-source-type converter BDC 1. Therefore, the
harmonic current primarily flows into BDC 1, which has the smaller closed-loop output
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Figure 17. Simulation results and FFT analysis without the proposed compensation strategy. (a) DC
bus voltage and BDC current waveforms without the proposed compensation strategy. (b) FFT
analysis of DC bus voltage without the proposed compensation strategy.
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4.1.1. Harmonic Suppression Performance

When k = 0, the equivalent harmonic output impedance of the BDC 2 approaches
zero and is much smaller than the output impedance of BDC 1, so BDC 2 assumes the
main harmonic current compensation. At this time, the bus ripple amplitude drops from
274V to 8.4V, voltage THD drops from 3.06% to 0.89%, and BDC 1 ripple current drops
from 71.5 A to 19.3 A, while the ripple current of BDC 2 increases from 7.7 A to 56 A (see
Figure 18), demonstrating an extremely strong ripple suppression effect.
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Figure 18. Simulation results and FFT analysis with the proposed compensation strategy (k = 0).
(a) DC bus voltage and BDC current waveforms with the proposed compensation strategy (k = 0).
(b) FFT analysis of DC voltage with the proposed compensation strategy (k = 0).

To demonstrate the steady-state suppression performance, Figure 19 presents the
simulated waveforms obtained using the frequency-selective control strategy in [26]. As
shown, the DC bus voltage ripple is reduced from 27.4 V to 10.5 V, and the voltage THD
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decreases from 3.06% to 1.19%. Since the frequency-selective control reduces the output
impedance of BDC 2, most of the ripple current is guided to the BDC 2 branch. As a result,
the ripple current of BDC 1 is reduced from 71.5 A to 25.1 A, while the ripple current
absorbed by BDC 2 increases from 7.7 A to 48.7 A.
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Figure 19. Simulation results for comparison using the previous control method reported in [26].

To further compare the implementation performance of the proposed strategy with the
method in [26], Figure 20 presents a quantitative comparison of key metrics for different
methods with respect to the conventional current-source control baseline. The metrics
include the bus-voltage ripple amplitude, voltage THD, and the peak-to-peak current of
BDC 1. As shown in Figure 20, the proposed strategy achieves better improvement in all

the above metrics than the method in [26].
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Figure 20. Comparison results of various performance metrics between the proposed method and

the method in [26].
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When k = 0.5, the BDC 2 equivalent harmonic impedance increases moderately. The
bus ripple amplitude rises to 12.9 V, THD is 1.45%, and the BDC 1 ripple current amplitude
rises to 29.4 A (see Figure 21). Results indicate that as gain k increases, harmonic absorption
capability weakens, and bus power quality declines accordingly.
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Figure 21. Simulation results and FFT analysis with the proposed compensation strategy (k = 0.5).
(a) DC bus voltage and BDC current waveforms with the proposed compensation strategy (k = 0.5).
(b) FFT analysis of DC voltage with the proposed compensation strategy (k = 0.5).

When k = 0.8, the output impedance of BDC 2 becomes close to that of BDC 1, but it
remains smaller than the output impedance of BDC 1. The bus ripple amplitude is 19.4 V,
THD is 2.22%, and the BDC 1 ripple current amplitude is 47.8 A (see Figure 22). Although
compensation capability is markedly reduced, the overall performance remains superior to
the baseline condition without the compensation strategy.
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Figure 22. Simulation results and FFT analysis with the proposed compensation strategy (k = 0.8).
(a) DC bus voltage and BDC current waveforms with the proposed compensation strategy (k = 0.8).
(b) FFT analysis of DC voltage with the proposed compensation strategy (k = 0.8).

4.1.2. Dynamic Adaptive Adjustment Performance

To further verify the online regulation capability of the proposed adaptive mechanism
under varying available capacity, a step change in the output power of BDC 2 is set.

Power Surge (t = 5 s): The system initially operates in strong compensation mode
(k =0), with bus voltage THD maintained at 0.89%. At f =5 s, a sudden increase in
BDC 2 output power causes the power available margin to decrease. The adaptive mecha-
nism drives k to rise smoothly from 0 and stabilize at 0.38 (Figure 23b). Correspondingly,
the converter’s equivalent harmonic impedance increases, the compensation current is
actively limited, and the bus ripple amplitude increases from 8.4 V to 10.5 V, with THD
rising to 1.17% (Figure 23a). This process demonstrates that when the converter’s power
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available margin is insufficient, the controller prioritizes ensuring the converter does not

overcurrent or overload at the cost of sacrificing some power quality, achieving dynamic

matching between compensation capability and available capacity.
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Figure 23. Simulation results and variation curve of gain coefficient k when BDC 2 output power
increases at t = 5 s. (a) DC bus voltage and BDC current waveforms when BDC 2 output power
increases at f = 5 s. (b) Variation curve of gain coefficient k when BDC 2 output power increases at

t=>5s.

Power Drop (t = 5 s): The system runs in semi-compensation mode with k = 0.54, and
bus voltage THD is 1.59%. Att =5 s, a sudden decrease in BDC 2 output power causes the
power available margin to increase. The adaptive mechanism drives k to decrease smoothly
from 0.54 and finally fall back to 0 (Figure 24b). After compensation capability is enhanced,
the bus ripple amplitude drops from 14.2 V to 8.4 V (Figure 24a). This result indicates that
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when device capacity is sufficient, the proposed method automatically enhances harmonic
absorption capability, unifying power quality improvement with margin utilization.
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Figure 24. Simulation results and variation curve of gain coefficient k when BDC 2 output power
decreases at t =5 s. (a) DC bus voltage and BDC current waveforms when BDC 2 output power
decreases at t = 5 s. (b) Variation curve of gain coefficient k when BDC 2 output power decreases at
t=5s.

To highlight the advantage of the proposed method over the impedance-shaping
approach in [26] (which uses a fixed gain to reduce the output impedance of BDC 2), the
output power of BDC 2 is increased at f = 6 s in the simulation. As shown in Figure 25a,
because a fixed gain is used in [26], the output impedance remains constant, and the
peak value of the absorbed harmonic current is also fixed. When the active current is
superimposed with the harmonic current, the inductor current can easily reach the current
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limit and trigger overcurrent protection. In contrast, as shown in Figure 25b, the proposed
method automatically computes the current margin and adaptively increases k when the
current is about to hit the limit (see Figure 25c), thereby increasing the output impedance
of BDC 2 and reducing the absorbed harmonic current.
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Figure 25. Simulation results comparing the method in [26] and the proposed method, and the
variation curve of the gain coefficient k when the output power of BDC 2 decreases at t = 6 s. (a) DC
bus voltage and BDC current waveforms using the method in [26] when the output power of BDC 2
decreases at t = 6 s. (b) DC bus voltage and BDC current waveforms using the proposed method
when the output power of BDC 2 decreases at t = 6 s. (¢) Variation curve of gain coefficient k when
BDC 2 output power increases at t = 6 s.

4.2. Experimental Results Analysis

To further validate the engineering applicability of the proposed method, experiments
are conducted on a hardware platform, with the experimental parameters kept consistent
with the simulation settings. Since the random fluctuations of an AIDC load are difficult
to reproduce in a laboratory environment, a single-phase load is connected to the DC bus
through an inverter to intentionally introduce a second-harmonic voltage ripple on the bus,
thereby verifying the effectiveness of the proposed strategy. Figure 26 illustrates the config-
uration of the experimental platform, where the core control algorithm is implemented and
executed in real time on a TI TMS320F28376S digital signal processor (DSP) manufactured
by Texas Instruments (Dallas, TX, USA).

From Figure 27, without the proposed control strategy, the DC bus voltage ripple
amplitude is 28 V, and the voltage THD is 4.14%; the ripple current mainly flows into
BDC 1, with the BDC 1 ripple current amplitude at 26 A and BDC 2 at 13.7 A.

4.2.1. Harmonic Suppression Performance

From Figure 28, when the proposed strategy is introduced with k = 0, the DC bus
voltage ripple amplitude is suppressed to 4 V, the BDC 1 ripple current amplitude is
suppressed to 5.6 A, the BDC 2 ripple current amplitude increases to 44 A, and the voltage
THD decreases to 0.76%. Experimental results verify that BDC 2’s equivalent harmonic
impedance approaches zero at this time, presenting ideal voltage source characteristics and
demonstrating extremely strong ripple suppression effects.
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Figure 27. Experimental waveforms and FFT analysis without the proposed strategy. (a) Waveforms
of DC bus voltage, BDC output current, and single-phase AC load current without the proposed
strategy. (b) FFT analysis of DC bus voltage without the proposed strategy.
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Figure 28. Experimental waveforms and FFT analysis with the proposed strategy (k = 0). (a) Wave-
forms of DC bus voltage, BDC output current, and single-phase AC load current with the proposed
strategy (k = 0). (b) FFT analysis of DC bus voltage with the proposed strategy (k = 0).

From Figure 29, when k increases to 0.5, the converter’s equivalent harmonic
impedance increases moderately. DC bus voltage ripple amplitude rises to 8 V, voltage THD
increases to 1.26%, BDC 1 ripple current amplitude rises to 8.7 A, and BDC 2 ripple current
amplitude decreases to 41.6 A. Experimental results show that as k increases, harmonic
absorption capability weakens, and bus power quality declines.

From Figure 30, when k = 0.9, the converter approaches a high-impedance state,
and its suppression effect on bus harmonics weakens. Bus ripple amplitude increases to
20V, voltage THD increases to 3.1%, BDC 1 ripple current amplitude rises to 19.7 A, and
BDC 2 ripple current amplitude decreases to 20.4 A. Experimental results indicate that
although compensation capability is significantly reduced, the overall performance is still
better than the baseline condition without compensation.
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Figure 29. Experimental waveforms and FFT analysis with the proposed strategy (k = 0.5). (a) Wave-
forms of DC bus voltage, BDC output current, and single-phase AC load current with the proposed
strategy (k = 0.5). (b) FFT analysis of DC bus voltage with the proposed strategy (k = 0.5).

4.2.2. Dynamic Adaptive Regulation Performance

Figures 31 and 32 show experimental results under a sudden increase and decrease in
BDC 2 output power, respectively, verifying the online regulation capability under varying
available capacity.

From Figure 31, when the BDC 2 output current is 5 A with the proposed strategy,
BDC 2 has maximum remaining capacity and the lowest equivalent harmonic impedance.
When the bus ripple amplitude is suppressed to 4 V, THD decreases to 0.76%, the ripple
current into BDC 1 decreases to 5.6 A, and the ripple current absorbed by BDC 2 increases
to 44 A. When the BDC 2 output current is suddenly increased to 15 A, BDC 2 adjusts its
equivalent harmonic output impedance according to remaining capacity. At this point, the
ripple voltage amplitude increases to 12 V, THD increases to 1.91%, the ripple current into
BDC 1 increases to 8 A, and the ripple current absorbed by BDC 2 decreases to 35.4 A.

From Figure 32, when the BDC 2 output current is 15 A with the proposed strategy,
BDC 2 adjusts its equivalent harmonic output impedance according to the remaining
capacity. When the bus ripple amplitude is suppressed to 8.1 V, THD decreases to 1.36%,
the ripple current into BDC 1 decreases to 7.2 A, and the ripple current absorbed by BDC 2
increases to 39.8 A. When the BDC 2 output current is suddenly decreased to 5 A, BDC 2
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has the maximum remaining capacity and the lowest equivalent harmonic impedance. At
this point, the ripple voltage amplitude is further reduced to 4 V, THD decreases to 0.76%,
the ripple current into BDC 1 decreases to 5.6 A, and the ripple current absorbed by BDC 2
increases to 44 A.

Experimental results demonstrate that when the converter’s available capacity is
restricted, the proposed strategy prioritizes ensuring that the converter does not overcurrent
or overload at the cost of sacrificing some power quality; when the converter’s available
capacity is sufficient, the proposed method automatically enhances harmonic absorption
capability, thereby achieving dynamic matching between compensation capability and
available capacity.

Due to the limitations of the experimental setup, the experiments in this paper mainly
validate the DC bus power-pulsation condition caused by a single-phase load. To com-
plement operating conditions that are difficult to realize on the current test bench, the
simulation study further considers a harmonic source composed of multiple superimposed
frequency components for a more comprehensive evaluation.
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Figure 30. Experimental waveforms and FFT analysis with the proposed strategy (k = 0.9). (a) Wave-
forms of DC bus voltage, BDC output current, and single-phase AC load current with the proposed
strategy (k = 0.9). (b) FFT analysis of DC bus voltage with the proposed strategy (k = 0.9).
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5. Conclusions

Addressing the issues of DC bus voltage ripple and power quality degradation caused
by the stochastic fluctuation of Al computing loads, this paper proposes an adaptive
harmonic impedance control and flexible compensation method. The main conclusions are
as follows:

(1) A virtual impedance control architecture combining bus voltage feedforward and
output current feedback is constructed. Without relying on extremely high gains or
narrow-band resonant links, controllable harmonic output impedance in the target
frequency band is achieved through virtual impedance reshaping.

(2) An adaptive adjustment mechanism considering converter capacity and current
boundaries is established. By monitoring the power margin and current margin
in real-time and dynamically adjusting the gain coefficient k, on-demand shaping of
the BDC’s equivalent harmonic impedance is realized.

(3) Simulation and experimental results verify that the proposed method can smoothly
transition between “strong compensation/low impedance” and “weak compensa-
tion/high impedance” modes according to the converter’s operating state. This
method not only effectively suppresses voltage ripples under steady-state conditions
but also automatically limits compensation intensity under extreme conditions, achiev-
ing a good balance between improving power quality and ensuring system stability.

At present, the proposed method targets a control improvement for a single con-
verter, and its applicability and performance in multi-converter systems remain to be
further validated.
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Abstract

This article introduces an integrated control scheme combining an Adaptive Extended
Kalman Filter (AEKF) with a Passivity-Based Control (PBC) approach to stabilize a DC-DC
boost converter feeding both constant voltage and constant power loads (CPLs) in DC
microgrids. Unlike conventional observers, the AEKF adapts its covariance matrices in real
time to accurately estimate both system states and the unknown load dynamics introduced
by CPLs, thereby eliminating the need for additional sensors and enhancing estimation
convergence. Coupled with the PBC, the estimated disturbances are compensated via a
feedforward path, significantly improving the system’s resilience to input voltage fluctu-
ations and load variations. Through a Lyapunov-based stability analysis, the combined
strategy is proven to ensure large-signal stability while maintaining a rapid transient re-
covery profile, even under significant parametric uncertainties. The simulation of this
algorithm was implemented using PLECS, thoroughly validating the effectiveness and
robustness of the proposed method.

Keywords: DC-DC boost converter; Extended Kalman Filter; DC microgrids; constant
power loads; passivity-based control

1. Introduction

In recent years, amid the technological evolution of power systems, DC microgrids
have emerged as a promising integrated architecture incorporating renewable energy
sources, DC loads, and energy storage systems. Compared to their AC counterparts,
DC microgrids offer distinct advantages, including a simpler structure, relatively lower
control complexity, and the absence of reactive power and phase-related issues [1-3]. Their
distributed control schemes further contribute to enhanced response speeds. Within the DC
microgrid framework, the DC-DC boost converter is a critical component, necessitating high
bidirectional energy conversion efficiency [4-6]. Consequently, developing novel control
strategies for Boost converters that account for the influence of constant power loads (CPLs),
mitigate disturbances, and enable rapid voltage regulation is of paramount importance.

Power electronic loads in DC microgrids are primarily categorized into resistive
loads and constant power loads. Resistive loads, due to their passive nature, introduce
positive damping into the system [7-9]. In contrast, CPLs, which maintain constant power
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draw, exhibit negative impedance characteristics at their input terminals. This negative
impedance interaction with other system converters can reduce overall system damping,
compromise stability, and introduce oscillation risks [10-13]. The increasing penetration
of renewable energy sources further exacerbates these stability challenges posed by CPLs.
Power system stability analysis is typically divided into large-signal [14-18] and small-
signal [19-21] stability, based on operating scenarios and disturbance magnitudes, with
current research predominantly focused on the latter. Primary mitigation strategies include
passive damping [20,21], which adds passive components to improve damping directly but
increases cost and weight, counter to lightweight trends; and active damping [22,23], which
modifies the control structure to reshape system impedance. However, active damping is
often limited to linearized small-signal models around an equilibrium point, restricting
its applicability.

Given the inherent nonlinearity of power electronic converters and the negative
impedance of CPLs, employing nonlinear control strategies is essential to enhance the
global stability of DC microgrid systems. To improve converter stability, nonlinear control
methods such as Passivity-Based Control (PBC) [24], Back-stepping Control (BSC) [25],
Model Predictive Control (MPC) [26], Sliding Mode Control (SMC) [27], and PWM-based
nonlinear control [28] have been progressively applied. However, challenges remain in
improving output voltage tracking accuracy and system efficiency, leading to extensive re-
search on combined control strategies. The Back-stepping Control method proposed in [29]
is an effective nonlinear approach for enhancing tracking precision and system efficiency,
but it requires accurate estimation of system uncertainties and disturbances to minimize
tracking error. Observer technology, particularly the Nonlinear Disturbance Observer
(NDO) [24], offers a promising solution for estimating disturbances without additional sen-
sors, providing effective disturbance rejection and uncertainty compensation in nonlinear
systems. For instance, ref. [30] employed an NDO combined with Back-stepping Control to
enhance the large-signal stability of a conventional Boost converter system. While these
strategies effectively ensure large-signal stability, their high dependency on accurate sys-
tem modeling makes them susceptible to inevitable steady-state deviations under random
source and load disturbances. Integrating compensation loops at relevant stages can reduce
or eliminate these deviations, but often at the expense of dynamic response speed.

To address the aforementioned challenges, this paper proposes a Passivity-Based
Control (PBC) method for DC-DC converters based on an Adaptive Extended Kalman
Filter (AEKF). This approach not only significantly enhances the large-signal stability and
robustness of the system but also incorporates precise current limiting control and rapid
voltage regulation capabilities, thereby effectively ensuring the stability and reliability
of DC microgrids under various complex operating conditions. The proposed control
methodology primarily integrates PBC with Kalman filtering techniques. Firstly, an AEKF
is designed for the real-time and accurate estimation of time-varying system parameters,
notably load power and input voltage. Subsequently, an adaptive PBC technique, utilizing
the state variables estimated by the filter, is developed to control the DC-DC boost converter
with a CPL. Furthermore, the design of the proposed nonlinear control loop circumvents
the difficulties associated with obtaining nominal parameters and performing complex
multi-degree-of-freedom parameter tuning inherent in traditional methods, resulting in a
relatively simple and practical control structure.

2. System Modeling and Problem Formulation

The object of this study is a typical DC microgrid architecture and its equivalent circuit,
depicted in Figure 1. This system features a source bus that is intricately connected to a
diversified array of power generation and storage technologies through appropriate power
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electronic interfaces. These include intermittent renewable sources like photovoltaic arrays
and wind turbines, dispatchable generators, battery energy storage systems (BESS), and
a point of common coupling to an external AC grid via an AC-DC converter. This multi-
faceted integration strategy empowers the source bus to dynamically and flexibly draw
power from the most available or economical sources, thereby significantly enhancing the
overall reliability, resilience, and operational adaptability of the microgrid. The system’s
energy management system (EMS) employs sophisticated optimization algorithms to coor-
dinate power flows, ensuring optimal utilization of renewable resources while maintaining
the state of charge of the BESS for grid support services.

PV panel  Wind Turbine ESSs AC Grid

@ :\i//L E @ 3 ¥

¥ ¥
DC-DC g AC-DC DC-DC y y
— @ Ac-pC
Source Bus
@ Boost Converter
Load Bus
DC-AC DC-DC DC-DC Source Bus Load Bus

& & &
=l &=

AC Loads RLs CPLs

Figure 1. Typical DC microgrid architecture and its equivalent boost circuit.

A pivotal component in this architecture is the DC-DC boost converter, which inter-
faces the source bus with the load bus. Its primary function is twofold: first, to ensure
precise and stable voltage regulation on the load bus, which is fundamental for high-quality
power delivery; and second, to efficiently step up the variable, often lower voltage from
the source side to a higher, regulated voltage level required by the loads. The converter’s
design must account for wide input voltage variations characteristic of renewable sources,
necessitating advanced control techniques to maintain stability across the entire operating
range. The performance of this converter is therefore critical, demanding high conversion
efficiency and robust control capabilities to maintain a continuous and stable power supply
under varying generation and consumption scenarios. Its dynamic response must be suffi-
ciently fast to mitigate disturbances propagating through the system, particularly those
originating from load-side perturbations.

The load bus supplies power to a mix of load types, primarily categorized into resistive
loads and CPLs. Resistive loads present a linear relationship between current and voltage,
contributing naturally to system damping and stable operation. In stark contrast, CPLs,
such as tightly regulated power electronic converters found in electric vehicle charging
stations, server farms, and variable-speed drive systems, maintain a constant power draw.
This behavior manifests as a negative impedance characteristic at their input terminals,
meaning an increase in input voltage results in a decrease in input current. This negative
impedance introduces non-linearity and can significantly degrade system damping through
positive feedback mechanisms. The interaction between this negative impedance and the
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source-side converters can lead to voltage oscillations, instability, and even system collapse,
presenting a major challenge for DC microgrid stability. This instability phenomenon
is further exacerbated in cascaded converter systems, where the impedance interaction
between source and load converters can create forbidden operating regions. Consequently,
the design and implementation of sophisticated, robust control strategies for the interface
DC-DC converter are not just beneficial but imperative to mitigate these destabilizing
effects and ensure the stable, reliable, and efficient operation of the entire DC microgrid
system. Advanced control methodologies must incorporate both large-signal stability
guarantees and adaptive capabilities to handle the time-varying nature of modern load
profiles.

A mathematical model of the DC-DC boost converter needs to be established to serve
as the foundation for subsequent controller design and stability analysis [31]. Without loss
of generality, and assuming continuous conduction mode, the average dynamic model of
the DC-DC boost converter can be represented by the following state-space equations:

p
Lyt =E-(1-wo 1)
Cot = —pip— % — =5k

where L, C, E, v, i1, 4, R, and Pcp| represent the inductance, output capacitance, input
voltage, output voltage, inductor current, switching duty cycle, resistive load, and constant
power load of the DC-DC boost converter, respectively. Furthermore, the input voltage and
the power of the constant power load are state variables that require estimation.

This model captures the essential nonlinear dynamics of the system. The term Pg—f[*
explicitly embodies the negative impedance characteristic of the CPL, as the current it
draws decreases with increasing voltage. It is crucial to note that within the context of
the proposed control strategy, the power of the constant power load Pcp; are treated as
unknown time-varying parameters or state variables that require real-time estimation for
precise control synthesis.

3. Adaptive Extended Kalman Filter (AEKF) and Stability Analysis
3.1. Adaptive Extended Kalman Filter (AEKF)

To accurately estimate the state variables using an Extended Kalman Filter, the dy-
namic model (1) is rewritten and can be expressed in the kinetic form of state-space
representation as [32]:

@

x = Sx +dp + BE
Yy =hx

T
In Equation (2), the state variable matrix is x = [i L 0o

E is the input voltage, S is the system matrix, B is the input matrix, d is the nonlinear
term matrix, & is the output matrix, y is the output quantity, and p is the influence factor
based on the capacitor voltage. Then:

],d_ lf,)%%},h_ [1 1} 3)

p= @)

Based on the proposed Extended Kalman Filter method, the power of the constant
power load needs to be considered as one of the state variables and added to the state-space
expression, resulting in a new state variable matrix:
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Xaekf = [%} ®)

Due to the power characteristics of the constant power load, it follows that P equals 0.
At this point, the state variable matrix becomes:

Xaekf = [%} :f(xuekf/u(t)) (6)

where u(t) is the time-varying system input, and f is a function of u(t) and x,cxf, repre-
senting the Euler equation of the dynamic model after incorporating the output power into
the state variable matrix. Furthermore, the output of the EKF algorithm is updated based
on changes in the state variables:

y=wmﬁ @

After adding noise, the new form of the equation set is obtained, w and v can be
considered as Gaussian white noise with zero mean. Their covariance matrices are de-
noted as Q and R, respectively, and their specific values need to be specified by the user
during application. The state noise Q can be determined through adaptive training, while
the observation noise is generally related to sensor accuracy. The following equations
are obtained:

{ J.Caekf = f(xuekf/u(t)) tw (8)
Y = hxger ft+v

Discretization is performed using the Euler method:

{ Xekfk+1 = Xaekfk + Tsf (xaekf,k/”(t>k) + wi ©)

Yk = [h|0]xaekf,k + vk

where f (xaukf,k,u(t) k) represents the system dynamic model at time k, and T is the

sampling time. The nonlinear function f (xaukf,k,u(t) k) is incompatible with the EKF.
Instead, its Jacobian, given in (10), is employed within the EKF algorithm.

PO

k= 0% aeki (Raeke Uk k) (10)

Here, £,ck¢x denotes the parameter estimated by the EKF at the k-th step. The term

ftaag ik Tepresents the dynamic model utilizing these estimated values. As a result, for

the initial values of £y, po, Ry, and Qp, the EKF algorithm consists of two stages: the time
update and the measurement update, as given below.

fe;ekf,k = Tsf(faekf,k—lz uk_l) + faekf,k—l
Pk = Fi_1Paekik—1F | + Qk1 (1)
Qk = /\Qk*l + (1 — /\) (Kaekf/kdaEkfrkdz;ekf,szekf,k)

Kaekk = Paokt i (HkP;ekf,kaT + RK) B

Raektk = Kiaekf (v — H f;ekf,k) + Xoekik (12)
Packik = (I = KiaektHi) Poer

R = AR+ (1= A) (Saekf,k‘SZekf,k + Hypoae n HY )

The calculations for e,exs x and d,eks k are as follows:
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dexik = [k — HE g4
ik = Fep T Kektrdexik (13)
cath = s

In the proposed algorithm, the prediction step prior to measurement utilization yields
the predicted state £, £ and its covariance P, £ computed via the dynamic model

f (fﬂck Fk—1s uk,l) . Following the measurement update, these are refined to the estimated
state £;ck x and covariance Pyerrr. The update magnitude is governed by the EKF gain
Kackf k- A forgetting factor A(0 < A < 1) is introduced to weight previous estimates, where
a larger A increases this influence. This factor directly modulates Ry, inducing adaptive
time delays to compensate for changes. The linearized system is subsequently derived

as follows: 5
Fk — I + TS f(xaekf,kr uk) (14)
OXaekf k
The Jacobian matrix F; is computed as af(gﬂcw for all state variables, where

Xackf k
f (xﬂck f ks uk) is the dynamic model and [ is the identity matrix.

Ultimately, the AEKF algorithm processes the measured current i; and voltage vc
to estimate the Constant Power Load (CPL) power D from the state vector £, k- This
estimated power is then fed directly into the PBC controller. A key advantage of this
method is its ability to accurately estimate CPL power, thereby eliminating the need for
dedicated power sensors. This reduction in hardware not only lowers system cost but also
inherently increases robustness against measurement noise. Furthermore, the proposed
AEKEF eliminates the need for trial-and-error in tuning the covariance matrices.

3.2. Stability Analyzes

The stability of the Adaptive Extended Kalman Filter (AEKF) estimation error is
analyzed as follows [23]. Beginning with the state prediction and update equations omitting
Euler expansion:

Je,;zkf,k = f(faekf,kfll Mk—l)

. - . (15)
Raekfk = Raor e T KiH (Xaeksk = Laerr )

The dynamic error is defined as e; = Xgexfx — £, £k Applying Taylor’s expansion
and grouping high-order terms into ¢y, the error dynamics are linearized as:

e = (Ax—1 — KkHA1)ep—1 + ¢ (16)

To assess exponential behavior, consider a Lyapunov function v(g;) bounded by
Ci |l e IP< v(ex) < Co || & ||> If its difference Av(er) < —Cs || & || for positive
~=T ~m
constants C1, Gy, C3, and the inequality Fy, P~ P <(1- 'y)Pk__l1 holds, then the system is
exponentially stable, satisfying || e | < B || €0 || 7 for B > 0,0 < < 1.

4. Passivity-Based Control (PBC) and Stability Analysis
4.1. Adaptive PBC

Adaptive Passivity-Based Control Voltage Loop: To facilitate the design of the
passivity-based controller, the state-space model (1) is expressed in the following

matrix form:
HX+[G+R(x)|X=T (17)
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In the equation, H is the transient quantity in the passivity-based controller, X is the
state variable matrix in the passivity-based controller, I' is the input voltage matrix in
the passivity-based controller, G is the voltage transformation coefficient matrix in the
passivity-based controller and R(x) is the system impedance.

()-EeG 6,

_( 0 (1 —p) _ 0
G((ly) 0 )’R(x) 0 (k+"F)

Obviously, G = —GT, R = RT. Equation (17) satisfies the characteristics of the
Euler-Lagrange model, providing a model basis for the design of the passivity-based
controller. The design of the passivity-based control voltage loop is divided into two stages:

(1) Energy Shaping Stage: Using X = X+X, for transformation, (17) can be
reshaped into

HX+[G+R(x)|X =T — (HX,pL [G+R(xd)]Xd) (19)

In the above equation, X; and X represent the reference value and the disturbance
value of X, respectively, where R(xy,) is the actual system impedance matrix, and R(x;) is
the reference value of the system impedance at the equilibrium point.

(2) Damping Injection Stage: This stage modifies the system dissipation function by
injecting the virtual damping matrix RyX into both sides of (3), which can be expressed as

HX+ [G+R,)X =T — (HXd—f— G+ R(xy)|Xa —RVX) (20)
RlV 0 RlV 0 0 0
Ry = , R(xg) = 1, Pepr |- Rp = R(xm) + Ry = P (21)
(0 ) CoREE)T T 0 (Rt k- m)

To ensure that the system with the injected virtual damping matrix satisfies Lyapunov
stability, thus possessing a globally stable equilibrium point for the system (X = 0). The
system’s energy function is selected as follows:

W(X) = 05X HX (22)

Then, the time derivative of the energy function (22) can be expressed as

3

Ty

X
X'(r— HXd +[G+R(x4)]Xs — RvX) — [G+ RP}X) (23)
x'(r -

HX; + [G + R(x4)] X4 — RyX ) ~X"R,X
To ensure global stable convergence of the system, the injected virtual damping

W(X)

coefficient Ry should make all elements of the matrix R, positive. Under this premise, the
control law for the passivity-based control voltage loop can be designed as

r— (HXd—i— (G + R(x)] Xy —RVX) —0 (24)

Although the control law for the passivity-based control voltage loop obtained from
Equation (24) can operate with multiple rated parameters, the randomness and time-
varying nature of source and load side parameters can lead to steady-state deviations from
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the control objective. Therefore, substituting the estimated values of output power from
AEKEF into (24) can be expressed as

Z)zref
RE

. o pCpL _ Uref
"Lref = 7F T RyE

(00 — Z’ref) + (25)

Based on the inherent properties of the converter and Equation (24), the control result
for the switching duty cycle y can be obtained.

E%—Rw<Q——Qm4)

26
Upe f ( )

p=1-

Furthermore, by applying a current limiting block after the current reference, the
peak current during startup and disturbances can be suppressed, thereby reducing the
current stress on the equipment. Combining the passivity-based control voltage loop and
the Extended Kalman Filter forms a nonlinear controller with a simple structure, high
robustness, and low computational burden. Integrating the above controller design, the
final proposed adaptive Extended Kalman Filter passivity-based control method is shown
in Figure 2. It should be noted that while the stability condition requires R, to be positive
definite, the practical selection of Ry, is also constrained by the PWM switching frequency
and modulator dynamics, as discussed in [33].

.....................................................

'

AEKF

Control

P CPL

Figure 2. Boost converter with proposed adaptive passivity Control with AEKF.

4.2. Stability Analyzes

The stability analysis of the proposed passivity-based control (PBC) algorithm is
conducted within the formal framework of Lyapunov stability theory. Following the
completion of energy reshaping and damping injection phases, the closed-loop system
dynamics are characterized by the following differential equation:

HX+[G+R;(x)]X =0 (27)

The system energy function is selected as the Lyapunov function candidate:

1T

V= X'"HX>0 (VX £0) (28)
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Since the inertia matrix H is positive definite and symmetric, V is consequently positive
definite. To examine system stability, we compute the time derivative of the Lyapunov
function along the trajectories of the system:

Cd (1oTyo) | o
V= dt(ZX HX) = X"HX (29)

Substituting the system equation yields:
X=-H'[G+R;(x))X (30)
Expanding this expression:
: T ~%r T <
V=-X GX—X R;(x)X (31)
Given that matrix G is skew-symmetric (G = — GT), it follows that:
T <
X GX=0 (32)

V=-XR(x)X<0 (33)

According to Lyapunov stability theory, the system is globally asymptotically stable
at the equilibrium point X = 0. Regardless of initial conditions, the system state error X
converges to zero over time.

The AEKEF is designed to estimate the unknown, time-varying CPL power in real time
by treating it as an augmented state variable (Equations (4) and (5)). This accurate estimate
P is then fed forward into the PBC law (Equations (25) and (26)). The PBC controller,
through its energy shaping and damping injection stages, inherently compensates for
the negative impedance effect of the CPL. The injected virtual damping restores system
passivity, ensuring large-signal stability despite the nonlinear load characteristic.

This analysis demonstrates that the passivity-based control algorithm ensures sys-
tem stability under all operating conditions, thereby providing theoretical assurance for
practical engineering applications.

5. Simulation Results

To comprehensively assess both the steady-state and transient performance of the pro-
posed Adaptive Extended Kalman Filter-based Passivity-Based Control strategy for DC mi-
crogrid DC-DC converters, a detailed simulation model was implemented within the PLECS
simulation environment. The system configuration comprises a single Boost converter
supplying power to parallel-connected constant power load and resistive load, where the
CPL is practically realized through a current source combined with resistive components.

The converter control system was rigorously evaluated under multiple training sce-
narios designed to simulate realistic operational challenges. These included step changes
in load conditions, abrupt variations in reference voltage commands, and sudden distur-
bances in the Boost converter’s input voltage. Through these comprehensive tests, the
dynamic performance and robustness of the proposed control strategy were systematically
evaluated under diverse operating conditions, with control parameters being progressively
refined through this process. The simulation parameters employed for this validation study
are detailed in Table 1.
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Table 1. System configuration parameters.

Symbol Representation Value
Boost converter
C Capacitance 940 uF
L Inductance 2mH
E Input Voltage 100 V
R Load Resistance 100 QO
Uref Reference Output Voltage 200V
P Initial CPL Power 500 W
fsw Switching Frequency 20 kHz
Proposed Strategy
Ts Discretizing Time 5% 107°
Ry; Virtual Resistor 1.5
Qi Qs Qi tnitial Covariance of 102,104, 06
Pim1, Pimo, Pims Initial Covariance of States 0.05, 0.05, 0.05
X Initial Value of States 0.1,0.1, 0.1

5.1. Case 1: Constant Power and Constant Impedance Load Changes

The proposed control algorithm demonstrates exceptional dynamic performance and

robustness when subjected to sudden changes in constant power load (CPL). As illustrated

in Figure 3, when the system experiences a step change in CPL power from 500 W to 900 W

at t = 0.2 s, both the output voltage and inductor current exhibit minor, brief transients.

Critically, the system recovers to its steady-state values rapidly. A subsequent step reduction
in CPL power from 900 W back to 500 W occurs at t = 0.6 s, followed by a step decrease
in the resistive load R to 50 () at t = 1.0 s. In both cases, the output voltage and inductor

current revert to their steady-state values promptly, with a remarkably short settling time

of 8 ms and a minimal voltage overshoot constrained within 2 V. The output voltage profile

maintains a smooth trajectory during these transients, devoid of significant oscillations,

which verifies the algorithm’s efficacy in suppressing power oscillations induced by load

disturbances. The swift response of the inductor current further underscores the controller’s

superior capability for rapid power balance regulation.

Output voltage (V)

Load Power (W)

Figure 3. Constant power and constant impedance load changes.
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5.2. Case 2: Constant Power and Input Voltage Changes

The proposed control algorithm also exhibits outstanding dynamic regulation and
robustness in response to input voltage disturbances. As shown in Figure 4, the system
was tested under a sequence of step changes. Initially, a CPL power step from 500 W
to 900 W at t = 0.2 s causes brief deviations in the output voltage and inductor current,
which are quickly stabilized within a settling time of 10 ms and a voltage overshoot below
1 V. When the CPL power steps back down from 900 W to 500 W at t = 0.6 s, the system
demonstrates a faster recovery, with a settling time of 8 ms and an overshoot controlled
within 1 V. Furthermore, when subjected to an input voltage step change from 100 V to
80 V att = 1.0 s, the system again manages the transient effectively, stabilizing within 9 ms.
Throughout these tests, the voltage waveform transitions smoothly, and all fluctuations
in load voltage and power remain within 10%. These results collectively highlight the
controller’s strong capability for rapid compensation of input-side disturbances.

Input Voltage
|‘_ Change _>|

|<— Start —>|<7 CPL Power Change

208

204

|
X I
196 \ <10ms

Output voltage (V)

Inductor Current (A)

0 0.1 0.2 03 04 0.5 0.6 0.7 0.8 0.9 1.0 11 12 13
Time (s)

Figure 4. Constant power and input voltage changes.

5.3. Case 3: Comparative Analysis with Conventional Methods

The proposed control method demonstrates rapid bus voltage stabilization, achieving
amere 1 V overshoot and an 8 ms settling time. In contrast, the PBC + NDO control method
yields a larger overshoot of 1.7 V and a longer settling time of 20 ms. As shown in Figure 5,
these comparative results highlight the exceptional robustness of the proposed approach to
load disturbances.
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Figure 5. Comparative simulation results.

6. Experimental Results

To validate the superior performance of the proposed converter, an experimental
setup was constructed for testing. The setup consists of an oscilloscope (Yokogawa DL850),
a DC power supply (ITECH IT-M3433,150 V/12 A), an electronic load (Chroma 63804,
350 V/45 A /4500 W), a sampling circuit, a DC-DC boost converter, and an RT-Box1. The
Chroma electronic load can be configured in either resistive mode or constant power load
(CPL) mode to accommodate different load types. The control algorithm is developed in
PLECS on a host computer, which generates code for the RT-Box. This code enables the
RT-Box to acquire voltage and current signals via its analog-to-digital converters (ADCs)
and execute the control algorithm, outputting a 20 kHz PWM signal to the DC-DC boost
converter. Variations in source-side and load-side operating conditions are implemented
using the programmable DC power supply and the electronic load. Furthermore, to
faithfully reflect the control performance, the parameters of the experimental platform are
kept consistent with those used in the simulation studies. where v, denotes the output
voltage, i; represents the inductor current, and i, is the output current.

6.1. Case 1: Constant Power Load Changes

The system was initialized with an input voltage of 100 V and a constant power load
of 200 W. The experimental waveforms are shown in Figure 6. During the test, the constant
power load was stepped up to 400 W and, after a period of time, stepped back down to
200 W. Accordingly, the inductor current increased from 2 A to 4 A and then returned to
2 A, while the output current rose from 1 A to 2 A and then recovered to 1 A. The settling
time was measured as 23 ms, and the overshoot was limited to 2.1 V. The experimental
results demonstrate that the proposed control method can rapidly stabilize the bus voltage
under abrupt load changes.
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Figure 6. Constant power changes.

6.2. Case 2: Input Voltage Changes

Next, experimental studies were conducted on the proposed control method un-
der input voltage disturbances to evaluate its robustness and stability against source-
side variations. The input voltage of the system was varied in the following sequence:
100 V — 80 V — 100 V. Figure 7 illustrates the comparative experimental waveforms cor-
responding to the input voltage change from 100 V to 80 V and back to 100 V. It can be
observed that the proposed control method is able to rapidly stabilize the bus voltage, with
a voltage overshoot of 4 V and a settling time of 62 ms.

Voltage deviation:4V Settling time:62ms ,
vo[5V/div] | T
200V

S

i,[1A/div] Time[200ms/div]

Figure 7. Input voltage changes.

6.3. Case 3: Output Voltage Changes

Finally, the dynamic tracking performance of the proposed control method is evaluated
by studying its response to changes in the output voltage reference. In this experiment, the
output voltage reference of the converter is stepped from 200 V to 190 V while the load is
200 Q). As shown in Figure 8, the output voltage rapidly tracks the new reference within
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30 ms without any voltage overshoot. The peak inductor current during the transient is
1.7 A. These results demonstrate that the proposed control method provides excellent
voltage regulation capability.

Peak current:1.7V Settling time:30ms
i R e e e
Vo[5V/div] T \ 190V
200V l l
o
1A U
i,[1A/div] Time[200ms/div]

Figure 8. Output voltage changes.

7. Conclusions

This paper has proposed a novel control methodology for DC-DC converters that
integrates an Extended Kalman Filter (EKF) with Passivity-Based Control (PBC), effectively
enhancing system stability under Constant Power Load (CPL) conditions. Initially, the
designed Extended Kalman Filter controller accurately estimates the time-varying load
power by leveraging real-time converter measurements. This predicted information is
subsequently fed into the proposed passivity-based controller to generate PWM signals for
driving the power switches, thereby regulating the boost converter supplying the CPLs.

The presented strategy significantly improves large-signal stability and system ro-
bustness, while also providing precise current limiting and rapid voltage regulation.
These capabilities collectively ensure reliable and stable operation of DC microgrids
under various complex operating scenarios. Furthermore, the nonlinear control loop
eliminates the conventional requirements for detailed nominal parameters and complex
multi-degree-of-freedom tuning, resulting in a relatively simple and practical control struc-
ture. Simulation studies validate the superiority of the proposed approach, demonstrating
exceptional control performance across various operating conditions.
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Abstract

Wide bandgap (WBG) power semiconductors such as silicon carbide (SiC) can significantly
improve the performance of multilevel converters. However, there are three challenges for
large-scale application: high cost, limited power ratings, and reliability issues. In this paper,
we propose a Si and SiC hybrid arms active neutral-point-clamped (ANPC) converter,
using smaller current rating SiC devices compared to other Si devices in this topology. By
employing the hybrid-frequency modulation scheme, the Si devices switch at fundamental
frequency (FF) or low frequency (LF), while the SiC devices switch at high frequency (HF).
The equivalent circuit of the proposed converter is derived to analyze the principle of
LF current ripple compensation. The closed-loop cooperative current control strategy is
proposed to realize unequal current sharing in two arms and complete LF current ripple
compensation. The Si arm processes major power, while the SiC arm compensates the LF
current ripple generated by the Si arm and processes minor power. The proposed topology
and control strategy are validated by simulation and experimental results. Compared with
the existing typical topologies, the comprehensive optimization of power quality, efficiency,
and cost is realized.

Keywords: Si and SiC hybrid; high efficiency; high power quality; low cost; cooperative
current control

1. Introduction

Multilevel converters have evolved over many years and are considered a preferred
solution for electric energy conversion in high-power applications [1]. Recently, with the
rapid development of emerging power conversion applications such as renewable energy
generation [2], electric vehicles [3], more electric aircraft (MEA) [4], and medium-voltage
motor drives [5], the efficiency, power quality, cost, and power density of multilevel con-
verters have reached a higher level. Due to the inherent material limitations of silicon,
the operating temperature and switching frequency of Si-based devices are approaching
their theoretical boundaries. As a result, enhancing the performance of high-power multi-
level converters based on silicon devices has grown increasingly impossible. WBG power
semiconductors represented by SiC MOSFET feature high voltage withstanding capability,
low on-state resistance, and high switching frequency [6], which can further improve the
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performance of multilevel converters. However, the large-scale application of SiC devices
still faces three major bottlenecks: high cost, limited power ratings, and reliability issues.
Firstly, a SiC MOSFET is four to eight times more expensive than a Si IGBT, particularly in
the high current ratings [7]. Secondly, the maximum current rating of an individual SiC
MOSEFET die lags significantly behind that of a Si IGBT. Thirdly, compared with Si IGBTs,
the ruggedness and reliability of SiC MOSFETs are still subjects of widespread concern,
particularly due to unresolved issues such as gate oxide degradation [8], threshold voltage
drift [9], and body diode reliability [10]. Therefore, the large-scale industrial application of
SiC devices in high-power multilevel converters remains significantly constrained.

To overcome these challenges, researchers have introduced hybrid concepts that
combine the strengths of both Si and SiC devices. One widely adopted example is the
hybrid three-level (3L) ANPC converter, which offers a practical balance between efficiency
and device cost in advanced grid-connected inverter and rectifier systems [11,12]. In high-
power rectifier applications, hybrid unidirectional rectifiers using SiC MOSFETs and Si
diodes in 3L and five-level (5L) topologies have been proposed to reduce system cost
in [7,13]. Similarly, three five-level converters with hybrid Si and SiC legs were presented
in [14-16]. The above designs employ hybrid-frequency modulation strategies where
Si devices switch at fundamental or low frequency, and SiC devices operate at carrier
frequency. Thus, these topologies have lower losses, improved harmonic performance, and
reduced cost. However, the SiC devices in these topologies handle the full load power,
which results in relatively high cost. Moreover, the topologies in [14-16] are just single-
phase circuits, which cannot be applied to three-phase high-power scenarios. Therefore,
how to configure a three-phase hybrid multilevel converter with lower cost and better
performance is still a challenge.

Recently, a novel concept known as WBG fractional power processing (WFPP) has
been introduced [17-19]. In these structures, the LF Si two-level converter carries most of
the power, while the HF SiC two-level converter is in parallel to cancel the ripple current
and process partial power. The equivalent switching frequency of these topologies is the
same as that of the SiC devices, maintaining excellent HF performance. Meanwhile, only
low current rating WBG devices are required. Based on these topology-specific studies,
a WBG and Si hybrid half-bridge (HHB) structure has been proposed in [20], aimed at
improving power quality without significantly increasing cost. The HHB configuration has
already shown promising results in power factor correction (PFC) application [21]. Further,
the efficiency optimization based on the switching frequency and power sharing control
has been achieved in [22,23]. Therefore, the WFPP concept provides feasibility for cost
reduction in existing hybrid multilevel topologies. However, the implementation of the
WEFPP concept in three-phase DC-AC hybrid multilevel converters remains unsolved.

In this paper, a three-phase Si and SiC hybrid arms ANPC converter is proposed. The
concepts of hybrid-frequency modulation and WFPP are combined to achieve compre-
hensive optimization of cost, power quality, and efficiency. Compared to the all-SiC and
the existing hybrid converters, the number and current rating of SiC devices are further
reduced. Meanwhile, from the AC output perspective, the equivalent switching frequency
and power quality of the converter are similar to those of an all-SiC solution. The cor-
responding closed-loop cooperative current control strategy is also proposed to achieve
the current tracking and power sharing. The SiC devices process minor power, which are
switched under lower current conditions. This significantly reduces the high-field stress
events on the SiC gate oxide.

The rest of this paper is organized as follows. Section 2 presents the proposed hybrid
arms ANPC topology and operation principle of current ripple compensation. Section 3
discusses the closed-loop cooperative current control strategy. In Section 4, simulation
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results are presented. In Section 5, experimental results are presented to validate the
proposed converter. In Section 6, performance comparison with existing topologies is
presented. Finally, Section 7 concludes this paper.

2. Proposed Hybrid Arms ANPC Converter
2.1. Topology and Modulation Scheme

The per-phase configuration of the proposed converter is illustrated in Figure 1a.
Each phase comprises a Si-based 3L-ANPC arm paired with a SiC-based half-bridge arm.
The Si 3L-ANPC arm integrates six full-power-rating Si IGBTs, where S1, Sy, S3, and Sy4
switch at the fundamental frequency (FF), while S5 and Sg switch at LE. In contrast, the SiC
half-bridge arm employs two lower-power-rating SiC MOSFETs (S7 and Sg), switching at a
comparatively HF. The Si arm in each phase connects a filter inductance Ly, and ixj, x= 4, B, C
is the Si arm current, which includes a notable LF ripple. The SiC arm in each phase
connects a filter inductance Ly, and i3 y = 4, g, ¢ is the SiC arm current, which includes the
compensated LF ripple. The iy - 4 p, c is the total output current of the Si and SiC arms.
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: i i : 0

i1 4 S
. 7 ! — 1
1 i h} Gsi (Gs2)
T H Gs3 (Gsg) 0
s s L/ l ; LZ l _ l
Vae| O 1 A, > Gss (Gso)
i R 0

==& iE} m_SiCArm_(lJ u‘;1llHl””””””””lm.‘,uu11“m“““““““nm‘ Vear sic
-o¥ :.....i:.i;_.__i :-"Li:-: :.l._l.F...: Gs; (G;)O M mmm’“m M

(@ (b)

Figure 1. Topology and modulation scheme of the proposed converter. (a) The per-phase circuit;
(b) Waveforms of the modulation scheme.

The corresponding hybrid-frequency sinusoidal pulse width modulation (SPWM)
scheme is shown in Figure 1b. There are LF (about 2-5 kHz) and HF (above 50 kHz)
two carrier frequencies. In the Si-based 3L-ANPC arm, the FF Si IGBT pairs S; and S3, as
well as S and Sy, consistently share identical gating signals. Also, the two FF Si IGBT pairs
operate complementarily. The LF Si IGBTs S5 and Sg are switched by complementary PWM
signals. In the SiC-based half-bridge arm, the HF SiC MOSFETs S; and Sg are switched
complementarily. Using the modulation scheme, the switching frequency of Si IGBTs is
decreased to reduce the switching loss. Meanwhile, HF switching events are moved to SiC
MOSEFETs to improve efficiency. The low-conduction-loss advantage of Si IGBT under high
current conditions can also be fully utilized.

2.2. Operation Principle of Current Ripple Compensation

Before designing the current control strategy, it is necessary to explore the operation
principle of current ripple compensation in this converter. Firstly, taking the grid-connected
application as an example, the three-phase equivalent circuit of the proposed converter
is derived as shown in Figure 2. In SPWM, the line-to-neutral voltage consists of the fun-
damental frequency component and the harmonic component by Fourier decomposition.
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Moreover, the harmonic component is primarily concentrated around the switching fre-
quency, ignoring the effects of dead-time, device nonlinear characteristics, and other factors.

Var VGa
Ly Ry L, Rp

iy iy

o

Figure 2. Three-phase equivalent circuit of the proposed converter for grid-connected application.

To improve readability, the equivalent circuits at different frequency ranges are derived
as shown in Figure 3, taking phase A as an example. In Figure 3a, for the full frequency
range, the line-to-neutral voltages can be expressed.

UAIN = UAIN,FF + VAIN,LF (1)

VAN = UAIN,FF + VAN, HF )

where V 41y represents the line-to-neutral voltage of the Si arm, V 41y rr represents its
fundamental frequency component, and V 41y 1 r represents its harmonic component. Sim-
ilarly, Vaon represents the line-to-neutral voltage of the SiC arm, V 4on rr represents its
fundamental frequency component, and V 4oy gr represents its harmonic component. In
practical applications, it is assumed that wL; >> Ry 1 and wL; >> Ry». Thus, the resistance
value of the filter inductors is allowed to be neglected. In Figure 3b, at the fundamental
frequency, the Si arm current and grid current can be expressed.

. 1
iaLpF =T / (VAIN,FF — V2N, FF)dt 3)

. 1
iafF =T / (0A2N,FF — UGA,FF)dt 4)

where vga rr represents the grid voltage. In Figure 3c, since the switching frequency of
the SiC arm is much higher than that of the Si arm, the SiC arm has no harmonic voltage
at the LF range. The LF current ripple generated by the Si arm harmonic voltage can
be expressed.

. 1
iALLF = LT/ U 1N, LFAt 5)

The SiC arm is equivalent to a short circuit for the LF current ripple, preventing it
from flowing into the grid. In Figure 3d, the HF harmonic voltage of the Si arm can be
disregarded, so the HF harmonic current is only generated by the SiC arm. Moreover,
this HF current is insignificant compared to the FF and LF components. Thus, the Si arm
current is approximately equal to the main FF current plus LF harmonic current.

iA1l = ia1,FF +iA1LF (6)
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Figure 3. Single-phase equivalent circuit at different frequency ranges. (a) Full frequency range;
(b) Fundamental frequency; (c) Si arm switching frequency; (d) SiC arm switching frequency.

The SiC arm current is approximately equal to the compensated LF harmonic current
plus fractional FF current.
a2 = —ia1,LF iAo FF @)

The grid current contains the FF component and the HF harmonic component.

ia =1ia1,rr +1A2,FF +1iAHF 8)

Therefore, the proposed converter has the potential for high power quality.

Based on the above analysis, the schematic diagram of current ripple compensation
waveforms is given in Figure 4. It is assumed that the average current value remains
constant within one Si arm switching period Ty, s;. In order to reduce cost and volume, the
inductance value L is minimized as much as possible. Meanwhile, the switching frequency
of the Si arm is decreased to reduce losses, resulting in a large LF current ripple, as shown
by the blue solid line in Figure 4. By appropriate current control strategy, the SiC arm
operates at HF to compensate the Si arm current ripple and process the minor power, as
shown by the yellow solid line in Figure 4. The current ripple of the SiC arm consists of
two components. The first is the LF component, which is opposite to that of the Si arm.
The second is the HF component, which is generated by the own HF switching events. As
shown in the gray solid line in Figure 4, the total current ripple only has the HF component,
which is determined only by the SiC arm and has nothing to do with the Si arm, achieving
complete LF component compensation. Because of the high switching frequency of the SiC
arm, the inductance value L, is smaller than L;. The volume of inductors can be reduced
while enhancing power quality.

In Figure 4, the dotted lines represent the average values corresponding to the solid
lines. Since the Si and SiC arms share the output power, the average current relationships
can be derived as follows.

M_iAl = Kx M_iA (9)

M_iAz = (1 — K) * M_iA (10)
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where M_ijq, M_iap, and M_i4 represent the Si arm average current, the SiC arm average
current, and the total average current, respectively. K (0 < K < 1) represents the major power-
sharing ratio. The current ripple ratio of the Si arm r41 is defined by the following formula.

ra1 = Digr/M_ia (11)

where Aijq represents the maximum peak-to-peak current ripple of the Si arm in one FF
period. Since the SiC arm completely compensates the LF ripple, the following equation
holds true.

Aigr = Nipg (12)

Lq1

SiC Arm

42

Time(s)

Figure 4. Schematic diagram of current ripple compensation waveforms.

During this LF switching period, the peak current of the Si arm ipq e can
be expressed.

. . 1.
IA1peak = M_ia1 + 5 8ia1 (13)

To avoid the circulating current in the SiC arm, 41 peqx should be less than the average
value of the total current. Thus, the range of major power-sharing ratio K is limited by the
following inequalities.

1
0<K< —m+ 14
1+7ra1/2 (14)

3. Proposed Current Control Strategy

In this section, the closed-loop cooperative current control strategy is proposed to
realize unequal current sharing and complete LF current ripple compensation. The block
diagram of the control strategy is shown in Figure 5, which consists of two parts: the Si arm
control loop (purple box) and the SiC arm control loop (red box). The following provides a
detailed explanation of these two parts.

3.1. Si Arm Current Control

According to the control objective, the Si arm processes the main power. The major
power sharing ratio K is used to generate the three-phase reference value of the Si arm
current.

iABCl_ref = K= iABC_ref (15)

where igpc_ref is the three-phase reference value of the total current, which is usually deter-
mined by the target output power. The current distribution in the Si arm can be adjusted
by modifying the parameter K, enabling flexible power-sharing capabilities. Considering
the reference value is the FF current, the control loop is designed in the dg-frame, rotating
with the grid angular frequency wy. To enhance the dynamic response and disturbance
resistance of the system, the grid voltage v is used for feed-forward control. The traditional
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proportional-integral (PI) controller is used to achieve no-static-error tracking of FF cur-
rent. The proportional gain K}, is designed to achieve the desired closed-loop bandwidth.
Applying the magnitude condition (0 dB gain at the crossover frequency f;) leads to the
dominant relationship K, ~ 27f.L, ensuring fast dynamic response. The integral gain K; is
designed to shape the phase margin. By setting the zero frequency f, of the PI controller,
we can compensate for the phase lag introduced by the plant’s pole, following K; = K,-27f>,
guaranteeing stability and robustness. The Si arm controller proportional coefficient K}
and the integral coefficient K;; are designed as follows.

Ky =27fals (16)
Kip = 2nfaKp (17)
where the control bandwidth f;; and integral corner frequency f,; can be designed
as follows. f f
< sw_Si ~ sw_Si
f cl = 10 5 (18)
_Ja fa
le ~ 10 5 (19)

where fy, g; is the switching frequency of the Si arm. In order to increase the control stability,
the control period is equal to the switching period of the SiC arm. Therefore, the updating
frequency of the Si arm reference voltage is equal to f;;, sic, while the carrier frequency is
equal to f5 i

abgy dq
LABC ref 14BC1 ref] VABCI ref
> [
dq|; abc
. Veq Si Arm Control_‘,
{ LABCI ref +® SiC Arm Control
iABC1$
VABC2 ref
— 1-K

Figure 5. Block diagram of the proposed cooperative current control strategy.

3.2. SiC Arm Current Control

The control objective of the SiC arm is to compensate for the LF ripple current and
process the minor power. Thus, the SiC arm three-phase current reference can be divided
into two parts. The LF ripple current generated by the Si arm can be expressed.

AipBC_comp = LABC1_ref — 1ABC1 (20)
Thus, the three-phase current reference of the SiC arm can be expressed.
iapca_ref = (1 — K) *iapc_ref + DiaBC comp (21)

Considering the reference value consists of the FF and LF current, the control loop
is designed in the abc-frame. Similarly, the PI controller is selected to track the FF and
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LF ripple current. The SiC arm controller proportional coefficient Ky, and the integral
coefficient K;, are designed as follows.

sz = 27TfC2L2 (22)
Kip = 27t Kpo (23)
where the control bandwidth f.; and integral corner frequency f,» can be designed
as follows. f f
< sw_SiC ~ sw_SiC 24
fo < TiC o J 4
fc2 ch
= — ~ — 2
sz 10 5 (25)

where fy, sic is the switching frequency of the SiC arm.

4. Simulation Verification

In this section, a three-phase Si and SiC hybrid arms ANPC converter based on the
cooperative current control strategy is simulated in PLECS (4.8.9) software, considering
its extremely fast simulation speed and unique thermal analysis function. The parameters
of the simulation system are provided in Table 1. The results of performance comparison
between the proposed topology and existing typical topologies are also presented.

Table 1. Simulation parameters.

Parameter Value
DC Bus Voltage V. 800V
Fundamental Frequency f; 50 Hz
Si Arm Switching Frequency fy, s 2.5 kHz
SiC Arm Switching Frequency f, sic 50 kHz
Si Arm Filter Inductance L4 1 mH
SiC Arm Filter Inductance L, 500 uH
Load Resistor Rj,,4 30

Taking phase-A as an example, the simulation waveforms of the Si arm current, the SiC
arm current, and the total current are displayed in Figure 6. The results are consistent with
the theoretical analysis. As can be seen in Figure 6a, the Si arm generates a large current
ripple because of the low switching frequency, and the total harmonic distortion (THD) is
13.46%. Under the condition K =1, the SiC arm only compensates the LF current ripple. By
employing the proposed current control strategy, the THD of the total current is reduced to
1.04%. Figure 6b shows the detailed waveforms of the current ripple compensation. It can be
concluded that the SiC arm can completely compensate for the LF ripple current generated
by the Si arm, and the total current only includes the FF and HF ripple components. It
can be seen from Figure 6¢c, when K changes from 1 to 0.8, the good power quality can be
maintained while the circulating current between the Si and SiC arms can be reduced. The
three-phase voltage and current waveforms are shown in Figure 7. Att =0.1s, the reference
value of the three-phase current ispc s changes from 70 to 100. At t = 0.15 s, the cosine
value of the angle reference changes from 1 to 0.8. It can be concluded that the proposed
converter can achieve high control dynamics for the step changes in the current reference
and angle reference. A grid-connected operation case where the converter undergoes a
step change from outputting pure active power to combined active and reactive power is
presented in Figure 8. It can be demonstrated that the proposed control strategy exhibits
excellent transient performance with rapid dynamic response, while maintaining superior
power quality both before and after the transition period.
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Figure 6. Simulation waveforms of the Si arm current, the SiC arm current, and total current
in phase A. (a) Steady-state waveforms under K = 1; (b) Detailed waveforms of current ripple
compensation under K = 1; (c) Waveforms of K changing from 1 to 0.8.
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Figure 8. Simulation waveforms of grid-side voltage and current in phase A.

5. Experimental Results

To further verify the effectiveness of the proposed closed-loop cooperative current
control strategy, experiments are carried out on a hardware-in-loop platform, as shown in
Figure 9. The controller is implemented by a DSP (TMS320F28377D) control system. The
power part of the proposed converter is simulated by the RTScale real-time simulator. Crit-
ical waveforms were captured and analyzed using a high-bandwidth digital oscilloscope,
ensuring accurate measurement of dynamic performance and power quality. Due to the
symmetry of the circuit, the waveforms of current in phase A are selected for presentation.
The steady-state experimental waveforms of the current under ispc_rr =90 A and K =1 are
presented in Figure 10. It can be seen from Figure 10a that the Si arm processes the total
load current while generating a considerable ripple current due to the reduced switching
frequency. Under this condition, the SiC arm only compensates the LF ripple current. It can
be seen from Figure 10b that the LF ripple current is eliminated, but there is a circulating
current between the Si and SiC arms, leading to additional power losses. The steady-state
experimental waveforms of the current under ispc_rf = 90 A and K = 0.7 are presented
in Figure 11. It can be seen from Figure 11a that the SiC arm compensates the LF ripple
current while sharing minor load current. It can be seen from Figure 11b that there is no
circulating current between the Si and SiC arms by adjusting the major power sharing
ratio K. It can be concluded from Figures 10 and 11 that the flexible power sharing and
complete ripple current compensation can be realized by employing the proposed current
control strategy. Meanwhile, because of the extremely high equivalent switching frequency,
the excellent power quality of the output total current can be achieved. It can also be
maintained regardless of changing K.

Furthermore, the dynamic waveforms of the current while K changes from 1 to 0.7
are presented in Figure 12. During the dynamic process of changing the power sharing
ratio, there are no fluctuations occurring in the total output current. This provides the
possibility of adjusting the optimal K under different operation conditions. Figure 13 shows
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the dynamic experimental waveforms of the current while igpc_r changes from 70 A to
100 A. It can be found that the high control dynamics for the step changes in the current
reference can be achieved. When the load power is changed, the steady-state current
sharing between the Si and SiC arms can remain unchanged. The dynamic changes in the
current sharing between the Si and SiC do not affect the total output current. The dynamic
experimental waveforms of the line-to-neutral current while changing the current reference
are presented in Figure 14. It can be found that the proposed current control can be applied
effectively in the three-phase circuits.

RTScale

Oscilloscope

HIL Control Center

DSP Controller

Figure 9. Hardware-in-loop experiment platform.
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Figure 10. Experimental waveforms of the current in phase A under ispc rf = 90 A and K=1.
(a) Steady-state waveforms of the Si arm current, the SiC arm current, and the total current;

(b) Detailed waveforms of current ripple compensation.
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Figure 11. Experimental waveforms of the current in phase A under iggc_nf = 90 A and K=0.7.
(a) Steady-state waveforms of the Si arm current, the SiC arm current, and the total current;
(b) Detailed waveforms of current ripple compensation.
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6. Performance Comparison
6.1. Cost Comparison

To prove the cost-effectiveness of the proposed converter, the all-SiC and all-5i 3L-
ANPC topologies are chosen for comparison. Considering the DC bus voltage is 800 V, the
650 V voltage rating Si IGBTs or SiC MOSFETs are selected to configure the all-SiC or all-Si
topologies. For the proposed hybrid arms converter, Si IGBTs S1-S¢ select the 650 V voltage
rating devices, while SiC MOSFETs S;—-Sg select the 1200 V voltage rating and smaller
current rating devices. For a fair comparison, the filter inductors of the three topologies
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are selected to have the same inductance value. It should be considered that the proposed
converter uses one more driver chip and current sensor in each phase than the all-SiC
and all-Si converters. The chosen components and total price for each phase of three
topologies are summarized in Table 2. The unit price of each component is taken from
www.mouser.com, accessed on 10 October 2025. It can be found that, compared to the
all-SiC converter, the proposed converter can achieve more than 60% total cost reduction.

Table 2. Chosen components and cost comparison.

Components All-SiC All-Si Proposed
. C3MO0015065K C3M0040120K1
SiC MOSFET ($35.20 x 6) / ($11.19 x 2)
. IKZ75N65EL5 IKZ75N65EL5
SiIGBT / ($4.01 x 6) ($4.01 x 6)
Driver IC UCC21732 UCC21732 UCC21732
rver ($2.22 x 3) ($2.22 x 3) ($2.22 x 4)
CASR 50-NP
Current Sensor CASR 50-NP CASR 50-NP ($9.92 x 1)
($9.92 x 1) ($9.92 x 1) CASR 15-NP
($9.06 x 1)
Total Cost $227.78 $40.64 $74.3

6.2. Efficiency Comparison

To evaluate the efficiency performance of the proposed converter, the thermal model
was created in the PLECS software environment. The power losses distribution of the
proposed converter under igpc_r =90 A and K = 0.8 is presented in Figure 15. Due to the
symmetry of the circuit, only half of the devices are presented. According to the results,
the FF Si IGBTs S1 and Sp have almost no switching losses. The LF Si IGBT Ss has very
little switching loss because of reduced switching frequency. The power losses of the HF
SiC MOSFET Sy are very low due to its excellent switching characteristics. The results are
consistent with the designed modulation scheme. Meanwhile, the power-sharing ratio
between the Si and SiC arms can seriously affect the efficiency performance. Therefore,
the proper selection of the major power sharing ratio K is very important for the efficiency
optimization. In Figure 16, the relationship curve between the major power sharing ratio K
and power losses under ispc_rf = 90 A is presented. From this curve, the optimal K under
this operating condition can be obtained. In Figure 17, the junction temperature of the
devices under different major power sharing ratio K with iapc_rf = 90 A is presented. It
can be found that a key feature of our control strategy is the optimization of temperature
equilibrium between the Si and SiC devices via adjusting K. This active balancing prevents
localized overheating in any single SiC device, thereby directly countering the temperature-
activated mechanisms of gate oxide degradation and threshold voltage drift.

The all-SiC and all-Si 3L-ANPC converters are also chosen for the efficiency compari-
son. To ensure fairness, the three converters select the same value of filter inductance. Thus,
the filter inductance values for all-SiC and all-Si converters are both 1.5 mH. The same
modulation scheme is applied in the three converters. Moreover, the switching frequencies
of all-SiC and all-Si converters are decided by the THD of the output current, which should
be almost equal to that of the proposed converter. Based on the abovementioned conditions,
the comparison results are fair and persuasive. In Figure 18, the simulated power losses and
efficiency comparisons under different output power are presented. It can be found that
the all-S5i ANPC converter has the highest power losses. The proposed hybrid arms ANPC
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converter can achieve 30-40% power loss reduction compared to the all-Si converter in the
full power range. In particular, under high-power operation conditions, the efficiency of
the proposed converter is higher than that of the all-5iC ANPC converter. The reason is that
Si IGBT has a lower conduction voltage than SiC MOSFET under large current conditions,
leading to lower conduction losses. Meanwhile, the SiC arm processes the minor load
current, which can fully leverage its advantages of low-switching-loss and low-conduction-
loss under this condition. Therefore, the proposed topology fully leverages the respective
advantages of Si IGBT and SiC MOSFET. It is more attractive than an all-SiC converter in
many high-power industrial applications due to higher efficiency and lower cost.

iABC_ref=90A
K=038
35
30
£ s 54
@
& 20
=)
=~ 15
£
2 10
-
0
SI Sz S5 S7
= Pen = Py,

Figure 15. Power losses distribution of the proposed converter under i ABC_ref =90 A and K =0.8.
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Figure 16. Relationship curve between the major power sharing ratio K and power losses under
iABC_ref =90 A.
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Figure 17. The junction temperature of the devices under different major power sharing ratio K with
iABCiref = 90 A.
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Figure 18. The comparison results of power losses and efficiency under different output power.
(a) Power losses comparison results; (b) Efficiency comparison results.

7. Conclusions

In this paper, a Si and SiC hybrid arms ANPC converter combined with the hybrid-
frequency modulation scheme and the WFPP concept was proposed. The advantages of
the proposed converter can be concluded as follows.

(1) The proposed converter uses smaller current rating SiC devices, which can achieve
more than 60% total cost reduction compared to the all-SiC 3L-ANPC converter.

(2) Although the switching frequency of Si devices is decreased to reduce power losses,
the equivalent switching frequency is equal to that of the all-SiC design. Thus,
excellent power quality can be achieved.

(3) By employing the hybrid-frequency modulation scheme and proposed current control
strategy, the proposed converter can reduce 30—40% power losses compared to the
all-Si converter in the full power range. Moreover, the efficiency under high-current
conditions is higher than that of the all-SiC design.

The proposed converter fully leverages the respective advantages of Si IGBT and SiC
MOSFET, achieving the comprehensive optimization of power quality, efficiency, and cost.
It is more attractive than an all-SiC converter in high-power industrial applications due to
higher efficiency and lower cost. For extension to medium- and high-voltage applications
(e.g., 10-kV grid-connected inverters), the proposed topology offers two clear paths for
voltage scaling. On one hand, it can serve as a submodule in cascaded H-bridge (CHB) or
the modular multilevel converter (MMC). On the other hand, direct series-connection of
devices within each switch presents another viable route.
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Abbreviations

The following abbreviations are used in this manuscript:

WBG  Wide bandgap
ANPC  Active neutral-point-clamped

FF Fundamental frequency
LF Low frequency
HF High frequency

MEA More electric aircraft
WEPP  WBG fractional power processing
HHB Hybrid half-bridge

PEC Power factor correction
3L Three-level
5L Five-level
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Abstract

In order to reduce magnetic components for a current-fed dual active bridge converter,
this paper proposes a dual coupled-inductor (DCI) structure, which integrates two DC in-
ductors, one high-frequency transformer, and one leakage inductor into two EE cores. By
analyzing the principle of the magnetic components, a derivation process is presented to
modify the current-fed dual active bridge converter. To simplify the design and enhance
efficiency, an equal air gap length optimization method is proposed. And the geometric
parameters with the highest efficiency are optimized based on losses. Finally, the feasibil-
ity and effectiveness of the above design were verified through a 1 kW test prototype.

Keywords: current-fed dual active bridge; dual coupled-inductor structure; equal air gap;
loss optimization design

1. Introduction

Energy storage systems have become an indispensable core component of modern
power systems, widely used in key areas [1] such as sustainable energy power systems,
microgrids, electric vehicle drive systems, and uninterruptible power supplies (UPS). In
these applications, energy storage units such as batteries and supercapacitors typically
need to be connected to high-voltage DC buses [2,3] through power electronic conversion
devices to achieve efficient, bidirectional flow of energy. Among them, the current-fed
dual active bridge (CF-DAB) DC-DC converter [4-7] is widely regarded as one of the ideal
choices for achieving this connection function due to its outstanding advantages, such as
low input current ripple, wide voltage gain range, and effective support for bidirectional
energy flow. It plays a key role in improving the overall efficiency and dynamic response
performance of the system.

However, despite the many advantages of CF-DAB, there are still some significant bot-
tlenecks in its practical engineering applications. Firstly, in order to achieve soft switching
characteristics and maintain system stability, traditional CF-DAB topology typically re-
quires the configuration of multiple independent magnetic components, such as input-side
DC filtering inductors, isolation transformers, and auxiliary inductors for energy regula-
tion [8]. These discrete components not only significantly increase the volume and weight
of the system, resulting in a decrease in power density, but also cause additional copper
and core losses due to the dispersed layout of magnetic components, limiting further im-
provement in overall efficiency. Especially in application scenarios such as electric vehicles
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and portable energy storage that have strict requirements for both volume and efficiency,
the above issues become particularly prominent.

Currently, in order to achieve the operational goals of high-power density and high
efficiency in the system, researchers generally adopt magnetic component integration tech-
nology as the main technical path [9-13]. For example, previous studies have significantly
reduced the volume and number of magnetic components by coupling two DC inductors
on the low-voltage side and integrating them into a single magnetic core [14,15], or fur-
ther integrating the DC inductors with a high-frequency transformer into a multiwind-
ing coupled-inductor structure [16,17]. In addition, in order to reduce the manufactur-
ing cost and process complexity of magnetic components, existing solutions usually adopt
a flat printed circuit board (PCB) winding, namely planar magnetic technology [18,19].
However, these methods still have a common limitation: they have not achieved inter-
nal integration of the leakage inductor and still rely on external series inductors to meet
the leakage inductor requirement, which not only increases system volume but also re-
stricts further improvement of power density. To further reduce the number of magnetic
components, reference can be made to the leakage inductor integration method adopted
in [20-22]. Ref. [20] can achieve controllable leakage inductance by introducing a magnetic
shunt, which offers moderate control accuracy. However, the introduction of this addi-
tional component increases manufacturing complexity and cost. Ref. [21] can achieve the
controllability of leakage inductance by adjusting the spatial distance. Although compared
to [20], this method does not add additional magnetic components and has a moderate
manufacturing complexity, the calculation is complex, and it is sensitive to mechanical ac-
curacy, resulting in low inductance control accuracy and increased losses as the distance
increases. Ref. [22] achieves controllable leakage inductance by adjusting the resistance,
which has higher control accuracy compared to [21], but its complex winding structure
limits manufacturing feasibility, and the energy consumption of the resistance leads to
significant system losses.

In response to the limitations of traditional CF-DAB in terms of power density and
efficiency, this paper proposes a dual coupled-inductor (DCI) structure. This structure
integrates two DC inductors, one high-frequency transformer, and the required leakage
inductor of the circuit into two EE magnetic cores. Compared with existing solutions, the
DCI structure reduces the total volume and the occupied space of magnetic components
while maintaining functional integrity, providing a new solution for the miniaturization
and lightweighting of converters. In terms of parameter control, precise control of DC in-
ductance and leakage inductance can be achieved by designing the number of PCB wind-
ings and the length of the magnetic core air gap reasonably. This design not only ensures
the flexibility and adjustability of magnetic parameters but also enhances the adaptability
to the dynamic performance of the converter. In addition, to further suppress leakage flux,
reduce magnetic component losses, and improve the overall efficiency of the converter,
this paper proposes a magnetic core optimization method based on the design of equal air
gap length for each core. This method not only improves the efficiency of the converter
but also simplifies the complexity of designing and manufacturing the planar coupled in-
ductor. On this basis, this article also determines the geometric parameters for achieving
optimal system performance through loss optimization.

In this article, Section 2 introduces the derivation process of the DCI structure, im-
proves the traditional CF-DAB based on magnetic component integration, and analyzes
the characteristics of the improved topology structure. In Section 3, an equal gap length
design scheme is proposed for the optimization design of the planar integrated multi-
winding coupled inductor based on the DCI structure, and parameter optimization is car-
ried out for losses. Section 4 validates the proposed optimization scheme based on an
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experimental prototype. In summary, the DCI integrated structure and its corresponding
optimization design method proposed in this article effectively solve the design contra-
diction between high power density and high efficiency without significantly increasing
process complexity, providing a feasible new idea and a technical path with high engineer-
ing application value for the development of a new generation of high-performance and
compact energy storage interface converters.

2. Current-Fed Dual Active Bridge Converter Modification Based on
Magnetic Components Integration

2.1. The Proposed Converter Derivation with DCI Structure
The traditional current-fed dual active bridge (CF-DAB) DC-DC converter includes
multiple magnetic components, such as two DC inductors, a high-frequency transformer,

and the external leakage inductor, as shown in Figure 1. And their diagrams of individual
magnetic components are shown in Figure 2.
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Figure 1. Circuit diagram of CF-DAB converter [23].
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Figure 2. The individual magnetic components of traditional CF-DAB are shown in Figure 1 [23].

(a) Decoupled integration of two DC inductors. (b) High-frequency transformer. (c) External leakage
inductor. (d) The magnetic components connection circuit.

Among them, Figure 2a shows the integration of two DC inductors, where N;; and
Ny, represent the number of windings corresponding to L1 and L,. N, and N represent the
number of windings at the primary and secondary sides, and Ny, represents the number
of windings with the external series leakage inductor, which are shown in Figures 2b and
2¢, respectively. The magnetic components’ equivalent circuit of the traditional CF-DAB
converter is shown in Figure 2d. With the traditional individual magnetic structure shown
in Figure 2, the number of magnetic components is still large, and the power density cannot
meet the requirements.
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In order to further realize the integration, consider integrating the high-frequency
transformer with the coupled inductor. As shown in Figure 3a, the windings on the
two outer columns integrate two DC inductors and a transformer, that is, N;1 = N1 and
N2 = Np2. Np1 and Np, are the turns of PCB winding at the primary side of the transformer,
and Np1 = Np2. However, the leakage inductor, shown in Figure 3b, still required an exter-
nal series inductor. To construct the leakage inductor when all magnetic components are
to be integrated together, an air gap needs to be introduced on the middle column based
on Figure 3a, as shown in Figure 3c. However, once the air gap is increased, the magnetic
flux leakage and loss of the central column will increase, and the DC inductance and leak-
age inductance are difficult to control. At a certain inductance and core section area, the
more windings there are, the larger the air gap will be. To solve this problem, we can
reduce the number of PCB layers to achieve a reduction in air gap, thereby reducing the
losses and the cost of PCB. Then, to reduce the number of PCB layers, two side columns on
the basis of Figure 3c are added. And the primary and secondary windings are separately
connected to the two adjacent side columns on both sides of the magnetic core, which is
shown in Figure 3d.
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Figure 3. The proposed DCI structure derivation process [23]. (a) Magnetic integration of two DC

inductors and the transformer. (b) External series leakage inductor. (c) Three-column structure to
integrate the leakage inductor. (d) Five magnetic columns structure to integrate the leakage inductor
and reduce the required PCB layers.

The magnetic integration shown in Figure 3d is relatively complex. In order to sim-
plify the structure, the flux of the magnetic core can be designed as

1+ ¢33 =Ps+ P2 1)

Then, the magnetic columns in Figure 3d can be separated, as shown in Figure 4a.
And a magnetic integrated structure consisting of two EE cores can be obtained, which is
called DCI structure in this paper. The circuit model of the DCI structure is shown in Fig-
ure 4b. Comparing the above structures in terms of magnetic components, volume, and
losses, as shown in Table 1, it can be found that the DCI structure not only reduces the
number of magnetic components, increases power density, and reduces the total volume
of magnetic components, but also reduces the loss of the center column. And compared
with the integrated structure shown in Figure 3c, the DCI structure achieves controllable
integration of leakage inductance and DC inductance. In addition, the PCB winding struc-
ture and two EE magnetic core designs adopted in this scheme have the advantages of
easy implementation and large-scale production. And the DCI structure has good scal-
ability and can be extended to other important topologies. In LLC resonant converters,
this structure can achieve high integration of the resonant inductor, magnetizing inductor,
and transformer, improving power density. Inisolated bidirectional converters such as iso-
lated bidirectional buck-boost, this scheme can effectively integrate a transformer and DC
inductor, and optimize soft switching characteristics by utilizing their controllable leakage
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inductance. This indicates that this study not only can optimize a specific converter but
also can provide a universal magnetic integration solution for developing the next genera-
tion of high-performance power conversion systems.
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Figure 4. Proposed DCI magnetic integration [23]. (a) Magnetic core structure. (b) Circuit of the DCL
Table 1. Structural comparison.
Characteristic Figure 2 Figure 3a,b Figure 3c DCI Structure
Number of components 3 2 1 1
Power density/volume Maximum Medium Minimum Minimum
Magnetic integration Ly and L, L1, Lyand T, Ly, Ly, Ty and Ly Ly, Ly, Ty and Ly
Losses / Medium Maximum Minimum

In addition, in this structure, symmetrical design is adopted, that is, Ny; = Np11 +
Np12, Np2 = Npo.1 + Np2.2, Ns1 = Ns1.1 + Ns1.2, and N2 = Nspq + Nsooo.

Based on the derived DCI, the topology structure of Figure 1 can be modified to the
structure shown in Figure 5, where the red and blue parts represent the DCI structure. For
the modified CF-DAB converter, V| represents the wide input voltage range on the low-
voltage side, Vi represents the output voltage, T;1 and Ty, are two identical transformers,
i represents the primary current of transformer T;1, i, represents the secondary current of
transformer Ty, Lys1 and L,y represent the internal leakage inductor of the transformer,
and L; and L, represent the magnetizing inductor of the transformer, whose current is
equivalent to the DC current in Figure 1, and V-, represents the clamp voltage of capacitor
Ce¢. In addition, the magnetizing inductor here is equivalent to the DC inductor in Figure 1.

Figure 5. Topology of CF-DAB Converter Based on DCI Structure [24].
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2.2. The Principle of the Proposed Converter with DCI Structure

The waveform of this topology under PPS modulation is shown in Figure 6, where
PWM is used to maintain the capacitor clamp voltage V., d represents the duty cycle of
switches Q7 and Qp, and ¢ represents the phase difference between the rising edges of v,
and v,4. A change in the phase shift angle ¢ affects the magnitude of the leakage inductor
current. According to the division interval of the phase shift angle, it can be divided into
two working modes, Mode A(¢ € [0, (2d — 1)7t]) and Mode B(¢ € [(2d — 1)m, 7t]). The
corresponding waveform diagrams are shown in Figure 6a,b, respectively. In addition, the
duty cycle of the secondary side switches signal is fixed at 50%, so the midpoint voltage
waveform v, of the secondary side bridge arm is a square wave with a duty cycle of 50%.
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Figure 6. Key waveforms [24]. (a) Mode A(¢ € [0, (2d — 1)7t]). (b) Mode B(¢p € [(2d — 1)m, m]).

Since the working principles of Mode A and B are similar, in order to simplify the anal-
ysis, this article mainly focuses on Mode B. When the converter is working under Mode B,
there are seven intervals within half a switching period, as shown in Figure 7. In addition,
vge is defined as the voltage across the primary side of L; and T1, and vy, is defined as the
voltage across the primary side of L, and T».

Interval I: Before ty, the circuit modal diagram is shown in Figure 7a.

Interval II: tp—t1, the circuit modal diagram is shown in Figure 7b. At time ty, Qo, is
turned off, while Cy, is charged and C; is discharged until Q, conducts. Among them, the
voltage at both ends of Cy, and C; satisfies (2), and the relationship between the current
flowing through them is shown in (3).

Vear + Ve = Vee 2)
AVem AV, . B

From (2), it can be seen that when V. remains constant, the changing trends of V,»
and V; are opposite, with the same magnitude. Substituting into (3), the following ex-
pression can be obtained,

4)

. dav; .

1y = ZCZTCZ = 21C2

. AV .
ip = —2C—3* = 2ic2

So, in order to achieve zero voltage turn-on of Q, it is necessary to meet the following
requirements: i(tp) <0.

Interval III: t1—t,, the circuit modal diagram is shown in Figure 7c.

Interval IV: t,—t3, the circuit modal diagram is shown in Figure 7d. At time tp, Q;
is turned off, while C; is charged and Cy, is discharged until Qj, conducts. Similarly to
Interval II, it can be deduced that the condition for Qj, to implement soft switching is
ia(fz) > 0.
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Interval V: t3—t4, the circuit modal diagram is shown in Figure 7e.

Interval VI: t4—t5, the circuit modal diagram is shown in Figure 7f. At t4, S, and S3 are
turned off, while Cs; and Cs3 charge, and Cs1 and Cs4 discharge until S; and S, conduct. It
can be inferred that the condition for S; and S, to achieve ZVS is ij,s(¢4) > 0.

Interval VII: t5—tg, the circuit modal diagram is shown in Figure 7g.

Figure 7. Circuit working intervals in half cycle of the proposed DCI DAB converter [24]. (a) Interval
L (b) Interval II. (c) Interval III. (d) Interval IV. (e) Interval V. (f) Interval VI. (g) Interval VIL

Based on the above analysis, the conditions for integrating this circuit to achieve all
switch ZVS are
ip(t) <O
ia(t2) >0 ®)
iLrs(t4) >0

Based on the calculation of instantaneous current, the current threshold for imple-
menting Q7 and Q; soft switching can be obtained, which can be referred to [3] and ex-
pressed as

NpVyd(d—1)Ts
NeVidld UL 2 [0, (2 — 1))

P NsVIT, VT,
. 2V T 2NpVL, T 2L,
Izvs_ 0,0, = ip(to) = 4 NsVyT, |, Ng (6)
4I\]PLrs 2I\]PLrs

x \/(VHTS)Zd(l —d) —2L,sPTy, £ < [(2d —1),1]
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In addition, in order to visually display the ZVS range of all switches and the param-
eters that affect the ZVS range, this article takes V; =18-36 V, Vi =300 V, f = 150 kHz,
and Py = 1000 W as an example. According to (6), the ZVS range of Q; and Q; under dif-
ferent d and inductance can be obtained as shown in Figure 8a,b. It can be observed that
whether d = 0.5 or d =0.75, the current Izys o102 are less than zero within the range of
[2 uH, 10 uH], as shown in Figure 8a,b, which means that the low-voltage side switches
can achieve full load range soft switching under different L;. Similarly, the ZVS ranges of
Q1, and Qy, under different d and inductances are shown in Figure 8c,d, which can also
achieve ZVS over the full load range under various inductances. The ZVS range of the
high-voltage side switches S1, Sy, S3, and Sy is shown in Figure 8e f. It can be observed
that ZVS cannot be achieved only when V; =36 V and P = 0 W, but ZVS can be achieved
under different leakage inductance in other load ranges. Additionally, it can be observed
that the current threshold for implementing soft switching in low-voltage side switches

increases as the leakage inductance decreases.
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Figure 8. ZVS range of switches [24]. (a) Q; and Q, when V; =36 V. (b) Q; and Q; when V; =18 V.
(¢) Q1z and Qy, when V=36 V. (d) Qq, and Q,, when V| =18 V. (e) Sy, S, S3, and Sy when V; =36 V.
(f) S1, Sp, S3, and Sq when V; =18 V. (V[ =18-36 V, Vi =300 V, Py =1 kW).
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3. Design and Optimization of Planar Integrated DCI Structure
3.1. Design of Equal Air Gap Length

Because the two coupled inductors Cl,, and CI; shown in Figure 4a are the same,
to simplify the analysis, this article takes Cl,, as an example and creates its reluctance
model as shown in Figure 9. Because the reluctance of the magnetic core is relatively small
compared to that of the air gap, it can be ignored. Then, ¢; and ¢3 can be obtained as

(Np1_1R2+Np1_1Rc+Np1 2Rc)i1—(Ns1 1Ra+Ns1 1Rc+Nsy 2Rc)in
¢ | _ RiRy+ KR FRoR. ' )
P3 (Ns1 2R1+Ns1 1Rc+Ns1 aRe)ia—(Np1 2R1—Np1 1Rc—Np1 2Rc)ig
R1R2+R1 Rc+R2Rc

Figure 9. The reluctance model of the coupled inductor CI,, [23].

Therefore, according to Faraday’s law, the voltage at both ends of the transformer
winding can be obtained as

d d d d
[UP 05} - {NPU% ~Npi2% N7 - N51_1%} 8)

The inductance matrix of the coupled inductor obtained by (7) and (8) is

L, = [Npl_lz(R3 + R¢) + Npl_ZZ(Rl + R¢) + ZNPLlNPl_zRC} /AR
M, = — Np1_1Ns1_1(R2 + Re) + (Np1_1N1_2 + Np1_oNsi_1) Re+ /AR
Np1_2Ns1 2(R1 + Re) )
Lb = [Nsl_lz(RB + Rc) + Nsl_22(R1 + Rc) + 2Z\Isl_lz\]sl_ZRc} /AR
AR = R1R3 + R1R; + R3R,
The parameters of the transformer are
Ly=L1=1L,
L, gp=Ly/2 =1Ly, — My?/La (10)

NuiNh:Tllll’lzzMgb/Lﬂ

where L, represents the equivalent magnetizing inductance, L, ,, represents the leakage
inductance, and N,:Nj, represents the transformer turns ratio. From (9) and (10), it can
be observed that Cl, is related to the resistance and the number of windings. So, the
coupled inductor can be designed based on the number of turns and gap size of the two
magnetic cores.

For traditional EE core-based magnetic components, the cross-sectional area of the
middle column is twice that of the outer column, and each winding is wound around the
middle column. In the model designed in this article, the winding is wound on the outer
column, which has a smaller cross-sectional area and leads to a higher magnetic flux den-
sity. Therefore, taking V, =18-36 V, Vi =360V, and Py =1000 W as an example, this article
proposes a design scheme with equal air gap for each column, which not only facilitates the
design of a planar coupled inductor but also effectively reduces leakage of magnetic flux.
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The coupled inductor structure based on the EE magnetic core is shown in Figure 10a.
Based on this, an Ansys simulation model is established. In this model, the magnetic core
material is DMRO95, the B-H characteristic is defined according to the DMR95 datasheet,
the boundary conditions are set as balloon boundaries to simulate an open field, the exci-
tation current uses periodic current waveforms under full load, and the mesh type adopts
a default control strategy based on the maximum element length. The magnetic simula-
tion result is shown in Figure 10b. It can be observed that the outer column has a small
cross-sectional area, high magnetic flux density, and high magnetic core loss.
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Figure 10. The optimization design of equal air gap length for each magnetic column and the Ansys
simulation results. (a) Coupled inductor based on EE cores. (b) Magnetic flux distribution of EE
cores. (c¢) Coupled inductor with the equal air gap length. (d) Magnetic flux distribution of equal air
gap length design.

And the air gap and cross-sectional area can be expressed as

lc=2 =213

(11)
Ape = 2Ael = 2A€3

Combining R =I/jpA,, it can be concluded that the magnetic reluctance of two outer
columns is equal, and it can be found that if the reluctance of the middle column and the
outer column are not equal, the air gap of the two are also not equal.

Ry =Rs3 (12)

Ry-po-Aeg = lgl # lgc = R po-Aec (13)

Therefore, in order to reduce the magnetic flux density of the outer column, the cross-
sectional area of the outer column can be increased, while in order not to change the overall
volume of the magnetic core, the cross-sectional area of the middle column can be reduced.
The relationship between air gap and cross-sectional area is as follows,

= _lgl ec — lgc Aez = lg3
Ry-po Repo R3-po

A (14)
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It can be observed that the air gap is directly proportional to the cross-sectional area.
By combining Equations (13) and (14), it can be derived that if an equal air gap is designed,
the resulting air gap length is

I — (Ael + Aec + Ae3)R1RcR3VO
g RiR: + RcR3+ RyR3

(1)

It can be observed that there must be a positive solution for lo, which proves the fea-
sibility of equal air gap design. The coupled inductor structure diagram based on equal
air gap design is shown in Figure 10c, and its magnetic simulation is shown in Figure 10d.
The calculated cross-sectional area of the middle and outer columns under this design is

g

!
=& A g 16
Rog’ e (16)

!
A/el & A/ec e3 = 7R3740

~ Ripo’

Comparing Figure 10b,d, it can be found that an equal air gap can reduce the magnetic
flux density of the outer column. At the same time, the air gap in the middle column has
decreased, and the leakage magnetic flux has also decreased accordingly. And the equal
air gap design is also convenient for production practice, so the final choice is the equal air
gap scheme.

In addition, the equal air gap scheme largely relies on geometric accuracy, and its
small deviations can cause significant fluctuations in leakage inductance L,; due to the in-
verse proportionality between inductance and air gap length. A small air gap can lead to
excessive leakage inductance and increase magnetic core loss, while a large air gap can
lead to a small inductance, which cannot effectively suppress ripple current and increase
copper loss. Although the large air gap can reduce the magnetic flux density in the mag-
netic core and decrease core losses, the overall efficiency may decrease due to a significant
increase in copper losses. Therefore, it is necessary to determine the specific air gap length
based on the optimal efficiency point, and this design indeed requires a certain level of
manufacturing precision to ensure its optimized performance.

3.2. Loss Optimization Design

The parameter optimization design is carried out for the loss of DCI structure with
equal air gap length under the above working conditions. The specific process is shown
in Figure 11.

Combining the formula in Section 3, the parameter design process is shown as follows:

(D Transformer turns ratio: under the control of voltage matching PPS, the designed
transformer turns ratio is 1:5.

@ Equivalent DC inductance: considering ZVS range, ripple current, and effective
value of current, L1 and L; are designed to be 6 pH.

@ Leakage inductance L;s: considering the effective value of current, soft switching
range, and maximum power capacity, the design of L, is 1.44 uH.

@ Inductance matrix parameters of coupled inductor: substitute Ly, Ly and L;s into
(10) to obtain self-inductance L, = 6 uH, L; = 158 uH, and mutual inductance M, = 30 uH.

® Coupled inductor turns and reluctance: substitute the inductance matrix parame-
ters into (9), and derive Ny =3, Np2 =2, N5 =11, Ns2 =15, Ry = R3 = (2.04 x 10°) 1/H, and
Re=(2.92 x 10°) 1/H.

® Cross-sectional area: the maximum magnetic flux of each column is obtained from
(7), and finally the cross-sectional area and air gap length are derived. Where, the cross-
sectional area is obtained as follows,

Ap = Pmax (17)

Brecommend
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The recommended magnetic flux density is determined according to the working fre-
quency of the converter.

(@) Air gap: determine the length of the equal air gap according to (15).

Finally, the optimized planar coupled inductor structure can be determined based on
®®®), as shown in Figure 12.

Determine Equivalent inductance and transformer
parameters (Li/L2v Lisv Np:Ns)
A
Determine inductance matrix parameters (self
Inductance L./Ly, mutual inductance Mav)
v
Determine the number of turns and magnetic
resistance (Ny1» Np2v Nsiv Nso2v Riv Ro)
v
Determine the maximum magnetic flux ¢max, then
calculate the cross-sectional area and the Air gap length

¥
Maximum . ‘
magnetic Determine the core structure Curr‘ent
density B density J
Core outer leg Winding
Loss Widtha width ¢
model ek >< v
Total loss )
Ptotal_toss Footprint Fy

\%e a traM

Optimal size design

Figure 11. Optimal design flowchart for the planar coupled inductor.
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Figure 12. Optimal planar coupled inductor structure. (a) Top view. (b) Side view.

It can be observed that in order to determine the size, it is necessary to determine the
outer column width 2 and winding width ¢, where a = A,/L, b = Acc/L, and hyjqs, = A/l The
height of the magnetic core is determined by the thickness of the PCB board, and the area
occupied by this planar coupled inductor is expressed by the following equation,

Fy = (2a+2b +2c +d)(L +2c) (18)

According to the square waveform modified Steinmetz formula, the iron core loss is

expressed as
8 p
Pcore_loss = 7‘[2[4D(1 _ D)]r}/+l kfslemVe 19)
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Among them, D is the duty cycle of the switch, V. is the volume of the iron core, and
v, k, « and  are the Steinmetz parameters.
It is also known that the DC resistance of each winding is expressed as

NI
Ryje = (20)

~ choy
Among them, [ represents the length of each winding layer, / represents the thickness
of the copper skin, and op represents the conductivity of copper. According to the Dowell
one-dimensional AC impedance model, the AC resistance can be calculated as

( . (mz—l)D’>
Rye = Ry [ M e (21)

M = AhcothAh
D= Z)Lhtanh%h

A = /27 fspooon

7 = Nc/b

(22)

Among them, M is the number of winding layers, M’ is the real part of M, D' is the real
part of D, and p is the vacuum magnetic permeability. The winding loss can be obtained
from (23).

Pcopper_loss = Igcrms_dec_p + Igcrms_pRaC_p + Igcrms_sRﬂC_S (23)

By combining (19) and (23), it can be found that both the core loss and winding loss
can be expressed as functions of a and c. In this paper, F, and the total loss of the planar
multiwinding coupled inductor are taken as optimization objectives, so the relationship
between total loss and F, can be obtained, as shown in Figure 13, where the red box repre-
sents the winding.

c.(mm)
B 1_.\ | | | —— Total Loss
71 Total Loss = 9. --F
6 N =
ot Minimum Loss
5€ ~__ efootprint,
4 N N N R T e——
3 14
2
1L B 1 SR
5 7 8
a(mm)
45 35 25 15
L{mm)

Figure 13. Total power loss calculation with different 2 and c.

The solid line in the figure represents the waveform of total loss, the dashed line rep-
resents F, at different values of 2 and ¢, and the blue tangent point represents the optimal
design point, that is, the minimum loss point at a given Fp. It can be found that as Fp in-
creases, the total loss decreases. However, the change in F}, required to reduce the same
total loss will increase as the total loss decreases, that is, the degree of decrease in total
loss will weaken as F), continues to increase. Therefore, the final optimization solution is a
compromise between Fj, and total loss. Based on this, the optimization interval of F, can be
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obtained, and the final optimization design point can be selected by combining Figure 13.
The final parameter design is determined as a = 6.85 mm, L =46.5 mm.

4. Experimental Verification

In order to verify the feasibility of the proposed DCI structure with equal air gap
planar coupled inductors for the CF-DAB converter and its optimized design, an experi-
mental prototype is designed based on the parameters listed below, as shown in Table 2.
And according to the voltage, current stresses and margin that should be considered,
device type IPP023N10N5 from Infineon company is selected for the low-voltage side
switches, and device type UJ3C065030K3S from United-SiC company is selected for the
high-voltage side switches. In addition, the dead time is set to 200 ns to achieve reliable
zero voltage switching.

Table 2. Experimental prototype parameters.

Parameter Value
Power (P/W) 1000
Switching frequency (f/kHz) 150
Input voltage (V1./V) 18-36
Output voltage (Vy/V) 360
Leakage inductance (L,/puH) 1.44
DC inductance (L1, Lp/nH) 6
Transformation ratio (Nj:Ns) 1:5
Clamp capacitor (C./uF) 60

This prototype is a CF-DAB converter based on DCI structure with an input voltage
range of 18-36 V, an output voltage of 360 V, and a power of 1 kW, as shown in Figure 14a.
In addition, Figure 14b shows the dimensions of the designed magnetic core.

46mm

34.3mm

(a) (b)

Figure 14. The experimental prototype of the DCI CF-DAB converter. (a) Top view of complete
converter. (b) Optimized core shape.

The steady-state waveforms of the proposed DCI CF-DAB under different loads are
shown in Figure 15. Figure 15a,b are the waveforms under light load and full load with an
input voltage of 18 V, respectively. Figure 15¢,d are the waveforms under light load and
full load with an input voltage of 36 V, respectively. It can be seen that the converter can
achieve stable operation under this design.

Figure 17 shows the efficiency comparison before and after the equal air gap optimiza-
tion design under different low-voltage side voltages and loads. It can be found that the
optimized low-voltage side voltage of 36 V and load of 550 W has the highest efficiency,
reaching 96.4%. It can also be observed that regardless of whether the low-voltage side
voltage is 18 V or 36 V and load, the efficiency of traditional CF-DAB is always lower than
that of converters using DCI structure. Moreover, after adopting the DCI structure, the effi-
ciency of the optimized design with equal air gap is higher than that without optimization.
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Figure 15. Steady-state waveforms. (a) Light load when V[ =18 V. (b) Full load when V} =18 V.
(c) Light load when V; =36 V. (d) Full load when V; =36 V.

Figure 16a,b show the soft switching waveforms of Q; and S; in light load mode when
the input voltage is 36 V. It can be seen that this design can achieve ZVS.
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Figure 16. Soft-switching waveforms for light load. (a) Q, when Vi =36 V. (b) S; when V; =36 V.
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Figure 17. Efficiency comparisons between optimization design, no-optimization design and
CF-DAB at different voltages and different loads.
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The power analyzer used in this paper has been calibrated for oversampling based
on an external meter before measurement, with a voltage measurement accuracy of £0.1%
and a current measurement accuracy of £1%. In addition, there is a 0.05-0.1% error in
the power measurement process due to the length of the measurement probe and other
reasons. Under the efficiency improvement shown in Figure 17, this error is acceptable, so
the results presented are significant and reliable.

The comparison diagram of losses before and after optimization is shown in Figure 18.
Based on this, a loss decomposition table as shown in Table 3 can be obtained. According
to the data in Table 3, at V1, =18 V and rated power Py, the proposed optimization scheme
has the lowest total loss, which is 9.1% lower than before optimization. This advantage
mainly stems from the effective optimization of its magnetic core loss. The magnetic core
loss of this optimization scheme is much lower than before optimization. Meanwhile, the
optimized winding reduces copper loss, reflecting the rationality of its winding layout and
the effectiveness of winding width. In summary, the equal air gap optimization scheme
using the DCI structure is feasible and effective.

100 | |
90r |m=m No-optimization design
80+ ™= Optimization design 1
70
60
50
40
30
20
10

Loss (W)

Core loss Copper loss Total loss

Figure 18. Comparison chart of losses before and after optimization.

Table 3. Loss decomposition table.

Loss Component No-Optimization Design = Proportion = Optimization Design Proportion Decrease
Total loss (W) 92.235 100% 83.086 90.1% 9.1%
Core loss (W) 26.747 29.0% 17.444 18.9% 10.1%

Copper loss (W) 31.091 33.7% 27.106 29.39% 4.31%

5. Conclusions

This article conducted a derivation of the DCI structure, integrating magnetic com-
ponents to obtain a new CF-DAB topology. Based on the magnetic resistance model, an
in-depth analysis was conducted on the inductance matrix parameters of the coupled in-
ductor. The study found that the inductance matrix parameters are closely related to the
key structural parameters, such as the number of winding turns and the length of the air
gap. In response to the problems of uneven magnetic flux distribution and high losses
caused by traditional air gap design, this article proposes an optimized design with equal
air gap length, which effectively reduces the magnetic core density of the outer column,
simplifies the production process, and provides a practical path for the industrial manufac-
turing of high-performance magnetic components. The geometric parameters of the planar
coupled inductor are optimized, further improving efficiency and reducing losses. Finally,
the proposed integration structure and optimization strategy are validated by building an
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experimental prototype. The experimental results show that the design scheme could im-
prove overall efficiency, fully verifying its feasibility and effectiveness.
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Abstract

This study aims to develop an event-triggered control strategy of grid-connected inverters,
based on the linear parameter-varying (LPV) modeling approach. Regarding the changes
in grid voltage, filter capacitance and inductance, and random electromagnetic interference,
a stochastic LPV model for three-phase two-level inverters is established. To reduce
computation burden, an event trigger with a continuous-time form is adopted to derive
the state feedback controller for the LPV plant. Unlike the existing common approach to
dealing with event-triggered mechanisms, a predesignated event-triggering threshold is
used to determine the triggering instant of the event condition. Using parameter-dependent
Lyapunov functions, sufficient conditions reliant on parameters are introduced. Based on
the derived conditions, the corresponding event-triggered controllers are engineered to
ensure uniform ultimate bounded stability for the resulting event-triggered LPV inverter
system subject to exogenous disturbance. The simulation results are presented to confirm
the efficacy of the proposed methods.

Keywords: grid-connected inverter; linear parameter-varying (LPV) system; stochastic
systems; event-triggered control

1. Introduction

Grid-connected inverters are active front ends that connect power sources, such
as wind-turbine generators, PV panels, energy storage systems, etc., to the utility grid.
Inverter control is normally implemented by a digital microprocessor, which turns on/off
the power switches to generate the required active/reactive power. With the increase in
control algorithm complexity and switching frequency, the microprocessor faces a greater
computational burden; meanwhile, there is more switching loss and the switch span
is reduced. To target this problem, researchers have proposed event-triggered control.
Event-triggered control implements control action when a certain event occurs, rather than
periodically as in traditional digital control systems [1,2]. This feature saves energy, lowers
communication, and reduces the computational burden of the control system.

There are some studies on event-triggered control in relation to power converters, but
they mainly focus on DC/DC converters. For buck converters, the event-triggered auto-
disturbance-rejection control strategy has been proposed, and an extended state observer
is adopted to track system state and external interference and update the control signal
when the estimation error reaches the limit [3]; in [4], the authors design a proportional—-
integral observer to deal with the uncertainty of mismatch and external disturbances

Energies 2025, 18, 4739 https://doi.org/10.3390/en18174739
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with continuous derivatives. The above researches have obtained necessary criteria for
guaranteeing constrained dynamic stability within the system’s theoretical framework, and
the validity of the theory has been experimentally verified in buck converters. An event-
triggered model predictive control system based on a finite-control-set model prediction
method is firstly proposed for buck converters in [5], where the state error modulus
is used as a triggering condition. A boost converter is treated as a switching model,
and an event-triggered control method is designed to stabilize a linear switching system
in [6]; on this basis, an event-triggered control method for a networked linear switching
system is further proposed in [7]. Event-triggered sliding-mode control is applied to a
buck converter in [8], which greatly reduces the switching frequency of the converter
(by about 10 times). Meanwhile, it maintains almost the same control performance as in
non-event-triggered control.

Linear parameter-varying (LPV) systems are modeled with temporal change parame-
ters; they have the form of linear systems but includes time-varying uncertainties [9]. Due
to this feature, LPV systems are popular in theoretical research and practical engineering,
as the well-developed linear system theories can be used. For example, there are theoret-
ical studies that address analysis and synthesis issues, robust filter design formulations,
defect diagnosis and localization [10,11], etc. In existing engineering research, an LPV
model has been established for lithium-ion batteries to enhance the assessment accuracy
of peak-power evaluation under conditions of battery aging [12], an LPV framework has
been adopted for a four-wheeled mobile robot to track its trajectory [13], and an uncertain
robot system is regulated using an LPV-based control strategy incorporating sliding-mode
techniques [14].

In contemporary system dynamics, stochastic systems have emerged as critical tools
for analyzing probabilistic behaviors inherent in electromechanical actuators, renewable
energy networks, and cellular regulatory pathways. During the last few decades, research
has focused on stabilization and filtering problems for stochastic systems. For stabilization
problems, stochastic stability analysis and control have been carried out and implemented
in secondary frequency regulation for islanded microgrids [15], and in nonlinear systems,
the issue of input-to-state stability being subject to stochastic impulsive effects has received
systematic investigation [16]. Regarding filtering problems, the recursive estimation is-
sue for specific uncertain random systems incorporating amplify-and-forward relaying
techniques were investigated in [17], the decentralized robust filtering problem for ran-
domly switched systems with communication delays under sensor measurement fading
conditions was systematically studied in [18]. With the development of networked control,
the event-triggering mechanism has been considered in controller design for stochastic
systems. For example, an analysis of performance and mean-square exponential stability in
discrete-time randomly switched hybrid systems within an event-triggered framework was
conducted in [19]; in addition, under stochastic transmission protocols, an event-triggered
control challenge in a stochastic nonlinear system was systematically investigated [20].

Regarding grid-connected inverters, they need to deal with grid voltage variations
(including magnitude and frequency), the filter capacitance and inductance changes caused
by aging and temperature, and the stochastic electromagnetic noise in the environment.
To solve these problems, this study develops a variable-threshold event-triggered control
approach for grid-connected two-level three-phase inverters using an LPV model. Treated
as stochastic excitation terms, stochastic electromagnetic noise processes are incorporated
alongside time-variant modeling of filter capacitance, grid voltage, and inductive compo-
nents. The aims of this paper are to (i) establish a systematic event-triggered control scheme
for an LPV system subject to event-triggering conditions; (ii) provide a sufficient condition
of stability, namely uniform ultimate bounded stability, fir the LPV system under exter-
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nal disturbance; (iii) grounded in the derived stability conditions, design event-triggered
controller gains.

This paper proposes a new modeling method for grid-connected inverters. Unlike
the traditional LPV method, this paper includes stochastic perturbations in the model.
Moreover, to consider a networked control scenario, which is typical of modern grid
control frames, the event-triggered method is introduced to the model, which has a lower
computational cost than the continuous control method. This paper is organized as follows:
The system overview and inverter modeling are discussed in Section 2. The main results are
reported in Section 3, followed by simulation validation in Section 4. Section 5 concludes
the paper.

2. Inverter Modeling and System Description

Figure 1 is the grid-connected inverter under investigation, which is of a two-level
three-phase topology. To facilitate control design, the inverter is normally described within
a synchronously rotating coordinate frame, as elaborated below [21]:

di . .

Lt =uqVi = eLiq — rig — 04, (1a)
diq . .

LE :quz + lngld - rlq - 'Uq, (1b)

where V; is the DC power supply input, i, represents the frequency of the grid voltage,
L signifies the filter inductance and r stands for its series resistance component, and the
three-phase abc quantities are transformed into dq variables, i.e., the grid voltages v4, v,
are converted from v, vy, and v.. iy, i; originate from the transformation of grid currents
via i, i, and ic, while the control-synthesized switching functions are u,, u4; subsequently,
the switching signals S;, Sp, and S. can be derived. To ensure adequate power delivery
to the motor or grid, iy,1; need regulation to specified setpoints. Figure 2 shows the
control scheme of the event-triggered stochastic LPV inverter system, which is divided into
four parts: (1) the stochastic LPV dynamical system of the inverter; (2) the event trigger
(including the smart sensor and event detector); (3) the event-triggered controller; (4) the
zero-order holder (ZOH).

S-Hf’} Sb_nf} S_IK}

1, L r v,

LYY Y\
i L r v

— LYY Y\
T 1, L r u

§a_| SZ“;} S%i;}

Figure 1. Two-level three-phase inverter.
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Figure 2. Control scheme of event-triggered stochastic LPV inverter system.
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2.1. Dynamical System

The stochastic LPV dynamical system of the inverter can be described in Itd’s form

as follows:
dx(t) =[M(n(£))x(t) + N((t))u(t) + No((£))p(t)] dt
+ Ny (1)) x(B)dy(t), (2a)
dy(t) =[G(n(£))x(t) + H(y(t))p(t)]dt
+ F(n(8))x(£)dp(t), (2b)
z(t) =C(n(#))x(t) + D(n(t))o(t), (2¢)
where x(t) = [ig;i;] represents the dynamic state of the system; M(#(t)) repre-

sents the dynamic coefficients », L, and 1 associated with the filtering inductance;
u(t) = [ugV; — vg;usV; — vg] denotes the control input; N(7(t)) represents the gating
matrix associated with L; p(t) € R’ is a disturbance input with the upper bound g;
the controlled output is z(t) € R7; ¢(t) is a unidimensional Brownian motion meeting
Z{dy?(t)} = dt and Z{dy(t)} = 0; and the vector parameter 7(t) € R® undergoes smooth
temporal variation constrained within a bounded convex domain.

The parameter 1 is unknown but observable in real time. In the rest of this paper, 7 is
used in place of 7(t) for simplicity. Accordingly, the autonomous form of (2) adopts the
following structure:

dx(t) =[M(n(t))x(t) + Np(n(t))p(t)] dt
+ Ny (17(t))x(t)dy(t), (3a)
y(t) =C(y(£))x(t) + D(n(t))p(t). (3b)

”

To analyze system stability and design controllers, the external disturbance term “p(t)
within Equation (2) is assumed to be negligible (zero), resulting in

dx(t) =[M(n(£))x(t) + N(y(t))u(t)]dt
+ Ny (7(£))x(8)dy(t), (4a)
y(£) =C(n(#))x(t). (4b)

The autonomous representation of the system (4) is given by

dx(t) =My (t))x(£)dt + Ny (7 (£))x(£)dy (1), (5a)
y(#) =C(n(8))x(t). (5b)

2.2. State Observer

The state £(t) is estimated using the measured output magnitude y(t), based on the
following state observer:

dx(t) =[M(7)£(t) + N()u(t) + Np(n)p(t)]dt
+N¢( )2(H)dy(t)
+ L) (dy(t) — [G(n)%(¢) + H(n)p(t)]dt
— E()2(t)dyp(t)), (6)

where £ € R" denotes the observed state, and L(1) represents the parameter variable
observer gain. Define ¥ = x(t) — £(t) as the estimation error; the dynamics of the estimation
error are given by

dx(t) =[M(n) + L(p)G ()] % (¢)dt
+ [Ny (1) + LOp)E ()] % (8)dp(¢). @)
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2.3. Event Trigger

Normally, an event trigger includes two functional parts, i.e., an event generator and
an event detector. The event detector continuously monitors the state of the dynamic system
and checks if a predefined rule is violated, meaning that the event-triggering condition is
satisfied. When this condition is achieved, then an event is generated by the event generator
and an action is taken.

In this paper, an event is generated when the deviation between the present state and
the most recently recorded state exceeds a certain threshold. If there occurs an event, the
event generator transfers the latest sampled state to the event-triggered controller.

Let the sequence of event-triggering times be represented by {t; }{2 , with t; < ti;q.
Without loss of generality, assume the initial triggering time is ty = 0.

The system state x(t;) is sampled at each event time f;, and the subsequent triggering
instant f;, 1 is computed based on

bt = inf{t > t] le(®)] > VE}, VkeN. ®)

where the error e(t) = x(t) — x(f;), and /¢ denotes the predesignated event-triggering
threshold.

2.4. Event-Triggered Controller

The feedback controller of an event-triggered state is employed in this paper. Once an
event is generated, the system calculates the control input based on the sampled state

a(t) = K(n)ay 2(tx), t € [ty try1), kEN. )

where K(#) refers to parameter-varying gain with suitable dimensions, and a;, € R is a
Bernoulli-distributed stochastic variable with

Prob{ffy, =1} = Z{ay, } =17, (10)
Prob{ffy, =0} =1—Z{as}:=1—a. (11)

2.5. Zero-Order Holder

The actuation signal formulated in (9) undergoes parametric updates exclusively at the
pre-computed triggering moment {t; }3° ,; that is, the controller in (9) receives a sampled
state x(t;) which will not change until the next event happens at f; 1. Thus, to keep the
continuity of the control signal, a zero-order holder (ZOH) should be embedded:

u(t) = By i(t), (12)

where B, € R is a Bernoulli-distributed stochastic variable with

Prob{fiy, =1} = Z{B,} := B, (13)
Prob{fi, =0} =1—Z{B}:=1-B. (14)

Before delving deeper, several definitions and lemmas are first presented.

Definition 1. System (5) achieves asymptotic mean-square stability if tlim Z||x(8)||* = 0 for
— 00

arbitrary initial states x(0).

Definition 2. The stochastic LPV system (3) denotes robust stability with y-disturbance attenu-
ation in the Heo sense when, for every p(t) € L]0, 00| and arbitrary parameter trajectories, the
inequality presented below holds:

[yl < rllo®)ll-
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Lemma 1 ([22]). (It6’s formula) Let v(t), where t > 0, be an n-dimensional stochastic process
satisfying an Ito-type differential equation

du(t) = F(Odt + h(Ddy(t),

where f(t) € R", h(t) € R™™, and T(v(t),t) € C¥Y(R" x RT; R*). Accordingly, T(v(t),t)
constitutes a real-valued It6 process, and its stochastic differential is formulated as

dT(v(t), t)
LT(v(t),1)

LT(v(8), )t + Tu (u(), (AP,
T (v(t), 1)+ Ty (v(8), DA ()
+ Strace(g” (1)T (v(t), D(1)),

where C21(R" x RY; R*) represents the set of all functions with real values T(v(t),t) that
possess continuous second derivatives in x and t. Assuming that T(v(t),t) € C>1(R" x RT; RY),

we define
Ty(v(t),t) = 37“(13#,
Ty(v(t), t) = (aT(;Ej),t)""'aT(;E:)'t>>,

0 - (F1000)

Lemma 2. Consider system (5) and assume the existence of a Lyapunov function T(x(t), t) satisfying
LT(x(t),t) <0;

then for any non-zero state x(t) # 0, system (5) exhibits asymptotic mean-square stability according
to Definition 1.

3. Main Results
3.1. Event-Triggered Stabilization

Firstly, the designed conventional time-based control procedure is provided for the
LPV system (5). The proposition below clarifies the stability condition of LPV system (5)
based on Lyapunov stability theory.

Proposition 1. Provided we have a set of parameter-dependent, continuously differentiable, sym-
metric positive definite matrices P(n), it holds that all parameter trajectories satisfy

P(ip) +sym{P(n)M(n)} Ny ()P (1)

! v R (15)

Consequently, system (5) is mean-square asymptotically stable.

Proof. Adopt the following candidate Lyapunov function: T(x,%) = xT(¢)P(1)x(t). In
accordance with It6’s formula in Lemma 1,

dT(x,17) = LT(x,m)dt +2x" (£)P(17) Ny () x(D)dip(t),
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where

LT(x,1) —xT(t)P(U)X( £) + 257 () P(y) M()x ()
xT(E)NT (1) P(7) Ny (1) (1)
() [P(y) + sym{P(n)M(y)}]x(t)
<t>[ T(n)PNy(n)] x(2).

Provided that the following inequality stands, then LT (x,7) < 0 for any x(t) # 0:

P(y) +sym{P()M(17)} + Ny" (1) P(11) Ny (17) <0, (16)

According to Lemma 2, system (5) is mean-square asymptotically stable. By virtue
of the Schur complement, inequality (16) is equivalent to inequality (15). The proof
is completed. O

Proposition 2. Given parameter-dependent, continuously differentiable, symmetric positive
definite matrices R(y) along with matrix F(n), the following inequality holds for every
parameter trajectory:

i1 R(7)Ny" (1)
I R "
where 5. OR
Iy = sym{M(7)R(17) + N(i7)F(17)} — ; Ti ,7(1.17);

then under the controller u(t) = K(y)x(t) and K(n) = F(7)R~1(n), system (4) is mean-
square stable.

Proof. For system (4) under the control law u(t) = K(#)x(t), the closed-loop representation
of system K(7) is given by

dx(t) = (M(n) + N(p)K())x(£)dt + Ny () x(£)dp(t).
Multiplying both sides of (16) by P~(y) yields

P () P(p)P~ () + sym{ P~ (1) M) }

+ P~ ()N (1) P()Ny (1) P~ (17) <0, (18)
where . ( )
_dP dp _ - OP(y) __ dpi
~dp dt*i;Tl a T dt

Let R(y7) = P~1(y), thus yielding

dR() 9P (1)
o —R(n) R(n).

Therefore, (18) can be reformulated as
S
Z T
i=1 i
+ RN (1) P(11) Ny (1) R (17) < 0. (19)

)4 sym{R(7)M(1)}
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Applying the Schur complement , (19) is equivalent to

sym{RODMOn) - L5 T RODNG )
* —R(1)

<0. (20)

Considering the closed-loop system governed by the state feedback law u(t) = K(17)x(t),
(20) is equivalent to

[ Iy R(7)Ny (1) <0, (21)

* —R(1)

where

Iy 2(M(n7) + N(7)K(17))R(17)

+ ROD(NT (KT () + MT (1)) — 2813,2")

Let F(n7) = K(y)R(n); the result (21), i.e.,, LT(x,17) < 0 for any x(t) # 0, can be
guaranteed by condition (17). The proof is completed. [

Propositions 1 and 2 present the conventional time-based controller design procedure
for the considered LPV system without exogenous disturbance. According to the designed
procedure, the subsequent theorem presents the event-based control scheme.

Firstly, During the time interval t € [t, t;y1), from (8) and (9), the stochastic LPV
system in closed-loop form (4) can be equivalently expressed as

dx(t) =[M()x(t) + N () K()x (k) di

+ Ny (17)x(£)dy(t)
=[(M() + N()K())x(t) = N(7)K(ip)e(t) dt
+ Ny (17)x(t)dy(t)
=[M(n)x(t) + N(i)e()]dt + Nyx(t)dy(t), (22)

where M £ M(y) + N()K() and N £ —N()K().
On the basis of the resulting control system (22), the subsequent theorem formulates a
stability criterion via the Lyapunov functional approach.

Theorem 1. Consider a closed-loop system (22) with sampling instants determined by (8). For the
parameter-varying gain matrices K(n) given by (17), assume the existence of a parameter-dependent
family of symmetric positive definite matrices P(1), which satisfy

3(y) 2B(y) +sym{P(y) ¥ ()} + Nj (1) B(11) Ny (17)
N vl

P(y)N()N" ()P (y7) <0, (23)

consequently, the state expectation of system (22) exhibits global uniform ultimate boundedness and
tends to converge within a bounded region.

N = {x0|200x01) <\ [5—p07 | 1)

/\min (*_Q

(m))
Amax(P(1)

where 6 = K
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Proof. Considering the candidate Lyapunov function T(t) = xT (t)P(#)x(t), and assuming
that the solution to (23) is the parameter-varying symmetric positive definite matrix P(7),
then according to Lemma 1, we determine that

I 2 2
= [y = "TepPanxt) |+ et
<~ Aanin (= QU (O] + [le(8)

Considering the sampling instants specified in (8), for any ¢ € [t, try1), [le(f)|| < Ve
holds. Thus, as long as t € [t, tx, 1), it follows that

LT(x,17) < ~Amin(~ Q) (D) +¢

thus, it follows that

dT(x,17) = LT(x,m)dt +2x7 (£)P(17) Ny () x () dip(t)
< (=0T (x, 1) + e)dt +2xT ()P (i) Ny (1) x (£)dp(t).

Consider

de®' T(x, 1) = 0’ T (x, )dt + €*'dT(x, 1)
< 8T (x, i)dt + €% (=0T (x, 1) + €)dt
26757 ()N () P () x (£) (1)
= eedt + 2¢°"xT () Ny (17) P (1) x (t)dyp (1) (25)

Upon performing integration of both sides of (25) between 0 and ¢, and computing the
expectation of the result, the following can be obtained:

2{T(xn) - T0),1(0) ) < [ eeds,

which indicates that
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Thus, it can be concluded that, as t — oo, the closed-loop system (22) is globally
uniformly ultimately bounded, as guaranteed by [23], with state trajectories approaching
the bounded region specified in (24). The proof is completed. [J

Remark 1. To solve P(y) in (23), Schur complement transformations should be operated to
transform (23) into an LMI as follows:

where [T = Z’L’l +sym{P( YM(n)}.

3.2. Event-Triggered Ho, Control

Similarly, the designed conventional time-based H«, control procedure is firstly pro-
vided for an LPV system (3) in the following propositions for further synthesis of an
event-triggered controller.

Proposition 3. The stochastic LPV system (3) is robustly stabilized despite disturbance attenuation
7. Given the existence of a continuously differentiable, parameter-dependent family of symmetric
positive definite matrices P(n) for all parameter trajectories, the inequality given below is satisfied:

I P(n)No(y7) CT(n) Ny"(n)P(n)

A2 T
* * —1I 0
% % * —DP(n)
>, 9P(y)

where TIi1 £ P(7)M(7) + MT (1)P(7) + ¥ ©

i1

Proof. Set the candidate Lyapunov function to T(x,%) = xT (t)P(17)x(t). Without loss of

generality, suppose the initial state of the system is zero, i.e., x(f) = 0, when t = 0. It
follows from It6’s formula that

Z{T(x(b), 1)} = z{/ot ET(x(s),s)}ds,

Let

95



Energies 2025, 18, 4739

T

D(1)
i Tiapﬂﬁ + NwT(ry)P(n)NL/J(;y). With the Schur complement, condition (26) guarantees
i=1 '

where IT £ )
* —7°l

My P(7)No(n) ] .

that TT < 0, and consequently, J(¢) < 0, meaning y' (t)y(t) < v?*0T(t)v(t). Thus, (3)
exhibits robust stability according to Definition 2. The proof is completed. [

Proposition 4. Assume the existence of a parameter-dependent family of symmetric positive definite
matrices, F(17) and R(n); the state feedback controller K(n) ensures the robust stabilization of the
stochastic LPV system (2) with disturbance attenuation -y, where the following inequality is satisfied
under all possible parameter evolutions:

1 No(y) R()CT R(y)Ny" (1)

2 T
* el D 0
* * -1 0 <0 @7)
% % * —R(7)

where Thy £ sym {M()R(1) + N(DF(1)} — X {1, and K(y) = F()R™ 1),

Proof. Take system (2) with u(t) = K(1)x(t), and replace M(r) in (26) with M () + N(17)K(),
with the congruence transformation matrix diag {P~'(#), 1,1, P~(17)}, and apply it to (26),
thus obtaining

Iy No(y) P Y(y)CT P=1(y)Ny" ()

2 T
* -7l D 0
2
* * —1 0 <0 (28)
* * * fP_l(ﬂ)

where Tly; £ sym{(M(ﬂ)+N(11)I<(17))P‘1(77)}+P‘1(17>(§1’98131@)P_1(’7)' Let

R(7) = P~Y(y) and define F() = K(17)P~'(1); substituting these expressions into the
transformed inequality yields (27), with K(7) = F()R~!(#). The proof is completed. [J

To improve the feasibility of the LMIs in Propositions 3 and 4, slack matrices can be
introduced, which leads to following proposition.

Proposition 5. Assume the existence of a parameter-dependent family of symmetric positive definite
matrices, X (17) and P(n), and matrices R(n) and T, the state feedback controller K (1) ensures the
robust stabilization of the stochastic LPV system (2) with disturbance attenuation vy, and (29) is
satisfied for all parameter trajectories.

11, T No(n) 0 0 T 1
« TIIp 0 TTCT(y) TT'Ny'(p) O
2 T
* o« =yl DY(n) 0 0
* * * —1 0 0 <0, (29)
* * * * —P(n) 0
L * * * * —X(17)]
S
where Ty 2 ~T — T7, Ty 2 X(g) + MOp)T + N(p)R(p), Tz 2 ~X () + 3, %25, and

K(y) = R(n) T (1).

96



Energies 2025, 18, 4739

Proof. First, the robust H, stability of the autonomous system (3) is established through a
derived sufficient condition. Consider (30):

-ﬁn fIlZ WTNv(ﬂ) 0 0 WT
x Il 0 CT(n)  Ny'(n) 0
2 T
* * —y<I  D'(n) 0 0
* * * —1I 0 0 <0 (30)
* * * * —P~1(y) 0
| x % % * * —P(17)_

A A R s
where Ili; 2 —W — WT,TTi, 2 P(n) + WIM(y), Tl 2 —P(n) + .zlriap#. P(y) is a
1=

continuous differentiable, parameter-dependent, symmetric positive matrix, and W is a
general matrix of proper dimensions. We will demonstrate that if P(17) and W are feasible,
under disturbance attenuation <y, system (3) is robustly stable.

Inequality (30) is equivalent to (31):

0 P(y) 0 0 0 0 0
* Il 0 0 CT(p) Ny'(n) 0
* * 1133 0 C;(W) 0 0
% x —y2I DT(y) 0 0 |+
* * * * —I 0 0
* * * * * —P~1(y) 0
| * * * * * * —P(17)_
1] e 1]
M7 (1) 0 MT (1) 0
M; (1) 0 My (1) 0
Ny () [W(n) [0 + |NT(n) | Wi(y)|o| <oO. (31)
0 0 0 0
0 0 0 0
| I ] 10] ] 10]

for which | —I M(y) Ny(y) 0 0 I]and [I 0 0 0 0 0], and the null
spaces are, respectively,

M(n) Nu(y) 0 0 I 0 00 00O
I 0 0 00 I 00 0 O
0 I 0 00 0 I 000
and
0 0 I 00 0 0I 00
0 0 0 I 0 0 00110
| 0 0 0 0 I | |00 0 0 I |

Based on the Projection Lemma [24], it can be determined that

Iy P(q)No(n) CT(p) Ny"(n)  P(n)
-y D'(y) 0

* 0

% * 1 0 0 <0, (32)
* * * —P~ () 0

* * * * —P(n)
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where TTj; £ i T ,] Pl P(7)M(n) + MT(7)P(17) — P(n). Inequality (32) can be trans-

formed into (26) via Schur complement transformation, thereby demonstrating that (30)
guarantees the robust stability of system (3).

Now, take (2) with u(t) = K(#)x(t), and replace M(#) in (30) with M(n) + N(1)K(n),
followed by a congruence transformation via diag{W =1, W=1,1,1,I, W~1}; then, (33) can

be obtained:

—ﬁll I:IIZ Nv(i’]) 0 0 w1

* ﬁzz 0 W_TCT(T]) 0 0
2 T

* ol | D" (n) 0 0
* * * -1 0 0 <0 (33)
* * * * P71y o0

| * * * * * g

where ﬁn £ _wl- W_T, I=[22 = W_T( ( )—|- Z TlaP(;y )W_l, 1=I12 e
WTP()W= + (M(5) + N(p)K(n))W™!, Tlgg & —W~ TP(U)W 1. Suppose matrices

X(n) = W-TP()W1, P(yy) = P~(y), R(y) = K(y)W~ !, and T = W~; then, (29) is
obtained, and K(#) = R(17)T~!. The proof is completed. []

Similarly to the modeled system (22), during the time span t € [t, t,, 1), based on (8)
and (9), the stochastic LPV system in closed-loop form (2) can be rewritten as

dx(t) =[M(n)x(t) + N(n)e(t) + No(17)p(t)]dt
+ Nyx(t)dy(t), (34)

where M £ M(17) + N(17)K(17), N £ =N (17)K(17).

Referencing the design procedure, the following theorem provides a uniformly
ultimately bounded stability criterion for the resulting event-triggered control system
(34). It provides a bounded region describing convergence for the overall event-based
control system.

Theorem 2. Take the closed-loop system (34) with sampling instants specified by (8). For the
parameter-varying gain matrices K(n) given by (29), assuming the existence of a family of parameter-
varying symmetric positive definite matrices P(n) that satisfy

Q) 2 B(y) + M" (1) B(17) + B(1y) ¥ (1)
+ NJ (1) P(17) Ny (
+

)N ()N, (17)P (5

‘Gﬂ
=
S~—

i

<0, (35)

the LPV stochastic system (34) exhibits robust stability with disturbance attenuation -y; further-
more, the state expectation satisfies global uniform ultimate boundedness and converges to the
bounded region

N(e) = {x(t) Z{|lx(1)]} < M } (36)
Amin (=0(17))

where 6 = T B0 and p is the upper bound of external disturbance.

Proof. With K(77) given by (29), the M stability of the dynamical system is achieved. Next,
we shall prove that the system states will converge to a bounded region. Considering the
candidate Lyapunov function T(t) = xT(¢)P(17)x(t), it follows from Lemma 1 that
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=T (QUx(0) - [[et) - N () Pp)x(r)|

()1~ ot — RE ) x| + e
< ~Amin (= Q) x(8) I + le(®) > + o (1)1

For every t € [ty, tyi1), |le(t)]| < /e holds; thus, it follows that

LT(x,7) < =Amin(=Q(m) | x(B)||* + ¢+

thus, it can be determined that

dT(x,17) = LT(x,m)dt + 2xT (£)P(17) Ny (17)x () dp(t)

< (=0T (x,17) + e+ p*)dt
+2xT(£) P (1) Ny (17) x (1) dip (1)

Consider

de®' T (x,17) = 0’ T (x, n)dt + €*'dT(x, 1)
< 86T (x, i)dt + € (=0T (x, ) + & + p°)dt
269 (1) P () Ny () x () )
= ledt + ¢ pPdt
+26%xT (8) P () Ny (1) () dp (£);
thus,

2{T(xn) - TGO 10} < [ e(e+ s

which indicates that

Z(T(xm)} < ([ e (et p2)ds + T(x(0),7(0)
= (e +p°) ' /0 eolt=3) g e %'T(x(0),7(0))
= e T(x(0) y(0)) — EEED) 4 D

) 1

Thus, it can be seen that, as t — oo, the closed-loop system (34) is shown to be globally

uniformly ultimately bounded. Additionally, the states converge to the bounded region
specified in (36). The proof is completed. [
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Remark 2. To solve P(#) in (35), Schur complement transformations should be operated to
transform (35) to an LMI as follows:

I NgP(yp) P(n)N(p)  P(y)Np(n)

* P( ) 0 0 <0,
* * —1 0

* * * —1I

where ITj; = Z Tl 77) + sym{P(n)M(n)}.

4. Simulation Results

The simulation employs the grid and inverter parameters v; = 400 V, v = 0V,
Vi=750V,L =0.002H, r = 0.004 (), and ¢ = 314 rad/s, which are typical values for grid-
connected operation. The LPV inverter model (2) is characterized by the following matrices:

r r

—— 401 —p 402
M) = T +01p(t) 1P+ p2(t) ’

¢ 0.20(t) _Z +0.1p1(¢)

Ny = *+0191 () 10240101 (¢)
—+01p1t [01+0.1p2(1) |
[10+0.1p1(t) 2+02

Ny (1) = 3p1 591 ]

- T
Cly) = 14+ 0-291512 + 0~1P2(t)] ,

D(n) =15+ 0.3p1(t) + 0.302(t),

where the time-varying parameters 71 (t) = sin(t) and 7, (t) = |cos5t| satisfy 11 (t) € [—1,1],
ﬂz(f) € [0, 1], T € [*1, 1], and 1, € [*5,5].

To carry out simulations, the basis functions f1(7) = 1, f2(n7) = 11(t), f3(17) = 12(t) are
used to approximate the parameter-dependent matrices; therefore, X' (1) = 2}?’:1 fi(n)&;
where X (77) represents the parameter-dependent matrices appearing in this paper. There-
fore, to solve a matrix variable X'(77) is to solve Xj(j = 1,2,3). The event-triggering
threshold is set at ¢ = 0.05.

Case i: Event-triggered Stabilization

Design an event-triggered controller K(7) that guarantees system (4) is asymptotically
mean-square stable. Based on Theorem 1, it can be determined that

T
R, —10-9| 00605 —0.0270] [ —0.0624
—0.0270  0.3260 - '

T
R, — 10-10] 00079 00003 | 15 [-00300
2 0.0003 —02444|" 2~ ’

T
R, — 10-11| 00892 —01508] | i5[08140]
~0.1508 —0.0635
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The obtained controller is as follows:

Ky =

T
—0.1246
—0.0484| "2

|

—0.0373
—0.0149

T
] , K3

|

0.0081
—0.0588

Throughout the time period t € [t, tx. 1), the control signal is

u(t) = | 01246 0.0373171 (t) + 0.008177(t) Tx (
~ | —0.0484 — 0.01497; () — 0.05887; (1)

Set the initial state to x(tg) = [—~1 1]7. The state response of the closed-loop system is
illustrated in Figure 3, from which it can be observed that the state converges to a bounded
region. This means the system is stabilized with the event-triggered controller. The control
input signal is shown in Figure 4, the triggering error norm is presented in Figure 5, and

the intervals between consecutive events are shown in Figure 6.

2

x(t) (A)

—2 1 I 1 1 L L
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Figure 3. State response x(t) under Case i.
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Figure 4. Control input u(t) under Case i.
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Case ii: Event-triggered H., Control

The disturbance signal p(t) = 1/1+0.5¢? is introduced.The design objective is to
construct an event-triggered controller K(7) to stabilize system (2) and meet the disturbance
attenuation criterion vy. According to Theorem 2, it can be determined that

T
[ 439114 —22.8416] l —8.4817]
= P2y 7

—25.6409 57.2889 —10.3793
0.3749 ! 0.0066 ’ 0.3897 ’
Rp=| Rz = | K= ,
—0.3681 —0.0226 —0.3365
0.0160 ! 0.1032 !
KZZ e ,K3:10_3 e ;
—0.0128 —0.4348

thus, over the period t € [t, t;.1), the control signal is

T
u() = | 703897 0.01607 (1) — 102 -0.1032p2(1) | ()
"~ | —0.3365 — 0.01287; (t) — 103 - 0.4348 (t) '
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Set the initial state at x(tg) = [~1 1]. With this controller, the system is stabilized, as
demonstrated in Figure 7. Figure 8 shows the control input signal. while Figures 9 and 10
display the error norm and event intervals, respectively.

-2 . . . . .
0 0.1 02 03 04 05 06 07 08 09 1

t(s)

Figure 7. State response x(t) under Case ii.
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Figure 8. Control input u(f) under Case ii.
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5. Discussion

The aim of the simulation for Case i is to verify the effectiveness of the proposed
event-triggered controller and the correctness of the theoretical deduction. The inverter
states converge to equilibrium under the proposed controller, and the control signal is a
discrete one, which complies with the event-triggering mechanism. Moreover, the average
control interval is 0.04 s, which saves 400 control cycles for the 10 kHz digital control cycle.
The aim of the simulation for Case ii is to further test the robustness of the system when
disturbed by a time-varying signal. The simulation results show that the system stability
is maintained, and the control output also follows a event-triggering pattern. In this case,
the average control interval is 0.006 s, which saves 60 control cycles for the 10 kHz digital
control cycle. Moreover, due to the disturbance, the event intervals are narrower.

6. Conclusions

An event-triggered controller for grid-connected inverters is designed within the
frame of a linear parameter-varying (LPV) system, which takes into consideration the time-
varying feature of inverter parameters and the stochasticity of electromagnetic noise. A
stochastic LPV model for three-phase two-level inverters is established, for which an event
trigger with a continuous-time form is designed with a predesignated event-triggering
threshold. This mechanism is typical for modern grid control frames, and has a lower
computational cost than the continuous control method. The sufficient conditions of the
uniform ultimate bounded stability are obtained for the resulting event-triggered LPV
system subject to exogenous disturbance. The simulation results show that the inverter
system is stabilized, with minor performance degradation, while the computational burden
and communication density are reduced.
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Abstract

Traditional LLC resonant converters face significant challenges in wide-output-voltage-
applications, such as limited voltage gain, efficiency degradation under wide-gain range,
and increased complexity in magnetic component design. For example, in electric vehi-
cle charging power modules, achieving wide output voltage typically relies on changing
the transformer turns ratio or switching the series-parallel circuit configuration via relays,
which prevents real-time dynamic adjustment. To overcome these limitations, this paper
proposes a wide-gain-range control method based on a full-bridge T-type three-level LLC
resonant converter, capable of achieving a voltage gain range exceeding six times. By inte-
grating a T-type three-level bridge arm with PWM modulation and employing a variable-
topology and variable-frequency control strategy, the proposed method achieves syner-
gistic optimization for wide-output-voltage-applications. PWM modulation enables wide-
range voltage output by dynamically adjusting both the converter topology and switch-
ing frequency. Finally, the proposed method is validated through circuit simulations and
experimental results based on a full-bridge T-type three-level LLC converter prototype,
demonstrating its effectiveness and feasibility.

Keywords: LLC resonant converter; T-type three-level; wide gain range

1. Introduction

As a highly efficient power conversion scheme, the LLC resonant converter is widely
used in various types of power electronic devices, particularly in medium- and high-
power applications that require high efficiency, low loss, and low electromagnetic inter-
ference (EMI). Its most significant advantage lies in the implementation of soft-switching
operation, which enables the converter to maintain zero-voltage-switching (ZVS) or zero-
current-switching (ZCS) states during both conduction and turn-off of the switching de-
vices. This capability effectively reduces switching losses and electromagnetic interfer-
ence [1-3]. The soft-switching feature allows the LLC resonant converter to maintain high
efficiency even at high frequencies, making it especially suitable for high-frequency, high-
power-density applications such as high-efficiency power supplies and electric vehicle
charging systems [4,5].

However, the frequency regulation range of LLC resonant converters is typically nar-
row. When operating far from the resonant frequency, conventional adjustments to the
duty cycle or phase shift angle may fail to maintain soft-switching, leading to increased

Energies 2025, 18, 4613 https://doi.org/10.3390/en18174613
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switching currents in the power devices and a significant drop in efficiency [6,7]. This lim-
itation poses challenges for achieving wide output voltage ranges, especially under large
load variations, where system efficiency can degrade substantially [8].

Many existing wide gain control methods primarily rely on adjusting the gain near
the resonance point [9,10], but this approach limits the converter’s output voltage range
to some extent. To address this issue, researchers have proposed various topology de-
sign schemes, with full-bridge LLC and half-bridge LLC being the most common struc-
tures. These topologies achieve a wider output voltage range within a certain range by
adjusting the frequency, duty cycle, and phase shift angle [11-15]. However, they still
have a limited gain range and pose significant design challenges under efficient operating
conditions [16,17].

To address this issue, multilevel topologies have gained increasing attention in recent
years. By increasing the number of levels, multilevel topologies can significantly reduce
the voltage stress on the switching devices and provide a stable output across a wider volt-
age range [18-20]. For instance, converters with three or more levels can not only extend
the gain range but also enhance both the efficiency and power density of the system [21-23].
However, the adoption of multilevel topologies often comes with more complex control
strategies and higher cost burdens, particularly in high-power applications [24,25]. Ad-
ditionally, adjusting the transformer turns ratio is a common method to extend the gain
range. By altering the turns ratio or modifying the topology, the voltage gain can be ad-
justed within a specific range, thus enabling a wider output voltage [26-30]. However, this
approach is constrained by factors such as transformer size, cost, and magnetic materials,
making it unsuitable for all application scenarios [31].

Another three-level topology is the T-type three-level LLC converter. This topology
typically includes four switching tubes, though only three are required when the T-type
bridge is replaced by a bidirectional switch, which helps achieve low conduction losses
and reduced switching stress [32]. The T-type bridge has also evolved into a hybrid bridge
topology, which meets the wide gain requirement through frequency shifting [33]. Further-
more, recent research on the T-type three-level LLC converter has focused on widening the
gain range of the T-type bridge LLC converter by achieving a 0.25-fold gain through alter-
nating modulation of the topology [34-36]. Reference [34] indicates that the T-type bridge
structure exhibits lower on-resistance and voltage drop compared to stacked half-bridge
and NPC three-level LLC converters [37,38]. As illustrated in Figure 1, the switch net-
work of the T-type bridge demonstrates reduced conduction resistance and voltage drop.
Specifically, for power semiconductor devices with the same current rating and technology
generation, the conduction resistance of a 1200 V SiC MOSEFET is lower than the combined
resistance of two 650 V SiC MOSFETSs connected in series. Likewise, the conduction voltage
drop of a 1200 V IGBT is less than that of two 650 V IGBTs in series. These characteristics in-
dicate that the T-type three-level LLC converter achieves lower conduction losses, thereby
improving overall system efficiency [39—41]. Reference [42] indicate that compared with T-
type LLC resonant converters, dual-resonant cavity structures are more prone to current
imbalance. In addition, the use of multiple transformers further increases the complex-
ity of design and debugging. Additionally, the T-type three-level LLC converter is more
cost-effective when using three independent drive supplies. The T-type bridge can also be
replaced with bidirectional switches, further reducing the overall cost.

To expand the gain of the LLC converter while utilizing the advantages of the T-type
bridge, this paper proposed a wide-range control method based on a full-bridge T-type
three-level LLC resonant converter. The T-type three-level bridge arm reduces the volt-
age stress on the switching devices and extends the voltage gain range through multilevel
modulation. Meanwhile, the wide-output-voltage design, which incorporates variable-
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frequency and variable-topology control strategies, ensures soft-switching characteristics
across the entire load range.

it

— R(JILGSU\" Ru/LI 200V

R(wrr:ZRwLGSOV' R(;rrzzR()r17650V' Ro=Ron_1200v
@) (b) (©)
Figure 1. Conduction resistances at 0.5x normalized gain for common three-level topologies, with

Vin =800V as an example. (a) Stacked half-bridge LLC converter; (b) NPC three-level LLC converter;
(c) T-type three-level LLC converter.

R 650v

The main contributions of this paper are as follows:

(1) This paper proposes a wide-range control method based on a full-bridge T-type three-
level LLC resonant converter and analyzes the working principle and wide output
voltage characteristic.

(2) A variable-topology strategy is employed to tackle the challenge of achieving both a
wide output voltage range.

(3) A PWM modulation method is proposed to achieve a wide output voltage range
through variable-topology and variable-frequency control strategies.

The structure of this paper is as follows: Section 2 describes in detail the conven-
tional control methods to realize wide output voltage and their defects and shortcomings;
Section 3 presents the variable-topology control strategy; Section 4 presents experimental
results and comparative analyses; and Section 5 concludes the paper.

2. Conventional Control Method for Full-Bridge T-Type Three-Level
LLC Resonant Converter

2.1. Operating Principle of the Full-Bridge T-Type Three-Level LLC Converter

As shown in Figure 2, the topology full-bridge T-type LLC resonant converter utilizes
two interleaved half-bridge T-type three-level converters operating with a 180° phase shift
between phases. Each phase contains four power switches (S,1-Sq4), where S;1/S,3 and
Sa2/Sq4 operate as complementary pairs with a 50% duty cycle. The voltage divider capaci-
tors (Cyc1, C4c2) ensure balanced voltage distribution (Vcg.1 = Veye2), while the LLC resonant
tank —comprising the resonant inductor (L,), resonant capacitor (C;), and the transformer’s
magnetizing inductance (L;;)—supports soft-switching operation. The secondary-side
full-bridge rectifier (D1-Dy), along with the output capacitor (C,), provides a regulated
DC output.

2.2. Analysis of Conventional Control Methods

Conventional control methods often achieve a wide voltage output range by varying
the duty cycle at frequencies higher than the resonant frequency. For example, Figure 3
shows the modulated waveform of a wide voltage output achieved by varying the duty
cycle at frequencies greater than the resonant frequency.

109



Energies 2025, 18, 4613

DC+
lo
Sﬂ 4 Sﬂ 4 2
Cat H H oA psd +
— Lr
™h A
el ey i/TNYY}I./z: g To
Sal  [Sw \
Vi —_—
» » Lo ]
Co
Cr
P s I} kn
Cdc2 B 1 +
1 Sh2 Sb3 ver |
- H H D2 A D4 A —_
Sﬂ I Sﬂ 4
B H
DC-

Figure 2. Topology of full-bridge T-type three-level LLC resonant converter.
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Figure 3. Waveform using variable duty cycle modulation when the switching frequency is less than
the resonant frequency.

Phase [fp—t1]: During this phase, S;1 and S, of phase A conduct, while S,3 and Sy4
of phase B conduct. The input voltage to the resonant cavity is equal to the input voltage
of the system, and the resonant current is greater than the magnetizing current. The mag-
netizing inductance is clamped by the output voltage, causing the magnetizing current to
rise linearly.

Phase [f1—tp]: At time t1, S;1 and Sp4 turn off. At this moment, the resonant current is
greater than zero and is sustained by the body diodes of S;3 and Sy, (i.e., Sg2 and Sp3). The
input voltage to the resonant cavity becomes zero, allowing for ZVS when 5,3 and Sy, turn
on. Once S,3 and Sy, are on, the resonant current decreases, while the magnetizing current
continues to rise linearly. When the magnetizing current equals the resonant current, the
magnetizing inductance and resonant capacitance jointly resonate with the resonant in-
ductor and capacitor. At this point, the primary side of the transformer is decoupled from
the secondary side, and the magnetizing inductance resonates with the resonant capacitor
and resonant inductor.

Phase [t)—t4]: The converter enters the next half-cycle. When the voltages across Cj.1
and C;.» are equal, the waveform of the converter in the [t,—t4] phase becomes symmetrical
to that of the [fy—t,] phase.

A wide voltage output range is often achieved by varying the switching frequency be-
low the resonant frequency, as shown in Figure 4, which illustrates the modulation wave-
form at frequencies below the resonant frequency.

110



Energies 2025, 18, 4613

n r———H -

Vin t

Vgs3b I
Vgs2a T_‘ [ — — I_ s
|
|

\ 4

i
i T /TN /TN
R A Nt

| fo [ARN 2 1z 1a t

Figure 4. Waveform using variable frequency modulation when the switching frequency is less than
the resonant frequency.

Phase [to—t1]: At time tp, the switching tubes S,3 and Sy are turned off. Since the
excitation inductance Ly, is relatively large and the duration of this mode is short, it can be
approximated that the resonant inductance current remains unchanged. At this point, the
resonance and excitation currents are equal. When the body diodes of S;1 and S;4 conduct,
these transistors can be turned on at zero voltage. To ensure the zero-voltage turn-on of
Sa1 and Sp4, they must be switched on before the current ij, changes from negative to
positive. As the source-drain voltages of S, and Sp4 drop to zero, zero-voltage turn-on is
achieved. At this point, the voltage between points A and B is Vj;,, and the rectifier diode
D1 conducts. The excitation inductance is then clamped at V,/n, ceasing to participate in
the resonance, while the excitation inductance current increases linearly. Meanwhile, the
resonant network consisting of L, and C, begins to resonate, with the voltage across it being
Vin — Voin.

Phase [t;—ty]: At time t1, the current in the resonant inductor equals the excitation
inductor current. At this moment, the current on the transformer secondary side is zero,
effectively disconnecting the load from the resonant network. The rectifier diode D; is
turned off, ensuring ZCS without any reverse recovery issues. The voltage across the exci-
tation inductor L, is no longer clamped at V,/n, and the resonant components L, L;;, and
C, continue to resonate and operate.

Phase [t,—t4]: During this phase, the operating principle of the converter is similar to
the second half of the previous operating cycle, so it will not be repeated here.

When the full-bridge T-type three-level LLC resonant converter operates at f; > f;, a
wide voltage output range is achieved by varying the duty cycle. Additionally, when op-
erating below the resonant frequency, a wide voltage output range is typically achieved
using Pulse Frequency Modulation (PFM) converter control. The voltage gain function of
the converter can be derived through fundamental approximation equivalent analysis:

G sin D7t )

Jo 20 (@)
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where k = Ly, /L;, fu = fs/fr, fs is the switching frequency, the resonant frequency is
fr = 1/2my/L,C,, the quality factor is Q = +/L,C;/Re, and n is the transformer
transformation ratio.

As shown in Figure 5, the traditional method achieves a wide voltage gain range by
controlling the converter at frequencies both below and above the resonant frequency, pri-
marily by varying the duty cycle. Although theoretical analysis indicates that a near-zero
output voltage can be attained by reducing the duty cycle, this results in certain operating
ranges where ZVS soft switching is not achievable. In these conditions, the turn-off current
increases significantly, which leads to lower efficiency and greater EMI. Therefore, new
methods for wide output regulation need to be explored. The 0.75x and 0.25x voltage
gain modulation methods proposed in this paper offer a balance between wide voltage
regulation and efficient operation. The proposed variable topology control strategy de-
fines three discrete gain ratios (0.75, 0.5, and 0.25) at the resonant frequency. Along with
the 1x fundamental ratio, this results in three distinct operating modes. Pulse Frequency
Modulation (PFM) further enhances voltage regulation, and together these techniques en-
able a wide output voltage range.

Voltage
gain —Pulse Frequency Modulation
1 — Variable duty cycle
0.707] /
025 06 705 0.5 o> fi/D

fr D

Figure 5. Normalized gain curves under conventional control methods with variable switching fre-
quency or duty cycle.

3. Proposed Modulation and Control Method for Wide Gain
3.1. Proposed 0.75 Gain Operating Mode

The modulation method proposed in Section 2 achieves a wide output voltage range
through duty ratio variation. However, at small duty ratios, excessive resonant current
spikes occur, leading to efficiency degradation. To achieve a wide gain range, the full-
bridge T-type LLC converter employs variable-topology modulation, enabling multiple
normalized gain points at the resonant frequency. The first part of this chapter presents the
variable-topology modulation scheme that achieves a 0.75-times normalized gain, where
the original reference normalization is unity gain. This introduces a 0.75-times voltage
gain mode for the full-bridge T-type LLC converter operating at the resonant frequency.
The 0.75-times gain mode consists of two frequency-controlled sub-modes (Mode 1 and
Mode 2). Assuming that the voltages across Cy.1 and C;.» remain balanced at 0.5 V;;, with
sufficient capacitance, Figure 6a,b show the equivalent circuit and operational waveforms
for Mode 1, respectively.

When the converter operates in Mode 1 of the 0.75-times gain mode, S, remains on,
while Sg4, Spo, and Sy3 stay off. S;; and S,;3 operate complementarily with a 50% duty
cycle, and Sp1 and Sp4 operate complementarily with a 50% duty cycle, with a 180° phase
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difference between S;1 and S,1. The converter exhibits the following operational phases
within one cycle:
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Figure 6. Circuit diagram and operating waveforms of 0.75 gain Mode I. (a) Equivalent circuit of
Mode [; (b) waveforms of the Mode I circuit.

Phase [tp—t1]: During this phase, S;1 and Sp4 conduct. The resonant tank input voltage
V sp equals Vj,,, and the resonant inductor and capacitor resonate in series. The magnetizing
inductance is clamped to V,/n, causing its current to increase linearly.

Phase [t;—t;]: When the magnetizing current equals the resonant current, the primary
and secondary sides of the transformer decouple, allowing the magnetizing inductance to
resonate with the resonant inductor and capacitor.

Phase [t,—t3] (Dead Time): At f;, S;1 and Sp4 turn off. Since the resonant current
remains positive, the circulating current flows through the body diodes of S;3 and Sy,
changing the resonant tank input voltage to —0.5 V;,,. With the body diodes of S;3 and 51
conducting, ZVS turn-on is achieved at 3.

Phase [t3—t4]: With S;3 and Sp1 conducting, the resonant tank input voltage is —0.5 Vj,.
Since the resonant current is lower than the magnetizing current, the resonant inductor and
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capacitor continue to resonate in series. The magnetizing inductance is clamped to —V,/n,
causing its current to decrease linearly.

Phase [t4—t5]: When the resonant and magnetizing currents equalize, the trans-
former decouples again, allowing the magnetizing inductance to resonate with the
resonant components.

Phase [t5—t5] (Dead Time): At 5, Sy3 and Sy turn off. With negative resonant current,
the current flows through the body diodes of S;; and Sp4, changing Vg to Vi,. ZVS is
achieved when S;1 and Sp4 turn on after the dead time.

Mode 2 of the 0.75-times gain mode is symmetrical to Mode 1: S;1, Spp, and Sp3 re-
main off, while S;3 stays on. S;» and S;4 operate complementarily at a 50% duty cycle,
as do Sp1 and Sp4. The corresponding waveforms and equivalent circuits are shown in
Figures 6b and 7a, respectively. Given the high symmetry between the modes, where only
Cyc2 replaces Cyeq as the unilateral power source, the operational process of Mode 2 is
omitted here.
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Figure 7. Circuit diagram and operating waveforms of 0.75 gain Mode II. (a) Equivalent circuit of
Mode II; (b) waveforms of the Mode II circuit.
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Due to the presence of negative-voltage half-cycle intervals in 0.75-times gain Mode
1, the resonant network is powered solely by the upper input capacitor, C4.1, during these
periods. Similarly, in 0.75-times gain Mode 2, there is a duration where only the lower
input capacitor, Cj.2, supplies power.

To maintain voltage balance between the input capacitors, the converter should alter-
nate between both modes while operating in 0.75-times gain mode. This alternation pre-
vents excessive voltage droop caused by prolonged operation of a single capacitor. Ideally,
the converter operates in Mode 1 for a fixed duration (typically several dozen switching cy-
cles in high-frequency operation), then switches to Mode 2 for an equal duration, repeating
this sequence.

Thanks to the four-diode rectifier bridge on the secondary side, mode transitions have
minimal impact on the output load. Consequently, the input voltage V45 of the resonant
network can be approximated as a constant 0.75 V,, during this process. In summary, the
voltage-normalized gain formula for the full-bridge T-type LLC converter in 0.75-times
gain mode is derived as follows:

G— 0.75 2

YOt s (@)

3.2. Proposed 0.25 Gain Operating Mode

This section proposes a mode of operation for the full-bridge T-type LLC resonant

converter that achieves a voltage gain of 0.25 at the resonant frequency, referred to as the
0.25-fold gain mode. This mode consists of two sub-modes, each controlled by frequency
conversion. Assuming that the voltages across C;.1 and Cj.2 are both 0.5 V;;, and that the ca-
pacitance is sufficiently large, the control method for Mode 1 of the 0.25-fold gain mode is
as follows: switches S;1, Sp1, Spo, and Sp3 remain off, while switches S;3 and Sp4 remain on,
and switches S;; and S,4 operate complementarily with a 50% duty cycle. The correspond-
ing circuit waveforms and equivalent circuits are shown in Figures 8a and 8b, respectively.

Phase [tp—t1]: During this stage, S;2 is conducting, and the resonant cavity input volt-
age (V4p) is 0.5 Vj,. Initially, the resonant inductor and resonant capacitor resonate in se-
ries, and the excitation inductance is clamped to V,/n, with the current increasing linearly.
Since f; < fr, the excitation inductance and resonant inductance resonate together towards
the end of this stage when the excitation inductance equals the resonant inductance.

Phase [t1—t]: The time interval between #; and t; is the dead time. At #1, S;; turns off,
and the resonant current becomes greater than zero. The resonant current loop is refreshed
through the body diode of Sy4, and the resonant cavity input voltage becomes 0 V. After
the dead time, at tp, S;4 can achieve ZVS turn-on.

Phase [t,—f3]: During this stage, S;4 turns on. The resonant cavity input voltage re-
mains at 0 V, and the resonant current is smaller than the excitation current. The resonant
inductor and resonant capacitor continue to resonate in series. The excitation inductance is
clamped to —V,/n, causing the excitation current to decrease linearly. When the resonant
current equals the excitation current, the transformer’s primary and secondary sides are
decoupled. At this point, the excitation inductance resonates with the resonant inductor
and capacitor.

Phase [t3—t4] Stage: At t3, S;4 turns off, and the resonant current becomes negative.
The resonant current is restored by the body diode of S;» and capacitor Cy.p, and Sy re-
verses conduction. The resonant cavity input voltage becomes V;,, after which 5,5 can
achieve ZVS turn-on.
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Figure 8. Circuit diagram and operating waveforms of 0.25 gain Mode I. (a) Equivalent circuit of
Mode I; (b) waveforms of the Mode I circuit.

Mode II of the 0.25-times gain mode of the full-bridge T-type LLC converter is sym-
metrical to Mode I. When operating in Mode II, switches S;» and S1 remain continuously
on, while switches Sz4, Sp2, Sp3, and Sp4 remain off. Switches S;1 and S;3 operate comple-
mentarily with a 50% duty cycle. The corresponding waveforms and equivalent circuits
for this mode are shown in Figures 9a and 9b, respectively.

Using the fundamental harmonic approximation (FHA) method, it can be shown that
the normalized DC voltage gain function of the full-bridge T-type LLC converter in both
0.25-times gain modes can be expressed by Equation (3). From Equation (3), it is evident
that the voltage gain of the converter in both 0.25-times gain modes is 0.25 when the switch-
ing frequency equals the resonant frequency, representing only 0.25 times the voltage gain
of the full-bridge mode with identical circuit parameters and switching frequency.

Since the initial voltages of C;.; and Cj.» may not be balanced in practice, and since
operating in a single mode would cause the capacitor voltage to drift, Mode 1 and Mode
2 of the 0.25-times gain mode should operate alternately. This alternation ensures that
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the voltage across the dividing capacitors remains balanced within the desired range by
controlling the duration of each mode.
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Figure 9. Circuit diagram and operating waveforms of 0.25 gain Mode II. (a) Equivalent circuit of
Mode II; (b) waveforms of the Mode II circuit.

3.3. Conventional 1 and 0.5 Gain Operating Mode

The conventional 1-times gain modulation method, introduced in Section 2, utilizes
variable duty cycle and frequency modulation to achieve one times the normalized gain.
This method is not repeated here. The full-bridge T-type three-level LLC converter, shown
in Figure 10, operates in half-bridge mode, where S;, and S;3 remain on, Ss1, Sz4, Sp2, and
Sp3 remain off, and Sy and Sp4 operate with a 50% duty cycle.

The full-bridge T-type three-level LLC resonant converter operating in half-bridge
mode undergoes the following stages during one cycle:

[to—t1]: During this stage, Sp4 conducts, and the resonant cavity input voltage is
0.5 Viy,.
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[t1—t2]: Atty, Spq is turned off. Since the resonant current is greater than zero, it forces
the body diode of Sy; to reverse conduction, renewing the current. After the current is
renewed, the resonant cavity input voltage becomes —0.5 V;;,. The time interval from t; to
t is the dead time. At tp, Sp1 turns on, and ZVS is achieved due to the reverse conduction
during the turn-on.

[f2—t4]: The converter then enters the next half-cycle of operation, which is symmetric
to the previous one (from fg to t;). ZVS is also realized for Sy4 at t4.
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Figure 10. Waveforms and equivalent circuits at 0.5 gain half-bridge mode. (a) 0.5 gain operating
waveform; (b) 0.5 gain operating equivalent plot.

Through the analysis of the 0.5-times gain mode, it can be seen that the alternate con-
duction of the upper and lower bridges not only reduces the voltage stress on the switching
devices by half but also helps balance the input capacitors (Vc.1 = Veye), mitigating the
effects of uneven voltage distribution. The normalized voltage gain in this modulation
mode is as follows:

G— 0.5 @)
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3.4. Control Strategy of Full-Bridge T-Type Three-Level LLC Resonant Converter

In summary, based on the gain function of the full-bridge T-type three-level LLC
converter operating in different modes, the corresponding gain curves can be plotted, as
shown in Figure 11. As seen in Figure 11, compared to the original operating modes, the
proposed 0.75-times and 0.25-times gain modes enable the full-bridge T-type LLC con-
verter to achieve an extended voltage gain range with minimal switching frequency varia-
tion, thereby enabling a wide output voltage range.

Conventional 1 gain mode
Proposed 0.75 gain mode
Conventional 0.5 gain mode
PWM mode

Proposed 0.25 gain mode

NN/aN
orel ] ~
I/

0.5 1/
] ——

: >
0.3 1 1.5 ﬁ

Figure 11. Normalized gain curves under the proposed method with variable circuit topology and
switching frequency.

The full-bridge T-type three-level LLC resonant converter operates in four distinct
modes, each of which is selected based on the gain range, as shown in Figure 12. The PI
controller, Gy, adjusts the switching frequency according to the rated output voltage, V..
In this figure, V. represents the reference output voltage, Vo denotes the actual output
voltage, and V¢, indicates the voltage error. Additionally, Gy refers to the predicted volt-
age gain, and f; represents the output frequency of the primary side inverter bridge section.
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Figure 12. Proposed converter control block diagram based on quadruple normalized gain mode
selection.

To enhance the accuracy of the converter’s gain prediction, the mode prediction is
incorporated into the mode selection process. Based on the output voltage, the required
gain of the converter is determined, and the appropriate operation mode is selected accord-

119



Energies 2025, 18, 4613

ing to the voltage gain. The relationship between voltage gain and the mode of operation
is described by a specific relational equation, as shown in the mode selection diagram in
Figure 12. This approach enables the converter to achieve a wide output voltage range
through mode selection and variable frequency control, resulting in a voltage gain of more
than six times the normalized voltage.

4. Simulation and Experimental Results

4.1. Simulation of Different Modulation Modes for Full-Bridge T-Type Three-Level
LLC Converter

To verify the feasibility of the proposed modulation method to achieve the goal of
wide voltage output, a complete simulation model of a full-bridge T-type three-level LLC
resonant converter is constructed in this section based on the MATLAB/Simulink simula-
tion platform. The main parameters of the simulation are shown in Table 1.

Table 1. Parameter table for simulation experiment of full-bridge T-type three-level LLC
resonant converter.

Component Value Component Value
Vi 200V L, 7.8 uH
Vout 100 V400 V Cr 900 nF
fr 60 kHz L 31.2 pH
n 2 Rloud 60 Q)
Cic1/Cac2 800 puF

For the modulation method proposed in Section 3, simulation experiments were con-
ducted to verify its effectiveness. As shown in Figure 13, with an input voltage of 200 V
and a transformer turns ratio of 1:2 on both the primary and secondary sides, the system
operates at a resonant frequency of 60 kHz. The output voltage was switched between
400 V and 100 V three times, as shown in the simulation waveforms. Figure 13 clearly
demonstrates the feasibility of this modulation method, which meets the requirement for
a four-fold output voltage ratio under resonant frequency conditions. Moreover, during
the switching process, no overvoltage or overcurrent conditions occurred, preventing sig-
nificant damage to the converter. The input filter capacitor voltage remained stable at
approximately 100 V, with only a small deviation of about 0.5 V. This deviation can be

attributed to the converter’s balancing of capacitance charging and discharging during the
switching between sub-modes.

3 Vedel

Zg 9 - Vede2
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ir/im(A)
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Time(S)

Figure 13. Dynamic simulation waveforms of output voltage change from 400 V to 100 V and wave-
forms of input capacitor voltage and resonant current and excitation current.
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Figure 14 shows the simulated waveforms of the converter in the unity gain mode,
with an input voltage of 200 V and operating at the resonant frequency. When a com-
plementary drive signal is detected at unit gain and a dead time is applied, the reverse-
connected T-type devices remain in the off state. At this point, the output voltage stabilizes
around 400 V with a ripple of approximately 0.25%. Meanwhile, the secondary current

follows a continuous half-sine waveform, enabling continuous energy transfer from the
primary side to the secondary side.
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Figure 14. Steady-state waveforms in unity gain mode.

As shown in Figure 15, the simulated experimental waveform of the transition from
sub-mode 1 to sub-mode 2 in 0.75-times gain mode is presented. It can be observed that
the gate drive signal Vg1 changes from a 50% duty cycle to a constant off state, while Vg3
changes from a 50% duty cycle to a constant on state. With an input voltage of 200 V,
the output voltage fluctuates around 300 V with a ripple rate not exceeding 1.67%. The
switching process lasts 1 to 2 cycles, with minimal energy loss, no overcurrent in the res-
onant and excitation currents, and very little current jitter. This effectively achieves the
transition between sub-modes while maintaining the voltage balance of the input capaci-
tor. A 0.75-times modulation method is implemented at the resonant frequency, resulting
in an output voltage that is 0.75 times the normalized gain.
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Figure 15. Dynamic transition waveform between two sub-circuit modes at a normalized voltage
gain of G =0.75.

As shown in Figure 16, the steady-state waveform of the bridge arm operation in 0.5x
gain mode is presented. In this mode, the switching tubes S;» and S,4 operate complemen-
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tarily at the resonant frequency. The output voltage is half of the output voltage in the
doubled gain mode, stabilizing around 200 V, with a ripple rate not exceeding 1.5%. The
secondary-side current follows a continuous half-sinusoidal waveform, and energy is con-
tinuously transferred from the primary to the secondary side. Both the resonant current
and excitation current remain within the permissible current range, ensuring that the con-
verter achieves an output voltage half of the normalized gain at the resonant frequency.
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Figure 16. Steady-state waveform at a normalized voltage gain of G =0.5.

As shown in Figure 17, the steady-state waveform of the switching process from sub-
mode 2 to sub-mode 1 in the 0.25-times gain mode is presented. It can be observed that
the gate drive signal Vg1 changes from a 50% duty cycle to a constant off state, while Vg3
changes from a 50% duty cycle to a constant on state. The input voltage is 200 V, and the
output voltage fluctuates around 100 V, with a ripple rate not exceeding 3%. The switching
process lasts for 1 to 2 cycles, with minimal energy loss, no overcurrent in the resonant and
excitation currents, and minimal current jitter. This effectively enables switching between
sub-modes while maintaining the voltage balance of the input capacitor. The resonant
frequency is modulated by a factor of 0.25, resulting in an output voltage that is 0.25 times
the normalized gain.
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Figure 17. Dynamic transition waveforms between two sub-circuit modes at a normalized voltage
gain of G =0.25.

4.2. Experiments on Different Modulation Modes of Full-Bridge T-Type Three-Level
LLC Converter

To verify the feasibility of the output voltage in the proposed 0.75-fold and 0.25-fold
gain modes and to achieve a wide output voltage range, a full-bridge T-type three-level

122



Energies 2025, 18, 4613

LLC resonant converter is constructed, as shown in Figure 18. The key parameters are
as follows: Lr = 8.2 uH (including 0.4 uH transformer leakage inductance), Cr = 0.88 uF,
Lm =312 uH, fr = 58 kHz, and the transformer turns ratio n = 2. The MOSFET switch-
ing device is the STW70N60DM2 from STMicroelectronics. The rectifier diode is the VS-
E5PX3006L-N3, and the controller used is the DSP F28377D.

Full-bridge T-type three-
level LLC converter

Figure 18. Full-bridge T-type three-level LLC resonant converter prototype.

As shown in Figures 19 and 20, the experimental waveforms are obtained under the
traditional 1-times gain and 0.5-fold gain modes. The input voltage is a DC 200 V, and the
switching frequency is 58 kHz. The output voltages are 400 V and 200 V, respectively, cor-
responding to the unity and 0.5-fold normalized voltage gain. The peak resonant currents
are 26 A and 13 A, respectively, with the output load set to R;,;; =120 Q2. The experimental
waveforms show that the output voltages are stable at 400 V and 200 V, with very small
ripple. Additionally, the resonant inductor current and excitation inductor current align
with the theoretical analysis and simulation results, confirming the validity and feasibility
of the modulation scheme.
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Figure 19. Experimental waveforms in conventional unity gain mode.

The dynamic experimental waveforms of the proposed 0.75-fold gain modulation
mode, switching from sub-mode 2 to sub-mode 1, are shown in Figure 21. In sub-mode
2, the voltages of V45 are 0.5 times and —1 times the input voltage. After switching to
sub-mode 1, the voltages of V45 become 1 and —0.5 times the input voltage. Both the theo-
retical analysis and simulation experiments validate the experimental waveforms, confirm-
ing their feasibility and correctness. During the switching process, there is no overcurrent
in the resonant or excitation currents, which ensures the safety and reliability of the con-
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verter’s operation. The input voltage remains at DC 200 V, and the output voltage is 300 V
with minimal ripple. The output load is set to Rj,,q = 120 (), and the switching frequency
is 58 kHz, with a peak resonant current of 20.7 A.
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Figure 21. Dynamic experimental waveforms of the proposed 0.75-times gain mode switching from
sub-mode 2 to sub-mode 1.

Figure 22 shows the steady-state experimental waveform after switching to sub-mode
2. In this sub-mode, the output voltage is 0.5 times and —1 times the input voltage, achiev-
ing 0.75 times the normalized gain of 300 V. The experimental waveforms align with the
theoretical analysis and simulation results, proving that the modulation method is correct
and feasible. This approach is conducive to achieving a wide voltage range output.

The dynamic experimental waveforms for the proposed 0.25-fold gain modulation
mode, switching from sub-mode 2 to sub-mode 1, are shown in Figure 23. In sub-mode
2, the voltage of V4p is —0.5 times the input voltage. After switching to sub-mode 1, the
voltage of V45 becomes 0.5 times the input voltage. Both theoretical analysis and simu-
lation experiments validate the experimental waveforms, confirming their feasibility and
correctness. During the switching process, neither the resonant current nor the excitation
current exceeds the current limit, ensuring the safety and reliability of the converter’s op-
eration. The input voltage is maintained at 200 V DC, and the output voltage is 100 V with
minimal ripple. The output load is set to Rj,,q = 120 (), the switching frequency is 58 kHz,
and the peak resonant current is 9.2 A.
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Figure 22. Proposed 0.75-times gain sub-mode 2 steady state experimental waveforms.
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Figure 23. Dynamic experimental waveforms of the proposed 0.25-times gain mode switching from
sub-mode 2 to sub-mode 1.

Figure 24 shows the steady-state experimental waveforms after switching to sub-
mode 1. In this sub-mode, the output voltage is 0.5 times the input voltage, resulting in a
normalized gain of 0.25 times 100 V. The experimental waveforms align with the theoretical
analysis and simulation results, demonstrating the correctness and feasibility of the mod-
ulation method. This approach facilitates the realization of a wide voltage range output.

As shown in Figure 25, the heavy load waveform operates in 0.75-times gain mode
with an input voltage of 100 V. Figure 26 presents the dynamic waveform of the output
voltage, with the input voltage fixed at 100 V. Figure 26a shows the dynamic change of the
voltage from 240 V to 180 V in 1-times gain mode, Figure 26b shows the dynamic change
of the voltage from 180 V to 140 V in 0.75-times gain mode, Figure 26¢ shows the dynamic
change of the voltage from 130 V to 90 V in 0.5-times gain mode, and Figure 26d shows the
dynamic change of the voltage from 60 V to 50 V in 0.25-times gain mode. From the wave-
forms in these four sub-figures, it is evident that there is no over-voltage or over-current
in the input voltage and resonant current during the voltage transition. This demonstrates
that the converter can achieve a wide voltage range output by selecting different operating
modes for voltage variation.
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Figure 24. Proposed 0.25-times gain sub-mode 1 steady state experimental waveforms.
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Figure 25. Heavy load waveforms in 0.75-times gain mode with 100 V input voltage.
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Figure 26. Output voltage dynamic response waveforms in different modes. (a) Conventional 1 gain
mode; (b) 0.75 gain mode; (c) conventional 0.5 gain mode; (d) 0.25 gain mode.
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The efficiency test results of the converter operating in the 0.75x gain mode are shown
in Figure 27 with an input voltage of 200 V. At an output power of 1800 W and a switching
frequency of 60 kHz, the converter achieves a conversion efficiency of 93.02%. These effi-
ciency measurements for the proposed 0.75x gain modes at different output powers and
frequencies verify the feasibility and effectiveness of the proposed method.

Efficiency(%)
94% 92.93%  93.02%

92%
90%

88%

—@— Vo=290V fs=60kHz

86%
84%

82%
0 300 600 900 1200 1500 1800
Output power(W)

Figure 27. Efficiency at different output powers in 0.75x gain mode.

5. Conclusions

In this paper, a wide-output-voltage-range control method based on a full-bridge T-
type three-level LLC resonant converter is proposed. The proposed 0.75-fold and 0.25-fold
voltage gain modulation techniques effectively extend the output voltage range, address-
ing the challenges encountered by conventional LLC resonant converters in wide voltage
applications. By combining the T-type three-level bridge arm with PWM modulation and
employing a variable topology and frequency control strategy, the method successfully
broadens the voltage gain range. Additionally, the PWM modulation method enhances
the output voltage range by dynamically adjusting both the topology and frequency, effec-
tively overcoming the limitations of traditional LLC converters. Simulation models and
experimental prototypes developed in this study validate the effectiveness and feasibil-
ity of the proposed method. Experimental results demonstrate that the method achieves
an input voltage of 100 V and an output voltage with a gain exceeding six times, reach-
ing 40 V-240 V. This provides a reliable solution for applications requiring a wide output
voltage range, such as new energy power generation systems and electric vehicle charging
equipment. In the future, this converter can be applied to practical systems, such as electric
vehicle charging or renewable energy interfaces.
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Abstract

Three-level non-inverting buck-boost converters are promising for electric vehicle charging
stations due to their wide voltage regulation capability and bidirectional power flow.
However, the number of three-level operating states is four times that of two-level operating
states, and the lack of a unified switching state selection mechanism leads to serious
challenges in its application. To address these issues, a finite control set model predictive
control (FCS-MPC) strategy is proposed, which can determine the optimal set and select
the best switching state from the excessive number of states. Not only does the proposed
method achieve fast regulation over a wide voltage range, but it also maintains the input-
and output-side capacitor voltage balance simultaneously. A further key advantage is that
the number of switching actions in adjacent cycles is minimized. Finally, a hardware-in-the-
loop experimental platform is built, and the proposed control method can realize smooth
transitions between multiple operation modes without the need for detecting modes. In
addition, the state polling range and the number of switching actions are superior to
conventional predictive control, which provides an effective solution for high-performance
multilevel converter control in energy systems.

Keywords: buck-boost converters; finite control set model predictive control (FCS-MPC);
switching actions; three-level converters; wide voltage range

1. Introduction

With the advantages of cleanliness, energy saving and high efficiency [1,2], new energy
vehicles have gradually become an indispensable mode of transport for people who travel.
However, due to the long charging time of conventional electric vehicles and the difference
in charging voltage levels of different manufacturers, the voltage fluctuation ranges from
200 V to 920 V [3], and some of them even reach 1000 V [4]. Therefore, the solution of
DC/DC fast-charging technology with adaptable high voltage, high power, and wide
voltage range has received extensive attention from researchers.

The buck-boost converter has been widely adopted in electric vehicle charging sta-
tions, energy storage systems, and DC micro grids due to its non-inverting output and
flexible voltage regulation capabilities [5,6]. However, as fast-charging power levels in-
crease from tens of kilowatts to hundreds of kilowatts, there exists an urgent demand for
power conversion solutions that support ultra-wide voltage ranges. A novel buck-boost
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flying capacitor converter for electric vehicle (EV) fast-charging station DC-DC stages
has been proposed in [7]. On this basis, an improved DC-DC buck-boost partial power
converter with better efficiency compared to [7] is subsequently developed in [8]. How-
ever, conventional two-level buck-boost converters with single-leg topology have inherent
limitations—switching devices experience increased voltage stress at high output volt-
ages, which raises the susceptibility to overvoltage damage. This operational constraint
necessitates the selection of devices with higher voltage class, resulting in increased cost
and challenges in increasing the switching frequency. Consequently, existing two-level
buck-boost converter architectures are proving inadequate to meet the requirements of
high-power, fast-charging systems.

To address the trade-offs between voltage stress and switching frequency, three-level
buck-boost topologies have been investigated. These configurations achieve multi-level
output characteristics through flying capacitors or cascaded structures [9,10], effectively
reducing device voltage stress to 50% of conventional topologies. The three-level framework
offers dual advantages: (1) filter size can be reduced, and power density can be improved by
multi-level waveform generation, and (2) lower-voltage devices facilitate higher switching
frequency operation, thereby enhancing the dynamic response. However, the three-level
topology presents significant challenges in implementing control strategies such as multi-
mode operation, input/output capacitor voltage balance, and switching state optimization.

In terms of control strategies, conventional two-level buck-boost converters have
inherent defects during mode transitions due to minimum pulse width limitation [11].
Specifically, when the input and output voltages approach equilibrium, the voltage gain
dead zone in the buck-boost mode transition region occurs in conventional control strate-
gies, resulting in regulation failure [12]. To address this problem, a variety of strategies have
been investigated to improve performance. For non-inverting buck-boost topologies, a
multi-mode operation strategy has been proposed in [13], where an additional buck-boost
mode is introduced alongside the conventional buck and boost modes to mitigate the
dead-zone effects. However, this approach can lead to switching oscillations in the region
of critical transition thresholds. To suppress such oscillations, a hysteresis control has been
implemented in [14].

To further enhance the dynamic characteristics of the converter, the MPC strategy
is widely adopted. A modulated MPC is proposed in [15], where the operating state is
divided into four modes and the optimal duty cycle is selected via a voltage-based cost
function. A key drawback, however, is that this algorithm requires explicit monitoring
of the operating mode. To overcome this problem, three operating modes are classified
in [16], and the cost function is selected as the minimum fluctuation of inductor current
in each control cycle, so that the optimized duty cycle for the subsequent control interval
is preferred. For FCS-MPC, a state-space model including switching states is established
in [17], and four switching states are polled to optimize the output voltage tracking effect.
Since the cost function does not include the inductor current, it is prone to cause current
inrush. Building on [17], the work in [18] refines this approach by incorporating both
the inductor current and its limit into the cost function. This dual-objective optimization
ensures smooth output voltage transitions while effectively suppressing current inrush.
Unlike that with two levels, the three-level buck-boost converter confronts the following
problems: Firstly, the capacitor voltage balancing control on the input and output sides
needs to be regulated. Secondly, the four half-bridge topologies can generate 16 switching
states [19], and the global polling computational burden increases dramatically. Finally, the
voltage oscillation phenomenon still exists when the input and output voltages are close to
each other. To address these issues, Ref. [20] proposes a modulated MPC that introduces
two extended operating modes and employs duty cycle hysteresis control to prevent mode
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oscillations. Notably, the monitor of the converter operating mode is also required, and
the optimal number of switching actions cannot be guaranteed. For FCS-MPC, the duty
cycle is solved in [21], and the optimal duty cycle is polled in the range of 0 to 1 as a way to
achieve optimal control. However, the duty cycle has continuous characteristics, and its
accuracy under discrete polling does not meet the demand for control accuracy.

Aiming to address limitations in existing FCS-MPC strategies, a switch-state-optimized
FCS-MPC method is proposed in this paper. The contributions can be listed as follows:

(1) The total number of switching states is reduced from 16 to 11 while retaining full-range
buck-boost operation and capacitor voltage balancing capabilities, thereby reducing
control complexity. Additionally, the proposed adjacent-state polling strategy further
limits candidate states per control cycle to a maximum of five, substantially decreasing
computational load and switching losses.

(2) A multi-objective cost function integrating mode transitions, capacitor voltage balancing,
and current tracking is established to enable systematic trade-offs among objectives.

(3) Seamless mode switching through shared bridging state (M1) ensures smooth transi-
tion for different load scenarios.

Ultimately, the proposed control dynamically optimizes switching actions and mode
transitions, offering a novel solution for efficient control of three-level topologies. This pa-
per is organized as follows: The principle and discrete state-space model of the three-level
buck-boost converter are analyzed in Section 2. The switching state optimization method
is proposed in Section 3. Next, the FCS-MPC algorithm is presented in Section 4. Section 5
validates the effectiveness of the proposed method through hardware-in-the-loop. Finally,
the conclusions are presented in Section 6.

2. Three-Level Non-Inverting Buck-Boost Converter Working Principle
2.1. Subsection Working Principle of TLNIBBC

The topology of the three-level non-inverting buck-boost converter is shown in
Figure 1. It consists of eight switches named S1-Sg and their anti-parallel diodes. Among
them, R represents the load resistance and L is the inductor connecting the input and output
sides. Req represents the equivalent resistance of the inductor and the loop. C;; and Cj»
are the input-side support capacitors with voltages V;; and Vj,, respectively, and the sum
of which is the total input-side voltage V;,. Similarly, C,1; and C,, are the output-side
capacitors of the converter, with voltages V1 and V, respectively, and the sum of which
is the total output voltage V,. In addition, i; and i, are the input-side and output-side
currents, respectively. Points 01 and o, are the midpoints of the input and output capacitors.
Points a, b, ¢, and d represent the output terminals of the four half-bridge legs, and the
potentials are controlled by switching-state pairs (S1, S), (S3, S4), (S5, Se), and (Sy, Sg).

Vo == S b M S d
G

Figure 1. The topology of three-level buck-boost converter.
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The three-level non-inverting buck-boost converter can be divided into a buck arm
on the input side and a boost arm on the output side, of which both sides are symmetrical
with respect to the inductance. Both buck and boost arms are cascaded by two half-bridge
two-level converters. To avoid short-circuiting of capacitor C;;, switching states S; and S
are complementary. Likewise, the switching states S3 and S4, S5 and S¢, and Sy and Sg are
each complementary. The three-level non-inverting buck-boost converter can be operated
in either buck mode or boost mode.

As seen in Figure 2, the first row (modes @) to (») forms the boost operating mode,
while the first column (modes @O, ®, (9, and @3) constitutes the buck operating mode.
Notably, mode (@ is a shared state for both buck and boost operations. Therefore, theoreti-
cally, only these seven operating states are needed to achieve any step-up or step-down
voltage conversion. However, these two operating modes alone cannot guarantee voltage
balance across the input-side and output-side capacitors. Hence, additional modes must be
incorporated. For instance, controlling the duty cycles of modes (7) and @ enables voltage
balancing for the input-side capacitors. Similarly, voltage balancing for the output-side
capacitors can be achieved by controlling the duty cycles of modes (6) and @. In summary,
only 11 operating modes are required to implement the buck-boost conversion function.

Boost
Mode

Notes :

@ ~ : 16 operating states.

T Four operating states of

L boost mode.
r— 0 Four operating states of
L | buck mode.

— —— Additional operating states
for output capacitor voltage
balancing.

Additional operating states
for input capacitor voltage
balancing.

Current paths in various
operating states.

Output-Side Capacitor Input-Side Capacitor
Buck Mode Voltage Balancing Voltage Balancing

Figure 2. Summary of operating modes for the three-level buck-boost converter.

133



Energies 2025, 18, 4481

2.2. Time-Domain State-Space Model

Defining the switching states of the four half-bridges of the three-level non-inverting
buck-boost as Q1—Qj, respectively, the following can be obtained:

1, Sy onand Sy of f 1, Sz onand Sy of f

Q= 0, Syoffand Spon ' Q= 0, Ss of f and Sy on W
05 — 1, Ss onand Sg of f 04 = 1, Sy on and Sg of f
700, Ssoffand Sgon " <* )0, Sy of f and Sg on

According to the KVL equation, the input side midpoint voltage of the arm can be
obtained as

dig,
vy = 2L— T + Req -ip + 0¢g 2)
Further simplification can be obtained:
Vap = Q1- Vi +(1-Q2) -V, ®)

Similarly, the output side voltage can be obtained as follows:

Vg = Q3+ Vo1 + (1 —Q4) -V, 4)

For the input-side capacitance, applying the KCL equation gives

vy . .
Cin ;/tl =i — Q11 5)
dVip _
Cogt =ii—(1-Qa) i
Likewise, the output side can be obtained:
Col dt =Q5-i 01?{"/02 ©)
Cooltt = (1-Qy) - ip — Yuglin

Combined with (2) to (6), the time-domain state-space model of a three-level non-
inverting buck-boost DC-DC converter can be written in a unified matrix form:

x =Ax+ Bu (7)

wherex = [if Vi1 Vip Vi Voz]T, u=i.

—% 0 0 0 0
a= -2 0 o 0 0o |,
&0 0w xG

T
_ 1 1
B=[o 4 Lo o]
ij represents the inductor current, and Q1—Q4 are the switching state variables, which

reflect the on—off situation of the switches S1—Sg. In summary, (7) is applicable whether the
converter is in buck mode or boost mode.
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2.3. Discrete State-Space Model

Based on the differential equations in the previous section, the continuous time
model (7) is discretized by the forward Euler formula, and then the discrete time model of
the converter can be obtained:

xP(k+1) = G(Ts)x(k) + H(Ts)u(k) 8)

where G(Ts) = A%, H(T,) = [;°eMdt-B. T is the sampling time. x7(k + 1) is the
predicted value of state variable x at time k + 1, where x¥ = [i P, V;1 P, Vio P, V1 P, Vi P,
Substituting (7) into (8), the inductor current discrete-time model can be written as

P (k1) = (1= 50 ) -in () + G - Vi (6) — S - Voa (k)

+ % Vi (k) — % Voo (k)

)

The discretized equations of the input- and output-side capacitor voltages are written
as follows (10)—(13):

VilP(k+1) = —chTS 'iL(k)JrVil(k)ﬂLgfs'ii(k) (10)
il il
V(1) = ~ 19T B 4 vicn a
2 2
VPl +1) = L2 i) + (1 - Rf;l)vol () = e +Veall) (12)
VP (k1) = OB iy - v+ (1- g JVal 03)

Equations (9)—(13) are discrete-time state variables, and according to this model, the
MPC can be easily implemented.

3. Optimization of Multi-Mode Switching States

The discrete-time model is defined by switching state variables Q;—Q4, where each
binary variable Q; (i=1, 2, 3, 4) is constrained to two states (0 or 1). Consequently, 11 distinct
mathematical expressions are derived for the discrete-time model. When a conventional
MPC algorithm is applied, the discrete state variables must be evaluated 16 times per control
cycle, resulting in an excessive computational burden on the controller. More critically,
if each switch state is polled exactly according to the inner-loop current prediction, the
number of switching actions in the neighboring control cycle is severely increased, and
the performance of the converter deteriorates. For instance, a direct transition from the
switching state 1010 to 0101 would require all eight switches to be toggled simultaneously,
causing significant switching losses that are highly detrimental to converter efficiency. To
mitigate these issues, systematic classification and optimization of converter modes are
necessitated. The optimization strategies under three operational scenarios—buck mode,
boost mode, and transient alternating states—are elaborated in the following sections.

3.1. Switching State Optimization in Buck Mode

The current paths corresponding to the four modes (M1-M4) of the three-level non-
inverting converter operating in buck mode are illustrated in Figure 3. In Figure 3a, the
switching states of Q1-Qy4 are configured as 1010, where the load power is supplied jointly
by the input voltage source and the inductor. In M2, with switching state 1110, the input
capacitor C;; and the inductor power the load, causing C;; to discharge. Similarly, for
the switching state 0110 shown in Figure 3c, the load is supplied by the inductor and
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supporting capacitors, with both C;; and C;; being bypassed. Finally, in Figure 3d, state
0010 is activated, enabling the load power to be provided by the input-side capacitor C;,
and inductor, accompanied by the discharge of Cjp.

Figure 3. Four operation states of buck mode.

The four operational states of the buck mode are systematically concluded in Table 1.
It is observed that the switching state transitions between adjacent operational states are
characterized by a single-bit variation in the states of Q;—Q4. Therefore, in order to suppress
the drastic increase in the number of switching actions in the adjacent control cycle of the
converter, three alternative states in the next control cycle are polled: one is to keep the state
of the previous cycle unchanged, and the other two are to go into the adjacent states. Thus,
the schematic of the state transfer in buck mode of the three-level converter is obtained, as
shown in Figure 4.

Table 1. Switch states and port voltage in buck mode.

Operation States Q1 Q> Qs Q4 Vab Ved
M1 1 0 1 0 Vin Vo
M2 1 1 1 0 Vip Vo
M3 0 1 1 0 0 Vo
M4 0 0 1 0 Vi Vo

States: Q1Q2Q3Q4
M1: 1010
M2: 1110

M3: 0110

M4: 0010

Figure 4. Schematic diagram of states transfers in buck mode.
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If the current control cycle is in state M1, the range for state optimization in the next
control cycle is M1, M2, and M4. As the number of switching actions between M1 and M3
is two, state M3 is excluded in the next cycle. In addition, the decision as to which of the
modes, M1, M2, or M4, to select is determined by the cost function described later.

3.2. Switching State Optimization in Boost Mode

The current paths corresponding to the four operational states (M1, M5-M7) of the
three-level non-inverting converter in boost mode are illustrated in Figure 5. In Figure 5a,
the switching states of Q1—Q4 are configured as 1010, where the load power is supplied
by both the input source and the inductor. In Figure 5b, the switching states of Q1—Q4 are
set to 1011. Here, the load power is provided by the output capacitors, while capacitor
Co1 is charged and C,; discharged. As shown in Figure 5c, when the switching states of
Q1-Qq are 1001, the load is supplied by supporting capacitors, and energy is stored in both
inductors during the state. Finally, in Figure 5d, the switching states of Q1—-Q4 are 1000.
The load power is provided by the supporting capacitors, with capacitor C,; being charged
and C,; discharged.

Figure 5. Four operation states of boost mode.

Four operational states of the three-level non-inverting converter in boost mode are
summarized in Table 2. Similar to the buck mode, only one switching state variation is
permitted between adjacent operational states for switching devices Q1—Q4. To mitigate
excessive switching actions across consecutive control cycles, the candidate states for
the next control cycle are restricted to three possibilities: one is to keep the state of the
previous cycle unchanged, and the other two are to go into the adjacent states. A schematic
representation of the state transition constraints for boost mode is illustrated in Figure 6.

Table 2. Switch states and port voltage of boost mode.

Operation States Q1 Q2 Qs Q4 Vg Ved
M1 1 0 1 0 Vin Vo
Mb5 1 0 1 1 Vin Vo1
Mé 1 0 0 1 Vin 0
M7 1 0 0 0 Vin Vo2
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States: 010-030;4
M1: 1010
M5: 1011
Mé: 1001

M7: 1000

Figure 6. Schematic diagram of state transfers in boost mode.

If the current control cycle is in state M1, the range for state optimization in the next
control cycle is M1, M5, and M7. As the number of switching actions between M1 and M6
is two, state M6 is excluded in the next cycle. In addition, the decision as to which of the
modes, M1, M5, or M7, to select is determined by the cost function described later.

3.3. Transient Switching Process Within Two Operation Modes

The state transition processes of the converter in both buck and boost modes are
analyzed separately in the preceding sections. However, in practical applications where
the input or output voltage varies over a wide range, transitions between buck and boost
modes must be considered. Under such conditions, the transitional process between the
two modes termed the bridging mode is required to be addressed.

It is worth noting that state M1 is identified as a common mode shared by both buck
and boost operations. Therefore, M1 serves as a critical intermediary bridge for mode
transitions. When the converter operates in state M1, five potential operational states—M]1,
M2, M4, M5, and M7—are permitted in the subsequent control cycle. By leveraging M1
as the bridging state, it is ensured that only one switch variation occurs during transients,
thereby effectively suppressing excessive switching actions.

4. The Proposed FCS-MPC

MPC has been widely adopted in power electronics and motor drive systems due to its
fast dynamic response, simplified control structure, and straightforward implementation
of switching states. For these reasons, the FCS-MPC architecture is adopted in this paper.
The block diagram of the proposed FCS-MPC is shown in Figure 7.

T l'Lref Cost function
Q
min|g) ~ —> Pulses
Vs %
Three Level Buck-Boost Converter
x(k+1)
V: . .

<M Vi| Via| 1|\Vor| Voo o
< Vi21k

Discrete state-space <Z_L(£L

model Vol(k) — AD sampling
X(k+1)=Gx(ky+rHu(k) Vo
‘iogk

Figure 7. Block diagram of the proposed FCS-MPC.
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The proposed FCS-MPC method is composed of two control loops: a voltage outer
loop and a predictive current inner loop. First, the output voltage V, is sampled and
compared with its reference value V. The resulting error is processed by a PI controller,
thereby generating the reference current i; "/ for the inner loop. Furthermore, the input
capacitor voltage V;,,, output capacitor voltage V,, and inductor current i; are sampled and
substituted into the discrete state-space prediction model (8) to derive the predicted state
variables. These predicted values, along with their reference values, are incorporated into
the cost function. Subsequently, the cost function is evaluated for all candidate switching
states using the proposed operational state optimization strategy. The switching state that
minimizes the cost function is selected as the optimal solution across the next control cycle.
Finally, the corresponding pulse signals are distributed to the switching devices.

4.1. Selection of the Cost Function

As illustrated in Figure 7, the reference current for the inner loop is obtained via the
outer-loop voltage PI controller. To ensure accurate tracking of the inductor current, the
inductor current is incorporated into the cost function. However, a critical concern arises
from the three-level topology: both the input and output voltages are the sum of two
capacitor voltages. If the upper and lower capacitor voltages are not actively regulated,
voltage unbalance may be induced, leading to capacitor voltage deviation. More critically,
such deviation can result in uneven voltage stress across the switching devices, which may
ultimately lead to device failure due to overvoltage under severe conditions. Therefore, to
effectively balance the capacitor voltages on both the input and output sides, the capacitor
voltages should also be included as control objectives in the cost function. Therefore, the
cost function can be formulated as follows:

J(k) = it —irP (k+ 1) |+ M (| VorP (k +1) = VooP (k + 1))

(14)
FA2(|ViaP (k+1) = VioP(k +1)|) + Air_timir

where A and A, are designated as the weighting coefficients for output-side voltage
balancing control and input-side voltage balancing control, respectively. The cost function
is formulated with four terms: inductor current tracking, output-side voltage balancing,
input-side voltage balancing, and inductor current limitation. To address overcurrent
issues, Ajp_jimir is introduced as the weighting coefficient for inductor current protection.
Specifically, the inductor current is constrained to prevent excessive values, and thus,
Air_timit is defined as follows:

0, ir(k+1) < ip max
A — - 15
iL_limit { ; iL(k 1) > iL, o ( )

where ij, ., is defined as the inductor current protection threshold. Once the predicted
inductor current exceeds iy 4y, the weighting coefficient is set to infinity, thereby ensuring
that the corresponding switching states are excluded from consideration. Conversely, when
the current below ij,_,,y, the weighting coefficient is assigned as zero, eliminating its impact
on the remaining terms of the cost function.

4.2. Switching State Optimization Based on Capacitor Voltage Balance Control

After the cost function is finalized, the switching states for each control cycle are
optimized such that the following objectives are achieved:

min J(k),subject to M;,i € (1,2,---,8) (16)
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When the converter operates in buck mode, the switching states are polled and
optimized among M1-M4. It is noteworthy that, in buck mode, voltage balancing of the
input-side capacitors can be achieved by adjusting the duration of states M2 and M4.
However, output-side capacitor voltage unbalance cannot be resolved through modes
M1-M4. Therefore, to ensure simultaneous voltage balancing on both input and output
sides, four additional modes (Mel-Me4) are introduced. The rules for the additional state
introductions should be satisfied:

(1)  Voltage balancing on both input and output sides must be achievable in any selected
mode.

(2) The number of switching actions during transitions between adjacent modes must
be minimized.

By adhering to these rules, the four supplementary states are incorporated into the
control set, as illustrated in Figure 8.

Figure 8. Voltage balance states in buck mode and boost mode.

Similarly, to ensure input-side capacitor voltage balancing in boost mode, the afore-
mentioned four supplementary states (Mel-Me4) are incorporated into it. Consequently,
the optimized mode selection diagram in Figure 7 is revised and reoptimized as shown
in Figure 9. By evaluating all candidate states through (16), the state that satisfies the
predefined conditions is selected as the optimal solution for the subsequent control cycle.
Notably, out of the total 16 possible switching states, only 11 states are utilized in the
proposed control strategy, with the remaining 5 states excluded from consideration.

Since only one switching state variation is permitted between consecutive control
cycles, the subsequent candidate states are restricted to M1, M2, M3, Mel, and Me2 when
the current state is M2 and input voltage unbalance occurs. If voltage deviation dominates
the cost function, the converter may oscillate among M2, M3, and Me2, failing to reach M4
and causing optimization failure. To ensure effective optimization, mode M4 is forcibly
included in the candidate set when the converter operates in M2 at moment k. If mode M4
is determined as the optimal state for moment k + 1 via cost function evaluation, mode M1
is temporarily applied at moment k + 1, enabling a feasible transition to M4 at moment
k + 2 while maintaining the single switch variation constraint. This strategy prevents
optimization failure while ensuring minimal switching actions. A similar approach is
adopted for modes M5 and M7.
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States: 00,0304

Mel: 1111

Me2: 1100

Me3: 0011

Me4: 0000

Figure 9. Schematic diagram of state transfer considering capacitor voltage balance on both sides.

Therefore, switching transitions are strictly confined to adjacent modes, significantly
reducing the computational overhead of state polling and suppressing unnecessary switch-
ing state changes.

4.3. Optimal Control Algorithm for Three-Level Non-Inverting Buck—Boost Converter

To elaborate on the proposed MPC algorithm, the procedural flowchart of the control
strategy is illustrated in Figure 10. The steps of the FCS-MPC are detailed as follows:

Start
Switching state of the previous cycle M; (k);
Initialization of the cost function Jo,=20;

v

AD sampling
iV (k) Vo), Vo1 (R), Vi)
v
The number of neighboring
states N of M; (k) 5 Next cycle;
sequence number is Order[N];

A

118
4
JSN?
Yy
Calculating the cost function
Ji(kt1);

N

=it N 1<].9 State at the moment k+1;
_— g M(k+1)=M[Order{j]];
Y v
Jop=J; , record the serial l
number j;

]

Figure 10. Flow chart of the proposed FCS-MPC.

Pulse signals SI~S8 —

First, the previous switching state M;(k) is analyzed, and the cost function is initialized
with Jopt = co. Subsequently, the input voltage, output voltage, and inductor current of
the buck-boost converter are sampled. Based on the state transition diagram in Figure 9,
the candidate switching states for the current control cycle are identified, and the total
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number of candidate modes is denoted as N. The indices of all candidate states are stored
in an array order [N]. Following this, the cost function values for all N candidate states
are computed using (14). If the candidate cost function value J; is found to be less than
Jopt, Jj is assigned to Jopt, and the index j is recorded. After all N states are polled, the j-th
state is selected as the optimal state for the next control cycle, and the corresponding eight
switching pulse signals are generated. Finally, the switching devices are driven via the gate
driver circuit.

The aforementioned process is repeated for each control cycle, iteratively determining
the optimal state while minimizing computational overhead and switching transients.

5. Experimental Validation

To validate the effectiveness of the FCS-MPC algorithm for three-level non-inverting
buck-boost converters, an experimental platform based on the Starsim HIL (Hardware-
in-the-Loop) system was constructed in the laboratory. As shown in Figure 11, the digital
controller configuration employed a dual-core architecture comprising DSP and FPGA.
The Texas Instruments (TI) C2000-series TMS320C28346 DSP is implemented for volt-
age/current sampling at converter terminals and execution of the FCS-MPC algorithm.
The FPGA is utilized for multi-channel pulse processing, including pulse coordination and
dead-time configuration. The principles for parameter design of the main circuit can be
obtained in [10]. The main parameters of the experiment are summarized in Table 3.

t“.‘- \“A\! AV B

Ly et

Figure 11. Photograph of experimental platform.

Table 3. Parameters of three level buck-boost converter.

Parameters Values
Input Voltage/V 400
Output Voltage/V 200~800
Inductor/mH 0.5
Input-Side Capacitor C;/mF 1.0
Output-Side Capacitor C,/mF 1.0
Equivalent resistance Req/() 0.001
Load R/Q 50
Sampling Frequency f/kHz 100.0
Control Period Ts/us 25.0
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The effectiveness of the proposed control strategy is validated through a series of
experimental verifications under the following operating scenarios: buck mode, near-unity
voltage ratio conversion, boost mode, input-side voltage balancing, output-side voltage
balancing, and wide-range voltage dynamic performance.

5.1. Buck Mode Verification

The waveforms of the three-level non-inverting buck-boost converter in buck mode
are shown in Figure 12a—d, which corresponding to the input capacitor voltages, output
capacitor voltages, total output voltage and inductor current, respectively. As shown in
Figure 12a, the voltage fluctuations of the upper and lower input capacitors are maintained
between 199.6 V and 200.4 V, demonstrating the effectiveness of the input-side voltage
balancing control. The output capacitor voltages shown in Figure 12b are maintained
within 99.6 V to 100.4 V, confirming effective voltage balancing at the output side. In
addition, the total output voltage shown in Figure 12c is stabilized at 200 V with little
fluctuation. In particular, the bridge inductor current shown in Figure 12d is smooth with
no apparent current spikes. Therefore, the buck mode experimental results demonstrate
that the proposed FCS-MPC strategy achieves effective step-down operation while ensuring
balanced voltage control on both input and output capacitors.

Input capacitor voltage (V)

200.2-

1l
200.0—; | Il l|‘ HIR ]) '! gy v !In‘lll
199.84
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Output capacitor voltage (V)
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- /s I e S B e B I /s
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Figure 12. Three-level converter operating in buck mode: (a) voltage of the upper and lower
capacitors on the input side; (b) voltage of the upper and lower capacitors on the output side; (c) total
output voltage; (d) inductor current.

5.2. Close Input and Output Voltages

The voltage regulation characteristics of the three-level non-inverting buck-boost
converter under near unity voltage ratio operation are shown in Figure 13a-d. As seen in
Figure 13a, the upper and lower input capacitor voltages are maintained between 199.8 V
and 200.2 V, indicating the effectiveness of voltage balancing at the input-side capacitors.
The output capacitor voltages presented in Figure 13b are stabilized around 200 V, with the
fluctuations maintained between 198 V and 203 V, confirming effective voltage balancing
at the output side. In addition, the total output voltage, shown in Figure 13c, is regulated
at 400 V with accurate steady-state operation. In particular, the inductor current shown
in Figure 13d demonstrates smooth operation with no apparent current spikes. These
experimental results confirm that the proposed FCS-MPC strategy effectively achieves
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output voltage regulation and bilateral capacitor voltage balancing when input and output
voltages approach approximate magnitudes.
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Figure 13. The waveforms of the three-level converter when the input and output voltages are equal:
(a) voltage of the upper and lower capacitors on the input side; (b) voltage of the upper and lower
capacitors on the output side; (c) total output voltage; (d) inductor current.

5.3. Boost Mode Verification

The waveforms of the three-level buck-boost converter in boost mode are shown in
Figure 14a—d. As shown in Figure 14a, the input capacitor voltages are maintained between
199.4 V and 200.6 V, indicating effective voltage balancing between the upper and lower
capacitors. The output capacitor voltages shown in Figure 14b are stabilized near 400 V,
with fluctuations regulated between 398.0 V and 402.0 V, confirming voltage balancing at
the output stage. In addition, the total output voltage shown in Figure 14c is maintained at
800 V with little voltage ripple. Notably, the inductor current shown in Figure 14d exhibits
a smooth dynamic behavior without abrupt spikes. These results confirm that the proposed
FCS-MPC strategy is capable of achieving boost mode operation, while ensuring balanced
voltage regulation across both input and output capacitors.

5.4. Dynamic Processes

(1) Wide Voltage Range Variation

To validate the smooth control functionality of the three-level buck-boost converter
for wide-range output applications, a dynamic experimental verification is conducted by
linearly increasing the output reference voltage from 200 V to 800 V, with corresponding
experimental waveforms provided in Figure 15a. As revealed in the results, the output
voltage achieves smooth transition during the transient process from 200 V to 800 V.
Furthermore, the dynamic capacitor voltage balance is maintained between input and
output sides throughout the entire operation, demonstrating superior voltage equalization
performance. In addition, no significant current surges are detected in the inductor current
during the transient process, confirming the effectiveness of the proposed control strategy.
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Figure 14. Three-level converter operating in boost mode: (a) voltage of the upper and lower
capacitors on the input side; (b) voltage of the upper and lower capacitors on the output side; (c) total
output voltage; (d) inductor current.
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Figure 15. Dynamic process: (a) wide-range output voltage; (b) wide-range input voltage.

In Figure 15b, the output voltage remains stable at 400 V under a wide range of input
voltages from 200 V to 800 V. During the input voltage increase process, the upper and
lower capacitor voltages on the input side remain balanced. As the input voltage increases
and the load power remains unchanged, the inductor current decreases. In addition, the
output voltage remains stable at 400 V, and the upper and lower capacitor voltages of the
output-side capacitor are balanced.

(2) Load Variation

The voltage and current waveforms on the input and output sides under load changes
are shown in Figure 16a—-d. Att = 0.399 s, the output side load resistance changes from
100 €2 to 50 ). Obviously, the inductor current increases instantaneously after the resistance
changes. In addition, even though there are transient fluctuations in the input and output
voltages, the balance of the capacitor voltages on the input and output sides can still be
achieved. The waveform of the total output voltage is shown in Figure 16c. At the moment
of load change, the output voltage drops shortly and then quickly stabilizes at 400 V. The
inductor current is shown in Figure 16d. At the moment of transient switching, the inductor
current increases and gradually goes stable. Therefore, the adaptability to dynamic load
fluctuations is validated under the proposed control.
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Figure 16. Voltage and current under load changes: (a) upper and lower capacitor voltages on
the input side; (b) upper and lower capacitor voltages on the output side; (c) total output voltage;
(d) inductance current.

5.5. Statistics on the Number of Switching Actions
(1) Pulse Signals of Each Device in the Conventional Global Polling Strategy

As shown in Figure 17a, the pulse signals of switches 5;-S7 are presented under the
conventional global polling strategy in buck mode. Notice that the switching action count
AN between adjacent control intervals is either 2 or 3. Similarly, the corresponding pulse
signals in boost mode are shown in Figure 17b, where AN likewise falls within {2, 3}.
Therefore, under the global polling strategy, multiple devices switching simultaneously are
observed during individual control cycles.
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Figure 17. Pulse signals under the global polling strategy: (a) buck mode; (b) boost mode.

(2) Pulse Signals of Each Device in the Proposed Control Strategy

In the buck mode, the pulse signals S-Sy of the proposed control strategies are shown
in Figure 18a. The number of switching actions between two adjacent cycles is AN = 1.
Therefore, there is only one switching action in each control cycle. Similarly, the pulse
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signals in the boost mode are shown in Figure 18b, and the characteristic of AN =1 can
also be obtained. Therefore, the feasibility of the proposed control strategy to reduce the
number of switching actions is verified.
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Figure 18. Pulse signals under the proposed control: (a) buck mode; (b) boost mode.

The efficiency under the proposed FCS-MPC and global polling control is shown in
Figure 19. It is clear that the efficiency of the system under the proposed FCS-MPC is
always higher than that under the global polling strategy, which demonstrates that the
proposed control has remarkable advantages in terms of efficiency improvement.
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Figure 19. The efficiency comparison of converters under different control strategies.

6. Conclusions

An FCS-MPC strategy was proposed for three-level non-inverting buck-boost con-
verters, achieving seamless wide-range voltage regulation through optimized switching
action reduction and strategic integration of voltage balancing. By incorporating capacitor
voltage equilibrium constraints into the cost function, consistent voltage balancing on both
sides was ensured without additional operational mode detection. Experimental results
confirm that the proposed strategy provides superior dynamic performance under wide
input/output voltage variations and load changes, while maintaining a balanced voltage
across the input and output capacitors. Furthermore, switching losses can be significantly
reduced and efficiency of the converter improved by minimizing the number of device
actions between adjacent control intervals.
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Abstract

For Modular Multilevel DC-Link T-Type Converter (MMDTC)-based STATCOMs, under
identical operating conditions, the submodule (SM) capacitor voltage ripple is inversely pro-
portional to its capacitance value. A configuration with a lower capacitance will inevitably
result in significant capacitor voltage ripples. During the PWM modulation process, these
ripples can lead to distortions in the output voltage waveform. To address this issue, this
paper proposes an innovative carrier reconfiguration method that not only compensates for
the output voltage pulse deviation caused by SM capacitor voltage ripples but also achieves
effective balancing of the SM capacitor voltages. Finally, the validity and performance of
the proposed carrier reconfiguration method are verified through both simulations and
experimental results.

Keywords: STATCOM; MMDTC; carrier reconfiguration; capacitor voltage ripple

1. Introduction

Modular Multilevel DC-Link T-Type Converters (MMDTCs) present significant ad-
vantages for high-voltage, high-capacity Static Synchronous Compensators (STATCOMs),
including reduced component count, low power loss, and robust tolerance to grid imbal-
ances [1]. A critical challenge in conventional MMDTC-STATCOM design, however, is the
reliance on large electrolytic capacitors within submodules (SMs) to suppress capacitor
voltage ripples and ensure high-quality output waveforms. While effective, electrolytic
capacitors suffer from inherent limitations such as shorter lifespan, an ability to withstand
lower voltage/current, and reduced reliability compared to film capacitors. Film capacitors
offer superior performance in these aspects but are characterized by lower capacitance den-
sity and higher cost [2-5]. To facilitate the adoption of more reliable film capacitors, there is
a compelling need to develop operational strategies that enable MMDTC-STATCOMs to
function effectively with significantly reduced SM capacitance values.

Addressing this need, the concept of a low-capacitance operation mode for MMDTC-
STATCOMs has been introduced [6]. This mode exploits the phase relationship between the
SM capacitor voltage and the arm voltage during reactive power compensation, allowing
for substantial SM capacitor voltage ripples while maintaining the fundamental output
performance. Crucially, this permits the use of low-capacitance, film-based capacitors.
However, operating with low capacitance inherently introduces significant SM capacitor
voltage ripples. These ripples propagate through the Pulse Width Modulation (PWM)

Energies 2025, 18, 4150 https://doi.org/10.3390/en18154150
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process, directly distorting the output voltage waveform and degrading its quality Further-
more, ensuring stable operation demands effective balancing of the SM capacitor voltages
under these high-ripple conditions.

Existing SM capacitor voltage balancing strategies primarily fall into two categories:
the sorting method and Carrier Phase-Shifted PWM (CPS-PWM). Sorting methods dy-
namically select which SMs to insert based on capacitor voltage measurements and the
arm current direction within each control cycle [7-16]. While various enhancements exist
(e.g., incorporating preservation factors [6], equalization coefficients [13], or fundamental
frequency operation [16]), sorting methods inherently suffer from drawbacks: they often
lead to uneven switching distribution and power loss among SMs, compromise long-term
reliability, and do not guarantee a fixed switching frequency. Conversely, CPS-PWM
techniques inherently maintain a fixed switching frequency and promote balanced SM
utilization. Numerous CPS-PWM variants have been developed for modular converters,
achieving voltage balancing through modulation wave adjustments [17-23], as shown in
Figure 1. Techniques include controlling high-frequency current components [17], decou-
pled sampling schemes [18], linearized pulse sorting [19], hybrid control strategies [20],
generalized balancing algorithms [21], methods addressing asynchronous sampling [22],
and flexible voltage control via reference signal manipulation [23].

Existing Capacitor voltage | Grid
i : | Obtimed, T TR TR '
A gt : .)bt'm.wd ! PWM modulation |
- modulated wave! i
| signal for each ! L PWM
{Fine-tuning for each SMs | SMs | signals

-

Output control

s :
! Common modulated wave |
:signal |

-2 Phase shifted carriers

Figure 1. Example of the existing PWM modulation methods by fine-tuning the modulated wave
signal (References [17-23]).

However, a critical limitation persists across both sorting methods and CPS-PWM
variants: none comprehensively address the detrimental impact of large SM capacitor
voltage ripples—inherent in low-capacitance operation—on the quality of the output
voltage waveform. While focused on achieving voltage balance, these methods neglect
the fact that the fluctuating capacitor voltage itself becomes the source voltage during
PWM switching. This ripple directly modulates the amplitude of the output voltage
pulses, introducing significant harmonic distortion that existing balancing controls do not
compensate for. Therefore, operating MMDTC-STATCOMSs in a low-capacitance mode
necessitates a control strategy that simultaneously achieves two tightly coupled objectives:
(1) effective balancing of SM capacitor voltages, and (2) compensation for the output voltage
distortion caused by the permitted capacitor voltage ripples.

To bridge this gap, this paper proposes an innovative carrier reconfiguration method
specifically designed for low-capacitance MMDTC-STATCOMs. The core insight is that
dynamically adjusting the carrier signal, rather than the modulation wave, offers a pathway
to independently control both objectives. The key contributions are as follows:

(1) Problem Analysis and Coupling Mechanism: A detailed analysis of how the carrier
signal influences both output voltage quality and capacitor charging/discharging
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durations, revealing the inherent coupling and potential conflict between these two
control objectives under carrier adjustment.

(2) Dual-Objective Carrier Reconfiguration: A novel strategy involving two sequential
carrier adjustments per control cycle:

The first reconfiguration targets the AC component of the capacitor voltage ripple to
compensate for output voltage pulse deviations, preserving waveform quality.

The second reconfiguration targets the DC component deviation to achieve precise
SM capacitor voltage balancing.

This paper is organized to provide a comprehensive understanding of the proposed
carrier reconfiguration method. Section 2 introduces the MMDTC-STATCOM topology
and its low-capacitance operation—a relatively new concept that creates unique control
challenges. Section 3 presents novel analysis revealing the coupling between output quality
and voltage balancing objectives under high-ripple conditions. Building on these insights,
Section 4 develops the carrier reconfiguration method. Readers familiar with MMDTC
fundamentals may proceed directly to Section 3, while those seeking only the method
implementation can start from Section 4, though the full context enhances understanding.

2. The Operating Principle of an MMDTC-STATCOM with
Low Capacitance

As depicted in Figure 2, the MMDTC-STATCOM consists of two arms and a T-type
switching structure. The upper and lower arms are constructed using Half-Bridge Submod-
ules (HBSMs). Each phase of the T-type structure comprises three high-voltage switches
(Tkw Txn, Ti; k = a, b, ). These high-voltage switches can be implemented using series-
connected IGBTs, series-connected IGCTSs, or series-connected thyristors [1,6].

MMD TC
Upper-arm | 7 i High-voltage switch

‘Thyristors in series

o>
Lower-arm | L it

d

8 .
iy (i) +

HBSM FBSM

Figure 2. Configuration of MMDTC-based STATCOM.
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As depicted in Figure 3, the switching functions for each phase of the T-type structure
are defined as Sy (x = a, b, c). Specifically, Sx =1, 0, and —1 correspond to the conduction
states of the upper, middle, and lower switches of phase x, respectively, and then the
relationship between the arm voltages and the line-to-line voltages can be derived [1,2].

P

0 . T . 2

Figure 3. Switching sequences of T-structure and arm voltages along with line-to-line voltages.

The output phase voltages of the MMDTC can be defined as follows:
Uao, bo, co = Vosin(wt+ 71/6 + 2km/3) 1)

where k takes the values of 0, —1, and 1 accordingly; Vj represents the amplitude of the
phase voltage; and w = 27f.
Then, the output line voltage can be obtained:

Uab, be, ca = V3Vosin(wt + 7t/3 + 2krr/3) )

The instantaneous expressions of the arm voltages are as follows:

V3V, sin 6, 0<0,%)

UyN = _ - o (©)
V3Vosin(0+ %), 0€ (%, 4
—V3V,sin(6— %), 0€[0,%)

UNL = _ . o (4)
V3Vosin(0— %),  6€[F ¥

where 0= wt — floor(wt/ (%”)), floor («) refers to rounding down the elements of « to the
nearest integers.

As depicted in Figure 4, the MMDTC-STATCOM features two reactive power compen-
sation modes: the capacitive compensation mode and the inductive compensation mode.
In the capacitive compensation mode, the output voltage of the MMDTC is marginally
higher than the grid voltage. Conversely, in the inductive compensation mode, the output
voltage of the MMDTC is slightly lower than the grid voltage. The inductive voltage drop
associated with AC filtering inductor influences this difference, as follows:

V. — { (14 A)Vg, In capacitive mode 5)
¢ (1 = A)Vg, Ininductive mode
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where Vg refers to the amplitude of the grid phase voltage, and A = wLI,/ Vg refers to the
ratio of the voltage drop across AC filtering inductor.

[tga 0| HuN Cluster capacitor voltage

High capacitance operation - Low capacitance operation ——  »|
Capacitive mode Inductive mode Capacitive mode Inductive mode
o NUepeie  ENU e
> |_-{|4.::."r' S\ e L3172 P/ F/NY /NN N N N

15(1-A)f
/
(1=

2n
(a)

2n 2n
(c) ()

Figure 4. Schematic diagrams of MMDTC-STATCOM operation (a,b) in high-capacitance operation
and (c,d) in low-capacitance operation.

As depicted in Figure 4, a comparison is presented between the high-capacitance
operation and the low-capacitance operation of the MMDTC-STATCOM [6]. In the high-
capacitance operation, capacitors with larger capacitance values are employed to suppress
voltage ripples, ensuring that the cluster capacitor voltage remains consistently higher
than the arm voltage, regardless of whether in capacitive mode (Figure 4a) or in inductive
mode (Figure 4b). Specifically, the valley value (NU_yayiey) 0f the cluster capacitor voltage
must always exceed the peak value of the arm voltage of 1.5(1 + A)V in the capacitive
compensation mode. Conversely, the low-capacitance operation leverages the characteristic
wherein the SM capacitor voltage and the arm voltage are in phase during capacitive
compensation, allowing for a relatively large ripple in the capacitor voltage, as shown
in Figure 4c. In the inductive compensation mode, as shown in Figure 4d, as the SM
capacitor voltage is inverted relative to the arm voltage, it is essential to ensure that the
valley value (NU_yaliey) Of the cluster capacitor voltage is not less than the peak value of
1.5(1 — A)Vg of the arm voltage. This represents the condition that must be satisfied in
low-capacitance operation.

From the above analysis, it can be concluded that by utilizing the phase characteristics
of the capacitor voltage and the arm voltage, a considerable ripple in the capacitor voltage
is permissible. This mode of operation is referred to as low-capacitance operation. By
modulating the width of a series of pulses in the PWM modulation process, the desired
waveform shape and amplitude can be effectively achieved. Taking Figure 5a as an example,
when the ripple of the capacitor voltage is minimal (typically within 10%), the ripple
component can be neglected. In other words, the capacitor voltage only contains the DC
component (1. = Ug.). Assuming the modulated wave is V¢, when the carrier frequency
is sufficiently high, the switching harmonics can be ignored. Consequently, the output
voltage after modulation can be expressed as:

uo(t) = uCVref(t) = uchref<t) (6)

However, when the capacitor voltage exhibits the larger ripples, the ripple component
becomes non-negligible. Owing to the triple-frequency ripple of the SM capacitors in
the MMDTC-STATCOM, expressed a: u. = Ug. + Ussin(3wt), the same PWM modulation
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method is applied. As illustrated in Figure 5b, the resulting output voltage after modulation
can be represented as:

uy(t) = uCVref(t) = udCVref(t) + Us COS(3(Ut)Vr€f(t)
Designed voltage Undesigned voltage

@)

Equation (7) reveals a critical phenomenon: the fluctuating component of the capacitor
voltage is propagated to the output side through the PWM modulation process, thereby
increasing the harmonic distortion in the output voltage. This indicates that under the low-
capacitance operation mode, the influence of capacitor voltage ripples on the output voltage
quality must be carefully assessed. To address this issue, this paper proposes an innovative
SM capacitor-voltage-balancing control technique based on carrier reconfiguration.

u

Viet (1)

to (N=UdcV et (1)

1 ‘ i
He ~ /Carrie\
U= (/rdc 0 27/3 =T

(a)

/Carrier

u=UqctUscos(3wt) 0 73 >
(b)

Figure 5. PWM modulation process under conditions where (a) the capacitor voltage ripple is
minimal, and (b) the capacitor voltage ripple is significant.

3. Impact of Carrier Signal on Output Voltage Quality and Capacitor
Voltage Balance

In the PWM modulation process, maintaining a constant modulated wave signal
while dynamically adjusting the carrier signal can achieve capacitor voltage balancing and
compensation for the influence of the SM capacitor voltage ripple on the output voltage
quality. However, when pursuing the dual control objectives of capacitor voltage balancing
and output voltage quality simultaneously, complex scenarios involving mutual constraints
or mutual enhancements often arise. The following section will present a detailed analysis.

3.1. Impact of Carrier Signal on Output Voltage Quality

In fact, ripples in the capacitor voltage modify the amplitude of the output voltage
pulse signal during the PWM modulation process, leading to deviations from the desired
value and consequently affecting the total harmonic distortion (THD) of the output voltage.
To effectively compensate for this deviation, the pulse width can be adjusted by fine-
tuning the carrier signal. As illustrated in Figure 6, within any carrier period T., when
the instantaneous value u. of the capacitor voltage is lower than the DC component Ug.*,
it results in a reduced amplitude of the output voltage pulse signal. In this case, the
pulse width can be increased by appropriately decreasing the carrier amplitude, thereby
compensating for the pulse deviation. Conversely, when u. exceeds the DC component
Uq4c*, the amplitude of the output voltage pulse signal increases. At this point, the carrier
amplitude should be increased accordingly to decrease the pulse width, thereby reducing
the pulse deviation.
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—— Modulated wave signal

—Initial carrier signal and the corresponding pulse voltage

——Fine-tuned carrier signal and the corresponding pulse voltage

® *
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et
ateiets
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Figure 6. Impact of carrier signal on SM output voltage pulse.

3.2. Impact of Carrier Signal on Capacitor Voltage Balancing

In essence, capacitor voltage balancing can be achieved by precisely controlling the
charging and discharging durations of each SM. For analytical purposes, the direction of
the arm current is defined as illustrated in Figure 7. Since the MMDTC’s arm comprises
multiple SMs connected in series, the current through each SM corresponds to the arm
current i;ym. When the arm current direction is defined as positive, the capacitor enters a
charging state; conversely, it transitions to a discharging state.

Charging state

Discharge state

Figure 7. Schematic diagram of the current direction of the SM.

As shown in Figure 8, the detailed implementation for achieving capacitor voltage
balancing is as follows:

(1)  When the capacitor voltage is lower than its reference value u.*:

(a)

(b)

If the arm current i,y is positive (indicating a charging state), the carrier
amplitude should be decreased to extend the capacitor’s charging duration, as
shown in Figure 8a.

If the arm current i,y is negative (indicating a discharging state), the carrier
amplitude should be increased to decrease the amount of charge released from
the capacitor, as shown in Figure 8b.

(2) Conversely, when the capacitor voltage is higher than its reference value u.*:
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(a) If the arm current iarm, is positive, the carrier amplitude should be increased to
restrict further charging of the capacitor, as shown in Figure 8c.

(b) If the arm current i,y is negative, the carrier amplitude should be reduced to
enhance the capacitor’s discharge process, as shown in Figure 8d.

This control precisely regulates the conduction time of the SMs by dynamically adjust-
ing the carrier amplitude, thereby ensuring accurate and balanced control of the capaci-
tor voltage.

—— Modulated wave signal
— Initial carrier signal and the corresponding conduction duty cycle
— Fine-turned carrier signal and the corresponding conduction duty cycle

* i3 s > * 5 o -~ - 3 e oy * - =
U1 and 7y >0 U1 and 7yy<0 U and 7gmy >0 U and 74 <0

N N N
*\/;ﬁ\/ﬁ\/

L \ | \ { |
OL Increased charging time OLReduced discharge time " 0} Reduced charging til%‘ OL Increased discharge time’;

(@) ®) © (C)

Figure 8. Impact of carrier signal on capacitor voltage balancing under the conditions of (a) uc < uc*
and igrm >0, (b) uc < uc* and iy < 0, (¢) ue > uc* and iyrm > 0, and (d) uc > uc* and iym < 0,
respectively.

3.3. Mutual Influence and Coupling Between Control Objectives

From a fundamental perspective, regardless of whether it is pulse deviation compen-
sation or capacitor voltage balancing control, both are achieved by modulating the carrier
amplitude to adjust the pulse width. Since both control objectives are regulated via the
carrier signal, a coupling relationship inherently exists between them, as illustrated in
Figure 9.

—— Modulated wave signal

Initial carrier signal

——— Fine-tuned carrier signal aiming at pulse deviation compensation
Fine-tuned carrier signal aiming at capacitor voltage balancing

Ul » fam=0 and Ut » Fam0 and Ut » fam>0 and Ut » T >0 and
u:-'-{.'d,: e [,"d,: e -L’dc' UcS (.'d,:
(Mutual constraint) (Mutual constraint) (Mutual reinforcing) (Mutual reinforcing)
) d T :
d t ‘ 3
" ar | |
I, oo T "
(©) (d)

Figure 9. The mutual influence between capacitor voltage balancing and voltage quality improvement
using carrier signal regulation under the conditions of (a) uc < uc*, iarm <0 and uc > Ugc*, (b) ue <uc¥,
farm < 0 and uc < Ugc*, (€) e > uc*, iarm > 0 and ue > Ugc*, and (d) ue < uc®, iarm > 0 and ue < Ugc*.
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Figure 9a,b illustrate the relationship between carrier fine-tuning and pulse width
variation under different conditions. It is evident that there is a mutual constraint between
voltage pulse deviation compensation and capacitor voltage balancing control. Specifically,
in the case shown in Figure 9a, pulse deviation compensation requires increasing the
carrier amplitude to reduce the pulse width, whereas capacitor voltage balancing control
necessitates decreasing the carrier amplitude to increase the pulse width. These two
control objectives impose entirely opposing requirements on the carrier signal. Similarly, in
the scenario depicted in Figure 9b, pulse deviation compensation demands reducing the
carrier amplitude, while capacitor voltage balancing control requires increasing the carrier
amplitude to narrow the pulse width. This further underscores the mutually restrictive

nature of the two control objectives.

Conversely, when the arm current iy > 0, as shown in Figure 9¢,d, the requirements
of the two control targets for carrier fine-tuning exhibit consistency, establishing a mutually
reinforcing relationship. However, this mutual enhancement could potentially result in an
overestimation of the required carrier adjustment amount, thereby introducing additional
modulation errors. Therefore, the coupling effect between these two control objectives

must be carefully analyzed and fully considered.

4. Proposed Carrier Reconfiguration Method

To address the aforementioned issues, this paper proposes a reconfiguration of the
carriers for each SM. As illustrated in Figure 10, when the capacitor voltage becomes
unbalanced, it essentially indicates that the DC component Uy, deviates from the reference

Ug. . In other words, as long as the measured value Uy, accurately tracks the reference

value Uy, ", the balance of the capacitor voltage can be effectively achieved.

! 1 \ ! A \
e e A e e e e el LML

!
[\ ] \ 1 9 ! \ ! \ 1 \ ! \ ]

P =3 / /
Ue-Uge = Au=Bu_get Buig_qc A

/\\‘,‘ [\ A Ue_dd

[

i

JRVAATAVATATRIATR'

Figure 10. Schematic diagram of the AC and DC component decomposition of the SM capacitor

voltage.

The voltage difference Au. can be expressed as:
Aue = uc — U,
And then, Au, can be further divided into two parts:

Aue = Auc go + Aute_gc

®)

©)

Based on the preceding analysis, it is clear that the pulse deviation in the output
voltage of the SM predominantly stems from the AC component of the capacitor voltage.

Therefore, to compensate for this pulse deviation, only Au 5. needs to be considered.
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ucarryJ -

Based on the analytical conclusions presented in the previous section, the carrier can
be reconfigured twice to achieve independent control. The first reconfiguration focuses on
the AC component At ac, aiming to compensate for the output voltage pulse. The second
reconfiguration targets the DC component Au, 4., aiming to implement capacitor voltage
balancing control.

The specific implementation of carrier reconfiguration is illustrated in Figure 11.
The carrier reconfiguration process will dynamically reconstruct the carrier for the next
period within the current sampling period. The predicted value of the capacitor voltage is
as follows: T

ek +1) = ue(k) + Ciam(K)S(8) (10)
where 1u.(k) denotes the measured capacitor voltage at time k; uc(k + 1) represents the
predicted capacitor voltage for the next sampling period at time k; iarm (k) signifies the
arm current at time k. The symbol T stands for the sampling period, and S is a switching
function. Specifically, when the SM is active at time k, S(k) = 1; otherwise, S(k) = 0.

u (k) Predict the capacitor voltage ,(k +1) Calculate the voltage Au (k+1)
at the next sampling time difference
I
\j
.Y Ui . u - " : \
Final fine-tuned _ “**-* The second carrier =1 The first carrier e (K +1) Separate the AC and
. . . - " i E— Al
carrier signal reconfiguration reconfiguration DC components
I
F ‘”g"(’mn( i+ )) e © A”( d::(k +1)

Figure 11. Schematic diagram of carrier signal reconfiguration steps.

After obtaining uc(k + 1), Auc(k + 1) at the moment of k + 1 can be calculated as follows:
Auc(k+1) = uc(k+1) — Uy, (11)

Further signal separation of Auc(k + 1) can yield Auc_ac(k + 1) and Auc g.(k + 1) at the
(k + 1)'" moment. These are then utilized for the first carrier reconfiguration and the second
carrier reconfiguration, respectively.

4.1. The First Carrier Reconfiguration

The implementation of the first carrier reconfiguration is depicted in Figure 12. As can
be observed, according to the voltage-second balance principle, introducing Au¢ ac(k + 1)
to adjust the carrier allows for the compensation of the SM’s output voltage. By employing
the similar triangle rule, the mathematical expression for the carrier ucarry 1 after the first
carrier reconfiguration can be derived from Figure 12:

Uy + At ac(k+1)

2 T
T I Ut Bucac(k +1)Jd(k+1), ko = 5 < k+1 <k

uéc TC dC ko—E 2
2 k4l T
T e (U + Atic ac(k+1)]d(k+1),kg <k+1< k0+7C

Also by the similar triangle rule, it can be concluded in Figure 12 that:

d/2 Ad
Vet 2 [ At ac(k+1)d(k +1)

(13)
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Transforming Equation (13) yields:

CoAd R Si Buicac(k+1)d(k+1)

[ — 14
i Vit 14)

It can be further concluded that:
dy = (1—7)dy (15)

where 7 is the rate of change in d, with respect to d;. From this analysis, it can be concluded
that when Aug ac(k+1) >0, v > 0and dp < dy; when Auc oc(k+1) =0,y =0and dp = dy;
when Auc ac(k+1) <0,y <0anddp > d;.

A
I,
Ky :
Au_ _(k+1) The carrier after the first redonfiguration (Aw,_ (K +1) >
v . . :
iy Yy Initial carrier (Au (k+)=0)
U, o E Au,  (k+1)
Modulation wave signal () /
i JThe carrier after the first reconfiguration |
H (Au, (kA 1) ¥ 0) :
e Ad i Ad
R i Jo
v [ \/ i —P ¢
k,~T /2 k, k,  k,+T./2

Figure 12. Schematic diagram of the first reconfiguration of carrier signal.

Through the first carrier reconfiguration, the expression of the arm voltage can be

expressed as:
N

Uarm = Z [S](l - ’)/]‘)MC]'] (16)
j=1

where §; represents the switching function of the jth SM; -y; represents the rate of change in
the jth SM d, with respect to dy, and u; represents the capacitance voltage of the jth SM.

N
Let Agrm = — ) (S j')/jucj). The aforementioned equation can be further reformulated
j=1
as follows:
N
Uarm = Y, (Sjitej) + Attarm (17)
j=1

That is to say, Atiarm is a compensation variable added to #arm to eliminate the influence
of capacitor voltage ripples on the output voltage.
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Ucarry =

U5 + At ac(k+1) 2

4.2. The Second Carrier Reconfiguration

The second carrier reconfiguration is specifically designed to eliminate Au, 4.. Given
that Au g is relatively small, it can be effectively mitigated by adjusting the error propor-
tional coefficient p. Notably, the precise value of p can be dynamically optimized based on
the voltage balancing effect of the capacitor.

Figure 13 illustrates the implementation of the second carrier reconfiguration, which
is performed based on the outcome of the first carrier reconfiguration. The specific formula
is as follows:

. T, T,
ucarry_Z = ucarry_l + PAuC_dc(k + 1) * Slgﬂ(larm(k + 1))/k0 - ?C < k+1 < kO + ?C (18)

where sign(iarm(k + 1)) represents the direction of the arm current at the (k + 1)t moment.

L

:
The carrier after the se¢ond reconfiguration

A k+ Dsign(i k+1_‘
phu_ . (k+Dsign(i,,( )l: o (G kD50 |

P

e | ] ‘ o ] Ipmtu:(k +Dsign(i,,, (k+1))
i I'he carrier after the tirs} reconfiguration
(Au,  (k+1)=0) |

e_de

Modulation w ::i\ e signal (1)

The carrier afiel the second
reconfigurationfAu_ , (k+1)<0)

c_de

> |

T/2 %, kT2

k,

0

Figure 13. Schematic diagram of the second reconfiguration of carrier signal.

From Equation (18), it can be inferred that when Au gc(k + 1) = 0, no secondary recon-
figuration is required. If Aug gc(k + 1) > 0 or Augj_gc(k + 1) <0, the carrier is dynamically
compensated by constructing the product of p, Au_gc(k + 1), and sign(iarm(k + 1)). This
method ensures precise dynamic compensation for the carrier signal, ultimately eliminating
the DC offset in the capacitor voltage. After undergoing two reconfigurations, the carrier
can be expressed as follows:

uéc Te uslc ko— 7':

2 . T,
- kl;+1 (U, + At ac(k +1)]d(k + 1) + pAuc ge(k + 1) *sign(iamm(k + 1)), ko < k+1 < ko + 76
¢~de

The reconfigured carriers, as depicted in Figure 14, are utilized for PWM modula-
tion. This approach significantly differs from the conventional PWM modulation method
illustrated in Figure 1. It can be observed that in the proposed method, each SM employs
a shared modulation wave signal, and capacitor voltage balancing is achieved through
precise adjustment of the carrier wave signal. Simultaneously, this method mitigates output
voltage distortion caused by capacitor voltage ripples.
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Figure 14. PWM modulation process using the reconfiguration carrier signals.

The proposed carrier reconfiguration method represents a paradigm shift from existing

CPS-PWM strategies in several key aspects. Firstly, while conventional methods [17-23]

achieve voltage balancing by adjusting the modulation wave signal, the proposed approach

manipulates the carrier signal directly. This fundamental difference enables addressing

not only voltage balancing but also the output voltage distortion caused by capacitor

voltage ripples—a critical issue that existing methods overlook. Secondly, the proposed

two-stage reconfiguration process (targeting AC and DC components separately) provides

a systematic solution to the inherent coupling between voltage balancing and output quality

objectives. This is particularly crucial for low-capacitance operation with a large ripple

across the capacitor voltage. Table 1 summarizes the key differences between our method

and existing approaches, demonstrating both conceptual innovations and quantitative

improvements.

Table 1. Comparison between existing CPS-PWM methods and the proposed carrier reconfiguration

method.
Aspect Existing CPS-PWM Proposed Carrier
P Methods [17-23] Reconfiguration Method
Control Variable Modu'latlon wave Carrier signal adjustment
adjustment

Primary Objective

Capacitor voltage
balancing only

Dual objectives: voltage
balancing and output
quality improvement

Handling of Voltage
Ripples

Neglects impact on output
quality

Actively compensates for
ripple-induced distortions

Low-Capacitance
Operation

Not specifically designed
for high ripple conditions

Optimized for
low-capacitance operation
with high ripples

Control Structure

Single-stage adjustment

Two-stage reconfiguration

Pulse Deviation
Compensation

No

Yes, through first carrier
reconfiguration

Switching Frequency

Fixed

Fixed

5. Simulation and Experimental Verification

5.1. Simulation Verification

To validate the correctness of the carrier reconfiguration proposed in this paper, a
simulation model was developed in MATLAB/SIMULINK R2023b. The primary simulation
parameters are presented in Table 2. Crucially, for both the proposed method and the

existing CPS-PWM method, an identical carrier frequency (f. = 500 Hz) and sampling

period (Ts = 10 ps) were strictly maintained throughout all simulations.
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Table 2. Main parameters of simulation.

Variable Symbol Values
Rated reactive power Qrated 10 MVar
Rated grid line voltage Viine 10 kV
Rated grid phase voltage Vg V2Viine /3
AC filtering inductor L 2.5 mH
Number of SMs per arm N 18
Rated phase current amplitude Io 817 A
SM capacitance Cq 2.6 mF
Peak voltage of SM capacitor Ue_peak 735/800 V
Carrier frequency fe 500 Hz
Sampling period Ts 10 ps

(a) Verification of Capacitor Voltage Balancing

To evaluate the control effectiveness of carrier reconfiguration on capacitor-voltage
balancing, simulation analyses were conducted for scenarios both without and with carrier
reconfiguration. The absence of carrier reconfiguration indicates that the carrier remains
unmodified; specifically, the initial carrier is used without incorporating any control strat-
egy for capacitor voltage balancing. Figure 15a—c present the simulation results of output
phase voltages, output currents, and SM capacitor voltages, respectively. It can be observed
from Figure 15c that without carrier reconfiguration, the performance of capacitor volt-
age balancing is inadequate, resulting in significant distortion in both the output voltage
and current waveforms, as shown in Figures 15a and 15b, respectively. In contrast, the
implementation of the proposed carrier reconfiguration technique markedly improves the

capacitor voltage balancing across all SMs.

Without carrier reconfiguration With carrier reconfiguration
Al()- g s Heo 1 T 1lao [Hbo Mo !
g s
—_l::J THD: 4.22% . THD: 3.15%

Ia fa—1b —Ie

P NVa vavavaVaVaVe\ VavatalalaVeVa
AN AA A AT A AL
5 : A z 7 -
M \SAVAV/\W o CAVAW/W e

(b)

O0000000G00000G

“— S0ms ————— ™
(c)

Figure 15. Simulation results of (a) output phase voltages, (b) output currents, and (c) SM capacitor

voltages without and with carrier reconfiguration, respectively.
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(b) Verification of Voltage Quality Improvement

To verify the compensation effect of the proposed carrier reconfiguration on the
output voltage pulse, a comparison with the existing control method (shown in Figure 1,
conventional CPS-PWM with modulation wave adjustment for voltage balancing [17-23])
is presented. The number of SMs N increases progressively from 3 to 18 in increments of
3. Notably, during this process, the amplitude of the rated phase current, the peak value
of the capacitor voltage, and the ripple rate of the capacitor voltage remain unchanged.
Figures 16 and 17 illustrate the simulation results for both the existing control method and
the proposed method under varying numbers of SMs. It can be seen that the THD of both
output voltages (Figure 16a,b) and output currents (Figure 16¢,d) decrease with the increase
in the number of SMs. However, using the proposed carrier reconstruction method, the
THD value is lower than that using the existing method under the same conditions.

Existing method Proposed carrier Existing method Proposed carrier
Shown in Figure 1 reconfiguration method § shown in Figure 1 reconfiguration method
; 10 = — :E 11 N=3 ; = N=3 ; l'bv T
'5;/ 5 ”ao‘”bo lco ‘“ao‘”bo‘”co :é 0.5 / \ AV La /\
B > Lemerendritndin 202 X
20 PTG g \
125 O -5 < AS:577A
10 THD: 32.13% THD: 26.21% | —1¢ THD: 1.95%
10 | N= N=6 1| N=6 N=6
5 0.5 4
0 0
—5 5
-10 THD: 25.66% THD: 20.45% -10
1IN=9 N=9
0.5 \ /N A
0
-5 RMS:577A
-10 THD: 17.27% THD: 13.87°% | —q9 \¥ THD: 1.29%
10 [N=12 N=12 1 [N=12 N=12
5 0.5
0 0
=5 =5
-10 THD: 9.45% THD: 6.27% -10
10 [N=15 1IN=15 N=15
0.5
0
=5
=10
10 {N=18 N=18 1 [IN=18 N=18
5 0.5
0 0
=5 : y =5
=10 THD: 4.65% THD:3.15% —|o
e 50ms T ¥ 50ms e 5S0ms— > 50ms—_*»
(a) (b) (c) (d)

Figure 16. Simulation results comparison of (a,b) output phase voltages and (c,d) output currents
following with different numbers of HBSMs each arm between the existing and the proposed method.

As can be observed from Figure 17a,b, the voltage pulse compensation does not
compromise the capacitor voltage balancing effect. Furthermore, Figure 17¢,d illustrate
the arm current waveforms. The findings indicate that after the implementation of carrier
reconfiguration method, the arm current remains largely unaffected.

A comprehensive statistical analysis was performed on the THD of both the output
voltage and current, as shown in Figure 18a,b, respectively, for the two methods. The
results indicate that the THD under the proposed method is significantly lower than that
under the traditional method approach. Notably, when the number of SMs is constrained,
this disparity becomes increasingly evident.
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Figure 17. Simulation results comparison of (a,b) HBSM capacitor voltages and (c,d) arm currents
following with different numbers of HBSMs each arm between the existing and the proposed method.
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Figure 18. THD comparison of (a) output phase voltage and (b) output current between the existing
and the proposed method.

In addition, the proposed method is comprehensively compared with existing meth-
ods in both the capacitive compensation mode and inductive compensation mode. The
simulation results are illustrated in Figure 19. As depicted in Figure 19a,b,e, the proposed
method achieves accurate compensation for voltage pulse deviations caused by capacitor
voltage ripples, irrespective of whether the converter operates in the capacitive or inductive
reactive power compensation mode. Compared to the existing method, the waveform
quality of the output voltage and current under the proposed method has been significantly
enhanced.
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Figure 19. Comparison of simulation results between the existing and proposed methods under
different compensation modes: (a) output phase voltage, (b) output current, (c) all capacitor voltages,
(d) HBSML1 carrier signal, and (e) Fourier analysis of output current.

By analyzing Figure 19¢,d, it can be observed that both methods achieve capacitor
voltage balancing under the two compensation modes. However, the proposed method
introduces real-time carrier reconfiguration, dynamically adjusting the carrier amplitude in
response to variations in capacitor voltage ripples. This adjustment aligns closely with the
trend of capacitor voltage ripples, enabling the SM to achieve an optimized conduction
time and effectively compensating for voltage pulse deviations.

5.2. Experimental Verification

The experimental platform constructed in the laboratory is illustrated in Figure 20. In
this setup, RT-LAB functions as the controller, and the specific experimental parameters are
outlined in Table 3. Identical hardware and timing parameters, specifically the carrier fre-
quency (fc = 3000 Hz) and sampling period (Ts = 10 pus), were applied to both the proposed
carrier reconfiguration method and the existing CPS-PWM method with modulation wave
adjustment during comparative testing.

(1) Verification of Capacitor Voltage Balancing

To evaluate the effectiveness of the capacitor voltage balancing control, two operating
conditions were considered: (1) inductive compensation mode without carrier reconfigura-
tion, and (2) inductive compensation mode with carrier reconfiguration. As illustrated in
Figure 21, the experimental results are presented for the output current (Figure 21a), output
phase voltages (Figure 21b), and HBSM capacitor voltages (Figure 21c), respectively.
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Figure 20. Photograph of MMDTC-STATCOM prototype.

Table 3. The main experimental parameters.

Variable Symbol Value
Grid phase voltage Vg 110v2V
Rated amplitude of phase current I 5A
Fundamental frequency f 50 Hz
SM capacitance Cq 200 uF
AC filtering inductor L 10 mH
Number of SMs per arm N 5
Peak voltage of SM capacitor Ue_peak 55V
Carrier frequency fe 3000 Hz
Sampling period T 10 us
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Figure 21. Experimental results of (a) grid voltage of phase-a and output currents, (b) output phase
voltages, and (c) HBSM capacitor voltages without and with carrier reconfiguration, respectively.
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As illustrated in the left half of Figure 21, without carrier reconfiguration, no balancing
measures were implemented for the capacitor voltages, leading to a divergent state in their
operation. This divergence subsequently induced distortions in both the output voltage
and output current. In contrast, as shown in the right half of Figure 21, the proposed
method effectively achieves superior voltage balancing for the SM capacitors. As a result,
the total THD of the output voltage is reduced from 29.21% to 25.68%, and the THD of the
output current decreases from 6.34% to 3.85%.

(2)  Verification of Output Voltage Quality Improvement

Verification of pulse compensation for the output voltage of SMs was conducted under
both the capacitive and inductive compensation modes. To demonstrate the improvement
achieved, an experimental comparison was performed between the existing method and
the proposed method. The experimental results are presented in Figure 22.
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Figure 22. Comparative experimental results of proposed versus existing methods under different
compensation modes: (a) grid voltage of phase-a and output currents, (b) output phase voltages,
(c) arm voltages, (d) representative capacitor voltages from the upper arm (HBSM1, HBSM2) and the
lower arm (HBSM6, HBSM?), and (e) PWM signals for upper-arm HBSM1 and lower-arm HBSM6.

From Figure 22a,b, it can be clearly observed that the proposed control method reduces
the THD of the output voltage by approximately 15% and the THD of the output current
by approximately 25% compared to the existing method. This improvement is mainly
attributed to the compensation for pulse deviation caused by ripples in the capacitor
voltage during carrier reconfiguration. By precisely adjusting the carrier amplitude, the
pulse width of the output voltage is regulated to effectively mitigate this deviation.

Figure 22c,d depict the waveforms of the arm voltages and the SM capacitor voltages,
respectively. The results demonstrate that when the capacitor voltage undergoes significant
ripples, applying the proposed method to compensate for the SM voltage pulse not only
markedly enhances the quality of the arm voltage waveform but also effectively improves
the balancing of the capacitor voltage.
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Figure 22e illustrates the PWM signals for the upper-arm HBSM1 and lower-arm
HBSMB6. It can be observed that regardless of the method employed, the switching fre-
quency of the submodule remains unchanged. In other words, the proposed method
modifies only the amplitude of the carrier signal, without affecting its frequency.

6. Conclusions

This paper proposes a carrier reconfiguration method designed to simultane-
ously achieve capacitor voltage balancing and improved output voltage quality in low-
capacitance MMDTC-STATCOM systems. First, the study highlights how the carrier
signal affects the output waveform quality when significant capacitor voltage ripples occur.
Then, it investigates voltage pulse deviation compensation and capacitor voltage balancing
through precise carrier fine-tuning while also analyzing the intrinsic relationship between
these two control objectives. The key innovation involves decoupling these dual control
targets by implementing two sequential carrier adjustments per cycle: (1) the first adjust-
ment compensates for AC-component-induced pulse deviations (Equation (12)), thereby
directly enhancing voltage waveform fidelity; (2) the second adjustment eliminates DC
offset errors through dynamic carrier amplitude modulation (Equation (18)), enabling
accurate capacitor voltage balancing. The simulation results (Figure 18) show that the
proposed method reduces the output voltage THD by 18-32% compared to conventional
CPS-PWM methods under the same number of submodules. The experimental validation
further demonstrates a 17% reduction (from 22.21% to 18.34%) and a 23% reduction (from
26.39% to 20.42%) in the output voltage THD under the capacitive and inductive operating
modes, respectively, as shown in Figure 22.
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Abstract: The present study investigates the control strategy of a novel doubled-fed in-
duction generator (DFIG) with a series grid-side converter (SGSC) during grid faults. The
rotor-side inverter is subject to a control strategy derived from the Model Predictive Cur-
rent Control (MPCC) theory, which is implemented during periods of fault occurrence;
for the series grid-side converter, the positive and negative sequence component control
is implemented during both steady state and fault periods to enhance system stability
and performance. The proposed coordinated control strategy is implemented on a dou-
bly fed turbine with SGSC, while taking into account different degrees of symmetric and
asymmetric faults to further evaluate the efficacy of the proposed method. The results of
the simulations demonstrate the efficacy of the model-predictive current control scheme
applied to the rotor-side converter under conditions of asymmetric faults. This enables
the suppression of a range of phenomena, including rotor overcurrent, stator overcurrent,
and overvoltage, electromagnetic torque ripple, and DC bus voltage during low-voltage
ride-through (LVRT), among others. The present study confirms the viability of implement-
ing positive and negative sequences of voltage separation control in the SGSC during both
grid faults and steady state. This approach is expected to minimize the switching of SGSC
control strategies and thereby reduce output power fluctuations. The Rotor Side Converter
(RSC) and SGSC can perform coordinated control during faults, and the proposed method
is able to improve low-voltage ride-through performance compared to existing methods,
thereby preventing damage to the converter under multiple fault conditions.

Keywords: SGSC (series grid-side converter); positive and negative sequence voltage
separation; MPCC (model predictive current control); LVRT (low voltage ride through);
DFIG (doubly fed induction generator)

1. Introduction

The recent augmentation in wind power grid-connected capacity has been accompa-
nied by the formulation of novel grid operation guidelines that explicitly delineate the
requirements for the operation of grid-connected reactive power in large-capacity wind
power systems. A further consideration is imperative to guarantee that grid-connected
power quality requirements are satisfied. It is therefore essential that the negative sequence
content of the grid-connected current remains within a specified range. To fulfill the voltage
ride-through technical requirements of the power generation system under the recently
enacted power grid regulations, scholars have proposed a new topology to enhance the
performance of the DFIG system when connected to the grid. Most scholars firstly optimize

Energies 2025, 18, 2537 https://doi.org/10.3390/en18102537
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the control strategy of SGSC under grid imbalance [1-6]. The LVRT operation of DFIG is
considered to be the biggest challenge of wind power grid-connected technology [7]. To
meet the technical requirements for low-voltage ride-through capability of power gener-
ation systems under the new grid regulations, some scholars have also investigated the
DFIG performance with improved topologies. For instance, as posited by literature [8], a
shift from a parallel to a series configuration is proposed for the connection of the grid-side
converter to the grid. This novel configuration offers distinct advantages in terms of fault
ride-through capability. However, related studies have identified challenges associated
with the doubly fed converter system employing this scheme, including inadequate power
handling capacity [9]. Consequently, the extant literature [10,11] displays the integration of
a parallel grid-side converter with the series grid-side converter. This configuration is em-
ployed to enhance the system’s power handling capacity, thereby facilitating ride-through
under balanced three-phase short-circuit conditions. However, the existing literature has
primarily focused on the investigation of the controls for the purpose of total output power
control in doubly fed converter systems that utilize SGSC. A paucity of in-depth research
exists with respect to the control of the system for the purpose of suppressing the output
current in the event of grid faults.

Model Predictive Control (MPC) [12] is a technique that employs a system model to
forecast future states and output variables. By continuously optimizing control inputs
based on an objective function, it determines the most effective control strategy. As detailed
in Reference [13], the utilization of MPC strategies within the domain of power electronic
systems has been thoroughly investigated and presented. This paper provides a compre-
hensive explanation of how Finite Control Set Model Predictive Control (FCS-MPCC) can
be applied to power converters. In addition, various studies have introduced anticipatory
current regulation strategies designed specifically for doubly fed induction machines oper-
ating within wind energy generation frameworks. This model is based on the maximum
wind energy tracking model of double-fed wind turbines. Reference [14] applied MPC
theory to a solid-state transformer and effectively suppressed power quality harmonics.
Reference [15] designed MPCC based on doubly fed wind turbine to solve the problem of
DC bus voltage overrun.

To maintain generator voltage and ensure DFIG connectivity during voltage dips,
coordinated control of the RSC and SGSC is employed for effective voltage dip mitigation.
The new control strategy proposed here comes from the perspective of limiting the transient
DC component and the negative sequence power frequency component. To manage
the operation of the RSC and the SGSC in the DFIG configuration, a control strategy is
formulated that incorporates model predictive current regulation in conjunction with a
T/4 delay-based separation technique for decomposing the voltage into its symmetrical
positive and negative sequence components. In the following, it is verified that the use
of MPCC during the fault can effectively suppress the overcurrent and reduce the DC
bus voltage amplitude, so that the effectiveness of the GSC can be guaranteed to achieve
power support. Furthermore, it is demonstrated that separating the positive and negative
sequences enables smooth SGSC control in steady-state conditions. The study indicates that
this work enhances the LVRT capability of the DFIG system, improving the adaptability of
grid-integrated doubly fed wind turbines to grid disturbances.

The innovations of this paper are as follows:

1.  Avoltage ride-through strategy is developed through coordinated control of the SGSC
and RSC, where regulation of the SGSC output voltage suppresses the stator flux
transient component, and the MPCC strategy enables the RSC to directly track the
rotor current, effectively mitigating overcurrent issues. For example, in a single-phase
ground fault, the stator current fluctuation range under traditional PI control is —7.14
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to 7.14 kA, whereas the improved coordinated control reduces it to —4.3 to 4.3 kA, a
reduction of about 40%;

2. This paper also introduces the T/4 delayed voltage separation control strategy applied
to SGSC for positive and negative sequence component separation under both steady-
state and fault conditions. Equation (12) shows how to achieve voltage positive
and negative sequence separation, thereby avoiding the time delay problem of the
traditional PI controller. Simulation results indicate that this strategy can limit the
DC-link voltage fluctuation range between 1.17 and 1.22 kV during a single-phase
short circuit fault, significantly improving system stability compared to traditional
PI control.

2. The DFIG Model with SGSC

Compared with the mainstream DFIG system, the topology of the DFIG system using
SGSC has changed. It is an SGSC and a series transformer added to the generator stator
side in the original topology. The topology is shown in the Figure 1a.
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Figure 1. DFIG topology with SGSC and equivalent circuit. (a) DFIG topology with SGSC. (b) Equiv-
alent circuit of the series grid-side converter in the synchronously rotating reference frame. (c¢) Equiv-
alent circuit of the dc-link.

As shown in Figure 1a, the DFIG stator voltage vector results from the superposition
of the grid voltage and the compensation voltage injected through the series transformer.

The stator voltage space vector of the DFIG can be manipulated by regulating the
voltage generated by the SGSC, thereby optimizing the transition process of the DFIG
when the power grid is faulty. But whether a good low-voltage transition operation can be
achieved depends on the optimization result of the control strategy. In order to facilitate
the analysis of the problem and simplify the design of the control scheme, a simplified
equivalent circuit is used in the series transformer, that is, the excitation branch of the series
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transformer is ignored. As depicted in Figure 1b, the SGSC voltage within the synchronous
rotating coordinate system can be mathematically described as follows:

Uy = Rjis —0—]ng is + L — Useries (1)

ldt

Pseries + steries = useriesis (2)

where: u; is the generator stator voltage space vector in the static coordinate axis system;
Useries 18 the series voltage space vector injected by the series transformer; u is the grid volt-
age space vector; R; is the series transformer resistance and input filter resistance; L; is the
series transformer leakage inductance and filter inductance; Pseries, Qseries represent the real
and reactive power transmitted through the series-connected grid converter, respectively.

The mathematical representations of both the stator and rotor sides of the DFIG are
formulated as follows:

. dgs
= Rsis + dar 3
dq), ( )
= R,i, +
In the rotor coordinate system, the flux linkage of stator and rotor is expressed as:
Ps = Lsis + Lmir (4)

@r = Lyiy + Liyis

In Equations (4) and (5): us, u, and is, i, denote the stator and rotor voltages and
currents in the stationary reference frame, respectively; ¢s, ¢, are their flux linkages; Rs, R,
and Ls, L, represent the stator and rotor resistances and self-inductances; Ly, is the mutual
inductance; w; is the rotor speed. From the state-space Equation (5), the stator and rotor
flux linkage dynamics can be derived:

L .
¢r = fm¢s + oLyiy 5)
S
In this context, o denotes the leakage inductance coefficient.

o= (1 - L;/LSL,) )

Substituting Equation (6) into Equation (4) enables the derivation of the connection
between the rotor voltage and the stator flux.

- Ly, dos

uy — Lisﬁ + (U'Lr + Rr)ir (7)

As shown in Figure 1c, when the DC bus voltage of the DFIG system is constant, the
following relationship exists:
Pg_Pr_Pseries:() (8)

In the above equation: P is the power of the parallel grid-side converter, and P is the
power of the rotor-side converter.

3. Coordinated Control of Voltage Ride Through Based on SGSC
and RSC

In a typical DFIG setup, the generator stator is directly connected to the power grid.
When a grid fault causes voltage sag, the stator flux will include a transient DC component,
along with both positive and negative components (the latter occurring during unbalanced
faults). The transient DC component is one of the main causes of rotor overcurrent. For the
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DFIG system using SGSC, the introduction of SGSC can make the stator voltage flexible
and controllable. If the output voltage is adjusted to suppress the stator flux’s DC offset
during faults, rotor over-current protection is achieved. However, the PI controller with
sequence separation requires decomposing the current and voltage feedback into their
respective components. It will cause a time delay in the feedback amount, thereby reducing
the responsiveness and overall dynamic efficiency of the control system [16]. Therefore, it
is necessary to introduce RSC control on the basis of SGSC control to suppress overvoltage
and overcurrent.

3.1. Improved Control of SGSC During Grid Steady State and Fault

When the grid voltage is normal, RSC and PGSC employ vector control for generator
power regulation and DC link voltage stabilization. The RSC uses traditional vector
control. In the conventional vector control strategy, the three-phase stator current of the
asynchronous machine is transformed into current components in the two-phase stationary
reference frame (xf3 axis). Subsequently, a coordinate transformation (Park transformation)
is applied to equivalently convert these components into direct current components in the
synchronous rotating reference frame (dq axis). The PGSC employs a traditional PI control
strategy, while the SGSC adopts positive and negative sequence separation control during
asymmetric faults and PI control during symmetric conditions. For SGSC, some scholars
proposed that the control expression of positive and negative sequence separation can be
used for the control of DFIG when the power grid is normal and unbalanced at the same
time [17]. However, the author did not conduct valid verification. Therefore, it is inspired
to apply the T/4 delay voltage separation control to the SGSC control under steady state
and fault conditions in this paper. This is to reduce the switching of control strategies in
case of failure, and its effectiveness is verified in the following simulations.

In order to keep the generator stator voltage consistent with the secondary voltage
of the grid step-up transformer when the grid voltage is normal, and to eliminate the
influence of the leakage impedance of the series transformer, that is to achieve:

Us = g 9)

Since most of the wind turbine grid-connected transformers are Yd-connected wind-
ings, during abnormal grid conditions, such as a fault occurrence, the voltage signal can
be decomposed to extract its zero-sequence component independently, thereby enabling
targeted analysis and control [6]. In addition, the grid connection method of DFIG is
usually three-phase three-wire system, and the zero-sequence current channel cannot be
formed. Therefore, the zero-sequence components of the system will not be considered in
the following control, and only the positive and negative sequence components will be
considered. For the convenience of distinction, in the following analysis, the superscript
+ and — represent the forward and reverse synchronous rotation coordinate systems; the
subscript + and — represent the positive and negative sequence components. The grid
voltage vector can be expressed as the following relationship:

ug == Ug+ + ugf (10)

In the event of a grid voltage failure, it is imperative to ensure that the terminal voltage
vector and the grid positive sequence voltage vector are congruent. This is achieved by
controlling the stator negative sequence voltage vector to zero, thereby eliminating the
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impact of the grid’s negative sequence component on the DFIG during faults. The control
target of SGSC can be expressed as follows:

usdq+ = ugqur (11)
Llsdq, =0

In the equation, ug4,,, Usgy— and ugy,, are the positive sequence and negative se-
quence components of the stator voltage vector and the positive sequence component of
the grid voltage vector in the two-phase rotating coordinate system, respectively.

To fulfill the control objectives outlined in Equation (11), this study employs the T/4
delay technique to effectively decouple the positive and negative sequence components of

the voltage:
Ugay(t) 10 0 -1 Uga (1)
Ugpt (1) _ 1 01 1 0 ug/g(t) (12)
Uga—(t) 2110 0 1| |ug(t—T/4)
ugs(t) 0 1 =1 0] [ugp(t—T/4)

Uga+, Ugpy, Ugn—, Ugn— aT€ the positive and negative sequence components of the grid
voltage in the a3 frame.

Based on the derivation from Equation (12), the positive and negative sequence com-
ponents of the grid voltage can be extracted within the two-phase stationary reference
frame. Subsequently, through coordinate transformation involving rotational operations,
these components are mapped into the synchronous reference frames—yielding the corre-
sponding voltage components in both the forward and reverse rotating coordinate systems:

+ .
[ugdﬂ _ 2[C0598+ sm98+] [ugk+1 (13)

Ugo 3| —sinfgy cosfgy | |ugpy
[’“‘g—d—l - \F cos(—0g.)  sin(~0y, [”8“] (14)
Ugg— 3 —sin(—6g+) cos(—0, )| [Hgp-

In the equation: T is the grid period. 0y is the positive sequence grid voltage
vector angle, which can be obtained by the phase-locked loop [18]. However, under
unbalanced grid conditions, the conventional basic PLL structure is easily affected by
negative-sequence voltage components and harmonic disturbances, leading to significant
errors in the extracted f¢. These errors negatively impact the accuracy of the dq-axis
coordinate transformation and deteriorate the current regulation performance of the DFIG
controller, potentially causing system oscillations.

To enhance the stability and robustness of the control system under asymmetric fault
conditions, this study adopts an improved PLL structure to obtain 6 during the separa-
tion of positive and negative sequence components. Common enhanced PLL algorithms,
Techniques like DSRF-PLL, DSC-PLL, and EPLL can reliably extract the positive-sequence
phase angle, even with negative-sequence components and grid disturbances. For the
purpose of simplifying implementation and simulation modeling, the DSRF-PLL structure
is selected in this study. It effectively mitigates the impact of reverse-sequence components
on the phase-locking outcomes, ensuring precise transformation between forward and
reverse sequence coordinate systems, thereby enhancing the system’s performance and
stability under unbalanced grid conditions.

The positive and negative sequence components of the stator and grid voltages are de-
rived from Equations (10) to (14) under the forward and reverse synchronous rotating axes.
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The mathematical models for the forward and reverse sequence components of the
series grid-side converter can be expressed in the direct and inverse synchronous reference
frames under grid fault conditions.

i+
us—;riesd-&- = Rii;—i-&- - wﬁLii;t—1+ + Li% + u:t_i-i- B u;d—O- (15)
Wyisns = Ritdye teweLiidy, + Lot udy, —udy,

_ . . di_, _ _
Uy = Riiy + ngizsq_ + Lié—i tuy — Uy 16)
u;mesqi = Rii;y—_weLiis;q— + Lidl;% gy — g,

Combining Equations (15) and (16), the voltage control is realized by using the PI
control of the voltage closed-loop. The SGSC positive and negative sequence voltage
control equations are:

ut _ |:Kp1(Ti15+1) ut oyt )
seriesdq+ Ti1S gdq+ sdg+ (17)
u- o sz(T,QS—Fl) 0 —u-
seriesdq— Tps sdq—

In Equation (17), K1, 71 and Kj, T;» are the PI controller parameters for the positive-
and negative-sequence voltages, respectively. Notably, both K1 < 0and Kj2 < 0.

This paper applies the above sub-sequence control to the SGSC in both normal and
fault modes, simplifying its control algorithm. The control flow is shown in Figure 2.
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Figure 2. DFIG topology with SGSC.

In Figure 2, a comprehensive set of electrical and control variables is employed to
achieve reliable operation under both low and high voltage ride-through (LVRT /HVRT)
conditions. The system state variables include the rotor current in the dq reference frame
ir4q, the mechanical angular velocity of the wind turbine wy,, and the reference values for
reactive power and electromagnetic torque, denoted by Q. and Tor,,f, respectively. The
control structure utilizes both dq-axis current references i,4y¢f, ir4r.f and their corresponding
af-axis references iyyef, iygrer, while the angle 6 is used for coordinate transformation. The
optimal switching state determined by the predictive controller is represented by S;, and
the predicted rotor current at the next sampling instant is given by i,, (k + 1), 7 8 (k+1).
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The measured electrical quantities include the rotor electrical angular velocity wy,,
rotor voltages and currents in the af frame u,,p, i;ap and the stator voltages and currents
us, is along with their af components g, is,p. The reference angular speed and angle
used for transformations are denoted by w; and 61, while the electrical angles of the rotor
and stator are 6, and 0s, respectively. The rotor flux linkage is represented by @ ;4.

The angle corresponding to the fundamental balanced component of the grid voltage,
obtained through phase-locked loop (PLL) synchronization, is indicated by 9; . The grid
voltage and its aff components are denoted as ug, Ug, 5. To enable symmetrical component-
based regulation, the dg-domain representations corresponding to the fundamental and

; ; + - +
unbalanced parts of the grid and stator voltages are introduced as u gdg+r Wadg—r Ysdg+7

Uggq—- In addition, the SGSC-injected voltage for voltage compensation is represented by
+ —
useriesq+’ useriesqf :

In contrast to unbalanced voltage sags commonly encountered in power systems, a
symmetrical three-phase voltage swell allows the stator-side grid-side converter SGSC to
regulate the terminal voltage of the stator, thereby supporting continuous power transmis-
sion from the DFIG to the utility grid [19]. Furthermore, through appropriate modulation
of the RSC, the DFIG is capable of delivering reactive power assistance during the voltage
swell event [20]. Throughout this condition, the PGSC maintains its primary function of sta-
bilizing the DC-link voltage, which is essential to ensure reliable high-voltage ride-through
capability of the DFIG system.

Since the grid voltage under a symmetrical overvoltage condition consists solely of
fundamental balanced components, the control method designed for decomposing and
handling unbalanced sequence components during asymmetric faults is not required [21].
At this stage, the control objective for the stator voltage can be expressed as:

Ugg = ”gd = I:lsd (18)
Usg =0 = Uy,

In the above equation, u,, and u;q represent the stator terminal voltage vectors in the
dq coordinate system during a grid voltage surge, while u,; and us, represent the stator
terminal voltage vectors during steady-state grid conditions. By combining Equation (1),
The voltage expression at the stator side, when represented in the dq reference frame, can
be reformulated as follows:

digg
. . . q
Usdqg = Useriesdg — Ugdq — Rilsdq - ]weLilsdq - Li? (19)

Based on the above, the stator voltage control equation in the dq coordinate system is
established as follows:
Usqg = [ Tis5 (ugd - usd)
Kps (Tiss+
] 0 )

(20)
Usqg = { T;sS
In Equation (20), Kps and ;s are the PI control gains for the SGSC in the «f3 rotating

KPS (Tiss""l) l
"]

frame after the voltage surge.

3.2. MPCC Strategy Applied to RSC During Grid Failure

In the event that the generator continues to supply a significant amount of power
during a grid fault, the positive-sequence current of the stator will rise due to the abrupt
decrease in the generator’s stator voltage [22]. The rotor cutting stator positive sequence
magnetic field of the generator will also generate a large slip frequency current component
in the rotor winding [23], which is also an important cause of overcurrent on the rotor
side. Therefore, if the RSC control strategy can be improved during the fault process, the
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purpose of suppressing the stator overcurrent of the generator can be achieved, thereby
improving the low-voltage transient operation of the DFIG system.

3.2.1. Building a Predictive Model

To implement the MPCC during low voltage ride-through, the rotor voltage and
current are first discretely sampled, leading to the derivation of the following equation:
d u] _ 1[u(k)—u(k—1)] o

dt|i| T |i(k)—i(k—1)

A comparison of the MPCC strategy applied to RSC in this paper with the delayed
positive and negative sequence separation control applied to SGSC reveals that the former
does not require the separation of positive and negative sequences of voltage and current.
Furthermore, the MPCC strategy does not entail a time delay under PI control [16]. The
state-space model that accounts for a linear discrete-time system is as follows: In order
to realize the MPCC during low-voltage ride-through, the voltage and current of the
rotor must first be sampled discretely. This leads to the derivation of the subsequent
mathematical expression:

x(k+1) = Ax(k) + Byu(k) + Bud(k)

ye(k+1) = Cex(k) 22

In Equation (19), the matrix A is the state transition matrix, discretized based on the
system’s electrical parameters—primarily the stator and rotor inductance and resistance—
along with the sampling interval T;. The control input matrix B, characterizes the influence
of the control input u#(k), which in this case represents the modulated rotor voltage vector
Upyp, ON the system state evolution. External disturbances, such as variations in stator
voltage us, grid faults, or flux oscillations, are modeled via the disturbance vector d(k)
and its associated input matrix B;, which maps the disturbance to its effect on the system
dynamics. The controlled output y.(k + 1) corresponds to the predicted output, typically
the rotor current to be regulated, and is derived through the output matrix C., which selects
relevant elements from the state vector—often implemented as an identity or selection
matrix depending on the control objective.

The current information, such as i, (k) and irg (k), obtained from MATLAB/Simulink,
is used to define the state variable vector x(k), while the mathematical model u (k) of the
doubly fed machine is treated as the input control variable. Using this, the future current
values iy (k + 1) and i, (k + 1), which represent the next time step of the controlled output
ye(k), are forecasted. Assuming all system states are measurable, Equation (19) is then
restructured into an incremental model.

Ax(k+1) = AAx(k) + BuAu(k) + ByAd(k)

ye(k) = CeAx (k) +ye(k—1) (23)

where, Ax(k) = x(k) —x(k—1); Au(k) = u(k) —u(k —1); Ad(k) = d(k) —d(k—1).

The current value of k is represented by x(k), and the change in x (k) from its previous
value, x(k — 1), is calculated as Ax(k) = x(k) — x(k — 1). The quantity known as “Ax(k)”
can be utilized as a point of departure for the purpose of predicting the future dynamics of
the system, thereby enabling the estimation of the state that will be reached at time k + 1.
This process, in essence, constitutes a state increment. Equation (20) can be rewritten as:

Ax(k+1]k) = AAx(k) + ByAu(k) + ByAd(k) (24)
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In the given equation, the notation “k+1 | k” indicates a one-step-ahead prediction
from the current time k to the next time instant k+1, where the value at k+1 does not
influence the system output at time k. Once the state-space model is constructed, the
corresponding current prediction expression is formulated. Subsequently, various reference
signals are assigned to the rotor-side converter, subject to predefined constraints.

3.2.2. Current Predictive Control Algorithm

When an asymmetric fault occurs in the power grid, the generator’s stator voltage
decreases, leading to the emergence of a negative-sequence component. As a result, the
stator current contains both positive and negative sequence components. The stator flux
consists of three components, in addition to the components corresponding to the positive
and negative sequences, there is also a DC component of the stator flux formed by the
inability to suddenly change due to faults. The total stator flux can be represented by the
equation: @5 = f (s — Rsis)dt. Due to the relatively slow variation in the DC component of
the magnetic flux, the free component may be obtained by means of filtering the magnetic
flux through a low-pass filter. During the period of asymmetric voltage drop in the power
grid, transient DC flux linkage of the stator will be induced. By using a low-pass filter to
filter the magnetic flux, it was found that this component is small and gradually decays, so
it can be ignored. In order to facilitate comprehension, the influence of the stator transient
DC flux linkage is temporally disregarded in the analysis. That is to say, solely the positive
and negative sequence flux linkages and currents of the stator are taken into account.

Equation (7) can be reformulated as follow:

, L2 di ,
Ryiy + (Lr - L]Zj) ditr = Uy — JWr@r (25)

The discretization of Equation (22) involves the implementation of the forward Euler
method, which replaces the difference quotient with the discrete difference value. The
result should be outputted as the current control increment at time k 4 1, as demonstrated
in the subsequent equation:

(k) =Ryira (k) +wr g (k)

e Urg .
i (k+1) =Ts " ILQV'_L(%Z)/LS ® + ira (k) 26)
) Up, — Ryl —WrPra .

Zrﬁ(k +1)=Ts b LVJZ%,/LS + l,,‘g(k)

3.2.3. The Establishment of the Value Function

A cost function needs to be defined in the predictive control scheme, so the motor
model established above is used to predict the current. The error of the reference current
and the predicted current must be considered in the value function, and then the value
function is established:

8= |imrep b +1) = ifa (k+1)| +

inprop (K +1) — sk +1)| (27)

As illustrated by Equation (24), i, f(k +1)and i,ﬁ,gf(k + 1) correspond to the refer-
ence values in the af coordinate system. These reference values are derived subsequent
to the coordinate transformation of the original control strategy. In this study, we sought
to determine the optimal switching sequence that would yield the desired control signal
for the RSC. To this end, we compared the reference value with the predicted value of
the current. We then identified the switch combination that corresponded to the current
vector, which resulted in the minimization of the cost function. Finally, we selected this
combination as the RSC trigger pulse signal. A two-level inverter is viewed as a nonlinear
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discrete system that can generate eight switching states and seven different voltage vectors.
as shown in the Table 1 below:

Table 1. Switch state and voltage vector.

Sa Sb Sc Voltage Vector V

0 0 0 Vo =0

1 0 0 Vi = 3V,

1 1 0 Vo = L+ 8V,
0 1 0 Vs = — Ve + 7% Vae
0 1 1 V= -3V

0 0 1 V5 - _%Vdc_].gvdc
1 0 1 Ve = $Vae — 2 Vie
1 1 1 Vy =0

Ultimately, to realize current regulation, the switching vector that yields the minimum
value of the cost function is determined and applied as the control output. The specific
implementation structure of the MPCC strategy for the (RSC) is illustrated in the control
block diagram presented in Figure 2, while the corresponding procedural steps are outlined
in the flowchart depicted in Figure 3.

Measure and calculate . i,
and ¢, (Equations(4)—(7))
¥
[Set 5, -t 1-0]

Real time current
prediction(Equations(25)-(26))
!
Valuation function
g(Equation27)

Figure 3. Model predicts the current control flow.

4. Simulation Verification

To validate the performance of the designed control scheme under conditions of
voltage sags, a 2 MW doubly fed wind turbine is used to simulate the occurrence of
symmetrical and asymmetrical faults in the power grid. As a comparison, the simulation
results under the conventional control algorithm are also given in this paper. DFIG system
parameters are as Table 2.

181



Energies 2025, 18, 2537

Table 2. Parameters of DFIG.

Parameter Numerical Value
Stator and rotor mutual inductance (mH) 2.5
Rotor leakage inductance (mH) 0.087
Stator leakage inductance (mH) 0.087
DC bus voltage reference value (kV) 1.2
Rated Capacity (MW) 2
Rated voltage (kV) 0.69
Stator resistance (m()) 2.6
Rotor resistance (m(2) 2.9
SGSC series transformer ratio 2:1
Capacity of the SGSC (MW) 2

Note: Data are collected from [15] according to the specific parameter.

At the moment of fault detection, the excitation converter detects a voltage dip at
the grid connection point. The system switches the RSC from the original PI control to
a model predictive current control strategy. The PGSC adopts a traditional PI control
strategy, while the SGSC employs positive-negative sequence separation control during
asymmetric faults and PI control during symmetric conditions. Figure 4 illustrates the
simulated waveform when the system voltage drops to 60% for a three-phase symmetrical
fault, Figure 5 illustrates the simulated waveform when the system voltage drops to 60% for
a single-phase ground fault, Figure 6 displays the waveform for a 70% voltage drop during
a two-phase short circuit. Panels 4 (a—e) depict rotor/stator currents, grid currents/voltages,
torque, and DC bus voltage in the dq frame. Figures 5 and 6a-1 cover key system responses,
including phase-a currents, SGSC voltage/current components, grid-side current, torque,
DC voltage, active power, and reactive power flow. In addition, the PI marked in the
Figure represents the conventional PI control (RSC adopts the directional control based
on the stator flux linkage, and SGSC adopts the T/4 positive and negative sequence
voltage separation control). The MPCC represents the use of improved coordinated control
(RSC uses MPCC, SGSC still uses positive and negative sequence separation control).
Specifically, in Figure 4, due to a symmetrical fault, the voltage is only positive sequence.
Therefore, SGSC adopts PI control instead of the T/4 delay positive and negative sequence
component control.

After a three-phase fault occurs, the voltage components drop symmetrically and only
have positive sequence components. When the fault occurs at 4 s, through the control of
RSC, the rotor excitation voltage is properly controlled according to the degree of grid
voltage drop, and the stator current of the generator shown in Figure 4b will also be
reduced accordingly, so as to further limit the stator current. In the MPCC scheme without
space vector control, the PWM control signal is sent directly to the RSC by means of
minimization of the cost function. This enables the control of the rotor current to be directly
tracked under faults, so that the rotor current fluctuation of Figure 4a is suppressed. The
enhancement of the grid-side power waveforms depicted in Figure 4c—d facilitates the
successful implementation of voltage dip recovery functionality for the DFIG system. At
this point, as shown in Figure 4e,f, the power quality of the grid is significantly improved
in contrast to traditional control methods, and the coordinated control of SGSC and RSC
effectively mitigates fluctuations in electromagnetic torque and bus voltage. In Figure 4,
due to a symmetrical fault, the voltage is only positive sequence. Therefore, SGSC adopts
PI control instead of the T/4 delay positive and negative sequence component control.
Thus, by comparing Figure 4 with Figures 5 and 6, it can be observed that when the fault
is removed, the switching of the control strategy in Figure 4 will cause significant voltage
and current fluctuations, which cannot be avoided.
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Figure 4. Comparison of LVRT performance between MPCC and P1I for three-phase short-circuit
fault.

Figures 5a and 6 show that the quality of the rotor current curve is stable if no fault
occurs before 4 s. After the fault occurs, The rotor generates a starting current due to the
negative-sequence component in the stator flux. Conventional PI control increases the rotor
current to a peak of 2.1 kA at 0.076 s after a single-phase fault, and to a peak of 1.9 kA at
0.049 s after a two-phase fault. This means that under asymmetric faults, conventional
PI control increases the rotor current to twice the steady-state value. However, under the
improved collaborative control using MPCC, the maximum rotor current in Figures 5 and 6
is around 1.1 kA. After 0.383 s of two-phase fault, the rotor current gradually decays after
reaching the peak value of 1.14 kA. In the later stage of fault, it is basically between —0.89
and 0.76 kA, and compared with the fluctuation range before fault —1.0 to 1.0 kA, the
exceeding limit does not exceed 24%.

As the terminal voltage drops, the stator voltage will also drop and the flux linkage
will change in a corresponding manner. At this point, there is also an inrush current in
the stator current, as shown in (b) of Figures 5 and 6. With MPCC, the flux linkage is
suppressed and the stator current amplitude is reduced. Compared to traditional PI control,
MPCC is more effective in suppressing the stator and rotor currents when a fault is detected.
This has the advantage that the stator can be controlled in such a way that reactive power
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can be sent via the rotor current after the voltage has dropped, thus providing reactive
power support for the grid.
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Figure 6. Comparison of LVRT performance between MPCC and PI for two-phase short-circuit fault.
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The key to fault control is suppressing the flux linkage AC component that the defect
causes, since the DC component and its impact are not taken into account in the study
above. Figures 5 and 6’s (g) illustrate how linkage cutting produces a sizable number of
double-frequency AC components in conventional PI control electromagnetic torque. To
some extent, MPCC limits the electromagnetic torque variation and keeps it at a relatively
constant amount by exerting an inhibitory impact. Switching between the fault algorithm
and the steady-state vector control technique creates some electromagnetic oscillation,
especially when the mains voltage recovers.

Regardless of the control strategy employed by the three converters during a distur-
bance, maintaining the stability of the DC bus voltage remains a fundamental requirement
for the proper functioning of the exciter converter and the enhancement of control effective-
ness. Figures 5 and 6, specifically part (h), illustrate the variations in DC bus voltage under
PI control and MPCC control, respectively. As demonstrated, in the absence of any fault,
the DC bus voltage remains stable at approximately 1.2 kV prior to the 4-s mark. However,
upon the occurrence of a fault, the energy begins to accumulate within the DC link, thereby
inducing voltage fluctuations. It has been demonstrated that, among the various fault
types, the voltage deviation under a two-phase short-circuit is more pronounced than
that under a single-phase ground fault. The MPCC strategy has been demonstrated to
effectively mitigate these oscillations and reduce harmonic distortion. This finding suggests
that the MPCC approach, as implemented for the RSC in this study, exhibits superiority
over the conventional PI method in preserving the stability of the DC bus voltage during
disturbances, whether these disturbances involve a ground fault in one phase, a short
circuit between two phases, or a balanced three-phase fault.

Throughout the fault duration, regardless of the specific control method implemented
by the converter, maintaining a stable DC bus voltage—reflecting the effective regulation
capability of the GSC—is a fundamental prerequisite for ensuring the reliable operation
of the converter and the validity of control enhancement strategies. As indicated by the
preceding analysis, the voltage deviation of the DC bus under MPCC regulation remains
within a 100 V margin. The GSC output current and voltage shown in (d) and (f) of
Figures 5 and 6 are also within a controllable range. This guarantees the effective regulation
of the GSC, while markedly improving the quality of the voltage and current waveforms at
the grid interface.

During a voltage sag, the DFIG compensates by injecting reactive power into the
power network, and the level of reactive support provided rises correspondingly. The
proposed scheme has less electromagnetic torque oscillation at the time of fault occurrence
and removal, which has less mechanical impact on the wind turbine shaft system. As
depicted in (k) and (I) of Figures 5 and 6, the generator only minimally takes in reactive
power from the grid in the later phase. Under the traditional control, an increased demand
for reactive power at the generator stator terminals can impede the restoration of voltage
levels within the power grid. At 4.625 s, the fault is removed, and following a short
transient response, the reactive power promptly stabilizes to its steady-state value prior
to the disturbance. It can be seen from (i)—(l) of Figures 5 and 6 that through the effective
control of the RSC, the output power fluctuation of the generator can be quickly suppressed
in a relatively stable range when a fault occurs.

5. Conclusions

This paper presents a fault-tolerant strategy for DFIG-based wind energy systems. The
proposed control mode enables DFIG to smoothly achieve low-voltage ride-through under
various fault conditions. A MPCC method for RSC and a positive and negative sequence
delay control scheme for SGSC are designed. The effectiveness of the control strategy
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presented is thoroughly assessed under normal, three-phase sag, single-phase grounding,
and two-phase short-circuit voltage sag conditions for the DFIG. By utilizing the approach
outlined in this study, the DFIG can withstand faults and maintain a stable connection to
the grid. The improved control strategy proposed in this article is mainly applied during
the fault period, but there are still strong impact issues caused by control strategy switching
after the fault ends. Therefore, further research is needed on collaborative control from the
beginning of the fault to the stage after the fault ends.
Quantitative analysis of the conclusions:

1.  Three-phase symmetrical fault: In a three-phase short-circuit fault, when the grid
voltage drops to 60%, the g-axis grid-side voltage under traditional PI control reaches
its peak value of 0.25 kV after 0.125 s, while the improved coordinated control stabi-
lizes it around 0.023 kV. Additionally, the improved coordinated control reduces the
electromagnetic torque fluctuation range from —0.8 to 21.6 kNm to a near-stable value.
The bus voltage fluctuation range is also reduced from 1.14-1.29 kV to 1.17-1.21 kV;

2. Single-phase grounding fault: For single-phase grounding faults, the comparison
between traditional PI control and the improved coordinated control demonstrates
clear performance differences. For example, in the case of a single-phase short-circuit
fault, the stator current fluctuation range under traditional PI control is from —7.14 kA
to 7.14 kA, while the improved coordinated control based on SGSC and RSC reduces
this range to —4.3 kA to 4.3 kA, representing a reduction of approximately 40%.
Furthermore, the improved coordinated control increases the minimum electromag-
netic torque from —23.4 kNm to —22.1 kNm and quickly suppresses it to a relatively
stable level;

3. Two-phase short-circuit fault: For a two-phase short-circuit fault, the improved coordi-
nated control exhibits superior performance. For instance, in a two-phase short-circuit
fault, the DC-link voltage under traditional PI control peaks at 2.03 kV after 0.143 s,
while the improved coordinated control limits it to between 1.17 kV and 1.26 kV.
Additionally, the improved coordinated control ensures that the reactive power stabi-
lizes after 0.21 s, with the fluctuation range being only —0.4 MVar to 0.38 MVar. The
quantitative analysis demonstrates that the improved coordinated control strategy
significantly enhances system stability and response speed under various fault con-
ditions, providing more reliable low-voltage ride-through capability for DFIG wind
energy systems during grid faults.
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Abstract: In modular multilevel converter battery energy storage systems (MMC-BESS),
state-of-charge (SOC) balancing is essential for ensuring safe and reliable operation. Exist-
ing methods based on linear controllers or conventional model-predictive control (MPC)
often suffer from slow balancing speed, difficult parameter tuning, and high computational
burden. To address these challenges, this paper proposes a fast SOC balancing strategy
based on nonlinear MPC. A nonlinear state-space model is first developed and then lin-
earized to enable discrete single-step prediction of arm- and phase-level SOC values. A
two-stage control scheme is introduced to coordinate inter-arm and inter-phase SOC balanc-
ing, significantly reducing the number of state variables involved in the MPC formulation.
The proposed method eliminates the need for circulating current reference calculation and
control parameter tuning. Simulation results demonstrate that the proposed method takes
approximately 17.5 s and 39 s for inter-arm and inter-phase SOC balancing, respectively,
while traditional three-level SOC balancing takes approximately 42 s and 88 s.

Keywords: MMC-BESS; SOC-balancing control; nonlinear model-predictive control;
state-space model; cost function

1. Introduction

The intermittency and volatility of renewable energy pose significant challenges to
power system stability at scale [1,2]. Battery energy storage systems effectively mitigate
power fluctuations from renewable sources, making the integration of BESSs with renew-
able generation essential. Among various converter topologies, the modular multilevel
converter-based battery energy storage system (MMC-BESS) stands out as a promising
solution for large-capacity storage due to its unique advantages [3,4]. The MMC-BESS
distributes batteries across submodules, which prevents the ‘bucket effect’ and eliminates
parallel circulating currents commonly found in traditional battery arrays with extensive
series-parallel connections. However, balancing the State of Charge (SOC) of submodule
batteries is critical for safe and reliable MMC-BESS operation [5,6].

Research on SOC-balancing control for MMC-BESS has advanced considerably. Refer-
ence [7] introduced a traditional three-level control scheme, but its open-loop structure and
reliance on proportional components resulted in slower SOC balancing. References [8,9]
implemented independent PI controllers for each submodule storage system, enhancing
SOC-balancing performance while simultaneously increasing system complexity and com-
plicating parameter tuning. References [10,11] developed a three-level SOC-balancing
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strategy by combining PI controller, PR controller, and modulation wave reconstruction
techniques, though the carrier phase shift modulation method employed exhibits limited
applicability in high-voltage, high-power scenarios. Furthermore, conventional PI/PR
controllers are highly dependent on parameter tuning, directly affecting system dynamic
response and stability, while demonstrating poor adaptability to system nonlinearities and
time-varying parameters [12].

Model-predictive control (MPC) enables real-time management of complex systems
through dynamic prediction and cost function optimization, effectively eliminating control-
parameter-tuning challenges [13,14]. Recent years have witnessed notable progress in MPC
strategies for MMC-BESS systems. Reference [15] introduces a modulation-based MPC
approach that directly computes duty cycles between two predefined voltage levels, elimi-
nating weighting factors while preserving constant switching frequency. References [16,17]
develop a switching state selection MPC method, where combinatorial complexity remains
challenging (C}); valid states) despite limiting active submodules to N per phase. Several
enhanced MPC variants address specific challenges: Reference [18] achieves superior cur-
rent quality by expanding voltage levels from N + 1 to 2N + 1 with minimal computational
overhead. For SOC balancing, Reference [19] employs a dual-mode strategy using fixed
circulating currents for large imbalances and adaptive coefficients for minor corrections,
albeit with increased switching losses. Reference [20] implements a precision dual-loop
architecture combining SOC prediction with MPC current tracking, though requiring exact
parameter matching.

Advanced control architectures include Reference [21]’s computationally demand-
ing but effective dual-layer solution for low-frequency operation and [22]’s hierarchical
approach separating global MPC balancing from local virtual resistance control, offering
speed-accuracy compromises. Reference [23] further refines balancing through a three-level
algorithm with dynamic coefficients, enhancing stability at the cost of control complexity.
Finally, Reference [24] presents an adaptive-weight MPC that dynamically adjusts cost
functions based on submodule voltages for optimized MMC performance. Reference [25]
proposed a hybrid approach using MPC for output current and circulating current control
at the submodule level while still relying on PI control for battery-side SOC balancing,
failing to achieve direct MPC over SOC equilibrium. References [26,27] employed tra-
ditional double-loop PI control for output currents while incorporating MPC for SOC
balancing, indirectly achieving SOC balancing through circulating-current-cost functions
but lacking direct control over SOC. References [25,28] introduced an MPC methodology
for MMC-embedded storage systems that successfully balanced storage submodule SOC
and suppressed current ripple, though this approach is limited to storage submodules with
supplementary DC-DC converters and cannot be extended to conventional half bridge
energy storage submodules. Also, the cost function is developed based on the current of
the energy storage unit. Reference [29] presented an enhanced inner- and outer-loop MPC
strategy for output-current control, double-loop PI control for DC/DC converters within
storage submodules, and improved inner-outer-loop MPC for SOC balancing. While this
method demonstrated effective SOC balancing, it still required PR controllers to calculate
circulating-current reference values, maintaining dependency on control parameter tuning.

The existing SOC-balancing control methods for MMC-BESS can be summarized in
Table 1. It is evident that the current MPC method for SOC balancing has two significant
limitations. First, the predictive model and cost function are based on current rather than
SOC, which indirectly reflects SOC characteristics. Second, MPC must be combined with
PI/PR control because the current reference required for the cost function needs to be
calculated. It can be seen from the above that existing MPC research focused on SOC
balancing in MMC-BESS primarily addresses storage submodules equipped with DC-DC
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converters, while comparatively limited attention has been given to MPC for SOC balancing
in traditional half-bridge storage submodules. Most approaches indirectly achieve SOC
balancing by minimizing circulating current reference value cost functions, necessitating
parameter tuning for proportional, PI, or PR control components. Additionally, these
control methodologies share an inherent limitation where balancing speed diminishes as
SOC deviation decreases.

Table 1. Comparison of the existing SOC-balancing control methods for MMC-BESS.

Control Method Technical Features Main Limitations.

Open-loop proportional

Traditional three-level .
control and sequencing

Slow speed and sensitive

control [7] strategy parameters
PI/PR composite Multi-stage closed-loop High complexity and poor
control [8-12] architecture dynamic response
The SOC is indirectly .
Indirect MPC [25-27] balanced through the The PI/PR controller is
. . . needed
circulation cost function
Only applicable to the
Direct MPC [25,28] Based on the SOC submodule with DC-DC
prediction model
converter
Hybrid MPC [15,29] MPC with conventl.onal Still dependen.t on
controller cooperation parameter tuning

To address these challenges, this paper proposes an advanced SOC-rapid-balancing
technology for MMC-BESSs based on nonlinear MPC. Key innovations include the follow-
ing: first, establishing a nonlinear state-space model for average SOC values between upper
and lower arms and developing a single-step prediction model with deviation cost function
for arm and phase average SOC values through linearization and discretization; second,
optimizing control stage division and state variable configuration within the overall MPC
scheme to substantially reduce the computational burden. The proposed control strategy
offers several advantages: complete SOC control without calculating the circulating current;
elimination of traditional control-parameter-tuning requirements; and maintenance of
consistent SOC-balancing speed regardless of the SOC deviation magnitude.

2. MMC-BESS Topology and Its Traditional Three-Level
SOC-Balancing Control

2.1. Topological Structure

The topology of the MMC-BESS and its Energy Submodule (ESM) is shown in Figure 1.
Each phase consists of the upper and lower arms. Each arm includes an inductor Larm, an
equivalent resistor Rarm, and N ESMs. The parameters are as follows:

Grid-side parameters: ug (k = a, b, c) represents the three-phase grid voltage; Ls and
Rs are the equivalent inductance and resistance between the MMC and the grid.

MMC parameters: uy (k = a, b, c) represents the output AC voltage of the MMC;
iy (k= a, b, c) represents the output AC current of the MMC.

Arm electrical parameters: upy and iy (k = a, b, ¢), respectively, represent the output
voltage of the upper and lower arms of phase-k; ipx and iy, respectively, represent the
current of the upper and lower arms of phase k.

ESM parameters: The half-bridge topology is adopted, consisting of two IGBTs and
one battery pack, where Ul is the battery pack voltage; up,; and iy, are the output voltage
and current of the ESM, respectively.
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b Ucenl Unk

Figure 1. Schematic representation of the MMC-BESS topology.

2.2. Model-Predictive Control of Output Current

The MPC algorithm predicts the single-step output current of MMC-BESS, as shown
in Equation (1):

(4 T2) = g e+ T a4 o)+ (1) W
where iy (t + Ts) and iy (t) are the predicted value and measured value of the output current
of the phase-k, respectively; u(t + T) is the predicted value of the AC-side voltage of the
kth phase of MMC; ug(t + Ts) is the predicted value of the grid voltage; Leq and Req are the
equivalent inductance and resistance of the AC side, respectively, with Leq = Ls + Larm /2,
Req = Rs + Ryrmy2; Ts is the simulation time step.

The cost function of output current is as follows:

Iivk = |ivk>’< (t+T5) 7ivk(t+TS)| (2)
where iy * (f + Ts) is the reference value of the output current.

2.3. Traditional SOC-Balancing Control

Traditional SOC-balancing control employs a three-level hierarchical architecture that
encompasses inter-phase SOC balancing, inter-arm SOC balancing, and submodule SOC
balancing within each arm. An open-loop sorting strategy is typically implemented to
minimize controller complexity. The process follows a systematic approach, outlined
as follows:

(1) Calculate the required number of submodules (1*) that need to be activated;
(2) Sort all submodules within the arm according to their estimated SOC values;
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(3) Apply a current-direction-based selection algorithm: when the arm current causes
the battery to discharge, the n submodules with the highest SOC values are activated;
when it causes charging, those with the lowest SOC values are prioritized.

The SOC value estimation of the submodule utilizes the Coulomb counting method [30],
with the specific calculation methodology detailed in Equation (3):

t

()t ©

1
SOC(t) = SOC(tg) — m/

where Qmax represents the battery capacity.

The block diagram of inter-arm SOC-balancing control is presented in Figure 2. Here,
ka and SOC, represent the average SOC values of the upper and lower arms of phase k,
respectively; K3 is the gain coefficient; and ug,- _ can be obtained, which is the reference

voltage for achieving SOC balancing between arms.

Ugoe

SOCu + = I S0C
S0C : T
vk

Figure 2. Control block diagram of inter-arm SOC balancing.

A 4

The block diagram of inter-phase SOC-balancing control is presented in Figure 3. Here,
SOC; represents the average SOC value of phase-k, SOC stands for average SOC value
of all submodules in the three phases, K1 and K, are gain coefficients, and LPF refers to
a low-pass filter. Finally, ugnc, can be obtained, which is the reference voltage value for
achieving the inter-phase SOC balancing.

SOC + + s0C,
K1 Ko ——»
S0C,
ipk +
0.5 P LPF
+

Figure 3. Control block diagram of inter-phase SOC balancing.

3. Nonlinear State-Space Model and Its Linearization

The traditional three-level SOC-balancing control for MMC-BESS has inherent defi-
ciencies, such as slow balancing speed and difficult parameter tuning. To overcome these
technical challenges, this paper proposes an SOC-balancing control strategy based on non-
linear model-predictive control, aimed at achieving fast and precise SOC balancing. The
following section first establishes a nonlinear state space model for the MMC-BESS system.

This strategy significantly reduces computational burden by decreasing the num-
ber of MPC state variables, eliminates the need for calculating arm circulating current
references, and achieves fast SOC balancing by only requiring the setting of maximum
submodule numbers.

3.1. Nonlinear State-Space Model of MMC-BESS

As shown in Equations (4) and (5), construct the differential dynamic equations of the

upper and lower arms.

dip

L I
arm dt

. 1
+ Rarmlpk + Upk = EUDC — Ug 4)
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Larm% + Rarmink + Unk = Uy — %UDC ®)
where Upc represents the DC-side voltage of MMC-BESS.

Subtracting Equation (5) from Equation (4) yields the dynamic equation governing the
MMC output current. This fundamental relationship enables the development of output-
current MPC, as formulated in Equations (1) and (2), which will not be discussed in further
detail at this juncture.

When Equations (4) and (5) are summed, the differential dynamic equation can be
obtained to characterize the arm circulating current:

dicirk
dt

2Larm + Rarmicirk + Upk + upr = Upc (6)
where i represents the circulating current of phase k, calculated as igrx = 0.5 X (ip + ink)-
The values of up; and uy, depend on the number of submodules activated in the upper and
lower arms, as shown below:

Upk = (N — Ylik + nzk)ucpk (7)

Unje = (nikk + ”;k)ucnk (8)

where N denotes the total number of submodules within each arm; nj;, and n;, represent
the reference quantity of submodule activation required by output current MPC and inter-
arm SOC-balancing control, respectively; Tpk and Uy correspond to the average voltage
values across all submodules in the upper and lower arms of phase k, respectively, and
must satisfy the conditions Upr = 3 + 1.2S0Cp, Uk = 3 + 1.2S0Cy [5]. Tt should
be noted that the relationship between SOC and the voltage of the battery is nonlinear due

to many factors, such as battery material, temperature, etc. In engineering applications, it
is necessary to first measure the SOC characteristics of the batteries and fit their nonlinear
expressions. Here, the SOC characteristic is simplified to linear expression for analyzing
easily. It is important to note that while nj, > 0, n3;, can be negative values, indicating
the flexibility to increase or decrease the number of activated submodules relative to the
baseline established by n7;.

Substituting Equations (7) and (8) into Equation (6), the differential dynamic equation
of the phase-k arm circulating current can be obtained.

2Larm &5 = Upc — 2Rarmicink — 12(N — 1}y + 113, ) SOCpk

9
+1.2(n, + n3,)SOCpi — 3(N + 2n5,) )

Taking the upper arm of phase-k as an example, assume that the number of submod-
ules put into operation at time t is (N — 1}, + 13, ), then it can be obtained that

N
dY. SOCp
QmaXFT = (N — nTk + n;k)ipk (10)
Due to
1Y —
3 2 SOCpki = SOCpx (11)
i=1

Substitute Equation (11) into Equation (10), and considering that ip = i¢irp — 0.5iyx at
the same time, this yields

dSOCpk _ N —nj +ny;

Qmax dr N (icirk - 0'5ivk) (12)
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Equation (12) indicates that the average SOC dynamics are primarily governed by
three factors: the number of activated submodules, the arm-circulating current, and the
output current. Considering that the output current can accurately track its reference value
(i.e., iyx = i*yx), to simplify the design of the nonlinear MPC controller, Equation (12) can be
rewritten as follows:

0., 950Cp _ N i+,
max dt N

(icirk - 0'5i$k) (13)

Equation (13) demonstrates that, after the aforementioned simplification, the dynamic
characteristics of the arm’s average SOC have been completely decoupled from the output
current. Following the same derivation process, the dynamic equation for the lower arm’s
average SOC can be expressed as in Equation (14):

dSOCy i+ 13
dr N

Qmax (icirk + O-Si:k) (14)

In summary, Equations (9), (13) and (14) constitute the state space model for the aver-
age SOC values of the upper and lower arms. Next, we will proceed with the linearization
of this state space model.

3.2. Linearization Processing of State-Space Model

Based on the analysis of Equations (9), (13) and (14), it is evident that in the MMC-
BESS, there exists a complex coupling relationship between the control variable nj, and n3,

for output current and SOC balancing, and the state variables 7.y, ﬁpk, and SOC,; This
results in significant nonlinear characteristics in the state-space model of the average SOC
values for the upper and lower arms. Therefore, it is not possible to perform single-step
prediction directly based on the discretized differential dynamic equations.

To effectively predict the state of the MMC-BESS, it is necessary to linearize the non-
linear state-space model of the system at each control cycle [31]. The specific linearization
process first requires reconstructing Equations (9), (13) and (14) into a standard nonlinear
state space model form:

x = f(x,u) (15)

where x = [igirk, SOCpr, SOCp]T, u = [13,].

It is worth noting that, due to the previous decoupling of the arm SOC dynamics from

the output current dynamics, there is no need to treat 1], as an input variable in this model.

In practice, it can be viewed as a time-varying system parameter that always can be treated
as a constant.

By applying Taylor expansion to Equation (15) at the operating point (xo, 1) at time ¢

and neglecting the higher order terms beyond second order, the following can be obtained:

Ax = o o

=| Ax+ ==

Au = AAx + BA 1
ax ., 5| AU x + BAu (16)

up

where Ax = x — xp, and Au = u — uy. Let A be the system matrix and B be the input
matrix. By substituting Equations (9), (13) and (14) into Equation (16), the following can be

obtained:
Rarm Ob(”ikk_n;k_N) 0.6(1’1;,(-&-1’1;,()
Larm Larm Larm
N—nj, +n}
A= 1k "2k 17
NQunax 0 0 (17)
ny +nj
1k Mok
NQmax 0 0
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~3-0.650C+0.650C
Larm
jeirk —0.51
B = Leirk vk 18
NQmax ( )
ik +0.51%
NQmaX

Equations (16) and (18) represent the linearized state space model of the arm’s av-
erage SOC at time ty. Similarly to the output-current MPC, we apply the forward Euler
method [32] to approximate the discretization of this model. The discretized expression is
shown in Equation (19):

Ax(t+Ts) = (ToA + I)Ax(t) + TsBAu(t + Ty) (19)

It should be noted that at time t, when the system is linearized at the operating
point and has not been disturbed by changes in input variables, Ax(f) = 0. Therefore,
Equation (19) can be simplified to the following;:

Ax(t+ Ty) = TBAu(t + Ty) (20)

Due to
x(t+Ts) = x(t) + Ax(t + Ts) (21)

Based on Equations (20) and (21), single-step prediction of the target variables that
need to be controlled can be performed, which subsequently facilitates the design of the
cost function.

4. SOC-Balancing Control Strategy Based on Model-Predictive Control
4.1. MPC for Inter-Arm SOC Balancing

Based on Equations (20) and (21), the SOC-balancing controller between the upper and
lower arms is first constructed. Single-step predictions of average SOC values for upper

and lower arms of phase k are performed separately. The prediction equations are shown
in Equations (22) and (23):

SOCu(t+T,) = = (i“rk(I?Q_mg'X&ék(t)) (n3(t+ To) — n3 (1) + SOCpe(t)  (22)

S T (icirk (£) + 0.5% (¢
SOCu(t+Ts) = S<lcrk(z\r)(3r il
max

The cost function of the inter-arm SOC balancing can be designed as follows:

(nop(t+ Ts) — ny(t)) + SOCi(t)  (23)

Jsoc_arm = ‘Socpk(t + Ts) - SOan(t + Ts) (24)

Considering the computational efficiency requirements for practical controller appli-
cations, this paper retains the sorting-control method described in Section 2.3 for SOC-
balancing control among submodules within each arm. This design strategy significantly
reduces the number of switching state combinations that need to be considered, thereby ef-
fectively simplifying the complexity of the model-predictive controller design and making
it more suitable for practical simulation verification and hardware implementation.
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4.2. MPC for Inter-Phase SOC Balancing

For inter-phase SOC-balancing control, by adding Equations (22) and (23), the single-
step prediction value of the average SOC for a phase can be obtained as follows:

SOCK(t+T,) = 05(S0Cy(t+Ts) +SOCw(t + T5))

Tslclrk( ) % —_— (25)
= RO (n3, (4 Ts) — n3(t)) + SOCk(t)
The average value of the three phase SOC can be expressed as follows:
SOC(t+T,) = SOCa(t + Ts) + SOCy(t + Ts) 4+ SOC(t + Ts) 26

3

For the inter-phase SOC balance control, its cost function can be designed as follows:

Jsoc_pha = |SOC(t + Ts) — SOCa(t + Ts) |+
|SOC(t + Ts) — SOCy (t + Ts) |+ (27)
|SOC(t + Ts) — SOCc(t + T)|

4.3. MPC Scheme Design Considering Inter-Arm and Inter-Phase SOC Balancing

By integrating the strategies proposed in Sections 2.2, 4.1 and 4.2, an overall MPC
strategy for MMC-BESS that considers both inter-arm and inter-phase SOC balancing can
be constructed. Based on the different number of control states, this paper proposes two
design schemes.

(1) Design Scheme One: Unified Control Approach

This scheme adopts a unified cost function to simultaneously achieve both inter-arm
and inter-phase SOC-balancing control. Specifically, 17, is obtained by optimizing the cost
function and then added to the 1}, to determine the number of submodules to be inserted
in the upper and lower arms of each phase. Combining Equations (24) and (27), the unified
SOC-balancing cost function can be expressed as follows:

Jsoc = A1Js0C_arm + A2Js0C_pha (28)

where A; and A; are the weighting coefficients for inter-arm and inter-phase SOC balancing,
respectively.

This scheme enables simultaneous inter-arm and inter-phase SOC balancing between
arms and phases, with the flexibility to control the balancing speed at different levels by
adjusting the weighting coefficients. However, this design scheme also presents significant
computational burden issues. The specific analysis is as follows:

Assume the maximum number of submodules for output current control and SOC
balancing are N1 and Ny, respectively, with N1 + N = N, then 13, must satisty the following:

—N, < nj < Ny, ny € Nt (29)

From Equation (29), it can be seen that n;, includes (2N, + 1) state variables. When
calculating the cost function in Equation (27), nested loops through 77, of all three phases
are required, resulting in (2N, + 1)3 states to be processed at each control step. The
prediction of average SOC values for upper and lower arms and phase units must be
calculated at each step. When a faster SOC balancing speed is required, a larger value
of N causes the number of states to grow exponentially as a cubic function, imposing a
significant computational burden.

(2) Design Scheme Two: Staged Control Approach
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To reduce the computational complexity of the MPC, this paper proposes a staged
control design scheme. This approach implements inter-arm and inter-phase SOC balancing
separately, with the following control strategy: The system prioritizes SOC-balancing

control between the upper and lower arms of each phase. When |SOCp — SOan’ is
detected to be less than a preset error threshold d,rm, the controller automatically switches to
inter-phase SOC-balancing mode, while temporarily suspending inter-arm SOC balancing.

If |SOC vk — SOan‘ subsequently exceeds the preset error threshold éarm, inter-arm SOC-
balancing control is reactivated.

In this scheme, the maximum number of submodules for upper- and lower-arm SOC
balancing and inter-phase SOC balancing is set as N»; and Npp, respectively, with Ny; +
Ny = Np. According to the analysis in Equation (24), the number of states to consider
for inter-arm SOC-balancing control is 2N31 + 1, and the three phases can be computed
in parallel without nested loops; inter-phase SOC-balancing control considers (2N +
1) states. Compared to the first scheme, this design significantly reduces the number of
switching states.

Further analysis shows that the number of states for inter-phase SOC-balancing control
can be further optimized. This is because inter-phase SOC balancing is essentially achieved
by adjusting the DC component of the circulating current in each phase arm. When
additional submodules are simultaneously inserted in both the upper and lower arms of a
phase, the DC-side voltage of that phase momentarily increases relative to the other two
phases, causing the incremental circulating current to accelerate the discharge process of
the ESM, thereby reducing the average SOC value of that phase.

Based on this analysis, in inter-phase SOC-balancing control, it is only necessary to
insert additional submodules in the two phases with higher average SOC values, while the
phase with the lowest SOC average does not require extra control, to achieve convergence
of the three phase SOC averages. This optimization means that the two phases with
higher SOC only need to consider the number of additional submodules to be inserted,
without considering removal operations, while the phase with the lowest SOC requires no
additional control. Therefore, the number of switching states for inter-phase SOC-balancing
control can be further reduced to (N2 + 1)%.

Through in depth analysis of the control performance of the two design schemes,
research has found that the second design scheme offers significant computational efficiency
advantages, reducing the computational complexity from cubic exponential to square
exponential, effectively alleviating the computational burden on the controller. Although
this scheme has certain limitations in terms of the utilization efficiency of submodule
regulation capability and requires additional optimization of the Ny and Ny parameters,
considering the key requirements of the system’s actual operational performance, especially
the important impact of computational burden on the control system, this paper ultimately
chooses to adopt this staged control strategy as the overall MPC scheme for SOC balancing
in MMC-BESS. The specific implementation process of this control scheme is shown in
Figure 4.

As shown in Figure 4, the stage control scheme consists of two parts: MPC for output
current and MPC for SOC balancing. These two components operate in parallel without
interfering with each other. The output current MPC can be divided into three steps:

Step 1: Initialize | ;v as infinity.

Step 2: Iteratively compute iy (t + Ts) and | jx within the interval [0, N1] based on
Equations (1) and (2).

Step 3: Obtain the control input 7*y; that minimizes J jy.
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Figure 4. Staged control scheme for SOC balancing.

Similarly, the SOC balancing MPC can also be divided into three steps:

Step 1: Initially, perform a conditional judgment of Jsoc arm- If Jsoc arm is not less
than darm, the inter-arm SOC is not considered balanced, and Jsoc arm is continuously
updated through a simple for-loop over [—Np;, N»1] according to Equations (22)—(24) until
the control input n*y; that minimizes Jsoc arm is found and Jsoc_arm < darm.

Step 2: If Jsoc arm < darm, the inter-arm SOC is balanced. Then, the two phases with
higher average SOCy, are selected to insert additional sub-modules. Jsoc_pha is continuously
updated through double for-loops over [0, Ny, ] according to Equations (25)—(27) to find the
control input n*y that minimizes Jsoc_pha-

Step 3: The upper and lower arm control signals (N — n*, + n*yy) and (1n*1y + n%y)
are obtained, respectively. It should be noted that the control modes for inter-arm and
inter-phase SOC balancing dynamically switch during the operation of the MMC-BESS to
ensure stable operation.

5. Simulation Verification
5.1. Simulation Parameters

To verify the effectiveness of the proposed overall MPC strategy and demonstrate its
advantages over traditional SOC-balancing control methods, this section builds a complete
MMC-BESS system simulation model based on the MATLAB(R2022b)/SIMULINK simula-
tion platform. The topology of the simulation system is shown in Figure 1, and the main
simulation parameters are shown in Table 2.
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Table 2. Simulation parameters of MMC-BESS system.

Type Items Values
Grid voltage 35kV
Rated output power 50 MW
Equivalent inductance (Ls) 2.2mH
o Equivalent resistance (Rs) 10 mQ
Circuit parameters No. of ESMs within each arm (N) 80
Arm inductance (Larm) 0.6 mH
Arm equivalent resistance (Rarm) 200 mQ)
Rated capacity of battery pack (Qmax) 1000 Ah
Rated battery pack voltage (Ucen) 800V
Control step size 100 ps
No. of ESMs for output current (N) 75
Control parameters No. of ESMs for SOC balancing (N3) 5
No. of ESMs for inter-arm SOC balancing (N31) 3
No. of ESMs for inter-phase SOC balancing (N»2) 2

The parameter selection in Table 2 was carefully designed based on both theoretical
requirements and practical engineering considerations:

Circuit Parameters: The 35 kV /50 MW configuration represents a popular medium-
voltage application for renewable energy integration in China. The arm inductance (0.6 mH)
and resistance (200 m(}) were calculated to limit the circulating-current ripple below 10%
of the rated current. The 800 V battery voltage was selected to maintain a safe 2:1 margin
below the 1700 V IGBT rating, ensuring robust switching operation. The 80 submodules
per arm provide sufficient voltage resolution for 35 kV grid integration while allowing
redundancy for fault tolerance.

Control Optimization: The 100 us control step balances computational feasibility
with control precision. The submodule allocation (N7 = 75, N, = 5) maximizes output
current control (N7 covers > 90% normal operation) while reserving adequate modules
(N») for balancing. As demonstrated in Section 5.4, the N»1:Np; = 3:2 ratio achieves optimal
balancing efficiency.

5.2. Simulation Results of the Proposed SOC-Balancing Control

The initial simulation conditions are set as follows: the average SOC values of the
upper- and lower-arms of phase-a are SOCp, (0) = 100% and SOCra (0) = 99.5%, respectively;
the average SOC values of the upper and lower arms of phase b are pr(O) =99.5% and
SOC,p(0) = 99%, respectively; and the average SOC values of the upper and lower arms of
phase-c are SOCpc (0) = 99% and SOCnc(0) = 98.5%, respectively. The overall MPC strategy
is activated at 0 s, and the simulation results are shown in Figures 5 and 6. Figure 5 shows

the dynamic response characteristics of the AC-side current and voltage of the MMC-BESS
system, and Figure 6 presents the dynamic change processes of the upper- and lower-arm
average SOC values, inter-phase average SOC values, and circulating currents of each
bridge arm.

199



Energies 2025, 18, 2502

' e
g
Jl |
0 0.05 ?;% 0.15 0.2
(a)
40 — Ua
2 nANA ANINA AAA
P ANAWARANA WA
AVAVEVRVAVAVAVEVATA
VvV IV V V[V V[V V
0 0.05 0.1 0.15 0.2
t/s
(b)

Figure 5. Simulation waveforms of (a) phase-a output current and (b) phase-a output voltage under
proposed control strategy.
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Figure 6. Simulation waveforms of (a) arm SOC average value, (b) phase SOC average value, and
(c) arm-circulating-current variation during two-stage control.
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As shown in Figure 5, the proposed control strategy can ensure the stable operation
of MMC-BESS. Specifically, MMC-BESS can output stable fundamental frequency output
voltage and output current. It is worth noting that during the inter-arm SOC-balancing
control process, the basic electrical characteristics of MMC-BESS are not significantly
disturbed, maintaining good dynamic performance.

The overall MPC strategy proposed in this paper demonstrates good dynamic charac-
teristics during the SOC-balancing process, as shown in Figure 6. The control process can
be divided into two main stages: inter-arm SOC balancing and inter-phase SOC balancing.

In the first stage (0-17.5 s), the system prioritizes SOC balancing between the upper
and lower arms of each phase. Figure 6a,b show that the arms with higher average SOC
values exhibit a decreasing trend, while those with lower values gradually increase. When
the deviation of average SOC values between the upper and lower arms of each phase
drops below the preset threshold darm (0.001%), it marks the completion of inter-arm
SOC balancing.

The second stage (17.5-39.0 s) mainly achieves inter-phase SOC balancing. Since phase-
a and phase-b have higher initial average SOC values, the system prioritizes inserting
additional submodules in these two phases. First, phase-a, which has the highest average
SOC value, inserts additional submodules, causing its average SOC value to decrease while
driving the average SOC values of other phases to increase. At 30.0 s, the average SOC
value of phase-a approaches the total average SOC value of the three phases. Subsequently,
phase-b becomes the new phase with the highest SOC and begins to insert additional
submodules. Since phase-a maintains the insertion of additional submodules, phase-b
submodules do not discharge to phase-a, keeping phase a SOC stable while phase-b SOC
decreases and phase-c SOC continues to increase. Finally, at 39.0 s, the system achieves
complete inter-phase SOC balancing.

The dynamic characteristics of the circulating currents (Figure 6¢) clearly demonstrate
the four stages of the entire control process. During the inter-arm SOC-balancing stage,
the circulating currents are dominated by output-current components, which are used to
eliminate SOC deviations between arms. After 17.5 s, the circulating currents transform to
primarily DC components, manifested as negative values for phase a and positive values
for phases b and ¢, indicating that phase a is charging phases b and c. Around 30.0 s, when
phase b inserts additional submodules, since the SOC deviation temporarily exceeds the
threshold darm, the system briefly resumes inter-arm balancing control, and output current
components reappear in the circulating currents. After the inter-arm SOC is rebalanced, the
system continues with inter-phase balancing control, and finally achieves comprehensive
balancing at 39 s, with the three phase-circulating currents reduced to zero.

5.3. Comparison with Traditional SOC-Balancing Control Method

To comprehensively verify the advantages of the MPC scheme proposed in this paper
over traditional three-level SOC-balancing control, this section conducts a comparative
analysis in the same MMC-BESS simulation system. Using the traditional control system
described in Section 2.3, maintaining the initial average SOC values of each arm consistent
with Section 5.1, and setting control parameters K; = 100, K, = 5, K3 = 4. After enabling the
three-level SOC-balancing control at 0 s, the dynamic response characteristics of the system
are shown in Figure 7.
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Figure 7. Simulation waveforms of (a) arm SOC average value and (b) phase SOC average value
under traditional three-level control scheme.

The results indicate that the traditional scheme suffers from considerably longer
balancing times: SOC balancing between the upper and lower arms of each phase takes
approximately 42.0 s, while the proposed scheme requires only 17.5 s; SOC balancing
between phases takes approximately 88 s, while the proposed scheme requires only 39.0 s.
This comparison clearly highlights the superiority of the MPC strategy proposed in this
paper in improving SOC-balancing rates.

Detailed analysis reveals the following limitations of traditional three-level SOC-
balancing control: First, the selection of control parameters faces a dilemma. Although
the balancing rate can be changed by adjusting K;, K, and K3, excessive adjustment
will cause overshoot in the reference values of arm voltage, affecting system operational
stability. In contrast, the MPC strategy proposed in this paper does not require parameter
tuning, only needing to select the maximum number of submodules for each control
stage under the premise of satisfying total quantity constraints, fundamentally avoiding
the overshoot problem. Second, due to the use of proportional control, the balancing
speed of the traditional scheme is positively correlated with SOC deviation, resulting in
slower speed as the deviation decreases. Even introducing an integral component cannot
completely solve this problem. However, the MPC strategy proposed in this paper, as
shown in Figure 6, achieves linear SOC reduction in each control stage, maintaining a stable
balancing speed. These analysis results fully demonstrate the comprehensive advantages of
the control strategy proposed in this paper in terms of balancing speed, parameter design,
and dynamic characteristics.

5.4. Comparison of SOC Balancing Rates with Different Submodule Number Proportions

Although the MPC system proposed in this paper cannot adjust the SOC balancing
speed through traditional proportional or integral components, it can achieve balancing rate
adjustment by optimizing the number of MPC submodules for inter-arm and inter-phase
SOC balancing (N7 and Npp).

To thoroughly investigate the impact of submodule number proportions on balancing
performance, this section conducted a detailed analysis of four different proportion schemes
while keeping N1 and N; constant: (Np; =1, Npp =4), (N21 =2, Ny =3), (Np1 =3, Nop =2),
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and (N1 =4, Ny = 1). The simulation system used the same initial SOC conditions as in
Section 4.2, focusing on examining the variation characteristics of the inter-arm SOC cost
function Jsoc_arm (using phase a as an example) and the inter-phase cost function Jsoc_pha-
The results are shown in Figure 8.
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Figure 8. Dynamic characteristics of (a) inter-arm cost function and (b) inter-phase cost function
under different submodule quantity ratios.

From Figure 8, three key findings can be found as follows: First, increasing Np; and
decreasing Npp result in shorter inter-arm SOC-balancing time and improved inter-phase
SOC-balancing speed. Table 3 lists detailed balancing time data for each proportion scheme,
showing that the maximum number of submodules for each control section is positively
correlated with the balancing rate. However, this enhancement effect exhibits diminishing
returns, meaning that as the number of submodules increases, the magnitude of reduction
in balancing time gradually decreases. Also, it can be seen from Figure 8b that the declining
rate of Jsoc_pha is not always the same which has a turning point. The reason for this
phenomenon is two phase units reach SOC balancing after a certain time during the
inter-phase SOC-balancing control mode.

Table 3. Comparison of SOC-balancing time.

Condition Inter-Arm Inter-Phase Overall
(N21 =1, N22 = 4) 545s 15.5s 70.0s
(N>1 =2, Ny =3) 26.0s 17.5s 435s
(Np1 =3,Nx» =2) 17.5s 215s 39.0s
(Np1 =4,Ny» =1) 13.0s 43.0s 56.0s

Second, in terms of overall SOC balancing time, simply increasing N»; or Ny, cannot
effectively shorten the system’s overall balancing time. Research has found that when
the values of N1 and Ny are close, the system can achieve relatively optimal overall
balancing performance. This finding provides important guidance for parameter selection
in engineering practice.

Finally, it is worth noting that although increasing N, can also shorten SOC balancing
time, this will correspondingly reduce the value of Ny, thereby affecting the maximum
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output power of MMC-BESS. Therefore, the value of N should be determined based on
the maximum output power requirements of MMC-BESS.

5.5. Comparison of Computation Burden Between Unified and Staged-Control Approach

In order to verify the advantages of staged control over unified control in terms of
computational burden, Simulink Profiler is used to analyze the computation time of the
MPC part in the simulation model under the two control schemes. The operating system
is Windows 10, the CPU is i5-13600KF, and the simulation duration is set to 15 s. The
CPU time results are presented in Table 4 below. It can be observed that the CPU time
increases slightly as Ny, increases gradually, indicating that the computational burden
of staged control is marginally influenced by N». In contrast, the CPU time for unified
control is nearly 45 s, which is approximately 10 times higher than that of staged control,
imposing a significantly greater computational burden on the CPU. Therefore, staged
control substantially reduces the computational burden compared to unified control.

Table 4. Comparison of CPU time between unified and staged-control scheme.

Control Scheme CPU Time

Unified Control 45.682 s
Staged Control (Np; =1, Ny =4) 48825
Staged Control (Np; =2, Ny =3) 4837 s
Staged Control (Npj =3, Ny =2) 4.808 s
Staged Control (Np; =4, Ny =1) 479 s

6. Conclusions

This paper proposes a fast SOC-balancing strategy for MMC-BESS based on nonlinear
model-predictive control. By constructing and linearizing a nonlinear state-space model,
the proposed method enables direct prediction of inter-arm and inter-phase SOC estima-
tions with minimal computational overhead. The staged-control strategy eliminates the
need for circulating current reference calculation and parameter tuning while maintaining
consistent balancing speed. Simulation results indicate that the proposed method achieves
inter-arm SOC balancing in approximately 17.5 s and inter-phase SOC balancing in approx-
imately 39.0 s. In comparison, traditional three-level SOC balancing requires approximately
42.0 s and 88 s, respectively, representing reductions of 58% and 56% in balancing times for
inter-arm and inter-phase SOC, respectively. Additionally, the analysis of various submod-
ule allocation strategies offers practical insights into parameter optimization. However,
the Coulomb counting method employed for SOC estimation in this study is prone to
accumulating errors over time, which may lead to inaccurate SOC predictions and degrade
the performance of NMPC. Future research will focus on integrating more precise SOC
estimation models to enhance the balancing accuracy.
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