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Preface to ”Advances in High-Efficiency LLC

Resonant Converters”

LLC resonant converters have been widely used in industrial fields because of their high

efficiency, simple structure, and cost-effectiveness. Many advanced technologies and approaches

have been introduced and proposed to improve its power conversion efficiency, dynamic

performance, stability, reliability, etc. using enhanced devices such as wide band-gap power switches

and high-speed controllers. In addition, new and advanced control algorithms have been applied to

the LLC resonant converters.

This book collects several research papers related to the LLC resonant converter, which were

published in a Special Issue of Energies on the subject area of “Advances in High-Efficiency LLC

Resonant converter”. This Special Issue focused on emerging power electronic topologies related to

the LLC resonant converter, and its design methodology and control algorithms. Topics of interest

for publication include the following:

• LLC resonant topologies;

• Resonant tank design methodology for high efficiency;

• Power loss analysis in LLC resonant converter;

• High-frequency magnetics in LLC resonant converter;

• Wide band-gap devices applied to LLC resonant converter;

• Advanced control algorithm for LLC resonant converter

I believe that all the papers in this book will inspire further research topics and other researchers

who are participating in the research of the LLC resonant converter. It was my pleasure to contribute

to the Special Issue of Energies as a Guest Editor.

Jeehoon Jung

Special Issue Editor

ix





energies

Article

Extension of Zero Voltage Switching Capability for
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Abstract: TheCLLC resonant converter has been widely used to obtaina high power conversion
efficiency with sinusoidal current waveforms and a soft switching capability. However, it has a
limited voltage gain range according to the input voltage variation. The current-fed structure canbe
one solution to extend the voltage gain range for the wide input voltage variation, butit has a limited
zero voltage switching (ZVS) range. In this paper, the current-fed CLLC resonant converter with
additional inductance is proposed to extend the ZVS range. The operational principle is analyzed to
design the additional inductance for obtaining the extended ZVS range. The design methodology
of the additional inductance is proposed to maximize the ZVS capability for the entire load range.
The performance of the proposed method is verified with a 20 W prototype converter.

Keywords: resonant converter; bidirectional power conversion; zero voltage switching; asymmetric
pulse width modulation

1. Introduction

Recently, the small sized power converterhas become significant in various industries, such as
lightings, TVs, computers, and other home appliances [1,2]. A power converter operating at a high
switching frequency is one effective method to improve power density [3–7]. However, the high
switching frequency operation induces a large switching loss for the turn-on and turn-off states.
Therefore, a soft switching capability is important to obtain a high power conversion efficiency in a
high switching frequency operation [8–10]. Resonant power converters, such as LC resonance, LLC
resonance, CLLC resonance, and CLL resonance, can implement the soft switching capability by the
resonance, which can be a good candidate to implement the high switching frequency operation [11–15].
In addition, the wide band-gap device (WBD), such as gallium nitride (GaN) and silicon carbide (SiC),
can increase the switching frequency up to several MHz compared with conventional silicon (Si)-based
switching devices [16–19].

The CLLC resonant converter operating at the inductive region can obtaina zero voltage switching
(ZVS) capability [20–23]. However, the large input voltage variation by the batteryinduces large
switching frequency variation. In addition, the voltage gain fluctuation makes a non-ZVS operation
withthe capacitive operation of the converter [24]. Therefore, the CLLC resonant converter has poor
voltage gain characteristics according to the wide input voltage variation. The current-fed CLLC
resonant converter can overcome the input voltage variation by the battery, since the current-fed
structure compensates the input voltage variation [25,26]. However, the current-fed structure makes a
limited ZVS capability of the low side switch, since the low side switch operates as the boost converter
and resonant converter simultaneously. Therefore, the increase of the ZVS capability is significant to
obtain a high power conversion efficiency for the entire load condition.

In this paper, the current-fed CLLC resonant converter employing the additional inductance
is proposed to improve the ZVS capability. The operational principle of the proposed additional

Energies 2019, 12, 818; doi:10.3390/en12050818 www.mdpi.com/journal/energies1
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inductance is analyzed with the theoretical waveforms. From the operational principle, the design
methodology of the additional inductance is analyzed to obtain the ZVS capability for the entire input
voltage range and load conditions. The experimental results with a 20 W prototype converter verify
the validity of the proposed additional inductance.

2. Operational Principle

Figure 1 shows the scheme of the proposed current-fed CLLC resonant converter. The current-fed
structure regulates the wide input voltage variation with the asymmetric pulse width modulation
(APWM), because it operates as the synchronous boost converter. The CLLC resonant tank provides
the galvanic isolation using the transformer and resonance. The voltage doubler structure of the
secondary side can reduce the turn ratio of the transformer.

 
Figure 1. Schematic of the proposed CLLC resonant converter employing additional inductance.

Figure 2 shows the operational waveform of the conventional and the proposed current-fed CLLC
resonant converter where S1and S2 are the primary switches, Vds,S1 and Vds,S2 is the drain-source
voltage of S1 and S2, respectively, ILin is the current passing through the input inductor, Ir,p is the
resonant current in the primary side, ILm is the magnetizing current, IS1 and IS2 are the currents passing
through S1 and S2, respectively, and ILadd is the current in the additional inductance. The current-fed
structure operates as the conventional boost converter by the switching operation of S1 and S2.
The CLLC resonant tank employing the APWM has zero offset current on the magnetizing inductance
which reduces the core and conduction losses of the transformer.

The current-fed structure is proper to compensate the wide input voltage variation. However,
it limits the ZVS range according to the increase of the output load. The switch current of conventional
voltage-fed CLLC resonant converter for the ZVS capability can be derived as follows:

ZVSS1 = Ir

(
tS2,o f f

)
(1)

ZVSS2 = −Ir

(
tS1,o f f

)
(2)

where Ir(ts2,off ) and Ir(ts1,off ) are the resonant current at the turn off state of power switches, respectively.
The negative current of each switch is required to obtain the ZVS condition. In the voltage-fed CLLC
resonant converter, the resonant current onlydetermines the ZVS condition of each switch. In the case
of the current-fed CLLC resonant converter, the input inductor and resonant currents determine the
ZVS current.The switch current of the current-fed CLLC resonant converter for the ZVS capability can
be derived as follows:

ZVSS1,c = Ir

(
tS2,o f f

)
− ILin

(
ts2,o f f

)
(3)

ZVSS2,c = −Ir

(
tS1,o f f

)
+ ILin

(
ts1,o f f

)
(4)

where ILin(ts2,off ) and ILin(ts2,off ) are the input inductor current at the turn off state of power switches,
respectively. The high side switch (S1) has a larger ZVS condition compared with Equation (1).
However, the low side switch (S2) has a poor ZVS condition compared with Equation (2). Figure 2a
shows the theoretical waveforms of the conventional current-fed CLLC resonant converter, whichhas a

2
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hard switching operation on the S2. The ZVS capability of the proposed CLLC resonant converter can
be derived as follows:

ZVSS1,p = Ir

(
tS2,o f f

)
− ILin

(
ts2,o f f

)
− nILadd(ts2,o f f ) (5)

ZVSS2,p = −Ir

(
tS1,o f f

)
+ ILin

(
ts1,o f f

)
− nILadd

(
ts1,o f f

)
(6)

where ILadd(ts2,off ) and ILadd(ts2,off ) are the additional inductor currents at the turn off state of power
switches, respectively, and n is the transformer turn ratio. Figure 2b shows the theoretical waveforms
of the proposed CLLC resonant converter. The additional inductance extends the ZVS range compared
with the conventional current-fed CLLC resonant converter.

 
(a) 

 
(b) 

Figure 2. Theoretical operating waveforms: (a) Conventional current-fed CLLC resonant converter,
(b) Proposed current-fed CLLC resonant converter employing additional inductance.

3



Energies 2019, 12, 818

The turnon current for the ZVS condition of the current-fed CLLC resonant converter can be
calculated with the input inductor current and resonant current. The ZVS condition on the low side
switch can be derived as follows:

Izvs,s2 =
1

1 − Ds2

Vboost
R

+
(Vin − Vboost)

2L
(1 − Ds2)Ts − Vtr1

Lm

1 − Ds2

2
Ts (7)

where Ds2is the duty ratio of S2, Vboost is the voltage of the current-fed structure, Vin is the input voltage
of the battery, R is the load resistance, L is the input inductance, Ts is the switching time, Lm is the
magnetizing inductance, and Vtr1 is the transformer voltage. The negative value of Izvs,S2 guarantees
the ZVS capability of S2.The decrease of the load resistance makes no ZVS condition of S2. In addition,
the large duty ratio of S2 makes the worst ZVS condition, which means that the low input voltage
condition is the worst ZVS condition.

The turn on current for ZVS condition of the low side switch with the proposed converter can be
derived as follows:

Izvs,s2,p =
1

1 − Ds2

Vboost
R

+
(Vin − Vboost)

2L
(1 − Ds2)Ts − Vtr1

Lm

1 − Ds2

2
Ts − Vo1

nLadd

1 − Ds2

2
Ts (8)

where Vo1is the voltage on the output capacitor as shown in Figure 1. The proposed converter extends
the ZVS condition with the additional inductor on the secondary side as shown in Figure 2b. Figure 3
shows the ZVS capability according to the additional inductance. The ZVS current is the turn on
current of S2, which is required to have a negative value in order to obtain the ZVS capability. The small
additional inductance is proper to extend the ZVS range. However, the small additional inductance
increases the conduction loss on the primary side.Therefore, the design methodology of the additional
inductanceis required to obtain the ZVS capability for the entire load range.

 
Figure 3. ZVS capability comparison between the conventional current-fed CLLC resonant converter
and the proposed current-fed CLLC resonant converter.

The voltage gain according to the duty ratio can be described in Figure 4. The proposed converter
has similar voltage gain to that of the conventional boost converter, which shows wide duty ratio
variations to regulate the output voltage. The additional inductance can be designed at the worst duty
ratio case, which is the maximum duty ratio of S2.

4
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Figure 4. Gain according to duty ratio.

3. Design Methodology of Additional Inductance

The small additional inductance induces the conduction loss with large circulating current.
The large additional inductance cannot obtain the ZVS capability of primary switches. Therefore,
the maximum additional inductance is required to obtain the ZVS capability and the minimum
conduction loss on the additional inductance, which can be derived with Equation (8) as follows:

Ladd = Vo1
nA

1−Ds2
2 Ts

A = 1
1−Ds2

Vboost
R + (Vin−Vboost)

2L (1 − Ds2)Ts − Vtr1
Lm

1−Ds2
2 Ts

(9)

The proper additional inductance can be designed from Equation (9). Figure 5 shows the
additional inductance according to the output load condition. The increment of output load requires
smaller additional inductance. The design specification is shown in Table 1. The input voltage has a
large variation by the state of charge (SOC) of the battery. The load voltage is fixed, and rated load is
20 W. The resonant frequency(fr) is 200 kHz. The APWM requires the small resonant inductance to
obtain the linear voltage gain according to the duty variation.The turn ratio is determined with the
input voltage and output voltage ratio. The additional inductance is determined by (9).

 
Figure 5. Desired additional inductance to obtain ZVS capability and minimum conduction loss
according to output load condition.
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Table 1. Design specification.

Parameter Value

Vin 12 V–17 V
Load 32 V, 20 W

fr 200 kHz
Lr 1 μH
Lm 30 μH
Cr 633 nF

Turn ratio 1:1
Ladd 25 μH

4. Simulation and Experimental Results

The simulation results show the ZVS capability according to the additional inductance, as shown
in Figure 6. The conventional current-fed CLLC resonant converter has no ZVS capability on the
bottom side switch. However, the proposed CLLC resonant converter employing the additional
inductance can achieve the ZVS condition for both the power switches.

 
(a) 

 
(b) 

Figure 6. Simulation waveforms to verify ZVS capability: (a) Conventional current-fed CLLC resonant
converter; (b) proposed current-fed CLLC resonant converter.
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Figures 7–9 show the steady state waveforms of the conventional CLLC resonant converter
according to the input voltage variation and load condition. The duty ratio regulates the output
voltage according to the load conditions and input voltages.At the light load condition, it shows the
ZVS operation. However, the CLLC resonant converter has a partial and no ZVS operation for the
middle load and full load conditions, respectively. For allthe input voltage range, the ZVS can be
achieved at only the light load condition.

 

(a) 

 
(b) 

 
(c) 

Figure 7. Experimental waveforms of the conventional CLLC resonant converter at 12 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.

7
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(a) 

 
(b) 

 
(c) 

Figure 8. Experimental waveforms of the conventional CLLC resonant converter at 14 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.

Figures 10–12 show the steady state waveforms of the proposed CLLC resonant converter
according to the input voltages and load conditions.The proposed converter shows the ZVS operation
for the entire load and input voltage conditions.The extended soft switching capability improves the
power conversion efficiency compared with the partial or no ZVS cases. The power loss of the partial
and no ZVS cases can be calculated as follows:

PnoZVS ∼= 1
2

Vds,c Ionton fsw (10)

8
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where PnoZVS is the power loss according to the partial or no ZVS conditions, Vds,c is the drain-source
voltage at the turn on state, Ion is the switch current at the turn on state, ton is the turn on time duration,
and fsw is the switching frequency. Figure 13 shows the comparison of the power conversion efficiency
between the conventional current-fed CLLC resonant converter and the proposed converter. For the
light load condition, the proposed and conventional methods can obtain ZVS capability at the light load
condition, which makes no difference in terms of the efficiency. However, the proposed converter has a
higher power conversion efficiency for the middle to full load conditions. The maximum improvement
of power conversion efficiency is 1% at the middle load condition.

 
(a) 

 
(b) 

 
(c) 

Figure 9. Experimental waveforms of the conventional CLLC resonant converter at 17 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.

9
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(a) 

 
(b) 

 
(c) 

Figure 10. Experimental waveforms of the proposed CLLC resonant converter at 12 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.
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(a) 

 
(b) 

 
(c) 

Figure 11. Experimental waveforms of the proposed CLLC resonant converter at 14 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.
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(a) 

 
(b) 

 
(c) 

Figure 12. Experimental waveforms of the proposed CLLC resonant converter at 17 V condition:
(a) 2 W light load condition; (b) 10 W middle load condition; (c) 20 W full load condition.
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Figure 13. Power conversion efficiency curves.

5. Conclusions

A soft switching capability can improve the power conversion efficiency of the power converter.
In this paper, the current-fed CLLC resonant converter employing the additional inductance is
proposed to extend the ZVS capability. The operational principle and the design methodology of the
additional inductance are analyzed to obtain the soft switching capability for the entire load and input
voltage conditions. The simulation and experimental results verify the soft switching performance of
the proposed CLLC resonant converter compared with the conventional converter. The maximum
efficiency improvement using the proposed converter is 1% at the middle load condition.

Author Contributions: Conceptualization, H.P., J.J.; Methodology, H.P.; Software, H.P.; Validation, H.P.; Resources,
D.K., S.B., J.J.; Writing-Original Draft Preparation, H.P.; Writing-Review & Editing, J.J.; Supervision, D.K, J.J.;
Project Administration, D.K., S.B.; Funding Acquisition, J.J.

Funding: This research is performed based on the cooperation with UNIST-LIG Nex1 Cooperation.

Conflicts of Interest: The authors declare no conflict of interest.

References

1. De Doncker, R.W.; Divan, D.M.; Kheraluwala, M.H. A three-phase soft-switched high-power-density DC/DC
converter for high-power applications. IEEE Trans. Ind. Appl. 1991, 27, 63–73. [CrossRef]

2. Liu, Y.-C.; Chen, M.-C.; Yang, C.-Y.; Kim, K.A.; Chiu, H.-J. High-Efficiency Isolated Photovoltaic Microinverter
Using Wide-Band Gap Switches for Standalone and Grid-Tied Applications. Energies 2018, 11, 569. [CrossRef]

3. Zaman, H.; Wu, X.; Zheng, X.; Khan, S.; Ali, H. Suppression of Switching Crosstalk and Voltage Oscillations
in a SiC MOSFET Based Half-Bridge Converter. Energies 2018, 11, 3111. [CrossRef]

4. Pilawa-Podgurski, R.C.N.; Sagneri, A.D.; Rivas, J.M.; Anderson, D.I.; Perreault, D.J. Very-High-Frequency
Resonant Boost Converters. IEEE Trans. Power Electron. 2009, 24, 1654–1665. [CrossRef]

5. Reusch, D.; Strydom, J. Understanding the Effect of PCB Layout on Circuit Performance in a High-Frequency
Gallium-Nitride-Based Point of Load Converter. IEEE Trans. Power Electron. 2014, 29, 2008–2015. [CrossRef]

6. Kaiwei, Y.; Yang, Q.; Ming, X.; Lee, F.C. A novel winding-coupled buck converter for high-frequency,
high-step-down DC-DC conversion. IEEE Trans. Power Electron. 2005, 20, 1017–1024.

7. Meng, Z.; Wang, Y.-F.; Yang, L.; Li, W. High Frequency Dual-Buck Full-Bridge Inverter Utilizing a Dual-Core
MCU and Parallel Algorithm for Renewable Energy Applications. Energies 2017, 10, 402. [CrossRef]

8. Huang, R.; Mazumder, S.K. A Soft-Switching Scheme for an Isolated DC/DC Converter With Pulsating
DC Output for a Three-Phase High-Frequency-Link PWM Converter. IEEE Trans. Power Electron. 2009, 24,
2276–2288. [CrossRef]

13



Energies 2019, 12, 818

9. Liu, X.; Liu, J.; Wang, J.; Wang, C.; Yuan, X. Design Method for the Coil-System and the Soft Switching
Technology for High-Frequency and High-Efficiency Wireless Power Transfer Systems. Energies 2018, 11, 7.
[CrossRef]

10. Liu, K.H.; Lee, F.C. Zero-voltage switching technique in DC/DC converters. IEEE Trans. Power Electron. 1990,
5, 293–304. [CrossRef]

11. Lin, B.-R.; Wu, G.-Y. Bidirectional Resonant Converter with Half-Bridge Circuits: Analysis, Design,
and Implementation. Energies 2018, 11, 1259. [CrossRef]

12. Lin, B.-R. Investigation of a Resonant dc–dc Converter for Light Rail Transportation Applications. Energies
2018, 11, 1078. [CrossRef]

13. Zhang, S.-H.; Luo, F.-Z.; Wang, Y.-F.; Liu, J.-H.; He, Y.-P.; Dong, Y. Control Method Based on Demand
Response Needs of Isolated Bus Regulation with Series-Resonant Converters for Residential Photovoltaic
Systems. Energies 2017, 10, 752. [CrossRef]

14. Lin, R.; Huang, L. Efficiency Improvement on LLC Resonant Converter Using Integrated LCLC Resonant
Transformer. IEEE Trans. Ind. Appl. 2018, 54, 1756–1764. [CrossRef]

15. Tan, X.; Ruan, X. Equivalence Relations of Resonant Tanks: A New Perspective for Selection and Design of
Resonant Converters. IEEE Trans. Ind. Electron. 2016, 63, 2111–2123. [CrossRef]

16. Fayyaz, A.; Romano, G.; Urresti, J.; Riccio, M.; Castellazzi, A.; Irace, A.; Wright, N. A Comprehensive
Study on the Avalanche Breakdown Robustness of Silicon Carbide Power MOSFETs. Energies 2017, 10, 452.
[CrossRef]

17. Efthymiou, L.; Camuso, G.; Longobardi, G.; Chien, T.; Chen, M.; Udrea, F. On the Source of Oscillatory
Behaviour during Switching of Power Enhancement Mode GaN HEMTs. Energies 2017, 10, 407. [CrossRef]

18. Seeman, M.D. GaN Devices in Resonant LLC Converters: System-level considerations. IEEE Power Electron.
Mag. 2015, 2, 36–41. [CrossRef]

19. Zhang, W.; Wang, F.; Costinett, D.J.; Tolbert, L.M.; Blalock, B.J. Investigation of Gallium Nitride Devices in
High-Frequency LLC Resonant Converters. IEEE Trans. Power Electron. 2017, 32, 571–583. [CrossRef]

20. Chen, W.; Rong, P.; Lu, Z. Snubberless Bidirectional DC–DC Converter with New CLLC Resonant Tank
Featuring Minimized Switching Loss. IEEE Trans. Ind. Electron. 2010, 57, 3075–3086. [CrossRef]

21. Ryu, M.; Kim, H.; Baek, J.; Kim, H.; Jung, J. Effective Test Bed of 380-V DC Distribution System Using Isolated
Power Converters. IEEE Trans. Ind. Electron. 2015, 62, 4525–4536. [CrossRef]

22. He, P.; Khaligh, A. Comprehensive Analyses and Comparison of 1 kW Isolated DC–DC Converters for
Bidirectional EV Charging Systems. IEEE Trans. Transp. Electrif. 2017, 3, 147–156. [CrossRef]

23. Zou, S.; Lu, J.; Mallik, A.; Khaligh, A. Bi-Directional CLLC Converter With Synchronous Rectification for
Plug-In Electric Vehicles. IEEE Trans. Ind. Appl. 2018, 54, 998–1005. [CrossRef]

24. Jung, J.; Kim, H.; Ryu, M.; Baek, J. Design Methodology of Bidirectional CLLC Resonant Converter for
High-Frequency Isolation of DC Distribution Systems. IEEE Trans. Power Electron. 2013, 28, 1741–1755.
[CrossRef]

25. Zhang, C.; Li, P.; Kan, Z.; Chai, X.; Guo, X. Integrated Half-Bridge CLLC Bidirectional Converter for Energy
Storage Systems. IEEE Trans. Ind. Electron. 2018, 65, 3879–3889. [CrossRef]

26. Sun, X.; Shen, Y.; Zhu, Y.; Guo, X. Interleaved Boost-Integrated LLC Resonant Converter with
Fixed-Frequency PWM Control for Renewable Energy Generation Applications. IEEE Trans. Power Electron.
2015, 30, 4312–4326. [CrossRef]

© 2019 by the authors. Licensee MDPI, Basel, Switzerland. This article is an open access
article distributed under the terms and conditions of the Creative Commons Attribution
(CC BY) license (http://creativecommons.org/licenses/by/4.0/).

14



energies

Article

High-Frequency LLC Resonant Converter with GaN
Devices and Integrated Magnetics

Yu-Chen Liu 1,* , Chen Chen 2 , Kai-De Chen 2 , Yong-Long Syu 2 and Meng-Chi Tsai 1

1 Department of Electrical Engineering, National Ilan University, No. 1 Section 1 Shennong Road,
Yilan 260, Taiwan; kid3181910@gmail.com

2 Department of Electronic Engineering, National Taiwan University of Science, and Technology, No. 43
Section 4 Keelung Rd Da’an District, Taipei 10607, Taiwan; D10502204@mail.ntust.edu.tw (C.C.);
d10502203@mail.ntust.edu.tw (K.-D.C.); x452800@gmail.com (Y.-L.S.)

* Correspondence: ycliu@niu.edu.tw

Received: 15 April 2019; Accepted: 5 May 2019; Published: 10 May 2019

Abstract: In this study, a light emitting diode (LED) driver containing an integrated transformer with
adjustable leakage inductance in a high-frequency isolated LLC resonant converter was proposed as an
LED lighting power converter. The primary- and secondary-side topological structures were analyzed
from the perspectives of component loss and component stress, and a full-bridge structure was
selected for both the primary- and secondary-side circuit architecture of the LLC resonant converter.
Additionally, to achieve high power density and high efficiency, adjustable leakage inductance was
achieved through an additional reluctance length, and the added resonant inductor was replaced with
the transformer leakage inductance without increasing the amount of loss caused by the proximity
effect. To optimize the transformer, the number of primary- and secondary-side windings that
resulted in the lowest core loss and copper loss was selected, and the feasibility of the new core
design was verified using ANSYS Maxwell software. Finally, this paper proposes an integrated
transformer without any additional resonant inductor in the LLC resonant converter. Transformer loss
is optimized by adjusting parameters of the core structure and the winding arrangement. An LLC
resonant converter with a 400 V input voltage, 300 V output voltage, 1 kW output power, and 500 kHz
switching frequency was created, and a maximum efficiency of 97.03% was achieved. The component
with the highest temperature was the transformer winding, which reached 78.6 ◦C at full load.

Keywords: LLC resonant converter; integrated transformer; adjustable leakage inductance;
LED driver

1. Introduction

Light emitting diode (LED) lighting has become more popular in recent years, particularly as
product energy efficiency has become more important to consumers [1–3]. Compared with conventional
lighting equipment, LEDs are brighter and have a longer service life. LEDs have thus been used in
various lighting scenarios, such as street lighting, indoor lighting, and backlighting. They have also
been used for lighting equipment with high power requirements, like baseball field or basketball court
lights. Most of these LED driver circuits have a two-stage architecture consisting of a power factor
correction converter in the first stage and an isolated buck converter in the second stage, with an LLC
resonant converter usually employed as the second-stage circuit [4,5].

Unlike other common isolated buck converters, an LLC resonant converter is characterized by
power components with zero voltage switching (ZVS) and zero current switching at the high—and
low—voltage ends, respectively, in a full load range. Additionally, unlike phase-shifted full-bridge
converters, an LLC converter has no output inductance at the low-voltage end and thus has higher
conversion efficiency [6]. Moreover, to achieve high power density, increasing the switching frequency
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of the power switch reduces the volume of the magnetic component; however, this is accompanied by
a considerable increase in switching loss. Therefore, in addition to the ZVS feature of the LLC resonant
converter, wide-band-gap switch components should also be employed to reduce the switching loss
under high-frequency operation [7,8]. Additionally, selecting an appropriate LLC resonant converter
architecture can further optimize the efficiency and reduce component stress [9–11]. The topologies
commonly used in the high-voltage end of the LLC resonant converter are the half bridge and full
bridge, whereas those used in the low-voltage end are the full bridge or center tap.

To achieve high power density, the leakage inductance of the transformer in this study was used as
the resonant inductor of the circuit [12–14], which reduces the number of magnetic components required.
Previous research replaced the resonant inductor with the leakage inductance of the transformers,
mostly through winding the transformer using litz wire and setting the operating frequency between
50 and 200 kHz. However, when the operating frequency is between 500 kHz and 1 MHz, the litz
wire is usually replaced by printed circuit board (PCB) windings to reduce the alternating-current
(AC) resistance of the copper traces under high-frequency operation. Additionally, the primary- and
secondary-side windings are interleaved to weaken the proximity effect. This approach reduces
proximity-effect-induced loss and minimizes the leakage inductance of the transformer [15–17], which
is a disadvantage in LLC resonant converters that require leakage inductance to design resonant tanks.
A conventional method for increasing the leakage inductance is to increase the spacing between the
primary and secondary sides [18–20], which is mostly achieved using a non-interleaved winding that
leads to a sharp rise in the proximity-effect-induced AC loss. Therefore, the concept of adjustable
leakage inductance [21,22] was adopted in this study, with an additional reluctance length added
between the primary-side and secondary-side windings of the transformer. This enabled the magnetic
flux generated by the primary-side winding to flow into the added reluctance length, thereby increasing
the primary-side leakage inductance. The proposed approach weakens the proximity effect in the
interleaved winding and attains the objective of increasing the leakage inductance. Compared to
existing LED power converter designs [23–25], this work reduces the switching loss via wide bandgap
devices and soft switching techniques under 500 kHz switching frequency conditions and utilizes
an integrated transformer without an additional resonant inductor to achieve high power density.
Ultimately, an LLC resonant converter with an output power of 1 kW, switching frequency of 500 kHz,
input voltage of 400 V, and output voltage of 300 V was achieved in this study.

In this study, a second-stage LLC resonant converter was proposed for the LED driver circuit,
and the LLC resonant circuit was used as a direct-current transformer (DCX) to operate the driver circuit
at high efficiency. In addition, this study also designed and optimized the primary- and secondary-side
topologies and magnetic components in the LLC resonant converter. In Section 2, under the conditions
of 1 kW output power, 400 V input voltage, and 300 V output voltage, the loss and component stress at
the primary—and secondary—side structures of the converter are analyzed and a topology suitable for
the specification in this study is selected. Section 3 details the mathematical induction of adjustable
leakage inductance and the appropriate number of primary- and secondary-side windings for the
new core based on the optimal point of core loss and copper loss. The feasibility of the designed core
structure was verified using ANSYS Maxwell software (ANSYS, Canonsburg, PA, USA). Section 4
presents the experimental results, including temperature distribution maps.

2. LLC Topology Comparison

The primary and secondary sides of different architectures are discussed in this section.
Because different circuit specifications have their appropriate architecture, the architecture is chosen
based on power level and component stress, as shown in Figure 1. The primary side may consist
of a half bridge or full bridge, whereas the secondary side comprises a center-tap and full-bridge
rectification. The choice of different architectures for the primary side results in different transformer
designs; hence, the primary side is mainly selected based on the corresponding architecture for the
appropriate power level. As for the different architectures on the secondary side, there are different
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component stresses and numbers of switches. Therefore, the appropriate architecture for the secondary
side is mainly selected according to the level of the output voltage and current.

 
Figure 1. Architecture selection diagram.

The common structures for the primary side are the half bridge and full bridge (Figure 2). For the
half bridge, the voltage across the resonant tank is +Vin to 0 V; however, the actual voltage across
the transformer is ±Vin/2. Therefore, the turns ratio between the primary and secondary sides must
be accounted for when designing the transformer. The energy transfer formula in Equation (1) can
be rewritten as a general formula that establishes ZVS under a half-bridge structure, as shown in
Equation (2).

1
2

LI2 ≥ 1
2

CV2 (1)

in which the unit of L is Henry (H), I is Ampere (A), C is Farad (F), and V is Volt (V).

Lm ≤ tdead
16Coss fsw

(2)

in which the unit of Lm is Henry (H), tdead is seconds (s), Coss is Farad (F), and fsw is Hertz (Hz).

Lm

N1 N2

Cr

Lr
Vin

 

Lm

N1 N2

Cr

Lr
Vin

 
(a) (b) 

Figure 2. Primary structure (a) half bridge and (b) Full bridge topology.

For a full-bridge structure, the voltage across the transformer is approximately ±Vin, and the input
voltage can be directly divided by the output voltage to obtain the turns ratio when designing the
transformer. For primary-side switching to achieve ZVS in a full-bridge structure, the energy transfer
formula Equation (1) can be rewritten as the following general formula:

Lm ≤ tdead
8Coss fsw

(3)
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Under the conditions of 400 V input voltage, 300 V output voltage, and a half-bridge structure
of the primary side, the equivalent turns ratio of the primary and secondary sides is indicated by
Equation (4), whereas Equation (5) obtains the equivalent turns ratio of the two sides when a full-bridge
structure is adopted on the primary side. In choosing the primary-side architecture, the conditions of
primary-side ZVS are influenced by the stray capacitance [26]. In particular, the stray capacitance of
the secondary side mapped back to the primary side is affected by the turns ratio. Thus, if a half-bridge
structure was adopted under this specification, the stray capacitance mapped from the secondary to
the primary side would be magnified. Therefore, a full-bridge structure was employed in this study to
reduce the effect on ZVS condition. Table 1 [27] shows a comparison of the various ratings of the two
primary-side architectures.

N1

N2
=

Vin/2

Vo
=

2
3

(4)

N1

N2
=

Vin
Vo

=
4
3

(5)

Table 1. Comparison of primary-side architectures.

Primary Structure Half-Bridge Full-Bridge

Primary device voltage stress Vin
(400 V)

Vin
(400 V)

Primary device current stress
Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

4· N1
N2
·RL

(8.25 A)

Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

4· N1
N2
·RL

(4.81 A)

Primary device rms current
Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

8· N1
N2
·RL

(4.08 A)

Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

8· N1
N2
·RL

(2.36 A)

Resonant inductor rms current
Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

4
√

2· N1
N2
·RL

(5.8 A)

Vo

√
4π2+

(
N1
N2

)4
RL2( T

Lm )
2

4
√

2· N1
N2
·RL

(3.38 A)

ZVS condition Lm ≤ tdead
16Coss fsw

Lm ≤ tdead
8Coss fsw

Turns ratio N1:N2
(12:18)

N1:N2
(24:18)

Primary device GS66508B, 650 V GS66508B, 650 V

Number of primary device 2 4

Total SR conduction loss Irms
2 ·Rds(on) · 2

(1.665 W)
Irms

2 ·Rds(on) · 4
(1.114 W)

Winding loss of primary side 7.24 W 5.51 W

Proper specification Low power High power

In Table 1, T is the switching period, and its unit is seconds (s), and RL is the output load. Its unit is Ohm (Ω). ZVS,
zero voltage switching. SR, synchronous rectifier.

Common structures for the secondary side are center-tap and full-bridge rectification (Figure 3).
For center-tap rectification, the voltage over the secondary side of the transformer was 1 × Vo;
however, the voltage over the synchronous rectifiers (SRs) was 2 × Vo, and overall, the conduction loss
amounted to that of two SRs. Based on this analysis, the center-tap structure was more suitable for
low-output-voltage and high-current specifications.

Compared with those in the center-tap structure, the voltage over the secondary side and the
SRs of the transformer in the full-bridge rectification structure were 1 × Vo; however, the conduction
loss amounted to that of four SRs. Based on this analysis, full-bridge rectification was suitable for
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high-output-voltage and low-current specifications. For the high-output-voltage specification and
considering the tradeoff between the SR voltage rating, SR conduction loss, and secondary-side copper
loss, full wave rectification was selected for the secondary-side structure, and the switch employed
was the GS66508B. Table 2 shows a comparison of the SR rated voltage, transformer turns ratio, and SR
number of the two secondary-side architectures.

Vo

N1 N2 N2

RLLm

 

Vo

N1 N2

RLLm

(a) (b) 

Figure 3. Secondary-side architecture: (a) center tap and (b) full bridge.

Table 2. Comparison of secondary-side architectures.

Secondary Structure Center-Tap Full-Bridge

SR voltage stress 2 V0
(600 V)

V0
(300 V)

SR current stress
√

12
Vo

√
12π4+ 5π2−48

Lm2

(
N1
N2

)4
RL2T2

24πRL
(5.5 A)

√
12

Vo

√
12π4+ 5π2−48

Lm2

(
N1
N2

)4
RL2T2

24πRL
(5.5 A)

SR rms current
√

3
Vo

√
12π4+ 5π2−48

Lm2

(
N1
N2

)4
RL2T2

24πRL
(2.67 A)

√
3

Vo

√
12π4+ 5π2−48

Lm2

(
N1
N2

)4
RL2T2

24πRL
(2.67 A)

Turns ratio N1:N2:N2
(24:18:18)

N1:N2
(24:18)

SR device GS66508B, 650 V GS66508B, 650 V

Number of SR device 2 4

Total SR conduction loss Irms
2 ·Rds(on) · 2

(0.713 W)
Irms

2 ·Rds(on) · 4
(1.426 W)

Winding loss of secondary side 2.41 W 2.41 W

Proper specification Low output voltage
High output current

High output voltage
Low output current

Next, the differences between the four architectures (primary and secondary side) are compared.
In terms of the primary-side switch voltage stress, both the half bridge and full bridge result in a
voltage stress of 1 × Vin, whereas the secondary-side switch voltage stress is 2 Vo and Vo for center-tap
and full-bridge rectification, respectively. The voltage over the transformer was ±0.5 Vin when a
half-bridge structure was employed for the primary side, whereas using a full-bridge structure yielded
a voltage of ±Vin. Therefore, when transmitting the same power, the transformer current was Ir when
a full-bridge structure was used on the primary side but had to be 2 Ir if a half-bridge structure was
used. Because the voltage over the transformer was half the input voltage, the current on the primary
side was greater when a half-bridge structure was employed than when the primary side comprised
a full-bridge structure. Therefore, the primary-side half-bridge architecture is suitable for circuits
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with low power applications to prevent excessive current flow through the transformer, which would
result in saturation. Regarding the secondary side, the component voltage stress when the center-tap
structure was used was twice that when full-bridge rectification was employed, whereas the number
of components was half; the center-tap structure is thus appropriate for low-voltage-output and
high-current applications. Table 3 shows a comparison of the characteristics for the four architectures.

Table 3. Comparison of the four architectures.

Component

Primary Side:
Half-Bridge

Secondary Side:
Center-Tap

Primary Side:
Half-Bridge

Secondary Side:
Full-Bridge

Primary Side:
Full-bridge

Secondary side:
Center-Tap

Primary side:
Full-Bridge

Secondary side:
Full-Bridge

Primary device
voltage stress Vin Vin Vin Vin

SR voltage stress 2 V0 V0 2V0 V0

Primary-side
transformer

voltage stress
±0.5 Vin ±0.5 Vin ±Vin ±Vin

Secondary-side
transformer

voltage stress
±V0 ±V0 ±V0 ±V0

Primary-side
transformer

current
2 Ir 2 Ir Ir Ir

Proper
specification

Low power
Low output voltage

High output
current

Low power
High output

voltage
Low output current

High power
Low output voltage

High output
current

High power
High output

voltage
Low output current

The loss distribution of the four architectures was calculated on the basis of the specifications
in this study (Figure 4). According to the loss distribution illustrated in Figure 4, the loss of each
architecture type was mostly copper loss of the transformers and other loss types, including the
equivalent series resistance of the capacitor and via loss. The overall efficiency of the architecture
comprising a primary-side full-bridge structure and secondary-side center-tap structure was the highest
of all architectures. However, because the specification of this study was high output voltage, the SR
voltage rating of the secondary-side center-tap structure had to be 2 Vo; additionally, the actual test
circuit was not ideal. Therefore, the architecture with primary-side full-bridge and secondary-side full
bridge structures, which had the second highest efficiency, was selected to prevent the SR from being
damaged by the high voltage.
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Figure 4. Comparison of loss types in different architectures.

3. Design Concept and Loss Optimization of Adjustable Leakage Inductance

The conventional integrated leakage inductance is formed by leakage flux that is lost to the air
and does not pass through the secondary side. Accurate control of the amount of leakage inductance is
practically difficult. The concept of adjustable leakage inductance that was adopted in this study was to
add an additional reluctance length that prevents some flux generated on the primary side from flowing
into the secondary-side winding, in turn generating leakage inductance. The leakage inductance used
in this study was designed using the concept of split flow of the transformer reluctance.

Figure 5 presents the concept of adjustable leakage inductance, where the voltage of the primary
side and secondary side are denoted by Vp and Vs, respectively. The winding in the primary side was
divided into two parts, of which one part wound counterclockwise with 18 turns around the left outer
leg, and the other wound clockwise with 6 turns around the right outer leg. Similarly, the winding on
the secondary side was also divided into two parts, in which one part wound clockwise with 6 turns
around the left outer leg, and the other wound counterclockwise with 12 turns around the right outer
leg. Moreover, according to Equation (6), the magnetomotive force (MMF) of these windings could be
represented as 18 Ip, 6 Is, 6 Ip, and 12 Is, and their voltage as Vpw, Vpx, Vsy, and Vsz, respectively. Ro

represents the reluctance of the outer leg, and Rc represents the reluctance of the center leg.

Figure 5. Reluctance model for adjustable leakage inductance.

φ =
mm f

R
= NI (6)

Figure 6 displays the equivalence of the reluctance generated by the passing flux produced in the
left leg that was achieved by using the superposition theorem. Regarding the core structure, because
the reluctances of both outer legs are the same, the equivalent reluctance passing through φ1 and φ3 are
the same, as indicated in Equation (7). After the reluctance passing through the flux has been obtained,
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φ1 could be presented as Equation (8); although the equivalent reluctance of φ1 and φ3¬ are the same,
φ3 could be presented as in Equation (9) because the MMF is different for each leg. Because the center
leg had no windings, only the values of flux on the left and right outer legs are listed.

 
Figure 6. Equivalent reluctance model for flux split flow.

Rφ1 = Rφ3 =
Ro(Ro + 2Rc)

Ro + Rc
(7)

φ1 =
(
18Ip − 6Is

)
· Ro + Rc

Ro(Ro + 2Rc)
(8)

φ3 =
(
6Ip − 12Is

)
· Ro + Rc

Ro(Ro + 2Rc)
(9)

As mentioned, the MMF generated from the windings on each leg was determined using the
superposition theorem. Subsequently, Equations (10)–(12) represent the total flux of each leg in
consideration of flux split flow.

φ1_total =
18Ro + 24Rc

Ro(Ro + 2Rc)
· Ip − 6Ro + 18Rc

Ro(Ro + 2Rc)
· Is (10)

φ2_total =
12

Ro(Ro + 2Rc)
· Ip − 6

Ro(Ro + 2Rc)
· Is (11)

φ3_total =
6Ro + 24Rc

Ro(Ro + 2Rc)
· Ip − 12Ro + 18Rc

Ro(Ro + 2Rc)
· Is (12)

According to Figure 7, the primary-side voltage of the transformer Vp is the sum of Vpw and
Vpx; the secondary-side voltage of the transformer Vs is the sum of Vsy and Vsz. As demonstrated by
Equation (13), Faraday’s law of induction was employed to ascertain the relationship between the
voltage, number of turns, and variation in flux over time. Moreover, the primary-side voltage Vp and
secondary-side voltage Vs of the transformer are represented using Equations (14) and (15).

V = n
dφ
dt

(13)

Vp =
360Ro + 576Rc

Ro(Ro + 2Rc)
· dIp

dt
− 180Ro + 432Rc

Ro(Ro + 2Rc)
· dIs

dt
(14)

Vs =
180Ro + 432Rc

Ro(Ro + 2Rc)
· dIp

dt
− 180Ro + 324Rc

Ro(Ro + 2Rc)
· dIs

dt
(15)
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Figure 7. T model of the transformer.

By using Faraday’s law of induction to assess the relationship between the voltage, reluctance,
and number of turns of the transformer, the T model of the transformer (Figure 7) could be applied.
In Figure 7, Vp refers to the primary-side voltage of the transformer, and Vs refers to the secondary-side
voltage of the transformer; furthermore, Llkp represents the primary-side leakage inductance, Llks
represents the secondary-side leakage inductance, and Lm represents the excitation inductance of the
transformer. The T model enabled the equivalence of the voltage, current, and leakage inductance of
the secondary side with that of the primary side. Equations (16) and (17) present the results.

Vp =
(
Lm + Llkp

)dIp

dt
−

(Lm

n

)dIs

dt
(16)

Vs = −
(Lm

n

)dIp

dt
+

(Lm

n2 + Llks

)dIs

dt
(17)

Subsequently, Equations (14) and (16) could be compared with Equations (15) and (17).
Equations (18)–(20) represent the relationship among the leakage inductance and excitation inductance
of the primary and secondary sides of the transformer and the number of turns of the windings.

Lm + Llkp =
360Ro + 576Rc

Ro(Ro + 2Rc)
(18)

Lm

n
=

180Ro + 432Rc

Ro(Ro + 2Rc)
(19)

Lm

n2 + Llks =
180Ro + 324Rc

Ro(Ro + 2Rc)
(20)

The comparison could be used to establish models of equivalent leakage inductance of the primary
and secondary sides of the transformer and the excitation inductance. Such models could be presented
using Equations (21)–(23).

Lm =
240Ro + 576Rc

Ro(Ro + 2Rc)
(21)

Llkp =
120Ro

Ro(Ro + 2Rc)
(22)

Llks =
45Ro

Ro(Ro + 2Rc)
(23)

According to the obtained results, a three-legged core could achieve adjustable leakage inductance
if the shape of the outer legs easily enables winding. Applying the winding coil is difficult when the
commonly used PQ and RM cores are employed because of their outer leg shape; thus, EI or EE cores
were used for adjustable leakage inductance [21]. The simulation results of the current distribution
of the PCB trace windings based on the shapes of the PQ and EI cores were obtained with Maxwell
magnetic simulation software. The simulation results presented in Figure 8 yielded the winding for the
square core, and the current distribution obtained using the square core was considerably more uneven
than that obtained using the round core, leading to excessively dense current at the corner of the
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winding, hot spots, and higher losses. Therefore, the cylindrical core was selected as the transformer
core in this study.

 

  

(a)  (b) 

Figure 8. Relationship between the winding shapes of effective core cross sections and current
distribution: (a) square-shaped cross section; (b) round cross section.

The design presented in Figure 9 was proposed to achieve adjustable inductance through winding
on the two outer legs of the three-legged core and the obtainment of even current distributions on PCB
windings. Producing adjustable leakage inductance required that windings be set only on the outer
legs and not on the center leg. This method enabled the cross-sectional area of the center leg to be
altered to a shape suitable for PCB winding, increasing the effectiveness of the winding space of the
transformer. Therefore, this study proposed aligning two PQ cores (Figure 9a), where the connected
part serves as the center leg of the core, and removal of one outer leg of the original core forms a new
three-legged structure for the core. The design is as presented in Figure 9b.

  
(a) (b) 

Figure 9. Diagram of the innovative core structure: (a) PQ core structure; (b) the innovative core structure.

Figure 10 shows a diagram of the core size design in this study. Figure 10a is the top view, and r
represents the radius of the effective cross-sectional area, R denotes the radius of the core that can be
wound, l is twice the horizontal distance from the core cylinder to the highest point of the center leg, m
is the maximum width of the center leg, n is the length of the core, d is the thickness of the top and
bottom pieces, and t represents the leg height of the core.

 
 

(a) (b) 

Figure 10. Diagram of the core size marking: (a) top and (b) side view.
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The overall loss of the transformer can be divided into core loss and copper loss. Core loss is the
product of core loss per unit volume and core volume, as shown in Equation (24). In Equation (25),
Pv denotes the unit volume loss, and Cm, x, and y can be acquired from the core manufacturer’s
manual. Combining Equations (24) and (25) reveals that the core loss and volume Vel are related to the
switching frequency fs and peak flux density Bmax, with core loss being linearly proportional to Vel and
exponentially proportional to fs and Bmax. Next, Bmax was expressed as Equation (26), where Vin denotes
the input voltage, Ae represents the effective cross-sectional area of the core, and Np is the number of
turns of the primary winding. In this study, the input voltage Vin, switching frequency fs, and effective
cross-sectional area of the core are 400 V, 500 kHz, and 194 mm2, respectively. The relationship between
core loss and the number of primary-side turns is revealed through Equation (26), with a higher
number of turns leading to a drop in peak flux density, reducing the core loss. However, from the
perspective of copper loss, more turns resulted in greater loss. Thus, the optimal number of turns in
this study was acquired by quantifying the core loss and copper loss.

Coreloss = Pcv ·Vel (24)

Pv = Cm · f sx · By
max (25)

Bmax =
Vin

4 ·Ae ·Np · f s
(26)

In this study, a full-bridge LLC resonant conversion topology was employed for the primary-side
circuit architecture, whereas the secondary-side rectification architecture consisted of a full-bridge
topology. The turns ratio of the transformer was calculated using Equation (27), and substituting
the circuit specifications of this study (400 V input voltage and 300 V output voltage) yielded a
transformer turns ratio of 4:3. However, the minimal number of turns on the primary side cannot
be 1 because of the winding method of the adjustable leakage inductance, because the primary-side
should be wound to the two outer legs, and because the primary side on both legs cannot be the same.
Additionally, the winding ratio of the primary and secondary sides has to be an integer to prevent the
need for a non-integer number of turns on the secondary side. Table 4 shows that the winding width
of the core could be obtained by subtracting r from R, and the actual winding width was 5.5 mm.

n =
Vin
Vo

(27)

Table 4. Parameter design of the asymmetric resonant tank.

Core Size Value

Ae 194 mm2

R 13.3 mm
r 7.8 mm
l 18.8 mm

m 7.29 mm
n 18.8 mm
d 6 mm
t 10.3 mm

The transformer turns ratio in this study was 4:3; thus, the number of turns at the primary and
secondary sides could be 4:3, 8:6, 12:9, and so on. The core loss per unit volume (Pv) increased
substantially when the peak flux density of the transformer exceeded 1000 G. Therefore, the peak flux
density was designed to be less than 1000 G in the core turns design. Next, Equation (26) was rewritten
as Equation (28), and Bmax was set to 1000 G. According to Equation (28), the minimum number of
winds on the primary side was 14.6. Practically, more windings mean more layers and greater costs.
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Therefore, only the following five windings on the primary and secondary sides were considered:
16:12, 20:15, 24:18, 28:21, and 32:24.

Np >
Vin

4 ·Ae · Bmax · f s
= 14.6 (28)

The peak flux density and core loss for different numbers of turns were obtained using
Equations (24) and (26), and the results are plotted in Figure 11. The relationship between core
loss and number of turns was nonlinear. The difference in core loss between 16 and 20 turns on the
primary-side winding was 4.8 W, whereas 28 and 32 turns on the primary-side winding yielded a core
loss of approximately 0.8 W. This was the main reason for designing Bmax to be less than 1000 G.

 
Figure 11. Peak flux density and core loss.

The high-frequency copper loss was analyzed next. Conventional transformers are mostly wound
with litz wire; however, planar routing is more advantageous to utilize the window area of a transformer.
Figure 12 compares the use of planar routing and four litz wires. Under the same condition of an occupied
area of 4 mm2, the cross-sectional area of the litz wires was 3.142 mm2, whereas that of the planar
routing was 4 mm2 (Figure 12a,b, respectively); both yielded a 27% difference in DC resistance under the
same length. Therefore, PCB routing was used as the transformer winding in this study to achieve high
power density.

  
(a) (b) 

Figure 12. Winding usage in different transformers: (a) litz wire and (b) planar trace.

PCB routing was selected over litz wire under the same transformer window area because it
resulted in lower DC resistance of the winding. However, a sharp rise in AC resistance loss was
observed when the switching frequency was increased from the conventional 50 kHz–200 kHz to
500 kHz–1 MHz. Therefore, the AC resistance loss of the transformer winding was analyzed.

According to Dowell’s equation, the skin effect and proximity effect can be expressed by
Equations (29) and (30), respectively, where ξ= h/δ, with h denoting the thickness of the copper wire
in the transformer winding and δrepresenting the skin depth of the transformer winding. Additionally, m
can be expressed using Equation (31), where e represents the number of winding layers. The five numbers
of windings that were employed and the corresponding distributions of MMF are displayed in Figure 13.
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Because the circuit architecture in this study was an LLC rather than bidirectional CLLC, only the leakage
inductance on the primary side was adjusted. Therefore, the secondary side was wound around the two
outer legs with the same or almost the same number of turns, and the primary and secondary sides were
wound on an eight-layer PCB in an interleaved manner. A total of seven layers of PCB winding were used,
and one layer was reserved as the routing that connected the two leg windings.

Rac_skin =
ξ
2
· sinh(ξ) + sin(ξ)

cosh(ξ) − cos(ξ)
·Rdc (29)

Rac_proximity =
ξ
2
· (2m− 1)2 · sinh(ξ) − sin(ξ)

cosh(ξ) + cos(ξ)
·Rdc (30)

m =

∣∣∣∣∣∣ MMF(e)
MMF(e) −MMF(e− 1)

∣∣∣∣∣∣ (31)

  
(a) (b) 

 
(c) (d) 

Figure 13. Cont.
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(e) 

Figure 13. MMF distribution map of different numbers of windings: (a) Np = 16, Ns = 12; (b) Np = 20,
Ns = 15; (c) Np = 24, Ns = 18; (d) Np = 28, Ns = 21; and (e) Np = 32, Ns = 24.

Figure 14 illustrates the copper loss and total loss of the transformer for different numbers of
turns. The core loss could be obtained from Figure 11. More turns resulted in lower peak flux density
of the core and thus lower core loss. However, more windings also led to greater copper loss, which
could be divided into that associated with DC resistance and AC resistance. DC resistance was greater
for more windings; however, the resistance that actually affects the high-frequency copper loss is AC
resistance loss. Because an eight-layer board was used for transformer routing, more turns meant that
each layer of the PCB board had to accommodate more windings, which narrowed the width of each
winding. Moreover, according to Figure 13, more windings in each layer resulted in a higher MMF,
causing substantially greater AC resistance under high frequency, which in turn resulted in greater
copper loss. The various amounts of core loss and copper loss are presented in Table 5, and the results
are plotted in Figure 14. Ultimately, the number of turns with the lowest total loss (24:18) was selected
as the suitable number of turns of the transformer in this study. Figure 15 shows the peak flux density
of the core, as simulated by ANSYS Maxwell software, to verify that the core operated normally.

 
Figure 14. Copper loss and total loss.
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Figure 15. Flux density distribution by FEA 3D simulation.

Table 5. Parameter design of the asymmetric resonant tank.

Condition\Np:Ns 16:12 20:15 24:18 28:21 32:24

Bmax (Gauss) 913 730 608 521 456
Core Loss (W) 11.23 6.43 4.07 2.77 1.99

Rdc (mΩ) 157 223 260 479 689
Rac (mΩ) 167 232 270 530 796

Copper Loss (W) 3.33 4.50 5.74 10.50 15.57
Total Loss (W) 14.56 10.93 9.81 13.27 17.55

4. Results

An LLC resonant converter with 1 kW output power and 500 kHz switching frequency was
proposed in this study. Figure 16a,b shows the actual core size and circuit diagram, respectively. Table 6
details the components and design parameters used in this study.

 

(a) (b) 

Figure 16. Experimental prototype of the (a) core structure and (b) circuit.

Table 6. Parameter design of the asymmetric resonant tank.

Component Value

Resonant and Operating Frequency 500 kHz
Transformer Turns Ratio 24:18

Transformer Material 3F36
Primary-Side Switch Device GS66508B

Secondary-Side Switch Device GS66508B
Primary-Side Driver Si8271GB

Secondary-Side Driver Si8271GB
Resonant Capacitor 22.4 nF
Leakage Inductance 4.7 μH

Magnetizing Inductance 80.5 μH
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Figure 17 plots the measured conversion efficiency of the converter. The highest efficiency of 97.03%
was achieved at 80% load. Figure 18 displays the circuit test waveform at full load, which includes the
waveforms of Vds, Vgs, and the resonant current ILr of the primary-side power switch operating properly.
Figure 19a–c shows temperature distribution of the primary-side power components at full load, with
maximum temperatures of 38.1 ◦C, 40.4 ◦C, and 78.6 ◦C, respectively. Because the specifications of
this paper are high-voltage to high-voltage, according to the loss analysis in Figure 4, the loss can be
mainly attributed to the transformer, especially, on the transformer windings. Because the primary or
secondary switching elements have zero-voltage-switch turn-on, the temperature distribution of the
overall converter will be concentrated on the windings of the transformer.

 
Figure 17. Measured power efficiency.

 
Figure 18. Experimental waveforms for the converter at full load.
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(a) (b) 

 
(c) 

Figure 19. Temperature of the LLC converter at full load; (a) primary-side GaN devices, (b) secondary-side
GaN devices, and (c) core and winding of transformer.

5. Conclusions

This study determined the primary-side topology and secondary-side rectification topology
suitable for an LLC resonant converter under a switching frequency, input voltage, and output voltage
of 500 kHz, 400 V, and 300 V, respectively. After loss analysis and determining the rated voltage and
current of the components, the full-bridge topology was selected for both the primary and secondary
sides. This study also investigated the small transformer leakage inductance caused by an interleaved
winding structure, which was employed to reduce the winding MMF of the transformer under
high-frequency switching. The adjustable leakage inductance structure was thus adopted in this study,
and the influence of core shape on current distribution was explored. Subsequently, the feasibility
of the core was verified through simulation using ANSYS Maxwell software. Ultimately, an LLC
resonant converter with 1 kW output power and 500 kHz switching frequency was designed and
tested. The results verified a maximum conversion efficiency of 97.03%.
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Abstract: In modern aircraft designs, following the More Electrical Aircraft (MEA) philosophy, there
is a growing need for new high-power converters. In this context, innovative solutions to provide
high efficiency and power density are required. This paper proposes an unregulated LLC full-bridge
operating at resonant frequency to obtain a constant gain at all loads. The first harmonic approximation
(FHA) model is not accurate enough to estimate the voltage gain in converters with high parasitic
resistance. A modified FHA model is proposed for voltage gain analysis, and time-based models
are used to calculate the instantaneous current required for the ZVS transition analysis. A method
using charge instead of current is proposed and used for this ZVS analysis. Using this method,
an auxiliary circuit is proposed to achieve complete ZVS within the whole load range, avoiding a
gapped transformer design and increasing the efficiency and power density. A 28 Vdc output voltage
prototype, with 10 kW peak output power, has been developed to validate the theoretical analysis
and the proposed auxiliary circuit. The maximum efficiency (96.3%) is achieved at the nominal power
of 5 kW.

Keywords: aircraft power conversion; LLC resonant converters; high efficiency; ZVS auxiliary circuit

1. Introduction

In the field of the More Electrical Aircraft (MEA) philosophy, there is a tendency to substitute
mechanical, hydraulic and pneumatic systems with their electrical equivalents in order to increase
efficiency and reduce cost and fuel consumption [1–3]. As a result, the electrical power demand of
modern aircraft has increased and new power conversion solutions are needed.

Aircraft generators typically supply electrical power in AC at variable frequency (360 Hz/800 Hz;
see Figure 1); however, aircraft loads require 28 Vdc [4]. Traditional aircraft rectifiers are based on
passive solutions, with low-frequency transformers and diode rectifications. This approach is very
robust, but the power density is low and offers limited regulation capabilities. Following the MEA
philosophy, active rectifier solutions are being developed. These active solutions can be more efficient,
with an optimized volume and weight, and can also reduce the harmonic content in the AC grid,
which increases the lifecycle of the generators. Active aircraft rectifier systems are typically composed
of three stages, as shown in Figure 1: an EMI filter, AC/DC rectifier and isolated DC/DC converter.
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Figure 1. Aircraft active isolated rectifier architecture.

This article will focus on the DC/DC stage following the specifications in Table 1; a previous
publication on the design can be found in [5]. Additional information on the rectifier stage can be
found in [6]. The output voltage is fed and controlled by the rectifier, as depicted in Figure 1. Therefore,
the DC/DC converter needs a constant gain (K = 1/14) for all loads.

Table 1. Isolated DC/DC converter specification.

Input Voltage Output Voltage Output Power Output Current

400 V 28 V 10 kW 360 A

For a high-power isolated converter, full-bridge based topologies are known to be the most
adequate solution in terms of volume and losses [7]. High-frequency operation is desirable to decrease
the magnetic component volume and weight; however, switching losses in the devices will increase.
That is why soft-switched topologies offer a good trade-off between efficiency and volume, such as
with LLC converters, which are widely used in different applications [8,9].

The topology selected for this application is the LLC full-bridge operating at resonant
frequency [10–12], at which the maximum efficiency is reached. However, this operation point
is at the crossroad between zero voltage switching (ZVS) and zero current switching (ZCS) for primary
devices. ZCS and ZVS are mutually exclusive soft switching techniques and, in high-current converters,
ZCS achieves a higher loss reduction than ZVS. However, aircraft noise standards are restrictive.
Therefore, ZVS operation must be achieved in high-voltage converters to avoid voltage spikes and
ensure robust operation and low emitted noise. The ZVS capabilities within the whole load range have
been analyzed extensively in the literature [13,14]. However, since operation at resonant frequency is
between the ZCS and ZVS regions, time-based (TB) simulations are needed to estimate the range of
ZVS depending on different LLC design parameters. Additionally, in LLC converters, the current is
not constant along the ZVS transition and must be analyzed in terms of charge rather than current
using time-based models. This is not considered in previous publications.

To achieve complete ZVS within the whole load range in unregulated LLC converters, the design
leads to high circulating currents and a gapped transformer. However, auxiliary circuits can be used to
increase the ZVS range in full-bridge converters; some are active [15] and others are passive [16–18],
and they consist typically of two inductive circuits connected to the middle point of each leg. This work
proposes a new configuration for the ZVS auxiliary circuit, specific to LLC full-bridge topology, with a
single inductor connected between both middle points, reducing the circuit to a single inductor.
With this circuit, ZVS can be achieved for the whole load range with an optimized transformer design
without gaps and with LLC parameters optimized to reduce circulating currents.

First harmonic approximation (FHA) is an analytical method to estimate the voltage gain in
resonant converters [19]. There are modifications of the FHA method in the literature, to account
for higher harmonics [20,21]. However, these methods do not consider load-dependent behavior.
In regulated LLC converters, the control loop can compensate for the error in gain. In unregulated
LLC converters, an accurate estimation of the voltage gain mismatch is required. The unregulated LLC
converter in this work has an external control loop to compensate the voltage gain error. However,
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an accurate voltage gain is required to estimate the components maximum voltage for the DC/DC and
AC/DC stages from Figure 1.

Two modified FHA methods for voltage gain estimation are proposed in this paper and compared
with their time-based equivalents. The first method includes a series resistance to account for the
load-dependent voltage drop and the second method includes the distributed impedance model of
the transformer.

Using the ZVS analysis and the modified FHA method, this work proposes an unregulated LLC
full-bridge operating at resonant frequency with an auxiliary circuit to achieve complete ZVS within
the whole load range. A 10 kW prototype is constructed to validate the topology and the models.

2. LLC Full-Bridge Topology: Operation Principle and Accurate Modeling

In this article, the considered topology is an unregulated LLC full-bridge with full-bridge rectifier,
as shown in Figure 2. The duty cycle is constant and close to 50%, allowing a constant dead-time to
achieve the ZVS transitions.

 

Figure 2. Isolated LLC full-bridge with full-bridge diode rectifier.

Normalization is performed with the parameters defined in Table 2.

Table 2. LLC converter normalized parameters.

Normalized frequency Inductance ratio

fn =
fs
fr
= 2π fs

√
LrCr m = Lm+Lr

Lr

Load quality factor Normalized voltage gain

Q = 1
R∗O

√
Lr
Cr

M = nVOUT
VIN

In Table 2, fs is the switching frequency and fr is the resonant frequency of the series tank, and R∗O
is the reflected load AC-equivalent resistance for the output full-bridge rectifier. The rest of the
parameters are defined in Figure 2.

The analytical equation for the gain is derived from the equivalent circuit shown in Figure 3a
using the conventional first harmonic approximation (FHA) [19]:

M =
V2

V1
=

n·VOUT
VIN

=
1√(

1 + 1
m−1

(
1− 1

f 2
n

))2
+ Q2

(
fn − 1

fn

)2
(1)

Figure 3b shows the gain (M) at different quality factors (Q) and inductance ratios (m) within a
range of normalized frequencies (0.5 < fn < 2).

Three different modes can be defined for the operation of the LLC converter: below resonance
( fn < 1), at resonance ( fn = 1) and above resonance ( fn > 1). The current shapes of each mode are
shown in Figure 4 at two different inductance ratios (m).
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(a) (b) 

Figure 3. (a) LLC equivalent circuit (simplified first harmonic approximation (FHA)), (b) LLC voltage
gain (M) at different inductance ratios (m) and quality factors (Q).

 
(a) (b) (c) 

Figure 4. LLC converter modes: (a) below resonance; (b) at resonant; (c) above resonance.

2.1. Unregulated LLC Optimum Design and Power Loss Model

In regulated LLC converters, the minimum and maximum operating frequencies are selected to
achieve the desired voltage gain. However, in unregulated LLC converters, to achieve a constant gain
at all loads, the frequency is kept constant. A constant gain is only possible when operating at resonant
frequency. Additionally, operation at resonant frequency achieves the best trade-off of power losses,
as depicted in Figure 5. The model used for the MOSFET power loss can be found in the Infineon
application note [22]. The conduction losses for a full-bridge configuration of MOSFET are calculated
with the following equation:

PC =
4RDSon(100 ◦C)

NMOS
I2
RMS_M (2)

where RDSon(100 ◦C) is the drain-source resistance of the MOSFET with a junction temperature of
100 ◦C as a worst case, NMOS is the number of devices in parallel for a switch position, and IRMS_M is
the switch total RMS current:

Ps = fsNMOSVDSMAX

(
IDON

tri + t f u

2
+ Qrr + IDOFF

tru + t f i

2

)
, (3)

where VDSMAX is VIN for primary-side and VOUT for secondary-side devices, IDON and IDOFF are the
turn-on and turn-off drain currents, tri, t f u, tru, t f i are the rise and fall times of current and voltage,
respectively, and finally Qrr is the reverse recovery charge.
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(a) 

 
(b) 

Figure 5. LLC converter total normalized power losses (PLoss/POUT) at 10 kW output power. Including
primary and secondary transistors and transformer. (a) for m = 10; (b) for m = 215.

To calculate the winding losses, the following equation is used:

Pwinding = RAC(100 kHz) I2
RMST

(4)

where IRMS_T is the transformer RMS current and RAC(100 kHz) is the AC resistance of the winding
estimated using FEA analysis, using Pemag–Maxwell.

Finally, the core losses are estimated using the improved generalized Steinmetz equation
(iGSE) [23]:

Pcore =
1
T

∫ T

0
ki

∣∣∣∣∣dB
dt

∣∣∣∣∣α(ΔB)β−αdt (5)

where B is the flux in the core, α, β are the Steinmetz coefficients, and ki is the improved Steinmetz
coefficient. The components used can be found in Table 6 in Section 5. To summarize the total losses from
breakdown in Figures 5 and 6, the losses are merged into three main categories of conduction losses,

PCond = PC1 + PC2 + Pwinding + PParasitics, (6)

consisting of the sum of the transistor conduction losses from primary and secondary sources,
the winding losses of the transformer and the conduction losses of the parasitic resistances across the
converter. Then, the switching losses consist of the sum of primary and secondary transistor switching
losses, using Equation (3), and the core losses using Equation (5).

 
(a) 

 
(b) 

Figure 6. LLC converter total normalized power losses (PLoss/POUT) at 500 W output power, including
primary and secondary transistors and a transformer; (a) for m = 10; (b) for m = 215.

In Figure 5, for high inductance ratios (m), minimum losses are not reached at fn = 1 but at
fn = 1− td· fr, where complete ZCS is achieved. When comparing the behavior between high and low
inductance ratios with the LLC converter, we can see in Figure 5a,b that m = 215 has lower power
losses. This is caused by the high circulating currents and high turn-off currents of the m = 10 case.
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These high circulating currents can be noticed at low load, as depicted in Figure 6, where the
conduction losses are negligible for m = 215 but are considerable for m = 10.

The voltage gain is M = 1, when neglecting the load-dependent voltage drop and the effects
of undesired parasitic elements. These effects are usually neglected in regulated LLC converters,
because the feedback loop adjusts the voltage gain to the desired value. However, in unregulated
LLC converters, the frequency is constant and the gain varies as a function of the load. In the system
depicted in Figure 1, the DC/DC stage input voltage will be adjusted by the AC/DC stage. However,
the input voltage range is required for the design of the AC/DC stage.

Because the converter is unregulated, the resonant frequency of the tank changes with the
component value drift. If the switching frequency is not changed to match the new resonant frequency,
the converter will not operate at the optimum efficiency. This issue can be solved by measuring the
input and output voltage and implementing an algorithm to search for the maximum gain, which will
also be the point of maximum efficiency. This is not a control loop, and it can be performed only once
during the startup process. As explained before, the voltage gain varies with the output load and the
conventional FHA does not consider this load influence and other parasitics. Therefore, more accurate
modified models are needed to design unregulated LLC converters.

The next sections describe two FHA models with modified circuits with different parasitic
elements added.

2.2. FHA and TB Models Considering the Series Resistance

As discussed previously, the effect of the load-dependent voltage drop cannot be neglected to
estimate the gain. To consider this effect, series resistance is added to the equivalent circuit in in
Figure 3a, as shown in Figure 7. The modified FHA model in Figure 7a is compared to the time-based
(TB) model of Figure 7b. The addition of the resistance dampens the series resonance of the LLC
tank, so higher harmonics are introduced in the current and non-linearities are no longer negligible.
Therefore, the conventional FHA circuit is not accurate when the harmonic content is high.

g

 
(a) 

 
(b) 

Figure 7. (a) Modified FHA LLC equivalent circuit with series resistance; (b) time-based (TB) LLC
circuit with series resistance.

The analytical equation for the gain is derived from the modified FHA circuit, as illustrated in
Figure 7a:

M =
1√(

1 + 1
(m−1)

(
1− 1

f 2
n

)
− Q

Qs

)2
+ Q2·

(
fn − 1

f n − 1
f 2
n
·
(

1
(m−1)QQs

))2
(7)

This equation is the same as Equation (1) with additional terms in bold. These terms contain a
new parameter, the quality factor of the series resonant tank, which is defined as follows:

Qs =
1

Rs

√
Lr

Cr
(8)

This parameter includes the series resistance Rs, as depicted in Figure 7. It consists of all the
resistances in series between the primary and secondary voltage bridges, including the resistances of
the primary and secondary switches.
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A comparison between the modified FHA and the TB models is depicted in Figure 8. The effect of
the voltage drop is visible, as the gain at different power loads does not converge to one point at the
resonant frequency. There is a good match between the modified FHA and TB models within the range
of 0.75 < fn < 1. Outside this range, the harmonic content of the resonant current is high enough so
that the FHA approach is not valid, especially at high power. Therefore, outside this range, the TB
models should be used over the modified FHA for higher accuracy.

 
(a) 

 
(b) 

Figure 8. Comparison of the gain (M) for the modified FHA and TB models (with simulation) with
series resistance at different output powers (a) for m = 10; (b) for m = 215.

2.3. FHA and TB Models Considering Distributed Impedance Model

The use of magnetic integration is widespread in LLC converters in the literature [24–26].
With magnetic integration, the two inductors of the LLC converter can be integrated in the transformer
as a single magnetic component, where the magnetizing inductance operates as the parallel inductor
Lm and the leakage inductance as the series resonant inductor Lr. However, the equivalent circuit of
the transformer is more accurate with distributed leakage inductance if the inductance ratio (m) is low,
as depicted in Figure 9. Considering external connections, stray inductances and resistances from the
PCB and other parasitics, the equivalent model of the distributed LLC can be summarized as the circuit
depicted in Figures 10 and 11.

 

Figure 9. Equivalent circuit for transformer and external parasitics.

 

Figure 10. Modified FHA LLC equivalent circuit with distributed inductances and resistances.

 

Figure 11. TB LLC circuit with distributed inductances and resistances.
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The values of the distributed inductors and resistances are as follows:

(a) R1 = ρRs (b) R2 = (1− ρ)Rs (c) L1 = λLr (d) L2 = (1− λ)Lr (9)

where ρ and λ are expressed as numbers between 0 and 1 that establish the distribution between the
primary and total series resistance and inductance. The analytical expression for the gain M can be
calculated as follows:

M =
1√(

1 + 1
(m−1)

(
1− (1+A1)

f 2
n

)
− Q

Qs
+ A2

)2
+ Q2

(
(1 + B1) fn − (1+B2)

fn
− 1

f 2
n
·
(

1
(m−1)QQs

))2
(10)

where the coefficients A1, A2, B1 and B2 are as follows:

(a) A1 = (1− ρ) Q
Qs

(b) A2 = 1
m−1 [ρ(1− λ) + (1− ρ)λ] Q

Qs
− (1− λ)

(c) B1 = 1−λ
m−1 (d) B2 = 1

m−1

[
(1− λ) + ρ(1−ρ)

Q2
s
− (1−ρ)

QQs

] (11)

It can be observed that when ρ = 1 and λ = 1, the equivalent circuit becomes that shown in
Figure 7, the coefficients A1, A2, B1 and B2 are equal to 0, and Equation (9) yields the same results as
Equation (6). All of the coefficients in (10) depend on 1/(m− 1), except for A1, because it is already
factorized in Equation (9). For this reason, the distributed model only affects the value of the gain for
low values of m. This can be observed in Figure 12a,b, where the gain for m = 215 is the same for both
models, while for m = 10, the gain increases by 10% at resonant frequency.

 
(a) 

 
(b) 

Figure 12. Comparison of the gain (M) for the series resistance model (Figure 5a) and distributed
model (Figure 5b) with the FHA model and time-based simulations: (a) series resistance model gain at
different powers and inductance ratios (Figure 6); (b) distributed model gain at different powers and
inductance ratios.

In conclusion, for high values of m, the distributed model is not necessary and the series resistance
model can be used as it gives a similar result. However, for low values of m, the distributed impedance
model should be used because it is more accurate.
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2.4. Time-Based Models for Current Analysis

The FHA models are based on the first harmonic; as such, the currents are purely sinusoidal.
In the analysis of the ZVS transition, the instantaneous current is required and the FHA models are
not accurate enough. Time-based models (TB) are then required for an accurate estimation of the
instantaneous currents.

Two different TB models can be used, as explained in the previous two subsections: the series
resistance model and the distributed impedance model, presented in Figure 5. (a) Modified FHA
LLC equivalent circuit with series resistance; (b) time-based (TB) LLC circuit with series resistance.
Figures 5b and 9, respectively. The distributed impedance model is closer to reality and gives more
accurate results for low frequencies and low inductance ratios, as depicted in the next section in
Figure 11.

In the next section, the ZVS transition will be analyzed in detail. However, it is necessary to know
which of the two models is required for accurate modeling of the current during this transition.

3. ZVS Analysis for the Unregulated LLC Converter

The ZVS and ZCS regions of the LLC converter are depicted in Figure 13. ZVS and ZCS are
mutually exclusive, because a turn-off current is needed to achieve a complete ZVS.

 
Figure 13. Zero voltage switching (ZVS) regions of the LLC converter.

The selected topology operates at the resonant frequency where the ZVS regions and the ZCS
region meet. In this region, if the turn-off current is small enough, ZCS is not achieved and the ZVS
transition will be incomplete (iZVS).

In power converters, ZVS is generally achieved using an inductive current to ensure the
charge/discharge transition of the transistor output capacitance (Coss). In the literature [27], this transition
is assumed to be at a constant current if the energy stored in the inductor is much higher than the
energy in the capacitors:

1
2

LI2 � qoss_Total(VIN)·VIN (12)

where qoss_Total(VIN) is the total charge of the output capacitance of a switch. A switch may consist
of several transistors in parallel. To avoid confusion with the quality factors, which are traditionally
denoted with an uppercase Q, all the charges for the ZVS analysis are denoted with a lowercase q.
If the condition in Equation (11) holds, then the turn-off current io f f (t) can be assumed to be constant
Io f f and the charge delivered by the inductive current is the following, where td is the dead-time:

qi =

∫ td

0
io f f (t)·dt (13)
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The complete ZVS condition can be derived in terms of available inductive charge (qi) compared
to the stored charge qoss_Total using the following equation:

qi ≥ qoss_Total. (14)

However, in LLC converters, the transition current is not constant, because multiple reactive
elements (Lr, Lm, Cr, . . .) shape the turn-off current, as illustrated in Figure 14. To account for this,
a charge ratio kq can be introduced:

kq =
qi

Io f f ·td
=

∫ td
0 io f f (t)·dt

Io f f ·td
, (15)

 

Figure 14. Time-based (TB) simulated currents of each mode and close-up of the dead-time transition
for different LLC converter operation modes.

With this charge ratio, the relation between the initial turn-off current (Io f f ) and the real charge
(qi) can be defined for a given dead-time (td). When the turn-off transition occurs at constant current,
the charge ratio has a value of kq = 1. In LLC converters, when the turn-off current has a resonant
shape, the value of the charge ratio is kq < 1, as illustrated in Figure 14.

Complete ZVS transition is achieved when qi is higher than qoss_Total (see Equation (13)). For LLC
converters, this condition can be estimated using TB models, as depicted in Figure 15. For m = 215,
complete ZVS is achieved above resonance and depends on the output load. However, for m = 10,
the complete ZVS range is greatly improved in the range of 0.6 < fn < 1.5 for the whole load range.

Using the information of Figure 15, it can be concluded that, for LLC converters, complete ZVS
can only be achieved for the whole load range at low inductance ratios (m = 10). The best operation
point is at resonant frequency, where kq ≈ 1 for all loads and the switching losses will be reduced.
The low inductance ratio LLC converter can only achieve complete ZVS at heavy loads and operate
above resonance when the efficiency is not optimal.
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(a) 

 
(b) 

Figure 15. Time-based model simulations: inductive charge (qi) and transistor output capacitor charge
(qoss_Total ), where iZVS stands for incomplete ZVS. (a) for m = 10; (b) for m = 215.

4. Proposed Auxiliary Circuit

An auxiliary circuit is proposed to achieve complete ZVS for the full load range for a high
inductance ratio (m), where the design of the LLC achieves the highest efficiency and power density.
Auxiliary circuits are commonly used in full-bridge converters to improve their ZVS capabilities [16,28],
particularly in LLC converters [29].

The auxiliary circuit consists of an inductor directly connected to both middle points of the
primary full-bridge legs, as depicted in Figure 16. A small-series DC blocking capacitor (Cx) is added
to avoid the core saturation of Lx, since the inductor current is not controlled.

 

Figure 16. Proposed auxiliary circuit.

The purpose of the auxiliary inductor is to provide a constant current during the ZVS
charge/discharge transition, avoiding the issues discussed in the previous section.

The equivalent circuit for FHA analysis is modified as illustrated in Figure 17.

 

Figure 17. FHA equivalent circuit with auxiliary circuit.

Because the auxiliary circuit is in parallel with the input voltage source, the gain will not be
affected by this circuit. Additionally, the resonant frequency of the auxiliary circuit is designed to
be much lower than the series resonant tank frequency in order to not affect the series resonant tank
frequency. To analyze this circuit, two additional normalized parameters need to be introduced:
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• The normalized auxiliary frequency:

fxn =
fx
fr

=

√
LrCr

LxCx
(16)

• The auxiliary inductance ratio mx:

mx =
Lx + Lr

Lr
(17)

For simplicity, these parameters are defined similarly to the normalized parameters of the
LLC converter.

4.1. Auxiliary Circuit Analysis and Design

Because the auxiliary circuit is designed to have an inductive behavior at the switching frequency
( fx < fs), the capacitor voltage ripple can be neglected and the auxiliary inductor voltage is equal to the
input bridge square voltage, as depicted in Figure 18.

 

Figure 18. Auxiliary circuit current and voltage and auxiliary capacitor voltage ripple.

The triangular inductive peak current can be calculated as follows:

Ix = max(ix(t)) =
VINd
2Lx fs

=
πdnVOUT

(mx − 1)Zr fnM
, (18)

where d is the duty cycle, and Zr is the equivalent impedance of the series resonant tank.
As explained in the previous section, Equation (13) must hold to achieve complete ZVS. However,

with the auxiliary circuit, the total charge is equal to the charge delivered by the LLC tank current and
the auxiliary circuit current.

qi = qix + qir = kqIo f f td = kq(Ix + Ir)td. (19)

Using Equations (13), (17) and (18), the maximum value for the inductance ratio of the auxiliary
circuit mx to ensure complete ZVS for a given td can be calculated as follows:

mx ≤ 1 +
πdnVOUT(

qoss
kq·td
− Ir

)
Zr fnM

. (20)

As this auxiliary circuit can provide almost all of the charge to achieve complete ZVS, the LLC
can be designed with a high magnetizing inductance value to minimize the circulating currents and
optimize efficiency, as explained in the first section.

The maximum auxiliary inductance ratio from Equation (19) is plotted at different loads and
frequencies in Figure 19. The selected auxiliary inductance ratio for the final prototype is 12.5.
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Figure 19. Auxiliary circuit maximum inductance ratio (mx) design criteria.

To avoid DC bias in the unregulated inductor, a DC blocking capacitor is added in series.
This creates a secondary resonant tank. As explained previously, the auxiliary circuit behavior is
inductive. At resonant frequency, where fs = fr, then fxn 	 1.

The voltage in the capacitor is negligible compared to the input square waveform. However, the
maximum voltage value should be calculated for design purposes. The auxiliary capacitor voltage
shape is a parabola, as shown in Figure 18. The ripple in this capacitor can be calculated using the
capacitor equation and integrating the triangular current through the auxiliary circuit:

VCx = max(vCx(t)) = vCx

(
d

2 fs

)
=

Ix
(
1− 3

2 d
)

2Cx fs
= (π)2·d

(
1− 3

2
d
)
· f

2
xn

f 2
n
·nVOUT

M
(21)

For a value of fxn = 0.1, the equation yields VCx ≈ 0.02·VIN.

4.2. Transformer Design and Comparison

Using the auxiliary circuit, complete ZVS at a full load range can be achieved without using the
magnetizing inductance of the transformer. Therefore, the inductance ratio of the LLC converter can
be as high as possible, reducing the circulating currents and improving the efficiency. To show the
advantages of a high inductance ratio transformer, two transformers designs are compared.

The comparison between the m = 10 transformer design, Figure 20, and the m = 215 transformer
with mx = 10, Figure 21, auxiliary inductor is shown in Table 3. The transformers are divided into two
components because a series/parallel configuration is used; this will be explained in the next section.

 

Figure 20. Design II: gapped transformer for m = 10, with a custom core and the same winding
configuration and scale.

Figure 21. Design I: forward-type transformer for m = 215: planar E-core and 200 μm copper foil.
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Table 3. Breakdown of losses, volume, and temperature of the two magnetic component designs.

Transformers 1 Auxiliary Inductor
Total

Losses 1

Total
Volume

1
Power Loss

Δθ Volume
Power Loss

Δθ Volume
PCu PFe PCu PFe

Design I 9.8 W 13 W 61 ◦C 0.18 dm3 2.0 W 2.2 W 55 ◦C 0.13 dm3 49.8 W 0.49 dm3

Design II 25.5 W 18 W 101 ◦C 0.37 dm3 - - - - 87 W 0.74 dm3

1 There are two transformers in the design, as the final prototype uses a series parallel configuration. The total
volume and losses include the two transformers.

Transformers with low magnetizing inductance typically use gaps and therefore lead to higher
losses and reduced power density [25]. The window utilization of gapped transformers has to be low
to avoid the gap proximity effect [30]. The proposed auxiliary circuit increases the magnetic component
count but decreases the losses and volume. It can be concluded that the proposed auxiliary circuit
is an overall improvement to the power density of the converter and does not add any significant
complexity to the control scheme, as it is a passive solution.

5. Prototype

A prototype was built to validate the proposed solution for a 10 kW aircraft application with the
parameters shown in Tables 4 and 5.

Table 4. Normalized parameters of the prototype.

Q (500 W) Q (5 kW) Q (10 kW) QS m mx fn fxn

0.02 0.18 0.36 7.5 215 12.5 0.99 0.023

Table 5. Parameters of the prototype.

Lr Cr Lm Lx Cx Rs fr fs

7.11 μH 349 nF 2 × 750 μH 74 μH 60 μF 602 mΩ 102 kHz 101 kHz

A modified LLC converter topology was used with two series parallel transformers and two
output bridges [31], as depicted in Figure 22. This modified structure does not affect the analysis
described in previous sections. However, the series inductor Lr of the LLC topology consists on the
leakage inductances of both transformers in series (LrA and LrB), while the parallel inductor Lm consists
on the two transformers magnetizing inductances in series (LmA and LmB). Because the magnetizing
inductances of the two transformers are in series in the primary mode, the inductance ratio (m) is
further increased.

This modified structure is adequate for high-power applications since the two independent output
bridges can handle half the load and double the switching devices effectively in parallel. Synchronous
output bridges are used to further improve the efficiency. Current sharing in the secondary mode is
achieved because of the series connection of the two transformers. Therefore, current measurement
or a secondary resonant capacitor are not required. Because the difference in the impedance of
each secondary bridge is small, the mismatch in the current sharing will also be small. However,
secondary bridge synchronization is important to ensure a balance of DC bias in both transformers;
synchronization can occur naturally with higher dead-times and under diode turn-off [5].

The prototype is depicted in Figure 23 and consists of the input board, the transformers, and the
output board, as well as the control board, which provides all transistor signals as well as providing
hardware protection.
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Figure 22. LLC full-bridge with a series parallel transformer configuration and two output-synchronous
full-bridges.

 
Figure 23. 10 kW prototype.

The components used in the prototype are shown in Table 6. Silicon MOSFET technology is used
because it is a robust technology. Because the converter operates with soft-switching, the use of an
Si devices does not detract from the efficiency. However, improvements in other types of devices,
such as high-voltage GaN technology, could be a candidate for future improvements on the prototype.
These devices will further reduce the volume of the auxiliary circuit as they have less output capacitance
charge and ZVS is achieved more easily.
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Table 6. Prototype components.

Component Reference Type Quantity

Input capacitor B32778G8606K Film 5
Primary transistors IPW65R037C6 Coolmos 8

Resonant capacitor C4532C0G2E473J320KA Multilayer Ceramic 6
C3225C0G2E103J160KA 3

Transformer core Planar E-core Ferrite 2
Transformer winding Copper foil 200 μm -
Secondary transistors IPP10004S2L-03 Optimos 32

Output capacitors B32774D4226J000 Film 12
Auxiliary inductor core E65/32/27 Ferrite 1

6. Experimental Results

Experimental waveforms at the nominal and overload power (5 kW and 10 kW) are depicted in
Figure 24. The secondary currents are measured with the inverted polarity of one measurement as
they fully overlap and would not otherwise be distinguishable. It can be seen that the current sharing
is validated, with a DC mismatch of less than 5% at 10 kW.

(a) (b) 

Figure 24. Experimental results: secondary transformer current (magenta and black), input resonant
current (cyan), input voltage bridge (blue); (a) at 5 kW of output power; (b) at 10 kW of output power.

The measurements are depicted in Figure 25a. The experimental results of the ZVS transition are
shown in Figure 25b at 500 W (light load), in Figure 26a at 5 kW (nominal load) and in Figure 26b at
10 kW (overload condition). The ZVS transition is achieved completely for all loads as the drain-source
voltage of S3 is zero when it is turned on. The charge ratio can be estimated integrating the current
between the cursors kq = 0.91/0.66/0.55 for 500 W, 5 kW and 10 kW, respectively.

 

 
 
 

(a) 
 

(b) 

Figure 25. (a) Measurement setup including auxiliary circuit; (b) ZVS experimental results at 500 W.
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(a) 

 
(b) 

Figure 26. ZVS experimental results: (a) at 5 kW (b) at 10 kW.

To validate the improvement in efficiency provided by the auxiliary circuit, prototype tests
are carried out without the auxiliary circuit. In Figure 27, the resonant current, drain-source and
gate-source voltages are shown. ZVS is not achieved and voltages spikes appear in both voltages.
The resonant current is distorted by a parasitic resonance between the output capacitor of the MOSFET
and the series resonant inductor.

 
Figure 27. Experimental results without auxiliary circuit at 5 kW.

The performance comparison between these two prototype set-ups is depicted in Figure 28a.
The efficiency is improved by the inclusion of the auxiliary circuit. Without the auxiliary circuit, ZVS is
not achieved and the switching losses are increased.

A close-up of the measured efficiency at different loads is depicted in Figure 28a. The measured
efficiency at nominal output power (5 kW) is 96.26% and at the overload power (10 kW) is 94.86%.
The estimated efficiency is calculated using the power loss model explained in Section 2. The results
show a good match with the estimated values.

The measured load-dependent voltage drop of the gain (M) is shown in Figure 28b and follows
the modified analytical equation (Equation (6)).
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(a) (b) 

Figure 28. Experimental results: (a) efficiency at different output powers with (blue and yellow) and
without (green and red) the auxiliary circuit, (b) close-up of the efficiency with the auxiliary circuit.

7. Conclusions

This article makes two main contributions: the first is related to the accurate modeling of LLC
converters. A series resistance FHA model and a distributed FHA model are proposed and compared
with time-based models and are an improvement over the traditional FHA approach. The first model
is accurate for high inductance ratio LLC converters, while the second model is more accurate for low
inductance ratios. The distributed FHA model has not been experimentally validated, and this can
be done as future work. A time-based ZVS analysis is performed using a method based on charge
and using time-based models. This analysis considers the variable current along the transition in LLC
converters. With this method, the ZVS range is analyzed for different LLC designs. As a conclusion,
the most suitable design to achieve ZVS in the whole load range is the low inductance ratio LLC
converter, although it is less efficient than the high inductance ratio converter.

As for the second contribution, an auxiliary circuit is proposed to achieve complete ZVS at the
whole load range in a high inductance ratio LLC converter. The circuit is analyzed using the charge
method proposed. This circuit is designed for an unregulated LLC converter operating at resonant
frequency. This solution has higher power density compared with the low inductance ratio LLC
converter as it avoids gapped transformer designs.

A 10 kW prototype is designed to validate the auxiliary circuit. The measured efficiency is 96.2%
at the 5 kW nominal power and 94.86% at the 10 kW overload power. Experimental results show that
complete ZVS is achieved with the auxiliary circuit, at a light load (500 W), nominal load (5 kW) and
peak load (10 kW). With the addition of the auxiliary circuit, the efficiency is improved from 93% to
96.2% at 5 kW.
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Abstract: A dual-output LLC resonant converter using pulse frequency modulation (PFM) and
asymmetrical pulse width modulation (APWM) can achieve tight output voltage regulation, high
power density, and high cost-effectiveness. However, an improper resonant tank design cannot achieve
tight cross regulation of the dual-output channels at the worst-case load conditions. In addition,
proper magnetizing inductance is required to achieve zero voltage switching (ZVS) of the power
MOSFETs in the LLC resonant converter. In this paper, voltage gain of modulation methods and
steady state operations are analyzed to implement the hybrid control method. In addition, the
operation of the hybrid control algorithm is analyzed to achieve tight cross regulation performance.
From this analysis, the design methodology of the resonant tank and the magnetizing inductance are
proposed to compensate the output error of both outputs and to achieve ZVS over the entire load
range. The cross regulation performance is verified with simulation and experimental results using a
190 W prototype converter.

Keywords: resonant converter; dual output converter; pulse frequency modulation (PFM); asymmetric
pulse width modulation (APWM)

1. Introduction

Nowadays, many industry fields require well-regulated multiple output voltages to guarantee
the stable operation of products, such as ultra-high-definition (UHD) TVs, computers, and other
home appliances. To satisfy this requirement, point-of-use power supplies (PUPS) have been used
for multiple output applications. However, this method has disadvantages of bulky size and low
cost-effectiveness with many power converter modules [1]. Therefore, tightly regulated multiple
output converters have been developed to improve the power density and the cost-effectiveness.

In previous research for multiple output converters, cross regulation methods have been popular,
since they require output voltage sensors to obtain the output voltage regulation. However, wide load
variations between the multiple output channels induce large output voltage error [2–7]. The secondary
side post regulators (SSPR) have been proposed to tightly regulate the output voltage with small output
voltage error. They can regulate each output voltage independently, however, additional switches,
gate driving circuits, and voltage controllers are required [8–20].

In terms of topology, the LLC resonant converter is attractive for several applications, because it
has soft switching capability and a small number of resonant components [21–24]. In previous research
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of the multiple output LLC resonant converter, the cross regulation technique has been used to regulate
multiple output voltages [25,26]. In addition, the SSPR has been used to achieve tight output voltage
regulation for the LLC resonant converter [27–30]. The LLC resonant converter using conventional
control methods has the tradeoff between the cost effectiveness and regulation performance.

To obtain the high cost-effectiveness and tight output voltage regulation, the concept of a hybrid
control method employing PFM and APWM was introduced for the dual-output LLC resonant
converter in [31]. It does not require any additional components to implement the hybrid control
algorithm, which shows the same cost-effectiveness as the conventional cross regulation method.
However, it can only be applied to the dual-output converter. This previous research shows the
preliminary operational principle and the decoupling algorithm to regulate the output voltages using
the hybrid algorithm [32]. However, the previous research only shows the preliminary concept of
the hybrid control algorithm. Therefore, the available voltage gain design, resonant tank design, and
magnetizing inductance design are necessary to implement the hybrid control algorithm for the entire
load condition with high power conversion efficiency.

In this paper, the design methodology of the dual-output LLC resonant converter with a hybrid
control algorithm are proposed to regulate the output voltage with zero output voltage error and to
obtain the ZVS capability for the entire load condition. The available voltage gain range is analyzed to
implement the hybrid control algorithm. The design methodology of proper magnetizing inductance is
proposed to achieve ZVS on the primary MOSFETs for the entire load range. The proper resonant tank
design is proposed to compensate output voltage error for the worst-case load condition. In Section 4,
the regulation performance of the dual-output LLC resonant converter with the hybrid control algorithm
is verified through simulation and experimental results using a 190 W prototype converter.

2. Analysis of Dual-Output LLC Resonant Converter

The dual-output LLC resonant converter has the half-bridge structure of a primary inverting
stage, a single transformer, and two output channels with diode rectifiers, as shown in Figure 1.

 
Figure 1. Schematic of the dual-output LLC resonant converter.
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2.1. Operational Principle

Figure 2 shows the operation modes of the dual-output LLC resonant converter, which is divided
into six modes during a single switching period. Mode 4 to Mode 6 are repeated from the previous
half switching cycle. Figure 3 shows the operational waveforms of the dual-output converter. Mode 1
and 4 are a series resonant mode between the resonant inductance and the resonant capacitance.
During Mode 1, the proposed converter transfers electric power in the primary side to Vo1 in the
secondary side. The primary and magnetizing current for Mode 1 can be derived as follows:

ir(t) = Iini cos(ωrt) + Crωr(Vin − nVo1 −Vcr,ini) sin(ωrt)
im(t) = Iini +

nVo1
Lm

t
(1)

where Iini is the initial magnetizing current, Cr is the resonant capacitance, Lm is the magnetizing
inductance, ωr is the resonant angular frequency, Vin is the input voltage, n is the primary to secondary
transformer turn ratio, Vo1 is the one output voltage, and Vcr is the initial resonant capacitor voltage.
During Mode 4, the converter transfers electric power to the Vo2 side. The primary and magnetizing
current for Mode 4 can be derived as follows:

ir(t) = Iini
′ cos(ωrt) + Crωr(Vcr,ini

′ − nVo2) sin(ωrt)
im(t) = Iini

′ − nVo2
Lm

t
(2)

where Iini
′ is the initial magnetizing current, and Vcr,ini

′ is the initial resonant capacitor voltage.
Mode 2 and 5 are parallel resonant modes among the resonant inductance, the magnetizing

inductance, and the resonant capacitance. Those modes guarantee soft commutation on the secondary
side diode rectifiers. Mode 3 and 6 are the dead time durations of the primary switch. During Mode
3 and 6, the output capacitance of the power switches is charged and discharged to obtain the ZVS.
In steady state, the dual-output converter using the hybrid control algorithm can operate under a four
operation mode (Case A), a five operation mode (Case B), and a six operation mode (Case C) according
to output power conditions.

The light load condition makes the Case A operation, which induces no soft commutation on
all output rectifiers during Mode 3 and 6. From middle to full load condition the converter operates
according to Case B, which induces soft commutation on the diode of the Vo1 channel during Mode 2
and 3. However, Mode 6 induces no soft commutation on the diode of the Vo2 channel. When the same
amount of power is transmitted to both output channels and the switching frequency is lower than the
resonant frequency, the converter operates according to Case C, which induces soft commutation on all
output rectifiers during Mode 2, 3, 5, and 6. Case C can show higher power conversion efficiency than
that of Case A and B, because Case C has soft commutation capability on both the output rectifiers of
Vo1 and Vo2 channels.
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(a) 

 
(b) 

 
(c) 

Figure 2. Operation mode of the dual-output LLC resonant converter: (a) Mode 1, (b) Mode 2, (c)
Mode 3.
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(a) 

 
(b) 

 
(c) 

Figure 3. Operation mode of the dual-output LLC resonant converter: (a) Case A, (b) Case B, (c) Case C.
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2.2. Gain Analysis According to Modulation Methods

The input-output voltage gain can be derived with the first harmonic approximation (FHA) as
follows [29]:

Hr( fn) =

⎡⎢⎢⎢⎢⎣(1 + k− k
fn2

)2

+ Q2
(

fn − 1
fn

)2⎤⎥⎥⎥⎥⎦−
1
2

(3)

where fn is the normalized switching frequency, k is Lr/Lm inductance ratio, and Q is the quality factor
as follows:

Ro,e =
Vo,FHA

Io,FHA
=

8n2

π2 Ro, fn =
fs
fr

, Q =

√
Lr
Cr

Ro,e
, k =

Lr

Lm
(4)

where Ro is the output resistance, fs is the switching frequency, and fr is the resonant frequency.
The conventional asymmetric half-bridge converter, only controlled by the APWM, uses small

resonant inductance to obtain the linear voltage gain by the APWM [30]. However, it induces a flat
voltage gain by the PFM, which cannot regulate the output voltage with PFM. Therefore, the resonant
inductance is high enough to obtain the monotonic voltage gain by the PFM, as shown in Figure 4a.
The large resonant inductance has limited monotonic voltage gain by the asymmetric duty variation.

 
(a) 

 
(b) 

Figure 4. Voltage gain curves: (a) According to normalized switching frequency, (b) according to
asymmetric duty ratio and load variation.

The conventional voltage gain of the APWM can be derived as follows [33]:

Vo

Vin
�

LmD
n(Lm + Lr)

(5)
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where D is the duty ratio. It has validity only for small resonant inductance conditions. Therefore, the
voltage gain with enough resonant inductance is required to implement the hybrid control algorithm
for the entire load conditions.

In steady state, the offset current on the magnetizing inductance can be derived as follows:

Io f f set =
Io1

n1
− Io2

n2
=

1
Ts

Ts∫
0

(ir(t) − im(t))dt (6)

Assuming that Vcr is constant in Mode 1, Vcr,ini can be derived as follows:

nVo1DTs
Lm

=
Vcr,ini(1−D)Ts

Lm

Vcr,ini =
1−D

D nVo1
(7)

From (1), (2) and (6), (7), the proposed input to output voltage gains (Ho1(D) = n1Vo2/Vin, Ho2(D)
= n2Vo2/Vin) according to the asymmetric duty ratio can be derived as follows:

nVo1
Vin

=
D′ 1−cos(A)

Z1ω1

D′
ωr (R′+ DTs

2Lm ) sin(A)+D′2Ts

(
1

n1
2Ro1
− 1

n2
2Ro2

)
+

1−cos(A)
Z1ωr

nVo2
Vin

=
D 1−cos(A′)

Z1ω1
D
ωr

(
R′+ (1−D)Ts

2Lm

)
sin(A′)+D2TsR′+ 1−cos(A′)

Z1ωr

(8)

where D′ = 1 − D, Z1 = Lr/Cr, R′ = 1/(n1
2Ro1) − 1/(n2

2Ro2), A = ωrDTs, and A′ = ωrD′Ts.
Figure 4b shows the voltage gain of the APWM according to load variations. It shows a

complementary voltage gain relationship between Vo1 and Vo2 in the monotonic gradient voltage gain
region. From (8), the design of APWM operational range is necessary to obtain the monotonic gradient
voltage gain at the designed APWM range.

2.3. Magnetizing Inductance Design for Soft Switching Capability

The ZVS capability of the primary MOSFETs is achieved by discharging and charging their output
capacitance during the dead time. Therefore, the LLC resonant converter requires enough magnetizing
current and dead time duration to guarantee ZVS condition which can be expressed as follows:

ip(tdt) ≥ ireq(tdt) (9)

where ireq (=2VinCs/tdt) is the required minimum primary current to obtain the ZVS condition on the
primary MOSFETs, Cs is the equivalent output capacitance of the primary MOSFETs, and tdt is the
dead time duration.

From (6), the dual-output LLC resonant converter makes an unbalanced magnetizing current
during the dead time based on each load condition of the dual-output. The unbalanced magnetizing
current has to satisfy (9) to achieve ZVS operation. Therefore, the design of the magnetizing
inductance and the dead time duration should take unbalanced magnetizing currents into consideration.
Assuming the primary current is constant during the dead time, the proposed ZVS condition in the
dual-output converter can be derived as follows:

tdt1 ≥ (Cs1+Cs2)Vin|ip(tc)| =
(Cs1+Cs2)Vin∣∣∣∣Io f f +

n1Vo1
2Lm DTs

∣∣∣∣
tdt2 ≥ (Cs1+Cs2)Vin|ip(tc)| =

(Cs1+Cs2)Vin∣∣∣∣Io f f− n2Vo2
2Lm (1−D)Ts

∣∣∣∣
(10)
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where Cs1 and Cs2 are the output capacitance of S1 and S2, respectively, and fs,max is the maximum
switching frequency, tdt1 = td − tc and tdt2 = tg − tf are the first and second dead time of the primary
MOSFETs, respectively. From (10), tdt can be reformulated as follows:

tdt ≥ 2CsVin

min
{∣∣∣ip(tc)

∣∣∣, ∣∣∣∣ip(t f
)∣∣∣∣} (11)

From (10) to (11), the proposed magnetizing inductance for the ZVS capability can be derived as
follows:

Lm ≤ tdt1DminTsn1Vo1

2(CsVin−Io f f ,maxtdt1)

Lm ≤ tdt2(1−Dmax)Tsn2Vo2

2(CsVin−Io f f ,maxtdt2)

(12)

From (11) and (12), the proposed magnetizing inductance and dead time duration can be designed
for the dual-output LLC resonant converter to obtain ZVS capability of the primary MOSFETs over
the entire load condition. These equations consider both the unbalanced magnetizing current and
the switching frequency variation to achieve ZVS. Figure 5 shows the comparison of the required
magnetizing inductance between the conventional LLC resonant converter and the dual-output
converter to achieve ZVS. The dual-output converter requires lower magnetizing inductance for ZVS
capability compared to the conventional LLC resonant converter.

 
Figure 5. Magnetizing inductance according to the switching frequency for zero voltage switching
(ZVS) capability.

3. Analysis of PFM and APWM Hybrid Control Algorithm and Resonant Tank Design

In this section, the operational principle of the hybrid control algorithm is analyzed to regulate
output voltages. Through this analysis, the resonant tank is designed to achieve output voltage
error compensation.

3.1. Analysis of the Hybrid Control Algorithm

The hybrid control algorithm has two control freedoms using two independent modulation
methods. The PFM is adapted to regulate the output voltages using the conventional cross regulation
method. In steady state, the conventional multiple output feedback can be derived as follows:

kw1Vo1 + kw2Vo2 = Vre f (13)
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where kw1 and kw2 are weight factors and Vref is the reference output voltage. From (13), the output
voltage errors using the weight factor can be derived as follows:

kw1ΔVo1 + kw2ΔVo2 = 0
Vo1 = Vo1,re f + kw1ΔVo1

Vo2 = Vo2,re f + kw2ΔVo2

(14)

where Vo1,ref and Vo2,ref are the reference voltages of Vo1 and Vo2, and ΔVo1 and ΔVo2 are output
voltage errors of Vo1 and Vo2, respectively. The feedback method for the multiple outputs affects the
performance of the cross regulation using the weight factors. As a result, (14) cannot eliminate the
output voltage errors which are divided into each output voltage according to the weight factor.

The APWM control method is adopted to regulate Vo1, which makes zero steady state voltage
errors of the Vo1 channel. The complementary voltage gain relationship between each output channel
also reduces the output voltage error of Vo2, as shown in Figure 4b. The decrement of the Vo1 and Vo2

error using the APWM can be derived as follows:

ΔVo1
′ = Ho1(D) ·Vo1 −Vo1,re f � 0

ΔVo2
′ = Ho2(D) ·Vo2 −Vo2,re f

(15)

where ΔVo1
′ and ΔVo2

′ are the output voltage errors which are compensated with the APWM control
method. The Vo1 error is almost zero after the APWM control, however, the APWM cannot completely
compensate the Vo2 error. From (15), the output voltages after the APWM regulation can be derived
as follows:

Vo1
′ = Vo1,re f , Vo2,re f = Vo2,re f − ΔVo2

′ (16)

where Vo1
′ and Vo2

′ are the output voltages of each output channel, which are compensated by the
APWM. The flow chart of the hybrid control algorithm is shown in Figure 6 which shows the control
sequence of the output voltage regulation to reduce the output voltage errors.

 
Figure 6. Block diagram of the PFM-APWM hybrid control algorithm.

After the APWM regulation, the cross regulation using the PFM with the feedback for the multiple
outputs divides the output voltage error of Vo2 with respect to the weight factors as follows:

Vo1,re f − [Ho1(d)Hr( fs,c)Vin]/n1 � −kw2ΔVo2
′

Vo2,re f − [Ho2(d)Hr( fs,c)Vin]/n2 � −kw1ΔVo2
′ (17)
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where fs,c is the switching frequency which divides the output voltage error according to the weight
factor, and Hr(fs,c) is the voltage gain of the PFM at the fs,c. The voltage gain according to the switching
frequency satisfies (13) to divide the output voltage error with respect to the weight factor. From (17),
the output voltages regulated by the PFM can be derived as follows:

Vo1
′ = Vo1,re f − kw2ΔVo2

′, Vo2,re f = Vo2,re f + kw1ΔVo2
′ (18)

where Vo1” and Vo2” are the output voltages of each output channel, which are compensated by the
PFM at the next control step. The control iterations of the PFM and the APWM can reduce the output
voltage errors of Vo1 and Vo2.

From (15) to (18), the voltage gain variation by the PFM and the APWM can decrease the output
voltage error. However, the dual-output converter has limited voltage gain variation caused by the
switching frequency and the duty ratio ranges. The proper operating ranges to obtain tightly regulated
output voltages can be calculated as follows:

Ho1(d)Hr( fs)V1 = Vo1,re f
Ho2(d)Hr( fs)V2 = Vo2,re f

(19)

where V1 = Vin/n1 − Io1Reff, V2 = Vin/n2 − Io2Reff, and Reff is the effective series resistance. The voltage
gain variation according to the PFM and the APWM has to satisfy (19) for the tight output voltage
regulations. Using (19), the required voltage gain of the APWM can be calculated as follows:

Ho1(d) =
Vo1,re f V2

Vo2,re f V1
Ho2(d) (20)

From (20), the APWM control method requires a voltage gain difference between Ho1(d) and Ho2(d)
to reduce the output voltage error. The maximum voltage gain difference range of the APWM can be
derived at the worst load condition as follows:

Ho1(d)
Ho2(d)

= max
( Vo1,re f V2,min

Vo2,re f V1,max
,

Vo1,re f V2,max

Vo2,re f V1,min

)
(21)

where V1,max and V1,min are minimum and maximum output voltages of Vo1, respectively, V2,max and
V2,min are minimum and maximum output voltages of Vo2, respectively. These consider the voltage
drop according to the forward bias and conduction loss. Figure 7a shows the maximum voltage gain
difference between Ho1(d) and Ho2(d).

The required voltage gain of the PFM can be obtained for the cross regulation as follows:

Hr( fs) =
Vo1,re f

Ho1(d)V1
(22)

From (22), the maximum and minimum voltage gains for the cross regulation can be derived as
follows:

Hr,max( fs) =
Vo1,re f

Ho1,min(d)V1,min

Hr,min( fs) =
Vo1,re f

Ho1,max(d)V1,min

(23)

where Ho1,min(d) and Ho1,max(d) are the minimum and maximum voltage gains of the APWM, respectively.
Figure 7b describes the maximum and the minimum voltage gains to implement the cross regulation
method. The resonant tank should be designed to compensate the maximum output voltage difference
of the dual-output converter. The voltage gain according to the duty cycle and the switching frequency
should satisfy (21) and (23) to compensate the maximum power difference. The power converter does
not require any additional circuits to implement the hybrid control algorithm. Therefore, the power
converter size is not affected by the control algorithm.
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(a) 

 
(b) 

Figure 7. Required minimum and maximum voltage gains: (a) APWM case, (b) PFM case.

3.2. Resonant Tank Design for Minimizing Output Voltage Error

The voltage gain using APWM and PFM has to satisfy (21) and (23) for compensation of output
voltage error over the entire load range. Figure 8 shows the voltage gain variation according to the
resonant inductance and the modulation methods. Large resonant inductance makes monotonic
voltage gain variation as switching frequency varies around the resonant frequency. However, the
large resonant inductance reduces the compensation range according to the APWM by (8). On the
other hand, small resonant inductance can compensate the large output voltage error using the APWM
according to (5). However, it induces flat voltage gain variation according to the PFM, which makes
large switching frequency variation to obtain the proper voltage gain for minimizing the output voltage
error. Therefore, the maximum resonant inductance design is required to achieve small switching
frequency variation and output voltage error compensation.

The maximum and minimum output voltages can be calculated with loss analysis. The primary
side voltage drop can be calculated as follows:

Vtr = Vin − Ip(Rds + Rtr1 + Rc) (24)

where Vtr is the transfer voltage from the primary to the secondary side, Ip is the primary current, Rds is
the on resistance of MOSFET, Rtr1 is the primary resistance of the transformer, and Rc is the resistance
of the resonant capacitor. In addition, the output voltage can be calculated as follows:

Vo1 = Vtr/n−VD1 − Io1Rtr2

Vo2 = Vtr/n−VD2 − Io2Rtr2
(25)
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where VD1 and VD2 are the on-drop voltage of secondary diodes, Io1 and Io2 are the secondary rms
currents of each output channel, and Rtr2 is the series resistance of the transformer. Table 1 shows the
specification of the proposed dual-output LLC resonant converter and its parasitic components.

 
(a) 

 
(b) 

Figure 8. Voltage gain variation according to the resonant inductance: (a) PFM case, (b) APWM case.

Table 1. Power stage specifications and design parameters of the dual-output LLC resonant converter.

Parameter Value Parameter Value Parameter Value

Vin 400 V Load 1 20 V, 6 A Load 2 10 V, 7 A

nmod 12 Lm 380 μH Lr 70 μH
Cr 30 nF fr 109 kHz Rds 330 mΩ

Rtr1 300 mΩ Rtr2 130 mΩ Rc 40 mΩ
VD1,2 0.4 V

From (8), (21) and (25), the resonant impedance (Z1) can be designed to compensate the output
voltage errors for the entire load range. Within the designed duty variation range, the resonant
impedance can be derived as follows:√

Lr

Cr
=

x(D′B) B
ωr
− (DB′) B′

ωr

(DB′)C′ − x(D′B)C
(26)

where x is the maximum voltage gain ratio by (21), B = 1 − cos(A), B′ = 1 − cos(A′), C = (D/ωr)[R′ +
(D′Ts)/2Lm]sin(A′) +D2TsR′, and C′ = (D′/ωr)[R′ + (DTs)/2Lm]sin(A) +D′2TsR′. From (26), the resonant
inductance and capacitance can be calculated to obtain the tight output voltage regulation.
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The design methodology of the resonant tank can be described as follows. First, the specifications,
such as input voltage range, resonant frequency, and output voltages, are required to design the power
stage. Second, the magnetizing inductance is designed by considering the resonant frequency, the input
voltage, and the parasitic capacitance of the MOSFETs, which was derived in (12). Third, the resonant
inductance and capacitance ratio can be designed using (26). From the loss analysis, the required
maximum voltage gain ratio can be calculated using (21), and (25). Through the proposed design
methodology, the dual-output LLC resonant converter can achieve tight output voltage regulation and
ZVS capability for the entire load conditions.

The example of the power stage design can be described as follows.

Step 1: The design specifications are shown in Table 1.
Step 2: The magnetizing inductance can be calculated with (12). The proper magnetizing inductance is
280 μH to achieve ZVS for the entire load range as shown in Figure 9.
Step 3: The required maximum voltage gain ratio is 1.31 and 0.64, which can be calculated with (21),
and (25). The resonant inductance and capacitance can be calculated with (26), which are 70 μH and
30 nF. Therefore, the design example shows resonant impedance and magnetizing inductance to
achieve ZVS for the entire load range, which can compensate all voltage errors of all the outputs using
the hybrid control algorithm.

 
Figure 9. Compensation range of the output voltage error according to the resonant inductance.

4. Experimental Results

Figure 10 shows the simulation result of the PFM-APWM hybrid control method which has the
minimum output voltage error, almost zero, according to the load variation. The simulation results
verify the performance enhancement of tightly regulated output voltage of the hybrid control algorithm
compared to the conventional cross regulation method. Figure 11 shows the prototype converter
and diagram of the experimental setup to verify the performance of the proposed hybrid control
algorithm. Figure 11a shows a photograph of the prototype converter which has two outputs and a
single primary side. Two separated electronic loads are connected to the converter to verify the output
voltage regulation performance as shown in Figure 11b.
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Figure 10. Simulation result using dual-output LLC converter with hybrid control algorithm.

 
(a) 

 
(b) 

Figure 11. Experimental condition: (a) Prototype converter, (b) diagram of experimental setup.

The conventional cross regulation method has high output voltage error (6.1% for Vo1 and 9%
for Vo2) since its performance is not enough to compensate the output voltage error at the worst
load condition. Figure 12 shows experimental waveforms of a prototype dual-output LLC resonant
converter using the PFM-APWM hybrid control method at the worst load condition. The proposed
control method shows much smaller output voltage error (0.25% for Vo1 and 0.3% for Vo2) than that
of the conventional method. It verifies the validity of the proposed design methodology with tight
output voltage regulation at the worst load condition. The small voltage error of the hybrid control
method might be composed of analog-to-digital conversion (ADC) and measurement errors.
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(a) 

 
(b) 

Figure 12. Experimental waveforms of the output voltage regulation with hybrid control algorithm: (a)
Iout1 = 1 A and Iout2 = 7 A, (b) Iout1 = 6 A and Iout2 = 1 A.

Figure 13 shows the voltage error in cross regulation according to the load variation. In Figure 12,
large load difference causes bigger errors of the output voltages. All the detail measured values of the
simulation and experimental results are shown in Table 2 which shows the performance comparison
of the cross regulation in the output voltages according to the control method. When two output
powers are similar, the conventional and hybrid control algorithm has good output voltage regulation
performance. When two output powers are significantly different, the conventional control algorithm
has poor output voltage regulation. However, the hybrid control algorithm with the proposed design
methodology can tightly regulate the output voltage for the entire load difference. The hybrid method
shows more than 20 times less voltage regulation errors than those of the conventional simple cross
regulation method at the worst condition.

Figure 14 shows the step load response of the prototype dual-output LLC resonant converter using
the PFM-APWM hybrid control method which regulates the output voltages under load variations.
There are no oscillations and disturbances in the converter operating waveforms. The results indirectly
verify operating stability of the dual-output converter controlled by the hybrid control algorithm.
Figure 15 shows the step load response of the conventional cross regulation method. The conventional
regulation method has poor output voltage regulation according to the load condition. At the worst
condition, the output voltage regulation performance is 24 times poorer compared with the hybrid
control algorithm. The poor output voltage regulation is shown in Table 2. Figure 16 shows the power
conversion efficiency of the prototype converter according to the load variations which show the
load change in one output channel when the other is set to a fixed value. The proposed algorithm
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reduces the offset current on the magnetizing inductance compared with the case of the conventional
method. However, the APWM operation induces a higher turn-off loss than that of the conventional
method. Figure 16b shows the loss analysis according to the control method. Figure 16a shows the
power conversion efficiency between the conventional and proposed methods. The power conversion
efficiency is similar between the two control methods.

 
Figure 13. Error of output voltages according to the load variation.

 
(a) 

 
(b) 

Figure 14. Step load responses of the dual-output converter with hybrid control algorithm: (a) Iout1 = 6
A and Iout2 changed from 1 A to 7 A, (b) Iout1 changed from 1 A to 6 A and Iout2 = 7 A.
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Table 2. Performance comparison by experimental verifications.

Conventional Cross Regulation Proposed Cross Regulation

kw Duty kw1 = 1 and kw2 = 1
D = 1

kw1 = 1 and kw2 = 1
0.35 < D < 0.65

Case 1 Error
Iout1 = 1 A and Iout2 = 7 A

Vout1 = 5% and Vout2 = 9% Vout1 = 0.25% and Vout2 = 0.3%

Case 2 Error
Iout1 = 6 A and Iout2 = 1 A

Vout1 = 6.1% and Vout2 = 8.8% Vout1 = 0.3% and Vout2 = 0.3%

Case 3 Error
Iout1 = 1 A and Iout2 = 1 A

Vout1 = 0.25% and Vout2 = 0.34% Vout1 = 0.12% and Vout2 = 0.18%

Case 4 Error
Iout1 = 6 A and Iout2 = 7 A

Vout1 = 0.41% and Vout2 = 0.63% Vout1 = 0.1% and Vout2 = 0.12%

 
(a) 

 
(b) 

Figure 15. Step load responses of the dual-output converter with conventional cross regulation method:
(a) Iout1 = 6 A and Iout2 changed from 1 A to 7 A, (b) Iout1 changed from 1 A to 6 A and Iout2 = 7 A.
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(a) 

 
(b) 

Figure 16. Comparison of power conversion efficiency and loss according to the control algorithm:
(a) Power conversion efficiency, (b) loss analysis.

5. Conclusions

In this paper, the design methodology of a dual-output LLC resonant converter using the
PFM-APWM hybrid control method is proposed to obtain tight output voltage regulation and ZVS
capability for the entire load conditions. Through the analysis of the operational principle, the
magnetizing inductance is designed to obtain ZVS capability. The resonant impedance is designed
to implement the tight output voltage regulation for the entire load condition. The simulation and
experimental results using the 190 W prototype converter verify the validity of the proposed design
methodology, and the hybrid control algorithm. Without any power conversion efficiency degradation,
the PFM-APWM hybrid control algorithm reduces the output voltage error to 24.4 times and 30 times
smaller than those of the conventional cross regulation method at the worst load condition.
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Abstract: This paper introduces a control algorithm for soft-switching series LC converters.
The conventional voltage-to-voltage controller is split into a master and a slave controller. The master
controller implements constant current, constant voltage (CCCV) control, required for demanding
applications, for example, lithium battery charging or laboratory power supplies. It defines the
set-current for the open-loop current slave controller, which generates the pulse width modulation
(PWM) parameters. The power supply achieves fast large-signal responses, e.g., from 5 V to 24 V,
where 95% of the target value is reached in less than 400 μs. The design is evaluated extensively in
simulation and on a prototype. A match between simulation and measurement is achieved.

Keywords: control; current mode control; voltage control; transfer function; power converter;
soft-switching converter; battery charging

1. Introduction

By the use of soft-switching converters, highly efficient DC/DC converters can be built.
One possible topology, a series LC (SLC) converter is shown in Figure 1. The topology is similar
to a series resonant converter, but it operates in a non-resonant push–pull mode [1]. In contrast to a
dual active half-bridge converter, the two secondary side active output switches are replaced with
diodes [2].

A detailed time domain analysis for calculating the SLC output current, operated above the LC
resonance frequency, was published recently [1]. Current literature proposes a voltage-to-voltage
transfer function [3,4]. We split the voltage-to-voltage converter in a cascaded structure [2,5] for
enhanced performance. A master controller sets the SLC output current, while a slave open-loop
transfer function controls the switching period, duty cycle, and pulse-skipping. By the use of current
mode control, one pole is eliminated in the control loop [6]. The master voltage controller supports
constant current, constant voltage (CCCV) operation, which is required, e.g., for battery charging [7]
or laboratory power supplies.

Energies 2019, 12, 2793; doi:10.3390/en12142793 www.mdpi.com/journal/energies75
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Figure 1. The schematic of the series LC converter is identical to the series resonant converter. However,
the resonant capacitor C1 is chosen large and acts as a DC blocking capacitor. The converter is operated
far above its resonance frequency.

2. State-of-the-art

State-of-the-art soft-switching converters, e.g., series resonant converters (SRC) or LLCs,
are modeled using a voltage transfer function [3,4]. This function can be derived, for example, by the
first harmonic approximation. Current research modeled resonant converters operated far above the
resonant frequency, so-called series LC converters, by a voltage-to-current transfer function [1]. Hence,
the idea of current mode control suggests itself.

Current mode control has been used in flyback converters for a very long time [8]. Thereby,
the loop is split into a master voltage controller and a slave current mode controller [5,8]. This approach
has already been shown for dual active half-bridge [2] and resonant converters [6]. Thereby, current
mode control has a multitude of advantages [6]. State-of-the-art closed loop current mode control uses
a low pass filter [6], resulting in a reduced bandwidth. This work uses the open-loop voltage-to-current
transfer function, which has a higher bandwidth, to further enhance performance [1].

Series resonant converters are typically controlled by switching frequency only [4].
However, pulse skipping and duty cycle modulation have also been presented for current limiting [9].
Research also demonstrated linear open-loop feed-forward control [10], whereas this work uses
non-linear open-loop feed-forward control, based on [1].

3. Fundamentals

Equation (1) formulates the SLC converter output current Icc as a function of the input voltage
Udc and output voltage Uout based on the control parameters duty cycle D and switching period tp [1].
By adding pulse skipping, where po and pc represent the pulse skipping parameter defined in Figure 2,
a very large output current range is achieved.

Icc =
po

pc

D(1 − D)U2
dc − U2

out

4LiUdc
tp (1)

As the input voltage and also the output voltage are monitored in (1), this equation allows a very
high rejection ratio [1]. The output voltage is Uout, and the measured output voltage is referred to
as Umeas. As a large input voltage ripple can be rejected, this allows for a reduction of the DC link
capacitance Cdc. This enables the use of film capacitors instead of electrolytic capacitors, extending the
estimated service life of the power supply.
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Figure 2. A PWM pulse skipping waveform is shown, where the period (tp), duty cycle (D), and pulse
skipping ontime (po = 2) and pulse skipping period (pc = 3) are highlighted.

The proposed control diagram is shown in Figure 3. The control is based on four elements:
{1} The master voltage controller sets the current to the slave current controller. {2} the slave current
mode controller is an open-loop control transfer function based on (1). The current controller sets four
parameters to the pulse width modulation (PWM) modulator {3}. The PWM modulator generates the
PWM output waveform for the series LC converter {4}.

The controller is implemented on a digital signal processor (DSP), as (1) requires non-linear
calculations. ADCs digitize the input voltage, output voltage, and output current for the CCCV control.
The DSP integrates a PWM module, generating the gate signals for the half-bridge.

Figure 3. Proposed control diagram for the series LC converter. The converter is split into a master
controller, implementing constant current, constant voltage (CCCV) control, and an open-loop slave
controller. The MCUs pulse width modulator (PWM) is used to generate the SRCs gate signals.

4. Master Voltage Mode Controller

The master voltage mode controller is shown in detail in Figure 4. It consists out of two controllers:
one to control the voltage and one to control the current. Both operate in parallel, and the minimum
value is selected to control the set current Icc for the constant current controller.

The sensed current Isense should be filtered to prevent systems oscillation when a capacitive load
is connected. For the prototype, presented in Section 7, a second order low pass filter with a cutoff
frequency of 16 kHz is used. Both controllers are discussed in detail in the following subsections.
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Figure 4. The master controller implements the CCCV functionality. The current and the voltage
controllers operate in parallel, and the smaller set value is selected for the set current Icc.

4.1. Constant Voltage Controller

The constant voltage controller limits the maximal output voltage to Umax. We design the voltage
control loop in Figure 4 based on circuit analysis of the output capacitor Cout. The required set current
Icc,CV is expressed in (2). The filtered current is designated Imeas.

Icc,CV = Imeas + Ic + Ii (2)

The equalization current (Ic + Ii) is calculated by a PI regulator. The proportional gain is chosen
on the charge balance observation: we calculate the proportional equalizing current Ic as a function of
the output charge.

Q = Ic · tpp = Cout(Umax − Umeas) (3)

Ic =
Cout(Umax − Umeas)

tpp
(4)

The time constant tpp in (5) is chosen with respect to the maximal digital regulator control loop
period. Stability was observed by using a factor of 1/4 or less at a control loop frequency of 85.750 kHz.
Hence, the P regulator gain can be formulated as:

Kpu ≤ Cout

4 · tpp
(5)

The DC voltage accuracy is enhanced by increasing the proportional gain Kpu. Referring to (5),
the output capacitance is proportional to the maximal proportional gain.

As shown in Figure 4, an I regulator with reset is used to achieve stationary accuracy of the control.
It adjusts a typically small error. To reduce overshoot, it is only activated if the error is lower than an
absolute minimal error. We name this minimal voltage UUadj.
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4.2. Constant Current Controller

The constant current controller limits the output current to Imax. Previous research already
demonstrated that the slave output current accuracy Icc is better than 7% [1]. Therefore, the output
current is directly forwarded to the limiter. To compensate for inaccuracies, an additional PI regulator
is used. If the absolute error is larger than IIadj, the I regulator is reset to reduce overshoot for large
signal responses.

4.3. Acoustic Noise

This design uses multilayer ceramic capacitors (MLCCs) as output capacitors. They may emit
acoustic noise due to the capacitors piezoelectric dielectric. If the master P gain is chosen close to the
critical gain, noise is emitted. The acoustic noise is reduced by lowering the P gain or choosing low
noise MLCCs.

Our experiments concluded that the following control loop gain eliminated the noise at the cost
of a slightly slower step response:

Kpu ≤ Cout

9 · tpp
. (6)

5. Slave Current Controller

The slave current controller receives the set current Icc from the master controller. It is responsible
for selecting the appropriate modulation scheme; it chooses between adjusting the switching period,
duty cycle, or pulse skipping, as shown in Figure 5.

Figure 5. The slave current mode controller controls the frequency ( fp = 1/tp) for high output power,
the duty cycle (D) for medium output power, and uses pulse skipping (po/pc) for low output power.
Changing the modulation scheme maximizes the output current range.

For adjusting the output power, we propose the modulation strategy shown in Figure 5.
Pulse skipping is used for the lowest possible output power. It is identified by missing PWM pulses.
The number of pulses may range between zero and pc. At medium output power, the duty cycle is in
the range of D = Dmin,abs to D = 0.5, while the minimal switching period is used. This modulation is
referred to as duty cycle modulation. The minimal duty cycle is a design parameter and is chosen to
Dmin,abs = 0.2.

At very high output power, the switching period is increased until the maximal allowed tp,max is
reached. Frequency modulation uses a duty cycle of 0.5 and a variable switching frequency. In the
case where Dmax < 0.5, duty cycle ramp-up is used. It uses the minimal switching frequency while
increasing Dmax by steps of ΔD. Duty cycle ramp-up reduces stress on capacitor C1 and prevents
overcurrent.

The implementation of the algorithm for determining the appropriate modulation scheme is
visualized in Figure 6 and is discussed in detail next.
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Figure 6. Slave current mode controller algorithm.

5.1. Initial Calculus

The algorithm shown in Figure 6 first limits Icc to a positive value. Second, the minimal and
maximal duty cycles are calculated, which are next limited. Third, the period tp is determined using (7),
which is based on (1), using a duty cycle of D = 0.5.

tp =
16LiUdc Icc

U2
dc − 4U2

meas
. (7)

Next, the minimum period tp,min is calculated, which is a constant value, with an additional
hysteresis. In the simulation and experiments, no hysteresis was utilized. The minimum switching
frequency tp,min is typically chosen in such a manner that soft-switching of the half-bridge is still
achieved.

5.2. Frequency Modulation

If the period tp is larger than tp,min, switching frequency modulation is used. To prevent
unintentional false-triggering due to capacitor C1 displacement current, the minimal period tp,min is
used during duty cycle adjustment. A duty cycle ramp-up is in progress when Dmax < 0.5.
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The maximum switching period is chosen based on (8). The constant k should be chosen in the
range of 0.5 to 0.7, depending on the design goals. A lower k results in less slave controller error,
while a higher k allows a higher output current.

tp,max = kπ
√

LiC1 (8)

5.3. Duty Cycle Modulation

If the period tp is smaller than tp,min, duty cycle modulation is used. The duty cycle is determined
by (1). As a quadratic equation has two results, one has to be chosen. To limit the voltage stress on C1,
the smaller result is used. This results in the following equation:

D =
Udc tp,min −

√(
U2

dc − 4U2
meas

)
t2
p,min − 16Icc Li Udc tp,min

2Udc tp,min
. (9)

5.4. Pulse Skipping

If the calculated duty cycle is smaller than the minimum duty cycle Dmin, pulse skipping is used.
The pulse modulation is calculated according to the following formula, which is converted to the
number of on-pulses (po) and total number of periods (pc). An example for a PWM waveform with
pulse skipping is given in Figure 2.

Icc =
po

pc

Dmin(1 − Dmin)U2
dc − U2

meas

4LiUdc
tp (10)

Currently, a fixed pulse skipping period pc is used. However, the Farey method could also be used
to determine a more accurate ratio [11]. If po < 0.5, the PWM output is disabled. Thereby, very low
pulse counts are achieved. To prevent acoustic noise by pulse skipping, the pulse skipping frequency
should be larger than the maximal audible frequency fa = 20 kHz:

1
pc tp,min

> fa. (11)

Pulse skipping introduces a significant amount of output ripple. Currently, output ripple can be
reduced by increasing the output capacitor Cout. To further reduce output ripple, an appropriate LC
filter and its impact on the output response could be investigated.

5.5. Voltage Stress on C1

The voltage Uc on the offset capacitor C1 is calculated using the following equation [1]:

Uc = DUdc. (12)

To limit the voltage slope stress on the offset capacitor C1 and slow down its aging, the duty cycle
is only changed slowly. Currently, a value of ΔD = 0.02 per iteration is used to limit the stress on the
DC blocking capacitor C1.

5.6. Input Voltage Range

The minimal input voltage must be at least twice the output voltage when a duty cycle of 50%
is applied. Furthermore, a transformer ratio of 1:1 and no output current is assumed. The following
equation is derived based on (1).

Uout,max = 0.5 Udc (13)
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To determine the minimum DC link voltage for a given output voltage Uout and an output current
Iout, (1) is solved for Udc,min.

Udc,min =
2
√

U2
outt2

p,max + 16I2
ccL2

i + 8IccLi

tp,max
(14)

The minimum input voltage calculated by (14) is plotted for the converter as a function of output
voltage in Figure 7. It shows that, the SLC converter allows a lower minimum input voltage when
a reduced output voltage range is sufficient. Therefore, input and output voltage range may be
traded off.

Equation (14) shows that the larger the maximum switching period tc,max is, the less influence
the output current Iout has on the minimal input voltage Udc,min. This is visualized in Figure 8.
The minimal input voltage Udc,min is shown as a function of the maximal cycle time tp,max at an output
voltage of Uout = 25 V. According to (8), the output current range is increased by choosing a larger
capacitance C1.

Figure 7. The minimum DC link voltage is plotted over the output voltage of the converter. The output
current Icc is shown as a parameter.

Figure 8. The minimum DC link voltage is plotted over the maximal allowable period for an output
voltage Uout = 25 V. The output current Icc is shown as a parameter.
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6. Modulator

The DSP PWM unit generates the gate signals. It has four input parameters: The period tp,
the duty cycle D, the number of emitted pulses po, and the number of pulses per period pc. An example
is depicted in Figure 2. The period tp = 1

fsw
is the inverse of the switching frequency, and the duty

cycle states the ratio of the PWM high period. A switching cycle can be skipped by pulse skipping.
The pulse skipping ontime po states how many PWM pulses are emitted during a pulse skipping
period pc.

7. Simulation and Experimental Results

The following section covers the simulation and measurement results for the CCCV converter.

7.1. Measurement Setup

To verify operation, the circuit was simulated with the software PLECS and tested in an
experimental setup. The build converter prototype is shown in Figure 9. The test parameters are
shown in Table 1, unless otherwise noted in the measurement description. For the simulations and
experiments, a load resistor of Rload = 10 Ω was connected to the output.

Four experiments were carried out on the prototype: {1} a constant voltage step response test,
{2} a constant current step response test, {3} a load response test, and {4}, the CCCV step response.
For each test setup, the corresponding output current and voltage were measured. In addition to each
experiment, output voltage and current were simulated as well. The depicted duty cycle and switching
period are extracted from simulation only. In the fifth simulation, the converter was operated at 230 V,
50 Hz AC, demonstrating its ability to reject a large input voltage DC link ripple.

Table 1. Test setup parameters and conditions.

Element/Parameter Value

Uin 325 V
Tratio 4.2:1

Li 110 μH
C1 470 nF

Cout 110 μF
Pout,max 62.5 W

Kpu 1.0
Kiu 857.5

UUadj 0.05 Uset
Kpi 20
Kii 17,150
IIadj 0.05 Iset
ΔD 0.02

Dmin,abs 0.2
tp,min 5 μs
tp,max 15.8 μs

k 0.7
pc 5

fcontrol 85.750 kHz
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Figure 9. The prototype is mounted in a DIN rail case measuring 85 mm by 65 mm. It avoids electrolytic
capacitors and replaces them with film capacitors to achieve a longer service life.

7.2. Voltage Step Response

The constant voltage controller limits the allowable output voltage. To verify the constant voltage
controller, the maximal output voltage Umax was increased in a step response at t = 0 from 5 V to 24 V;
the step response is shown in Figure 10.

Figure 10. The constant voltage operation of the control was verified: the output voltage limit Umax

was increased in a step response from 5 V to 24 V (a) at t = 0. The simulated and measured output
voltages are shown in (a). The simulated and measured output current are shown in (b). The simulated
switching period tp is shown in (c), while the simulated duty cycle D is shown in (d).
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Before the step at t < 0, the duty cycle D was limited to Dmin = 0.2 as pulse skipping was
used. When the output power increased after t = 0, the duty cycle was increased during duty cycle
ramp-up. The duty cycle D increased each control loop iteration by steps of ΔD = 0.02 to D = 0.5.
At t ≈ 180 μs, the switching period was limited in frequency modulation to provide the maximal save
output current while ensuring over-resonant operation. When the output voltage Umeas was about to
reach the maximal voltage Umax, the switching frequency was reduced. The converter remained in
frequency modulation.

In Figure 10, the output voltage rose fast and reached 95% of the target output voltage in less than
400 μs. A transition from pulse skipping modulation at low load to switching frequency modulation
at high load was demonstrated.

When the experiment’s output voltage Umeas is compared to the simulated output voltage Usim in
Figure 10, a match is observed. The non-congruence between t ≈ 300 μs and t ≈ 600 μs arises due to
the non-linear MLCC output capacitance.

7.3. Current Step Response

The constant current controller limits the maximum allowable output current. For verification,
the maximal output current Imax was increased from 1 A to 2 A. The output current step response is
shown in Figure 11. Before t = 0, the converter operated in pulse skipping mode. Pulse skipping
generated a significant ripple on the output voltage, as the effective switching frequency is very low.

At t = 0, the output current Imax was increased from 1 A to 2 A, and the duty cycle was increased
during duty cycle ramp-up from D = 0.2 to D = 0.5 in increments of ΔD = 0.02 per control iteration,
while using the minimal period tp to prevent overcurrent triggering. To charge the output capacitor
Cout fast, the slave controller first utilized frequency modulation, but switched back to duty cycle
modulation at t ≈ 230 μs as the output capacitor is almost charged.

Current control reached 95% of the output current target in t ≈ 300 μs. At t < 400 μs, the fine
adjustment by the PI regulator was complete. The converter did not overshoot on the output current.

When the measured output current from the experiment Imeas is compared to the simulated
output current Isim in Figure 11, a match is observed. The slight difference is due to the non-linear
MLCC output capacitance.

7.4. Load Response

The load response monitors the output voltage change while the load is increased. For this
experiment, shown in Figure 12, the output voltage was held constant at Umax = 5 V, while an external
current load was increased from Imeas = 0.5 A to Imeas = 2 A at t = 0. The output capacitor was chosen
for this experiment to Cout = 160 μF. Based on other system requirements, the control loop speed was
reduced to 75 kHz for this experiment. To completely eliminate overshoots, the voltage PI controller
was modified to Kpu = 0.9 and Kiu = 343. For reference, the simulated standard parameter response is
shown in orange. It shows a simulated overshoot of less than 1%.

Before t < 0, the converter operated in pulse skipping mode, explaining the significant output
ripple. At t = 0, the output current is Iout increased to 4 A. Therefore, the slave controller utilized
duty cycle ramp-up, in which it increased the duty cycle by ΔD = 0.02 per control cycle to D = 0.5.
This limits capacitor stress on C1 and prevents overcurrent. Because of that, the converter could
not supply sufficient output power, hence the output voltage decreased. When the duty cycle
adjustment was completed, at t ≈ 200 μs, the controller switched to frequency modulation at
D = 0.5. No overshoot of Umeas was observed. The controller then remained in frequency modulation.
The simulation matches the measurement. It must be noted, that the presented load jump represents
the worst case.

The load response may be improved by not using the minimal switching frequency during duty
cycle adjustment. However, in that case, the overcurrent detection level has to be increased.
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Figure 11. The constant current operation of the control was verified: the maximum output current
Imax was increased in a step response from 1 A to 2 A (a) at t = 0. The simulated and measured output
currents is shown also in (a). The simulated and measured output voltage is shown in (b), while the
simulated switching period tp is shown in (c), and the simulated duty cycle is shown in (d).

Figure 12. Cont.
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Figure 12. The load response of the power supply was measured: the external output current Iout

was increased from 1 A to 4 A (b) at t = 0. The output voltage is measured in (a), where an output
voltage drop is observed during duty cycle adjustment. The simulated and measured output currents
are shown in (b), while the simulated switching period tp is shown in (c), and the simulated duty cycle
D is shown in (d).

7.5. CCCV Transition Step Response

In Figure 13, the constant current to constant voltage transition is measured. The effective output
capacitance was determined to Cout = 45 μF. The converter was first operated in constant current (CC)
mode, and then the transition to constant voltage (CV) was demonstrated. The CCCV control was
implemented by choosing the minimal value of two parallel controllers, as seen in Figure 4.

At t < 0, the converter operated in CC mode as the output current was limited to 2 A, while the
slave controller operated in duty cycle modulation. The load Rload = 10 Ω resulted in an output
voltage of Uout = 20 V. The voltage limit was set to Umax = 24 V. At t = 0, the current limit Imax

was increased from 2 A to 3 A. The master controller demanded additional output current, therefore
the duty cycle was increased step wise during duty cycle ramp-up. This prevents false overcurrent
triggering. Frequency modulation was used since t ≈ 170 μs, when the duty cycle ramp-up was
completed, allowing a significantly increased output current and resulting in a faster output voltage
rise. When the converter was about to reach its output voltage limit, the switching period was reduced.
The converter continued to operate in frequency modulation. The output voltage rose from 20 V
within 400 μs to the output voltage limit of Umax = 24 V. No output voltage overshoot was observed.
A match between simulation and measurement is shown.
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Figure 13. The constant current constant voltage operation of the control was verified: the maximal
output current Imax was increased at t = 0 in a step response from 2 A to 3 A in (b) to demonstrate the
CCCV behavior. The output voltage (a) limit was held constant at 24 V. Furthermore, the measured
and simulated output voltage are shown. The simulated switching period tp is shown in (c), while the
simulated duty cycle D is shown in (d).

7.6. AC Input Voltage Range

To simulate the AC ripple rejection on the DC link, the converter was extended by a full bridge
rectifier and a DC link capacitor Cin = 30 μF was used. The AC input voltage had a frequency of 50 Hz
at an input voltage of Uac,rms = 230 V. The output voltage was set to 25 V. The converter was loaded
with a resistor of 10 Ω. The voltage gain was chosen to Kpu = 3. The output voltage and input voltage
are depicted in Figure 14 over half a typical line period. It can be seen that an input voltage range from
270 V to 325 V was accepted. Referring to Figure 14, the maximum switching period limit tp,max was
not reached. Hence, a higher ripple is possible.
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Figure 14. The operation of the converter at 50 Hz AC is simulated: The simulated output voltage Usim

is shown in (a). The simulated DC link voltage is shown also in (b), while the simulated switching
period tp is shown in (c), and the simulated duty cycle D is shown in (d).

7.7. DC Link Ripple Rejection

The input voltage range is extended by switching between the different modulation schemes.
The ability to cope with a large voltage ripple allows for a smaller DC link capacitance. This simplifies
the construction of electrolytic-free power supplies by replacing these by film capacitors.

The ripple gain is calculated by (15). Its inverse is the so-called ripple attenuation. A ripple gain
close to zero results in a higher attenuation A. The higher the attenuation A, the better the converter
rejects the DC link ripple on the output.

g =
1
A

=

Uoutput,p2pripple
Uoutput,peak

Uinput,p2pripple
Uinput,peak

(15)

The converter ripple gain is measured to g = 0.02 and A = 50 in Figure 14.

7.8. Loop Gain Analysis

The loop gain analysis was conducted in simulation at an output voltage of 24 V and an amplitude
of 0.1 V in CV mode. In Figure 15, a bandwidth of 1 kHz is simulated in the low acoustic noise design
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using a gain of 1/9. In a loop gain optimized design, using a factor of 1/4, a bandwidth of 3 kHz was
observed. The acoustic noise of the loop gain optimized design is seen as jitter in the magnitude.

The converter’s open-loop gain in Figure 15 has a typical integrator characteristic and suggests
the well-tempered operation of the converter.

Figure 15. The simulated open-loop gain magnitude over frequency is shown for two design choices.
The worst case bandwidth frequency is larger than 1 kHz.

8. Comparison with the State-of-the-art

In this section, the prototype is compared against the state-of-the-art converters.

8.1. Output Voltage Range

In comparison to conventional voltage-to-voltage converters, a larger output voltage range was
achieved. The experiments and simulations demonstrated a large output voltage range from 5 V up to
25 V. This equals an output voltage range of 1:5. Currently, an output voltage range of 1:2 is considered
large [9]. Hence, the presented output voltage range is 2.5 times larger compared to state-of-the-art
soft-switching converters.

8.2. Input Voltage Range

The converter’s input voltage range is shown in Figure 7. Experiments demonstrated an input
voltage range from Uin,min = 270 V to Uin,max = 325 V. The output current of the converter is increased
by choosing a larger resonance capacitor C1 or by lowering the transformer ratio. Hence, a wide input
voltage range is possible at the cost of a lower efficiency. Therefore, the SLC topology could be adopted
for a large input voltage range.

8.3. DC Link Ripple Attenuation

The proposed converter shows, in Figure 14, a ripple gain of 0.02. Standard LLC converters have
a ripple gain of 0.39 [12]. Hence, the presented control attenuates the DC link ripple approximately
twenty times better compared to existing solutions.

8.4. Control Bandwidth

Conventional LLC converters have a typical bandwidth of 1.5 kHz [9] to 2 kHz [13] (p. 14) when
connected to a restive load. Thus, referring to Figure 15, the presented control has a similar bandwidth
compared to a typical LLC converter.

8.5. Overshoot

The cascaded current mode control changes the transient response characteristic of the converter
from a state-of-the-art PT2 (second-order lag element) [14] to PT1 (first-order lag element). As one pole
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is eliminated in current mode control [6], no overshoot is observed in the prototype. State-of-the-art
overshoot optimized designs show an typical overshoot of ≈5% [14].

8.6. Large Signal Step Response

The response time for CV, CC, and CCCV are very fast with tresp,95% < 400 μs. State-of-the-art
converters feature a load responses time of 150 ms at an output voltage change from 40 V to 50 V [14].

9. Conclusions

The paper demonstrates fast and accurate control of a series LC converter in constant current,
constant voltage mode and reliable transitions between those operational modes. Ninety-five percent
of the output current and voltage target is reached in less than 400 μs during the step response test.
The converter attenuates AC ripple on the DC link by a ratio of 1:50. The high attenuation is achieved
due to the transfer function (1), canceling out input and output voltage variations. The high attenuation
allows for a high DC link ripple. By this, high-capacitance electrolytic capacitors can be replaced
with low-capacitance film capacitors without significantly increasing the converter size. Thereby,
a significant increase in lifetime is expected.

In contrast to a resonant converter controlled in voltage mode, no overshoot was measured. This is
achieved by splitting the controller into a master and a slave controller. The prototype demonstrated
an output voltage range from 5 V to 25 V, which equals an extremely large dynamic range from 1:5.

The CCCV characteristic allows for the use of the converter for demanding applications,
e.g., laboratory power supplies or lithium battery chargers. The CCCV control is implemented
using a cascaded control loop: the master controller sets the SLC current and the open-loop slave
controller controls the switching period, duty cycle, and pulse skipping. The converter is stable over
the whole operation range, from no load to heavy load conditions.

10. Patents

The modulation scheme, which is based on Equation (1) is covered by a pending patent. Germany:
DE 10 2018 216 749.4—“Verfahren zur Steuerung eines Serien-Resonanz-Wandlers”.
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Abbreviations

The following abbreviations are used in this manuscript:

CC Constant current
CCCV Constant current, constant voltage
CV Constant voltage
DSP Digital signal processor
MLCC Multilayer ceramic capacitor
PT1 First-order lag element
PT2 Second-order lag element
PWM Pulse width modulation
SMPS Switch mode power supply
SL Series LC (inductor capacitor)
SLCC Series LC (inductor capacitor) converter
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Abstract: In this paper, a DC–single-phase AC power converter with an LLC resonant converter is
presented for a photovoltaic (PV) micro-inverter application. This application requires the leakage
current suppression capability. Therefore, an isolated power converter is usually combined for DC/AC
systems. The LLC resonant converter is the one of the isolated power converter topologies, and it
has good performance for conversion efficiency with easy control. On the other hand, a double-line
frequency power ripple has to be compensated for in order to improve the performance of the
maximum power point tracking (MPPT). Therefore, a bulky electrolytic capacitor is usually necessary
for the power converter. However, the electrolytic capacitor may limit the lifetime of the micro-inverter.
This paper introduces the PV micro-inverter with a LLC resonant converter. In addition, the active
power decoupling circuit is applied in order to compensate the double-line frequency power ripple
by the small capacitor in order to eliminate the electrolytic capacitor. Finally, the transformer design
is considered in order to reduce the transformer losses. As a result, the conversion efficiency of the
LLC converter is improved by 1% when the litz wire has many strands.

Keywords: PV micro-inverter; LLC converter; high switching frequency; transformer loss

1. Introduction

Recently, photovoltaic systems (PVs) are actively researched as a sustainable power solution due
to their attractive characteristics such as flexibility, high system efficiency, and low manufacturing cost.
In order to enhance the utilization of PVs, the generative power optimization by MPPT is necessary.
However, the decrease of the generative power due to the shade is a problem for PVs with the typical
centralized power conversion system (PCS). In order to solve this problem, AC module systems using
micro-inverters are attractive in comparison with large capacity inverters [1–4]. This is because the
micro-inverters optimize the generation power at each PV module. Note that the micro-inverters
consist of the DC/AC converter and the isolated DC/DC converter because the leakage current due to
the stray capacitance of the PV panel should be avoided for safety reasons and for easy installation.
In this case, a flyback converter or push-pull converter is often chosen because these circuits have some
advantages, e.g., a low number of components.

On the other hand, the LLC resonant converter is also one choice for the isolated DC/DC converter,
because it has good performance to reduce the switching losses utilizing Zero Voltage Switching (ZVS)
and Zero Current Switching (ZCS) by series resonance [4–9]. In particular, the parasitic capacitor is
discharged before being turned on by the negative current. On the other hand, each drain current
approximately becomes zero when each switch is turned-off, owing to the sinusoidal resonance current.
That means the turn-on and the turn-off switching losses are drastically reduced by the ZVS and
ZVS operation. In addition, the volume of the transformer is drastically reduced owing to the high
switching frequency operation being same as the push-pull converter or flyback converter. Note that
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in the single-phase AC grid systems, a double-line frequency ripple occurs in the input current due
to the single-phase AC grid, and the current ripple decays the performance of the MPPT because
the PV generative power becomes unstable. Therefore, the bulky electrolytic capacitor is usually
installed on the DC side. However, the bulky electrolytic capacitor may limit the lifetime of the power
converter because the micro-inverter has to operate on the high environmental temperature condition
although the lifetime of the electrolytic capacitor depends on the Arrhenius law. In order to solve
this problem, the active power decoupling topologies have been studied to compensate the current
ripple [10,11]. These topologies utilize the small capacitor such as a firm or ceramic capacitor for the
power decoupling. Thus, an electrolytic capacitor is not necessary.

In this paper, a PV micro-inverter using an LLC converter is presented. In addition, the active
power decoupling circuit based on the boost converter is combined with the micro-inverter in order to
eliminate the bulky electrolytic capacitor in order to improve the reliability. Finally, the conversion
efficiency of the LLC resonant converter is evaluated using two type litz wire in order to reduce the
skin effect due to the high switching frequency operation. The contribution of this paper is that the
influence of the number of strands to the conversion efficiency is evaluated in order to improve the
conversion efficiency of the high frequency power converter. A lot of papers have only considered the
transformer loss or the inductor loss [12], and the relationship between the number of strands and the
conversion efficiency is not clarified.

2. Circuit Configuration

Figure 1 shows the PV power generative system. Typically, the centralized inverter, as shown in
Figure 1a, is employed, and the generative DC power is translated to single-phase AC. In this system,
each generative power of the PV modules is regulated by the single inverter with a large power rating.
On the other hand, the micro-inverter as shown in Figure 1b is integrated to the PV modules, and each
power converter is connected to the single-phase grid directly. Therefore, it is possible to optimize the
generative power at each of the PV modules.

 
(a) (b) 

Figure 1. Configuration of PV power generative system. (a) Centralized inverter and (b) micro-inverter.

On the other hand, the micro-inverters require a long lifetime and the PV panels, likewise, are
ideally maintenance-free. However, the electrolytic capacitor may decay over the lifetime of the
converter. In particular, bulky electrolytic capacitor is necessary on the single-phase AC system
in order to compensate the double-line frequency power ripple. In order to solve this problem,
the micro-inverter with the active power decoupling circuit is considered in this paper.

Note that the micro-inverter systems are the distributed power supply, and each power converter
transfers the generative power to the single-phase AC grid independently. Typically the all-converter
operation is regulated by the Power Line Connection (PLC), and it is easy to get some information
such as the power generation status. In this system, the micro-inverters are operated independently,
and each power converters does not interfere with each other by the circuit operation.

Figure 2 shows the circuit configuration of the DC to single-phase AC converter which consists
of LLC resonant converter and an active power decoupling circuit. The active power decoupling
circuit compensates the double-line frequency power ripple due to the single-phase grid by the small
capacitor [13]. The LLC resonant converter transfers the input power to the secondary side. After
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that, the boost-up of the DC link voltage and the power decoupling operation are achieved by the
active power decoupling circuit. Finally, the grid connection is achieved by the Current Source Inverter
(CSI). Note that the reverse-blocking diode is not necessary on CSI because the free-wheeling mode is
implemented on the active power decoupling circuit.

Figure 2. Circuit configuration of DC to Single-phase AC converter using LLC resonant converter.

3. Operation Principle of Active Power Decoupling Circuit

Figure 3 shows the principle of the power decoupling between the DC and single-phase AC
sides [14]. In this system, the sinusoidal inverter output current is generated by the power converter in
order to transfer the power to the single-phase AC grid. In this case, the single-phase grid voltage and
the inverter output current are expressed as

vout = Vacp sinωt (1)

iout = Iacp sinωt (2)

where Vacp is the peak grid voltage and Iacp is the peak inverter current of the single-phase AC grid.
When both the output voltage and the current waveforms are sinusoidal, the instantaneous output
power pout is expressed as

pout = voutiout =
VacpIacp

2
(1− cos 2wt) (3)

from (3), the power ripple that contains double-line frequency of the power grid, appears at DC link.

 
Figure 3. Principle of power decoupling between DC and single-phase AC.
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In order to absorb the power ripple, the instantaneous power pbuf should be controlled by

pbu f =
VacpIacp

2
cos 2ωt (4)

where the polarity of pbuf is defined as positive when the energy Cfc discharges. Due to the power
decoupling capability, the input power is matched to the average output power of the single-phase AC.
Therefore, the relationship between the input and output power is obtained as

pin =
1
2

VacpIacp = VPVIPV (5)

where Vpv is the PV input voltage and Ipv is the PV input current.
Figure 4 shows the operation mode of the active power decoupling circuit when the grid voltage

is the positive period. This converter has the charge mode and discharge mode of the small buffer
capacitor Cbuf in order to regulate the capacitor voltage. In order to obtain the buffer power as per
Equation (4), the capacitor voltage is actively fluctuated at the twice of the grid frequency such as
Figure 3.

 
Figure 4. Operation mode of active power decoupling circuit.

The operation of the active power decoupling circuit cooperates with the CSI; this achieves both
power decoupling and power transmission to the single-phase AC grid. In mode 1, the switch Sbuf is
turned on, and the input power is transferred to the single-phase AC grid. In mode 2, all the switches
are turned off, and the buffer capacitor is charged. In mode 3, the buffer capacitor is discharged through
the Sbuf and CSI. Finally, mode 4 is the free-wheeling mode. The buffer capacitor voltage is regulated
to adjust the duty command for modes 2 and 3 on the one period of the triangle carrier.

4. Operation Mode of LLC Resonant Converter

Figure 5 shows the operation mode, and the Figure 6 shows the key waveforms of the LLC
resonant converter. In this circuit, the series resonance of C1, C2, and Lres is utilized for soft switching.
The LLC converter regulates the input voltage of the active power decoupling circuit. The detail of the
operation mode is as follows.
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Figure 5. Operation mode of LLC resonant converter.

Figure 6. Key waveforms of LLC resonant converter.

Mode 1 [t0-t1]: S1 is turned-on and half of the PV input voltage is applied to the transformer.
In this mode, C1, C2, and Lres resonate, and the resonance current occurs.

Mode 2 [t1-t2]: S1 is turned-off and the dead-time period is started. At this mode, S1 achieves ZCS
turned off. In mode 2, the parasitic capacitor Cds1 is quickly charged. On the other hand, the parasitic
capacitor Cds2 is discharged owing to the negative resonant current. Cds2 is fully discharged in this
mode, and mode 3 is started.

Mode 3 [t2-t3]: This mode is still dead-time, and the parasitic diode of S2 conducts. Discharge of
Cds2 should be completed during Mode2 and 3 for ZVS of S2.

Mode 4 [t3-t4]: S2 is turned on with ZVS when Cds2 is already discharged. In this mode, C1, C2,
and Lres resonate as mode 1, and the resonant current occurs.

Mode 5 [t4-t5]: S2 is turned off, and the dead-time period is started. At this mode, S2 achieves ZCS
turned-off. In mode5, the parasitic capacitor Cds1 is quickly charged. On the other hand, the parasitic
capacitor Cds1 is discharged owing to the negative resonant current.

Mode 6 [t5-t6]: This mode is still dead-time, and the parasitic diode of S1 conducts. Discharge of
Cds1 should be completed during modes 5 and 6 for ZVS of S1.
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5. Experimental Result with Fundamental Operation

5.1. Active Power Decoupling Circuit and CSI

Table 1 shows the experimental parameters. Figure 7 shows the experimental result. Note that the
output power is 300 W, the switching frequency is 20 kHz, the buffer capacitor is 44 μF, and the grid
voltage is 200 Vrms.

Table 1. Experimental parameters.

Symbol Quantity Value

Vin Input Voltage 90 V
Pin Input Power 300 W

Cbuf Buffer Capacitor 44 μF
Vac Grid Voltage 200 Vrms
f ac Grid frequency 50 Hz
f sw Switching frequency 20 kHz

V

V

I

V

 
Figure 7. Experimental result of active power decoupling circuit and current source inverter (CSI).

According to Figure 7, the constant DC voltage and the sinusoidal inverter output current with the
low THD are obtained. In addition, it is obtained that the buffer capacitor voltage is fluctuated by the
double-line frequency by the power decoupling control. However, the low frequency component is still
remaining on the input voltage. This is because the mismatch is occurring during the compensation
value and the actual power ripple component. The compensation value for the power decoupling is
obtained from the input power. However, the input power is included the conversion loss, which means
the error between the compensation power and the actual output power occurs. This problem is solved
by changing the calculation process of the compensation value to use the output power condition.

5.2. LLC Resonant Converter

Table 2 shows the experimental parameters and Figure 8 shows the experimental result. Note that
the resonant frequency is designed to 205 kHz, and the switching frequency is set to below the resonant
frequency as Table 2. In addition, the gate signals of S1 and S2 is provided by the 50% of duty
signals from the controller. According to Figure 8, the sinusoidal resonant current is obtained by the
series resonance.
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Table 2. Experimental parameters.

Symbol Quantity Value

Vin Input Voltage 40 V
Vout Output Voltage 80 V
f sw Switching frequency 200 kHz
Lm Magnetizing inductance 25 μH
Lres Resonant inductance 400 nH

C1, C2 Resonant capacitance 750 nF
Cdc DC capacitance 15 μF
Cj Junction capacitance 500 pF

Coss Output capacitance 1500 pF

Figure 8. Switching waveforms.

Figure 9 shows the efficiency characteristics and the loss analysis result of the LLC resonant
converter. According to Figure 9, 94.3% of the maximum efficiency is obtained when the output power
is 100 W. In order to improve the conversion efficiency, the utilization of the synchronous rectifier is
simple solution. On the other hand, the reduction of the transformer losses is important for the high
switching frequency DC/DC converter because the copper loss becomes largely due to the skin effect
and the proximity effect [15].

 
Figure 9. Efficiency curve.
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6. Evaluation of Conversion Efficiency Using Different Litz Wire

In this section, the conversion efficiency of the LLC converter is evaluated in terms of a change
the transformer. The high switching frequency operation increases the transformer loss including the
copper loss due to the skin effect and the proximity effect, eddy loss, and hysteresis loss. Especially the
skin effect and the proximity effect reduce the effective conduction area to surface of the wiring. As the
result, the alternative wire resistance becomes large. In order to avoid this problem, the litz wire is
usually used. In this paper, the two types of transformer are evaluated when the number of strands
is changed.

Figure 10 shows the overview of the transformer, and Tables 3 and 4 show the parameter of the
two transformers. Note that the air gap is not provided on this transformer in order to eliminate the
leakage flax from the air gap, and the ferrite core with low eddy current loss is selected for the high
switching frequency operation. The difference between two transformers is only number of strands,
with transformer 2 having many strands on the wiring.

Figure 10. Overview of high frequency transformer.

Table 3. Parameters of transformer 1.

Symbol Quantity Value

N1 Primary side number of turns 2

N2
Secondary side number of

turns 8

- Litz wire specification 150/φ0.1
- Current density 4 A/mm2

- Core material Ferrite (PQ)
- Air gap 0 mm

Lm Magnetizing inductance 21.3 μH

Table 4. Parameters of transformer 2.

Symbol Quantity Value

N1 Primary side number of turns 2

N2
Secondary side number of

turns 8

- Litz wire specification 600/φ0.05
- Current density 4 A/mm2

- Core material Ferrite (PQ)
- Air gap 0 mm

Lm Magnetizing inductance 21.5 μH
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Figure 11 shows the comparison of the conversion efficiency when the number of the strands is
changed. Note that the orange and blue line means the approximate curve of each plot. The switching
frequency is set to 200 kHz, and the same transformer core material is used. In this experiment,
the conversion efficiency of the LLC converter with difference number and diameter of strands as
shown in Table 3 is compared. According to Figure 11, it is obtained that the conversion efficiency is
improved by 1% when the number of strand is increased on the wiring. This is because the increasing
AC resistance due to the skin effect is suppressed, and the copper loss is reduced. Therefore, the litz
wire with a lot of strands has a good performance in order to improve the conversion efficiency for
the high switching frequency converter. Note that Figure 12 shows the comparison of the conversion
efficiency when the switching frequency is changed. Note that the orange and blue lines represent the
approximate curve of each plot. According to Figure 12, it is obtained that the improvement rate of the
conversion efficiency is increased at 200 kHz. From this result, the number of strands should be chosen
accordingly because it depends on the switching frequency.

 
Figure 11. Comparison of conversion efficiency when number of strands is changed on wiring.

 
Figure 12. Comparison of conversion efficiency when switching frequency is changed.

7. Conclusions

In this paper, a DC–single-phase AC power converter with an LLC resonant converter is presented
for a photovoltaic (PV) micro-inverter application. This converter consists of the LLC resonant
converter, the active power decoupling circuit, and the CSI. In addition, the conversion efficiency of
the LLC converter is evaluated when the number of strands is changed. Through the experimental
result, it was obtained that the double-line frequency ripple is compensated by the small capacitor
using an active power decoupling circuit. Finally, the conversion efficiency of the LLC converter is
improved by 1% when the litz wire have a lot of strands.
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In the future work, the optimal design of the high frequency transformer will be considered.
In particular, the optimal number of the strand should be considered in order to minimize the
transformer loss, and it depends on the switching frequency. Therefore, the relationship between the
number of strands and the switching frequency will be analyzed. Finally, the optimal transformer
design focusing on the minimum transformer losses will be demonstrated based on the loss analysis.
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Abstract: LLC resonant converters with center-tapped transformers are widely used. However,
these converters suffer from a flux walking issue, which causes a larger output ripple and possible
transformer saturation. In this paper, a flux-balance control strategy is proposed for resolving the flux
walking issue. First, the DC magnetizing current generated due to the mismatched secondary-side
leakage inductances, and its effects on the voltage gain are analyzed. From the analysis, the flux-balance
control strategy, which is based on the original output-voltage control loop, is proposed. Since the
DC magnetizing current is not easily measured, a current sensing strategy with a current estimator is
proposed, which only requires one current sensor and is easy to estimate the DC magnetizing current.
Finally, a simulation scheme and a hardware prototype with rated output power 200 W, input voltage
380 V, and output voltage 20 V is constructed for verification. The simulation and experimental
results show that the proposed control strategy effectively reduces the DC magnetizing current and
output voltage ripple at mismatched condition.

Keywords: LLC resonant converter; center-tapped transformer; flux walking; flux-balance control
loop; magnetizing current estimation

1. Introduction

The LLC resonant converter is widely used in many different applications such as onboard
chargers, server power systems, laptops, desktops, photovoltaic regeneration systems. Owing to the
characteristics of zero-voltage-switching (ZVS) at the primary side and zero-current-switching (ZCS)
at the secondary side, high efficiency and high power density of the LLC converter are achieved [1–7].
The half-bridge (HB) and full-bridge (FB) with the center-tapped transformer rectifier topologies
shown in Figure 1 are the most commonly used topologies of the LLC resonant converter. Thanks to
the center-tapped transformer, only two rectifying diodes are necessary at the secondary side [8–11].
Without the center-tap, it would be required to implement a full-wave rectifier.

(a) (b) 

Figure 1. Different topologies of the LLC resonant converter (a) half-bridge and (b) full-bridge.

Figure 2a shows the key waveforms of the LLC resonant converter operating below the resonant
frequency with the matching leakage inductances in both secondary side windings, where vgs1 and
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vgs2 are the driving signals of the MOSFET Q1 and Q2, respectively. Figure 2a reveals that the current
waveforms of the diode 1 (iD1) and diode 2 (iD2) are symmetrical, and energy flows through the diode
1 and diode 2 in the positive and negative cycles, respectively. In Figure 2a, the magnetizing current
will have no DC component.

  
(a) (b) 

Figure 2. Key waveforms of the LLC resonant converter operating below the resonant frequency with
the different leakage inductances in the secondary side windings (a) matched leakage inductances and
(b) mismatched leakage inductances.

However, practical LLC resonant converters with center-tapped transformers contain a flux
walking issue, which causes a larger output ripple and possible transformer saturation [12–14].
This is because the secondary side windings are usually not symmetrical in practical manufacture.
The mismatched leakage inductances are generated in the secondary side windings, which causes an
imbalance in the secondary side currents, resulting in a larger output voltage ripple. The secondary
side currents imbalance will reflect upon the magnetizing inductance on the primary side. Therefore,
the magnetizing current will have a DC component, which will lead to the flux walking and possible
transformer core saturation.

Figure 2b shows the key waveforms of the LLC resonant converter operating below the resonant
conditions with the mismatched leakage inductances in the secondary side windings. In Figure 2b,
the current waveforms of the diode 1 and diode 2 are not symmetrical. The magnetizing current (iLm)
will, therefore, contain a DC component. Since the resonant capacitance is in series with the primary
side, the resonant current (iLr) will not have a DC component from charge balance concept. Besides,
the mismatched condition considers not only the leakage inductances of the secondary side windings
of the transformer but also the parasitic inductances of the printed-circuit-board (PCB) traces on the
secondary side.

To improve the flux walking issue in the LLC resonant converter, improved winding structures
for the secondary side were proposed [12–14]. The coupling coefficients between the primary side
and two secondary sides were increased to mitigate the flux walking issue [12]. The further improved
method is used in the Bifilar winding structure to overcome this problem [13]. The flux distribution of
the non-symmetrical structure of the secondary side windings were analyzed in [14]. However, they
cannot consider the mismatch problems caused by the PCB circuit traces.

According to abovementioned issue, a flux-balance control strategy, which is based on the original
output-voltage control loop, is proposed in this paper. The flux-balance control is added to improve
the magnetizing current imbalance problem caused by the secondary side mismatches.

Besides, the DC magnetizing current of the LLC resonant converter is difficult to sense directly.
An indirect method to sense the magnetizing current was used [15], which involved sensing the currents
at the primary and secondary side, simultaneously and subtracting them to obtain the magnetizing
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current. Then, the DC component was obtained using a low-pass filter. This solution, however,
required several current sensing devices, which increased the circuit cost; moreover, the low-pass filter
produced a slow dynamic response. Therefore, this paper proposes a simple magnetizing current
sensing strategy with a DC current estimation scheme to overcome the abovementioned issue.

Moreover, for small-signal model, the mathematical methods for deriving the small-signal
dynamic model of the LLC resonant converter were developed [16–19]. However, these works
focused only on the switching frequency to output voltage transfer function. Besides, matching with
circuit ac sweep simulation occurs only under specific operating conditions. Nevertheless, system
identification [20,21] is a useful method to obtain the small-signal model of the system without using
any complex mathematical model. Therefore, the system identification [21] is used to obtain the
small-signal models of the LLC resonant converter for controllers design in this paper.

The remainder of this paper is organized as follows. Section 2 analyzes the mismatched
leakage inductances effects of the secondary side on the DC magnetizing current and voltage gain.
Section 3 describes the proposed control strategy with the magnetizing current sensing and the
DC magnetizing current estimation. Section 4 describes the controller designs for the flux-balance
loop and output-voltage loop, which are based on the transfer functions obtained by using the
system identification tool of MATLAB (R2018b, MathWorks, Natick, MA, USA). Section 5 presents the
simulated and experimental results, to verify the effectiveness of the proposed control strategy. Finally,
Section 6 provides the conclusions.

2. Analysis of Secondary Side Mismatched Leakage Inductances Effects

2.1. Analysis of the Magnetizing Current DC Value

Figure 3 shows the DC current path in the LLC resonant tank when the leakage inductances at the
secondary side are mismatched. It is assumed that the leakage inductance of the positive-cycle loop at
the secondary side (Llk2,pos) is smaller than the leakage inductance of the negative-cycle loop at the
secondary side (Llk2,neg). According to Kirchhoff’s current law (KCL), the relationship among iLr, iLm,
and iDx can be expressed as follows

iLr = iLm +
iDx

n
(1)

x =

{
1 : duringthepositivecycle
2 : duringthenegativecycle

(2)

where n is the turns ratio of the transformer. Since the resonant capacitance is in series with the input of
the transformer, the DC current of the resonant inductor is zero. That is, the average resonant inductor
current in a switching period is zero in steady-state, and can be expressed as follows

ILr,DC =
1
Ts

Ts∫
0

iLrdt =
1
Ts

Ts∫
0

(
iLm +

iDx

n

)
dt = 0A. (3)

Based on (3), the relationship between the magnetizing DC current and difference in the DC
currents of both diodes can be expressed as follows

ILm,DC = 1
Ts

Ts∫
0

iLmdt = − 1
nTs

Ts∫
0

iDxdt

= − 1
nTs

⎛⎜⎜⎜⎜⎜⎝ Ts/2∫
0

iD1dt−
Ts∫

Ts/2
iD2dt

⎞⎟⎟⎟⎟⎟⎠ = 1
n (ID2,DC − ID1,DC)

(4)

where ID1,DC and ID2,DC are the DC currents of the diodes at secondary side. Equation (4) shows
that the magnetizing DC current is proportional to the difference between ID1,DC and ID2,DC with the
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turns ratio n. Therefore, the largest ILm,DC would be induced for the largest current mismatch in the
secondary side condition.

Figure 3. The DC current path in the LLC resonant tank when the leakage inductances at the secondary
side are mismatched (Llk2,pos < Llk2,neg).

2.2. Analysis of the Voltage Gain under Mismatched Condition

A non-ideal transformer equivalent circuit can be expressed by the model shown in Figure 4a,
which is called the “T model” [22,23]. In Figure 4a, the leakage inductances are distributed at the
primary and secondary sides, separately. This circuit is not suitable for the analysis of the LLC resonant
converter. On the other hand, Figure 4b shows the “L model” [22,23]. In this model, the leakage
inductance at the secondary side is removed. Therefore, it is suitably used in the LLC resonant tank
for analysis.

(a) (b) 

Figure 4. Different equivalent circuit models of the transformer (a) T model and (b) L model.

For center-tapped applications, the L model of the transformer can be separated into the positive
and negative cycle models. For a matched condition, the parameters of the L model for the positive
and negative cycle will be the same. This will not be the case for the mismatched condition because the
leakage inductances at the secondary side would affect the resonant parameters during the positive
and negative cycles.

Figure 5 shows the equivalent circuit models of the LLC resonant tank for the positive (lower
left) and negative (lower right) cycles. The relative parameters of the L model during the positive and
negative cycles can be derived from Figure 4 and is presented as follows

mh =
nLm

Lm + n2Llk2,h
(5)

Lp,h =
Lm

2

Lm + n2Llk2,h
(6)

Lr,h = Lext + Llk1 + Lm
∣∣∣∣∣∣n2Llk2,h (7)
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h =

{
pos : duringthepositivecycle
neg : duringthenegativecycle

(8)

where Lm indicates the magnetizing inductance of the transformer, Llk1 and Llk2,h express the leakage
inductances at the primary and secondary sides of the transformer, respectively, mh indicates the
equivalent turns ratio of the L model, Lext represents the external resonant inductance, Lp,h expresses
the equivalent paralleled inductance of the L model, and Lr,h is the total equivalent resonant inductance
of the L model. Therefore, the parameters of the L model during the positive and negative cycles can
be obtained using (5)–(8).

 

Figure 5. Equivalent circuit models of the resonant tank during the positive cycle (lower left) and
negative cycle (lower right).

The voltage gain during the positive and negative cycles can be expressed as follows

M( fn,h) =
mhVo

Vi
=

1√[
1 + 1

Ln,h

(
1− 1

fn,h
2

)]2
+

[
Qh

(
fn,h − 1

fn,h

)]2
(9)

fr,h =
1

2π
√

Lr,hCr
(10)

Qh =
1

mh
2Rac

√
Lr,h

Cr
(11)

Rac =
8
π2 Ro (12)

fn,h =
fs

fr,h
(13)

Lr,h =
Lp,h

Lr,h
(14)
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where fr indicates the resonant frequency, Cr is the resonant capacitance, Qh is the qualify factor, Rac is
the equivalent ac load resistance, Ro is the load resistance, fs is the switching frequency, fn,h is the
normalized frequency, and Ln,h is the ratio between Lp,h and Lr,h.

Based on (9)–(14), the voltage gain curves during the positive and negative cycles can be drawn
as shown in Figure 6. The solid lines represent the nominal Q-value condition and dashed lines
express the high Q-value condition. Assuming the normal leakage inductance Llk,2n = Llk,2,pos = Llk,2,neg
at the secondary side, i.e., at matched condition, fn,pos and fn,neg would be one as indicated by the
curve a (i.e., maroon solid line) with the normal operating point indicated by the sky blue circle in
Figure 6. When operating under the mismatched condition and assuming the leakage inductances at
the secondary side are satisfying Llk,2n = Llk,2,pos < Llk,2,neg, the voltage gain during the positive cycle
follows the original curve a (i.e., maroon solid line); during the negative cycle, the voltage gain curve
moves toward the left as shown by the curve b (i.e., light blue solid line). Under the mismatched
condition, the voltage gain also operates at M = 1.05, because of the voltage loop regulation, and the
operating point shifts to the point indicated by the pink circle.

Figure 6. Voltage gain curves during the positive and negative cycles, curve a: Nominal Q-value
condition with the matched leakage inductance Llk,2n at the secondary side; curve b: Nominal Q-value
condition with the mismatched leakage inductance Llk,2,neg at the secondary side during the negative
cycle; curve c: High Q-value condition with the matched leakage inductance Llk,2n at the secondary side;
curve d: High Q-value condition with the mismatched leakage inductance Llk,2,neg at the secondary
side during the negative cycle.

The operations of the curve a (i.e., maroon solid line) during the positive cycle and curve b

(i.e., light blue solid line) during the negative cycle can be mapped to time-domain operated waveforms
shown in Figure 2b. They are matched precisely between the voltage gains and time domain waveforms.

3. Proposed Flux-Balance Control Architecture

3.1. Description of the Proposed Control Architecture

Figure 7 shows the block diagram of the proposed control architecture to solve the flux walking
issue caused by the mismatched condition on the secondary side. The proposed control is based on the
original output-voltage control loop with the addition of the flux-balance loop. The flux-balance loop
includes the sampling setup for the magnetizing current, a DC current estimator, a flux-balance loop
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controller, and a variable-frequency-variable-duty-pulse-width-modulator (VFVDPWM). The output
of the voltage loop controller controls the switching period of the MOSFETs Q1 and Q2. The output of
the flux-balance loop controller offsets the duty ratio of the MOSFETs Q1 and Q2 from 0.5. The input of
the flux-balance loop controller is the error between iLm,DC and iLm,DC,ref, which is zero in steady-state.
Thus, the flux-balance loop forces the DC magnetizing current to zero and solves the flux walking
issue. The DC estimator estimates the DC magnetizing current, and the iLm sampling scheme samples
relative information of the magnetizing current from the resonant current iLr. The relationship between
the DC magnetizing current and the duty ratio are not direct, because the resonant capacitance is in
series between the half-bridge switches and the input of the transformer. According to the proposed
flux-balance control, when the duty is regulated, the resonant capacitance to hold the charge balance in
steady-state, the DC current of the resonant inductance, therefore, keeps zero, and the rectifier diodes
turned off time, therefore, be changed when the duty ratio be regulated. Finally, the magnetizing DC
current would be regulated. Detailed descriptions of the functional blocks of the magnetizing current
sampling scheme, the DC current estimator, and the VFVDPWM are provided below.

 

Figure 7. Overall block diagram of the proposed control architecture.

3.2. Magnetizing Current Sampling Scheme

Figure 8 shows the magnetizing current sampling scheme, where iLr is the resonant current, iLm
is the magnetizing current, iLm,p, and iLm,n are the peak values of the magnetizing current during the
positive and negative cycles, respectively. The magnetizing current of the LLC resonant converter
cannot be measured directly because the magnetizing inductance is an equivalent element in the
transformer. However, owing to the LLC resonant converter usually operates with the switching
frequency below the resonant frequency, the resonant current is equal to the magnetizing current when
the diodes on the secondary side are turned off. As shown in Figure 8, during these intervals, the peak
values of the magnetizing current during the positive and negative cycles occur when the respective
MOSFET Q1 and Q2, are turned off. According to the previous statement, the sampling pluses of
SOCi,p and SOCi,n can be applied from the VFVDPWM, which are generated when the driving signals
of MOSFET Q1 and Q2 are turned off, respectively. After that, iLm,p and iLm,n can be sampled during
each switching period.
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Figure 8. Magnetizing current sampling timing, where iLm,p (iLm,n) is sampled at the timing of vgs1

(vgs2) from high to low.

3.3. DC Value Estimation of the Magnetizing Current

This paper proposes the DC value estimation scheme to obtain the DC magnetizing current,
which will be used as one of the inputs of the flux-balance controller. Figure 9 shows the magnetizing
current waveform (red line), which is similar to a triangular wave (shown by the blue dashed line).
The magnetizing DC current can be estimated after the iLm,p and iLm,n are sampled, and is expressed
as follows

iLm,DC,est[n] = DCvalueoftriangularwave
= 1

2 (iLm,p[n
]
+iLm,n[n])

≈ 1
Ts

Ts∫
0

iLmdt
(15)

where iLm,DC,est[n] represents the estimated magnetizing DC current. Equation (15) reveals that the
estimated magnetizing DC current can be approximated as the sum of iLm,p[n] and iLm,n[n], divided
by 2, which is a very simple method to obtain the magnetizing DC current. The block diagram of the
DC magnetizing current estimator is shown in Figure 10.

Figure 9. The magnetizing current waveform (red line) and the approximate triangular waveform
(blue dashed line).

Figure 10. Block diagram of the magnetizing DC current estimator.

112



Energies 2019, 12, 3211

3.4. Variable-Frequency-Variable-Duty-Pulse-Width-Modulator

In conventional LLC resonant converters, the output voltage regulation is achieved by controlling
the switching frequency and maintaining the duty ratios of MOSFET Q1 and Q2 at 50%. The proposed
flux-balance control scheme utilizes the controlled duty ratio for MOSFET Q1 for the magnetizing
DC current regulation. Figure 11 shows the operating timing of the VFVDPWM, where vcarr is the
carrier waveform, dQ1 is the duty ratio control signal of MOSFET Q1, ts is the switching period control
signal. In Figure 11, the slope of vcarr is fixed. ts can therefore control the magnitude of vcarr to control
the switching period. dQ1, which is equal to 0.5ts in the matched condition, controls the duty ratio of
MOSFET Q1 for the flux-balance loop regulation. SOCi,p is generated when dQ1 equals vcarr and SOCi,n
is generated when ts equals vcarr. Thus, the control signal and magnetizing current sampling pulses of
the proposed flux-balance loop can be obtained from Figure 11.

Figure 11. VFVDPWM operating timing.

4. Small-Signal Model and Controllers Design

4.1. Small-Signal Models Built Using System Identification

Unlike the pulse-width-modulation (PWM) converter, the LLC resonant converter is a complex
nonlinear system. Therefore, it is difficult to obtain its small-signal model through mathematical
derivation. Previously, researchers had developed the mathematical methods for deriving the
small-signal dynamic model of the LLC resonant converter [16–19]. However, these works focused
only on the matching with circuit ac sweep simulation occurs only under specific operating conditions.
At the same time, the flux-balance loop proposed in this paper, there is no more literature to discuss.
The system identification tool of MATLAB [21] is a useful tool to obtain the small-signal model transfer
function without using any complex mathematical model derivation. Figure 12 shows the processing
flow windows of the system identification of MATLAB. The transfer function of the system can be
obtained from the simulated or measured system data such as time response or frequency response.
Therefore, the system identification tool of MATLAB [21] is used to obtain the small-signal model for
controller design, in this paper.
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Figure 12. Processing flow windows of the system identification tool of MATLAB.

4.2. Flux-Balance Loop Controller Design

Figure 13 shows the control block diagram of the flux-balance loop, for which the loop gain can be
expressed as

Tb(s) = Gcomp,b(s)GPWM,b(s)Gbc(s) (16)

where Gbc(s) represents the transfer function of the controlled plant, which is the duty ratio of MOSFET
Q1 (d1-tilde) to the magnetizing DC current (iLm,DC-tilde), GPWM,d(s) represents the transfer function of
the duty ratio control signal (vcon,d-tilde) to the duty ratio of MOSFET Q1, and Gcomp,b(s) indicates the
controller of the flux-balance loop.

Figure 13. Control block diagram of the flux-balance loop.

Using the system identification tool of MATLAB, the uncompensated loop gain from the duty
ratio control signal to the magnetizing DC current under full load operation condition can be expressed
as follows. The parameters of the LLC resonant converter are shown in Table 1, which will be shown
in Section 5.

ĩLm,DC
ṽcon,d

= GPWM,d(s)Gbc(s)

= 1.452×109

s2+487.1×103s+41.49×109 .
(17)

The characteristic equation in (17) has two real poles at 110 krad/s (17.5 kHz) and 377 krad/s
(60 kHz), respectively. Figure 14a shows the bode plots of the uncompensated flux-balance loop gains
obtained from the mathematical model in (17) (blue dashed line) and Simplis circuit simulation (red
solid line). Figure 14a reveals that the dominate pole is at 17.5 kHz. The controller of the flux-balance
loop Gcomp,b(s) can, therefore, be chosen as a PI-type controller and can be expressed as follows
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Gcomp,b(s) = Kpb
s+zb

s
= 20· s+62.8×103

s
(18)

where Kpb is the DC gain, which is determined according to the crossover frequency sets as fc,b = 10 kHz,
and zb is the zero, which is set at 17.5 kHz for pole/zero cancellation. The phase margin (PM) is set as
72◦ to ensure stability. The bode plot of the compensated flux-balance loop gain, after the addition of
the controller, is shown in Figure 14b.

Table 1. Parameters of the LLC resonant converter.

Symbol Description Quantity

Vi input voltage 380 V
Vo output voltage 20 V

Po,rated rated output power 200 W
n transformer turns ratio 10

Lm magnetizing inductance 310 μH
Llk1 leakage inductance in the primary side 6.386 μH

Llk2,pos
leakage inductance in the secondary side during the

positive cycle 53 nH

Llk2,neg
leakage inductance in the secondary side during

negative cycle (matched condition) 53 nH

Llk2,neg
leakage inductance in the secondary side during

negative cycle (mismatched condition) 167.77 nH

Lext external resonant inductance 42 μH
Cr resonant capacitance 20 nF
Co output capacitance 1000 μF
rCo equivalent-series-resistance of the output capacitance 40 mΩ

 
(a) 

 
(b) 

Figure 14. Bode plot of the flux-balance loop gain (a) uncompensated and (b) compensated.
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4.3. Output-Voltage Loop Controller Design

Figure 15 shows the control block diagram of the output-voltage loop, the loop gain of which can
be expressed as follows

Tv(s) = Gcomp,v(s)GPWM, f (s)G f v(s) (19)

where Gfv(s) represents the transfer function of the controlled plant, which is the switching frequency
of MOSFET Q1 (f -tilde) to the output voltage (vo-tilde), GPWM,d(s) represents the transfer function of the
switching frequency control signal (vcon,f-tilde) to the switching frequency of MOSFET Q1, and Gcomp,v(s)
is the controller of the output-voltage loop.

Figure 15. Control block diagram of the output voltage loop.

Using the system identification tool of MATLAB, the uncompensated loop gain from the switching
frequency control signal to the output voltage under full load operation condition can be expressed as
follows. The parameters of the LLC resonant converter are shown in Table 1.

ṽo
ṽcon, f

= GPWM, f (s)G f v(s)

=
594×(s+30.97×103)

s2+42.84×103s+795.4×106 .
(20)

The characteristic equation in (20) has a complex pole pair at 21.42 ± j18.346 krad/s (3.41 ± j2.9 kHz)
and a zero at 30.97 krad/s (4.93 kHz). Figure 16a shows the bode plots of the uncompensated
output-voltage loop gains obtained from the mathematical model in (20) (blue dashed line) and Simplis
circuit simulation (red solid line). Figure 16a reveals that the phase down to −90◦, due to the zero,
is very close to complex pole pair. Thus, (20) can be simplified as a first-order system. The controller of
the output voltage Gcomp,v(s) can also be chosen as a PI-type controller and can be expressed as follows

Gcomp,v(s) = Kpv
s+zv

s
= 70· s+18.85×103

s
(21)

where Kpv is the DC gain, which is determined according to the crossover frequency sets as fc,v = 6 kHz,
zv is the zero, which is set at 18.85 kHz for pole/zero cancellation, and the phase margin at fc,v is 78.33◦
to ensure stability. The bode plot of the compensated output-voltage loop gain, after the addition of
the controller, is shown in Figure 16b.

(a) 

Figure 16. Cont.
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(b) 

Figure 16. Bode plot of the output-voltage loop gain (a) uncompensated and (b) compensated.

5. Simulation and Experimental Verification

To verify the proposed approach, Simplis software was used to construct the simulation, and an
experimental platform was built as shown in Figure 17. In this paper, the center-tapped model
constructed in Simplis is similar to Figure 5. Two ideal transformers, where the primary side is
connecting in parallel, and the secondary side connecting in series, are used. The magnetizing
inductance and leakage inductances are added in the primary side and secondary sides, respectively.
The advantage of this method is that all of branches current and nodes voltages can easily be measured
for observation and analysis.

 

Figure 17. Experimental prototype of LLC resonant converter.

The proposed flux-balance control strategy was implemented by using Texas Instrument C2000
Piccolo 28035 digital signal processor. For experimental equipment, Agilent Technologies InfiniiVision
DSO-X 3054A oscilloscope (BW = 500 MHz) was used; Keysight Technologies 1147B current probe
(BW = 50 MHz) was used for iLr measurement, and Sapphire Instrument LDP-6002 (BW = 25 MHz)
differential voltage probes were used for differential voltage measurement (vgs1). Table 1 lists the
related parameters of the LLC resonant converter. The leakage inductance at the secondary side,
during the negative cycle, covers the matched condition (Llk2,neg = 53 nH) and mismatched condition
(Llk2,neg = 167.77 nH). The set switching frequency is less than the resonant frequency, i.e., fs < fr, for an
input voltage Vi = 380 V.

5.1. Steady-State Operation

Figure 18 shows the simulated and experimental results of the LLC resonant converter at full load
in steady-state operation with the matched secondary-side leakage inductances, i.e., Llk2,pos = Llk2,neg
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= 53 nH. In Figure 18a, the peak-to-peak ripple of the output voltage is approximately 734 mV.
The conduction times of the secondary side diodes are 2.96 μs. The resonant frequency is fr = 168.9 kHz,
and switching frequency is fs = 134.78 kHz. In Figure 18b, the peak-to-peak ripple of the output
voltage is 700 mV and conduction times of the secondary-side diodes are approximately 3.14 μs during
the positive and negative cycles. Therefore, the resonant frequency is fr = 159.23 kHz and switching
frequency is fs = 130.11 kHz. The simulated and experimental results show that the magnetizing
current is almost balanced between horizontal axis, i.e., ILm,DC = 0 A, but some parasitic effects in the
secondary side of the hardware cause a mismatch between the simulated and experimental results.

 
(a) (b) 

Figure 18. Matched secondary side leakage inductances at full load in steady-state operation
(a) simulation results and (b) experiment results.

Figure 19 shows the simulated and experimental results of the LLC resonant converter at
steady-state, when operating at full load with the mismatched secondary side leakage inductances,
i.e., Llk2,pos = 53 nH and Llk2,neg = 167.77 nH. In Figure 19a, the peak-to-peak ripples of the output
voltage during the positive and negative cycles are 744 mV and 881 mV, respectively. The conduction
time of the secondary side diode during the positive cycle is 2.83 μs. Therefore, the resonant frequency
during the positive cycle is fr,pos = 176.67 kHz. The conduction time of the secondary side diode
during the negative cycle is 3.15 μs. Hence, the resonant frequency during the negative cycle is
fr,neg = 158.73 kHz. The switching frequency is fs = 127.98 kHz and magnetizing DC current is
ILm,DC = 436 mA. In Figure 19b, the peak-to-peak ripples of the output voltage during the positive
and negative cycles are 750 mV and 1 V, respectively. The conduction time of the secondary side
diode during the positive cycle is 3 μs. Hence, the resonant frequency during positive cycle is
fr,pos = 166.67 kHz. The conduction time of the secondary side diode during the negative cycle is
3.2 μs; therefore, the resonant frequency during the negative cycle is fr,neg = 156.25 kHz. The switching
frequency is fs = 127.01 kHz. The magnetizing DC current can be estimated as ILm,DC,est = 400 mA
using (15), which is approximately the same as the simulated result, although the experimental result
does not measure the magnetizing DC current directly.

Figure 20 shows the simulated and experimental results of the LLC resonant converter at full
load in steady-state with the flux-balance loop control, for the same mismatched condition as that in
Figure 19. In Figure 20a, the peak-to-peak ripples of the output voltage during the positive and negative
cycles are 780 mV and 774 mV, respectively. The conduction time of the secondary side diode during
the positive cycle is 2.97 μs; therefore, the resonant frequency during positive cycle is fr,pos = 168.35 kHz.
The conduction time of the secondary side diode during the negative cycle is 3.04 μs; hence, the resonant
frequency during the negative cycle is fr,neg = 164.47 kHz. The switching frequency is fs = 125.37 kHz
and magnetizing DC current is ILm,DC = 19 mA. In Figure 20b, the peak-to-peak ripples of the output
voltage during the positive and negative cycles are 750 mV and 740 mV, respectively. The conduction
time of the secondary side diode during the positive cycle is 3.15 μs; hence, the resonant frequency
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during positive cycle is fr,pos = 158.73 kHz. The conduction time of the secondary side diode during the
negative cycle is 3.2 μs; therefore, the resonant frequency during negative cycle is fr,neg = 156.25 kHz.
The switching frequency is fs = 126.21 kHz. The magnetizing DC current can be estimated to be
ILm,DC,est = 20 mA, using (15). The magnetizing DC current estimated from the experimental result is
close to the value obtained from the simulations, which confirms the effectiveness of the approach
proposed in this paper.

 
(a) (b) 

Figure 19. Mismatched secondary side leakage inductances at full load in steady-state operation (a)
simulation results and (b) experiment results.

 
(a) (b) 

Figure 20. Mismatched secondary side leakage inductances at full load in steady-state operation with
the flux-balance loop control (a) simulation results and (b) experiment results.

5.2. Dynamic-State Operation

Figure 21 shows the simulated and experimental results of the transient response of the LLC
resonant converter, which compensates for the mismatched secondary side leakage inductances using
the flux-balance loop, for load changes from 50% to 70%. The transient time is approximately 200 μs,
as shown in the simulated and experimental results. Figure 21 reveals that the voltage loop and the
flux-balance loop operate simultaneously, without affecting each other in the transient state. Figure 22
shows the simulated and experimental results of the transient response of the LLC resonant converter,
which compensates for the mismatched secondary side leakage inductances with the flux-balance
loop, for load changes from 70% to 50%. The simulated and experimental results show that the
transient time is 200 μs. Figure 22 shows that the voltage loop and flux-balance loop do not affect each
other, even during the load step down. Figure 23 shows the experimental results of the disabled and
enabled flux-balance loop at 70% load, considering the mismatched secondary side leakage inductances.
When the flux-balance loop is disabled, the maximum peak-to-peak ripple of the output voltage is
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818.75 mV. Once the flux-balance loop is enabled, the maximum peak-to-peak ripple of the output
voltage reduces to 731.25 mV.

 
(a) (b) 

Figure 21. Transient response of load change from 50% to 70% with the mismatched secondary side
leakage inductances and the flux-balance loop control (a) simulation results and (b) experiment results.

 
(a) (b) 

Figure 22. Transient response of load change from 70% to 50% with the mismatched secondary side
leakage inductances and the flux-balance loop control (a) simulation results and (b) experiment results.
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Figure 23. Experiment results of the disabled/enabled flux-balance loop at 70% load, considering the
mismatched secondary side leakage inductances.

6. Conclusions

In this paper, a flux-balance loop control strategy was proposed to solve the flux walking issues
of the center-tapped transformer in the LLC resonant converter, which were caused by mismatched
leakage inductances at the secondary side. The magnetizing DC current effect and voltage gain
parameter variation caused by the mismatched conditions at the secondary side were analyzed.
Based on these analyses, the flux-balance control loop combining with the original output-voltage
control loop, was proposed to resolve the issues. Besides, a magnetizing DC current sampling strategy
and estimation scheme was also proposed to overcome the difficulties in measuring the magnetizing
DC current. The simulation and experimental results confirmed the effectiveness of the proposed
control strategy.
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Abstract: With a view to regulate the output voltage with fixed frequency, without using any
additional component or complex modulation technique, a topology of a variable duty controlled
three-level LLC converter is proposed and an equivalent small signal model for Electric Vehicle
(EV) charger applications is deduced in this paper. The steady state equations of each operating
region are derived in time domain. Based on an Extended Describing Function (EDF) approach,
a small signal equivalent circuit is modeled which includes both frequency and duty controlled
terms. The equivalent circuit is further simplified to derive a transfer function of duty control to
output voltage. The transfer function is verified through simulation software. Analyzing the transfer
function, a voltage controller is designed and implemented with a PI compensator. The simulation
results of the proposed control schemes are illustrated and discussed. The topology is compared to
a conventional frequency control topology and the merits of the proposed topology are presented.

Keywords: LLC Converter; Duty Control; Extended Describing Function; Small Signal Modeling

1. Introduction

Electricity based transportation methods are being researched all over the world for the past
two decades [1] in order to find alternatives to fuel consumption [2,3]. Electric Vehicle (EV) charger
systems have been attracting great attention of researchers, manufacturers and governmental agencies as
concerns for energy conservation and environmental issues are growing everyday [4–6]. In the architecture
of such a charger, a DC-DC converter is an essential element. From the DC link voltage supplied by the
Power Factor Corrector (PFC), the DC-DC converter charges the battery through the transformer [7,8].
LLC converters have been a widespread choice for the DC-DC converter stage in EV chargers [9–12].
This type of converter is capable of achieving Zero Voltage Switching (ZVS) at the switches and Zero
Current Switching (ZCS) at the rectifier diodes at almost all load conditions. It also offers a wide gain
range and undergoes low conduction losses or electromagnetic interference [13–15].

An extensive amount of research has been conducted on frequency modulated LLC converter for
simpler control and calculation [16–19]. However, frequency variation is conducted over a wide range
resulting loss of ZVS [20] and introduces ripple [21] at certain load conditions. In [22], an additional
three-level buck converter has been used to regulate the output voltage. A T-type three-level unit
along with a LLC converter is applied with switch multiplexing technique [23]. The RMS value of
current flowing through the secondary diodes have been reduced in [24] , however, several control
modes are required to regulate the converter at rated voltage. Recently, pulse-width or duty cycle
modulation are gaining interest for wide gain range [25,26], enhanced light load efficiency [27,28] and
suppressed inrush current [29]. The output can be well-regulated by adding a duty cycle in the input
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of the resonant tank and no loss of ZVS occurs in case of duty control at any load condition. Since the
switching frequency is fixed in the duty controlled converter, the magnetic components optimization
is also convenient.

The reported applications of three-level LLC converters are limited in number [30–40] compared to
conventional two-level converters. The voltage stress is half of the input voltage in the case of three-level
converters and is advantageous for high switching frequency and higher efficiency [30]. If the switching
frequency is chosen equal to resonant frequency and the ratio of resonant inductor to magnetizing
inductor is smaller, voltage gain tolerance will be minimum [31]. The modulation technique in [32]
with six switches is complex. Variation of output with change in frequency has been reported in [33].
The voltage is not equal to half for all loads and voltage gain in [34]. The lagging leg in [35] complicates
the design and the current stress across that switch is high. Even though the converter in [36] uses
fixed frequency scheme, the voltage stress in two lagging leg switches is equal to half of the input
voltage. In [37], the converter is frequency controlled and calculation of additional dead time zones
are required. The three-level LLC in [38] split the resonant capacitor and application of variable duty
cycle is not suitable in this topology. There are eight inverter switches [39] and switching sequences
can lead to complex control schemes. Nevertheless, the waveforms are highly nonlinear and the real
time calculation is far more complex than frequency controlled LLC converters. A combined sliding
mode control and PI control mode have been adopted in [40] for full bridge LLC converters based on an
averaged large signal model. But the transfer function for PI control had to be derived through system
identification method due to nonlinear behavior of the circuit . To linearize the circuit and implement a
control strategy, a small signal modeling approach can be undertaken.

Although the state plane average method [41] is widely applied for PWM converters, it provides
a solution up to half of the switching frequency only. Again, the sample data approach method in [42]
offers a numerical way to design the compensator, which is difficult to apply. Extended Describing
Function (EDF) is the preferred choice for small signal modeling approach for series/parallel resonant
converters [43–45]. It is applied from the input to the output through the resonant tank. The modeling
is based on first harmonic approximation of the state variables and then a set of functions is generated
relating the input, state variables and control variables. The EDF method applied for LLC converter
in [43,44] leads to an equivalent circuit model of fifth order. The complex terms in the functions can be
withdrawn by separating the circuit into sine and cosine part and introducing cross coupled terms.
In [45], the equivalent circuit is reduced to a simplified third-order circuit but for variable switching
frequency control only.

In this paper, a three-level duty controlled circuit topology is proposed. The steady state
waveforms are expressed by equations in time domain. The steady state behavior is observed
through simulation results. With the aim of linearizing the circuit and developing a duty control
to output voltage transfer function, an equivalent small signal model approach has been modeled
applying the reduced third order EDF concept. Upon deriving the transfer function, it is verified by
simulation. An output voltage PI controller is designed by compensating the derived transfer function.
The simulation results are obtained for output by varying the reference voltage and load resistance.
Lastly, a comparison between steady state wave forms of frequency control and duty control method
is presented and a conclusion is drawn.

2. Duty Cycle Controlled Three-Level LLC Converter

The proposed converter consists of a dc source, two capacitors at the input, followed by the
clamping diodes and a resonant tank. The rectifier along with the capacitive filter and load are
separated by an isolating transformer. The circuit schematic and equivalent circuit are given in
Figure 1a,b, respectively.

The input dc source voltage is split in half by C1 and C2. The voltage is clamped by the diodes D1

and D2. The half bridge configurations consist of four switches from S1 to S4 in series. A square voltage
is generated at the input of the resonant tank, VT, whose amplitude is equal to the half of the input dc
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source voltage i.e., Vdc/2. The resonant tank consists of a resonant inductor Lr, resonant capacitor Cr,
and a magnetizing inductor Lm in series. The tank is followed by an isolating transformer of turns ratio n.
The output side contains diode rectifiers D3–D6, a capacitive filter Cf and a resistive load RL.

D1

D2

Vdc

C1

C2

S1

S3

S4

S2 Lr

Cr

Lm

D3 D5

D4 D6

n : 1

TV Cf RL OV

(a)

Lr

Cr

LmTV

Lri
Lmi

nVo

(b)

Figure 1. Proposed three-level LLC converter: (a) circuit schematic; and (b) equivalent AC circuit.

The resonant frequency fr and the magnetizing frequency fm of the converter are given by:

ωr =
1√

LrCr
, fr =

ωr

2π

ωm =
1√

(Lr + Lm)Cr
, fm =

ωm

2π

(1)

In a duty controlled converter, the switching frequency is fixed and, in the proposed converter,
the switching frequency is chosen equal to the resonant frequency. The normalized parameters of the
converter are given by,

Zo =

√
Lr

Cr
, Z1 =

√
Lr + Lm

Cr
, Rac =

8
π2 n2RL, m =

Lm

Lr
, Q =

Zo

Rac
(2)

where Zo is the normalized tank impedance at resonant frequency,d Z1 is the normalized tank
impedance at magnetizing frequency, Rac is the ac equivalent resistance, m is the inductance ratio and
Q is the quality factor.

According to Figure 1b, generalized state space equations are given below:

VLm (t) = Lm
diLm

dt
(t)

iLr (t) = Cr
dvCr

dt
(t)

iLm (t) =
1

Lm

∫
nVodt + iLm(t0)

VT (t) = Lr
diLr (t)

dt
+ nVo + VCr (t)

(3)

2.1. Operation of the Proposed Duty Control

The voltage and the current waveforms in the proposed three-level duty controlled topology
mainly operate at six different modes. The positive half cycle is comprised of six operating regions
(t0–t3) and the remaining three are in the negative half cycle having similar equations as the positive
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cycle, only opposite in polarity. The passive elements, switches and the diodes are assumed to be ideal
and the short dead time is ignored. In this paper, the switches S1 and S4 are duty cycle controlled
(≤0.5) and the corresponding switches S2 and S3 are constantly driving signals at alternating cycles.
One switching period is given by Ts = 1/ fr. Compared to the conventional frequency controlled LLC
converter, the duty controlled converter has an additional operating region, which leads to a complex
analysis of the circuit parameters. The switching sequences and the key operational waveforms are
depicted in Figure 2.

1S 4S

2S 3S

sT
/ 2sT

0t 1t 2t 3t t

rL

mL

LmV

CrVTV

secI

M1 M2 M3

Figure 2. Operational Waveforms in duty controlled three-level LLC converter.

2.2. Steady State Operation of Operation Modes

Analyzing the state space equations and incorporating the initial conditions, the steady state
equations of each operating region can be obtained. The steady state equations are discussed below
and the respective equivalent circuit is presented in Figure 3a–c.

Lr

Cr

LmTV
nVo

Lri
Lmi

VLm

(a)

Lr

Cr

LmTV

Lri
Lmi

nVo

(b)

Lr

Cr

LmTV

Lri
Lmi

(c)

Figure 3. Equivalent steady-state circuit during: (a) Mode 1; (b) Mode 2; and (c) Mode 3.

Mode 1 (T1): [From t0 to t1]

As shown in Figure 2, at t0, switches S1 and S2 turn on. A square wave voltage VT is produced at
the input of the tank. Both ILr and ILm start linearly increasing from their negative value and reach
a positive value by time t1. The output voltage is clamped by Lm and transferred to the secondary.
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The output rectifier maintains ON state. The conduction period of this mode is equivalent to dTs/2.
The derived steady state equations of this mode in time domain are given below:

ILr (t) =
1

Z0
(VT − nVo − VCr(t0)) sin (ωrt) + ILr(t0)cos(ωrt)

ILm (t) =
nVo

Lm
t + ILm(t0)

VCr (t) = (VT − nVo) + (Z0 ILr(t0) sin (ωrt))− (VT − nVo − VCr(t0)) cos(ωrt)

(4)

where ILr(t0), ILm(t0) and VCr(t0) are the resonant current, magnetizing current and resonant capacitor
voltage at (t0) time and also are the initial conditions of the positive half cycle. The equivalent circuit
is shown in Figure 3a.

Mode 2 (T2): [From t1 to t2]

The converter operation reaches its second stage at time t1 when only switch S2 is conducting and
S1 is turned off. Contrary to frequency controlled LLC converter where the tank input voltage remains
positive in the positive half cycle, and negative in the next cycle, the square wave voltage drops to
zero, consequently ILr starts to decrease. ILm is still increasing linearly. The energy difference between
ILr and ILm is transferred to the secondary side. In this mode also, the output rectifiers maintain ON
state. The steady state equations of this mode are the following:

ILr (t) =
1

Z1
(−nVo − VCr(t1)) sin (ωrt) + ILr(t1)cos(ωrt)

ILm (t) =
nVo

Lm
T2 + ILm(t1)

VCr (t) = (−nVo) + (Z1 ILr(t1) sin (ωrt)) + (nVo + VCr(t1)) cos(ωrt)

(5)

Mode 3 (T3): [From t2 to t3]

ILr continues to decrease and at time t2 it is equal to ILm, which leads the converter to operate
in its third operating interval. From t2 to t3, the resonant current ILr circulate around the tank and
is equal to ILm. Both the input voltage and the output voltage are zero. The output rectifiers are in
OFF state and no energy is transferred to the output. The equations expressing the behavior of the
waveform in this interval are:

ILr (t) = −VCr
Z1

(t2) sin (ωmt) + ILr(t2)cos(ωmt)

ILm (t) = ILr (t)

VCr (t) = VCr(t2)cos(ωmt) + Z1 ILr(t2) sin (ωmt)

(6)

The initial values of the operating waveforms are:

ILm(t3) = −ILm(t0)

ILr(t3) = −ILr(t0)

ILm(t2) = ILr (t2)

VCr(t3) = −VCr(t0)

(7)

2.3. Power Transfer Stage

The difference in energy between ILr and ILm during the time from t0 to t2 is transferred to the
secondary side as output. The output rectifier current can be expressed as:
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Io =
2
Ts

∫ t2

t0

(iLr (t)− iLm (t))dt

=
2
Ts

[∫ t1

t0

(iLr (t)− iLm (t)) dt +
∫ t2

t1

(iLr (t)− iLm (t)) dt
]

=
2
Ts

[
1

Zoωr
(VT − nVo − VCr(t0)) (1 − cos ωrT1) +

1
ωr

ILr(t0) sin ωrT1 +
nVo

2Lm
T2

1 − ILm(t0)T1

+
1

Z1ωr
(nVo − VCr(t1)) (1 − cos ωrT2) +

1
ωr

ILr(t1)sinωrT2 +
nVo

2Lm
T2

2 − ILm(t1)T2

]
(8)

As evident from Equation (8), the steady state solution is complex, non-linear and cumbersome to
calculate. However, deriving the solution is not within the scope of this paper. From the next section
onward, equivalent small signal modeling of the duty controlled LLC converter is discussed.

3. Equivalent Small Signal Circuit Modeling

3.1. Modeling with Extended Describing Function

In steady state operation the waveforms of the converter can be approximated as sinusoidal [41].
The resonant current, magnetizing current and the resonant voltage can be expressed in the form of
their fundamental harmonic in the following manner splitting into sine and cosine parts:

iLr = is(t)sinωst + ic(t)cosωst

iLm = ims(t)sinωst + imc(t)cosωst

VCr = vCs(t)sinωst + vCc(t)cosωst

(9)

where, ωs is the angular switching frequency.
The derivatives of iLr, iLm,VCr are:

diLr
dt

= (
dis
dt

− ωsic)sinωst + (
dic

dt
+ ωsis)cosωst

diLm
dt

= (
dims

dt
− ωsimc)sinωst + (

dimc

dt
+ ωsims)cosωst

dVCr
dt

= (
dvCs

dt
− ωsvCc)sinωst + (

dvCs
dt

+ ωsvCc)cosωst

(10)

where, is, ic, ims and imc are the sine and cosine component of the fundamental approximation of
resonant current and magnetizing current respectively.

The input and the output waveforms of the inverter are approximated by the DC components
whereas the resonant tank waveforms can be approximated by fundamental approximation.

VT = vsq = f1(vg, d)sinωst

sgn(iLr − iLm)vo = f2(is − ims, vC f )sinωst + f3(ic − imc, vC f )cosωst

| iLr − iLm |= f4(is − ims, ic − imc)

ig = f5(is,d)

(11)

where d is the input duty cycle, vg is the input dc voltage signal and equal to Vdc/2 in the three-level
LLC Converter, ig is the input current signal and vo is the output voltage signal.

The functions f1∼ f5 are termed as EDF terms [43,44]. The EDF terms are obtained by applying
Fourier transform to the nonlinear equations from Equation (3) and are shown in the following:
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f1(d, vg) =
4
π sin(π

2 d)vg

f2(is − iLms, vC f ) =
4
π (

is−ims
ip

)vC f

f3(ic − imc, vC f ) =
4
π (

ic−imc
ip

)vC f

f4(is − ims, ic − imc) =
2
π ip

f5(is, d) = 2
π sin(π

2 d)is

ip =
√
(is − ims)

2 + ((ic − imc)
2

(12)

In small signal modeling, the modulation frequency is lower than the switching frequency and thus
can be considered to operate in steady state condition. Substituting the Equations (10)–(12) in (3) and
equating the coefficients of dc, sine and cosine terms the following harmonic balance is established

Lr(
dis
dt

− ωsic) + vCs + Lm(
dims

dt
− ωsimc) =

4
π

sin(
π

2
d)vg

Lr(
dic

dt
+ ωsis) + vCc + Lm(

dimc

dt
+ ωsims) = 0

Lm(
dims

dt
− ωsimc) =

4
π
(

is − ims

ip
)vC f

Lm(
dimc

dt
+ ωsims) =

4
π
(

ic − imc

ip
)vC f

Cr(
dvCs

dt
− ωsvCc) = is

Cr(
dvCc

dt
+ ωsvCs) = ic

ig =
2
π

sin(
π

2
d)is

(13)

Thus, the output equation can be written as:

vo =
2
π

ipRL

Cf
dvC f

dt
=

2
π

ip
vC f

RL

(14)

When the proposed LLC converter is operating at steady state the derivative terms are considered
equal to zero. In addition, when all the switches are operating at a duty cycle of 50%, the steady state
solution is similar to typical two level converters and is given by:

M =
2nVo

Vg
=

1

sin(
π

2
ωn)

‖ jωnm

jωn(m + 1 − 1
ω2

n
) +

π2

8
Q

1

sin(
π

2
ωn)

(1 − ω2
n)mωn

‖ (15)

where ωn is the normalized frequency given by ωs/ωr. The circuit is linearized and perturbed around
the point

{
v̂g, d̂, ω̂s, RL

}
by replacing as the following,

vg(t) = Vg + v̂g(t)

d (t) = D + d̂ (t)

ωs = Ωs + ω̂s

(16)

where Vg,D and Ωs are the quiescent values of the input voltage, duty and switching frequency

waveforms and
{

v̂g, d̂, ω̂s

}
are the small ac variations respectively. The EDF method is applied from

the input to the output including the resonant tank. The inverter receives an input voltage from a dc
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source vg and generates a high frequency square wave vsq. The rectifier transforms this ac current to
dc current. If switching frequency is near or equal to resonant frequency, the higher order harmonics
are discarded by the resonant tank. Therefore the input and output of the converter is dominated by
dc component whereas the tank is dominated by fundamental component. The average input current
is directly proportional to the duty cycle d and indirectly proportional to the switching frequency since
the resonant current varies the switching frequency as can be seen from Equation (13). The square
wave voltage vsq is perturbed to yield the duty controlled voltage source ˆvin [44],

ˆvin =
4
π

sin
(

Dπ

2

)
Ωs

v̂g

2
+

Vg

2
cos

(
Dπ

2

)
Ωsd̂ (17)

The inductances of the tank is also characterized by their respective complex switching frequency
impedance and complex controlled voltage source due to perturbation of switching frequency.
The same can be modeled for the resonant capacitor. The resonant capacitor can be replaced with
an equivalent inductor when the modulation frequency is very small than the switching frequency
and the current source parallel to the capacitor is replaced by an equivalent voltage source [45].
The resonant inductor, magnetizing inductor and resonant capacitor can be replaced by an equivalent
series inductor Le. Although the tank waveforms are dominated by modulation frequency which again
dependent on the switching the frequency, the duty controlled input current produces a duty controlled
output at the output of the resonant current. The average component of the rectified current can be
expressed as the average value of the resonant current [43,44]. In [43,44], the complex terms were
withdrawn by separating the sine and cosine terms and introducing cross coupled terms. The model is
further reduced to a simplified third order in [45]. The equivalent inductance can be represented by Le

and can be expressed as,

Le = {Lr + Lm (1 − ωn)}Ωs +
1

ΩsCr
(18)

The tank impedance at switching frequency is given by Z where Z is given by,

Z = Ωs {Lr + Lm (1 − ωn)} − 1
ΩsCr

(19)

The steady state voltage across the resonant capacitor in the sine and cosine part are given by Vcs
and Vcc, and can be expressed by the resonant current divided by the capacitance, such as

Vcs =
Ic

ΩsCr
, Vcr =

Is

ΩsCr
(20)

The switching frequency dependent voltage source of the resonant inductor and resonant
capacitor and can be combined into one source as Gsω̂s and Gcω̂s in the real and imaginary part
respectively where,

Gs = Lr Ic +
VCs
Ωs

, Gc = Lr Is +
VCc
Ωs

(21)

The resonant current Is and Ic are split into the magnetizing current Ims, Imc and the remaining
flows into the output of the tank as ITs and ITc such as,

Is = Ims + ITs, Ic = Imc + ITc (22)
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where,

ITs =
2Vg

π

ω2
nLn

(
Ln + 1 − 1

ω2
n

)

ω2
nLn

(
Ln + 1 − 1

ω2
n

)2
+

(
π2

8
Q (1 − ω2

n) Ln

)2

ITc =
2Vg

π

ω2
nL2

n

(
π2

8
Q
(
1 − ω2

n
)

Ln

)

ω2
nLn

(
Ln + 1 − 1

ω2
n

)2
+

(
π2

8
Q (1 − ω2

n) Ln

)2

(23)

and,

Ims =
ITcReq

ΩsLm
Imc = − ITsReq

ΩsLm
(24)

where, Req = Rac. The cross coupling coefficients between the output of the inverter and input of the
rectifier side for the real and imaginary part can be expressed as the following,

ks =
2ITs
π Ip

, kc =
2ITc
π Ip

krs = krc = − 4
π

nVo

Ip

ITs ITc

I2
p

R′
s =

4
π

nVo

Ip

I2
Tc
I2
p

sin
(π

2
ωn

)

R′
c =

4
π

nVo

Ip

I2
Ts
I2
p

sin
(π

2
ωn

)

(25)

where, Ip =
√

I2
Ts + I2

Tc.
The equivalent circuit of small signal model of three-level LLC including both frequency and duty

controlled terms are given in Figure 4.

ˆgv ĝi înv

ŝi
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Figure 4. Equivalent small signal model for both duty and frequency controlled LLC converter.
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3.2. Equivalent Circuit for Duty Control to Output

In order to derive duty control to output voltage transfer function the model is Figure 4 must be
further simplified by keeping the terms containing d̂ and v̂o and discarding frequency controlled terms
since the converter operates with a fixed frequency in a duty controlled converter. Again, since the
fixed frequency is equal to the resonant frequency the term ωn becomes one, and from Equation (23)
subsequently the parameter ITc dependent on this term becomes zero. This results into Ims being
zero since it is dependent on ITc as shown in Equation (24). Again, due to the same dependency on
ITc, the terms kc,krs, krc,R′

s become zero from Equation (25). From Equation (15) it is apparent that at
resonant frequency, the value of the magnetizing inductor, Lm doesn’t affect the gain of the converter.
In addition, the output current is dependent on the average value of the resonant current. In order to
simplify the analysis, the controlled voltage sources associated with Lm are discarded. At resonant
frequency the impedance Z can be expressed as,

Z = Ωs {Lr + Lm (1 − ωn)} − 1
ΩsCr

= Lr − 1
CrΩ2

s

= Lr

(
1 − Ω2

r
Ω2

s

) (26)

where, Ωr is the resonant frequency.
At resonant frequency, the impedance Z will also become zero. Consequently, the cosine loop

is decoupled and only the upper loop is taken into consideration. Therefore the model depicted in
Figure 4 is further reduced as shown in Figure 5.

ŝi
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Figure 5. Simplified equivalent circuit for deriving duty control to output voltage transfer function.

Applying KVL to both the loops at the right and left, the following equations are obtained:

−Vg

2
cos

(
Dπ

2

)
Ωsd̂ + sLeîs + 2ks sin

(
Dπ

2

)
ΩsV̂o = 0

ksîs

(
sCf RL + 1

sCf

)
= v̂o

(27)

By solving the Equation (27), the transfer function of variable duty cycle control to output voltage
is derived as the following:

v̂o

d̂
=

(s + 1)
{

ks
Vg

2
ΩsRLCf cos

(
Dπ

2

)}

s2LeCf + s
{

2k2
s sin

(
Dπ

2

)
RLCf Ωs

}
+ 2k2

s sin
(

Dπ

2

)
RLCf Ωs

(28)
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Evidently from Equation (28), the transfer function is of second order unlike the frequency
controlled converter which is of third order and the output is dependent on the values of D, Ωs, RL, Cf
and Vg. The obtained transfer function is verified through simulation and an output voltage controller
is designed shown in the following in section.

4. Simulation Verification & Controller Design

The proposed circuit schematic was simulated using the PSIM simulation software. The parameters
of the converter are given in Table 1.

4.1. Simulation Results of Steady State Characteristics

The simulation results are obtained to observe the dependency of the steady state operations with
variable duty and load. The simulation results at different duty cycle and load conditions are shown
in Figure 6. As can be seen from Figure 6a–c the currents ILr and ILm increases linearly till t1 and ILr
decreases from that time onward. The shape of VCr is sinusoidal and reaches a positive/negative peak
at the end of each positive/negative half cycle. When the duty cycle is increased in Figure 6b the
interval T2 and T3 decreases since the interval T1 is directly proportional to the duty cycle term and
each half cycle is the sum of the three intervals. Again in Figure 6c, at low load condition, the resonant
current drops to the ILm quickly compared to high load condition and circulates around the resonant
tank. All the key waveforms of the converter are dependent on both duty cycle and load which
increases the non-linearity of the equations. In addition, as can be seen from Figure 6, ZVS is achieved
in all conditions of duty and load.

The simulation is also carried out to check the output sensitivity for resonant and magnetizing
parameters. The parameters from Table 1 are increased and decreased in order to observe the change
in output as a result of degradation of parameters. The duty is kept to 0.3 with respect to S2 and S3 and
the value of load resistance is 30 ohm. When the parameters are as given in Table 1, the value of peak
resonant current ILr is 11.9 A, the peak magnetizing current ILm is 1.5 A, the peak resonant capacitor
voltage VCr is 113.8 V whereas the output voltage is 114.6 V. The increase in values resonant parameters
will result in a lower resonant frequency and decrease in values will cause the opposite. When the
resonant inductor Lr is replaced by a value of 26.565 μH and that of resonant capacitor Cr is changed
to 105 nF and the magnetizing inductor is kept at 170 μH, the peak ILr is decreased to 11.1 A and the
peak of VCr is decreased to 103.42 V resulting in a output voltage of 110 V. Again, when Lr is decreased
to 24.12 μH and Cr is decreased to 95 nF, the output scenario is reversed. The peak ILr is increased to
12.2 A whereas the peak of VCr rises to 125.86 nF. The output voltage is increased to 119.43 V. The peak
of ILm decreases to 1.45 A and increases to 1.63 A in respective cases. When only Lm is changed keeping
the resonant parameters same as Table 1, the peak value of is increased to 1.6 A for the inductor value
161.5 μH and decreased to 1.4 A for for the inductor value 178 μH. However, the output voltage is not
affected by the slight change in the value of magnetizing inductor. The waveforms remain undistorted
in every case and is shown in Figure 7a–d respectively.

Table 1. Simulation parameters of the proposed three-level LLC Converter.

Components Vdc Lr Cr Lm fs = fr C1, C2 n Cf

Value 500 25.3 100 170 100 470 1 68
Unit V μH nF μH kHz μF - μF
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Figure 6. Simulation results for steady-state operations of three-level LLC converter operating on input
voltage at 500 V: (a) D = 0.3, RL = 30 Ω; (b) D = 0.5, RL = 30 Ω; (c) D = 0.5, RL = 100 Ω.
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Figure 7. Simulation results for (a) Lr = 26.565 μH, Cr = 105 nF, Lm = 170 μH; (b) Lr = 24.12 μH, Cr = 95 nF,
Lm = 170 μH; (c) Lr = 25.3 μH, Cr = 100 nF, Lm = 161.5 μH; (d) Lr = 25.3 μH, Cr = 100 nF, Lm = 178 μH.
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4.2. Simulation Verification of Small Signal Control to Output Transfer Function & Controller Design

The transfer function obtained in Equation (28) is verified by simulation through MATLAB
software with the same parameters as given in Table 1, which generates a numerical transfer function.
The bode plot of the analytical and numerical transfer functions are shown in Figure 8.
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Figure 8. Verification of the analytical transfer function with MATLAB software simulation.

Figure 8 shows a good match between the obtained analytical and simulation transfer function.
Both the transfer functions are of second order and contains two poles and one zero. The phase margin
of the analytical transfer function is 90.2◦ at 90 kHz and that of the numerical transfer function is 90.1◦

at 50 kHz. Both the bode plots show an infinite gain margin which states that the loops are stable.
However, the bandwidth is very high to implement a voltage controller. Setting the desired phase
margin 70 and overshoot <10%, a PI compensator is designed by adding an extra zero to the root locus
plot and further tuning. The transfer function of the compensators for the analytical and simulated
transfer functions are given below:

C (s) = 0.000062754
(

s + 0.0000295
s

)
, (29)

The uncompensated and compensated systems are plotted in Figure 9.
The bode plot of the compensated system shows a reduced bandwidth at the desired phase

margin for both the analytical and simulation transfer function. The compensated transfer function
is implemented as a simple PI controller transfer function to regulate the output voltage with a duty
controlled signal. In a 3 level LLC converter, the expression for the gain is given by 2Vo/Vdc and since
the operating frequency is equal to the resonant frequency, the gain cannot be higher than 1. Thus, the
applied reference voltage must be equal to half or less than half of the input DC source voltage.

After the implementation of the PI compensator the simulation results are generated.
Firstly the controller results are verified for a fixed reference voltage. The simulation result of

control signal, reference voltage, output voltage and output current is shown in Figure 10. For a 500 V
input dc source, a 200 V reference was used as a reference voltage at 20 A load. The control signal is at
first clamped at 0.5 which drops to 0.4 in accordance with the reference voltage.

The controller results are also checked for parameter sensitivity. Since slight variation in Lm

doesn’t affect the output voltage, only resonant parameters are varied and shown in Figure 11. The Lr
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and Cr values are changed to 26.565 μH and 105 nF respectively for the controller results shown in
Figure 11a. Again, the values are altered to 24.12 μH and 95 nF for the output presented in Figure 11b.
In both the cases, the output can follow the reference.

A step value of 20 V was added to 200 V reference after 0.005 s to the converter when the input
voltage source was of 500 V. The duty control signal increases and reaches to 0.4 simultaneously with
the output voltage to follow the applied reference voltage of 200 V. As the step reference value is added
after 0.005 s the duty controlled signal output follows the voltage reference. The duty cycle increased at
0.005 s from 0.4 to 0.44 and so does the output current.The controller can be further verified for varied
load resistance for different input DC voltage for the controlled converter. The simulation results for
added reference voltages and load resistances are presented in Figure 12.

Figure 12b shows the simulation output of added load resistance after 0.005 s from the beginning
of simulation which results in a slight drop in the output voltage at that instant. For both Figure 12a,
and Figure 12b, the output follows the reference input.
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Figure 9. Bode plot of PI tuned compensated system compared to the uncompensated system.
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Figure 11. Controller outputs for (a) Lr = 26.565 μH, Cr = 105 nF, Lm = 170 μH; (b) Lr = 24.12 μH,
Cr = 95 nF, Lm = 170 μH.
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Figure 12. Controller outputs for (a) Varied reference voltage; (b) Varied load resistance.
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The reduced small signal model is of second order, unlike the three order model for switching
frequency control to output voltage and can be implemented with a simple PI compensator. To further
validate the simplicity of the voltage regulation through duty control, the steady state waveforms are
compared with the frequency controlled waveforms. The parameters of the converter are the same as
listed in Table 1 and the value of the load resistance is kept at 50 Ω. In order to obtain a desired output
voltage of 120 V, input and output signals of both duty control and frequency control method in steady
state are presented in Figure 13.
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Figure 13. Steady state waveforms of (a) Frequency controlled; (b) Duty controlled three-level
LLC Converter.

Figure 13a shows the converter waveforms when the switching frequency is varied. To achieve a
voltage as low as 120 V, the converter has to operate at a very high switching frequency. In this case,
the switching frequency is required to regulate the voltage at 120 V is 340 K which is 3.4 times the
resonant frequency of the tank. The high switching frequency can cause switching loss and decrease
in efficiency. Moreover, the parameters of the converter should also be should be suitably optimized
for frequency control for operating at wide range of frequencies. Further control methods have to be
applied to obtain the desired output voltage at a reduced switching frequency. As the lighter load
condition is approached, the required switching frequency becomes higher which ultimately results in
large switching loss without ZCS of the rectifier diodes D3∼D6. However, the duty control method is
rather simple to implement and the desired output voltage can be achieved. The waveforms of duty
controlled converter are presented in Figure 13b. In this case, the duty cycle value is tuned at 0.27 with
respect to the switches S2 and S4. If the load is further decreased, the applied duty cycle must be of
greater value to get a lower output voltage than Vdc/2. Although both the duty control and frequency
controlled outputs are dependent on load condition, the desired voltage for duty controlled converter
can be achieved at the fixed switching frequency, only by adjusting the duty cycle. Thus the control is
much simpler and causes minimum switching loss. The soft switching conditions are maintained at
almost all load conditions. The optimization of parameters of the converter is not also as crucial as for
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the frequency controlled three-level LLC. converter. Therefore, the proposed topology can be regarded
as a superior method in terms of simple and convenient control.

5. Conclusions

The proposed circuit topology of three-level duty controlled LLC converter is presented in
this paper for a potential EV charger application. The modulation technique is rather simple and
no additional component or circuitry has been required for controlling the output. The operating
regions are discussed and the steady state equations of the respective regions are derived. The steady
state waveforms are observed through simulation for different duty cycle and load resistance values.
Using the EDF concept, a linearized small signal equivalent circuit is modeled for duty control to
output voltage and a reduced second-order transfer function is derived. The transfer function is
verified through simulation and compensated to design a voltage controller. The controller outputs
are obtained for varying step reference voltage and load resistance to validate the controller design.
Finally, the steady state conditions between the variable frequency control and variable duty cycle
control are presented. Contrary to the frequency control method, the voltage can be regulated by
changing the duty cycle only while the converter operates at the resonant frequency, making the
proposed topology much simpler to implement.
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Abbreviations

The following abbreviations are used in this manuscript:

Vdc Input dc source voltage
VT Primary side voltage
C1, C2 Input side capacitors
D1, D2 Clamping diodes at the input
D3 ∼ D6 Rectifier diodes
S1 ∼ S4 Switches
ωr Resonant angular frequency
ωs Switching angular frequency
ωm Angular frequency due to magnetizing inductor
fr Resonant frequency
fm Frequency due to magnetizing inductor
n Turns ratio
fs Switching frequency
d Duty cycle
t time
M Voltage gain
Lr Resonant inductor
Cr Resonant capacitor
Lm Magnetizing inductor
Lm Magnetizing inductor
Cf Output capacitor
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RL Load resistance
Ts Switching period
Z0 Normalized tank impedance at resonant frequency
Z1 Normalized tank impedance at magnetizing frequency
Rac ac equivalent resistance
m Lm/Lr

Q Quality factor
ILr Resonant inductor current
ILm Magnetizing inductor current
VCr Voltage across resonant capacitor
VLm Voltage across magnetizing inductor
Vo Output voltage
Io Output current
Vsec Secondary side voltage
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Abstract: This paper describes the design of a Series-Connected Device based on a fixed–frequency LLC
resonant converter (SCDLLC). Isolation of the dc-dc converter like the LLC resonant converter is used
for the stability of the high voltage system such as a solid-state-transformer (SST). The series-connected
devices driving method is one of the methods applicable to a high voltage system. When driving
series-connected devices, an auxiliary circuit for voltage balancing between series-connected devices
is required, which can be simply implemented using a passive element. In this paper, LLC converter
design with balancing circuits configured in parallel with a device is provided, and both the simulations
and experiments were performed.

Keywords: solid-state-transformer (SST); isolation dc-dc converter; LLC resonant converter;
series-connected devices

1. Introduction

Recently, with new technologies such as smart grid and DC distribution, SST have emerged. SST
connects directly to the grid instead of the traditional transformers to perform a variety of roles such
as power factor correction and DC distribution. Therefore, SST should be able to cope with the high
voltage of the grid, so that the various studies can be conducted [1–8]. To cope with high voltage, a
multi-module converter (MMC) or a series-connected switching devices method has been studied.
Figure 1 shows the difference between MMC and the series-connected device method.

 
(a) (b) 

Figure 1. Comparison structure between MMC and the series-connected devices-based converter. (a)
MMC; (b) series-connected devices-based converter.

Energies 2020, 13, 264; doi:10.3390/en13010264 www.mdpi.com/journal/energies145



Energies 2020, 13, 264

MMC is a structure that increases the front of the circuit by stacking the circuit in series, which
is relatively easy to expand, and has the advantage of reducing filter size by increasing the Power
Conversion System (PCS) voltage level. But, since there is a separated DC link voltage, it is necessary
to control and balance the separated DC link voltage. In addition, all individual devices should be
controlled as the number of modules increases, which requires a digital computing device with many
Pulse Width Modulation (PWM) channels. On the other hand, the series-connected devices behave like
a single device, so even if many devices are connected in series, no digital computing device with many
PWM channels is required. Furthermore, due to the series-connected devices, PCS does not have the
separated DC link voltage. No additional control method is needed for DC link voltage balancing. On
the other hand, because the output voltage level of series-connected devices based on PCS decreases,
the filter size is larger than the MMC method. In addition, there is an issue with a switch voltage
imbalance between the series-connected switches.

According to References [9–16], there are various reasons for causing a voltage imbalance. The
first reason is the error of the gate driver. The gate driver is composed of various passive components
and semiconductor devices like Negative, Positive, Negative (NPN) and Positive, Negative, Positive
(PNP) transistors. Errors in devices of the gate driver cause an unbalance in the gate signal, which
causes an imbalance in the voltage across the series-connected devices. The second reason is the error
of parasitic components of the device itself. The error of the output capacitor of devices affects the
switching speed and causes a voltage imbalance. The third reason is the parasitic capacitor from gate
to ground of each device.

To solve voltage imbalance, various studies have been conducted [9–16]. In Reference [9], Active
Gate Driver using Field Programmable Gate Array (FPGA) with RCD (Resistor, Capacitor and Diode)
snubbers across each device method for balancing was proposed and tested. In the documents, the
three-phase half-bridge inverter was built in 12-series connected Insulated Gage Bipolar Transistor
(IGBT) and verified at a rated current within ±10 kV DC-link. In Reference [12], an active gate driver
using a current mirror with a steady-state balancing resistor was proposed and performed. The
steady-state voltage imbalance is reduced by the balancing resistor, and the transient imbalance was
solved by the analog gate controller used a current mirror. In Reference [14], the voltage balancing
method with only passive components using a single gate driver unit was proposed. In the documents,
experimental verifications were applied to the DC circuit breaker with a 1.2 kV bus voltage. It was
confirmed that it is possible to cope with the high voltage system by using a series connection element
applied to various methods.

In a high voltage system, like SST, isolated converters are needed to increase the stability of the
system and grid. Isolated converters are one of the necessary converters for SST regardless of MMC
or series-connected devices. There are many types of isolated converters such as Dual-Active-Bridge
(DAB), Quad-Active-Bridge (QAB), and LLC Converter. A fixed-frequency resonant converter conducts
zero voltage switching (ZVS) over a wide frequency range and provides the advantages of high efficiency
and high-power density.

In this paper, fixed-frequency LLC resonant converter-based series-connected devices is proposed.
In order to cope with a high voltage, a series-connected device based on PCS was applied and an R-C
snubber was applied to solve the voltage imbalance between series-connected devices. In conclusion,
this paper examined the effect of R-C snubber applied to the LLC converter to solve the voltage
imbalance. The proposed converter consists of a full-bridge inverter. Unlike the usual full-bridge
converter, the proposed converter consists of eight devices, as shown in Figure 1b. The operation of
the SCDLLC converter with a balancing circuit is described. This paper is structured as follows. In
Section 2, imbalance factors of series-connected devices are described and a balancing method using
passive elements is expressed. In Section 3, a configuration method of the LLC converter considering
series-connected devices is explained. In Sections 4 and 5, a 3-kW prototype model is manufactured
to verify the usefulness of the proposed system and the simulations and experiments are performed.
Lastly, in Section 6, we discuss experimental results and conclude the paper.

146



Energies 2020, 13, 264

2. Design of Series-Connected Devices Balancing Circuit

Figure 2 depicts the series-connected device with various factors that cause a voltage imbalance.
Gate signal mismatch can occur due to an error of the device’s parasitic capacitor, unbalance of the gate
signal due to a gate pattern, and an error of the parasitic capacitor from gate to ground, which causes
an unbalance of voltage across the device. Furthermore, the voltage imbalance of devices increases the
stress and can cause damage to the device. In this section, in order to prevent damage to the device,
the voltage balancing method of the series-connected devices was analyzed using passive components.

Figure 2. Voltage imbalance factors in series-connected devices.

Passive snubbers implemented by passive devices (C, RC, RCD, etc.) are used for voltage balancing
circuits. Voltage imbalance of devices is somewhat limited by placing the passive snubber circuit
between drain to source. The use of passive snubber circuits reduces the switching speed of devices
and the voltage imbalance due to a gate signal imbalance. Figure 3 shows series-connected devices
with passive balancing circuits. The snubber circuit composed of a steady-state balancing resistor (Rbal)
and a transient state balancing capacitor (Csnub, Rdamp).

Gate
Driver

Cdg

Cgs

Cds

Gate
Driver

Csnub

Rdamp

Rbal

Figure 3. Structure of voltage balancing circuits in series-connected devices.

The steady-state balancing resistors operate when the switch is fully turned-off. If the steady-state
balancing resistors are small, the devices are well balanced. However, the power dissipation of
balancing resistors increased, which requires the use of higher-rated resistors. Conversely, If the
balancing resistors are big, the power dissipation of balancing resistors decrease. However, there is a
high probability that voltage balancing between series-connected devices will fail. Therefore, when
designing the balancing resistor, the leakage current of the device should be considered. Steady-state
resistance are calculated below.

vds
10× ileakage_max

< Rbal <
vds

10× ileakage_min
(1)
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The transient state balancing circuit (Csnub, Rdamp) operates when the switch is a turn-on state and a
turn-off state. Csnub is selected considering the parasitic capacitor of the device. To avoid imbalance by
parasitic capacitor errors of the devices, attach a balancing capacitor with negligible parasitic capacitors
of a device. If snubber capacitance is big, voltage unbalance during the transient will be stabilized, but
switching speed will decrease and switching loss will increase. If the snubber capacitance is small, the
snubber capacitors cannot perform proper balancing. Rsnub works as a damping resistor. The inrush
current of the snubber capacitor at the switching state is limited by Rsnub. Therefore, Rsnub is selected
by the current rating of the snubber capacitor. In addition, when calculating the Rsnub value, a time
constant (τ = RC) and switching frequency (fsw) should be considered. A large time constant reduces
the switching speed, increases switching losses, and also hinders soft switching of the LLC converter.

3. Design of LLC Converter

Figure 4 depicts the series-connected SiC MOSFETs LLC Converter with voltage balancing circuits.
Generally, the output capacitance of the switching device should be considered in the design process.
However, in this case, Snubber capacitors are added in parallel with the series-connected devices for
voltage balancing. The output capacitor should be discharged during deadtime for a sufficient Zero
Voltage Switching (ZVS) effect. Therefore, the snubber capacitor should be considered when designing
an LLC converter. Except for the snubber capacitor, the others process of the designed LLC converter
are followed by the general LLC converter design process in References [17,18].

vpri

Lr_pri

Lm

Cr

Lr_secNp : Ns

Q1

Q4

Q2

Q3

iLr_pri iLr_sec
+

-
vsec

+

-

+

-

Vo

+

-

Vin

Figure 4. Series-connected devices-based LLC Converter with a voltage balancing circuit.

Figure 5 shows theoretical waveforms of the conventional LLC converter. For simplifying it to
analyze, some assumptions are made as follows.

• There is no error of parasitic elements of a switching device;
• Gate drivers are all ideal, and there is no time delay between series-connected devices due to the

gate driver.

The gate signals of devices are off during the deadtime (tdead) interval. The magnetizing current
and resonant current become the same during the deadtime. During the deadtime, inductor current
flows through the antiparallel diode of the switch and discharges the parasitic output capacitor of the
switch. Then, the switch turns on after zero voltage is formed by the discharged output capacitor so
that soft switching is possible. The equation of minimum deadtime and magnetizing inductance for
soft switching is calculated below.

tdead ≥ 16Coss fswLm (2)
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Equation (2) represents that the ZVS is related to the magnetizing inductance of the high
frequency transformer (HF transformer) and the output capacitance of the switch. As mentioned in the
previous section, Snubber capacitors are required for voltage balance between series-connected devices.
Therefore, when manufacturing the LLC converter with balancing circuits that are connected in parallel
to each device, balancing circuits should be considered. This is not a parasitic component of the switch.
After that, the rest process design of an LLC converter follows the conventional design process.

Figure 5. Switching state and resonant (iLr_pri), magnetizing current (iLm) of the transformer.

Figure 6 shows the equivalent circuit of an LLC converter. To design LLC, the converter is
described as follows [3–9].

n =
Np

Ns
(3)

m =
Lr+Lm

Lr
(4)

fr =
1

2π
√

LrCr
(5)

Fx =
fsw

fr
(6)

Rac, min =
8
π2 ·

N2
p

N2
s
·Ro (7)

Qmax =

√
Lr/Cr

Rac,min
(8)

where Np and Ns means the turn ratio of the transformer and Ro is the load resistance. Furthermore,
fsw is the switching frequency, fr is the resonant frequency, and the Rac is the reflected load resistance.
Therefore, the voltage gain of the resonant tank is defined below.

K =

∣∣∣∣∣∣Vo_ac(s)
Vinac(s)

∣∣∣∣∣∣ =
F2

x(m− 1)√(
m·F2

x − 1
)2
+ Fx2

(
F2

x − 1
)2
(m− 1)2Q2

(9)

where Vo_ac (s), Vin_ac (s), Q, m, and Fx are the vin_ac, vo_ac, the quality factor, the ratio of the total primary
inductance to resonant inductance, and the normalized switching frequency, respectively. Figure 7
shows voltage gain according to different m and Q factors. In the figure, as the m factor decreases, the
voltage conversion ratio is extended. However, according to Equation (4), a low m factor requires low
magnetizing inductance Lm. Thus, magnetizing current increases. It means that the conduction loss of
magnetic components is increased. In terms of the Q factor, the Q factor is related to the load. The high
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Q value means heavy load conditions and the low Q value means light load conditions. Therefore, it is
important to set the Q value at the rated load. Thus, a voltage gain of an LLC converter is related to m
and Q factors.

Figure 6. Equivalent circuit of the LLC resonant tank.
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Figure 7. Voltage gain according to different m and Q factors.

4. Simulations and Simulation Results

In order to verify the series-connected devices-based LLC converter, simulation was conducted by
Power Sim (PSIM) and Linear Technology spice (LTspice).

4.1. Voltage Balancing Simulation

Figure 8 shows the simulation circuit of voltage balancing. Table 1 shows the parasitic value
of components of experiment setup and Table 2 shows the parasitic value of device itself. Voltage
balancing simulation was performed by LTspice. Parasitic values of devices were added arbitrarily,
and voltage balancing simulation was performed depending on whether the snubber circuit was used.

Table 1. Parameters of the voltage balance test circuit.

Parameters Values

Input voltage (VIN) 1000 V
Gate driver parasitic inductance (Lg1) 1 pH
Gate driver parasitic inductance (Lg2) 1.2 pH
Parasitic output capacitance (Coss_1) 170 pF
Parasitic output capacitance (Coss_2) 100 pF

Inductor (L) 3 mH
Voltage balancing resistor (Rbal) 1 MΩ

Damping resistor (Rsnub) 5 Ω
Voltage balancing circuits capacitor (Csnub) 1 nF

Table 2. Parameter of the selected device (C2M0040120D).

Parameters Minimum Type Maximum

Leakage current x 1 μA 100 μA

Output capacitance 150 pF
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Figure 8. Multi-pulse test circuit for voltage balancing simulation.

Figure 9 shows the simulation results with and without balancing circuits. Without balancing
circuits, simulation results show that the voltage balancing between series devices did not converge,
and the voltage imbalance increased as the inductor current increased. On the other hand, with
balancing circuits, voltage imbalance is somewhat reduced, and the imbalance range is maintained
even with the increased inductor current.
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Figure 9. Multi-pulse test simulation result: (a) without balancing circuits and (b) with balancing circuits.

4.2. LLC Converter Simulation

The LLC converter simulation was conducted on the assumption that voltage imbalance did
not occur. The simulation model is shown in Figure 10. Table 3 gives the parameters of the system.
An isolated HF transformer can be described as an ideal transformer, magnetizing inductance, and
leakage inductance in simulation. In Figure 10, the model of the HF transformer of the LLC converter
consists of magnetizing leakage inductance and an ideal transformer, which has a 10:4 transfer ratio.
Lm means the magnetizing inductance of the fabricated HF transformer. Lr_sec means the secondary
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side leakage inductance of the HF transformer. Lr_pri means the primary side leakage inductance of the
HF transformer, which is the sum of the leakage inductance of the HF transformer itself and the added
inductance on the outside. In addition, Cr means the resonant capacitor. Resonant capacitors work as a
resonant tank with Lr_pri. Therefore, the resonant frequency of the LLC converter is determined by the
resonant capacitor and the primary leakage inductance of the transformer. Figure 11 shows the voltage
gain curve according to the load of the proposed converter.

Figure 10. Simulation circuit of series-connected devices based on the LLC converter with a voltage
balancing circuit.

Table 3. Parameters of simulation.

Parameters Values

Input voltage (Vi) 1000 V
Output voltage (Vo) 400 V

Power 3000 W
Resonant frequency (fr) 100 kHz

Switching frequency (fsw) 100 kHz
HF transformer turn ratio (primary: secondary) 10:4

Primary leakage inductance (Lr_pri) 129 μH
Primary resonant capacitor (Cr) 20 nF

Magnetizing inductance (Lm) 302 μH
Secondary leakage inductance (Lr_sec) 2.598 μH

Primary resistance (Rpri) 0.135 Ω
Secondary resistance (Rsec) 0.110 Ω

Deadtime 500 ns

Figures 12 and 13 show the simulation results of the LLC converter. Figure 12 shows the switching
voltage and channel current of the MOSFETs. In the figure, vds_Q1, vds_Q2, vds_Q3, and vds_Q4 represents
the drain to source voltages and iQ1, iQ2, iQ3, and iQ4 represents the current of devices. In the figure,
the channel currents increase after the devices are fully turned on. It means ZVS is achieved. Figure 13
shows the input/output voltage and the current of the HF transformer.
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Figure 11. Voltage gain graph of the LLC converter according to a different load.
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Figure 12. Switching waveform of the drain-source voltage and MOSFET current of the LLC converter.
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(f) simulation at 3000 W.
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5. Experiments and Experimental Results

The proposed circuit verified by simulation was tested through experiments. Figure 14 shows the
experimental configuration of the proposed LLC converter using a 1200-V SiC MOSFET (C2M0040120D,
Cree) and 1200-V SiC Schottky Diode (C4D20120D, Cree). Experimental specifications are shown in
Table 3. Before the verification of series-connected devices based on an LLC converter, a multi-pulse
test is conducted to verify voltage balancing between series-connected devices.

Series connected 
Full Bridge Converter

Full Bridge Rectifier

HF TransformerLeakage inductor

Resonant capacitor

Figure 14. Hardware configuration for a series-connected LLC converter.

5.1. Voltage Balancing Experiment

Voltage imbalance was tested through a multi-pulse test. The experimental setup is shown in
Figure 8. The experiment parameters are represented in Table 1.

Figure 15 shows the experimental results without balancing circuits and with balancing circuits.
Compared with the simulation results, the trend tends to be different. In the simulation, the factor
of voltage imbalance reflects the unbalance of the device’s parasitic and the delay of the gate signal.
However, according to Reference [12], the parasitic capacitor from gate to ground one of the important
factors contribute to a voltage imbalance. In addition, this factor was not reflected in the simulation.
Although practical experiments, with the parasitic capacitors considered from gate to ground, the
voltage imbalance converges to a steady state through snubber circuits selected by simulation. It
means that, if the unbalance voltage does not exceed the rated voltage of the switch, the switch can be
regarded as a stable operation with selected balancing circuits by simulation.
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Figure 15. Experimental results of the voltage imbalance test: (a) without balancing circuits and (b)
with balancing circuits.

5.2. Double Pulse Test

As mentioned in the previous section, an added snubber circuit for voltage balancing slows down
switching speed and increases switching loss. In this section, a Double Pulse Test (DPT) was conducted
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to analyze switching losses with and without snubber circuits. The experimental setup is shown in
Figure 16 and parameters are shown in Table 4. Balancing snubber parameters are shown in Table 1.

  

(a) (b) 

Figure 16. Double pulse test circuits: (a) without balancing circuits and (b) with balancing circuits.

Table 4. Parameters of the double pulse test.

Parameters Values

Input voltage (VIN) 500 V
Inductor (L) 1.5 mH

DPT was conducted when the DC-link is 500 V. Figure 17 shows DPT results. According to
Figure 17, both turn-on and turn-off losses increased with snubber circuits. However, the proposed
LLC converter operates ZVS turn-on at all loads. The turn-on loss can be negligible.

 

(a) (b) 

Figure 17. Switching loss comparison according to the switch current: (a) without balancing circuits
and (b) with balancing circuits.

5.3. LLC Converter Experiment

Based on the balancing circuit’s value selected through simulations and a multi-pulse test, the
series-connected devices based on the LLC converter experiment was conducted. Figure 18 shows
the main waveforms of the proposed LLC converter according to the load. In the figure, vpri and vsec

represent input/output voltage of the HF transformer, iLr_pri and iLr_sec represent input/output current
of the HF transformer, according to the load. As shown in the previous section, experimental results
were well matched with simulation results.
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Figure 18. Experimental results of the input voltage vpri and output voltage vsec of transformer and
resonant current of the primary side iLr_pri and the secondary side iLr_sec. (a) Simulation at 500 W, (b)
simulation at 1000 W, (c) simulation at 1500 W, (d) simulation at 2000 W, (e) simulation at 2500 W, and
(f) simulation at 3000 W.

Figure 19 shows vqs_1, vqs_2, and vgs at the rated power. vqs_1, vqs_2 represent the drain to
source voltage of each device connected in series at the rated power. Voltage balancing between
series-connected devices did not diverge, and both switches connected in series had achieved ZVS
operation. Figure 20 shows the efficiency of series-connected devices-based LLC converter. The
maximum efficiency was measured at the rated load.
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Figure 19. Experimental results of series-connected devices voltage vq3_1, vq3_2, and vgs at the rated load.
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Figure 20. Efficiency of series-connected devices-based LLC converter.

6. Conclusions

This paper describes the design consideration of the fixed frequency LLC converter considered
balancing circuit of series-connected devices circuit. In the introduction, the reason for the imbalance
voltage across the series-connected devices was described and discussed the need of an LLC converter.
The proposed converter consists of a series-connected devices-based LLC converter.

In order to verify the proposed converter, a series-connected devices-based voltage balancing
experiment and the series-connected devices-based LLC converter was performed. The snubber
circuit, which is the simplest method among the various methods for voltage balancing, was applied
and the switching loss comparison and voltage balancing test was performed according to snubber
circuits. Furthermore, based on the snubber circuits-designed simulation and experiments, 3 kW
series-connected devices-based LLC converter was fabricated and verified. Through the experiments,
the voltage balancing between series-connected devices and soft switching operation of the proposed
converter are verified. The efficiency of a fabricated converter was measured 95.12% at 3 kW load.
When the series-connected based LLC converter is fabricated with balancing snubber circuits, it is
confirmed that the LLC converter design is necessary considering the balancing snubber, and the
experimental results confirm that the consideration is valid.
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