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Preface to “Antennas and Propagation”

Antennas are essentially transducers, as they convert electromagnetic fields into signals and
vice versa. Moreover, remote sensing or sensor networks cannot be imagined without antennas, and
radiowave propagation in complex environments is a crucial aspect for the operation of such systems.
New technologies, such as 5G, generate further perspectives for sensor networks and raise additional
challenges for antenna design.

This Special Issue gathers topics of utmost interest in the field of antennas and propagation, such

as:

New directions and challenges in antenna design and propagation;

Innovative antenna technologies for space applications;

Metamaterial, metasurface and other periodic structures;

Antennas for 5G; and

Electromagnetic field measurements and remote sensing applications.

We originally invited the authors who contributed to the 2020 International Workshop on
Antenna Technology, held in Bucharest (Romania) on 25-28 March, to submit thoroughly extended
versions of their work. Surprisingly, half of the submissions to the Special Issue through the deadline

were not conference paper extensions, but completely new contributions.
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Antennas are essentially transducers, as they convert electromagnetic fields into sig-
nals and vice versa. Moreover, remote sensing or sensor networks cannot be imagined
without antennas, and radiowave propagation in complex environments is a crucial as-
pect for the operation of such systems. New technologies such as 5G generate further
perspectives for sensor networks and raise additional challenges to antenna design.

This Special Issue gathers topics of utmost interest in the field of antennas and propa-
gation, such as:

e  New directions and challenges in antenna design and propagation;
Innovative antenna technologies for space applications;
Metamaterial, metasurface and other periodic structures;

Antennas for 5G;

Electromagnetic field measurements and remote sensing applications.

We originally invited the authors who contributed to the 2020 International Workshop
on Antenna Technology, held in Bucharest (Romania) on 25-28 March, to submit thoroughly
extended versions of their work. Surprisingly, half of the submissions to the Special
Issue through the deadline were not conference paper extensions but completely new
contributions.

1. Summary of the Special Issue
1.1. New Directions and Challenges in Antenna Design and Propagation

A slot-fed terahertz dielectric resonator antenna driven by an optimized photomixer
is proposed in [1], and the interaction of the laser and photomixer is also studied. It is
demonstrated that, in a continuous wave terahertz photomixing scheme, the generated
THz power is proportional to the fourth power of the surface electric field on the photocon-
ductive layer. The total efficiency was considerably improved due to enhancements in the
laser-to-THz conversion as well as the radiation and matching efficiencies.

In Ref. [2], radio transmission and impedance matching in medical telemetry are
investigated. Impedance matching inside a human body is studied both for electric and
magnetic dipoles. The authors demonstrate that the implantation of a magnetic dipole is
more beneficial than that of an electric dipole, as it provides impedance characteristics that
are more appropriate to the human body as an antenna environment.

The simultaneous influence of the substrate anisotropy and substrate bending are
numerically and experimentally investigated in [3] for planar resonators on flexible textile
and polymer substrates. The effects are studied on various resonant structures with
different types of slots and defected ground as well as on fractal resonators.

In Ref. [4], the authors present small, flexible, low-profile and light-weight all-textile
antennas for wearable wireless sensor networks (W-WSNs) and investigate the impact of
the textile materials on the antenna performance. A step-by-step procedure for design,
fabrication and measurement of small wearable backed antennas for W-WSNss is also
suggested.

The work in [5] proposes a random spreading of the scrambled timestamp sequence
(STS) in ultra-wide-band (UWB) pulse communications. The timestamp estimation is
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improved by reducing the side lobes of the correlation. A transmission in a UWB channel
with frequency selective fading shows low timestamp detection errors.

A modified, compact dipole antenna for energy harvesting applications is proposed
in [6]. The design is based on a folded, short-circuited dipole radiator, and three feeding
techniques are investigated. Such antenna configurations show good conversion efficiency
when powering Bluetooth low-energy wireless sensors.

1.2. Innovative Antenna Technologies for Space Applications

In Ref. [7], multibeam antenna systems are proposed with the aim to provide mul-
tispot coverage for broadband satellite communications in the Ka-band. Two multibeam
reflectarrays are used, making it possible to halve the number of required antennas onboard
the satellite.

The work in [8] presents an antenna design that can be used as an array element for
monitoring and detecting radio emissions resulting from cosmic particle interactions in the
atmosphere. The proposed antenna provides a high gain over a large relative bandwidth,
a narrow beamwidth, a small group delay variation and a very stable radiation pattern
between 110 and 190 MHz.

1.3. Metamaterial, Metasurface and Other Periodic Structures

In [9], a new design method for a planar and compact dual-band dipole antenna is
proposed. The antenna has a hybrid CRLH (composite right- and left-handed) structure
with lumped elements for a dual-band operation. A design for 2.4 and 5.2 GHz mobile
applications is presented.

A printed edge-fed counterpart of the Bruce wire antenna array for frequency scanning
applications is presented in [10]. The unit cell of the proposed antenna consists of bowtie
and semi-circular elements that cover a bandwidth between 22 GHz and 38 GHz.

The work presented in [11] focuses on design issues in the implementation of holey
glide-symmetric periodic structures for waveguide-based components. An analysis of
realistic hole structures is performed by using an effective hole depth method that can be
used as a tool for designing electrically large waveguide-based components.

An integration of a microstrip slot antenna array for 5.8 GHz with dye-sensitized solar
cells is proposed in [12]. It is shown that the antenna array has a slight influence on the
solar cell performance, and the interference of the solar cells with the antenna feeding
system is also negligible.

A new slot-based antenna system with horizontal polarization for unmanned aerial
vehicle (UAV) ground control stations (GCS) is outlined in [13]. The proposed antenna
system consists of coaxial cylinders and slots. The vertical slots are periodically placed
around the outer cylinder and generate in-phase, horizontally polarized beams, resulting
in an omnidirectional radiation pattern.

1.4. Antennas for 5G

In Ref. [14], a multiband antenna for microwave and millimeter-wave applications is
presented. The proposed antenna consists of a slotted, conical patch connected to a small
triangular patch. It can be used for wireless local area network (WLAN) applications and
for fifth-generation (5G) communication devices.

In Ref. [15], the authors present a simple, compact and low-cost design method for
low-profile, multi-band antennas. Such antennas can be employed in overcrowded, future
generation networks in the K/Ka band. The proposed antenna structures consist of several
monopoles, one for each operating frequency, along with a frequency selective feeding
network. This concept leads to scalable structures suitable for 5G applications.

In Ref. [16], a small antenna for sub-6GHz 5G communications is proposed. The
design consists of a wide-band antenna connected to a small multiplexer comprising
three metamaterial channel filters. It can be used on channels within three frequency
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bands; channel selection is experimentally demonstrated so as to prove the validity of the
presented design.

1.5. Electromagnetic Field Measurements and Remote Sensing Applications

In Ref. [17], the authors propose an ultra-wide band (UWB) antenna system and
a direction-finding (DF) approach based on using energy-based descriptors instead of
classical frequency domain parameters. The method can be applied for locating electric dis-
charges in high-voltage power distribution systems through their electromagnetic signature
in the radio frequency range.

A calibration method for high-resolution, hybrid MIMO turntable radars is presented
in [18]. A line of small metal spheres is employed as a test pattern in the calibration process
in order to measure the position shift caused by undesired antenna effects. The unwanted
effects resulting from the near-field antenna response are analyzed, modelled and signifi-
cantly mitigated, by exploiting the symmetry and response of the MIMO configuration.

In Ref. [19], the authors show that the distance averaging technique can be applied
to reduce the effect of the common mode currents for measuring the field radiated by
symmetrical antennas. Two measuring configurations are proposed, depending on the
number of symmetry degrees of the antenna under test. A differential approach for
extracting the field created by the common mode currents is also developed.

In Ref. [20], the authors elaborate on how a sensor using modified split ring resonators
(SRRs) can be designed, simulated, fabricated and used for advanced investigation and
accurate measurements of the complex permittivity of solid dielectrics.

The work in [21] proposes a near-field to far-field transformation algorithm based on
spherical wave expansion for near-field RCS measurements. Each weight in this expansion
is calculated by using an iterative least squares QR factorization method. The proposed
NFFFT is verified for several types of scatterers.
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Abstract: This work presents methods for miniaturizing and characterizing a modified dipole antenna
dedicated to the implementation of wireless power transmission systems. The antenna size should
respect the planar dimensions of 60 mm x 30 mm to be integrated with small IoT devices such as a
Bluetooth Lower Energy Sensing Node. The provided design is based on a folded short-circuited
dipole antenna, also named a T-match antenna. Faced with the difficulty of reducing the physical
dimensions of the antenna, we propose a 3D configuration by adding vertical metallic arms on the
edges of the antenna. The adopted 3D design has an overall size of 56 mm x 32 mm x 10 mm
at 868 MHz. Three antenna-feeding techniques were evaluated to characterize this antenna. They
consist of soldering a U.FL connector on the input port; vertically connecting a tapered balun to
the antenna; and integrating a microstrip transition to the layer of the antenna. The experimental
results of the selected feeding techniques show good agreements and the antenna has a maximum
gain of +1.54 dBi in the elevation plane (E-plane). In addition, a final modification was operated to
the designed antenna to have a more compact structure with a size of 40 mm x 30 mm x 10 mm at
868 MHz. Such modification reduces the radiation surface of the antenna and so the antenna gain
and bandwidth. This antenna can achieve a maximum gain of +1.1 dBi in the E-plane. The two
antennas proposed in this paper were then associated with a rectifier to perform energy harvesting
for powering Bluetooth Low Energy wireless sensors. The measured RF-DC (radiofrequency to
direct current) conversion efficiency is 73.88% (first design) and 60.21% (second design) with an
illuminating power density of 3.1 uW/cm? at 868 MHz with a 10 kQ) load resistor.

Keywords: compact antenna; wireless power transmission (WPT); energy harvesting; rectenna;
wireless sensors

1. Introduction

Over the last decades, we have been faced with the miniaturization of electronic de-
vices, especially in the field of wireless systems. The aim is to have multiple functionalities
on an ever-smaller surface area. Recent IoT applications (Internet of Things) tend to employ
tiny and low power electronic components [1]. However, batteries are still widely used for
powering the devices despite their significant size and the frequent need for replacement.
An alternative is using a battery-free system powered by energy harvesting (EH) or wireless
power transmission (WPT), for instance, based on a rectenna circuit.

A rectenna is a combination of a rectifier and an antenna used to scavenge ambient
or specially generated far-field radiofrequency (RF) waves [2]. The implementation of a
rectenna in a battery-free system can allow increasing its lifetime, reducing its manufactur-
ing costs, while ensuring reliable performances for decades. Several kinds of application
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exist, such as, for instance, rectennas, which were developed for a biomedical device pasted
on the human body [3] or used in the IoT domain [4-6].

The antenna is a ubiquitous element in IoT and other wireless applications. However,
the required size stays important due to the important dependence of the geometrical
elements with the targeted wavelength. Several miniaturization techniques are described in
the literature. Structural modification on a Printed Circuit Board (PCB) antenna consists of
acting on the geometry of the antenna or by adding another element on the antenna shape.

In this sense, a coupling element, such as a rectangular ring, can allow a reduction in
size and an increase in bandwidth as presented in [7]. Traditionally, small size antennas
are designed by using meander lines which reduce the resonant frequency [8]. Fractal
geometry is also used to miniaturize antennas [9]. Another possibility is to add reactive
loading elements. This technique is employed in [10] through an LC load (a combination
of a lumped inductor and a distributed capacitor). Miniaturization can also be achieved by
reducing the guided wavelength through the use of a higher permittivity material, such as
a ceramic—polymer composite [11]. Recent research activities were focused on developing
small antennas on metamaterial as presented in [12]. In this paper, we present a miniatur-
ization technique which consists of shaping the antenna to form a three-dimensional (3D)
structure tuned for the Industrial Scientific and Medical (ISM) 868 MHz frequency band.
This configuration allows us to have an electrically small antenna as described in Section 2.
A more compact antenna based on the previous one is designed to compare the trade-off
between size and rectenna performances. Then, Section 3 presents the experimental results
of the fabricated antennas with different feeding methods to validate the use of the U.FL
connector for the next steps. Simulations were carried out on the Ansys HFSS software and
verified with far-field measurements performed in an anechoic chamber. The final section
of this paper describes an original concept of powering a Bluetooth Low Energy Sensing
Node embedded in concrete element with a compact and efficient rectenna design.

2. Design of a Compact 3D Dipole Antenna
2.1. Antenna Miniaturization Methods and the First Design of the Compact 3D Dipole

In this study, we proposed a miniaturized antenna design for WPT applications. An
antenna is a resonant structure with a proper frequency depending on its length. Therefore,
there are size and performance limitations for small antennas [13,14]. The size reduction
imposes a smaller radiation resistance, so a lower radiation efficiency and a bandwidth
limitation. Wheeler defines a electrically small antenna as one defined by the formula
given in Equation (1). It means that the antenna sphere is smaller than the radian sphere,
also defined as Wheeler Cap. A is the wavelength at the operating frequency, k represents
the free-space wavenumber and a is the minimum antenna sphere radius. The choice
of proposing an electrically small antenna should allow us to have an antenna design
in the maximum planar size of 60 mm x 30 mm. Nevertheless, the antenna bandwidth
reduction does not matter with the applications in the ISM 868 MHz frequency band. The
targeted antenna gain is about +1 dBi less compared to a conventional dipole antenna gain

(+2.15 dBi).
27T

k-a <1withk = e 1)

The proposed design is based on a dipole antenna according to its multiple advan-
tages, such as the symmetry of its shape and radiation pattern, its easy and low-cost
fabrication, and the possibility of receiving balanced signals. The required dimensions of
60 mm x 30 mm allow us to have a conventional half-wavelength dipole antenna at 2 GHz,
as presented in Figure 1.

Starting from this antenna at 2 GHz, we had investigated a technique for reducing
the physical dimensions of the antenna without significantly degrading its performances
(+1 dBi less of the gain). The planar structure of the final antenna design on an FR4 substrate
is presented in Figure 2. Overall, a folded dipole antenna designed after size optimization
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(Antenna in Figure 3 stamped “None”) presents a resonant frequency close to 1.12 GHz
regarding the return loss (S11) equal to —5.2 dB.

Input Impedance
100 20 80

|

2.7mmT

|

30 mm

26.65 mm

Z... = 1.1-0.05j
160 £.20 2.07GHz 5.00420 b)

60 mm

170
180 200

-170

\ 120

160 $0.20 5007 20

5 \
\I"\r’“‘ dB(GainTotal)

100 g9 -80

Figure 1. Conventional dipole antenna simulated on the required size dimensions. (a) The input
impedance representation on Smith chart; (b) Half-wavelength antenna dimensions; (¢) Simulated
3D radiation pattern at 2 GHz.

This antenna can be considered as a half-wavelength dipole antenna at 1.12 GHz. The
total length of each folded arm (L; + Wy + Ly =43.4 mm) is closed to the quarter wavelength
(<0.25:Ag = 31.9 mm). Figure 3 presents the width tuning of the inductive shorting loop
to make a T-match structure [15]. The resonance frequency is greatly influenced by the
width and the length of the T-match structure. As seen in Figure 3, the absence of the
T-match structure (None) shows a significant resonant frequency of the antenna higher than
1.12 GHz where the impedance is (17.35 +j-27.3) Q). The shorting line (W = 0) connected
to the two dipole arms downshifts the resonant frequency around 1.07 GHz. Thereafter,
the geometric parameters (W and L) were adjusted to match the input impedance of the
antenna (50 Q)) at lower frequency.

L
—
{rv
B T-Match 3
5 E;
W,
f——— z
L, T—bv <g—>
AA B

Figure 2. Detailed geometry of the compact, T-match dipole antenna on an FR4 substrate
(Lsyp = 56 mm, W, =32 mm, L1 =20.65 mm, W1 =5.95mm, L, =16.8 mm, W, =10.5 mm, L3 = 14 mm,
W3 =9.625 mm, E; = 0.35 mm, E; = 1.05 mm, g = 2.03 mm).
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Figure 3. Evolution of the input impedance (Real and Imaginary parts) as function of the frequency
with various shorting line width (W) values.

The simulated results of the optimization on HFSS software are displayed in
Figures 3 and 4. The return loss (reflection coefficient S11) indicates how much the power
is reflected on the input port when the antenna is excited. A practical criterion for the
antenna (impedance) input matching is generally specified at —10 dBm at least for a ref-
erence impedance of 50 (). As represented in Figure 4, the greater the length (L) of the
short-circuited line, the more the antenna resonates at higher frequency.

-25

I 1 1
1 1.05 11 115 12 1.25 13 1.35 14
Frequency (GHz)

Figure 4. Simulated S11 (return loss) of the antenna for different configurations; L = 10 mm (black),
L =30 mm (blue) and L = 51.4 mm (red).

For the next miniaturization step, the T-match structure parameters were fixed to
those which give the lower resonant frequency (W =4 mm and L = 10 mm). To downshift
the operating frequency obtained from the planar antenna from 1.12 GHz to 868 MHz, a
3D configuration was investigated. The operating/resonant frequency of the antenna can
be downshifted by connecting two metal strands [16]. In our case, two capacitive metallic
arms with a height of 10 mm are vertically connected to the planar antenna with a short
transmission line (Figure 5a). This line’s position at the edge of the planar antenna was
tuned to obtain an operating frequency as close as possible to 868 MHz with a bandwidth
of 30.7 MHz.
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Figure 5. (a) Geometry of the 3D configuration antenna with the connected metallic arms; (b) Simu-
lated 3D gain polar plot at 868 MHz.

In our application at the European ISM 868 MHz frequency band, a narrow band
antenna is not critical. The radiation pattern looks like a doughnut shape and the maximum
simulated gain is +1.5 dBi (Figure 5b).

2.2. Second Miniaturized Antenna Design

In terms of compactness, the previous antenna was modified and two different anten-
nas (Al and A2) were designed, respectively, the unconnected and connected antenna to
the metallic arms. The horizontal arms of the planar dipole are folded in a spline shape to
occupy the blue part display in Figure 6a and reduce the length (L;,;) of the planar antenna.
By the way, the width of the arms was adjusted to the substrate width. This curving
shape was obtained after several optimized simulations, and the size of A2 (represented in
Figure 6b) is only 40 mm x 30 mm x 10 mm.

56 mm

—

| \Y4 |

32 mm

Feed port

30 mm
10 mm 17.2 mm

(@)

(b)

Y mm

Figure 6. Designed antennas on HFSS: (a) The first miniaturized antenna and the second miniaturized
antenna named A2: 3D FDA; (b) 3D polar plot of the radiation pattern of A2 antenna at the resonant
frequency (HFSS results).

The simulations performed show an operating frequency at 1.15 GHz for Al and
868 MHz for A2. However, there is a small gain reduction of 0.4 dBi compared to the
previous designed antenna, so that we still respect the first condition of a maximum +1 dBi
loss on the gain from a conventional dipole antenna. The radiation patterns in the E-plane
and the H-plane are presented in Figure 7.
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Figure 7. Radiation pattern on the E-plane and H-plane at 868 MHz. (a) The antenna first 3D dipole antenna in Section 2.1;
(b) The modified 3D dipole antenna (A2).

3. Characterization of the Designed Antennas

The designed antenna was manufactured in an FR4 substrate with a thickness of
0.8 mm. Dipole antennas require a balanced-unbalanced (balun) circuit or a microstrip
transition for a coaxial measurement. The balun allows canceling the flowing current on
the outside surface of the outer coaxial conductor and then affects the measurement [17].
In the literature, several dipole antenna-feeding techniques were proposed. A microstrip
tapered balun was used as a feeding line in [18] and a microstrip-to-coplanar (CPW) feed
network balun for a flexible bowtie antenna in [19]. On the other hand, in many electronic
devices especially in IoT, a surface mount coaxial U.FL connector is strongly used for
characterization and RF connection for embedded antennas. Its advantages are its low cost,
small size and light weight.

To well characterize our designed antenna, three feeding methods were selected. The
first feeding technique carried in this paper is to use a U.FL connector [20]. The pads of the
connector were soldered on the antenna feeding pads, as seen in Figure 8a. The second
method consists of vertically connecting a designed tapered microstrip balun (Figure 8b).
The last one is a microstrip transition: while one pad of the antenna is connected to a 50 )
transmission line, the other balanced pad is connected to the ground plane (Figure 8c). For
the return loss (S11) and the gain measurements, a compatible coaxial cable was connected
to the vector network analyzer (VNA). The measured return loss is plotted in Figure 9
(by using three different connection methods). They all fit well to each other but present
a 15 MHz frequency shift compared to the simulation. The same frequency shift can be
observed in Figure 10 between simulation and measurement for the curved 3D antenna A2.
Without the two connected arms, the simulated and measured return loss fit perfectly, but
once they are connected, a 50 MHz frequency shift appears. The difference is mainly due
to the soldering effect and the vertical capacitive arms whose dimensions are not perfectly
respected as compared with the simulated ones. The A2 antenna was measured with a
U.FL connector and resonates at 878 MHz, as shown in Figure 10. The measured and
simulated gain in the E-plane are shown in Figure 11.
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Figure 8. (a) Antenna with a U.FL connector named AC; (b) Antenna with connected tapered balun
named ATB; (c) Antenna with integrated microstrip transition named AIT.
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Figure 9. Comparison of the measured return loss (S11) of the D1 antenna with different feeding
methods.

I I I I
0.8 0.85 0.9 0.95 1 1.05 11 115 12 125

Frequency (GHz)

Figure 10. Measured and simulated reflection coefficient of the A1 and A2 antennas.
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Figure 11. Simulated (dashed line) and measured (continuous line) radiation pattern (gain plot in
the E-plane): (a) AC antenna; (b) A2 antenna at the resonant frequency (868 MHz).

Table 1 compares in terms of performances and size some state-of-the-art antennas
and the presented solution operating in ISM 868 MHz or ISM 915 MHz frequency bands.
The proposed compact 3D antenna was implemented on an FR4 substrate that is lossier as
compared with the substrates used by other state-of-the-art designs.

Table 1. Comparison with the different compact antennas for rectenna of IoT devices in the state of the art.

Ref. Freq. (MHz) Type Max Gain (dBi) BW (MHz) Substrate Size (mm X mm X mm)
[21] 878 Dual Band PIFA +1.8-+1.9 80 (855-937) Duroid 5880 80 x 45 (0.03-A2)
[22] 868 UCA PIFA +0.71 23 (857-880) FR4 34 x 80 (0.02-A2)
[16] 915 Slot loaded DB folded dipole +1.87 Not available Arlon 25N 60 x 60 x 60 (0.006-A%)
[23] 868 3D single arm bowtie +0.19 90 Ultralam 50 x 50 x 10 (0.0006-A%)
o ) +1.54 32 (865-897) 56 x 32 x 10 (0.0004-A3)
This work 868 3D modified T-match dipole FR4
+1.1 26 (862-888) 40 x 30 x 10 (0.0003-A3)

BW: Bandwidth, PIFA: Planar Inverted F-Antenna, DB: Dual Band.

4. Rectenna and Wireless Power Transmission Experimentations

The antennas presented in this paper are more compact than the 3D antennas in [16,23],
and exhibit the best tradeoff between size, gain and bandwidth and can be good candidates
for WPT applications. They were integrated in rectennas used for battery-free wireless
sensors embedded in concrete structures [24,25].

The rectifier part is designed using ADS/Momentum software from Keysight. The
circuit is designed on a microstrip coupled transmission line allowing differential feeding
by the dipole antenna (Figure 12). It is composed of a SMS7630-005LF Schottky diode, an
LC matching network (L1-C1) ensuring 50 () input impedance at the input of the rectifier
and a low pass filter formed by a shunt capacitor (C3) and a resistive load (R1). However,
considering the nonlinear behavior of the Schottky diode, the rectifier was designed and
optimized for a low input power of —15 dBm and a 10 k() resistor to emulate the load
(that is the input impedance of the power management unit (PMU)). The simulation result
was performed and described in [24]. Two rectennas, R1 and R2, in Figure 12 represent the
rectifier with the antenna AC without any connector and A2, respectively. They were made
by integrating the rectifier with the antennas on the same substrate. Their characterization
was performed in an anechoic chamber at the distance of 1.5 m from the patch-transmitting
antenna, and the harvested DC power was measured across a 10 k() load through a
multimeter. The rectennas R1 and R2 allow a harvested DC voltage of 788 mV and 726 mV
for 1 uyW/ cm?.

12
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Figure 12. Manufactured rectenna with the rectifier schematic.

The conversion efficiency as a function of the power density is presented in Figure 13.
It is obtained by computing the formula given in Equation (2), where:

- Ppc is the harvested DC power obtained across the load;

- Gt and Gr are the transmitting antenna gain and the receiver antenna gain;

- Ais the wavelength at the operating frequency;

- Sis the electromagnetic (EM) power density and P; is the RF power from the source;
- dis the distance between the transmitting and receiving antennas.

The variation by decade shows a difference between R1 and R2 of 13.67%, 6.01% and
1.48%. The difference can be explained by the non-linearity of the used Schottky diode. By
reducing the planar antenna size of 30%, we reduce the antenna gain of 0.44 dBi and then
the RF-DC conversion efficiency of 13% with a power density of 3.1 uW/cm? at 868 MHz.
The second rectenna R2 will be preferred in cases where the power density is very low (e.g.,
31 nW/cm?). For our application, in the aim of supplying the power management unit,
which requires a DC voltage of 600 mV at least, R1 was chosen.

P, 4Py . E? 30-P+-G
7 =100-—"S = 100- % with § = = 2)
PRF SGr)\ 120-7T d?-120-t
COR1 OR2 1 73.88
80 [ =0 6021
n () :
s60 1 38.68
a0 ] 0 32.67
§40 7 lousL
g 30 81033
@ 7 :
0
0.031 0.311 3.109
S (WW/em?)

Figure 13. RF-DC conversion efficiency for the rectennas at 868 MHz for various decade power
densities.

In the last set of tests, underrun in our laboratory, an innovative Bluetooth Low Energy
(BLE) battery-free wireless sensor network (composed of battery-free sensing nodes and a
communicating node [26]) was operated in a harsh environment (Figure 14). Once embed-
ded, the main objectives were to periodically monitor the physical data (e.g., temperature
and humidity) of the concrete and broadcast them (by BLE) to the communicating node.
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Figure 14. Photograph of the experimental setup for the sensing node embedded and powered by
using WPT system in the concrete structure.

The sensing node in Figure 15 is composed of a rectenna (including the compact 3D
antenna), an ultra-low-power BLE System on Chip (SoC) (NXP QN9080) [27], a power man-
agement unit microcontroller (Texas Instruments bq25570) [28], a capacitor of 100 uF acting
as an energy storage element (Panasonic EEEFK0J101P) [29] and low-power temperature
and humidity digital sensors (Texas Instruments HDC2080) [30]. The capacitor was chosen
after evaluating the power needed by the PMU (870 pJ) to startup from deep-sleep mode.
Through a far field WPT system, the illuminating power over a distance of two meters
can be harvested by the rectenna and allow powering the sensing node. Initially empty,
the capacitor is charging through the PMU on deep-sleep mode up to 1.5 V and switches
on fast charging until the stored voltage reaches 5.3 V. Once it has enough energy stored
by the capacitor, it discharges and allows powering the active component on the board
(sensors and BLE chip) for a measurement and data transmission.

Power Management Unit:
BQ25570 with storage capacitor

Humidity and
Temperature Sensors:
HDC2080

3

P
2] o UR.0U2 R-OK3 R-OK2 &'
A |usaTiok R-0U2

BLE Transceiver : PIFA
Antenna and QN9080 Chip with
programmable pins

Figure 15. Developed sensing node for BLE communication.

Preliminary tests, with an EIRP power of +33 dBm, allow a periodicity of charging,
measuring and wireless communication equal to at most 190 s, representing the first charge
duration (cold start + fast charging + data measurement and transmission).
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5. Conclusions

An electrically small antenna operating in the ISM 868 MHz frequency band and
dedicated to wireless power transmission applications is proposed in this paper. Its design
is based on a folded dipole antenna with a shorting line to form a T-match antenna. A
3D configuration allows the exploitation of the Z-plane in the final implementation. Thus,
the connection of two metallic arms was operated by the planar antenna to downshift
the operating frequency from 1.09 GHz to 868 MHz. The design was modified to apply a
spline shape to the planar antenna arms in order to reduce the overall dimensions (in the
horizontal plane) from 56 mm x 32 mm to 40 mm x 30 mm.

For the characterization, three feeding methods were used to provide accurate ex-
perimental results. In this application, the U.FL connector can be used for measurement
but may have limitations at higher frequencies. The experimental results confirm that the
proposed 3D antenna exhibits a gain of +1.54 dBi and +1.1 dBi at the operating frequency,
respectively, for AC and A2. As shown in Table 1, a tradeoff between the compactness, the
maximal gain and the bandwidth should be performed before the design. Our solution is
also the most compact and has a maximum gain higher than +1 dBi at the price of a reduced
bandwidth. The combination of these antennas and an optimized rectifier performs a high
efficiency of 73.88% and 60.31%, respectively, for R1 and R2 with an illuminating power
density of 3.1 uW/cm?. Future works with a WPT system associated with a battery-free
wireless sensor network using BLE are in progress.
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Abstract: A new slot-based antenna design capable of producing horizontal polarization for un-
manned aerial vehicle (UAV) ground control station (GCS) applications is outlined in this paper.
The proposed antenna consists of oversize coaxial cylinders, slots, and slot-feed assembly. Each of
the four vertical slots, arranged periodically around the antenna’s outer cylinder, emits a horizontally
polarized broad beam of radiation, in phase, to produce an omnidirectional pattern. The antenna
possesses a low-ripple 0.5 dB in azimuth gain (yaw) due to its symmetric axis shape and an enclosed
feed within itself, which does not radiate and interfere with the main azimuth pattern. This is crucial
for a UAV GCS to symmetrically extend its coverage range in all directions against yaw planes. Simu-
lation and measurement results reveal that the antenna maintains stable gain in the omnidirectional
pattern (+0.5 dB) over the entire operational frequency band (2.55 GHz to 2.80 GHz), where S11 is
lower than —10 dB. A further advantage of this configuration is its enhanced polarization purity
of —40 dB over the full frequency band. The direct-current (DC) grounding approach used in this
antenna is beneficial due to its electrostatic discharge (ESD) and lightning protection. Furthermore,
its aerodynamic, self-supporting, and surface-mount structural shape makes this antenna a good and
worthy choice for a UAV GCS.
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1. Introduction

Since the discovery of the interdependency between electrical parameters and electro-
magnetic radiation, antennas have been developed that actively exploit this phenomenon.
Antennas convert electrical parameters (current and voltages) into electromagnetic param-
eters (electric and magnetic fields) and vice versa. Hence, an antenna can be regarded as
a transducer or a sensor as it converts electrical energy to electromagnetic energy, or the
opposite [1]. Antennas are always considered essential parts of communication systems,
and their radiation and polarization characteristics play a vital role in defining such systems’
performance and efficiency [2,3].

The use of unmanned aerial vehicles (UAVs) is rapidly expanding to commercial,
scientific, agricultural, and military applications [4]. To overcome the difficulty of finding
the exact location of mobile UAVs from ground control stations (GCS), omnidirectional
antennas are utilized to resolve acquisition and pointing complications [5-10]. It has
been proven that using horizontally polarized antennas can achieve a 10 dB improvement
in terms of system gain as compared to vertically polarized antennas [11]. For GCS
deployment, where the antenna is intended to cover a wide range of angles at variant
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distances, it is essential to utilize a low-gain ripple radiation pattern to ensure continuous
coverage in the yaw plane (azimuth plane) [12-14] as gain ripple fluctuates and reduces
the coverage range at variant horizontal plane angles [15].

The challenging aspect of designing horizontally polarized omnidirectional antennas
is producing a uniform and in-phase current in the antenna’s azimuth plane. That necessary
condition can be fulfilled by utilizing a single loop or multi-element arrangements [16].
Three primary topological schemes are used with omnidirectional horizontally polarized
antennas. In the first topology, a single radiating structure, such as a loop, is utilized to
achieve horizontally polarized radiations [17-20], but it is inherently band-limited due
to an open feed. The second group imitates the loop arrangement of first with dipole
elements arranged in a ring or circular array format [21-26] at the expense of a complex
open feeding arrangement. The third topology utilizes slots to complete the horizontally
polarized antenna. There are a few slot-based omnidirectional antennas described in
the literature. In [27], an omnidirectional antenna operating at X band used an array
of slot doublets etched in the broadside wall of the rectangular waveguide. However,
there was no mention of the azimuth gain, gain fluctuations, and operating band. A slot-
based antenna capable of producing horizontal polarization was constructed by arranging
alternate slots with opposite tilt angles along the axis with intervals of Ag/2. To improve
the antenna’s performance, alternate axial slot arrays were shifted by Ag/4 along the axis.
Even then, it was not improved by more than —7 dB [28]. In [29], an omnidirectional
antenna was proposed, but it was circularly polarized. Moreover, it was not direct-current
(DC) grounded and had a built-in main beam frequency scanning problem. In [30], a slant
polarized omnidirectional antenna was presented. All slot-based horizontal polarized
topologies were arranged in a series of fed axial arrays to achieve the required polarization.
The other two methodologies had open feeding networks that interfered with the radiating
apertures and perturbed antenna radial symmetry causing an uneven azimuth gain pattern,
which further reduced antenna coverage range.

This paper proposes an omnidirectional antenna capable of achieving low azimuthal
gain variations of £0.5 dB. This work is the first single-element design based on slots
capable of horizontal polarization and stable gain without making a complex axial array
to achieve the required polarization. The flaunted antenna comprises four slot apertures
evenly spaced around the antenna’s outer circumference. It also encloses the feeding
topology, so antenna symmetry is not disturbed. The device’s compactness, ruggedness,
and direct-current grounding are further important features of this antenna design. The pro-
posed technique has improved polarization stability since the cross-pols are very weak
relative to the co-pols. The antenna structure is exhibited and explained in Section 2.
Section 3 elaborates on the slot-feed mechanism. In Section 4, simulation verification
is performed. Section 6 describes the manufacturing and measurements of the antenna
prototype. Section 6 presents a comparison of the proposed work with those published.
Finally, Section 7 details our conclusions.

2. Antenna

The structure of the suggested horizontally polarized omnidirectional antenna is
shown in Figure 1. It must be shaped like a pole due to vehicle-mounting requirements.
It is based on the coaxial line and is composed of inner and outer conductors. There are
etched slots around the coaxial cylinder, and the internal and external coaxial cylinders
are separated by air. The primary radiation is emitted via the slots (each slot is matched
to a dipole with the magnetic current source), which are periodically positioned along
the antenna’s outer cylinder as depicted in Figure 1a. According to Babinet’s principle,
the slots are complementary to the dipole antenna. The far field of the linear dipole [31],
is found using;:

Ey = <j6OImcos cos (klcos®) e*jkr) /rsind
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Figure 1. The geometry of the horizontally polarized omnidirectional antenna: (a) 3D view, (b) cross-

sectional view.

In the equation, 6 is the angle between the line direction and the dipole. This means
the pattern function of the dipole is the same as the slot antenna.

Fy = (cos cos (klcosf) — coskl)/sinf
For idea half wavelength slot, 21 = A/2, and
Fy = Cos(2mcos0) /sinb

The pattern of the slot antenna is the same as the dipole with the same length, but their
elevation plane (E-plane) and omnidirectional plane (H-plane) are exchanged according
to the duality principle. Each slot aperture produces horizontally polarized radiation.
Four apertures around the circumference complete the antenna, as illustrated in Figure 1a,b,
and radiate in an omnidirectional pattern. The SMA connector smoothly converts the
TEM modes from SMA to a large antenna assembly with a matching structure that is an
optimized inner pin height, as given in Figure 1b.

The diameter of the outer cylinder, the diameter of the feed pin that connects the inner
cylinder to the outer part of the antenna, and the length of the slots are what primarily
impact the performance of the antenna. The optimal specifications are listed in Table 1.

Table 1. Optimal parametric values of the antenna.

Parameter Value (mm)

Outer Cylinder Diameter A 60
Inner Cylinder Diameter B 25
Slot feed Pin Diameter P 10
Antenna Height H 75
Slot Length L 65
Slot Width W 5

SMA Pin Height T 7.25

At UAV GCSs, there are relaxed limitations with regard to size and weight compared
to aerial platforms [32]. For military operations, the UAV operator at the GCS is located in a
harmless, secured place while the desired information or strategic data from the battlefield
is gathered remotely. For such applications, antennas must be capable of withstanding
all terrain operational area requirements and should be able to function correctly under
extreme weather scenarios. So the required antenna should be mechanically robust and
sturdy without external supports as these supports would increase the antenna’s size [4]
and result in more drag, which might weaken the antenna’s structure due to rigorous
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terrain and weather conditions [4,33]. Thus, it is crucial to use a compact, aerodynamic
design. There is often a chance that an instance of peak instantaneous power (PIP) happens
inside the printed circuit board- (PCB) based feed network. Such an event would easily
damage the PCB [34], so the feed must be capable of bearing sudden PIP. The antenna
would also be the primary source to channel electrostatic discharge (ESD) and lightning
into the electronic systems. An ESD incident would place the functionality and safety of
these systems at risk, while a lightning bolt would annihilate them. Keeping the antenna
DC grounded is the most feasible and efficient strategy used in combat [35]. This antenna
design would circumvent all the problems described above. The axis-symmetrical, all-
metal rugged antenna is primarily constructed of brass and is DC-grounded. The solid
metal feed network is enclosed inside the antenna’s conformal and compact shape.

3. Feed Mechanism

Horizontal slots induce vertical polarization as they can quickly interrupt the longitu-
dinal surface current on the antenna’s outer surface [36], as seen in Figure 2. Conversely,
the longitudinal slots in the antenna’s outer surface cannot be stimulated due to their orien-
tations that are in line with the surface current, and even a short circuit would not modify
the flow of the surface current [28]. So it is not easy to produce horizontal polarization
using a slot configuration on a coaxial cylinder. In our design, feed pins are inserted to
excite the vertical slots, which connect the outer conductor of the oversized coaxial cable
with its inner conductor, as shown in Figure 1b. Thus, these slot apertures are energized
sideways while the opposing sides are kept floating. The slot is regarded as a dipole having
a magnetic current source [29], so the slot is Ag/2 long. Normally, the external feed has a
built-in problem where it radiates along with the main radiating elements and causes a
significant gain ripple in the omnidirectional pattern. Here, we have designed an internal
feed that runs inside the radiating part and does not interfere or radiate. As for the actual
feeding of the antenna, a standard SMA connector is used for feeding. The SMA connector
is a coaxial structure and the antenna designed in this section is also based on coaxial
structure, so the matching structure is designed and inserted between the radiation part
and the feed part according to impedance transformation of coaxial transmission line [37],

Zoversize = Zmatch(Zsmu + jzmutchtanﬁT) /(Zmutch + stmatanﬁT)

where the T is the length of the matching pin and Zguq, Z;atcn, and Zyyersize are the charac-
teristic impedances of the SMA connector, matching pin, and oversize antenna assembly,
respectively. The SMA connector’s inner pin’s optimized height ensures a seamless transi-
tion from normal Coaxial TEM mode to oversized TEM cable mode. The slot excitation of
the proposed antenna is simple and easy without involving baluns or impedance trans-
formers. Four pins join the inner cylinder to the vertical slots in the antenna’s outer cylinder.
The feed and antenna can be conveniently integrated by arranging the manufactured parts
together around the central axis.

( Verticalslot Y
\__.‘____/

ﬂ Vertical Slot h{

e e 4

Horizontal Slot

Longitudinal Current Flow

Slot Feed];in
(a) (b)

Figure 2. Slot configurations: (a) vertical and horizontal slot, (b) vertical slot feed.
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S11(dB)

4. Simulation Verification

CST Microwave Studio was been used to simulate and optimize the antenna design.
Figure 3 demonstrates the mutual connection between the antenna azimuth gain and the
total number of slots along the antenna’s circumference. Each slot radiates a directed
pattern. With each increment in the number of slots along the antenna’s circumferential
axis, these directional radiations widened, as shown in Figure 3. Four slots made the
radiation patterns combine and generate a low-ripple horizontal polarized omnidirectional
radiation pattern.
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Figure 3. Azimuthal gain vs. the number of slots along the antenna’s circumferential axis.

A. Determination of Pin Diameter and Slot Size Effect

Figure 4 helps us to see the impact of the slot-feed pin diameter on the antenna input
reflection. The change of diameter changed the antenna’s matching, as shown in Figure 4a.
Figure 4b depicts how the slot-length variations shifted the antenna resonance region.
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Figure 4. Effect on S1; (a) by changing the feed pin diameter and (b) by changing the slot length.

B. Field Verification

The field simulations were performed with the help of CST Microwave Studio soft-
ware. The electric and magnetic fields’ cross-sectional views through the SMA connector
are shown Figure 5a,c. The cross-sectional views of the electric and magnetic fields through
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the pins that connect the inner coaxial cylinder to the slot apertures in the outer coaxial
cylinder are shown in Figure 5b,d. At the input SMA connector of the antenna, the electric
field is spread radially outward (TEM mode). At the edge of the oversized coaxial antenna
assembly near the SMA connector, the electric field is again radially outward as that of
the TEM mode. This demonstrates that the SMA connector’s inner pin’s adjusted length
effectively converted the connector TEM mode into the oversized coaxial assembly TEM
mode, as shown in Figure 5a. As this mode travels toward the pin connected to the slot,
the field circulates the slot area. All four slots have the same circulation pattern, which
indicates that they are all in phase, as seen in Figure 5b. The electric field steadily travels
from the slot middle toward the slot end and thereby emits a horizontally polarized field,
as seen in Figure 5a,b. The directional radiation slot patterns are large enough to converge
to generate an omnidirectional, horizontally polarized outward wave. Correspondingly,
the magnetic fields form closed loops (TEM mode) at the SMA feed and eventually trans-
form to perpendicular loops corresponding to the E field outside the antenna, as clearly
visible in the simulated field trajectories in Figure 5b,d.
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Figure 5. The cross-sectional views of the fields at the SMA connector: (a) the electric field, (b) the magnetic field cross-

sectional views of the fields at the slot-feeding pins, (c) the electric field (d) the magnetic field.
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(a)

5. Antenna Fabrication and Measurement Result

An antenna was manufactured using brass for the design validation. This antenna can
be assembled using CNC-machined parts or expensive 3D printing. This antenna was built
utilizing the first approach. The antenna had a reduced footprint and conformal shape to
maintain low air resistance. The simulated and measured antenna test results are discussed
in this section. Figure 6a displays an image of the prototype antenna. The input scattering
parameter Sq; of the manufactured antenna was measured with Agilent N5242A VNA's
help. In Figure 6b, the simulated and measured S;; are plotted. Measurements were less
than —10 dB from 2.5 GHz to 2.8 GHz, which were in good harmony with simulations.
The antenna was a reasonably broadband structure (achieved bandwidth of 11.3%).

Simulated
s4 .= = Measured . e 7

I
S11(dB)

'30 T T T T T T T
250 255 2.60 2.65 270 275 2.80 2.85 2.90

Frequecny (GHz)
(b)

Figure 6. (a) The fabricated prototype antenna. (b) Simulated and measured Sy; of the antenna.

Measured and simulated vertical elevation planes and horizontal azimuth planes of
the antenna at 2.6 GHz and 2.7 GHz are plotted in Figure 7. Measurements were done
in the the compact antenna test range (ATR) of March Microwave Systems B.V., which
uses a source antenna that radiates a spherical wavefront and two secondary reflectors to
collimate the radiated spherical wavefront into a planar wavefront within the desired test
zone where the test antenna is placed and precalibrated standard gain antennas are used to
determine the absolute gain of the AUT(antenna under test). The simulated and measured
co-polarization (normalized) and cross-polarization (normalized) radiation patterns in
the omnidirectional plane (H-plane) are shown in Figure 7a. The 360° radiation at the
horizontal plane helps to maintain complete yaw plane operation. The measured cross-
polarization levels in the azimuth plane are more than —40 dB down, which agrees with
the simulation. Figure 7b depicts the simulated and measured co-polarization (normalized)
radiation patterns in vertical elevation (E-plane). Figure 8a,b shows a measured azimuth
gain ripple of £0.5 dB, whereas the azimuth pattern phase ripple is only 10° peak-to-peak.
These were measured at 2.6 GHz and 2.7 GHz, respectively. Both affirm the excellent
stability of the antenna pattern.

In Figure 9a, the measured and simulated azimuth gain ripple are plotted for the
entire frequency range for the clear visibility of the gain fluctuations. The maximum peak-
to-peak value is 1 dB in the azimuth plane, confirming a good omnidirectionality. Figure 9b
illustrates the simulated and measured gain of our antenna. This DC-grounded antenna
demonstrated reliable gain within the entire band. These results indicate promising and
effective radiation characteristics in the yaw plane, making this antenna an appealing
option for GCS applications.

23



Sensors 2021, 21, 2763

7}

imulated Co-Pol

0] 30— Simulated Co-Pol 0
10 Mesured Co-Pol 07 Meg%ured ool
2 2201 imulated X-Pol .10
.30, 300 Vie ired X-Pol
£ .40 =
= j==]
& -50 2307
= 60
g -60 £ 40
= -70270 90 <o
= .50
E-60 | Y
S50 g 40
40 $ .30
2301 Z"
24 12
20 ’ 207
-10 1 -10
0 4
04

Elevation Angle (degree)

= Simulated Co-Pol
0 — . Measured Co-Pol

Mesured Co-Pol
imulated X-Pol
\ Viefdired X-Pol

Normalized Gain (dB)

o
<>
Normalized Gain (dB)

180
Azimuth Angle (degree) Elevation Angle (degree)

(a) (b)

Figure 7. (a) Measured and simulated normalized co-polarization and cross-polarization in the omnidirectional plane,
or H-plane; top 2.6 GHz; bottom 2.7 GHz. (b) Measured and simulated normalized co-polarization in the elevation plane,
or E-plane; top 2.6 GHz; bottom 2.7 GHz.

0.0 6 == =26GHz

/\ —2.7GHz
02 N N N
vl |

NN
AENAE A 2 [l\\ ARNANN 3

e \ | (IEEA
| \

>

Phase Ripple (Degree)
o

AVRVEVE
LY IV

Normalized H Plane Gain Ripple (dB)

\| b
W, Y/
/ X7 A A (VA VAR VAR
-1.2 —2.7GHz i ] i :
-180  -120 -60 0 60 120 180 0 60 120 180 240 300 360
Azimuth Angle (degree) Azimuth Angle (degree)
(a) (b)

Figure 8. (a) Measured gain ripple vs. azimuth angle, (b) measured phase angle ripple vs. azimuth angle, at 2.6 GHz and
2.7 GHz, respectively.

24



Sensors 2021, 21,2763

—
n
)

Simulated

e Measured

)

[So]

wn
L

oy

>

[—]
|

Azimuth Gain Ripple (dB)
=)
9
[#1]

= Simulated

e Measured .04

Gain (dB)
e
h
1

0.0+

-0.5

=
n

2.60

[ R
th
th

2.65
Frequency (GHz)

(a)

i -1.0 ;
2.75 2.80 2.4 2.5

2.70 2.6 2.7 2.8
Frequency (GHz)

(b)
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6. Comparison

Table 2 compares this study to the prior works published in the literature that also
featured horizontal polarization. All works tabulated were designed with external open
feed and lack lighting protection capability. The polarization purity was also not so high.
This work proposes for the first time an antenna that could produce horizontal polariza-
tion utilizing slot radiators and form a stable gain at the azimuth plane like traditional
omnidirectional design topologies such as loop or printed dipole antenna arranged in the
form of a circle. Due to vertical slot radiations, its cross-polarization levels are extremely
low, as shown in the Table. The proposed antenna is novel because it has an internal
axis-symmetric feeding system. Due to its enclosed nature, the feed does not radiate
and interfere with the main radiating slots. So low-gain ripples in the azimuth plane are
achieved as compared to the listed works. Moreover, it is DC-grounded, which is essential
for any practical deployment.

Table 2. Performance comparison of the proposed antenna with the existing literature.

Reference Polarization Purity Gain Ripple (dB) DC Ground Feed Type
[17] 11 +5.5 No Exposed
[18] 20 NA No Exposed
[19] 20 1.3 No Exposed
[20] 25 1.0 No Exposed
[21] 18 1.5 No Exposed
[22] 20 1.5 No Exposed
[23] 15 1.5 No Exposed
[24] 15 NA No Exposed
[25] 20 2.0 No Exposed
[26] 20 2.1 No Exposed

Proposed work 40 +05 Yes Enclosed

7. Conclusions

A novel horizontally polarized omnidirectional antenna that is built on the slot struc-
tures is introduced in this work. By positioning four vertical slots along the antenna
circumference and energizing them with a robust central feeding mechanism, steady gain
with improved polarization stability is realized in the antenna’s azimuth axis. The internal
axis-symmetric feed network itself radiates no power, hence it does not interfere with the
radiating structure. Low ripples appear among the antenna azimuth gain. Steady yaw
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plane gain with low gain fluctuations enhances coverage area or increases the link efficiency.
So it is desirable in numerous ground station-based applications, such as UAV communica-
tion and direction finding, to have a low azimuth gain ripple antenna. This antenna also
possesses requisite mechanical features, which are crucial for its smooth operation. It has a
sturdy, DC-grounded construction that does not need any exterior framework or support.
Its conformal and aerodynamic shape minimizes air drag and any corresponding degrada-
tion attributed to military operations” environmental and terrain conditions. Altogether,
this may make this antenna a favorable candidate for ground stations.
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Abstract: The development of biomedical devices benefits patients by offering real-time healthcare.
In particular, pacemakers have gained a great deal of attention because they offer opportunities
for monitoring the patient’s vitals and biological statics in real time. One of the important factors
in realizing real-time body-centric sensing is to establish a robust wireless communication link
among the medical devices. In this paper, radio transmission and the optimal characteristics for
impedance matching the medical telemetry of an implant are investigated. For radio transmission,
an integral coupling formula based on 3D vector far-field patterns was firstly applied to compute
the antenna coupling between two antennas placed inside and outside of the body. The formula
provides the capability for computing the antenna coupling in the near-field and far-field region. In
order to include the effects of human implantation, the far-field pattern was characterized taking into
account a sphere enclosing an antenna made of human tissue. Furthermore, the characteristics of
impedance matching inside the human body were studied by means of inherent wave impedances of
electrical and magnetic dipoles. Here, we demonstrate that the implantation of a magnetic dipole is
advantageous because it provides similar impedance characteristics to those of the human body.

Keywords: biomedical devices; wireless communication link; near-field region; impedance match-
ing characteristics

1. Introduction

Recent advancements have been made in fields related to the development of biomedi-
cal devices for the diagnosis and treatment of patients. In particular, pacemakers implanted
in the chest offer real-time health care for patients who suffer from cardiac disease. Pacemak-
ers provide the important capability of sensing intrinsic cardiac activity and transferring
the pacemaker data using a wireless communication link. A class of antennas with different
characteristics in terms of sizes and radiation patterns have been studied for viable in-body,
on-body and off-body medical telemetries [1,2]. In addition to the antenna designs, studies
on radio transmission have been performed with the aim to create reliable communication
links between devices outside and inside the human body. Wireless power transfer (WPT)
using electromagnetic waves can be classified into the following groups: (1) non-radiative,
(2) radiative and non-radiative mid-field, and (3) radiative far-field [3]. In addition, WPT
using an acoustic link can be classified as a non-EM (Electromagnetics) solution [4]. Active
research has been taking place on the use of inductive coupling for non-radiative wireless
links [5-7]. Inductive coupling has been studied with the aim to achieve a higher transfer
efficiency by utilizing a hybrid microstrip and coil [5], in addition to resonators inside and
outside body [6]. The design guidelines for inductive power transfer have been studied
in terms of miniaturization, power consumption, and links of biomedical devices [7]. The
antennas and coils used need to be interpreted as a circuit model, which requires an ad-
ditional step to compute the wireless link. Radiative WPT has garnered a lot of attention
due to its robustness against the misalignment of two antennas. Radio transmission of the
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different in-body, on-body and off-body telemetries has been investigated both by using
numerical methods, such as the FDTD method, and via experimentation [8]. RFID (Radio
Frequency Identification) technology for biomedical implants has been studied in terms
of the wireless transfer of power and data [9]. The challenge is to calculate the wireless
communication link with a reduced computational intricacy. In addition, although there
have been a wide range of studies on radiative mid-field WPT [10,11], little attention has
been directed towards the inclusion of accurate radiation characteristics in the near-field
region. The antenna gain typically reduces as one antenna is located in the near-field
region of the other antenna, which needs to be considered in the calculation of the wireless
link. A simple quadratic correction term [12—-14] to the Friis formula has been studied to
increase the accuracy of the prediction in the Fresnel region. The transmission integral [15]
with the plane-wave scattering matrix (PWSM) has facilitated the development of the
near-field antenna measurement technique for various antennas. Based on the transmission
integral, an integral form of coupling formula has been developed in order to provide the
convenience of using an easily attainable far-field pattern [16]. The formula provides an
enormous capacity to compute the near-field or far-field antenna coupling, which is not
restricted to the type of antenna or the motion of the antenna [16-20]. Advancements in
the formula have been made in terms of its widespread applicability to electromagnetic
problems. It has been proven that the employment of a larger solid angle is beneficial for
achieving converged results [19]. For microwave applications, it has been used to compute
the coupling, including the dielectric structure between two antennas [19], and to provide
near-field power densities of the array antenna [20]. The qualitative comparison among
different techniques is summarized in Table 1. Another important aspect in realizing
a reliable wireless link is the use of an optimal antenna to provide the best impedance
matching in the environment of a human implant. In order to provide the best match,
antennas must be electromagnetically characterized in the environment, for example, inside
and outside the human body. In order to achieve improved matching characteristics, the
design of a pyramidal horn antenna, including a composite material which is similar to
the human skin, has been optimized [21]. The impedance characteristics of electrical and
magnetic dipole antenna have been studied in detail [22,23]. The advantage of the magnetic
dipole antenna is that it provides lower impedance characteristics, corresponding to those
of human tissues. The use of a magnetic dipole is advantageous in terms of achieving
characteristics that best match those inside the human body. In order to establish a stable
wireless link, the wireless link needs to be estimated using an efficient method, including
the selection of the optimal antenna to provide the best impedance characteristics inside
the human body.

Table 1. Comparison among different methods for estimating the wireless link.

Methods Effective Range Accuracy Computational Complexity
Inductive coupling [5-7] Non-radiative reactive near-field High High
Radiative Mid-field [10,11] Radiative near-field and far-field region Low High
Coupling formula [16-20] Radiative near-field and far-field region High Low

In this paper, radio transmission between antennas that are placed inside and outside
the human body is studied in the context of realizing a stable wireless communication
link. The wireless link is used to transfer pacemaker data, which operates at 402—405 MHz
for a medical implant communication system (MICS). Figure 1 depicts the evaluation
scheme for radio transmission between antennas inside and outside the human body. The
complete wireless communication link is evaluated in terms of the efficient estimation
of the wireless link and the best matching characteristics inside the human body. The
key milestones of this work are that: (1) The coupling formula is applied to estimate the
wireless link for biomedical applications; (2) for use in biomedical applications, the formula
is slightly modified in terms of including characterization of the far-field pattern inside
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the body and adding a reflection coefficient term between the implanted antenna and the
human body; (3) impedance matching in the environment of the human body was studied
through representative examples, such as electrical and magnetic dipole antennas. The
wireless link was computed using the coupling formula and the result was compared with
full-wave simulation, FEKO, and measurements. The wireless link was measured using
phantom fluid that provides relative permittivity &, = 46.4 and conductivity o = 0.67, which
is similar to the characteristics of the human skin. The measured result agrees well with
the computed result and FEKO simulations.

Wireless
communication link

400MHz *~.__

Q T™X g/

Patch antenna '?o

IIl IZl Link analysis
+ Coupling formula
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%o,

%

Y |

- Full-wave simulation Investigation on the matching
| characteristics and the link measurement
mplanted antenna

- RX H
- SO > I RX
~ B i
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hu:wan skin / Magnetic  Electric  TX
dipole dipole

Link measurement

Figure 1. Overview of this research study for the evaluation of the communication link between two antennas.

2. Computation of the Antenna Coupling in the Near-Field and Far-Field Region

The power transmission is computed using the integral coupling formula based on the
3D vector far-field pattern. The formula computes the antenna coupling in the near-field
and far-field region. The formula was modified slightly to provide an accurate link analysis
for biomedical applications. The far-field pattern of the antenna placed inside human body
was characterized using a piece of human skin, with the associated antenna. Furthermore,
the impedance mismatch of the antenna in the human body environment was added in
order to include the reflection coefficient between the antenna and the human body. The
formula was used to evaluate the link between two biomedical antennas placed in various
configurations.

2.1. Revisiting the Integral Coupling Formula

The transmission integral with the plane-wave scattering matrix (PWSM) theory
has expanded its applicability to arbitrarily oriented antennas [15]. The coupling formula
in [16,18], based on a normalized vector far-field pattern, was derived from the transmission
integral. The formula utilizes the complex vector far-field pattern, which is easily attainable
through numerical methods or measurements. In this section, the essentials of the coupling
formula presented in [16,18] are revisited. The geometries of the two arbitrarily positioned
antennas are shown in Figure 2. The coupling quotient can be determined based on the
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relationship between the amplitude of the input wave of the transmitting antenna, ag, and
the output wave of the receiving antenna, b))

% C Fr(K)-grn(—F)
Vo my__ C tx(K) &rx(— kR
2 (R) == {f L ¢FR dky dk, )

V (B+K2) < k

where ? = kxX + ky7 + k-Z is the wave vector in free space and ?TX(?) and §RX(—?) are
the complex vector far-field pattern of the transmitting and receiving antenna, respectively.
A double integral of the scalar product between the two vector far-field patterns was used
to calculate the coupling quotient. The relationship between the coupling quotient and the

Sy1 can be defined as Sy; = |b)/ag ’2.

Human skin
/

~<~_ ! :solidangle
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G
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Figure 2. Geometries of the mutual coupling between the two antennas used for biomedical applications.

Reductions in the integration range, such as 4/ (k% + k%) <k, only provides prop-

agating waves, while it neglects evanescent waves. It is worth noting that Formula (1)
depends on the ¢~ time convention and neglects multiple reflections. The solid angle
« can be defined as the angle subtended by two spheres enclosing the transmitting and
receiving antennas. The first step is the acquisition of the 3D vector far-field patterns of the
two antennas. The 3D vector far-field pattern can be acquired through numerical methods,
full-wave simulations, and measurements. One must obtain the far-field pattern at the
phase center of the antenna. The phase center of the antenna is placed at the point where the
uniform phase response of the far-field pattern is observed. This procedure will be helpful
in terms of achieving sufficient convergence of the calculation. In this study, the far-field
pattern characterized in the human body environment was employed. It was demonstrated
in [8], that the use of a small piece of human skin creates similar EM characteristics to those
of the entire human body. Therefore, the antenna was implanted inside a small piece of
human skin to characterize the far-field pattern. The next step is to perform the coordinate
transformation in order to create the geometries of the two antennas. Eulerian angles were
used to transform the coordinate system of each antenna into the global coordinate system.
The relative orientation and separation distance between two antennas can be created using
coordinate transformation. An interpolation process was used to evaluate the far-field
pattern at the sampling points on the x-y plane.

The impedance matching of the antenna placed inside and outside human body
represents an important consideration in realizing a stable communication link. Therefore,
it is advantageous to contain the reflection coefficient between an antenna and the human
body. Figure 3 shows the two-port network for the impedance mismatch term C. It was
assumed that the transmitting antenna is placed inside the human skin, as discussed in
Figure 1. The complete impedance matching term, constant C, can be expressed as

V4 1 1
o _ ZrLRx @)
Zy (1 —To, 7xTo, Tissue) (1 — To, rx)
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where Zrj rx is the impedance of the receiving antenna feedline and Z; is the intrinsic
impedance in a free space. For the transmitter, I'g 7x, and I’y 1, indicate the reflection
coefficient of the transmitting antenna and human tissue, respectively. For the receiver,
I'g,rx, represents the reflection coefficient of the receiving antenna. It was assumed that the
transmitting and the receiving antenna are perfectly matched to the source and the load,
respectively. The detailed procedure to derive the impedance matching term C is provided
in Appendix A.

Propagation
W7
Human
TX antenna . RX antenna
tissue
rl). X Cl'() u r(). Tissue FU.RX bO

Figure 3. Description of the two-port network for the wireless communication link between the
transmitting implanted antenna placed inside the human skin and the receiving antenna outside the
human tissue.

The computer program in [18] was developed in order to compute the antenna cou-
pling between two antennas, which allows for flexibility in terms of the relative axis,
orientation, and arbitrary antenna movement. Furthermore, the sampling frequency has
been introduced to adjust the size of the integration for sufficient convergence. The sam-
pling frequency presented in [18] is

fs =2k x (Drx + Drx) 3)

where Dr, and Dg, are the diameters of the transmitting and the receiving antennas,
respectively, and « is termed the oversampling ratio. One can use the constant « in order
to change the sampling frequency. Spectrum integration is confined to the solid angle «
subtended by the diameter Dr, and Dgy. This confinement is an important requirement
in reducing the necessary computational resources. The recent advances in computer
capabilities have allowed for the testing of the converged results using different solid
angles. It was demonstrated in [19] that the utilization of a larger solid angle « is beneficial
for offering a degree of improvement in terms of the converged results. The upper and
lower bounds for the effective separation distance can be defined as

D D D Drx)?
Tx + RX<R<( 7x + DRrx)

5 1 4)

The integral form of coupling formula was implemented using the double summation
at the sampling points (ky-ky). The summation form of the formula makes it possible to
implement through the computer program presented in [18]. The summation form of the
formula is presented as

7 mn mn - mn mn —mn —
fTX(kx ’ ky )‘gRX(kx ’ ky ) R

POR) = ~Cak?x Yy P x ek 5)

ag

. . R _om_
wherek—ka”—l—ykymn‘f‘ZkZmandAk_TZ_K(DTZDRX)'

The index m, n for the double summation can be defined as

2(Drx + Drx)*

1< <
== AR

(6)

Note that « = 4 is used for the index m, n. The upper bound of the effective range is
restricted to compute the antenna coupling in the far-field region. The complete form of
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the Friis formula, including the reflection coefficient between the implanted antenna and
the human skin, can be defined as

Yo

2 2
A N A~
w0l = () GTX(Q,QD)GRX(@,QD)><|PTX'PRX|2(1—\F0, 710, Tissue ’2) (1—|I’0, RX|2) (7)

4R

where Grx (6, ¢) and Grx (6, ¢) represent the far-field gain of the transmitting antenna and
the receiving antenna, respectively, and prx and grx are the polarization vectors of the
transmitting antenna and the receiving antenna, respectively. It was assumed that both the
transmitting and receiving antennas are connected to the identical feed line, and that there
was no reflection from the source and the load.

2.2. Electromagnetic Characterization of Implanted Antennas

In order to establish a reliable communication link, implanted antennas need to be
investigated in terms of impedance matching the characteristics present inside the human
body. The characteristics of the wave impedance vary according to the different kinds of
antennas. The human body typically has a large dielectric constant, causing low impedance
characteristics. Therefore, the use of an antenna with lower wave impedance is beneficial
in order to provide the best matching characteristics.

The wave impedance of the electric dipole Zg(r) and the one of the magnetic dipole
Zy(r) can be derived from the ratio between the electric and magnetic field of each an-
tenna [22,23], given by

1+ + L
{ Jr ('5r)2]
ZE(7> - 77() (1 + 1 ]> (8)
jBr
1+ 4
Zu(r) = 1o ( : ’ﬁ’)l ©)
[l AR (jﬁr)z}

where 79 and p represent the characteristic impedance of the free space and the propagation
constant of the free space, respectively. Figure 4 shows the comparison of the wave
impedance of the electric dipole and the magnetic dipole. As previously discussed, the
magnetic dipole provides low impedance characteristics, while the electric dipole shows
an opposite trend in terms of impedance characteristics. The impedance inside the human
body can be derived from taking into account the different kinds of electrical properties of
the human body using the relationship

o J1 Jp 1
B

where 1o and gg are the free space permeability and permittivity, respectively, and ¢, is the
relative permittivity which can be determined by the electrical properties of the human
tissue. The reflection coefficient between antenna and human tissue can be derived using

ZA - ZTissue

(11)
ZA + ZTissue

1—‘O, Tissue —

where Z4 and Zrjg,,, are the impedance of the antenna and the human tissue, respectively.
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Figure 4. Wave impedance of the electric dipole and the magnetic dipole antenna.

3. Results

In this section, the complete wireless communication link is investigated including
calculation of the wireless link and analysis of the matching characteristics inside and
outside the human body. It was assumed that the TX antenna is located inside the skin,
while the RX antenna is placed outside the human body to establish communication links
for the pacemaker system. All evaluations were performed at the center frequency of
400 MHz.

3.1. Calculation of the Link between Two Antennas

The coupling formula was used to evaluate the link between the two antennas. This
section contains the evaluations for: (1) the free space link, and (2) the link between the two
antennas placed inside and outside the human body. The computed results are compared
with the results obtained using a full-wave simulation FEKO. The calculated results show
an excellent level of agreement with the results from the full-wave simulation FEKO.

3.1.1. Antenna Design Used for the Link Analysis

The microstrip patch antennas are designed to operate inside and outside the hu-
man body. The size of the patch antenna outside the human body was (L1 x Wj) =
(40 cm x 40 cm), while the patch antenna inside the human body was smaller at (L, x W3)
= (20 cm x 20 cm) in order to provide the best matching characteristics inside the human
body. The patch antenna outside the human body was designed on a 3.2 mm thick substrate
with e, = 2.2 tan § (loss tangent) = 0.0009. For the patch antenna inside the human body,
the thickness of the substrate was set as 6.4 mm and the microstrip antenna was printed in
the middle of the substrate with ¢, = 10.2 and tan é = 0.0025. The size of the skin tissue was
setas (L3 x W3) = (25 cm X 25 cm), with a thickness of 4 mm above the patch antenna. The
characteristics of impedance matching for the patch antennas are shown in Figure 5a. The
patch antennas placed inside and outside the human body provide reasonably good match-
ing characteristics of less than —10 dB around 400 MHz, however, the characteristics of the
implanted patch deteriorate when it operates in air. Figure 5b shows a comparison of the
radiation patterns in diverse environments. The patch antenna placed outside the human
body has a maximum gain of 6.8 dB, while the other one placed inside the human body
has a maximum gain of —7.65 dB. The patch antennas were used to evaluate the free-space
link and the link between the implanted antenna and the outside receiving antenna.
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Figure 5. (a) Impedance matching characteristics of the patch antennas used for the link analysis and (b) the radiation
patterns of the patch antennas at 400 MHz.
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3.1.2. Free-Space Link Analysis

Prior to estimating the link, including the implanted antenna, the link was evaluated
using the two microstrip patch antennas placed in a free space. The coupling formula was
used to compute the coupling versus the separation distance and the coupling versus the
transverse displacement [16-18]. In this section, the coupling formula is applied to both of
the antenna displacements.

For the coupling versus separation distance, the antenna coupling was evaluated by
moving the RX patch antenna in terms of the R direction. For the coupling versus transverse
displacement, the receiving antenna was located at different transverse displacements, and
the antenna coupling was evaluated. The antenna coupling for the first scheme is shown
in Figure 6a. It is shown that the coupling formula provides the coupling level which
is roughly 1.5 dB lower than the one of the Friis formula in the closest distance. This is
attributed to the gain reduction effect in the near-field region. The computed results show
a good agreement with the full-wave simulation FEKO with a deviation less than 0.6 dB.
The second scheme was evaluated as shown in Figure 6b. The coupling was evaluated
for the transverse displacements of 0.5 and 0.75 A. There is a significant difference in the
coupling level for different transverse displacements in close proximity, while all curves
converge to a coupling level in the far-field region. This is because the offset geometry
in close proximity is more influential in determining mutual coupling. There was a 1 dB
deviation between the computed and the simulated results.
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Figure 6. Free-space link analysis for (a) the coupling in terms of separation distance normalized with the wavelength at
400 MHz and (b) the coupling in terms of transverse displacement normalized with the wavelength at 400 MHz.
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Mutual Coupling S21 (dB)

3.1.3. Link between the Two Antennas Inside and Outside the Human Body

The link between two patch antennas placed inside and outside the human body
was evaluated. The patch antenna embedded in a piece of human tissue was used to
represent the implanted antenna inside the human skin. It was reported in [8], that the
simplified model provides similar characteristics to those of the antenna implanted inside
the large human body model. This will help reduce the required computational resources.
The attenuation due to the propagation inside the human body is simply characterized
through utilizing the difference between the maximum antenna gain of the implanted
transmitting patch and that of the receiving patch. The antenna coupling was evaluated
for the first scheme with the inclusion of a rotational one, as shown in Figure 7a. For an
accurate estimation, the rotation angles are restricted to the angles which are smaller than
0 = 30° [17]. Therefore, the coupling curves were obtained at the rotation angles 6; = 0°
and 6; = 30°. It can be observed that the deviation between the computed and simulated
results is less than 0.8 dB for both scenarios. The difference between the two coupling
curves agrees well with the one of the radiation pattern at the different rotation angles.
Coupling curves for the second scheme are shown in Figure 7b. The deviation between
the computed and simulated results is 1.2 dB, which is slightly higher than that of the
free-space link.
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Figure 7. Link between the two antennas inside and outside the human body for (a) the coupling in terms of separation

distance, normalized with the wavelength at 400 MHz and (b) the coupling in terms of transverse displacement, normalized
with the wavelength at 400 MHz.

3.2. Matching Characteristics Inside and Outside the Human Body

The impedance matching inside the human body was investigated based on the
characteristics of the implanted antennas. Owing to the electrical properties of the human
body, the antenna design needs to compensate for the differences between free space and
the human body. To investigate the characteristics of the antenna inside the body, we
evaluated the design of a helix antenna on PEC (Perfect Electric Conductor) ground and
a dipole antenna mounted on an EBG (Electromagnetic Band Gap) structure, which are
representative examples of magnetic and electric dipole antennas, respectively. In particular,
a small helix antenna is favorable—due to its miniaturized design—for implantation inside
the human body. The wave impedance of the representative antennas was obtained using
a full-wave simulation FEKO. The simulated results were compared with the theoretical
results discussed in Section 2.2. As expected, the curve of the helix antenna resembles
that of the magnetic dipole, while the curve of the dipole antenna is similar to that of the
electric dipole. In particular, the helix antenna provides low impedance characteristics
in close proximity. This corresponds to the characteristics of the magnetic dipole, and
this antenna will possess optimal values that are analogous to the human body. Using
Equation (10), the impedances of different parts of the body were calculated. The computed
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results are provided in Table 2. It can be seen that the impedance of the human body is
lower than the characteristic impedance of the free space. Based on the impedance of the
skin and the wave impedance of the antenna, the matching characteristics were acquired
from Equation (11). Figure 8 shows the reflection coefficient in terms of the different
wave impedance of the antenna. The best matching characteristics are obtained when the
impedance of the antenna is similar to that of the tissue. The matching characteristics were
evaluated through using representative antennas, such as magnetic dipole and electric
dipole antennas. A small helical antenna on the PEC was selected as an example of the
magnetic dipole antenna, while a dipole antenna on the EBG structure was chosen as an
example of the electric dipole antenna. The configuration of the representative antennas
is shown in Figure 9. For the helical antenna, the radius and the height were set as 2.1
and 9 mm, and the height from the PEC to the center of the helical antenna (H;) was
designed as 3.4 mm. The size of the PEC was set as (Ly X Wy4) = (5.4 cm X 5.4 cm). The
dipole-EBG was designed and scaled based on a previous study [24]. One difference is that
the miniaturized 6 x 6 EBG structure was used in this study. The size of the EBG structure
was set as (Ls x W5) =(9.7 cm x 9.7 cm).

Table 2. Impedances of the different parts of the human body.

Tissue Relative Permittivity (e,) Impedance (Zr;sqy,)
Skin 46.7 5520
Fat 11.6 110.7 O
Skull 17.8 89.4 ()
Brain 49.7 5350

Reflection Coefficient (dB)

0 50 100 150 200 250 300
Impedancg (ZA) (Ohm)

Figure 8. Matching characteristics of an antenna inside the different parts of the human body.
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Figure 9. Configuration of the representative antennas: (a) helical antenna mounted on PEC and (b)
dipole antenna mounted on EBG structure.
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The height from the EBG structure to dipole antenna (H;) was set as 2.2 mm. The
helical antenna on the PEC corresponds to the magnetic dipole on the PEC, while the
dipole antenna on the EBG structure represents the electric dipole on the PMC. The wave
impedance of the two antennas was investigated in order to evaluate the matching char-
acteristics inside the human body. Figure 10 shows the simulated results of the wave
impedance and the calculated wave impedance of the electric and magnetic dipole an-
tenna. It can be seen that the wave impedance of the helical antenna is similar to that
of the magnetic dipole antenna, while the one of the dipole antenna resembles the trend
of the electric dipole antenna. In particular, within close proximity, the magnetic dipole
possesses low impedance, and the electric dipole has high impedance, when compared to
the characteristics of impedance in air. The matching characteristics of the two kinds of
antennas were investigated by placing the antennas inside the human body (the skin tissue).
Figure 11 shows the simulated impedance characteristics inside and outside the skin tissue.
As predicted, the helical antenna provides the best matching characteristics inside the
skin tissue, while it shows the deteriorated one outside the skin tissue. In contrast, the
electric dipole exhibits slightly degraded matching characteristics inside the skin tissue
when compared to those outside the body. It was demonstrated that the magnetic dipole
type antenna is advantageous for providing the best matching characteristics inside the
human body.
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Figure 10. Wave impedance of the dipole on EBG and helix antenna on PEC, and a comparison to
the calculated wave impedances of the dipole and the helix antenna.
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Figure 11. Simulated impedance matching characteristics inside and outside the body (the
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Feed point

(a)

4. Measurements

Experiments were conducted to verify the calculated and simulated results of the
wireless link. After the experiment to verify the impedance matching performance of the
patch antenna inside and outside the human body, the coupling between the antennas was
measured by changing the separation distance. The MS46522B model vector network ana-
lyzer(VNA) from the company, Anritsu, was used for the experiment. Figure 12a shows the
patch antenna outside the human body, fabricated for operating at a frequency of 400 MHz.
The patch antenna was fabricated on a Taconic TLY-5 substrate (g, = 2.2, tand = 0.0009)
with a thickness of 3.2 mm, and the size of the ground and the conducting patch were
40 cm x 40 cm and 24.82 cm x 24.82 cm, respectively. The reader patch was fed from
the SubMiniature version A(SMA) connector from the company, WithWave, and the feed
position was located 4 cm from the patch center to improve the impedance matching. The
fabricated implant patch antenna operates with the performance of Z;; = 55.7 — j7.07 Q)
and Sy = —22.3 dB at 401 MHz, which is the result of a 1 MHz up shift compared to the
center frequency of the simulated result. Nevertheless, the patch antenna outside the hu-
man body operates with excellent performance with Z; =53.5 +28.7 (Y and S1; = —12dB
at 400 MHz, and the impedance matching characteristic matches well with the simulated
result, as shown in Figure 12b,c.
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Frequency (MHz) Frequency (MHz)
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Figure 12. Patch antenna outside the human body: (a) fabricated structure, (b) input impedance Z;;, and (c) reflection

coefficient Sq7.

The measurement of the implant patch antenna was conducted both in skin tissue
liquid (corresponding to inside the human body) and in free-space (corresponding to
outside the human body). For the human body, 10 L of Skin Tissue Simulating Liquid
(SKIN350-500V2) from Schmid & Partner Engineering AG company (Ziirich, Switzerland)
was used as shown in Figure 13a. The relative permittivity and conductivity values are
g = 46.4 and ¢ = 0.67 at room temperature (22 °C) and a frequency of 400 MHz, which
are specified in the data sheet. Figure 13b shows the 10 L acrylic tank used to contain the
skin tissue liquid. The size of the acrylic tank was made to be 31.6 cm x 31.6 cm X 10 cm
considering the size of the implant patch antenna, and the wall thickness was set to 8 mm,
considering the relative density of the skin tissue liquid (1.2-1.4 kg/L). It is worth noting
that the 8mm of the wall thickness corresponds to about 0.01 A, so its effect on the radiation
performance of the implant patch antenna is negligible. The antenna was assumed to be
located 4 mm from the surface of the acrylic tank, and M5 size polycarbonate (PC) screw
hole structures were added to stably mount the implant patch.
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Figure 13. Implementation of the human body (a) skin tissue liquid and (b) acrylic tank.

The patch antenna inside the human body consisted of a dielectric substrate (metal
free) on the upper layer and a conducting patch with a grounded dielectric slab on the lower
layer. Figure 14a shows the lower layer of the patch antenna fabricated for an operating
frequency of 400 MHz inside the skin tissue. The patch antenna was designed on Taconic
RF-10 substrate (¢, = 10.2, tand = 0.0025) with a thickness of 3.2 mm, and the sizes of the
ground and the conducting patch were 20 cm x 20 cm and 10.8 cm x 10.8 cm, respectively.
The feed position of the implant patch was located 5.2 cm from the patch center to improve
the impedance matching. Figure 14b shows the structure in which the upper layer and
the lower layer were assembled. Both layers were assembled with M5 size PC screws, and
were mounted through screw holes in the acrylic tank. To prevent the occurrence of air
gaps and leakage of skin tissue, waterproof tape was firmly attached to the four corners
of the assembed structure. Finally, the assembled structure was fixed by screwing into an
acrylic tank containing skin tissue liquid, as shown in Figure 14c. Figure 14d-g shows the
measured results of the fabricated implant patch antenna. Similar to the simulation, the
implant patch antenna operated at 400 MHz in the skin tissue, and operated near 420 MHz
in the air, due to the decrease in relative permittivity. The measured input impedance and
reflection coefficients were Z;1 = 44.4 + j11.2 (3 and Sy1 = —17.5 dB at a 400 MHz frequency
in the skin tissue, as shown in Figure 14d and e. The frequency downshift occurred in the
measured results due to a small air gap by soldering the SMA connector.

The measurements were conducted to verify the coupling formula using the fabricated
patch antennas. Figure 15a shows the measurement setup of the coupling between one
patch antenna inside the phantom fluid tank and the other one in air. The two antennas
were set to face each other in the broadside direction, and the coupling was measured from
Sy1 of the VNA as a separation distance R changes from 0.5-5A (correspond to 37.5-375 cm).
The measured coupling S;; shows a similar tendency to the results calculated from the
coupling formula and full-wave simulation, as shown in Figure 15b. The ground effect
caused by the floor generated at the far separation distance was minimized by the installed
microwave absorber. However, at a near separation distance, a measurement error of 0.4 dB
occurred due to the reflected wave from the table used in the measurement.
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5. Discussion

The coupling formula is advantageous since it enables us to compute the near-field
antenna coupling based on the far-field radiation pattern. The coupling formula was
applied to compute the wireless link between two antennas inside and outside of the
human body. The patch antenna inside the small part of the human tissue was used to
characterize the far-field pattern of the implanted antenna. The computed results obtained
from the coupling formula show good agreement with the full-wave simulation FEKO and
measurements. The deviation between the computed results and full-wave simulation was
less than 0.6-1.2 dB for both cases versus separation distance and transverse displacement.
The matching characteristics inside the human body was investigated in terms of the
electric and magnetic dipole antennas. The representative examples of the electric and
magnetic dipole antennas were selected as the dipole antenna on the EBG structure and
the helical antenna on the metal ground plane, respectively. It was found that the magnetic
dipole provides low impedance characteristics which are similar to those of the human
body, which is advantageous in terms of providing optimal impedance matching inside
the human body. The indoor measurement was performed using one patch antenna
inside the phantom fluid and the other one in air. The measured results show a good
level of agreement with the simulated results in terms of matching characteristics and
link performance. This study provides an important guideline for the creation of reliable
wireless links based on an accurate numerical method and antenna design in terms of
matching characteristics.
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Appendix A

The impedance mismatch of an antenna inside the human body was proposed in order
to estimate an accurate coupling quotient. In this Appendix, the derivation of the antenna
mismatch term is presented in detail. Figure A1l shows the two-port network, linked
between the transmitting antenna and the receiving antenna. Except for the propagation
part, the coupling quotient between the transmitting antenna and the receiving antenna
is derived, which is identical to the impedance mismatching term. One can start with the
mismatch term of transmitting antenna. The mismatch term between the TX antenna and
the human tissue can be defined as

arx = Io, Tissue bTx (A1)

apx = To, rx by + a0 (A2)
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Figure A1. Description of the two-port network used for the derivation of the impedance mismatching term.

Substituting Equation (A1) into Equation (A2) based on the relationship a/y = brx
and arx = by will produce

a0
brx = (A3)
1-— 1—‘O, TX 1—'0, Tissue

For the receiving antenna, the amplitude of the received wave can be derived using
the following relationship

brx — brxTo, rx = bj (A4)

Substituting Equation (A3) into Equation (A4), the coupling quotient can be derived as
by < 1 ) 1

20— A5

ao 1 —To, Tissue / 1 —To, rx (49)

It was assumed that both the transmitting and receiving antennas are fed by an
identical waveguide. Note that multiple reflection is ignored in the derivation. The
Equation (A5) was applied to compute the coupling quotient presented in Equation (1).
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Abstract: A slot fed terahertz dielectric resonator antenna driven by an optimized photomixer is
proposed, and the interaction of the laser and photomixer is studied. It is demonstrated that in a
continuous wave terahertz photomixing scheme, the generated THz power is proportional to the
4th power of the surface electric field of photocondutive layer. Consequently, the optical to THz
conversion efficiency of the proposed photomixer has an enhancement factor of 487. This is due to
the fact that the surface electric field of the proposed photomixer with a 2D-Photonic Crystal (PhC)
superstrate has been improved from 2.1 to 9.9 V/m, which represents a substantial improvement.
Moreover, the electrically thick Gallium-Arsenide (GaAs) supporting substrate of the device has
been truncated to create a dielectric resonator antenna (DRA) that offers a typical radiation efficiency
of more than 90%. By employing a traditional coplanar strip (CPS) biasing network, the matching
efficiency has been improved to 24.4%. Therefore, the total efficiency has been considerably im-
proved due to the enhancements in the laser-to-THz conversion, as well as radiation and matching
efficiencies. Further, the antenna gain has been improved to 9dBi at the presence of GaAs superstrate.
Numerical comparisons show that the proposed antenna can achieve a high gain with relatively
smaller dimensions compared with traditional THz antenna with Si lens.

Keywords: photomixer; terahertz source; two dimensional photonic crystal; frequency selective
surface superstrate; terahertz antenna; dielectric resonator antenna

1. Introduction

Terahertz (THz) spectrum extends from 300 GHz to 10 THz, which covers the fre-
quency range between mm-wave and infra-red bands. In addition, the corresponding
wavelengths represent the transition between photonics and electronics. Higher atten-
tion has been paid to the development of THz technologies, owing to the variety of THz
spectrum potential applications including monitoring and spectroscopy in pharmaceu-
tical industry [1,2], imaging [3,4], material spectroscopy [5], security [6,7], biology and
medicine [8,9], and high-speed communication [10].

However, the main limit to the development of THz technologies is the lack of available
THz emitters and detectors [11]. To date, most of the THz systems that utilize time domain
techniques employs bulky and expensive femtosecond lasers. In this case, the optical
excitation from the lasers can generate and detect sub-picosecond electrical pulses. On the
other hand, frequency domain techniques can achieve higher resolutions and high scanning
speed in a low cost and portable devices [12]. So far, it has been demonstrated by numerous
that continuous wave THz sources can either be generated directly or converted up and
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down from microwave and optical frequencies, respectively [11]. Nevertheless, there is
a lack of efficient room temperature THz sources without the need of cryogenic cooling
system and external magnetic field [13].

One of the most promising continuous wave THz sources that utilizes Optical Het-
erodyne Generation (OHG) [14] is known as photomixer that is capable of generating
tunable and coherent THz signals with low-cost and low power consumption in a compact
devices [15-18]. A photomixer consists of two set of metal electrodes, a photoconductive
layer and a bulky supporting dielectric substrate. In the photomixer, as two interfering
laser beams incident on the non-linear photoconductive medium, electrons are excited
from valence band to conduction band, hence, spatiotemporal electrons and holes are
generated. Owing to the applied DC biasing voltage, induced photocurrent is driven at
the beating frequency of two incident laser beams [19]. Typically, a conventional pho-
tomixer can only achieve 0.1% optical to THz power conversion efficiency [20,21]. It has
been demonstrated earlier that an enhancement factor of 4 in the optical to THz conver-
sion efficiency can be achieved by using plasmonic material as interdigital electrodes [22].
Additionally, more than 4 times of THz power has been achieved by using optical antenna
array of ZnO nanorods [23]. Further, an enhancement factor of 25 in terahertz radiation has
been demonstrated by utilizing transparent-conducting oxcides nanocylinders between
photomixer electrodes [24]. Additionally, double the effective electric energy can be gen-
erated by utilizing embedded electrodes [25]. In addition, to date, a highest reported
laser to THz conversion efficiency is 7.5%, where replaced the conventional photomixer
electrodes have been replaced by three-dimensional plasmonic contact electrodes [26,27].
However, though many researchers have attempted to optimize the optical to THz conversion
efficiency, it is still significantly less than tenth of the theoretical maximum of 100% [28].

As mentioned previously, a photomixer is implemented on a photoconductive layer
that is supported by a bulky dielectric substrate. The THz antenna’s input resistance
is expected to be reduced by a factor of \/((¢r + 1)/2) due to the presence of the bulky
dielectric supporting layer that has a dielectric constant of e;. On the other hand, the output
resistance of a photomixer is in the order of ~10 k() [29]. Therefore, the reduced input
resistance of the THz antenna leads to a poorer matching efficiency. A full wavelength
dipole has been used to drive a Yagi-Uda array to achieve an input resistance of 2.6 k() [30].
Moreover, a 3.3 k() input resistance has been achieved by implementing an isolating
metallic ground plane with a dipole placed on a thin dielectric slab [31].

In addition, it has been reported that THz communications are more likely to be
influenced by the atmosphere, especially, the humidity [32]. Therefore, the radiation power
enhancement becomes another challenge. In this case, multiple types of Si lenses have
been utilized to achieve a higher gain [33,34]. Beyond that, with the presence of a thick
supporting dielectric substrate, Si lens can be used to collect and collimate the generated
THz power to minimize the power dissipation in the substrate. However, the usage of Si
lens makes the entire antenna configurations even larger on the top of the usage of a thick
supporting dielectric substrate.

In this study, the optical to THz conversion efficiency of the photomixer has been
optimized based on a numerical study and the utilization of a two-dimensional photonic
crystal optical frequency selective surface (FSS) superstrate. Then, a dielectric resonator
antenna (DRA) with the appealing features of low cost, small size, and high radiation
efficiency, as well as gain [35], has been truncated from the bulky dielectric supporting
GaAs substrate, in this case, the low temperature grown GaAs, LT-GaAs, to reduce the size
of the antenna configuration and enhances the radiation efficiency. Coplanar stripline and
THz dielectric superstrate have been implemented for the further optimization of matching
efficiency and antenna gain, respectively. The simulations have been conducted using
computer simulation technology (CST) microwave studio.
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Photoconductive layer, LT-GaAs

2. Photomixer Design

In this section, the generated THz power from a photomixer, that is biased using
a DC voltage and is illuminated by two laser beams with a difference in their central
frequencies in the THz range has been calculated analytically. According to the numerical
analysis, the generated THz power can be enhanced substantially by optimizing the
photomixer configuration.

2.1. Derivation of the Generated THz Power from the Photomixer

Figure 1a illustrates two linearly polarized continuous wave laser beams with beating
frequency falling in the THz spectrum that are incident on the DC biased photoconductive
layer. On the other hand, the structure of a typical photomixer electrodes is presented
in Figure 1b. Since the applied biased voltage cannot change the absorption coefficient,
mobility and recombination time of the low temperature grown GaAs, LT-GaAs photocon-
ductive layer, the electrodes of the photomixer can be considered as an ohmic conductances
while the time varying source conductance is electrically modeled as a photoconductance.
Consequently, the photomixer based THz antenna can be modeled using the equivalent
circuit illustrated in Figure 2 from which it can be noted that the photomixer consists of
a photoconductance, Gs~H(Q,t), and a paralleled capacitance, Cejoctrodes- The capacitance
depends on the structure of the photomixer and the dielectric constant of the photoconduc-
tive layer. The generated photocurrent is driven by the biased voltage excites and the THz
radiating antenna, which is represented in Figure 2 by a resistance of Ruputenna [36].

Laser 2
LT-GaAs

(a) (b)

Figure 1. (a) Typical photoconductive photomxing scheme; (b) Top view of photomixer electrodes.

I(Q,f) g: Gs_l (Q,t) .
p—T
Antenna
+Vbiased g II : :: ....................... “E
T : Cetectrodes Rantenna
Photomixer B

Figure 2. Equivalent circuit of photomixer based THz antenna.

The electric fields of the two incident laser beams on the LT-GaAs’ surface can be
expressed as: 4
E = |E;|e/“ 1)
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where w is the lasers” angular frequency and I = 1,2, represents laser 1 and laser 2,
respectively. The laser intensity been absorbed by the LT-GaAs is proportional to the
square of the total incident electric field on the LT-GaAs’ surface:

10,4) = (1-D)LJEP = (1 -1 +27V";;112 cos(Qt)] @)

where Ij is the maximum optical intensity on the LT-GaAs’ surface, I' is the reflection coeffi-
cient at the LT-GaAs-air interface, m describes the overlap of the laser beams,
which is known as the mixing efficiency and () is angular beat frequency, (w;—w>).
The induced photo-carriers generated from the incident laser beams as a function of
time is:
dn(t)  n(t)  aT)
i - w hf

in which £ is the Plank’s constant, f; is the mean frequency of the laser beams and 7. is
the carrier lifetime. In addition, a(T) is the temperature-dependent absorption coefficient
and T is the temperature in kelvin. For a GaAs layer with a direct band gap, «(T) can be
expressed as [37]:

[(©, ) ®)

W(T) ~ Kooy | H—Es(D) @

q
where K is a certain frequency-independent constant which is approximately 9.7 x 10' for
GaAs [37], and E¢(T) is the LT-GaAs’ temperature dependent band gap energy defined as:

DCETZ

Eg(T) = Eg(0) 75

©)

in which E¢(0) is the GaAs” gap energy at 0 °K which is about 1.519 eV, ar and B
are material constants of GaAs which are approximately 5.41 x 10~ eV/K and 204 K,
respectively [38].

By assuming that Iy = I = Ip and ¢/ 7. >> 1, then substituting (2) into (3), the generated
carrier density can be obtained as:

a(T)
hfi

The conductance of the photomixer can be expressed as:

() + Q1. sin(O)

cos
Ip(l1—-T)t.(1++vm
of el 1+(QTC)2

n(Q,t) =

) (6)

Tsup
Gelt) = [dGu(t) = [ oM Tz = e - M) )
0

in which Ty, is the depth of photoconductive region, W is the width of the electrode, L is the
length of the electrode and o1(t) is the conductivity. The electrical conductivity is defined as:

a(T)epe

o(t) = epen(t) = =7 2= Io(1 =D (1 + /o8O0 + O sin(Qr)

1+ (Q7)?

) ®)

where e is the electron charge and y, is the electron mobility. Therefore, the photomixer’s
conductance can be derived by substituting (8) into (7):

Wepelgt,
hLf

(Qt) + Q1. sin(Ot)

1-T)(1—e *MTab) (1 4 /m =2
(1-T)(1—e )1+ vm 1+ On)?

GS(Q/ t) =

) 0O
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The impedance of the system can be given by analyzing the equivalent circuit shown
in the Figure 3:

1
Zi(O,t) = - +R 10
t( ) ]QCelectrodes + Gs (Q/ t) anterna 10)
and the radiation power can be defined as:
Vbiased 2
PTHz(Q/ t) = Rantenna ( Zt(Q, t) ) (11)

G

Groundplane
Y

@) (b)

Figure 3. (a) Configurations of the 2D-PhC unit cell; (b) Top view of the photomixer based slot.

Therefore, as RantennaGs is much smaller than 1 and by replacing system impedance
by (8), as well as neglecting the imaginary part, the radiation power can be expressed as:

2 2
VbiasedGS (Q’ t)
1+ (QRuntennaCelectrodes)z

PTHZ(Q/t) ~ Rantenna (12)

In addition, by employing (9) and averaging the power, the mean generated THz
power can be expressed as:
2
MRantenna Vbiaszed . )Ig (13)
[1 + (QRantennaCelectrodes) Hl + (QTC) ]

Weu,. T, —a 2
Priz: = [ (1= T)(1—e )]

It can be noted from (13) that the generated THz power depends on three main factors,
(2 Rantenna Celectrode), ((2T¢) and Ip*. As mentioned previously, Rantenna and Clectrodes depend
on the photomixer’s configuration and dielectric constant of the photoconductive layer.
In addition the carrier lifetime is a function of the applied bias voltage [38—40]. Hence, it can
be demonstrated that for the same photoconductive material and photomixer configuration
that are used with the same biased voltage, the generated THz power is proportional to the
square of the incident laser intensity on the surface of the LT-GaAs layer. Since the intensity
is proportional to the square of electric field, the generated THz power is proportional to
the 4th power of the electric field at the surface of LT-GaAs. Consequently, a design that
optimizes the laser intensity is proposed instead of manipulating the photoconductive
material and photomixer electrodes’ configuration.

2.2. Photomixer Modeling

In order to optimize the electric field on the surface of LT-GaAs, two dimensional
photonic crystal (2D-PhC) has been introduced by utilizing a periodic plane and a non-
periodic third dimension to provide a pass, or stop, band frequency response [41]. The unit
cell of the 2D-PhC is illustrated in Figure 3a. The 2D-PhC has been used as an optical
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frequency selective surface (FSS) superstrate that is placed at an optimum height above
the photomixer. The electromagnetic wave bounces between the FSS and ground plane
surrounding the photomixer, therefore, the cavity created by FSS superstrate and ground
plane can enhance the optical intensity on the surface of the LT-GaAs.

Since the photomixer is used as a source to excite the truncated GaAs THz DRA,
the metallic ground plane has been deployed on top of the LT-GaAs photoconductive layer.
However, in order to illuminate the photomixer by the laser beams, a central slot feed is
used to accommodates the photomixer as shown in Figure 3b. Moreover, the electrodes
have been defined as optical gold (Palik) for CST simulation purposes. The dimensions
of the parameters shown in Figure 3b have been defined as: M = 0.5 um, B = 0.2 um,
W=01um,e=05um, P=23um, L =113 um, D =08 um, T,,; =4 um, H =1 um,
G =13.68 um, and thickness of 0.1 um. It should be noted that the thickness of the LT-GaAs
photoconductive layer is 0.44 um with a relative dielectric constant of 12.9. The material of
the 2D-PhC FSS has been assumed as GaAs while the periodicity, central air hole radius,
and thickness have been chosen as a = 0.76 um, r = 0.3 4 and h = 0.2 g, respectively. Figure 4
illustrates the reflectivity of the 2D-PhC FSS, where it can be noted that there is a stopband
at wavelength range of 750 to 780 nm.

1.0

0.8 1

0.6

Reflectivity

0.4

0.2 1

0.0 . y y y
720 740 760 780 800 820

Wavelength (nm)

Figure 4. Reflectivity of the 2D-PhC FSS.

A 2D-PhC layer with 19 x 19 unit cells has been suspended at a height of 0.3 um above
the photomixer to act as an FSS superstrate. The incident laser beams have been modeled as
a linearly polarized plane wave with a 1 V/m electric field component along the direction
of photomixer electrodes. The electric field magnitudes between the central electrode
pair on the LT-GaAs’ surface is illustrated in Figure 5 with the comparison to that at the
absence of 2D-PhC FSS superstrate. In addition, the cross-section of the surface electric
field distribution at the central pair of photomixer electrodes are presented in Figure 6.
From these results, it can be observed that the utilization of the 2D-PhC superstrate has
improved the electric field on the electrodes from 2.1 to 9.9 V/m, which represents an
enhancement factor of 4.7. As explained earlier, the generated THz power is proportional
to the 4th power of the electric field, therefore the corresponding enhancement factor of
the generated THz power is 487. Besides, the same methodology has been applied to
an identical photomixer albeit with a InGaAs photoconductive layer, where the electric
field on the InGaAs's surface has increased form 2.42 to 11.5 V/m by utilizing an FSS
superstrate with unit cell’s dimension of 2 = 0.72 um r = 0.27 a and /& = 0.19 a at a height
of 0.23 um above the photomixer. The results are presented in Figure 5, where it can be
noted that approximately same enhancement factor has been achieved compared to the LT-
Gaas photoconductive layer. Compared with the cases of increasing the electrodes E-field
from 2.1 to 3.4 V/m and 4.365 V/m using 2D-PhC, with central hole [42] and plasmonic
rod [43], respectively, as reflectors underneath the photoconductive layer, employing a
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2D-PhC as FSS superstrate has substantially enhanced the optical to THz power conversion
efficiency. However, the overall efficiency of the system depends on the laser to THz power
conversion efficiency as well as the antenna’s radiation and matching efficiencies that will
be investigated next. In the following section, the optimized photomixer will be used to
excite a THz DRA that is truncated from the supporting bulky GaAs substrate. A DRA has
been chosen due to the high radiation efficiency of more than 90% at the frequency range

of interest.

12 @ conventional photomixer on LT-GaAs
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Figure 5. Optical E-field magnitude between the central electrodes of a photomixer on the surfaces

of LT-GaAs and I GaAs photoconductive layers.

Figure 6. The optical E-field distribution (a) without FSS (b) with FSS.

3. THz Dielectric Resonator Antenna Design
3.1. Antenna Configuration

The presence of the bulky GaAs supporting substrate reduces the input impedance
and absorbs most of the generated THz power, which impairs the matching and radiation
efficiencies. A typical radiation efficiency for a dipole above a thick dielectric substrate
is 40% or less depending on the thickness and dielectric constant of the substrate [44].
On the other hand, a rectangular dielectric resonator antenna offers a considerable enhance-
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ment in the radiation efficiency owing to the absence of surface waves and ohmic losses.
Therefore, the bulky GaAs substrate can be truncated to act as a dielectric resonator antenna
that operates at the higher order resonance mode. However, the truncated DRA should be
large enough to maintain the required physical support to the photomixer device. For fab-
rication purposes, the width to height aspect ratio of the truncated DRA should be greater
than 3. Otherwise, a fragile configuration will be achieved that is difficult to fabricate.
Furthermore, the utilization of a DRA as a substrate results in a much smaller configuration
compared to traditional structures that are based on utilizing a hemispherical Si lens to
extract the THz power. As the configurations of the photomixer and corresponding 2D-PhC
FSS superstrate are relatively small enough at the THz spectrum, they will have a negligible
impact on the performance at the THz frequency range.

As a result, the GaAs substrate has been employed as the THz antenna that also
provides the mechanical support to the device at the same time. The GaAs DRA is
illustrated in Figure 7 with dimensions of Wpgr4 = 250 um, Hpra = 60 pum, as well
as a relative dielectric constant of 12.9, and has been placed on a gold ground plane
with a size of Wepung = Wsup = 400 um. For further gain enhancement, an additional
GaAs dielectric superstrate has been employed with dimensions of Ws,, = 400 um and
Tsyp = 60 um. As illustrated in Figure 7, the original optical superstrate has been placed on
the feed side of the DRA to capture the illuminating laser beams, while this THz super-
strate is placed above the opposite side of the DRA to enhance the radiated THz power.
Therefore, the two superstrates will not impact each other as they separated by the DRA
and the gold ground plane that accommodates the photomixer. The distance between the
DRA and the new THz superstrate can be determined as Hsyp = (0.25*((@1 + ¢2)/ 1) +0.5) A [45],
where ¢;, ¢, represents the reflection coefficient phases of the superstrate and ground plane.
Therefore, the distance between the GaAs DRA and the THz superstrate has been calculated
as Hgyp = 30 pm.

Weup

Tsup

Hsup
WDRA

Metal
groundplane

N
Photomixer based Optical FSS
central slot feed

Figure 7. THz DRA and superstrate configuration.

DC bias is required to generate the THz power, therefore, the ground plane has
been divided into two halves by a narrow slot with a width of Wgeperate = 0.5 pum to
work as two large DC biasing pads as illustrated in Figure 8. Since the generated THz
power can leak through the DC biased pads and transmission line, a coplanar stripline
(CPS) network has been employed to work as a choke filter to minimize the THz current
leakage, as well as improving the matching. The configuration of the CPS and feeding slot,
which accommodates the photomixer and excites the DRA, has been included in Figure 8.
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The feeding slot has a length of Ly, = 65 pm and width of Wy, = 5 um. The dimensions of
the CPS network have been chosen as L1, = 120 um, Wy, =1 pm, Lgs,; = 91 pm, Wy = 0.5 pm,
Sstub = 50 um, Wegy = 0.5 um, and g7, = 3 um, respectively.
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HI slot
Finally, the feeding photomixer has been modeled as a discrete port with a 10 kQ)
input resistance that is in parallel with a 3fF lumped capacitance. Both of the discrete port

and lumped capacitance have been deployed at the center of feeding slot in order to be
connected with the CPS and DC bias pads.

Figure 8. Top view of feeding slot and CPS.

3.2. Results and Discussion

The input impedance of the DRA with and without CPS network has been studied as
shown in Figure 9, where it can be noted that the input resistance has been improved from
430 to 700 Q) by utilizing the CPS, which corresponding to an enhancement of matching
efficiency from 15.8 to 24.5%. Furthermore, the resonance mode of the DRA has been
investigated as illustrated in Figure 10, where it can be noted that the TE;;; mode has
been excited. The radiation patterns of the DRA are presented in Figure 11, where the
broadside gain has been improved from 6.5 to 9 dBi by incorporating the THz GaAs
superstrate. As a result, the radiated THz power has been enhanced by a factor of 2.
Therefore, the performance of the THz photomixer based antenna has been improved
considerably by combining several factors such as the improving the optical to THz power
conversion efficiency as well as enhancing the radiation efficiency by utilizing a DRA and
employing a CPS that improved the matching efficiency.

800

With CPS
— — — Without CPS

600

400

Input resistance

200

0.66 0.68 0.70 0.72 0.74

Frequency (THz)

Figure 9. Input resistance of photomixer based slot fed THz DRA with or without CPS.
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Figure 10. The H-field component inside the DRA with TE7;;mode at (a) XY plane; (b) XZ plane.
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Figure 11. Radiation pattern of DRA with and without superstrate at (a) ¢ = 0°; (b) @ =90°.

Table 1 compares the performance of the proposed DRA with published THz antennas
and THz DRAs, where it can be observed that presented DRA offers a higher antenna
gain as compared with other DRAs though, it is slightly larger than the reported DRAs.
Compared with other antenna types, the proposed THz DRA achieves a similar gain with
much smaller dimensions. Such a miniaturized high gain antenna can be used to optimize
the performance of any THz application with a limited system space.

Table 1. Performance summary and comparison with prior works.

Reference [34] [46] [47] [48] This Work
Antenna Type Lealf n—l\i/l;xlrzn;h‘fgkil ole Dipole Antenna with Slot Fed Patch Fed Higher Slot Fed GaAs Substrate
M Y Antenna p Horn Cavity stacked DRA Order Mode DRA Truncated DRA
Frequency (THz) 0.2 1 0.13 0.34 0.7
Antenna Gain 103 9.07 4.7 7.9 9
DR Material/ ¢, - - Alumina/10 Silicon/11.9 GaAs/12.9
DR type - - Rectangular Rectangular Rectangular
Antenna Aperture (A\?) 1.44 4.55 0.72 0.2 0.87
Antenna Height (A) 1.2 1.16 1.28 0.5 0.35

4. Conclusions

The presented work introduces a photomixer based slot fed terahertz dielectric res-
onator antenna with enhanced optical to THz power conversion, as well as improved
matching and radiation efficiencies. The interaction of two incident continuous wave

56



Sensors 2021, 21, 876

laser beams and photomixer has been studied. A general analytical expression for the
generated THz power has been derived, which demonstrates that the generated THz power
is proportional to the 4th power of the electric field on the surface of photoconductive
layer. Therefore, by utilizing a 2D-PhC as FSS, the optical to THz conversion efficiency
has been improved by a factor of 487. Consequently, the optimized photomixer has been
accommodated in a central slot, which has been used to excite the THz DRA that has
been truncated from the thick supporting GaAs substrate. A coplanar stripline has been
implemented to minimize the leakage of THz power through DC bias pads and transmis-
sion line, as well as improving the input resistance of the antenna. As a result, the input
resistance of the DRA has been improved from 430 to 700 (3, which corresponds to 15.8
and 24.4% matching efficiency, respectively. Finally, a THz GaAs superstrate has been
employed with the THz DRA, which leads to an enhancement of the antenna gain from 6.5
to 9 dBi. The presented results demonstrate that the proposed design outperforms other
counterparts reported in the literature. As demonstrated by (13), further enhancement of
the optical to THz conversion efficiency can be achieved by reducing the carrier lifetime of
the photoconductive layer such as changing the configuration of the photomixer electrodes
to minimize the traveling distance of carriers. The performance can be improved further by
altering the shape and dimensions of the slot to increase the order of the excited mode as
this has the potential of providing higher gain. In addition the packaging of the proposed
configuration needs to be considered so that a physical support is provided to the Thz
superstrate in conjunction with improving the handling and stability of the device.
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Abstract: A calibration method for a high-resolution hybrid MIMO turntable radar imaging system
is presented. A line of small metal spheres is employed as a test pattern in the calibration process to
measure the position shift caused by undesired antenna effects. The unwanted effects in the antenna
near-field responses are analysed, modelled and significantly mitigated based on the symmetry and
differences in the responses of the MIMO configuration.
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1. Introduction

Turntable radar imaging systems for high-resolution imaging of complex objects can
observe objects in arbitrary orientations and with a minimum of equipment [1]. No rel-
ative motion takes place between sensors and other objects in the environment, which
can be utilised to eliminate environment effects in order to increase system accuracy.
The long duration due to mechanical spatial-scanning is a disadvantage of a single-sensor
or single-input single-output (SISO) turntable system. In a multiple-sensor or multiple-
input multiple-output (MIMO) system [2-7], the sensors can be spread spatially to ex-
cite/observe the object in different spatial positions including position, direction and
polarisation. In a high-speed capturing system, measurement data about the object can
be captured with only one snapshot [8-11] with multiple spatial positions in the excita-
tion/observation. Complexity and cost of the system are proportional to the number of
spatial sensor positions.

A hybrid combination of a turntable and a minimalistic MIMO system is a suitable
trade-off between increasing capture speed and reducing complexity and system cost.
Moreover, differential features in the MIMO channel responses are very important and
cannot be identified in a SISO system. These can be utilised for system calibrations to
mitigate the system errors and/or system imperfections.

The calibration for a practical system plays a vital role in the improvement of recon-
structed image accuracy [12]. The accuracy of nonideal electromagnetic acquisition systems
is affected by many factors, in which near-field characteristics of antennas are a significant
factor. The imperfection of S11 characteristic of a bidirectional mode antenna and mutual
near-field coupling between transmitting-receiving pairs of monodirectional mode anten-
nas in the MIMO system are factors degrading the system accuracy. To eliminate these,
the switching methods to turn off the receivers in the transmitting periods can be used,
however this method is not suitable for a near-field radar system. Both the imperfection
in S17 and the mutual near-field coupling could be considered as an unknown mutual
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coupling of the system antennas. In [13,14], this effect in the MIMO systems was mitigated
by a subtraction between the two measurements with and without the object. While, blind
calibration processes were implemented in [15,16] assuming known antennas positions and
direction from the objects. An experimental study of antenna array calibration [17] revealed
a mismatch if only the coupling effect of antennas was considered. This can be explained by
another undesirable effect in antenna responses that is magnitude, latency/phase and polar-
isation in transmitting/receiving responses of the antennas dependent on direction. In [13],
an adaptive weighting technique was proposed to calibrate this directional dependence
error based on the measurement data at the exact positions. To tackle both the unknown
mutual coupling and the antenna directional-dependence, the reflected signals from the
metal plane in different positions were measured and processed in the calibration in [18,19].
Besides using the passive/static objects in calibration, the active/reconfigurable objects
were also used in calibration processes as a beacon in [20] or a rotatable double-antenna
polarimetric active radar calibrator in [21]. However, the measurement data at the exact
spatial positions was also a requirement of these methods.

In this article, a hybrid MIMO turntable radar imaging system [12] and a calibration
method to reduce the undesirable effects of the antennas on the system performance are
reported. The undesired antennas effects in the MIMO system configuration are analysed in
a perspective of near-field propagation [22]. Additionally, the effects of the object rotation
using the system turntable are analysed and the impacts on the estimation of object position
is modelled, investigated and measured. The calibration scheme is proposed to mitigate
these effects in order to improve system accuracy with a minimisation of the complexity in
measurement arrangement.

2. Radar Imaging System

Figure 1 shows the configuration of the MIMO turntable radar imaging system [12].
It includes two vertical fixed-mounted Vivaldi antennas and a turntable facilitating the
rotation of measured objects around the system axis with an angular step size AS. The two
antennas Ant.1 and Ant.2 are parallel, with a distance of sy between them and have the
same distance to the system axis. The two antennas axes are in the system plane. The system
axis is perpendicular to the system plane and cuts this plane at the system origin O. The
distance from the system axis to the plane containing the two antennas reference planes is
ro. The two antennas are connected with two bidirectional ports of a Rohde & Schwarz ZVA
40 vector network analyser (VNA) playing the role of a frequency-sweeping transceiver of
the radar system. The system parameters are shown in Table 1.
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Figure 1. System configuration.
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Table 1. System parameters.

Parameters Values
Antennas space (s¢) 180 mm
System distance (rp) 690 mm

Angular step size (AB) 15
Rotating step number 240
Turntable tolerance +0.1°
Antenna size (L x W) 130 x 120 mm?
System bandwidth 10 MHz-39.9 GHz
Frequency step 10 MHz
Transmitting power 10 dBm

Spatial tolerances in system configuration and object arrangements impact the accu-
racy of the imaging system. Reducing the spatial tolerances is challenging and increases the
cost in setting up the system as well as arrangement of the objects. However, the calibration
scheme proposed in the Section 4 can reduce the effect of some of these spatial tolerances.

In this MIMO system, each antenna plays the role of a transmitting antenna, a receiving
antenna or both and time division multiplexing (TDM) of the VNA is used to divide each
measurement period into the two time slots. In each time slot, concurrently, one antenna is
in transmitting (Tx) and receiving (Rx) mode while the other is in Rx mode. The modes of
the antennas alternate in the next time slot.

With two antennas and the turntable, there are four combinations for spatial observing
channels (corresponding to four active radar virtual observing angles to the objects space)
in the measurement of object scattering characteristics at each position of the mechanical
rotation. These channels are presented in Table 2. The mechanical rotation of the turntable
includes 240 steps with 1.5" /step. Thus, the total number of (virtual) observing angles to
the objects space can reach to 4 x 240.

Table 2. Spatial observing channels vs. antenna modes.

Channel Antenna Mode
Cl11 Tx: Ant.1, Rx: Ant.1
C12 Tx: Ant.1, Rx: Ant.2
C21 Tx: Ant.2, Rx: Ant.1
C22 Tx: Ant.2, Rx: Ant.2

In practice, the speed of electrical mode switching for the antennas is faster than
mechanical state change for the turntable. Thus, this hybrid MIMO configuration is able
to increase the density of (virtual) observing directions to the objects space and/or in-
crease data acquirement speed when compared to a turntable single-channel configuration.
The time-domain inverse scattering algorithm [23-25] is applied to reconstruct the ob-
ject scattering image from radar measurement data. The object scattering images can be
produced based on measured data of all of mechanical rotation angles and correspond-
ing to each mechanical rotation angle, data of one or all of four channels are used for
this reconstruction.

The inverse scattering algorithm is based on the propagating waves in the system
model to identify scattering sources. The accurate modelling for the real propagation
process on/between the antennas and the objects is necessary [22]. However, in this
algorithm, each antenna is considered as working in the far-field relative to the objects,
isolated from other antennas and with ideal Si1, so the effects of the real operational
antenna conditions significantly degrade the system accuracy. These antenna effects are
addressed, modelled and mitigated in the next sections. Additionally, the rotation of the
objects in the measurement process and the reconstruction algorithm is also concerned and
investigated in terms of its effect on estimated object-position in the next section.
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3. Antennas Effects and Shift Modelling

In the case of an antenna operating concurrently in both transmitting or receiving
mode (C11 or C22), the proportion of electromagnetic (EM) energy reflecting/scattering
back to the antenna port at discontinuities in the structure (e.g., at the end edge, lateral edge
or at the connector) is the main factor causing imperfection in S1; antenna characteristic [22].
This effect can occur many times between parts of the structure, forming higher-order
reflection components visible in the received signal in time domain. Both first-order and
higher-order reflection components of the dominant transmitted signal can mask the small
amount of received EM energy scattered from the target object and is received by the
antenna. The imperfection in Sq; is illustrated in Figure 2 by the fact that |S11| parameter is
always greater than zero in practice.
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Figure 2. Undesired antennas effects.

Another undesired effect in the system configuration is the proximity coupling be-
tween the two antennas. In the case of the observing channel being C12 or C21, this can be
considered as a mutual coupling channel between the transmitting and receiving antennas
of distance sp. The first-order scattering components from the transmitting antenna can be
received by the receiving antenna. In the case of the observing channel being C11 or C22,
mutual coupling also occurs, the inactive antenna appears as a distributed target in close
proximity to the active antenna. Only second- and higher-order scattering components
from the inactive antenna can be received by the active antenna. Thus, in the case of C11
or C22, the received signal is affected by the both S;1 imperfection and mutual coupling
effects. In all cases C11, C22, C12 or C21, the coupling EM energy proportion received at
the receiving antenna can mask the desired signal scattered from the object. The proximity
coupling between the two antennas of the system is also illustrated in Figure 2.

Figure 3 shows the impulse signal and the measured received signals at the antenna
ports. It is observed that the intrinsic antenna structure causes significant reflections,
even from the regions of the connection port as the reflecting signal is formed from the
beginning of the impulse. The amplitude of this reflection signal (Received Sig. with
C22) is significantly greater than the amplitude of received signal caused by the proximity
coupling (Received Sig. with C12). Due to the distance sy between the two antennas,
there is a corresponding latency in the proximity coupling signal (Received Sig. with C12).
Another observation is that the higher-order scattering components of the two antennas
lead to the elongation of both received signals in the time domain.
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Figure 3. Received signals measured at the antenna port with the effects of imperfection in S1; and proximity coupling.

Another undesired effect of the Vivaldi antennas is dependence on direction of arrival
(DoA). An example of a ray-model propagation path for part of the scattered EM energy
propagating from the object to the antenna port is shown in Figure 2. When the antenna
1 (Ant.1) acts as a receiver, this path starts from the object, propagates over the subpath
in the air d’ to the scattering point S on the Vivaldi edge and propagates over the rest of
the Vivaldi edge toward the antenna port. The direction of the path is reversed when the
antenna is in transmitting mode. Assuming that the distance 4 from the reference plane
of the antenna to the object is not changed, when the arrival angle -y increases, while the
far-field model shows that d is constant versus 7, the subpath in the air d’ of the ray-model
decreases. This decrease phenomenon also happens to any arbitrary ray from the object to
any point on the antenna element behind the referent plane. Thus, the practical equivalent
length of the subpath in the air by multipath superposition of all rays scattering from
the object to the antenna patches also has a corresponding decline versus . This DoA
dependence effect leads to a significant error when the inverse scattering algorithm is
applied to reconstruct the scattering image of the object space if only the far-field model
is used.

The effect of DoA dependence of the Vivaldi antennas to a shift in object position
in the measurement result is explained in Figure 4. When Ant.1 measures an object at
P, the position in the measurement result is shifted to M by Ad, which is a function of
the angle 7. For objects at points in the segment [—sy/2 sy/2] of the x axis around the
system origin O, the dependence of the shift Ad on 7 can be approximated by a linear
function versus tan(7y) or the distance BP, this is shown by the blue line (BM) in Figure 4.
Symmetrically, the function of the shift when measured by Ant.2 is represented by the
orange line and the angle between the two lines is a. This angle « can be considered as
a differential characteristic parameter of the DoA dependence effect of the two antennas in
the MIMO system.

Figure 4. Shift model of antenna DoA dependence effect.
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The relationship between the shift Ad and the system parameters, the differential
parameter «, and the observing angle 7y from Ant.1 to the object can be formulated based
on the trigonometric relation of the edge lengths and the vertex angle in the triangle ABP:

(3 +w)
ro '

tan(y) = 1

When combined with the relationship in the triangle BPM and the projections of Ad
on the x axis—Ad sin(7y) and on the y axis—Ad cos(y):

ay\ Ad cos ()
tan(i) ~ rotan(y) — Adsin(y)’ @

Thus, the equation for the shift Ad versus 7y and the system parameters can be written:

_ 1o tan(y)tan(3)
cos(y) +sin(y) tan(§)

®)

In this work, the estimation of the position of the object is based on measuring the
distance to the object rotating around the system axis and applying the inverse scattering
algorithm to the measurement data set in order to reconstruct the object image. Thereby,
the shift caused by the antenna DoA dependence effect can be evaluated. However, effects
of the rotation in the measurement can affect significantly the estimation results. Figure 5
shows the shift model with the rotation effect. In each step of the measurement process
by Ant.1, when the turntable rotates by an angle B from the initial position, the object at P
is moved to P’ and the measurement result for the position of P’ is moved to M’ with the
shift Adg caused by the antenna DoA dependence effect. This shift can be considered as a
function of the variable 8.

Figure 5. Rotation effect on the shift model of antenna DoA dependence effect.

Assuming that the differential parameter a does not depend on the distance from the
antenna to the measured position or the distance AB’. The relationship between the shift
Adg and the parameters and rotating variable § can be formulated as follows.

The projections of the segment OP’ on the x and y directions are:

wg = w cos(B), hg=w sin(B). 4)
In the triangle AB'P,
s s
EO +wp = EO + w cos(B), (5)

ro — hﬂ ro — w sin(p)
dg = =

= = 6
cos () cos(vp) ©
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and . )
2+ w cos
wn0%) = o= sin(f) ?
o ~art 570 +w cos(B) g
7p = artan{ 220N, ®)

Considering the trigonometric relationship in the triangle B'P’"M’, the projections of
Adg on the x and y directions and the Equation (7) then

tan(ﬁ) _ Adﬁ COS(’)’Ig) .
2 {ro —w sin(B)} tan(yg) — Adgsin(7p)

©)

Thus, the shift Adg can be formulated as a function of the variable g, the object position
and the system parameters:

- ig)—l-w Cos(,B)} tan("éo) — . 10)
- +w cos . - +wW cos
cos (artan{ m }) +sin (artan{ W }) tan( 4 )

An investigation of the shift Adg versus angle f with different initial x-axis object
positions is implemented. With w = 0, the objects initial position is at the origin O,
with w < 0 on the left and with w > 0 on the right of the origin. This investigation is
implemented with the differential parameter o = 1.35°. The plots in Figure 6 show that the
shift Ady of each point varies with the rotation angle  depending on distance w from the
origin to the initial position. Another feature is that at f = 0 the average of Adp is greater
than the initial value (Ad without the rotation effect) for points on the left of the origin and
less for points on the right. Thus, if the estimation of Ad is based on averaging over 5, then
the estimated value of Ad tends to increase on the left of the origin and to decrease on the
right. This demonstrates that the estimated function of Ad is nonlinear versus tan(vy) or
distance BP.

Adg =

50 100 150 200 250 300 350
3 (deg.)

Figure 6. An investigation of rotation effect to the shift.

Considering the superposition in the reverse scattering algorithm to the response
signals scattered from the objects with rotation, local peaks in the reconstructed image tend
to spread out and shift with measured spatial errors Adg. However, because of nonlinear
or non-sawtooth shape around peaks of the time-domain response signals corresponding
to the measuring frequency band, this superposition leads to shrinking of the spatial errors
in mapping to the reconstructed image. Thus, the value of the shift Ad estimated from the
reconstructed image tends to be smaller than its value in the model. The above analyses
show that there are differences between the shift model in Equation (3) and the measured
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and estimated result of the shift with the effects of the rotation and the feature of the inverse
scattering reconstruction algorithm.

An adjusted model for the shift with effects of the rotation and the feature of the
reconstruction algorithm is proposed. Considering the feasibility for the measurement and
estimation of the shift caused by the DoA dependence of the antennas in this work, the
adjusted model for the shift Ad is still a proportional function versus tan(vy) as Equation (3),
but the differential parameter « is replaced by a, with a k factor, 0 < k < 1 as per
Equation (11). The model is used in a calibration scheme for the system in next section.

ag = ka (11)

4. Calibration Scheme and Results

To mitigate the effects of the imperfection of Sq; characteristic and mutual proximity
coupling between the two antennas, the background subtraction method [23,25] is applied.
However, the slow ripple over environment temperature in the response of the system
transceiver can reduce the effectiveness of this method. The distance r from the antenna
reference planes to the system x axis is chosen large enough that undesired scattering
components described above arrive earlier than the scattered signals from the object.
Thereby, the error of higher-order components at the object-scattering period, caused by
the slow ripple in the transceiver, is small enough compared to the intensity of the scattered
signals from the object. Limiting the range of the angle  considering the width of the
target object is also a factor in the choice of the lower bound of ry. The upper bound of
ro depends on the intensity of scattering signals from the objects compared to the system
noise level. In this work, r( is chosen as 690 mm.

Spatial tolerance in the alignment and positioning of the system components and
calibration objects significantly affects the system accuracy. In the system, the fixed con-
nected components such as the two antennas can be aligned accurately together with little
additional effort. However, high-accuracy alignment and positioning for the separate parts
of the system can require a lot of effort and high-cost measurement equipment.

To simplify alignment and positioning for the system origin, a calibration for the
nominal distance 7y of the system is implemented based on an equivalent distance cal-
culated from the measured propagation time (from the antennas to the system origin).
This measurement is implemented with a planar reflector placed at the system origin. To
reduce the rigour in alignment of the reflecting plane in the measurement, the highly direc-
tional characteristic in radar cross-section of the reflecting plane and the high-resolution
in rotation of the system turntable are utilised. The plane is rotated to find the balance in
azimuth angle of the plane to the two antennas corresponding to the peak of the received
signal with the observing channel C12 or C21, in which the propagation path starts from
one antenna, propagates to the plane and reflects to the other antenna. The propagation
time of the path corresponding to the case of the balance in azimuth angle of the plane
is used to estimate the equivalent distance from the antennas to the system origin and
correct the 7y parameter. Figure 7 shows the 230 x 230 mm? reflecting plane aligned on the
rotating axis of the turntable used in this calibration.

Figure 7. Reflector aligned at rotating axis of the turntable for the system origin calibration.
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As mentioned in Section 3, the antenna DoA dependence effect causes a shift in the
estimated object position when the estimation is based on reconstructed images. This shift
in the MIMO system was modelled and characterised by the differential parameter «, as
presented in the Equations (3) and (11). The measurement for the differential parameter «,
uses a calibration pattern of seven steel spheres of 11 mm diameter evenly spaced 40 mm
apart and aligned close to the horizontal line at the system origin. Figure 8 shows the
pattern and its location in the system. Radar measured data is acquired based on the

received signals of both antennas operating in monostatic mode (observing channel C11
and C22) at each rotating step of the turntable.

Line of ¢11mm metal spheres

Turntable

Figure 8. Measurement of the differential parameter by a line of metal spheres.

Figure 9a,b shows the reconstructed images of the calibration pattern based on two sets
of radar data measured by channels C11 and C22 with the DoA dependence effect. The first
observation from the images is that the peak values corresponding to object positions far
from the system origin (image centre) are smaller than the values close to the origin. This
can be explained by the rotation effect on the superposition of the reconstruction algorithm,
there is a proportional increase in the fluctuation in the shift of object positions farther from

the system origin, this leads to an increase in the spread of image energy around these peak
positions and degrades these peak values.
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Figure 9. Reconstructed images with the DoA dependence effect based on measurement channels (a) C11, (b) C22 and
(c) the estimation of differential parameter of the shift.
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The shift phenomenon caused by the antenna DoA dependence effect can be evaluated
based on these two images. Firstly, the positions of the objects in the two images are
estimated using a local peak finding algorithm. Next, in each image, a line across the objects
positions is estimated by fitting a linear function with the peak positions set. The angle of
the two lines from the two images represents the differential parameter «, of the shift in the
adjusted model. In this experiment, the estimated angle of the parameter a, is &, = 1.16’.
The peak positions, fitted lines and the angle between the two lines are shown in Figure 9c.

Due to the symmetry of the MIMO system and the use of differential angle of the two
lines for the estimation, the evaluation of the shift parameter is not sensitive to tolerances
in direction and space between the line of the calibration pattern and the system horizontal
line. These tolerances can be caused by inaccurate alignment of the calibration pattern
on the turntable. Additionally, by fitting a linear function on the peaks corresponding
to the sphere positions, this function is a characteristic line of the peaks set with relative
distance errors to the peaks. This suggests that in the alignment of the calibration pattern,
straightness of the line of spheres is not a rigorous requirement.

For a comparison, the images of the calibration pattern reconstructed from radar data
collected by channels C12, C21 and all of four channels are also presented in Figure 10.
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Figure 10. Reconstructed images with DoA dependence effect based on measurement channels
(a) C12, (b) C21 and (c) all four channels.

Considering Equation (3) and the adjusted model of the shift with the effects of the
rotation and the inverse scattering algorithm of the system, the estimated shift Ad for Ad in
the model can be calculated from the estimated differential parameter &, by the equation:

e ro tan(7y) tan(%”) | )

cos(7y) +sin(7y) tan(’%”)

To mitigate the antennas DoA dependence effect, the shifts at each position in the
object space corresponding to the distance of the paths from the object to the two antennas
are compensated by the estimated shifts calculated by Equation (12) in the inverse scattering
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algorithm. The results of applying the compensation to the calibration pattern are shown in
Figure 11. The images show the improvement in focus specifically the significant increase
and regularity of the peaks. The antennas DoA dependence effect is significantly mitigated.
This is demonstrated by the overlap of the peak positions of the two images and the
reduction of the estimated angle between the two lines down to approximately 0 in the
reconstructed images measured by channels C11 and C22. Additionally, the images of
the calibration pattern reconstructed from radar data collected by channels C12, C21 and
all of the four channels with DoA dependence calibration are also presented in Figure 12.
These figures also show the effectiveness of the calibration.
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Figure 11. Reconstructed images with DoA dependence calibration based on measurement channels
(a) C11, (b) C22 and (c) estimation of angle between the two lines.
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Figure 12. Reconstructed images with DoA dependence calibration based on measurement channels
(a) C12, (b) C21 and (c) all four channels.
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An investigation of relationship between the angle —«,; used to compensate for the
differential parameter «, in the adjusted model and the angle between the two lines prac-
tically estimated from the reconstructed images is implemented based on the calibration
pattern measured radar data. This investigates how the compensation affects the practical
estimation of the angle between the two lines and whether a multisolution in the algorithm
to eliminate the DoA dependence effect exists. The result in Figure 13 shows that if there
is no compensation (—a, = 0) then the estimated angle between the two lines is 1.16 .
The angle between the two lines is suppressed when the compensation is implemented by
a value of —a, = 1.11". This also shows that the error between the differential parameter
«, of the model and the measured and estimated differential parameter &, is approximately
0.05". In this investigation with the range of 6" (—2" to 4 , step of 0.1") of the parameter
—a,, there is only one solution for elimination of the antenna DoA dependence effect corre-
sponding to —a,; = 1.11". Therefore, the calibration algorithm has a univalent convergence
in the range of the parameter —«,.

6
94
= x: 0.00
b} | |
[=14)
= 0 \
!
=
-6 L - . L -
-2 -1 0 1 2 3 4
—a,(deg.)

Figure 13. Angle between the two lines estimated from the reconstructed images vs. the angle —a,
used to compensate for the differential parameter a, of the model.

When the calibration parameter has been determined, the system can be used to
measure other objects such as a pattern with 31 steel spheres of 11 mm diameter arranged
into a shape of “TUD” characters. The distance between two adjacent centres of spheres
is 20 mm. The pattern and reconstructed images with and without DoA dependence
calibration are shown in Figure 14. The results show that with DoA dependence calibration,
intensities of the peaks are high and moderately regular. The positions of the spheres in
the “TUD” pattern can be identified accurately based on these peaks as seen in Figure 14b.
While without DoA dependence calibration, the peaks or the positions of the objects
cannot be identified as shown in Figure 14c. This comparison demonstrates a significant
effectiveness of the calibration method.
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Figure 14. Testing the system with (a) “TUD” pattern and results (b) with DoA dependence calibra-
tion and (c) without DoA dependence calibration based on measurement data of all of four channels.

However, the quality of the reconstructed image in Figure 14b is lower than that of
Figure 12c. We observe the appearance of phantom peaks (e.g., between the “U” and “D”
characters) and a reduced and irregular intensity of object peaks. This is caused by the
increase in number of spheres (from 7 to 31), the decrease in distance between the objects
(40 mm down to 20 mm) and the distribution of the objects in two dimensions of the system
plane in the “TUD” pattern, when compared to the calibration pattern. These differences
lead to more complexity in the propagation progress [22] between objects and antennas at
each observed angle. The increased probability of an object being occluded by others is the

main factor in the quality reduction of the reconstructed image.

5. Conclusions

This article presented a hybrid MIMO radar imaging system associated with the unde-
sired near-field antennas effects and demonstrated the effectiveness of a calibration method
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to mitigate these effects. The calibration scheme was based on the analysis and modelling
of the propagation process and differential features of the MIMO system configuration as
well as tolerated the errors in the measurement arrangement. The advantage of the method
was demonstrated in improved focus of image energy at object peaks in the reconstructed
scattering images. This facilitates highly accurate near-field detection of small objects using
antennas which are large compared to the object size.
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Abstract: Broadband communication satellites in Ka-band commonly use four reflector antennas to
generate a multispot coverage. In this paper, four different multibeam antenna farms are proposed to
generate the complete multispot coverage using only two multibeam reflectarrays, making it possible
to halve the number of required antennas onboard the satellite. The proposed solutions include flat
and curved reflectarrays with single or dual band operation, the operating principles of which have
been experimentally validated. The designed multibeam reflectarrays for each antenna farm have
been analyzed to evaluate their agreement with the antenna requirements for real satellite scenarios in
Ka-band. The results show that the proposed configurations have the potential to reduce the number
of antennas and feed-chains onboard the satellite, from four reflectors to two reflectarrays, enabling a
significant reduction in cost, mass, and volume of the payload, which provides a considerable benefit
for satellite operators.

Keywords: reflectarray antennas; multibeam antennas; dual band reflectarrays; communication
satellites; Ka-band

1. Introduction

In the past years, the continental contoured beams traditionally used for broadcast
satellite applications in Ku-band are being replaced by cellular coverages to provide broad-
band services typically in Ka-band [1]. The cellular coverages are formed by between 50
and 100 slightly overlapping spot beams, generated with a frequency and polarization
reuse scheme of four colors, where each color is associated to a unique combination of
frequency and polarization [2]. Thus, the four-color scheme requires splitting the available
user spectrum into two different frequency sub-bands and two orthogonal circular polariza-
tions (CP) [2,3]. The generation of four-color coverages makes it possible to spatially isolate
the spots generated with same frequency and polarization, so the interference between
spots is reduced and the throughput of the users can be increased without modifying
the operational bandwidth of the system. The high-gain beams generated by the satellite
antennas produce circular spots on the Earth’s surface. The directions of the beams are
adjusted to produce a triangular lattice of circular spots. Therefore, the service area can
be split into hexagonal cells, each of which is covered by a circular beam [2]. Figure 1
shows an example of a four-color coverage based on hexagonal cells. The diameter of the
spots is defined depending on the capacity need of the system. Typically, the spots cover
a circular area of around 250-300 km in diameter, which corresponds to a beamwidth of
about 0.5-0.65° for the beams produced by the satellite antennas [3].
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Figure 1. Example of a four-color multispot coverage. (a) Hexagonal service cells working in four different colors. (b) Hexago-

nal cells covered by circular beams generated in two orthogonal polarizations (P1, P2) and two frequencies (F1, F2). (c) Example

of a European four-color coverage that would be generated by a geostationary satellite.

The generation of the multispot coverage from the satellite is typically accomplished
by using four multi-fed single offset reflectors operating by a single feed per beam (SFPB)
architecture [3,4]. Reflectors offer a reliable and simple operation; however, they cannot
generate the beams with an angular separation between adjacent beams as small as required
for this application, since overlapping feeds would be required. Thus, four multi-fed
reflectors are usually employed onboard the satellite, where each reflector produces all
the beams in a specific frequency and polarization, which are spatially isolated from each
other. In this way, each reflector generates the beams associated to one color in a lattice of
non-contiguous spots (the spots are separated by gaps that will be covered by the beams
generated by the other reflectors). Therefore, the interlaced beams produced by the four
reflectors form the final four-color cellular coverage of contiguous spots.

Due to the severe constraints in weight and volume of satellites, the use of four
reflectors can be seen as a suboptimal antenna farm. Different multibeam antenna solutions
have been proposed lately to reduce the number of antennas onboard the satellite [5].
The use of lenses [6] or array antennas [7] reduces the radiation efficiency and increases
the complexity of the antenna architecture, while the highly oversized reflector proposed
in [8] comprises a prohibitive stowage volume. In this paper, four different multibeam
antenna solutions are proposed based on reflectarray antennas [9], following the study
introduced in [10]. Each multibeam reflectarray is intended to generate half the required
multispot coverage, making it possible to reduce the number of antennas onboard the
geostationary satellite from four reflectors to two reflectarrays. The antenna specifications
commonly required in real scenarios (described in Section 2) will be used to analyze the
performance of the proposed reflectarrays. In Section 3, a 1.8 m flat reflectarray and a
1.8 m parabolic reflectarray will be proposed to generate a four-color coverage only for
the transmission link with a single antenna aperture. Then, a dual-reflectarray system and
a 1.8 m parabolic reflectarray will be shown in Sections 4 and 5, respectively, to generate
half the required spots (two colors) simultaneously in transmission (Tx) and reception (Rx).
The main characteristics of the four reflectarrays will be compared in Section 6, proving the
great potential of reflectarrays for multibeam satellite applications and their capability to
halve the number of antennas and feed-chains required onboard the satellite to generate
a four-color coverage.

2. Mission Scenario and Requirements of the Antenna System

The main specifications of the cellular coverage, shown in Table 1, have been estab-
lished from those of current multibeam satellites in Ka-band [2,3,11,12] and the Rec. ITU-R
S.672-4 [13]. The coverage must be formed by around 100 spots in a triangular lattice,
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generated with a four-color reuse scheme based on two different frequencies and two
orthogonal CP. The four-color coverage must be simultaneously generated at Tx and Rx
user frequencies in Ka-band, which comprise from 19.2 to 20.2 GHz for Tx and from 29.0
to 30.0 GHz for Rx. Thus, both Tx and Rx frequency bands must be divided into two
sub-bands to provide the four-color coverage with two orthogonal CP simultaneously in Tx
and Rx. Figure 2 shows a schematic representation of a multispot coverage with a four-color
reuse scheme of two frequencies (F1, F2) and two polarizations (P1, P2) together with the
operating scheme of the current multi-fed reflectors used onboard the satellite, where each
reflector generates a lattice of non-contiguous spots in a single color, simultaneously in
Tx and Rx (the interlaced beams produced by the four reflectors form the final four-color
coverage of contiguous spots). The diameter of the spots is set to 0.65° to cover a circular
area of around 300 km on the Earth. The angular separation between adjacent spots from
center to center to form the appropriate triangular lattice of spots must be 0.56° (computed

as sin(60°)-0.65°). The minimum end of coverage (EOC) gain of the beams is set to 45 dBi,
the minimum single-entry carrier over interference ratio (C/I) at 20 dB, and the minimum
co-polar over cross-polar discrimination (XPD) is also fixed to 20 dB.

Table 1. Antenna system requirements.

Parameter Requirement
Number of spots 100
Reuse scheme 4 colors
Spot lattice Triangular
Spot diameter 0.65°
Spot separation 0.56°
EOC gain 45 dBi
Single-entry C/1 20dB
XPD 20dB
Tx frequency band 19.2-20.2 GHz
Rx frequency band 29.0-30.0 GHz

Tx-Rx Reflector
(a) (b)

Figure 2. (a) Four-color multispot coverage required simultaneously in Tx and Rx. (b) Operating
principle of current reflectors used onboard the satellite, operating simultaneously in Tx and Rx.

The proposed antenna configurations operate by an improved SFPB configuration,
taking advantage of the ability of reflectarrays to generate independent beams at different
frequencies [14] or polarizations [15] with a single feed. The proposed reflectarrays will be
illuminated by a cluster of 27 feeds defined with a triangular lattice, in order to provide
the required multibeam coverage with a triangular grid of spots. The feeds have been
modelled considering the 54 mm Ka-band feed-chain reported in [4], thus the separation
between adjacent feeds has been set to 55 mm. The radiation pattern of the feeds has been

79



Sensors 2021, 21, 207

modelled in the simulations by an ideal cos4(¢) distribution. Figure 3 shows the proposed
cluster of 27 feeds using the local coordinate system (X, yg), the origin of which matches the
center of the aperture of the central feed (C3 in Figure 3). The symmetry of each antenna
configuration will be used to reduce the number of feeds considered in simulations (the
lines of feeds A, B, C, plotted with thicker lines, or the array of 3x5 feeds plotted with solid
lines in Figure 3).

0.15

1 1 1 1 |

—0.2 0.1 0 0.1 0.2

Figure 3. Cluster of 27 feeds defined to illuminate the different antenna farms.

3. Antenna Farm Based on Two Single-Band Reflectarrays

The first strategy introduced in [10] to generate a complete four-color multispot
coverage simultaneously in Tx and Rx is based on the design of a reflectarray antenna
to generate four spaced beams per feed in two different operating frequencies and two
orthogonal polarizations (i.e., four spaced beams in four different colors). In this way, the
limitation of conventional reflectors to provide such closely spaced beams is overcome
by the generation of four adjacent beams per feed. Thus, a reflectarray illuminated by the
proposed cluster of 27 feeds would generate a complete four-color coverage of 108 spots
only for a single band (Tx or Rx). To provide multispot coverage both in Tx and Rx, two
single-band reflectarrays designed with the same technique to produce four adjacent beams
per feed would be required onboard the satellite (one for Tx and the other for Rx). The
operating scheme of the proposed solution is shown in Figure 4 for a flat reflectarray to
operate in the Tx band in Ka-band.

This solution requires a reflectarray with independent operation at close frequencies
(within the same band for Tx or Rx in Ka-band) and also independent operation in orthog-
onal polarizations, which increases the complexity of the reflectarray cells and the design
technique. The controlled application of the beam squint effect with frequency has been
used to reduce the design complexity of the reflectarray antenna, as shown in [16]. The
method to generate four spaced beams in four different colors per feed has been experi-
mentally validated in [17] for a 43 cm reflectarray antenna. The prototype operates in linear
polarization (LP), but the same design technique can be applied to produce the beams in
CP by an appropriate selection of the reflectarray cells. Figure 5 shows the 43 cm prototype
in the anechoic chamber and the measured radiation patterns of the four spaced beams
in four different colors, according to the normalized angular coordinates u = sinf-cos¢,
v = sinfl-sing.
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Figure 4. Operating principle of the proposed single-band reflectarray.
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Figure 5. Reflectarray prototype to generate four spaced beams per feed [17]. (a) Picture of the prototype, (b) measured
pattern contours at —1, —3, and —4 dB of the four beams generated by the same feed.

Two different approaches have been evaluated to produce a multispot coverage
following the design technique developed in [17]: first, using a flat reflectarray as proposed
in [10], and second, using a reflectarray with a parabolic surface. The two reflectarrays
are expected to generate a four-color coverage for Tx in Ka-band using the feed cluster
shown in Figure 3. Due to the symmetry of the antenna system, the simulations have
considered the lines of feeds A, B, and C in Figure 3 (plotted with thicker lines in Figure 3),
since there will be minimal differences between the beams generated by the lines of feeds
B, C and D, E. The two reflectarrays have a diameter of 1.8 m and operate at 19.45 and
19.95 GHz in orthogonal polarizations. The simulations have considered ideal reflectarray
elements to provide the required phase-shift in each color without phase errors or ohmic
losses. The preliminary results will be used to evaluate the strengths and weaknesses of the
design method. The conclusions reached in this study can also be applied to the associated
reflectarrays used for Rx, since the design method would be identical.

3.1. Flat Transmit Reflectarray to Generate Four Spaced Beams per Feed in Ka-Band

A flat reflectarray has been proposed to generate four spaced beams per feed according
to the design technique shown in [17]. The reflectarray has a diameter of 1.8 m and it is
formed by 44125 reflectarray cells arranged in a 239 x 235 lattice, the period of which has
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been set to 7.5 mm to avoid grating lobes. As a result of the design method, four different
phase distributions are implemented in the reflectarray surface (one for each combination
of frequency and polarization). Figure 6 shows the required phase distributions at 19.45
and 19.95 GHz for one CP (there are no appreciable differences with the phase distributions
for the orthogonal CP). The large size of the reflectarray and its flat configuration are the
reason why the phase distributions depicted in Figure 6 show a large number of 360° cycles.
The abrupt variations in the phase distributions limit the antenna performance and reduce
the operational bandwidth.
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Figure 6. Required phase distributions of the 1.8 m flat reflectarray at the (a) lower and (b) upper
operating frequencies for the same CP.

The results of the conducted simulations when the 1.8 m reflectarray is illuminated by
the 16 feeds placed in the lines A, B, and C in Figure 3 are shown in Figure 7, which presents
the pattern contours of the beams for a 46 dBi gain. The simulated pattern contours show a
coverage of 64 beams generated in a four-color reuse scheme. The distribution of beams
meets the required triangular lattice of spots, as well as the separation and diameter of the
circular spots (0.56° and 0.65°, respectively).

S
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Figure 7. Simulated 46 dBi pattern contours of the 64 beams generated by 16 feeds in four different colors with a 1.8 m

flat reflectarray.

The main cuts of the radiation patterns have been evaluated to estimate the interfer-
ences between beams generated in the same color. Figure 8 shows the horizontal cut of the
radiation patterns in the plane v = 0 for the beams generated at both frequencies. Due to
the monofocal antenna design, the extreme beams of the coverage show some aberrations
that increase the C/I. Since the side-lobe levels of the beams can be reduced by slightly
increasing the antenna aperture and reducing the edge illumination, this drawback can be
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easily overcome (space reflectors in Ka-band usually have a diameter of 2.3 m). Thus, the
diameter of 1.8 m has been maintained for the rest of the reflectarray antennas proposed
in this paper, expecting similar C/I levels. The use of ideal reflectarray cells prevents an
accurate characterization of the cross-polar radiation, which is mainly produced by the
reflectarray elements and the offset antenna configuration. Previous reflectarray prototypes
with offset configurations have provided XPD above 25 dB [17,18].
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Figure 8. Cut of the simulated radiation patterns in v = 0 for the beams generated at the (a) lower and (b) upper frequency

in the same circular polarization (CP).

The main constraint of this strategy is the operational bandwidth of the reflectarray,
limited by the abrupt phase variations shown in Figure 6 and the independent operation at
two close frequencies within the same link (Tx or Rx) in Ka-band.

3.2. Parabolic Transmit Reflectarray to Generate Four Spaced Beams per Feed in Ka-Band

The design of large and flat reflectarrays results in inappropriate phase distributions
(with fast phase variations) that limit the antenna performance. The previous design of a
multibeam reflectarray to generate four spaced beams per feed has been improved to fit a
1.8 m parabolic reflectarray. In this configuration, the parabolic surface shapes the beams
as a conventional reflector, while the reflectarray elements only introduce a small phase
correction to slightly deviate the beams produced in orthogonal polarizations and/or at
different operating frequencies.

The four required phase distributions that must be implemented in the parabolic
reflectarray have been computed and Figure 9 shows the required phase distributions at
19.45 and 19.95 GHz for one CP (the phase distributions for the orthogonal CP have a similar
behavior). The phase distributions in Figure 9 show a great improvement with respect
to the equivalent distributions for a flat reflectarray (see Figure 6), presenting smooth
phase variations and a reduced number of 360° cycles. The 1.8 m parabolic reflectarray
antenna has been simulated considering the same cluster of feeds as in the previous
design, producing a four-color coverage of 64 beams similar to that shown in Figure 7.
There are no appreciable differences between the simulated radiation patterns of both flat
and parabolic reflectarrays (a comparison between the antenna performances of flat and
parabolic reflectarrays to produce four beams per feed can be seen in detail in [19]).

The results obtained for this (flat or parabolic) antenna farm show that a single
reflectarray with 27 feeds would produce a four-color coverage of 108 beams only in the Tx
or Rx link of the Ka-band, so two reflectarrays would be needed to generate a complete
multispot coverage both in Tx and Rx. As a result, the number of antennas would be halved
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with respect to the conventional four-reflector configuration, and the same would happen
with the number of feed-chains (since each feed produces four beams in Tx or Rx).
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Figure 9. Required phase distributions of the 1.8 m parabolic reflectarray at the (a) lower and (b) upper
operating frequencies for the same CP.

Moreover, this solution makes it possible to reduce the complexity of the feed-chains,
since each reflectarray would be illuminated by single-band feeds, instead of the current
dual-band feed-chains [4]. The use of independent reflectarrays to operate in Tx and
Rx can be exploited to reduce the size of the Rx antenna, due to its higher operating
frequency. However, the main limitation is related to the independent operation at two
close frequencies. Although the parabolic surface has overcome the drawback associated
with the required phase distributions, further research is needed on the reflectarray cell
that should be used in a real scenario to achieve dual-band operation at near frequencies.
The cell proposed in [20] could be scaled to operate at two close frequencies within the Tx
band in Ka-band in dual CP. Once the reflectarray cell is defined, intense optimizations
should be applied to provide an independent operation in both frequencies with a stable
performance in band.

4. Antenna Farm Based on Two Dual-Band Dual Reflectarray Configurations

The constraints arising from the design of reflectarrays with independent operation at
two close frequencies (within the same band for Tx or Rx) can be overcome by implementing
the dual-frequency operation in two separate frequency bands. Then, the reflectarray
must generate two spaced beams per feed in orthogonal CP simultaneously at Tx and Rx
frequencies in Ka-band. In this way, the reflectarray is expected to generate all the beams
in two different colors simultaneously in Tx and Rx. A second dual-band reflectarray with
slightly different operating frequencies would generate the second half of the coverage,
and the interlaced coverages of the two reflectarrays would form the complete four-color
coverage in Tx and Rx. However, the design of a reflectarray with independent operation
in dual CP simultaneously at two frequency bands is a complex task.

In this strategy, the reflectarray has been defined with a dual-antenna configuration
based on a flat subreflector reflectarray and a main parabolic reflectarray. The use of a
dual configuration makes it possible to simplify the implementation of the dual-band
operation in dual CP thanks to the larger number of degrees of freedom provided by
the use of two reflectarrays. In this way, the feeds will operate in dual-LP, which implies
a lesser complexity of the feed-chain than in the case of dual-CP operation (there is no
need for a polarizer in the feed-chain). Then, the subreflectarray will be designed to
deviate (without focusing) the dual-LP beams radiated by the feeds by +0.28° (in opposite
directions for each LP) simultaneously in Tx and Rx. The main reflectarray will be designed
to convert the incident dual-LP field into dual-CP, at the same time as its parabolic surface
focuses high-gain beams. Figure 10a shows the operating principle of the dual reflectarray
antenna to generate two spaced beams in left-handed and right-handed CP (LHCP and
RHCP, respectively) from a single feed operating in horizontal and vertical LP (H and V,
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respectively). Figure 10b shows the operating scheme of the proposed antenna to generate
half the required multispot coverage (two colors) simultaneously in Tx and Rx.

Subreflectarray X 1
I| l;__r \ [ l,l'
A/

Tx-Rx Dual Reflectarray
(a) (b)

Figure 10. Dual reflectarray system proposed to operate simultaneously in Tx and Rx. (a) Operating principle of the
dual-configuration, (b) functional scheme of the proposed antenna on the satellite.

The operating principles behind this solution have been experimentally validated
separately. The design of a dual-band reflectarray with independent operation in dual LP
at two separated frequencies can be reached in a direct way, as proposed in [21], by means
of reflectarray cells based on orthogonal sets of parallel dipoles for each band. A polarizing
reflectarray to convert dual LP into dual CP with broadband operation from 20 to 30 GHz
(covering both Tx and Rx bands) has been demonstrated in [22].

The dual reflectarray designed to produce multiple spot beams in Ka-band has been

defined on the basis of a Cassegrain system. The flat subreflectarray has a diameter of
0.65 m and it is formed by 11,497 cells disposed in a 117 x 125 grid, considering the same
type of reflectarray cells used in [23] (based on two orthogonal set of parallel dipoles) with
a period of 5.3 mm. The main parabolic reflectarray has a diameter of 1.8 m, formed by
62,654 cells disposed in a 286 x 279 grid. It has been designed using the polarizing cells
shown in [22] (based on three coplanar parallel dipoles) with a period of 5 mm. In contrast
to the complex phase distributions computed for the previous flat 1.8 m reflectarray (see
Figure 6), the flat subreflectarray only deviates the orthogonal LP beams radiated by the
feeds in opposite directions, so the required phase distributions present a smooth phase
variation at both frequencies. Figure 11 shows the phase distributions implemented in
the subreflectarray at 19.7 GHz and 29.5 GHz in one LP; note that the phase distributions
in the orthogonal LP show the opposite phase variation at each frequency to deviate
the orthogonal LP beam in the opposite direction. Then, the main parabolic reflectarray
only converts the dual-LP incident field into dual-CP, so their cells have been designed
to introduce a phase difference of 90° between the two orthogonal components of each
incident LP [22].

The design of the subreflectarray and the main parabolic reflectarray has been car-
ried out separately. The radiation patterns of the designed subreflectarray (without the
main reflectarray) have been simulated and the results have been compared with those
obtained considering ideal reflectarray cells (providing the required phase distributions
without any phase errors and zero dielectric losses). As an example, Figure 12a shows the
comparison between the ideal and realized patterns in the azimuth plane (¢ = 90°) for the
subreflectarray in H polarization at 19.7 and 29.5 GHz. Note that the patterns in Figure 12a
show a wide main lobe since the subreflectarray does not focus the beam radiated by the
feed (the parabolic surface of the main reflectarray will focus the beam). In the same way,
the simulated radiation patterns of the designed polarizing main reflectarray (without the
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subreflectarray, so that the main reflectarray is illuminated from the virtual focus of the
dual system) have been computed and compared with the simulations performed with
ideal cells. Figure 12b shows the comparison between the ideal and realized patterns in the
azimuth plane at 19.7 and 29.5 GHz for the polarizing main reflectarray in RHCP (obtained
from the H polarization radiated by the feed).
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Figure 11. Required phase distributions of the 0.65 m flat subreflectarray at the (a) lower and (b) upper operating frequencies
for the same linear polarization (LP).
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Figure 12. Simulated radiation patterns at 19.7 and 29.5 GHz in the azimuth plane of the ideal and realized antenna

components. (a) Subreflectarray for H polarization, (b) main reflectarray for right-handed circular polarizations (RHCP).

The patterns in Figure 12 show a satisfactory agreement between the designed and
ideal performances of both reflectarrays. The dual system configuration results in relatively
large incidence angles from the feed on the subreflectarray, which complicates the design
of the elements of the subreflectarray. As a result, the simulated patterns of the designed
subreflectarray show a slightly lower gain and higher cross-polar levels than in the ideal
case (see Figure 12a). On the other hand, the simulated results of the designed main
reflectarray show an excellent performance, which is practically identical to the ideal
behavior (see Figure 12b).

Finally, the dual antenna configuration is illuminated by the cluster of 27 feeds shown
in Figure 3 rotated 90° in the x¢y¢-plane. The simulations of the complete dual reflectarray
have considered 15 of the 27 feeds (an array of 3 x 5 feeds, plotted with solid lines in
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Figure 3), since the beams produced by the remaining feeds are expected to have similar
behavior. The simulated pattern contours of the 30 beams generated by the designed dual
reflectarray simultaneously at 19.7 GHz and 29.5 GHz are depicted in Figure 13 at the EOC
levels of the beams (between 45 and 46 dBi). The simulated beams match with the required
spot distribution, where there is room for the beams that would be generated by a second
dual reflectarray operating at slightly different frequencies to form the complete four-color
multispot coverage in Tx and Rx.
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Figure 13. Simulated pattern contours for the 30 beams generated by 15 feeds illuminating the
proposed dual reflectarray at 19.7 GHz and 29.5 GHz.

The main cuts of the radiation patterns have revealed similar C/I levels as those of
the previous 1.8 m reflectarray. Figure 14 shows the cut of the radiation patterns in the
plane u = 0 for the beams produced by the central row of feeds at both frequencies. The
simulated cross-polar radiation provides an XPD lower than 20 dB for some beams. The
analysis of the results has shown that the increase of the cross-polar component is mainly
produced in the subreflectarray, so an optimization procedure should be applied to the
dual-band dual-LP cells to reduce the cross-polarization. Moreover, the use of a dual
configuration could be used to implement a bifocal technique to improve the shaping of
the beams generated in the edge of the coverage [24].

In conclusion, the simulated results of the dual reflectarray configuration prove the
capability of the proposed multibeam antenna to generate half the required four-color
coverage simultaneously in Tx and Rx. The dual-band operation involving separate fre-
quencies simplifies the design of the reflectarray elements, while the dual configuration
simplifies the process of generating two spaced beams in orthogonal CP per feed, split-
ting it into two straightforward stages (deviation of the LP beams in opposite directions
and dual-LP to dual-CP conversion), the principles of which have been experimentally
validated previously. The simulated results show that a further optimization is required
for the subreflectarray to improve the XPD, although the flexibility provided by the dual
configuration could be also used to improve the overall performance of the antenna.
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Figure 14. Cut of the simulated radiation patterns in u = 0 for the beams generated at (a) 19.7 GHz and (b) 29.5 GHz in

same CP.

5. Antenna Farm Based on Two Dual-Band Offset Parabolic Reflectarrays

Bearing in mind the better performance of the previous dual-band dual reflectarray
with respect to the single-band reflectarray, the final proposed antenna farm is also based
on the use of a dual-band reflectarray to generate all the beams associated to two colors
simultaneously in Tx and Rx. In this case, a single offset parabolic reflectarray is proposed
instead of the previous dual configuration, reducing the number of components in the
antenna configuration.

The generation of two spaced beams in orthogonal CP per feed is now completely
managed by the reflectarray elements placed on the parabolic reflectarray surface. The
operating principle of the antenna is based on the concept proposed in [25], where a single-
band parabolic reflectarray deviates the orthogonal CP beams focused by the parabolic
surface in opposite directions by means of the variable rotation technique (VRT) applied to
the reflectarray elements. In our solution, a dual-band offset parabolic reflectarray is proposed
to focus the beams by its parabolic surface and deviate the orthogonal CP by the application
of VRT simultaneously at Tx and Rx frequencies. The dual-band operation by VRT is
achieved using the reflectarray cells proposed in [20]. As a result, a single offset parabolic
reflectarray illuminated by dual-CP feeds generates two spaced beams in orthogonal CP per
feed at Tx and Rx frequencies in Ka-band. The operating scheme of the proposed reflectarray
to generate half the required four-color coverage is shown in Figure 15.

SR
Sl Y
I",I i Ir?
\ Tx-Rx Reflectarray
Figure 15. Operating principle of the proposed single-band parabolic reflectarray.
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Recently, the proposed operating principle has been experimentally validated in [26]
by a 0.9 m parabolic reflectarray prototype that generates two spaced beams per feed at
Tx and Rx frequencies using the reflectarray cell described in [20]. Figure 16 shows the
prototype in the anechoic chamber and the 40.6 dBi pattern contours of the two measured
beams generated simultaneously at 19.7 GHz and 30 GHz with a single dual-CP feed.
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Figure 16. Dual band parabolic reflectarray prototype to generate two spaced beams per feed [26]. (a) Picture of the prototype,
(b) measured 40.6 dBi pattern contours of the two beams generated at 19.7 and 30 GHz by the same feed.
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A 1.8 m parabolic reflectarray formed by 62,654 reflectarray cells with a period of
6.5 mm has been designed to deviate the beams in orthogonal CP =+ 0.28° simultaneously
at 19.7 and 29.5 GHz. Since the parabolic surface of the antenna focuses the beams radiated
by the feeds, the required phase distributions on the reflectarray to split the orthogonal CP
beams present a similar aspect as those of the subreflectarray shown in Section 4. Figure 17
shows the required phase distributions on the parabolic surface at 19.7 GHz and 29.5 GHz
in one CP (the phase distributions in the orthogonal CP show the opposite phase variation
to deviate the orthogonal CP beams in the opposite direction).
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Figure 17. Required phase distributions of the 1.8 m parabolic reflectarray at the (a) lower and (b) upper operating frequencies

for the same CP.

As in the first antenna solution shown in Section 3, the proposed dual-band parabolic
reflectarray has been illuminated by the cluster of 27 feeds shown in Figure 3, and the
simulations have considered three lines of feeds (16 feeds). Thus, the designed parabolic
reflectarray is expected to generate 32 beams in orthogonal CP simultaneously in Tx and
Rx. The simulated pattern contours of the 32 beams generated by the 1.8 m parabolic
reflectarray at 19.7 and 29.5 GHz are depicted in Figure 18, where the contours of the
beams at 19.7 and 29.5 GHz correspond to a gain level of 46 and 45 dBi, respectively. In a
similar way to the previous dual reflectarray configuration, a second parabolic reflectarray
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operating at slightly different frequencies would produce the second half of the required
four-color coverage.
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Figure 18. Contours of 32 beams generated simultaneously at 19.7 GHz and 29.5 GHz by the 1.8-m dual-band parabolic
reflectarray illuminated by 16 feeds.

Figure 19 shows the horizontal cut in the plane v = 0 of the radiation patterns for the
beams generated at 19.7 and 29.5 GHz. The main cuts of the radiation pattern have shown
similar values of C/I to those of the previous configurations, with a XPD larger than 20 dB.
Due to the large electrical size of the antenna at 29.5 GHz, the beams in Rx show a higher
maximum gain than the beams in Tx; however, the shaping of the beams in Tx and Rx can
be matched by the optimization procedure applied in [26].
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Figure 19. Cut of the simulated radiation patterns in v = 0 for the beams generated at (a) 19.7 GHz and (b) 29.5 GHz in

same CP.

In conclusion, the simulated results of the dual-band parabolic reflectarray have
demonstrated a very satisfactory performance. The simulations show a suitable distribution
of the beams with appropriate values of gain and XPD. As in the previous configurations,
the C/I can be improved by a small increase of the antenna size to reduce the edge
illumination levels on the reflectarray. Moreover, the reflectarray cell considered in the
design makes it possible to implement additional optimization to shape the beams in Rx
and to maintain the cross-polar levels in band, as in [26], by a proper adjustment of the
dimensions and rotation angle of the elements [27].
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6. Conclusions

In this paper, four novel antenna farms based on reflectarrays for broadband commu-
nication satellites in Ka-band have been proposed and evaluated. The exclusive character-
istics of reflectarrays, which are able to operate independently at different frequencies or
polarizations, have been applied in different ways to improve the SFPB operation compared
to conventional reflectors. The impact of using flat or curved surfaces, single or dual-band
operation, and single or dual antenna configurations for large reflectarrays in Ka-band
has been assessed to achieve the best antenna performance. Table 2 summarizes the main
characteristics of the proposed antenna solutions.

Table 2. Main characteristics of the proposed antenna solutions.

Parameter

Dual-Band Dual
Reflectarray

Parabolic Dual-Band
Reflectarray

Flat Single-Band
Reflectarray

Parabolic Single-Band
Reflectarray

Antenna configuration

Single aperture Single aperture Dual configuration Single aperture

Parabolic (main) + flat

Aperture type Flat Parabolic (sub) Parabolic
Beams per feed 4 4 2 2
Frequency bands 1 (Tx or Rx) 1 (Tx or Rx) 2 (Tx and Rx) 2 (Tx and Rx)
Required antennas 2 2 2 2
Complexity of the cells Very high Very high Low Low
Operation in frequency  Very hard to implement Hard to implement Readily achievable Readily achievable
Operation in CP Hard to implement Hard to implement Readily achievable Readily achievable

The preliminary simulations of single band reflectarrays to generate four beams per
feed permits operation with a single antenna for Tx and an independent antenna for
Rx, which simplifies the simultaneous operation in both bands as well as the design of
the feed-chains. However, this solution involves a major difficulty in providing a stable
performance in band due to the independent operation at close frequencies, requiring
complex reflectarray cells to which intense optimizations must be applied. On the other
hand, the two proposed dual-band reflectarrays show promising results. The simulations
of the dual reflectarray system would require a further optimization of the subreflectarray
to slightly reduce the cross-polar radiation, although the use of a dual configuration with
two reflectarrays provides greater flexibility of operation than single aperture systems,
which can be used to correct the shaping of the beams in the edge of the coverage. Finally,
the dual-band parabolic reflectarray achieves an excellent antenna performance with a
simple antenna configuration similar to that of the currently used reflectors. Moreover, the
reflectarray elements can be optimized to properly shape the beams in Tx and Rx without
the need to shape the antenna surface.

The core technologies of the proposed reflectarrays have been experimentally vali-
dated, which confirms the capabilities of reflectarrays to provide novel efficient multibeam
antenna farms for broadband communications satellites in Ka-band. All the proposed an-
tenna solutions make it possible to halve the number of antennas and feed-chains required
onboard the satellite, from four reflectors to two reflectarray antennas, and from a total
of N feed-chains (to produce a coverage of N spots) to N/2 feeds, allowing an important
reduction in cost, as well as in mass and volume of the payload, which are severely limited
in the satellite.
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Abstract: The simultaneous influences of the substrate anisotropy and substrate bending are nu-
merically and experimentally investigated in this paper for planar resonators on flexible textile and
polymer substrates. The pure bending effect has been examined by the help of well-selected flexible
isotropic substrates. The origin of the anisotropy (direction-depended dielectric constant) of the
woven textile fabrics has been numerically and then experimentally verified by two authorship
methods described in the paper. The effect of the anisotropy has been numerically divided from the
effect of bending and for the first time it was shown that both effects have almost comparable but
opposite influences on the resonance characteristics of planar resonators. After the selection of several
anisotropic textile fabrics, polymers, and flexible reinforced substrates with measured anisotropy, the
opposite influence of both effects, anisotropy and bending, has been experimentally demonstrated for
rectangular resonators. The separated impacts of the considered effects are numerically investigated
for more sophisticated resonance structures—with different types of slots, with defected grounds
and in fractal resonators for the first three fractal iterations. The bending effect is stronger for the
slotted structures, while the effect of anisotropy predominates in the fractal structures. Finally, useful
conclusions are formulated and the needs for future research are discussed considering effects in
metamaterial wearable patches and antennas.

Keywords: anisotropy; dielectric constant; material characterization; planar resonators; substrate
bending; textile fabrics; wearable radiators

1. Introduction

Recently, many artificial materials known with their traditional applications in the
human life can be considered as electrodynamic media due to the propagation of waves
through them. Textile fabrics are typical examples. Most of these materials and some of
their flexible polymer substitutes have been transformed into a new type of electronic
components—antenna/sensor substrates due to their new applications in the wearable com-
munication systems (antennas, sensors, radio-frequency identification or RFID, millimetre-
wave identification or mmlID, etc.) [1-5]. In this role, they look like the commercial rein-
forced substrates with PCB (printed circuit board) applications (a comparison has been
given in [6], chapter IV). From a long time, the PCB designers have required manufacturers
of the traditional reinforced substrates to provide up-to-date and reliable information on
their dielectric parameters. Nowadays, the situation with the antenna designers of the
wearable textile devices is almost the same—they must know the right information for the
actual dielectric parameters of these specific materials as substrates. Our observations show
that a lot of research papers appeared in the last several years concerning the characteriza-
tion of the dielectric parameters (dielectric constant ¢, and dielectric loss tangent tan J;) of
the most popular textile fabrics [7-12]. The used methods are quite different—resonance
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and non-resonance—and most of them are implemented in the traditional ISM bands
(typically around 2.45 GHz). However, the textile substrates differ from the reinforced
substrates consist of natural and/or synthetic fibres (threads, yarns, filaments, etc.) in air
and form fibrous structures with a considerably bigger variety of different cross-section
views [13,14] in comparison with the simple woven or non-woven reinforced substrates.
Thus, depending on the used fibre materials, their density, applied fabrication technology,
and selected stitch, they act as porous materials with relatively low permittivity (e, ~1.2—
2.0), which is quite comfortable for antenna applications (the minimal dielectric constant
for the reinforced substrate is typically &, ~3.0). The other differences are that the textile
fabrics are more flexible and compressible materials, the thickness and density of which
can be easily changed by low mechanical pressure. One property seems common—the
existence of an intrinsic planar anisotropy due to the predominant orientation of the fibres.
However, the anisotropy the woven/knitted fabrics is mainly related to their mechanical
properties (e.g., tensile coefficients) [1,13-15] and very rarely to their dielectric parameters.

Like typical artificial materials, the textile fabrics can be considered as mixtures be-
tween two or more dielectrics (reinforced fibre nets with an appropriate filling/air). In
such cases, effective-media models have been developed [16], which can predict numer-
ically the resultant isotropic dielectric constant and the dielectric loss tangent of these
materials. However, the variety of technologies used for the manufacturing of these fi-
brous materials and the complex cross sections [5] can provoke a measurable dielectric
uni- or biaxial anisotropy—direction-dependent dielectric parameters (ey, # Eyy # &,,; tan
Je_xx 7 tan de_yy # tan J¢_z;). Our previous research [17] showed that most of the textile
fabrics have typical uniaxial anisotropy: different dielectric parameters in parallel and
perpendicular directions regarding to the sample surface (€par = €xx OT &yy + Eperp = €zz; and
tan de_par 7 tan e _perp), which is also typical for the wide-spread microwave reinforced
substrates [6,18]. Actually, the anisotropy of both types of woven materials is an undesired
property, but it should be taken into account in the RF design of different microwave (incl.
antenna/sensor) components especially in the mm-wavelength range. Exactly here is the
difference. Nowadays, the major manufacturers of reinforced substrate started to share
information about the possible anisotropy of some of their commercial products, while
the designers of wearable antennas usually completely ignore this property for the textile
substrate. We found only a few papers, which comment on the dielectric anisotropy of
textile fabrics. The authors of the review paper [1] considered this problem for the textile
fabrics without presenting concrete data. A recent paper ([19], Table 6) investigated the
influence of the percentage of the normal and in-plane (parallel) components (fibres) in the
woven fabrics (at microstructural level) on the resultant dielectric constant, but without to
give separate values of ey, and eperp.

At the same time, we found another interesting fact—many papers, devoted to the
dielectric characterization of textile materials, give different results for similar materials.
A typical example is the measured dielectric constant of denim textile substrates, &, pepin-
Our survey shows that the used values vary from 1.4 to 2.0 (~35% scatter) [4]. One of the
reasons is the possible different types of applied weaving stitch in different cases. How-
ever, we additionally encountered a relationship between the measured dielectric constant
€ Denim Of denim fabrics on the applied measurement method. Researchers, who derive
the dielectric constant from the resonance parameters of standards rectangular flat patches
give values &, pepim ~1.59-1.67 [12,20-22]. In this case, the extracted dielectric constant
should be close to the perpendicular one, €y penim- When the applied method is the
popular coaxial dielectric probe (DAK, Dielectric Assessment Kit), the obtained parameters
are typically &, peyin ~1.78-1.8 and beyond [23,24]. The free-space method confirms these
values 1.75-2 in the frequency range 1440 GHz [25]. Both considered methods give values
close to the parallel one, &y, penim- Finally, the extracted dielectric constants from the
microstrip ring resonator or other planar methods are typically &, pepin, ~1.69-1.73 [23,24].
In this case, the planar methods extract the equivalent dielectric constant (see the concept
developed in [26]). The equivalent dielectric constant ¢,; appears for characterization of
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the whole substrate when the real anisotropic structure has been replaced with an isotropic
equivalent. That's why, we observe the inequality €,s;_penim > €eq_Denim > €perp_Denim, Which
is a typical situation for the woven materials, e.g., for the reinforced substrates [18,27]. Very
interesting are the obtained results in [23]; they confirm the assumption above because
the measured values for the equivalent dielectric constants ¢, for three textile fabrics by a
ring-resonator method always are smaller than the corresponding values measured by the
DAK method (gpar). Therefore, we can conclude that the anisotropy of the textile fabrics is
a natural property, and its existence can explain the behaviour of their permittivity. Our
investigations show that the anisotropy of the materials in the antenna project directly
influences mainly the matching conditions of the patches and radome transparency [28],
while then at the working frequency it indirectly slightly changes the gain, radiation pat-
terns, efficiency and even polarization thought the anisotropic radome. The most common
circumstance in the research papers considering wearable radiating components is the
observation of small, moderate, and sometimes big differences between the simulated and
measured resonance characteristics, explained by the authors with different experimental
and simulation conditions. Our opinion is that in the most cases this effect depends on
the selected by the authors values of the dielectric constant—close to €y (small changes
for the patches resonances are observed), ¢, (suitable for the microstrip feeding lines,
transformers, steps, filters, etc.) or ¢y, (applicable for the coplanar and slotted wearable
structures) [26]. If the actual anisotropy of the used substrates is smaller than 2-3% (see
below for this parameter), its influence is usually negligible.

The other important issue for the wearable antennas is the bending effect (for con-
formal patches) [29]. A part of the research papers dealing with the wearable antennas
on textile fabrics and polymers usually include additional information for the effect of
bending at typical radii, compliant with the human body [30-33]. A measure for the degree
of bending is the curvature radius R, (R}, is the radius of an imaginary cylinder to which the
antenna is bent) or bending angle 6, = L (or W)/R;,, where L and W are the length and width
of the rectangular patch antenna [34]. Most of the papers simply registered the bending
effect on the working frequency and/or frequency bandwidth (usually a decrease of the
resonant frequency) and rarely on the gain and radiation pattern. Sometimes, unexpected
discrepancies are detected between the simulated and measured results from the bend-
ing [32] explained by imperfect measurements. Only a few researchers provide discussions
for the nature of the bending effect. When the measurements are well performed, the
obtained results are useful for understanding the bending effect. For example, the results
obtained in the paper [30] give the information that the thickness of the flexible substrate
is important for the degree of the bending influence. For the substrate as a flexible felt
(er = 1.3) with thickness hg = 0.5-12 mm, the optimal thickness for minimizing the effect of
bending over the frequency shift is about 6 mm. Very helpful results for the bending effect
on rectangular patch antenna on denim substrate are presented in [35]. The parameters of
this material with thickness /g = 2 mm are chosen to be €, p,p;;;, = 1.6 and tan &, pepiy, = 0.01
at 2.4 GHz. For the first time, the authors definitely show by simulations that the resonance
frequency of the lowest-order TMjg mode in the rectangular patch antenna should contin-
uously increase with increasing of the bending radius R,—with a relatively low degree
for the width-bent patches and with a higher degree—for the length-bent patches. How-
ever, the measurement results slightly differ from the simulations, as relatively big ripples
appear in the experimental frequency shifts: 2.5 MHz for width-bent and £85 MHz for
length-bent patches (compared to the resonance frequency ~2.4 GHz for the flat patches).
Nevertheless, the tendency for increasing of the resonance frequency is visible. The authors
commented that this behaviour was not expected from simulations. They attribute this
discrepancy to other physical properties that the conductive textile was subjected to upon
bending that were not correctly replicated in simulations.

In our paper [36], we supposed for the first time that both effects (bending of the
flexible substrate and its anisotropy) can simultaneously affect the resonance behaviour
of the resonance patches. There we presented some preliminary experimental results
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for a rectangular resonator with isotropic substrates, but the influence of the substrate
anisotropy was not separately investigated. We cannot find other research papers, where
the anisotropy and bending are considered in parallel, excepting some calculations of
the input impedance [37] and additionally return losses S1; and mutual coupling [38] in
cylindrically conformal patch antennas on anisotropic substrates.

In this paper, we continue to investigate more deeply the opposite impacts of the
dielectric anisotropy and bending of the substrate on the resonance characteristics of planar
radiators. We follow the same strategy in this paper—not to consider fed patches and
antennas, but to examine pure resonant structures and to avoid any parasitic influence
of the feeding lines. This paper includes new experimental and simulation results for
the frequency shift of the modes in planar rectangular resonators and their modifications,
which makes possible the separation between the effects of anisotropy and bending and the
independent characterization of the degree of these effects. In the Materials and Methods
section, two experimental and numerical methods have been used for determination of
the uniaxial anisotropy of the textile fabrics. A methodology for accurate measurements
of the bending effects on the resonance characteristics of the planar resonator has been
described. Then, an efficient procedure is introduced for creating suitable 3D models of
planar resonators for separate numerical investigations of the bending and anisotropy
and both effects together. Data for the measured anisotropy of several selected for the
research flexible anisotropic and isotropic materials are presented. In the Results and
Discussions section, very interesting results are obtained and discussed for the separate
and simultaneous influence of the anisotropy and bending for materials with different
anisotropy and for conformal resonance structures bent at different radii. The results for
the influence of the anisotropy and bending on several planar resonators with sophisticated
shapes are added—for slotted rectangular patches, fractal structures, and resonators with
defected grounds. Finally, the origins of the considered competitive effects on the resonance
planar structures are discussed and explained and useful conclusions are offered. A possible
future work has been formulated.

2. Numerical and Experimental Methods and Materials

The aim of this research is to investigate numerically and experimentally the possible
competitive influences of the uniaxial anisotropy and bending of textile substrates on
the resonance performances of wearable planar radiators. Therefore, in this section, we
describe all applied experimental and numerical methods for the determination of the
substrate anisotropy and reliable characterization of the bending effect in these radiating
structures. The selected materials and their important characteristics for the research have
been obtained.

2.1. Two-Resonator Method for Measurement of the Uniaxial Anisotropy of Textile Fabrics

The considered below method has been proposed in [27] and applied for anisotropy
characterization of a variety of materials [19]. In this paper, it has been applied for the
determination of the pairs of parameters, €ysr; tan & por and eperp; tan de_perp, of textile
fabrics. Figure 1a schematically presents the idea of the used method: a textile disk sample
is placed sequentially in two resonators, which are designed to support either symmetrical
TEgyu, modes (n=1,2,3,...;n=1,2,3,... ) in the cylinder marked as R1 or symmetrical
TMo0 modes (m=1,2,3, ... )in the cylinder marked as R2 with mutually perpendicular
E fields—parallel to the sample surface in R1 or perpendicular to this surface in R2. The
sample is placed in the middle of R1 and on the bottom of R2 ensuring the best conditions
for the excited TE or TM modes to be influenced by the sample and these modes to be
maximally separated (e.g., the resonators heights to be H; ~ D; and Hy < D, and the
coupling probes to be orientated to excite only TE modes in R1 or TM modes in R2). The
sample diameter dg is chosen to coincide with the resonator diameters ds ~ D ». In this case,
the extraction of the dielectric parameters can be accurately performed by the analytical
model described in [27,39]. In short, the measurement procedure is as follows. First, the
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resonance characteristics are measured (resonance frequency f( and unloaded quality factor
Qo) of each TE or TM mode under interest in the empty R1 or R2 resonator. This step makes
possible a fine determining the equivalent resonator diameters D1 »,; and equivalent wall
conductivity 07 p; of both resonators, which considerably increases the accuracy of the next
measurements. The second step includes measurements of the resonance characteristics (f;
and Q) of the same TE or TM modes (well-identified) in the R1 or R2 resonators with a
sample. Finally, the set of obtained data ensures the determination of the parallel dielectric
constant ¢, and dielectric loss tangent tan J¢p,, in resonator R1 and determination of the
perpendicular dielectric constant ¢y, and dielectric loss tangent tan Jgperp in resonator R2.
The measurement uncertainty has been evaluated as relatively small [27]: 1-1.5% for &pqy,
3-5% for eperp, 5-7% for tan depsr and 10-15% for tan deperp in the case of 0.5-1.5 mm thick
substrates with dielectric constants ~1.3-5 in the Ku band. The main source of the pointed
inaccuracy is the uncertainty for the determination of the sample thickness. Another
circumstance is the selectivity of the considered method; due to the E-fields orientation the
cylinder resonators measure the corresponding “pure” parameters (parallel ones in R1 and
perpendicular ones in R2) with selectivity uncertainty less than £0.3-0.4% for the dielectric
constant and less than £0.5-1.0% for the dielectric loss tangent in a wide range of substrate
anisotropy and thickness [39].

()

Figure 1. Two-resonator method: (a) Pair of resonators for measurement of parallel (R1) and perpendicular (R2) dielectric

parameters of disk samples in cylindrical TE (R1) and TM-mode (R2) resonators; (b) Photography of resonators R1 and R2

with denim textile sample 1; E—electric field.

2.2. Numerical Models for Determination of the Dielectric Constant and Anisotropy of Textile
Fabrics as Dielectric Mixtures

2.2.1. Limits for the Dielectric Parameters of Mixed Textile Threads

There exists a big variety of technologies to mix or blend two or more types of textile
threads from different materials and with different mechanical properties, which makes
possible to obtain new fabrics with desired specific elasticity moduli and stiffness and to
control the stability of these properties. Due to these purposes, textile engineers have devel-
oped different models and effective- medium theories for reliable characterization of these
structures [13-16,40-42]. Our survey shows that these models with some modifications
could be successfully applied also to the electromagnetic properties of the textile fabrics
dielectric mixtures, as it has been done in [16].

The simplest models (as the first stage of approximation, if the details of geometry
are ignored) give the so-called upper and lower bounds of the resultant dielectric constant
and loss tangent on the base of the modified Reuss (iso-strain) and Voigt (iso-stress) bound
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models (for series or parallel layered mixtures). The Bruggman formula [14] presents
relatively accurate approximation for near-to-isotropic materials:

(e1+u)(ea+u)
Eoqg = —u;, 0<u<oo, Vi4+V,= 1
T Vi(eg +u) + Va(er +u) - = ! 2 M)

where ¢ is the scalar isotropic equivalent dielectric constant of the mixture, &1 and e, are
the dielectric constants of the mixed threats, V1 and V), are the corresponding normalized
volumes, and u C (0; o) is a parameter which depends on the method of mixing. Three
cases could be derived from this expression depending on the type of mixing: for series
mixing u# = 0 (Reuss bound); for parallel mixing u = co (Voigt bound) and for random
mixing, u = (g162)"/? (Bruggman curve). All these curves for the normalized dielectric
constant are plotted in Figure 2a.

T T v T T T T T —— =
l)'; 5 ‘§ : Voigt bound (parallel mixing) :m H —] ?’ A 1k *__\_::\ S Voigt bound (parallel mixing)
09+ \\‘JQ 4 ul e - 4 -
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Figure 2. Minimal and maximal bounds for the normalized resultant equivalent dielectric constant
eeq/€1 (a) and normalized equivalent dielectric loss tangent tan & ¢;/tan de 1 (b) of two mixed
dielectrics with isotropic parameters ¢1 /tan é¢1 and &5 /tan é¢» and normalized volumes V1 and V,
(V1 + Vp =1) (insets: of parallel, series and random mixing regarding the direction of the applied E
field).

The Equation (1) is a complex one; it can be rewritten also for a direct calculation of
the corresponding dielectric loss tangents bounds (modified Bruggman formula); see the
dependencies in Figure 2b:

(tan g1 + v)(tan bz + v)
Vi(tan ey +v) + Va(tandey +0)

tande oq = —v, 0<0v< 0o, )
where tan J ¢, is the isotropic equivalent dielectric loss tangent of the resultant fabrics, tan
d¢1 and tan J¢p are the dielectric loss tangent of the mixed/blended threats, and v C (0; o)
is a new parameters; now we have again v = 0 for series mixing, v = co for parallel mixing,
however, v = [e1¢; (tan g1 + tan d¢p)] /2 for random mixing. We have selected a concrete
synthetic material for the presented examples in Figure 2a,b—Polyester threads (e; = 3.4;
tan J¢1 = 0.005) mixed with air (g; = 1.0; tan J¢p = 0). However, the predicted anisotropy by
Equations (1) and (2) is too large, does not take into account the concrete sizes and shapes
of the threads and therefore, the results do not correspond to the realistic textile fabric.
The survey of other effective-media analytical expressions for the resultant permittivity in
different mixtures, presented in [43], show that they also cannot give the actual anisotropy.

Therefore, in this paper, we accepted another more realistic approach. Most of the
textile fabrics can be considered as complex fabrics of cylindrical single or multi-fibre
threads (a short survey on the Internet of the free microscopic images of the popular
fabrics illustrates well the predominant existence of the cylindrical cross-section shape of
the threads). Such an approach is very popular in the mechanical models of the textile
fabrics [13-15], but also applicable for characterization and modelling of their dielectric
properties [10,19,44]. In this research, a similar approach has been accepted. In the next
subsection, we present an effective numerical model for accurate prediction of the real
anisotropy of textile fabrics on the base of cylindrical unit cells.
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2.2.2. Numerical Models for Evaluation of the Dielectric Anisotropy of the Textile Fabrics

The degree of anisotropy can be predicted for artificial textile fabrics by the numerical
method introduced in [17]. The idea of this method is to build a unit cell by two or more
isotropic cylindrical fibres (threads), to reproduce it in a hosting isotropic substrate (e.g.,
air) and to put the whole sample in a rectangular resonator, which supports TE and TM
modes with exited E fields in three mutually perpendicular directions. The simulations
are performed by electromagnetic simulators (HFSS® in this case). Figure 3 illustrates the
selected unit cells with three mutually perpendicular cylinders of equal diameter d. The
concrete unit cell is a prism with sides 2 = b = 1.0; ¢ = 1.5 mm. They form a rectangular
sample with dimensions 9.5 x 8 x 1.5 mm and this sample is placed in the middle of a
rectangular box with dimensions 9.5 x 8 x 10 mm. Actually, this box is one-quarter part
of a rectangular resonator with dimensions 19 x 16 x 10 mm, which support TE and TM
mode in the Ku and K bands depending on the diameters, filling and dielectric constant
of the threads. The resonator with a sample is solved in “eigenmode” option of the used
HESS simulator (calculating the resonance frequency f, and the unloaded quality factor
Q), where appropriate symmetrical boundary conditions are accepted at side A and B of
the box: “symmetrical E-field” for TE modes and “symmetrical H-field” for TM modes.
Thus, the considered resonator with 1.5-mm thick artificial textile sample supports the
following mode of interest, illustrated in Figure 4 for a 3D-woven textile sample: (a) TEp1;
mode with resonance frequencies in the interval 19.3-21 GHz (E field along 0x); (b) TEj¢;
mode; 21.9-23.5 GHz (E field along 0y); (c) TMp10 mode; 11.6-12.2 GHz (E field along
0z); (d) TE11; mode; 17.6-18.7 GHz (E field in plane Oxy). The considered set of modes
makes it possible the extraction of the dielectric constants and dielectric loss tangent of
the investigated textile samples in different directions, considered as samples with bi- or
uniaxial symmetry as it is shown in Figure 4. The concrete resonator dimensions are chosen
relatively small (to facilitate simulations). However, larger dimensions can be selected for
lower-frequency ISM bands. The only rule is the size of the unit cell to be smaller than
the free-space wavelength to ensure homogenization of the artificial structure at a given
frequency. As quantitative measures are used, the parameters AAg, AAtans. for the degree
of the dielectric anisotropy of the resulting (equivalent) dielectric constant/loss tangent for
bi-/uni-axial anisotropy are calculated by the following expressions:

AAs_xx,yy = Z(Sxx,yy - Ezz)/(Exx,yy +é22), 3)

AAgan Se_xx,yy = 2<tan 5e_xx,yy —tande 5)/ (tan 5e_xx,yy +tan d¢_»z). 4)

Side A $

..... 3 10
............. o ", ;_l. 5
X o b %
\ /

(b) (c)

Figure 3. (a) Unit cell X b x ¢ with cylindrical threads of diameter d; (b) constructed artificial sample with repeated unit

cells in a hosting isotropic substrate (air); (c) equivalent sample in a rectangular box, which is a quarter part of the whole

resonator with symmetrical boundary conditions on Side A and B.
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Figure 4. Artificial sample (3D-woven fabrics) in a rectangular resonator (not shown), which supports different modes with

mutually perpendicular E fields (red arrows) along the axes: 0x, Oy, 0z and in the plane Oxy in the Ku-band (modes: TE;;
(a); TE1g1 (b); TMo (c); TEq13 (d).

Independent extraction of the resultant dielectric constant along all three axes is
possible after the replacing of the anisotropic sample under test with an equivalent isotropic
sample (as in Figure 3c). The procedure is as follows. After the selection of each unit cell
and the construction of the whole artificial 3D sample (see below), placed in the middle of
the selected resonator, the resonance frequency f, and Q factor of the corresponding mode
can be obtained by simulations in “eigenmode option”. Then, the anisotropic structure is
replaced with an equivalent prism of the same dimensions and by tuning the corresponding
isotropic values ¢,; and tan e, a coincidence should be reached (typically <1%) between
both simulated pairs f, and Q for the anisotropic sample and its isotropic equivalent. Thus,
the corresponding dielectric parameters of the biaxial anisotropic textile samples can be
obtained by using the excited modes in Figure 4a—c, while the parameters for the uniaxial
anisotropic textile samples (most of the cases) can be obtained by using the modes in
Figure 4c,d.

The described procedure is effective and enough accurate for preliminary prediction
of the anisotropy of different artificial materials. In the paper [17], some preliminary results
have been obtained for several artificial woven and knitted tactile fabrics, but the method
has been successfully applied for many other materials (incl. 3D printed) [6]. In this paper,
we present new results to show how the anisotropy depends on the structure and threads’
orientation of the textile fabrics and to establish the origin of this property. Some attempts
to find such relations have been done in [19] but without to present quantitative results.
In the beginning, three simple structures have been constructed as in paper [17] based
on ordered single cylinders built from the unit cell in Figure 3 of diameter 0.5 mm and
distance between their axes 1.0 mm. The cylinders are consistently orientated along Ox,
Oy and 0z axes. Applying the modes from Figure 4a,c with electric fields orientated along
Ox or 0z axis, the described model makes it possible to determine the dependence of the
dielectric constant anisotropy AA; yy versus the ratio €y,,,4/ €45, presented in Figure 5 (a).
The parameter AA; x increases with the ratio &4,044/ €45y increasing, but in different ways.
When the cylinders are orientated along Ox (as the electric field Etg of the exited mode),
AAg xy has large positive values (~8% for €g,5g = 3.4). Contrariwise, when the cylinders
are orientated along 0z (Etn), AAe xx has negative values (~—4.5%). These values strictly
correspond to the relative volume portions of the treads orientated along Ox (Etg) and 0z
(ETm) in these simple cases (detailed geometrical calculations are not performed at this
stage of the research). Only when the cylinders are orientated along Oy (perpendicularly to
Etg and E1yg, the parameter AA; 4 is close to O (i.e., the sample behaves as almost isotropic
one).
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Figure 5. Dielectric constant anisotropy of artificial textile samples versus the ratio between the dielectric constant of the
threads and air &y,,057/ €57+ (@) for ordered straight cylinders, orientated along axes Ox, Oy or 0z; (b) for 2D, 2%D and 3D
woven fabrics in Ku-band (see Figure 6) (Arrows: E fields of the used TE and TM modes).
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Figure 6. (a) Woven threads of corresponding dimensions; three types of woven fabrics: (b) 2D woven; straight threads
along Ox, Oy; (c) 2.5D woven,; straight threads along Oy, wavy threads along Ox; (d) 3D woven; wavy threads along 0x, Oy (all
threads are with equal dielectric constant ;7 = 3.4).

Very interesting are the results for the uni-axial anisotropy (obtained by the modes
from Figure 4c,d) of constructed three artificial woven fabrics (shown in Figure 6). They are
conditionally named 2D, 2.5D and 3D woven samples due to the applied straight and/or
wavy threads (see the figure captions of Figure 6). The behaviour of the uni-axial parameter
AA; of the 2D-woven sample is close to this one of the pure cylinders along 0x—Figure 5b.
However, when the portion of the threads with orientation along 0z axis increases (for 2.5D
and especially for 3D-woven samples) applying wavy threads, the anisotropy becomes
smaller, from 10% (for 2D woven samples) to 7% (2.5D) and 3.5% (3D) for &ye0q = 3.4
This result shows that the dense woven fabrics have relatively small anisotropy, close to
the realistically measured values of 4-6% for most of the textile fabrics. However, their
anisotropy exists and can be taken into account in the design of different wearable devices,
when the final design accuracy is important and for the higher 5G frequency bands.

2.3. Procedure for Accurate Measurements of Bent Planar Resonators on Textile Fabrics

The accurate measurement of bent wearable structures is not an easy task. There
appear strong mechanical changes during the bending—deformations in the substrates;
deformations in the metal layout (it should always tightly cover the substrate); the feeding
lines can affect the resonance behaviour. Following the strategy in this paper to investigate
only pure resonance structures, we apply coaxial probes to excite the lowest-order reso-
nances in the planar structures. Figure 7 represents the simulated E-field pattern of the
first two planar modes in flat and bent microstrip resonators. Coaxial probes from electric
type (short coaxial pin orientated along the E field) should be put close to the E-maximums.
However, in this research, we apply more stable coaxial magnetic loops placed close to
the H-maximums of the magnetic field of the corresponding mode (Figure 8a for TM;
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mode; Figure 8b for TMy; mode and Figure 8c for both modes). The measurements are
performed by a vector network analyzer in the L and S bands in transmission regime.
The place and the orientation of the loops are tuned during the measurements until the
transmission losses Sy; increase more than —40 dB. At these conditions, the resonance
frequency practically does not depend on the loop proximity and the measured resonance
frequencies are enough accurate.

w

Oy

Ox

L
@ (b) (© (d)

Figure 7. Simulated E-field pattern in microstrip resonators: (a,b) TMjg and TMy; in a flat
resonator; (c,d) TMjp and TMy; in a bent resonator. Legend: L—length; W—width.

@ (b) © (d) (e)

Figure 8. (a—c) Pair of magnetic coaxial loops placed on the length, width, and diagonal
of the planar resonator; (d—f) length (L)-bent, width (W)-bent and diagonal (D)-bent
microstrip resonators. Legend: 1—resonator; 2—substrate; 3—pair of magnetic coaxial
probes.

In this research, we apply self-adhesive 0.05-mm thick metal (Al or Cu) folio to form
the resonator layout. We start measurements in a flat position of the resonator and then
measure the bent resonator with continuously decreasing bending radius. The resonator
substrates are bending over a set of smooth metallic cylinders with radii R, from 80 to
12.5 mm. Three types of bending are applied—length-(L), width-(W) and diagonal-bent
(D) resonators—see the illustrations in Figure 8. When we bend, special care is taken to
ensure that the metallization remains well adhered to the substrate and that it does not
detach itself. Therefore, measurements are performed only for decreasing bending radius
and not in reverse order. Each of the pointed types of bending is realized with a new
fresh resonator folio. In this research, the results are presented for the ratio between the
resonance frequencies for the bent and flat resonators.

2.4. Numerical Models for Investigations of Bent Planar Resonators on Anisotropic Substrates

Most of the modern electromagnetic simulators have options for the introduction of
anisotropic materials. However, in the case of conformal planar structures, this is not easy
to perform directly, when the substrate has been introduced as a single object and to be sure
that the anisotropy is accurately described. Therefore, we chose a geometrical approach.
The anisotropic substrate is divided into several equal slices with a form of prisms (with
rectangular cross-section view for the flat resonators and with trapezoidal cross-section
view for the flat resonators). The slices have equal anisotropic properties as the whole
substrate, but the parallel and perpendicular directions used to determine the uniaxial
anisotropic dielectric parameters can be controlled now for each slice with the change of
the bending radius—as it is sown in Figure 9 for the half of structures. In this research,
the concrete width w; of the slices is chosen to be ws = 2 mm but can be decreased for
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thicker substrates or smaller bending radii for better fitting of the cross-section of the bent
substrate. The other sizes are height s and length I; = W;. The 3D views of flat and bent
microstrip resonators on sliced anisotropic substrates are presented in Figure 10. During
the bending, we satisfy the rule to keep the resonator dimensions L and W. However, the
ground and the slices may undergo some deformations.

Figure 9. Flat and bent microstrip resonators on substrate constructed by sliced prisms,
each with own anisotropic properties. Arrows represent the normal direction in each slice
in flat and curved substrates.

Figure 10. 3D view of flat and bent microstrip resonators of length L = 30 and width
W =26 mm on sliced substrates with length L; = 42 and width W, = 34 mm (last two cases
with bending radius R, = 14.3 and 9.6 mm).

2.5. Materials Used in the Research

Based on the purposes of the paper, several types of materials have been selected.
One of the groups consists of several textile and polymer samples with different measured
degrees of anisotropy (AA; from 4.3 to 10.3) by the two-resonator method. The measured
results for the pairs of parameters €y /tan depar and eperp/tan deperp, as well as for the
uniaxial anisotropy AAg/AAtanse are presented in the upper part of Table 1. The other
group includes several flexible isotropic substrates, selected for measurement of the pure
bending effect. The measured anisotropy of these materials is very small, AA; <1%. The
last two groups have representatives of relatively flexible reinforced substrates and soft
artificial ceramics. Their anisotropy AA varies in a big interval—8.2-24.5%.
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Table 1. Measured dielectric parameters and anisotropy of selected materials for this research (averaged values for the frequency

interval 6-13 GHz).

Material hs, mm Eparltan de_par Eeperpltan 0 _perp AA:/AAtanse, %
Textile and polymer samples
Denim 0.90 1.74/0.048 1.61/0.030 7.8/38
Linen 0.65 1.65/0.043 1.58/0.044 43/-23
Waterproof fabric with breathability GORE-TEX® 0.20 1.53/0.0057 1.38/0.0043 10.3/28
Polydimethylsiloxane (PDMS) 0.70 2.73/0.022 2.57/0.019 6.00/15
Flexible isotropic and near-to-isotropic samples
Polytetrafluoroethylene (PTFE) 0.45 2.05/0.00027 2.04/0.00026 0.49/3.8
Polycarbonate (PC) 0.50 2.77/0.0056 2.76/0.0055 0.36/1.8
Silicone elastomer 0.90 2.21/0.0010 2.19/0.0008 0.91/22
Ro3003 0.51 3.00/0.0012 2.97/0.0013 1.0/-8
Relatively flexible anisotropic reinforces substrates
Ro4003 0.21 3.67/0.0037 3.38/0.0028 8.2/28
NT9338 0.52 4.02/0.005 3.14/0.0025 24.6/67
Relatively flexible anisotropic soft ceramics
Ro3010 0.645 11.74/0.0025 10.13/0.0038 14.7/—41

3. Results and Discussion

Three types of results and corresponding discussions are presented in this section.
First, numerical and experimental results are presented for the pure bending effect in planar
resonators on flexible isotropic and near-to-isotropic substrates (Section 3.1). The next step
is to verify with results the assumption that the bending effect and substrate anisotropy
have opposite impacts on the wearable radiators and sensors (Section 3.2). Finally, the
simultaneous bending and anisotropy influence is investigated for several sophisticated
planar resonators with magnetic slots, defected grounds and for Koch fractal resonators
(Section 3.3).

3.1. Pure Bending Effect

As we mentioned in the Introduction, the investigated bending effect in wearable
planar patches and devices usually has been masked by other phenomena, not considered
in the simulations [32,33]. We try to solve these problems applying experimentally-proven
pure flexible isotropic substrates, using pure resonance structures (to minimize the effects of
the feeding lines) and follow an accurate measurement procedure described in Section 2.3.

First, Figure 11a presents the dependencies of the ratio fp,,,; / ﬁqat between the resonance
frequencies for the lowest-order TM;p mode for bent and flat rectangular resonators on
pure isotropic substrate versus the curvature angle ac between the neighbour slices used
to construct the substrate. This is a new measure for the bending degree, which is more
comfortable in our research. Figure 12 illustrates the relationship between the bending
radius R and the introduced curvature angle ac (e.g., ac = 4° corresponds to Rj, = 28.7 mm;
ac =8°—Rp =143 mm; ac = 12°—R;, = 9.6 mm, etc.).
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Figure 11. Numerical dependencies of the ratio between the resonance frequencies
fvent/far of the lowest-order TMjg mode for bent and flat rectangular resonators on
isotropic substrate versus (a) the curvature angle ac between the substrate slices and
(b) substrate thickness hs. The isotropic dielectric constant is chosen to be 3.0, but its
concrete value has negligible influence. Positive and negative curvature angles are used.

R = 0.5ws /sin(«c/2)
(2) (b)

Figure 12. (a) Definition of the relation between the curvature angle x¢ and bending radius
Rp; dashed line: middle line in the resonator substrate, where the effective electrical length
of the resonator is formed; (b) resonance structures on positive (+x¢) and negative (—ac)
bent substrate (the bending radius Ry, is always determined to the side of the resonator
layout).

The presented results show the expected fact (mentioned in [35]) that the resonance
frequency of the L-bent resonator increases in comparison to the flat case for pure isotropic
substrates. The dependence is not exactly linear. At the same time, the effect on the
bending is relatively small for W-bent resonators, which is also an expected result. These
dependencies correspond to the classical “positive” bending (xc > 0). What happens
during the bending? The material undergoes mechanical deformations, e.g., stretching
at the top (to the resonator) and shrinking at the bottom area (to the ground). In our
model, we take into account this effect by changing the cross-section shape of the separate
slices from rectangular to trapezoidal (illustrated in Figures 9 and 12a). The narrow side
of the trapezoid is orientated to the ground of the resonance structure. Thus, the model
confirms the assumption that the electrical length L of the L-bent resonator decreases in
comparison to the geometrical length L (illustrated with the dashed line in Figure 12a). The
standing wave of the lowest order TM1y mode is located exactly along the curvature in the
L-bent structures (see Figure 7a,c) and it explains the increase of the resonance frequency
when the curvature angle ¢ increase. Contrariwise, during the W-bending the standing
wave is located in a perpendicular direction and the influence of the bending is negligible,
especially for thin substrates.

Figure 11a presents also the bending effect for the “negative” bending (ac < 0). It
is just the opposite and this confirms the origin of the bending effect for the wearable
structures. Now, the narrow side of the trapezoid of each slice is orientated to the resonator
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layout of the resonance structure and in this case, the effective electrical length Lg of the
L-bent resonator increases in comparison to the geometrical length L and the corresponding
resonance frequency decreases. This type of bending is rarely used and not discussed in
detail.

Finally, Figure 11b additionally shows the variations of the bending effect in substrates
with different thickness. Now, the effect considerable increases for a thickness interval of
0.5-2.5 mm and then saturation appears for L-bent structures (relatively strong increase is
observed also for W-bent structures at bigger thicknesses). However, we cannot observe
here the existence of an optimal thickness, where the bending effects are minimized as
shown in [30].

The next step is to prove experimentally these tendencies. Figure 13 gives a set of
measurement results for the ratio fye:/fgar of the lowest-order TMjp mode in bent and
flat rectangular resonators on several isotropic substrates versus the bending radius Rj.
Three types of dependencies are shown—for L-, W and D-bent resonators. All the results
are close to results from the numerical simulations in Figure 11a (D-bent resonators are
not simulated). They depend on substrate flexibility and deformations. The best results
are got for the well-flexible silicone elastomer (i; = 0.9 mm), Figure 13c. Good results
are obtained by Ro3003 substrate (hs = 0.52 mm), Figure 13a; however, at small bending
radii, this soft substrate undergoes technological stretching and fy,,; slightly decreases.
The harder substrate PC (hs = 0.5 mm) shows better stability at low R;. The results for
the soft PTFE substrate (i; = 1.0 mm) deviate from the theoretical dependencies due to
the poor adhesion properties of this materials to the metal folio. However, the PTFE-like
material with the commercial mark Polyguide®Polyflon (is = 1.5 mm) demonstrates better
behaviour. In all presented cases, the curves for D-bent substrates (moderate influence) lie
between the curves for L-bent (upper curves; stronger influence) and W-bent substrates
(lower curves; smaller influence). Thus, we can conclude that the experimental results
for the pure bending effect on planar resonators on isotropic substrate fully confirm the
numerical simulations, taking into account the possible substrate deformation during the
bending on very small radii Ry,

L1015
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Figure 13. Experimental dependencies of the ratio between the resonance frequencies
Joent/ffiat of the lowest-order TMyg mode for bent and flat rectangular resonators on several
isotropic substrates versus the bending radius Ry: (a) Ro3003; (b) PC; (c) commercial sili-
cone elastomer; (d) PTFE and Polyguide® Polyflon (http://www.polyflon.com; dielectric
parameters 2.05/0.00045).
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3.2. Investigation of the Simultaneous Effects of Anisotropy and Bending of Planar Resonators

The main expected results in the research are included in this section. In the beginning,
it is important to evaluate the effect of anisotropy in flat resonators. Figure 14a shows
the simulated dependencies of the ratio fgas auiso/ffiat_iso between the resonance frequencies
of modes TMjy and TMy; for flat rectangular resonators on anisotropic (AA¢ ~25%) and
isotropic substrates versus the substrate thickness ;. The effect is visibly weak. Only
for relatively thick substrates does the resonance frequency shift due to the anisotropy
influence with 1-1.5%, which explains why this property is not so popular in the patch
antenna design. The explanation is easy—the parallel E fields (to have a noticeable influence
of the ¢, component) appear only close to the edge of such wide planar structure and the
relative effect is practically negligible in comparison to the microstrip line [26].
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Figure 14. (a) Numerical dependencies of the ratio fﬂut_aniso / fﬂut_iso between the resonance
frequencies of modes TMjy and TMyy for flat rectangular resonators on anisotropic and
isotropic substrate versus the substrate thickness h;. (b) Numerical dependencies of the
1atio fpent_aniso/ffiat_aniso of mode TMyg for L-/W-bent and flat rectangular resonators on
anisotropic substrates versus the substrate thickness ;.

However, we expect a stronger effect when the resonators are bent. To perform deeper
research, a set of bent resonators with different curvature angle are simulated by the help
of the 3D models shown in Figures 9 and 10. First, the ratio fyens aniso/fpent iso is shown in
Figure 15a between the resonance frequencies of mode TMyq for L-/W-bent rectangular
resonators versus the curvature angle ac. The substrate anisotropy AA; is chosen to be small
(~3.5%), moderate (~11%) and big (~25%). This ratio is not measurable, but it shows in a
pure form the effect of anisotropy in bent resonators. The results give the useful information,
obtained for the first time, that this influence is considerably bigger in comparison with
the flat case (up to —5% shifts down). One can see from the presented dependencies that
the influence of the substrate anisotropy decreases the resonance frequency in comparison
to the hypothetical case of an isotropic bent substrate. Therefore, we can conclude that
the effect of the anisotropy of the substrate is just opposite to the effect of bending (as it is
shown in Figure 11a). This was our preliminary hypothesis, and it can be considered as
proven numerically. Therefore, one can expect that both effects can strongly change the
behaviour of these dependencies.
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Figure 15. (a) Numerical dependencies of the ratio fyet aniso/frent_iso Petween the reso-
nance frequencies of mode TM;( in L/W-bent resonators on anisotropic and isotropic
substrates (hs = 0.52) versus the curvature angle ac; (b) Numerical dependencies of the
1atio fyent_aniso/ffiat_aniso ©f mode TMyg in L-/W-bent and flat rectangular resonators on
anisotropic substrates versus the curvature angle ac.

Figure 15b presents the ratio fyent_aniso/ffiat_aniso between the resonance frequencies of
mode TM; for L-/W-bent rectangular resonators on anisotropic substrates versus the
curvature angle ac. Now, this ratio is measurable and can be verified experimentally.
The new dependencies show that the resonance frequency shift in resonator on realistic
(anisotropic) substrates may have as positive, as well as negative signs depending on the
actual parameter AA,, which is impossible for pure isotropic substrates. We also inves-
tigate the influence of the substrate thickness /s on corresponding ratio fyent_aniso/ffiat_aniso-
Figure 14b presents curves for L- and W-bent resonators at curvature angle ac = 12°. The
results show that the bending effect can compensate the anisotropy influence for thicker
substrates to some degree. It is interesting to note that as in [30], we observe the fact that for
mediate thicknesses (named “optimal thickness” in [30]) the effect of anisotropy decreases
the bending effect; this property probably depends on the curvature angle a¢ and not
investigated in detail.

Let’s now present some experimental dependencies for bent resonators on anisotropic
substrates, selected in Section 2.5. The measurement results for the ratio fyens/faa of the
TMjp mode in bent and flat rectangular resonators versus the bending radius R; are
presented in Figure 16. They differ from the dependencies shown in Figure 13 for isotropic
substrates. In anisotropic case, more or less expressed ripples in the resonance shifts
is observed in both L- and W-bent resonators below the resonance frequencies of the
corresponding flat resonators (as in paper [35]), which is practically impossible for the
isotropic case when accurate measurement procedure has been applied. Therefore, all these
cases confirm the simultaneous effects of the anisotropy and bending of used substrates.
Very typical are the curves for the textile fabrics denim, linen and commercial multilayer
GORE-TEX® and for the flexible polymer PDMS with a small degree of stretching. Similar
behaviour is observed for three relatively flexible commercial reinforced substrates: Ro4003;
NT9338 and soft ceramic Ro3010. However, the course of dependences here is affected also
by the non-plastic deformation in these substrates, which does not allow bending at very
small radii. Of course, all presented experimental curves cannot be directly compared with
the theoretical ones in Figure 15b due to the difficulties to satisfy the perfect measurement
conditions especially at small bending radii, but the trends that reveal the impact of the
anisotropy together with the bending effect in wearable structure is obvious.
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Figure 16. Experimental dependencies of the ratio between the resonance frequencies

frent/ f}zﬂt of the lowest-order TM1y mode for bent and flat rectangular resonators on several

anisotropic substrates versus the bending radius R;: (a) Denim; (b) Linen; (c) commercial
textile fabrics GORE-TEX®; (d) PDMS; (e) NT9338, Ro4003; (f) Ro3010.

3.3. Effects of Anisotropy and Bending on More Sophisticated Planar Resonators

The fact, that the substrate anisotropy visible influences together with the bending the
resonance behaviour of such simple structure as the rectangular resonator gives us the idea
to verify this influence for more complicated planar resonance structures on anisotropic
substrates. In this subsection, several resonance structures with slots, defected grounds
and Koch fractal contours are numerically investigated to verify the effects of anisotropy
and bending in the L and S bands.

Two types of results are presented in Figures 17 and 20. We again investigate the ratio
faniso/ fiso etween the resonance frequencies of the lowest-order mode for each structure on
anisotropic and isotropic substrate (Figure 17). This ratio is a measure of the pure effect of
anisotropy. The second type of result is for the ratio fyent iso/ffiat_iso Petween the resonance
frequencies of the lowest-order mode in the same planar resonance structures (bent and
flat) on isotropic substrates (Figure 20). Now, this ratio is a measure of the pure effect of

bending.
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Figure 17. Simulated values of the ratio f,;s,/fiso between the resonance frequencies of the lowest-
order mode in several planar resonance structures with dimensions 30 x 30 mm on anisotropic
and isotropic substrates (hs = 0.52; AA, ~ 25%) (this ratio gives the pure effect of anisotropy). The
shapes of the considered structures are presented in Figures 18 and 19. The first column for each case
corresponds to a flat structure, second—bent at ac = 8°; third—bent at ac = 12°; Solid and hollow
points correspond to two mutually perpendicular orientations (V & H) of the structure during the
bending (when this is possible).

Case 1 Case 2V Case 2H Case 3V Case 3H
Case 4V Case 4H Case 5 Case 8V Case 8H

Figure 18. Top view of several resonance structures (bent at ac = 8°) with dimensions
in mm: Case 1—resonator (30 x 30); Case 2—resonator with two slots (V—vertical
orientation; H—horizontal orientation); Case 3—resonator with U-shaped slot (V&H);
Case 4—resonator with double U-shaped slot (V&H); Case 5—resonator with swastika
slot; Case 8—resonator with a defected ground (V&H).
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Figure 19. Top view of the first three iterations of Koch fractal contours as a planar resonator (flat—
first row and bent at ac = 8°—second row) with dimensions in mm: Case 1—iteration 0; Case
6—iteration 1; Case 7—iteration 2.
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Figure 20. Simulated values of the ratio fye jso/ fﬂat_iso between the resonance frequen-
cies of the lowest-order mode in several planar resonance structures with dimensions
30 x 30 mm on isotropic substrates (hs = 0.52; AA, ~ 25%) (this ratio gives the pure ef-
fect of bending). The shapes of the considered structures are presented in Figures 18
and 19. The first column for each case corresponds to a flat structure, second—bent at
ac = 8°%; third—bent at ac = 12°; Solid and hollow points correspond to two mutually
perpendicular orientations (V & H) of the structure during the bending (when this is
possible).

In the beginning, several rectangular patches with magnetic slots have been considered.
These structures are usually applied for a widening of the bandwidth of the corresponding
planar patches in comparison to the standard planar patch (Case 1). They include several
types of slots (see also Figure 18): Case 2—resonator with two slots [45]; Case 3—resonator
with U-shaped slot [30,46]; Case 4—resonator with double U-shaped slot [47]; Case 5—
resonator with swastika slot [48]. The structures are not optimized; their dimensions are
presented in Figure 18 and are compliant with the used grid of the sliced substrates. The
results from Figure 17 show that the effect of the anisotropy decreases (4-1%) with adding
the listed slots in the resonator layout. These slots are placed relatively far from the edges,
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where the parallel E fields exist and the anisotropy cannot change effectively the electrical
dimensions of the slotted resonators. At the same time, the pure bending effect is larger,
especially for the resonators with U-shaped slots—Figure 20.

The considered defected-ground resonator [49] is also not strongly influenced by the
anisotropy (2-3%); the effect is comparable with the effect in the planar resonator with a
standard ground. However, the pure bending effect is strong, especially for horizontally-
placed slots in the defected ground (case 8H; the increase is more than 25-50%; the values
are not shown in Figure 20, because are out of the scale).

Actually, only the considered fractal resonators demonstrate relatively big resonance
shifting due to the anisotropy of the substrates—Figure 17 (4-6%), while the pure bend-
ing effect is even smaller than in the case of the standard planar resonator (iteration
i0)—Figure 20. We investigate the first and second iterations (il, i2) of classical Koch
fractal contours [50], performed on flat and bent substrates—Figure 19. The reason for
the increased anisotropy influence is that the portions of the parallel E fields increase
considerably with the iteration number of the fractal resonators, which provokes stronger
resonance frequency shift down (when g5 > €perp). A similar effect can be expected in
most of the metamaterial surfaces used in the wearable flat and bent antennas, which is the
objective of our future work.

4. Conclusions

The main objective of this study has been accomplished—to prove the opposite
influences of the effects of anisotropy and bending on the resonance characteristics of
flexible wearable structures. The advantage of this paper is that both effects have been
separated in the numerical simulations, which makes it possible to evaluate the degree
and sign of the resonance frequency shifts of simple rectangular planar resonators on
anisotropic and isotropic substrates in flat and bent states. All simulations and the obtained
experimental results show that the pure bending effect, performed only by experimentally-
verified isotropic substrates, increases the resonance frequency of the bent rectangular
resonators in comparison to the flat ones and proves the origin of this effect in a pure form.
Contrariwise, the presented numerical analysis shows that the anisotropy (the existence of
direction-dependent dielectric constants ey, and €erp 0f the textile materials and similar
woven substrates) has just an opposite influence—the resonance frequency of the flat or
bent rectangular resonators on anisotropic substrates always decreases (when epar > €perp)
in comparison to the same structures on pure isotropic substrates. The last effect is not
directly measurable, but it gives the expected pure effect of the substrate anisotropy, which
depends on the degree of anisotropy AA, and the actual bending radius R,. The combined
effects, anisotropy and bending, lead to a more complicated behaviour of the investigated
resonance structures when the bent and flat rectangular resonators are considered—as
positive, as well as negative resonance frequency shifts.

Now, these combined effects are fully measurable. Applying well-selected flexible
anisotropic substrates (including textile fabrics), the resonance shifts in bent and flat
resonance structures are measured in the L and S bands. The obtained dependencies for
bending radii R, from 80 up to 10 mm show as increasing (as for the pure bending effect),
as well as decreasing of the resonance frequencies (the last phenomenon is theoretically
impossible for pure bending effect). Due to the mechanical deformations in the same of the
materials during the bending, the obtained dependencies do not fully coincide with the
numerical ones, but the tendencies for the opposite influence of the anisotropy and bending
are considered as proven. The obtained results explain well the observed dependencies
by other authors, even the existence of optimal substrate thicknesses, where the effect
of bending (but we add the anisotropy, too), could be minimized. Of course, the last
phenomenon depends on the concrete bending radius and anisotropy degree.

Encouraged by the results obtained for such a simple structure as the planar rectan-
gular resonator on wearable substrates, we performed a useful numerical study for the
combined effects of anisotropy and bending for more sophisticated structures—planar
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resonators with slots and defected grounds and fractal resonators. In some of them, the
bending effect predominates (resonators with slots and defected grounds), while in the
other structures, e.g., the fractal resonators with increased iteration number, the effect of
the anisotropy is stronger than the bending effect. These new results determine also the di-
rection of our future research—to investigate complex metamaterial structures for wearable
antennas performed on anisotropic substrates at different bending angles. The proposed
experimental and numerical methods by the applied TE/TM modes for reliable determina-
tion of the direction-dependent equivalent dielectric parameters of different metasurfaces
ensure the preliminary determination of the anisotropy of these structures, while the pro-
posed methods for parallel investigation of the effects of bending and anisotropy—the
accurate behaviour of metasurfaces with accurate curvature. This is a new scheme of
research concerning such meta structures, which will be developed in our future work.
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Abstract: Near-field to far-field transformation (NFFFT) is a frequently-used method in antenna
and radar cross section (RCS) measurements for various applications. For weapon systems,
most measurements are captured in the near-field area in an anechoic chamber, considering the
security requirements for the design process and high spatial costs of far-field measurements. As the
theoretical RCS value is the power ratio of the scattered wave to the incident wave in the far-field
region, a scattered wave measured in the near-field region needs to be converted into field values in
the far-field region. Therefore, this paper proposes a near-field to far-field transformation algorithm
based on spherical wave expansion for application in near-field RCS measurement systems. If the
distance and angular coordinates of each measurement point are known, the spherical wave functions
in an orthogonal relationship can be calculated. If each weight is assumed to be unknown, a system
of linear equations as numerous as the number of samples measured in the near electric field can be
generated. In this system of linear equations, each weight value can be calculated using the iterative
least squares QR-factorization method. Based on this theory, the validity of the proposed NFFFT is
verified for several scatterer types, frequencies and measurement distances.

Keywords: radar cross section (RCS) measurement; near-field to far-field transformation (NFFFT);
spherical wave expansion (SWE)

1. Introduction

In many cases, radar cross section (RCS) measurements for an object under test (OUT) or the
radiation patterns of an antenna under test (AUT) are captured in the near-field region inside an
anechoic chamber or at an outdoor site. The theoretical RCS value is the power ratio of a scattered wave
measured at infinity to an incident plane wave. The far-field region is proportional to the electrical size
of the OUT compared to the wavelength. Specifically, it is calculated as 2d% /A, where d is the linear size
of the OUT and A is the wavelength. This implies that, as the target expands or the frequency increases,
the far-field range criterion will become excessively large for practical measurements. Therefore,
in many cases, a specially designed reflector is placed between the feeder and OUT to induce far-field
conditions [1]. Another approach is the use of a near-field to far-field transformation (NFFFT) technique
in a non-ideal measurement environment. Traditionally, field-transformation algorithms have focused
on the processing of field values measured over canonical surfaces (e.g., planes [2], cylinders [3] and
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spheres [4]) using corresponding modal expansion techniques. To minimize measurement time, studies
on non-uniform near-field sampling grids have been conducted continuously for each type of scanning
surface [5-7]. In particular, several approaches have been presented for the arbitrary-probe NFFFT of
spherical near-field measurements. These approaches include angular scanning [8] and probe modal
content tuning [9-12]. However, modal expansion requires every point for measuring a near-field to
exist on a surface with a single coordinate system in order to maintain orthogonality. Additionally,
the far-field conversion process is unintuitive and complicated, because calculating the integral
equation corresponding to each coordinate system is required for the NFFFT process. When measuring
within a specific bandwidth rather than at a single frequency, the computational complexity increases
significantly because the solution for the new integral equation must be calculated according to
the wavenumber corresponding to the sampling frequency within the bandwidth. Additionally,
gaps between measurement samples must exist on the canonical surface, which impairs the flexibility
of near-field measurements. In a real measurement system, the flexibility of near-field sampling is
crucial to avoid limiting the shape of the OUT or the measurement frequency.

To overcome the limitations discussed above, an NFFFT algorithm that can flexibly convert an
arbitrary near-field scanning surface measurement value into a far-field RCS within various frequency
bands is required. In this paper, a far-field RCS prediction method based on the spherical wave
expansion (SWE) method that adapts modal expansion techniques away from canonical surfaces is
proposed. SWE-NFFFT has mainly been used to predict far-field radiation patterns based on near-field
measurements of AUTs [13-21]. First, the point at which an AUT’s radiation field is located is assumed
to be the origin of the coordinate system and an arbitrary near-field measurement point can be
expressed in spherical coordinates. The electric field at a given location can be expressed as a weighted
sum of spherical waves that are orthogonal to each other. Assuming that the weight multiplied by
each spherical wave is unknown, a system of linear equations as numerous as the number of samples
measured in the near electric field can be generated. The unknown weights can be calculated from the
linear system of equations generated in this manner. This process is called an inverse problem. Next,
the RCS defined in the far-field domain can be predicted using the calculated weights. This process is
called a direct problem, and all processes in the inverse problem and direct problem can be considered
as the basic principles of NFFFT, as illustrated in Figure 1.

Scatterer (OUT) = N
F~— _ I ...I Farfleld /
Free space J & 1o \
{
&0, S
0, Ko 9 Is \
o N \
Einc 1 Surface 1
SO current ,
ko
~ o - Ll 4
Incident field Escar
Scattered field N ~ — s
% : : ~ @ Inverse problem
kA" (Reradiated field) ~——"" 3 Direct Ifrob,em
(a) (b)

Figure 1. Schematic view of electromagnetic scattering and the process of spherical wave
expansion—near-field to far-field transformation (SWE-NFFFT). (a) The geometry of electromagnetic
scattering. (b) Illustration of SWE-NFFFT.

The method described above can be applied to the RCS of an OUT in its current form.
Regarding the process of generating scattered waves, when an electric field is incident on an OUT,
a surface current density is induced on the OUT surface by the incident waves. This induced surface
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current density acts as a source and generates another electric field, which is regarded as a scattered
wave reflected by the OUT. Therefore, an OUT on which an incident wave generates a surface current
density can be modeled as an equivalent current source, such as an AUT emission field.

In this study, an NFFFT algorithm was developed based on the SWE theory to verify the validity
of far-field RCS prediction for an arbitr-ry near-field scanning surface. First, NFFFT RCS results for
two canonical surfaces (spherical and planar) scans were compared and analyzed using a NASA
almond type OUT for which reliable reference measurement data were available. Next, the validity of
SWE-based NFFFT for arbitrary scanning surfaces was confirmed based on the extracted far-field RCS
results from scanning near-field samples for actual missile type OUTs with a larger electrical size.

2. Theory

2.1. Radar Cross Section

An RCS is utilized as a measure of the reflective strength of a target and is defined as 47 times the
ratio of the power per unit solid angle scattered in a specified direction to the power per unit area in a
plane wave incident on the scatterer in a specified direction [22]. Specifically, it is defined as the limit
value of the distance between the scatterer and the point at which the scattered power is measured at
infinity, as follows:

o = tim a2 Bl _ iy g2 P [m?] (1)
r—eo |Einc|2 r—eo inc
o o
Oasm = 10logo(—) = 1010810({) [dBsm] 2)

Ore f

where 7 is the distance from the OUT to the measurement point, Esc4 is the scattered electric field and
Ei,c is the incident electric field at the target. The unit for an RCS is square meters. Because objects for
which RCSs are measured have various sizes, the logarithm power scale is often adopted, and 1 m? is
used as a reference value, as shown in Equation (2).

As shown in Figure 2, depending on the direction in which a scattered wave is measured, the RCS
can be categorized as monostatic or bistatic. If scattering is observed in the k vector direction, which is
the opposite direction of the incident wave, then it is defined as monostatic RCS, while all other cases
are defined as bistatic RCS.

Scatterer (OUT)

Bistatic

E AN
~ ~. :lngle i
Einc -

5 @

N

Monostatic RCS Bistatic RCS
(Backscatter)

Figure 2. Illustration of monostatic and bistatic radar cross sections (RCSs).
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Based on the definition above, the RCS measurement of an OUT can be performed using two
methods: outdoor and indoor. According to the theoretical definition of an RCS, the measurement
environment that is more suitable for measuring scattered waves at infinite distances is outdoors.
However, it is necessary to consider the effects of various types of clutter that can affect RCS
measurement values (e.g., weather conditions such as rain or snow or wide-open flat spaces). In most
cases, indoor measurements can provide cleaner measurement data with reduced clutter, even though
the measurement space is limited in size. In the near-field region, the shape of an electromagnetic wave
is closer to the shape of a spherical wave than a plane wave. Therefore, if the power ratio is calculated
or measured from a scattered wave in the near-field region, the RCS values will differ from the true
values. Therefore, it is necessary to predict a far-field RCS in which a plane wave is reconstructed
by applying a post-processing technique to the electric field value measured in the near-field region.
The following subsection details the SWE-NFFFT theory for arbitrary scanning surfaces, which is not
limited to the canonical scanning surfaces, unlike the conventional NFFFT algorithm.

2.2. Near-Field to Far-Field RCS Prediction Based on SWE

As shown in Figure 1, the scattered wave formed by an OUT can be derived from an equivalent
surface current density by utilizing Love’s equivalence principle [23]. Specifically, the scattered wave
formed by an OUT can be expressed as a weighted sum of spherical wave functions that are orthogonal
to each other at an arbitrary measurement point, which matches the form of the following spherical
wave expansion:

2 N n
Ero,e)=Y Y Y QunFlh 3)

s=1ln=1m=—n
N = [ka + 6(ka)3] (4)

where s = 1,2 represent two orthogonal modes of the electromagnetic field, Qs is the spherical
wave coefficient and ?5(,,3,1),1 is the spherical wave basis function. In Equation (4), k is a wave number
determined by the measurement frequency and a is the radius of the sphere with the smallest volume
containing the entire OUT to be measured. N is the truncation number and is a variable that determines
the minimum amount of data required for valid RCS prediction from the limited measurement data.
Therefore, the number of m and n are determined to be N + 2 and N, respectively.

In this case, the spherical wave basis function ?Sq)n, which takes the form of a vector, is calculated
with both theta and phi directional components.
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Py'(x) = (=1)"(1 - xz)m/ziim(Pn(x)) (1)

where 2513) (x) is the first kind spherical Hankel function consisting of the sum of the spherical Bessel

function j,(x) and spherical Neumann function y,(x). P, is the normalized associated Legendre
polynomial, and P} is the original associated Legendre polynomial.

As shown in Figure 3, if an electric field is expressed by SWE at an arbitrary near-field
measurement point (¥, Opn, Pmn), then an N(N + 2)-weighted sum is generated. This indicates
that there are N(N + 2) unknown coefficients, which can be derived by constructing a linear system of
equations from the near-field measured sample values.

(TmZ' enzZ: ¢mz)

A
("m1, Om1, Pim1) )\ 2 L e Rx (Tmn: Omns Pran)
s ~._ L. =
4 Escat\/ L
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\/ ‘N‘m\‘ i { ( 4 & )
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x e
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Figure 3. SWE field modeling at the measurement point for a scatterer.

Based on Equations (4)—(11), Equation (3) can be expressed in the form of a matrix-vector product:

Fe,s(fl)l(rmlfgmlfgbml) Fo 501 (Tm1, Om1, Pm1) - FQ,SNN(rmlleﬂ’lll¢m1)- Qs(-11
Fgs(—1)1(rm1, Om1, $m1)  Fps01(Fm1, Onts Pu1) - FpsN (i1, Om1, Pm1) Qso1
Fe,s(—l)l (rmZI 02, ¢m2) FG,SOl (TmZ/ O, 4’m2) ce FQ,SNN (rn12/ Om2, 4’m2) Qs
U=cQ= . : . : (12)
P9,5(71)1(7”mn/ O, (Pmn) F9,501 (rmn/ O, 47mn) e FG,sNN(rmn/ O, 47mn) :
_F¢,5(71)1(7'mn/ Omns Pmn) sz,sOl (*mn, Omns Q)+ -+ F(p,sNN(rmn/ Omn, (Pmn)_ | Qsnn |
Q= (cHo)~'ctu (13)

In Equations (12) and (13), U is a measured near-field sample vector that includes both 6 and ¢
polarization, and C is a matrix that can be calculated from the coordinates of each measurement point.
The subscripts 6 and ¢ of the elements F constituting the matrix C represent the coefficients of the theta
and phi components in Equations (5) and (6), respectively. H denotes the Hermitian operation of a
matrix. From U and C, the unknown vector Q can be derived as shown in Equation (13). This process
is the inverse problem illustrated in Figure 1b and represents the equivalent current source model
for an OUT. The electric field in the far-field region is computed by substituting the r,, value of each
measurement coordinate with a significantly large value instead of using the C matrix calculated for
the near-field measurement points.
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The newly calculated Cy,, matrix with 7 — oo is multiplied by the solved vector Q. This process is
the direct problem. By substituting the Ef,, obtained in the same process as Equation (14) into Escqt in
Equation (1), we can predict the far-field RCS for each near-field measurement point. Each component
F in the matrix Cg, can be computed for arbitrary measurement points that are not limited to
specific canonical surfaces. This means that far-field RCS prediction using SWE-based NFFFT is
possible if at least N(N + 2) measurement samples are secured by the minimum truncation number N,
as determined by Equation (4). In this study, in preparation for increases in the matrix size, the least
squares QR-factorization (LSQR) method was utilized instead of a direct solver.

3. Numerical Results and Discussion

3.1. SWE-NFFFT Verification

This section describes the validation of the SWE-NFFFT algorithm proposed in Section 2.
The far-field reference and near-field data at a specific distance are simulated using a three-dimensional
full-wave electromagnetic solver FEKO based on method of moments (MoM) analysis. A perfect
electrically conducting NASA almond-type OUT is considered. RCS measurement values have been
well documented at specific frequencies for this type of object [24]. As shown in Figure 4, this object
can be expressed as a closed surface formed by (x(t,¥),y(t, ¢),z(t,¢)) according to the positional
variables t, 1.

ﬂ:r —0.4167<t<0and—n<w<h

x = d - tinches,d = 9.936 inches

S
= . )2
y=01333-d- 0416? )2cos P

z=0.0644-d-

2
Qa1ey) 0¥

for0<t<05833and —m<yp<m
x=d - tinches,d = 9.936 inches

9.936 inches

2 ~
) — 096 cosy Y ]

y=48334-d- (20834

(19112 d- ’l— 20834 096?

Figure 4. NASA almond-type computer aided design (CAD) model used for simulations.

First, when the SWE-NFFFT procedure is utilized with electrical field data extracted from a
distance (other than infinity) that is close to the far-field region, it is necessary to verify whether the
OUT is correctly modeled with an equivalent current source. The incident waves are set as 6-polarized
plane waves incident from a single direction of 8 = 90° and ¢ = 0°. The resulting near and far-field
scattered wave data are all extracted in a bistatic format. The polarization data used for transformation,
based on Equation (12), are 8 and ¢-pol.

To verify the compatibility of SWE-NFFFT with a canonical surface, a spherical scan was
performed with a radius of 2 m for the entire azimuth and elevation angle, as shown in Figure 5.
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The frequency of the incident wave was set to 100 MHz. Here, 99 near-field samples (N) were required
for each polarization, as shown in Equation (4). For the ease of extraction of near-field data, the samples
in the 6 and ¢ directions were extracted at consistent intervals of Ny = 9 and N, = 11, respectively.
Under these simulation conditions, the size of the matrix C in Equation (12), which was required for
SWE-NFFFT, was 198 x 198 and the size of the unknown vector Q was 198 x 1. Figure 6 presents
the far-field RCS prediction results based on the vector Q obtained from SWE-NFFFT. Among the
99 far-field RCS data points predicted for all azimuth angles, the vertical transmit and vertical receive
polarization (VV-pol) RCS results are displayed for 8 = 45° and 6 = 90° cut planes. The solid line
composed of blue circles represents the reference far-field RCS, whereas the solid line composed of
red stars represents the prediction results when using the SWE-NFFFT method. It is clear that the
SWE-NFFFT-based RCS values show excellent agreement, except for the extremely small RCS values,
which would be negligible a in practical scenario.

6, ¢ pol bistatic
Ng=9 Ng=11

. Angle sweep*
. in6 (0 —m

=
l/} " and ¢ (0 })

f =100 MHz e

Figure 5. Simulation setup for near-field sample data from a spherical scanning surface.

6 =45° 0 =90°
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Angle [°] ¢ Angle [°] ¢

Figure 6. VV-pol SWE-NFFFT results for a 100 MHz incident wave on a 8 = 45°,90° cut plane.

We then considered a frequency of 300 MHz, and all other simulation conditions were kept the
same. Based on this increased operating frequency, the number of near-field samples per polarization
was 323. The samples in the § and ¢ directions were extracted at consistent intervals of Ny = 17 and
Ny = 19, respectively.

Figure 7 presents the RCS data for various cases with § = 45° and 6 = 90° cut planes for VV and
VH(-horizontal receive)-pol. Based on the verification processes above, it is confirmed that applying the
SWE-NFFFT method is reasonable in the case of spherical scanning at a distance in the far-field region.
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Figure 7. SWE-NFFFT results for a 300 MHz incident wave on a § = 45°,90° cut plane.

We then analyzed the applicability of the SWE-NFFFT method to various scanning surfaces.
We also examined tge partial surface scans and compared the results to electric field integral
equation-based NFFFT, which is dependent on a canonical scanning surface and requires scanning
for all-round surfaces (e.g., spheres and cylinders). Additionally, to verify the validity of RCS
prediction in the near-field region, field samples were extracted at a shorter distance compared
to the previous simulation.

As shown in Figure 8, verification was performed for two cases: a scan of a spherical surface
and a square plane surface containing the same angular region (6 = § ~ %T”, ¢ = 4 ~ ) with the
same frequency of 300 MHz. In the spherical scan, all near-field sample points were extracted at
a radius of 0.5 m, whereas in the planar scan, the nearest sample point was located at a distance
of 0.3 m on a square plane with a size of 0.6 X 0.6 m. To compare the far-field RCS results at
identical sample points for the two scanning methods, we considered values of Ng = 19 and Ny = 21,
which were greater than the minimum truncation number required to have the same 6 and ¢ values.
Based on Equations (5), (6) and (12), SWE-NFFFT was calculated for matrix C under ¢ polarization
and ¢ polarization in the transformation process. In the case of the planar scan, the x, y, z polarization
components were extracted and then transformed using Equations (15)—(18);

X0 = Az + By +C2 (15)

Y$ = D%+ EJ (16)

X = Acostcos¢ + Bcosfsing — Csind (17)
Y = —Dsinf + Esin¢ (18)

Figure 9 presents the RCS data from the two different scanning methods and the reference values,
which show excellent agreement.
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Figure 8. Simulation setup for near-field sample data from two canonical scanning surfaces.
(a) Spherical near-field scan. (b) Planar near-field scan.
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Figure 9. Comparison of SWE-NFFFT results according to the scanning method (8 = 60°,90° cut plane).

The VV-pol as well as VH-pol RCS results at the cut planes of § = 60° and 6 = 90° are presented
in Figure 9, revealing a maximum error of 2 dB, which is almost negligible. The solid line composed of
blue circles represents the reference far-field RCS, and the solid line composed of red stars represents
the spherical scan NFFFT; the black solid line represents the planar scan NFFFT results. In the
6 = 90° cut plane, for VV-pol, a maximum error of 1 dB occurs at ¢ = 0°. In the case of the VH-pol,
the maximum error is approximately 2 dB around ¢ = 10°. In the case of a planar scan, because each
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near-field sample point has a different distance, larger errors occur compared to the spherical scan,
but reasonable NFFFT results are obtained in general.

3.2. Far-Field RCS Prediction on Arbitrary Scanning Surfaces

In this section, the proposed SWE-NFFFT algorithm is applied to predict the far-field RCS for an
arbitrary scanning surface on a more realistic OUT model.

Compared to the streamlined NASA almond, the OUT model used in this simulation has the
shape of a missile with a length of 1 m and width of 0.62 m, as shown in Figure 10.

Figure 10. Missile CAD model used for simulation.

The direction and parameters of the incident wave were the same as those mentioned in the
previous section and the frequency was increased to 1 GHz. By setting N = 34, which is greater than
the minimum truncation number determined by Equation (4), the far-field RCS can be calculated from
the matrix C (2448 x 2448). When considering the size of the missile-shaped OUT and the wavelength,
the minimum far-field region is 7 m. The near-field measurement data were extracted within a range of
3-5m, and 6 and the distance vector r were set to different random values to ensure that the scanning
surface did not correspond to a specific canonical surface. A total of 2448 sample data points were
extracted from 12 surfaces (102 points at 1° intervals, with 1224 samples for each polarization).

The SWE-NFFFT-based RCS data are compared with the reference data for 12 different scanning
surfaces under VV and VH-pol in Figures 11 and 12, respectively, revealing excellent agreement.
Figure 13 presents more detailed data.
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Figure 11. Simulation setup for arbitrary scanning surfaces.
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Figure 13. Partial plot of SWE-NFFFT results for all near-field sample points (306~407, 612~713).

It is clear that the proposed SWE-NFFFT method enables the prediction of high-accuracy far-field

RCS data with arbitrary scanning surfaces for general OUTs.
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4. Conclusions

In this paper, a SWE-NFFFT method was proposed for arbitrary measurement points that do not
belong to canonical surfaces, and it was proven that the proposed method is applicable to near-field
RCS measurement systems. Therefore, any arbitrary near-field data can be utilized to derive far-field
RCS data.

First, a system of linear equations is generated from the minimum near-field sample data required
for far-field RCS prediction. When the distance and angular coordinates of each measurement point are
specified, spherical wave functions that are orthogonal to each other can be calculated. The coefficients
multiplied by weights for each function can be derived as determinants by assuming unknown vectors.
In the system of linear equations, an unknown vector is calculated as an inverse problem using the
LSQR method. It is then modeled as an equivalent current source, and the far-field electric field is
derived from the modeled source as a direct problem. Finally, the RCS can be predicted.

In this study, the compatibility of a conventional canonical scanning surface was verified for
different frequencies and measurement distances using a NASA almond-type OUT. Next, the proposed
SWE-NFFFT was validated on an arbitrary scanning surface for a more general shape of an OUT in
the GHz frequency region. Finally, it was verified that RCS prediction can be applied to any arbitrary
scanning surface. Therefore, it has been confirmed that RCS prediction using the proposed SWE-based
NFFFT algorithm is feasible. In particular, in the final verification process for a missile-shaped
OUT, the overall RCS tendency showed high accuracy. It was confirmed that about a 3 dB error
occurred at several points, which was about 10 dB at the null point, which would be negligible in a
practical scenario.

In future work, we plan to extend the NFFFT method for non-uniform sampling, which extracts
near-field sample data more densely from measurement points with large error.
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Abstract: Recently, there has been an increased interest in exploring periodic structures with higher
symmetry due to various possibilities of utilizing them in novel electromagnetic applications. The aim
of this paper is to discuss design issues related to the implementation of holey glide-symmetric
periodic structures in waveguide-based components. In particular, one can implement periodic
structures with glide symmetry in one or two directions, which we differentiate as 1D and 2D glide
symmetry, respectively. The key differences in the dispersion and bandgap properties of these two
realizations are presented and design guidelines are indicated, with special care devoted to practical
issues. Focusing on the design of gap waveguide-based components, we demonstrate using simulated
and measured results that in practice it is often sufficient to use 1D glide symmetry, which is also
simpler to mechanically realize, and if larger attenuation of lateral waves is needed, a diagonally
directed 2D glide symmetric structure should be implemented. Finally, an analysis of realistic holes
with conical endings is performed using a developed effective hole depth method, which combined
with the presented analysis and results can serve as a valuable tool in the process of designing novel
electrically-large waveguide-based components.

Keywords: higher symmetries; glide symmetry; periodic structures; mode matching; dispersion analysis

1. Introduction

Recent research related to new electromagnetic structures and manufacturing technologies has
inspired numerous new developments in the field of periodic structures due to the possibility of realizing
components with properties that cannot be obtained using classical materials. Higher symmetries,
i.e., periodic structures that are invariant after a translation and a second geometrical operation [1-3],
represent a class of periodic structures with additional possibilities in creating new designs, for example
in art (medieval Moorish tessellations in the Alhambra, Spain, or the graphic work of M.C. Echer),
in numerical geometry (space tessellation and meshing), and in electromagnetics, where their usage has
resulted in enhancing the performance of electromagnetic devices [4].

Implementation of higher symmetries in an electromagnetic structure allows various manipulations
of the corresponding dispersion diagram. Depending on the desired application and the way in which
the periodic structure is used, there are two basic design directions. The first direction is related to the
expansion of the non-dispersive part of the dispersion diagram, which is interesting for structures used
for guiding waves in desired directions. The second approach is applied when we wish to extend the
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bandgap in the realized dispersion diagram, for example in structures based on preventing the wave
propagation in some directions. Possible applications are numerous—from lenses (e.g., ultra-wideband
Luneburg lenses [5,6]), antennas (e.g., leaky-wave antennas with low frequency dependency [7,8] or
with high-scanning range [9]), cost-efficient gap waveguide technology [10], phase shifters [11-13],
filters [13,14], or contactless flanges in the mm-wave frequency range with low leakage [15].

Although there has been intensive research on periodic structures with higher symmetries over
the last five years, there are still many theoretical and practical questions that need to be discussed.
Extensive theoretical modeling based on the mode matching approach has shown the advantages
and limitations of these structures, and this is in agreement with the results obtained using general
numerical solvers [10,16-21]. The focus of these works was on geometries that have glide symmetry
in two directions. However, it is possible to have glide symmetry in only one direction, resulting in
simpler structures. Thus, it is of interest to analyze how this “simple” approach of implementing
glide symmetry (i.e., reduced glide symmetry), which is easier to implement in practice, compares to
a full glide symmetry. Furthermore, the base geometrical elements for the realization of these periodic
structures are usually cylindrical or rectangular holes. Parametric analyses of the influence that the
geometry of these holes has on the dispersion diagram have been extensively reported [16,22-24];
however, in practical realization, drilling of the holes usually means that the actual geometry of the
hole is not a perfect cylinder, but rather a cylinder with a conical ending. For this reason we are
interested in to what extent the conical ending of the holes influences the characteristics of the designed
device. Therefore, the aim of this paper is to make a contribution toward these two practical topics.

The paper is organized as follows. First, holey parallel plate waveguides with implemented
one-dimensional (1D) and two-dimensional (2D) glide symmetries are discussed. The focus will
be on the differences in obtainable dispersion diagrams. In Section 3 we discuss practical issues
related to properties of waveguide components whose design utilizes bandgap properties of holey
glide-symmetric structures, and the results of the experimental prototype are presented. Finally,
the discussion will focus on another practical issue related to holey waveguide components with
a conical shape of the hole bottom in order to also cover this aspect in the realization of components
with higher-symmetry periodic structures.

2. Glide-Symmetric Holey Parallel Plate Waveguide

A periodic structure possesses a higher symmetry when more than one geometrical operation is
needed for the unit cell to coincide with itself. A common example is glide symmetry, which indicates
the invariance of a periodic structure under a translation for half of its period and a mirroring with
respect to a symmetry plane defined by the considered structure. Other kinds of higher symmetries
are defined by a combination of translation and rotation (twist or screw symmetry) [25] or by time
operation (parity-time symmetry) [26].

In parallel-plate waveguide (PPW) applications, a glide symmetry operator should be applied
along the waveguide, and there is a degree of freedom in defining the glide-symmetric periodic
cell. Two possibilities will be considered, both of them having advantages in particular applications.
To define them we introduce two versions of glide operators, 1D and 2D, which can be defined in the
following way (the coordinate system is given in Figure 1):

— Py
1D glide operator : {(x,y) (x+%y) O
z — —z
N Py by
2D glide operator : {(x,y) (x+ 7Yt ) @)
z — —z

A sketch of 1D and 2D glide operators, together with the corresponding PPW unit cells, is given
in Figure 1. Note that in the 1D case we have two free parameters: the lateral distance between rows
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following the 1D glide symmetry A, and the inclination angle a. Furthermore, there is no requirement
for 1D structure to be periodic in the lateral direction (in the example in Figure 1b we have selected
a special case, « = 33.7°, to ensure periodicity in the lateral direction, which enables calculation of
the two-dimensional dispersion diagram). For an inclination angle a = 45° and A, = Py/2 we get
a 2D glide symmetric structure. Note that in the 2D case, the minimum unit cell is positioned in the
diagonal direction (see Figure 2b). However, just to be able to compare 1D and 2D cases, we will keep
the notation of periodicities in the x- and y-directions, i.e., p2D = piD/\/2 = P,/ /2.

0] )( )0000030)
BEOO( )QI

@)

(0 (d)

Figure 1. Holey glide-symmetric structures: (a) sketch of 1D glide symmetric structure; (b) sketch of
2D glide symmetric structure—yellow and blue circles denote holes at the top and bottom plates of
parallel-plate waveguide (PPW); (c) sketch of periodic unit cell of 1D glide symmetric PPW structure;
(d) sketch of periodic unit cell of 2D glide symmetric PPW structure.

Differences in the unit cell geometry are also reflected in the corresponding dispersion diagrams.
As an example, we considered glide symmetric periodic structures with the stop-band in the K-band.
Without loss of generality we fixed the diameter and the depth of the holes (2r =7 mm and / = 3 mm,
respectively) and the gap between parallel plates (¢ = 0.1 mm). We used the period that maximizes the
bandgap, and thus the P?P = 9 mm (r/ P?P = 0.39) for the 2D periodic structure (see also the discussion
about the optimum ratio r/ P2P given at the end of this section). For 1D glide symmetry we considered
two examples, one with zero inclination angle ( PP = Py = P2P\/2 = 13mm, a = 0°, A, = P,), and one
with inclination angle a = 33.7° (Ay = Py/2, the unit cell of this structure is shown in Figure 1c).

From Figure 2 it can be seen that the 1D holey structure for an inclination angle a = 0° acts as
a soft surface, i.e., it prevents the propagation of EM waves in the direction perpendicular to the row
of holes (i.e., y-direction) [27,28]. A large stop-band is obtained for the structures where the holes are
large enough to overlap, i.e., in the case when there is a non-zero cross-section of the projection of the
holes into the symmetry plane (i.e., 2r > PP /2). This can be seen in Figure 3a, in which the bandgap
cut-off frequencies are shown as a function of periodicity P'P and gap size ¢. The maximum bandgap
is obtained for period PP = 9.5 mm, i.e., for r/P'P = 0.37. The stop property is present not only for
waves propagating in the y-direction, but the bandgap is also present for EM waves propagating in the
cone £45°, as seen in Figure 3b. However, the bandgap is positioned at quite low frequencies, between
4 and 18 GHz in this case, which was not our intention in the design.
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If we incline the structure in the lateral direction by an angle «, this will enable us to place the
lateral walls closer. Furthermore, if the selected diameter of the holes results in mutual overlapping,
i.e., if there is a non-zero cross-section of the projection into the symmetry plane of each hole in the
upper plate with the projections of the four neighboring holes in the lower plate (and vice versa),
then a large bandgap opens at higher frequencies in all directions, see Figure 2b. If we further increase
the inclination angle to & = 45°, we will obtain the 2D glide-symmetric structure with maximum
bandgap size, see Figure 2c. The dispersion diagram is now quite simple with a small number of
modes, mostly because of the presence of a higher symmetry and a smaller unit cell (P2 = piby ﬁ).
One should note that implementing the periodic structure from Figure 1b and not noticing the
minimum period of the structure would influence the layout of the dispersion diagram—one would
obtain more propagating modes. However, the bandgap would be correctly determined.

The dependency of the bandgap, i.e., the dependency of the lower and upper cut-off frequency of the
2D glide-symmetric structure on the structure period and on the gap size, is given in Figure 4. It can be seen
that the maximum bandgap was obtained for P?P =9 mm, i.e., for r/ P?P = 0.39, which is in agreement
with results from the literature [23,29]. Furthermore, if there is no mutual overlapping of holes in the lower
and upper plates (in the case of periodic structures with P20 > 9.9 mm), the bandgap is reduced.

frequency (GHz)
&

1ok Bandgap

Bandgap

frequency (GHz)

Bandgap

frequency (GHz)
@

Figure 2. Dispersion diagram of the 1D and 2D glide symmetric structures obtained using CST
Microwave Studio: (a) 1D case with inclination angle a = 0°; (b) 1D case with inclination angle
a = 33.7°; (c) 2D glide-symmetric case.
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Figure 3. (a) The bandgap cut-off frequencies of a 1D glide-symmetric periodic structure (x = 0°,
Ay = Py) as a function of periodicity Py and gap size g; (b) dispersion diagram of first two propagating
modes of a 1D glide-symmetric periodic structure with « = 0°, A, = Py, and g = 0.2 mm for different
propagation directions of EM waves.
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Figure 4. Bandgap cut-off frequencies of 2D glide symmetric structures for different periods and gap
sizes; the period of the periodic structure is p2D = p./\/2.

3. Waveguide Components Based on Using Bandgap Properties of Holey
Glide-Symmetric Structures

Undesirable EM energy leakage from certain types of waveguides, flanges, shieldings, and similar
components in the mm-frequency band is often encountered and is a result of poor manufacturing,
small cracks, and material wear. Such waveguide components are typically manufactured in two
parts that are joined together, and ensuring very good flatness and good electric contact in these
cases is mechanically a very difficult task and other solutions are investigated. Note that even
typical production tolerances in surface flatness will cause small gaps when these two parts are
mounted together, and in order to avoid leakage of EM energy through the gaps one needs to use
a large amount of screws to ensure a firm contact (see, e.g., [30]). One alternative popular solution is
based on gap-waveguide technology, which uses the electromagnetic stop-band in order to contain
the EM energy inside the structure [28,31,32]. The classical gap-waveguide technology is based on
manufacturing a periodic array of pins that form the stop-band in the PPW, and the benefits of using
gap waveguide structures to prevent this leakage have been extensively demonstrated. Our aim is
to investigate the potential of holey glide-symmetric structures in similar applications. Due to its
mechanical simplicity (instead of manufacturing the pins one needs only to drill holes, which is
easier and cheaper to produce) and good dispersion properties, glide-symmetric structures have
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great potential in these types of applications. In more detail, the waveguide components are typically
fabricated in two separate parts using computer numerical control (CNC) machining or electrical
discharge machining (EDM). If the CNC milling process is applied, one should note that drilling
the holes is easier than milling the pins (additionally, closely-spaced thin pins are easy to break).
If the EDM process is applied, the glide-symmetric holey structure is less sensitive to the fabrication
tolerances due to the larger dimensions of the holes, since the periodicity of the holey structure is
typically 2-3 times larger than the equivalent pin structure (which is particularly important in the
higher mm-wave frequency range) [10]. Understanding these concepts and the benefits of particular
realizations is crucial for the development of actual existing devices and the further development of
new devices applicable in classical EM applications and also in different sensing applications.

In designing gap waveguide components based on glide-symmetric structures one would like to
select dimensions that would maximize the range of the bandgap. The dependency of the lower and
upper cut-off frequencies of the 2D glide-symmetric structure on the structure period and on the gap
size was already discussed in Figure 4, i.e., the ratio of hole radius and structure period that maximizes
the bandgap is r/ P?P = 0.39 (i.e., r/ P'P = 0.27). The position of the maximum does not depend on the
gap size, making it easy to design components since the sizes of the gaps or cracks are not known in
principle. Note that the hole depth for large enough values does not influence the bandgap range since
all the modes in the circular waveguides (i.e., in the holes) are evanescent due to the subwavelength
radius of the holes, and thus the EM field does not penetrate deep inside the hole.

These results indicate that glide-symmetric holey technology can be efficiently used as a simple
way of solving the leakage problem due to the presence of undesired cracks and gaps in waveguide
components. Additionally, it is important to highlight that it is very simple to implement holey
glide-symmetric structures using the 1D approach. In more detail, from a practical point of view it is
often important that a holey glide-symmetric structure occupies as little space as possible in the lateral
direction due to the fact that in practical waveguide-based components we would like to put different
parts close to each other and in this way to reduce the size of the considered component (a typical
example is a waveguide-based feeding network of an antenna array, see, e.g., [30]). Therefore, it is
advantageous not to have a half-period shift of the row of holes in the lateral direction, so even when
a 2D glide-symmetric structure is implemented, it is oriented in the diagonal direction of the unit cell
(i.e., following the 1D approach, see Figure 1).

In order to investigate the optimum glide-symmetric topology, we considered a rectangular
waveguide with a gap (i.e., with a PPW) in the lateral walls in which the holes are periodically drilled
(without loss of generality the PPWs are placed in the middle of the side waveguide walls). First we
need to determine the required number of rows with holes and therefore the following three holey
structures were considered (see Figure 5), together with the structure without the holes as a reference
case (i.e., a rectangular waveguide with two PPWs in the middle of side walls). By inspecting Figure 6,
where the Sp; parameter of finite-size rectangular waveguides is shown (L = 143 mm), we can conclude
that even a small gap in the lateral wall causes serious degradation in the transmitting waveguide
properties (Figure 6a). Furthermore, it is clear that drilling holes in one plate only does not improve
the transmission properties (Figure 6b). However, even one row of 1D glide symmetric holes efficiently
prevents the leakage of EM energy, in particular for small sizes of the gap (Figure 6¢). For larger gap
sizes, two rows of glide-symmetric holes are needed (Figure 6d).

One would expect “perfect” waveguide propagation properties inside the whole bandgap.
However the analysis of a finite waveguide structure in Figure 6 shows a strong reflection above
25 GHz. The problem is in the Bragg frequency, i.e., when the period of the holes is equal to the
guided wavelength of the waveguide propagating mode a strong reflection occurs since all the
small reflections from the holey discontinuities are constructively added in phase. This is also visible
if we plot the comparison of the propagation constant of the regular and holey glide-symmetric
waveguides, see Figure 7. It can be seen that the difference is negligible until we reach the vicinity of
the Bragg frequency.
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(©)
Figure 5. Sketch of the considered holey periodic

structures: (a) classical waveguide with the PPW in

the side walls; (b) waveguide with one row of holes in one plate of the PPW only; (c) waveguide with
one row of holes in both the top and bottom plates of the PPW; (d) waveguide with two rows of holes
in both the top and bottom plates of the PPW following the 2D glide-symmetry grid.
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Figure 6. Transmission properties of a finite holey glide-symmetric waveguide (L = 143 mm) as
a function of the gap size; the considered structures are shown in Figure 5. The period of the holey

glide-symmetric structure is pip

=13 mm; (a) no holes present; (b) structure with one row of holes

in the bottom; (c) structure with one row of holes in the top and bottom plates (shifted half a period
versus each other); (d) with two rows of holes in the top and bottom plates.

The problem of Bragg frequency reflection can be mitigated by reducing the period of the holes

(thus effectively moving the Bragg reflection to

a higher frequency). This will reduce the bandgap,

but since there is no Bragg reflection, effectively the working frequency range will be extended, as
seen in Figure 8. However, the properties of the bandgap are also changed and the ripples in the
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transmission characteristic are visible since now more than one mode is propagating (e.g., below 22 GHz
for ¢ = 0.2 mm). It should be noted that this second propagating mode (due to the fact that the periodic
structure is not in the bandgap) is much weaker. This is also visible in Figure 9 in which the field
distribution of these two modes is given. It can be seen that the mode that exist outside the bandgap has
the E-field maximum in the parallel plate region; thus it is weakly excited by the dominant waveguide
mode (excitation of the whole structure). This is the case when we have a geometrically regular parallel
plate structure. However, this mode will not be present in reality since the gap will not be regular,
i.e., it will be present in places with imperfections of the realized waveguide component.

30

N
o

N
o
T

frequency (GHz)

51 -~ —Holey waveguide
- = —Metallic waveguide

0 0.5 1 1.5 2
3 (Pim)
w

Figure 7. Propagation constant of the regular (fully metallic) and holey glide-symmetric waveguides.
The light line is shown with a dash-dotted line.
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Figure 8. Transmission properties of a finite holey glide-symmetric waveguide (L = 121 mm) as
a function of a gap size; the considered structures are shown in Figure 5. The period of the holey
glide-symmetric structure is P'” = 11 mm; (a) no holes present; (b) structure with one row of holes
in the bottom; (c) structure with one row of holes in the top and bottom plates (shifted half a period
versus each other); (d) with two rows of holes in the top and bottom plates.
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One can conclude that practically there is no difference in the transmission properties of structures
with one and two rows of glide symmetric holes, in particular for small sizes of the gap (up to 0.1 mm
in the K band). Therefore, it is enough to put one row of holes in different realizations of waveguide
components in order to avoid energy leakage due to the presence of undesired cracks and gaps.

(b)

Figure 9. E-field distribution within the holey glide-symmetric structure of (a) a desired waveguide

mode and (b) a waveguide mode that exists outside the bandgap.

Practical Realization of Glide-Symmetric Holey Waveguide

To verify the findings from the simulated results we built two waveguide prototypes operating
in the K-band. The first waveguide is a classical one, whereas the second one implements the holey
gap-waveguide technology in the side walls (Figure 10). The actual waveguide aperture in both cases
corresponds to the WG20 waveguide and the dimensions are 10.67 x 4.32 mm? while the length
of both waveguides is 205 mm. The applied holey glide-symmetric structure follows the topology
from Figure 5d and is analyzed in Figure 8d, i.e., the glide-symmetric structure is made of holes that
are 7 mm in diameter and 3 mm in depth, and the periodicity of the holes is 11 mm. The actual
manufactured waveguides are shown in Figure 10c,d. The structure was produced using the CNC
milling machine with production tolerances around 0.01 mm (the used CNC machine is the three-axis
milling machine INGPOS, Laboratory of Machine Tools, Faculty of Mechanical Engineering and Naval
Architecture, University of Zagreb). The prototype was made from C45 steel by which we have
ensured good flatness of the produced waveguide parts (although the conductivity of steel is smaller
comparing to, e.g., aluminum).

The bandgap cut-off frequencies for different sizes of the gap are the ones given in Figure 4,
and these were the basis for choosing the parameters of the developed prototype. From a practical
perspective we need to cover the whole waveguide band of operation (18.0-26.5 GHz), and as seen
from Figure 4, for small gap sizes (below 0.1 mm) the stop-band meets this criterion. Since the
actual dimensions of the undesired gap in reality are not known, we used gap sizes of 0.05-0.2 mm
in the measurements. These values should give us a good indication whether the proposed holey
glide-symmetry technology can solve the abovementioned manufacturing problems with the practical
cost being a slightly larger structure in some cases.
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(o) ()

Figure 10. (a) Sketch of the developed holey glide-symmetric waveguide; (b) picture of the side view
of the realized waveguides; (c) picture of the realized ordinary waveguide; (d) picture of the realized
holey glide-symmetric waveguide.

The S-parameters of both waveguides (classical and the one with a holey glide-symmetric
structure) were measured and the magnitudes of Sy; parameters are shown in Figure 11. The results
of the classical waveguide show that even a small gap (0.1 mm, which corresponds to the thickness
of one 80 g/m? paper sheet) causes a significant leakage of energy through the lateral walls of the
waveguide. This is not the case for the glide-symmetric version of the waveguide, which efficiently
eliminates the leakage problem. Furthermore, the actual experiment revealed that when using the
proposed glide-symmetry technology, the required mechanical tolerances can be relaxed and the
required number of screws needed to fix the waveguide can be significantly reduced.
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Figure 11. Measured Sp; parameter of the realized waveguides with different gap sizes: (a) ordinary
waveguide; (b) waveguide realized using the holey glide-symmetric technology.
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4. Concept of Effective Hole Depth

When making components using propagation properties of glide-symmetric structures
(e.g., lenses in PPW technology), the properties that should be considered first are the obtainable
values of the effective refraction index, as well as low-dispersive and isotropic features. Once we
select the basic parameters of the glide-symmetric PPW, the obtainable range of refractive indexes is
determined by varying the depth of the holes. Note that for larger depths the value of the refractive
index will not change due to evanescent field distribution in holes with subwavelength radius, and thus
the bottom of the holes is “not visible” for the EM field.

Using a simple drilling manufacturing process for making holey glide-symmetric technology
makes this technology cost-effective, in particular in the case when the fast development of
proof-of-concept devices is needed. However, this means that the actual conical shape of the hole
ending (due to the conical shape of the drill bit) must be taken into account in the design procedure,
which is particularly important for lens realizations where the propagation properties of the EM
wave in the parallel plate region depend on the hole depth [5-7]. In other words, there is a need for
an analysis tool that can efficiently evaluate the effective depth of a circular hole with a conical ending.
This is particularly important when analyzing electrically large holey glide-symmetric structures with
many elements (i.e., holes), such as lenses and leaky-wave antennas.

The electromagnetic analysis of this problem starts by considering a combination of a circular and
conical waveguide (as shown in Figure 12). Two regions are modeled using the appropriate waveguide
modes with unknown amplitudes and these are then connected by applying the mode-matching
technique from which the mode amplitudes can be obtained. The plane in which the mode-matching
is applied is the planar boundary shown in Figure 12, and the details of the complete procedure are
given in the Appendix A.

N
2ay / 2ay

W
Mode T” @ /I(,ﬁz

matching

surface T~

()

Figure 12. (a) Sketch of a hole obtained using the standard drilling procedure. Geometrically, the hole
is a combination of a circular and a conical waveguide; (b) sketch of the equivalent hole with a straight
ending and length ¢

To determine the effective depth of the conical hole, we defined that the conical hole and
the equivalent straight ending hole with depth h,; have the same reflection coefficients when
excited with the considered cylindrical waveguide mode (as illustrated in Figure 12). The h,f is
then calculated using:

‘re“fﬁwheff‘ - ]re“”‘wheff‘ =1, 3)

where I is the reflection coefficient of the considered cylindrical evanescent waveguide mode

determined through the mode-matching procedure and B, = — jay, is its propagation constant.
Figure 13 illustrates the method by showing the effective extension of the hole depth due to the

conical bottom. We considered a conical shape defined with 6y = 60° (a typical conical shape related to
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commercial drilling tools) and a hole diameter of 2r = 7 mm (the same as in the previous scenarios).
The results are shown for both TE;; and TM;; waveguide mode excitations and were verified by
comparison using CST Microwave Studio (for both cases, the mode-matching method and CST MS,
the effective extension of the hole depth was calculated using (3)). Although the TEy; is the dominant
mode, in [33] it was shown that for lower frequencies most of the power traveling along the PPW is
coupled to the “superior” TM mode(s), i.e., to the TM;; mode in our case. Therefore, in the calculation
of the effective depth of holes with conical ending we will consider the TM1; mode. When it comes
to the mode-matching formulation, that means that the TM7; mode excites the structure and the
reflection coefficient of the TM;; mode is used in determining the effective depths, but other modes
are present as well (the reflection coefficients of other modes are much smaller comparing to the one of
TMj1 mode). In total we have considered 4 cylindrical and 12 spherical modes.
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Figure 13. Dependency of the calculated effective extension of the hole depth on the TE{; and TMy;
excitation modes of the cylindrical waveguide section. Solid line—CST Microwave Studio, dashed
line—mode matching approach.

The concept of effective hole depth was verified on the 2D glide-symmetric PPW (P2 = 11 mm,
2r =7 mm, g = 0.2 mm). As shown in Figure 14, the effective refraction index was calculated for holes
with different depths, all of which have a conical ending with 6y = 60°. For comparison, the refractive
index of holes with straight endings and a larger depth for the h,¢, value is also shown (h,¢f = 0.7 mm
in our case). The agreement between the obtained effective refractive indexes is very good.

0 5 10 15 20
frequency (GHz)
Figure 14. Obtained index of refraction as a function of the hole depth for holes with straight and conical
endings (2D glide symmetry case). Straight line—holes with conical ending; dashed line—holes with
straight ending (the hole is longer for an effective depth /,¢; equal to 0.7 mm in the considered case).
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5. Conclusions

Periodic structures with higher symmetry have shown a large potential for implementation
in novel electromagnetic devices due to their possibility to tailor propagation properties of EM
waves. In this paper we discussed some design features of waveguide components containing holey
glide-symmetric periodic structures. In particular, we compared periodic structures with a glide
symmetry in one and two dimensions. It was shown that it is much simpler to implement a 1D
glide-symmetric holey structure, or a diagonally directed 2D structure, into the gap-waveguide-based
components, and that in most applications it is enough to have one row of periodic holes.
However, in practical realizations it is not enough to consider the stop-band properties of the holey
periodic structure only, since one should also avoid Bragg frequencies due to the presence of large
reflections around those frequencies. The design of a gap waveguide based on these ideas was
practically realized and measured, confirming the simulated results. Finally, we have discussed
a design approach of holey structures with circular-cylindrical conical endings (the case of simple
production using a standard drilling manufacturing procedure), based on the effective hole depth
concept, which can serve as a valuable tool in the analysis of large holey glide-symmetric structures
such as lenses and leaky-wave antennas.
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Appendix A

In this Appendix we will present the analysis procedure for determining the effective hole depth
of the cylindrical hole with the conical shape of the hole bottom. Geometrically, such a hole consists
of a circular and a conical waveguide sections (see Figure 12). Electromagnetically, each waveguide
section can be modeled with inherent waveguide modes, and their amplitudes are determined by
applying the mode-matching technique. In more detail, the conical section can be modeled by the
following modes:

E, = ]170 82 k2 Ay (Al)
k() 81’2 0
2
E,_ 0 1PA 1 9F a2)

ko 70100~ rsinf o
7o 1 9%*A,  10F

Eo =T}, rsngarap " r 90 (A3)
1 [,
H, = ko <8r2 —|—k0) F (A4)
.1 10%F 1 04,
Ho =~ Hoko r 9rof * rsinf op (A5)
2
Hy— 1 1 &F 104, (A6)

noko rsin@arop r 96
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Here A, and F, are the radial components of the magnetic and electric potential, which are related to
the considered mode in the form:

Ar(1,0¢) = anm - Jm(kor) P! (cos 0)e /"¢ (A7)
F(7,0¢) = Bum - ]Am(kor)Pl’/Z (cos G)e*jm‘i’, (A8)

where J,, and P!"* denote Schelkunoff’s spherical Bessel functions and the associated Legendre functions,
respectively [34]. As can be seen from Equations (A7)and (AS8), the potentials and consequently the EM
field distribution depend on the indices v, and v;,. These two indices of the associated Legendre
functions are in general non-integer numbers obtained by imposing the appropriate boundary
conditions on the cone metallic surface, i.e., the tangential electric field vanishes when 6 = 6. In other
words, the indices v, and v}, are calculated from the following equations:

Py, (cosf) =0 in TM case (A9)
oP, (cos ) _
”T =0 in TE case (A10)

The roots of Equations (A9) and (A10) are numerically determined by implementing the recursive
equations for evaluating the associated Legendre functions together with Newton’s algorithm for root
finding, and the resulting combination enables high computation precision.

The circular waveguide is modeled with “classical” waveguide modes determined by the
following form of the z-component of the magnetic and electric vector potentials [34]:

Az(0,,2) = Epup - T (kop)e TP etTRe (A1)
F(0,¢,2) = G - Jm(kpp)e TPk, (A12)

The tangential EM fields are determined as:

EP:_%%_E% (A13)

_ M 134;  OF
Ep =~ sag0: T ap (A14)

.1 0°FE,  10A,
o= Toky ap0z * 009 (A1

.1 10°FE, 0A,
He — 1 _ 94z Al6
?= ko p gz ap (A16)

Here k, = , /k% — kf, and ] denote the Bessel functions of the first kind. The value of k, depends
on the considered waveguide mode and is determined by imposing the boundary condition that the
tangential electric field vanishes at the waveguide walls, i.e., [y (kpa) = 0 for the TM modes and
Ji(koa) = 0 for the TE modes. The mode matching is performed over the planar boundary of the
cylindrical waveguide (see Figure 12). As testing functions we have selected the H-field distribution
of spherical weaveguide modes and E-field distribution of the cylindrical waveguide modes (details
about implementation of the mode-matching procedure can be found in [35]).

The effective depth of the hole h,f; is determined as follows. Once we determine by the
mode-matching procedure the reflection coefficient I' of the considered cylindrical evanescent
waveguide mode (with propagating constant B, = —jay), the effective depth of the hole ks is
calculated using the following equation:
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‘re+2fﬁwheff‘ _ ’re"‘z"‘wheff‘ -1 (A17)

Note that this equation actually states that the reflection coefficients of the considered hole with
the conical ending and of the equivalent hole with the straight ending (of depth h,ff) are equal.
This concept is also illustrated in Figure 12.
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