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Dual Voltage Forward Topology for High Efficiency at
Universal Mains

Noam Ezra 1, Toine Werner 2 and Teng Long 1,*

1 Department of Engineering, University of Cambridge, Cambridge CB3 0FA, UK; ne285@cam.ac.uk
2 Power Integrations, Cambridge CB4 1YG, UK; toine.werner@gmail.com
* Correspondence: tl322@cam.ac.uk

Abstract: This paper introduces a forward converter aimed at the universal mains voltages,
i.e., 220–230 Vac and 115 Vac, named the ‘dual voltage forward converter’. The suggested con-
verter has a narrow dynamic range at the universal mains voltages, which results in lower stress
on devices, optimal duty cycles, and better overall efficiency. The topology comprises two primary
power loops reconfigurable by additional two-state switches and a passive diode, which allows the
converter to run in parallel or in series modes and increase the performance over the full universal
mains range of 90–265 Vac. The utilization of the devices is better, as they experience lower voltage
and current stress by supporting two optimized working points. A converter operating at 100 kHz
with an output power of 75 W and output voltage of 12 Vdc was designed and tested. The results
were compared with a conventional forward converter with the identical specification. The results
at the low mains were similar between the converters; however, at the high mains, the efficiency
improvement was between 5% and 23%.

Keywords: dual voltage; forward converter; wide input range

1. Introduction

Electronic apparatus converting the mains Alternating Current (AC) voltage into a
low Direct Current (DC) voltage usually use Switched Mode Power Supply (SMPS) for that
purpose. Thus, SMPS can achieve high gain non-inverting output with low voltage stress.
In some applications, such as renewable energy and fuel cells, it is possible to use non-
isolated topology, such as Single Ended Primary Inductor Converter SEPIC [1]. However,
other applications, such as chargers, severs and other systems with human interfaces,
need isolation [2]. Flyback and forward topologies are popular due to their simplicity and
are common in isolated DC–DC converters for the low power Power Supply Unit (PSU),
less than 1 kW. The forward converter high-frequency transformer is not storing energy
compared to the Flyback converter, which makes the forward converter more attractive
for applications at high output current [2]. However, the main limitation of the forward
converter is the limited input voltage range for optimal operation [3–5].

Figure 1 presents a conventional forward converter that supports the universal mains.
The rectified input DC voltage from the mains AC voltage is crucial for converter design
as it dictates the dynamic range and the voltage/current stress on devices. Below 75 W
output power, there is no requirement for power factor correction and a simple passive
diode bridge rectifier is usually used to reduce converter cost and complexity [3,4,6,7]. The
mains voltage determined the rectified DC voltage, which cannot be controlled without an
additional circuit. The world consists of two different ranges of mains voltages, 115 Vac
Low Line (LL) used in the USA and Canada, and 220–230 Vac High Line (HL) used in
Europe and China [6,7]. To support customer demands and simplify logistics, commercial
PSUs supports the full range of mains voltages from 90 Vac to 265 Vac. The support of such
a wide range compromises the performance and cost of the converter [3–7]. A universal

Electronics 2022, 11, 1009. https://doi.org/10.3390/electronics11071009 https://www.mdpi.com/journal/electronics1
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mains forward converter need devices that withstand both high voltage stress when used
at HL and high current stress when used at LL. That results in challenges in determining
suitable devices without compromise of performance and cost.

Figure 1. Conventional forward converter.

The requirement for better performance, especially efficiency, is growing due to stan-
dards and policies, such as Energy Star and 80 plus, which require a minimum efficiency of
86–92% [8]. Furthermore, enhanced efficiency supports a decrease in cooling arrangement,
which can reduce the volume and price of the PSU. There are many techniques to increase
the efficiency of the conventional forward converter. For high output currents, synchronous
rectification is a beneficial technique, which reduces the conduction losses of the output
rectifier [9,10]. For high voltage stress, the active clamp [2,11], two-switch forward [4,12]
or LC snubber circuit design [4,5,8] are beneficial methods to improve efficiency and, in
some cases, even simplify the transformer construction. There are a few suggestions to
support efficiency improvement of the forward converter at the universal mains wide
range. However, most previous approaches only realize interleaving by mechanically
combining several forward converters, connecting two forward converters’ primary sides
in series to reduce the voltage stress [3,5,13] or in parallel to reduce current stress [8,14].
The main limitations of these solutions are the wide dynamic range over the universal
mains and the need for two transformers and two secondary side components. In this
paper, the dual voltage forward solution is proposed to address these issues as it has a
narrow dynamic range over the full universal mains range, a single transformer with single
secondary-side components.

To achieve high efficiency, the converter duty cycle and the inductor ripple current
(K = ΔI/2Io) have a significant influence. These parameters are optimized through control
and magnetic design to increase efficiency [3]. In most practical applications, the optimal
performance (efficiency and size) is achieved at a duty cycle of 50% and a K of 0.1–0.2 [15].

The maximum duty cycle (Dmax) is set by the turns ratio between the primary and
reset windings. However, those parameters also influence the voltage stress on the primary
Metal Oxide Semiconductor Field Effect Transistor (MOSFET)—Vdsmax. Accordingly,
setting low Dmax (Nr > Np) would result in low voltage stress on the primary switch, but
a compressed current pulse with higher conduction losses [16]. Nevertheless, setting high
Dmax would create the opposite aspects. Another benefit to designing the duty cycle to be
about 50% is a better balance between the two rectifiers’ (D1 and D2 in Figure 1) conduction
losses due to better current stress division [12,15].

K factor is defined as the ripple on the output inductor divided by the load DC current.
K linked to the duty cycle and a few other parameters, such as the transformer windings,
input and output voltages, the switching frequency, and the inductor value. Optimizing K
requires a balance between all the above parameters. Furthermore, a trade-off between the
conduction losses of the forward devices (root mean square current) and the inductor size
is inevitable.

This paper proposes a new forward converter topology named the Dual Voltage
Forward (DVFW). This new topology endeavors to increase efficiency by operating a narrow
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dynamic range in both the HL and LL voltages, which enables optimizing parameters like
duty cycle and K factor to achieve higher efficiency. Summarized comparisons of operation
at the universal mains between the DVFW and the conventional forward converter are
presented in Table 1. The operation principle of the DVFW converter is presented in
Section 2. A comparison of simulation and hardware results is presented in Section 3, and
conclusions of the article are in Section 4.

Table 1. Comparison between conventional forward converter and DVFW.

Parameter Conventional Converter DVFW

Duty Cycle (D) D at 90 V, 0.25 D at 265 V D at 90 V, 0.7 D at 265 V
Primary switch stress 1 Vx at 90 V, 4 Vx at 265 V Vx at 90 V, 1.45 Vx at 265 V

Secondary rectifier stress 2 Vy at 90 V, 4 Vy at 265 V Vy at 90 V, 1.45 Vy at 265 V
1 Vx = 2 Vin assuming Nr = Np, at LL Vx ≈ 200 V and at HL Vx ≈ 750 V. 2 Vy = Vin*Ns/Np neglecting the diode
voltage drop.

2. Proposed Topology and Operation

Figure 2 presents the proposed DVFW topology. This novel topology extends the
efficiency at a broad range of input voltages to support the universal mains. The topology
uses better device utilization, enabling the selection of more cost-effective devices. Note
that different efficiency enhancement solutions, such as SR, snubbers, active clamp and
two-switch forward are compatible with the DVFW and can further increase the overall
efficiency. Another advantage of the DVFW is the ability to use an off-the-shelf PWM
modulator controller, as the operation is similar to the conventional converter. Note that
there is a need to control the delay of one sub-circuit for current sharing purposes, as will
be explained later.

Figure 2. Proposed dual voltage forward converter (DVFW).

The DVFW structure is similar to the conventional converter built from two primary
sides, which share one four-winding transformer. The reset winding has a similar operation
as the conventional forward converter reset winding and discharges the transformer mag-
netizing inductor. Similarly, the secondary winding has a similar role in both converters to
transfer energy to the secondary side. The main benefit of the DVFW is the low voltage
rating of the primary side MOSFETs, SW1 and SW2. At LL, they experience similar stress as

3
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the power switch of the conventional forward converter. However, at HL, they experience
half the voltage stress of the conventional forward. The transformer is identical with a
different pinout (Np1 = Np2 = Np). The rectified input DC voltage divides between the input
capacitors, C1 and C3. To select the operation mode, the state switches, State1 and State2,
are employed. At the Low Line Mode (LLM), when the low voltage main is connected
(90–130 Vac), the state switches are ON, forcing a parallel connection of the two sub-circuits
while the input diode (D4) is in a blocking mode and experiencing LL. At the High Line
Mode (HLM), when a high voltage main is connected (180–265 Vac), the state switches are
OFF, allowing the two sub-circuits to be connected in series via a diode D4. It is possible to
distinguish between the two modes by sensing the input rectified voltage and turning OFF
the state switches below a certain threshold, for example, 160 Vac, which will be rectified
into 220 Vdc. The state switches will be turned ON about one time at LL and zero at HL.
Hence, switching losses can be ignored when selecting state switch MOSFETs, and only
conduction resistance (Rds(on)) should be considered. Similarly, the input diode will not
experience switching losses.

If the voltage is balanced between the input capacitors (C1 and C3), the state switches
and the input diode (D4) experience only low voltage stress. At HLM, each state switch
experiences half of the rectified DC input voltage, while at LLM, the input diode experiences
the full low rectified DC input voltage. As for the currents, both the input diode and state
switches conduct only the ripple current of the capacitors at HLM and LLM, respectively.
The diode non-switching nature allows no switching loss, and for the same power rating, the
HLM current is nearly half compared to the LLM. Similarly, at LLM, each state switch carries
half the input current. Hence, selecting simple low conduction loss devices (input diode
and state switches) regardless of the switching energy would keep the losses relatively low.

Figure 3 presents the operation of the conventional forward converter current loops
during ON and OFF intervals. As explained in the design considerations, continuous con-
duction mode (CCM) is preferred; hence, idle mode is not discussed. The charge/discharge
of the output capacitor and the reset winding are not presented in the figure because it has
a similar operation in both converters.

Figure 3. Conventional forward converter current loop during primary (left) ON time and (right)
OFF time.

Figure 4 presents the operation of the DVFW at HLM (state switches are OFF). The
primary side input DC loop is closed via D4. The input capacitors are connected in series
by D4, which conducts the ripple current. The voltage stress on state switches is half of the
input voltage, considering voltage balance. Figure 5 presents the operation of the DVFW
at LLM (State switches are ON). The primary side input DC loop is closed via D4. The
primary side input DC loop divides into two parallel loops, one via State1 and C3 and the
second via State2 and C1. The voltage stress on D4 is the rectified DC voltage from the low
voltage AC mains.

4
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Figure 4. DVFW current loop at high line during (left) primary ON time and (right) OFF time.

Figure 5. DVFW current loop at low line during (left) primary ON time and (right) OFF time.

The HLM series connection and the LLM parallel connection offers low-stress (voltage
and current) requirements from the primary side devices. The secondary side current stress
is identical to the conventional forward converter, but the voltage stress on the rectifier
is lower due to the DVFW operation. Both modes resemble the conventional forward
converter power loops, except that the DVFW use two primary loops instead of one.

3. Simulation and Results

3.1. Devices Stress Comparison

To compare the topologies performances, first it is necessary to make a device stress
comparison, as shown in Table 2. The procedure used for the calculation is identical for the
DVFW and the conventional forward converter; however, the DVFW converter experiences
a voltage range of 90–132.5 Vac instead 90–265 Vac. That is because the DVFW have two
forward converters that will experience 90–132.5 Vac each in both HLM and LLM. Both
converters voltage and current stress have been verified by simulation and measurement,
which will be presented later in this article. The result shows lower stress experienced by
the DVFW devices than the conventional forward converters, which support better devices
utilization. For example, in the worst case, the DVFW two primary MOSFET experience
375 V at 0.63 A, compared to the conventional forward converter single MOSFET that
experiences 750 V, 1.26 A. Similarly, the DVFW rectifiers experience 67.5 V, 5.6 A and
67.5 V, 3.75 A, compared to 135 V, 5.9 A and 135 V, 3.75 A for the conventional solution.
In both converters, the current stress of the D1 rectifier is higher than the D2 rectifier
because the duty cycle is lower than 50%. The DRFW duty cycle values at LL is identical

5
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to the conventional forward converter. However, the DRFW duty cycle values at HL are
calculated according to the input voltage of Vin/2 because the voltage the series primaries
experience is half.

Table 2. Parameters comparison between conventional forward converter and DVFW.

Parameter Conventional Converter DVFW

Duty Cycle 35% at 90 V 1, 9% at 265 V 2 35% at 90 V 1, 19% at 265 V 2

Primary switch stress 200 V@1.26 A at 90 V 1,
750 V@0.65 A at 265 V 2

200 V@1.26 A/2 at 90 V 1,
375 V@0.92 A/2 at 265 V 2

Secondary rectifier stress
sync/freewheel

36 V@3.75/5 A at 90 V 1,
135 V@2/5.9 A at 265 V 2

36 V@3.75/5 A at 90 V 1,
67.5 V@2.7/5.6 A at 265 V 2

Input capacitor 375 V at 265 V 2 188 V at 265 V 2

DVFW state switches 3 NA
0.42–0.23 A at 90 V 1–130 V
127–187 V at 180–265 V 2

DVFW diodes 4 NA
100–185 V at 90 V 1–130 V
0.33–0.22 A at 180–265 V 2

1 Assumed worst-case minimum voltage of 100 Vdc between diode bridge charge cycles (90 V*
√

2)-30 V.
2 Assumed worst-case maximum voltage of 375 Vdc (265 V*

√
2). 3 Voltage stress for state switches at HL

only and current stress is LL only. 4 Voltage stress for diode at LL only and current stress is HL only.

3.2. Price and Volume Comparison

Although the DVFW requires five additional parts, the devices low-stress feature
allows selection of lower-cost devices. Hence, the DVFW can compete with the conventional
forward converter. The same product series devices were selected to make a fair comparison
between the converters, as shown in Table 3. Note that by taking different product series, it
is possible to get even lower-cost devices, which use other technologies.

Table 3. Price/size comparison between conventional forward converter and DVFW.

Parameter Conventional Converter DVFW

Primary switch

800 V@0.375 Ω STP15N80K5
td(on) = 19 ns, tr = 17.6 ns,

td(off) = 44 ns, tf = 10 ns, TO220
package 1 × £1.69 1/0.4 cm3

600 V@0.375 Ω STP15N60M2
td(on) = 11 ns, tr = 10 ns,

td(off) = 40 ns, tf = 15 ns, TO220
package 2 X £0.83 1/0.4 cm3

Secondary rectifier 2

150 V@9.3 mΩ IRFB4115PBF
td(on) = 18 ns, tr = 73 ns,

td(off) = 41 ns, tf = 39 ns, TO220
package 2 × 2 × £1.23 1/0.4 cm3

75@9.3 mΩ IRFB3607PBF
td(on) = 16 ns, tr =110 ns,

td(off) = 43 ns, tf = 96 ns, TO220
package 2 × 2 × £0.32 1/0.4 cm3

Input capacitor
400 V@150 uF

EKXG401ELL101MMN
1 × £1.63 1/40 cm3

200 V@150 uF
EKXG201ELL151ML25S

2 × £0.86 1/20 cm3

Primary driver 2 A low side gate driver
FAN3100 1 × £0.32 1/0.008 cm3

2 A low side gate driver
FAN3100 1 × £0.32 1/0.008 cm3

and 4 A high side gate driver
FAN37371 1 × £0.48 1/0.04 cm3

DVFW current sense NA
Optocoupler 140817142100

2 × £0.14 1/0.12 cm3

DVFW state switches NA
250 V@0.43Ω IPD5N25S3430

2 × £0.29 1/0.09 cm3

DVFW diode NA
200 V@1 A STPS4S200S

1 × £0.16 1/0.12 cm3

Total £8.56/42 cm3 £6.48/43 cm3

1 All costs are in https://www.digikey.co.uk (accessed on 29 July 2021) for 1000 units. 2 Used the same MOSFET
type for sync and freewheeling rectifier, used two parallel rectifiers due to high current stress.

The DVFW have additional parts, such as a high-side driver that drives the high-side
primary MOSFET, an optocoupler that communicates the average current measurement for

6



Electronics 2022, 11, 1009

the current sharing control loop, state switches, and one input diode for the dual-voltage
feature. However, the DVFW low-stress benefit, as presented in the previous section,
supports a significant price reduction compared to the conventional forward converter.
Typically, a low-stress requirement from a device enables the selection of lower-cost smaller
parts. For example, MOSFET with lower breakdown voltage can achieve lower cost and/or
better performance (low Rds(on) than a higher breakdown MOSFET; as presented in [17],
400 V MOSFET with lower Rds(on) than 800 V MOSFET is about half the price.

However, due to low-voltage stress, their size decreases dramatically [17], to the
point in which the two low voltage input capacitors of the DVFW have a similar size to a
single high voltage capacitor of the conventional forward converter. Note that the DVFW
additional state switches and diode have very low stress. Therefore, the DVFW capacitors
overall addition to the cost and size is small.

It is possible to reduce the DVFW volume and price further by better device selection
and integration. In both converters, TO220 packages are used for the primary and secondary
MOSFETs. However, due to better efficiency (lower losses at the devices) and spread
thermal stress (two primary MOSFET instead of one), the DVFW converter could use
smaller packages and less cooling assembly, which supports the further reduction of
volume and price. The last opportunity for size and cost optimization is an integrated
circuit solution.

The DVFW and the conventional forward converter can use the same transformer
with the same amount of copper, i.e., the same length and type of winding wires because
the magnetic stress is identical. The only difference is the pinout to accommodate the
requirement of the DVFW and conventional forward converter. If the primary winding
has an even number of windings connected in parallel, the conventional forward converter
will have all these windings connected to the single primary MOSFET, while the DVFW
divided them into the two sub-forwards. Therefore, neither the volume nor price of the
transformer changed among DVFW and the conventional forward.

3.3. DVFW Simulation

The simulation verifies the DVFW features, such as optimal duty cycle, and better
devices utilization at both LL and HL. The DVFW has been simulated using LTSpice,
along with the conventional forward converter for comparison purposes. The simulation
used the devices shown in Table 3 devised by STMicroelectronics, Infineon or LTspice
library to achieve an accurate model. The waveforms of the simulation are presented in
Figures 13 and 14. The results show that the DVFW can achieve an optimal duty cycle at
both the HL and LL, while the conventional forward converter achieves it only at LL and a
lower duty cycle at HL as expected.

As for the device stress, the simulation results verify the calculation shown in Table 2.
For example, for the DVFW primary MOSFETs, the stress is 375 V at the worst case, while
the single conventional forward converter MOSFET experiences 750 V (at HL) and 375 V
(at LL). Similarly, the conventional forward converter output rectifiers experience about
136 V (at HL) compared to only 70 V (at HL and LL) in the DVFW topology. The DVFW’s
additional parts (state switches and input diode) low stress has been verified.

3.4. Voltage Balancing and Current Sharing

One of the benefits of the DVFW topology is the low-stress (current and voltage)
devices. However, to achieve it, there is a prerequisite to accomplishing balanced voltage
between the series-connected sub-forward circuits (MOSFETs and input capacitors) for the
HLM and accomplishing balance current between the parallel-connected sub-forward for
the LLM.

In LLM, the voltage is balanced because the state switches force parallel connections.
In HLM, poor voltage balance would create uneven voltage stress on the devices. Therefore,
one of the devices would experience higher voltage stress. The DVFW converter has
been simulated with various parameter deviation between the two sub-forward circuits to
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discover the impact of device and control parameter tolerance on voltage imbalance. These
parameters include gate drivers delay time, transformer primary inductances Lp, input
capacitances Cin and MOSFETs resistance Rds(on). Figure 6 shows the simulation results
for the voltage misbalance. The results show that the most dominant parameter in the
voltage misbalance is the primary inductance, and for every 1% deviation of the primary
inductance away from its nominal value (Lp1-Lp2)/Lp-nom, a 0.25% imbalance of capacitor
voltage occurs (Vcap1-Vcap2)/Vnom. For example, at 10% inductance deviation (instead
2 mH for both primary inductances, one inductor of 2.1 mH and the other 1.9 mH), the
capacitor imbalance would be 5% (instead 375 V divided into two, 196.875 V and 178.125 V
obtained in each sub-forward).

Figure 6. DVFW voltage balance vs. primary inductance tolerances at high line.

To explain the mechanism of the voltage imbalance caused by inductance deviation,
two inductances, Lp1 and Lp2, are assumed for Sub-Forward1 and Sub-Forward2, respec-
tively. When both switches are ON, the reflected voltage that Sub-Forward1 induces on
Sub-Forward2 is (1).

V2−ref = VLP1
NP2

NP1
= VLP1

√
LP2

LP1
(1)

Assuming X% deviation between the inductances (Lp1 is 0.5X% lower than nominal,
while Lp2 is 0.5X% higher) yields (2).

VLP1 =
V2−ref√

Lnom(1+0.5X%)
Lnom(1−0.5X%)

(2)

Similarly, analysing the other sub-forward circuit reflected voltage yields (3).

VLP2 =
V1−ref√

Lnom(1+0.5X%)
Lnom(1−0.5X%)

(3)

When the switches are ON, the voltage drop on the MOSFETs is negligible. Therefore,
the capacitor voltage is approximately the reflected voltage. In consequence, neglecting
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the voltage drop on the DVFW diode D4, the reflected voltage sum is the input voltage as
shown in (4).

Vin ≈ Vcap1 + Vcap2 ≈ VLP1 + VLP2 (4)

Combining (2), (3) and (4) and assuming X = 10% yields (5) and (6).

Vcap1 ≈ VLP1 ≈ Vin/2.05 (5)

Vcap2 ≈ VLP2 ≈ Vin/1.95 (6)

Combining (5) and (6) yields (7).

Vblance =
Vcap1 − Vcap2

Vnom
≈

Vin
2.05 − Vin

1.95
Vin
2

= 5% (7)

The calculation shows similar results to the simulation, with 5% misbalance when 10%
inductance deviation. Therefore, other parameter differences between the sub-forward
circuits, such as capacitance, resistance or gate drive delay time, would not significantly
affect voltage balancing. The inductance mechanism forces voltage balance through the
means of reflected voltage. The sub-forward circuit would act according to the reflected
voltage (positive or negative current via the MOSFET) until the voltage is balanced. In
real applications with the same number of turns, the difference between the primary
inductances is insignificant. Therefore, the voltage imbalance should be negligible, as
shown in Figure 14 of the experiment results.

As for current sharing, the critical parameter is the gate driver delay, which depends
on the driver IC and the MOSFET source-to-gate capacitance. A simple but effective
gate drive circuit for the DVFW can be applied to ensure good current sharing between
MOSFETs. This method compares the average current in each sub-circuit and adjusts
the delay accordingly, as shown in Figure 7. The additional parts in blue and pink are
needed to support the control loop. The delay operation versus the differential amplifier
results is explained in the timing diagram. The high side current sense and a fixed delay
and the low side current sense (not necessarily isolated) together with the delay set the
balancing mechanism. When the error is negative (higher current on the high side), the
adjustable gate drive will reduce the low side gate delay and increase the duty cycle of
the low side, resulting in a higher current in the low side to have better current sharing.
A similar principle applies to the positive error (lower current on the high side). Because
the system needs to support sharing in the steady-state, a relatively simple slow control
loop is sufficient (much slower than the system control loop). A simple RC filter and an
optocoupler or a current sensor followed by an RC filter is fast enough to measure the
average current of the MOSFET.

Figure 7. DVFW current sharing control loop schematic (left) and timing diagram (right).

3.5. Hardware Setup

The Evaluation Board (EVB) of the DVFW converter and the conventional forward
converter has been planned and manufactured for comparison reasons. The models used
the devices selected in the price and volume comparison section and presented in Table 3.

9



Electronics 2022, 11, 1009

The DVFW two low-voltage MOSFETs and two low-voltage capacitors have a comparable
volume to the conventional forward converter single high-voltage MOSFET and single
high-voltage capacitor, as shown in Figure 8. Furthermore, the DVFW three additional
devices (two state MOSFETs and input diode) rated at 200 V to 250 V were assembled on a
separate Printed Circuit Board (PCB).

Figure 8. Power board of DVFW (top left), conventional forward (bottom left) and the current
sharing control (right).

The transformer is a dominant factor of the converter size and cost. The DVFW trans-
former might need to support more pins, but its overall stress is similar to the conventional
transformer converter. Hence, it can have an identical volume and price. Both converters
use the same magnetic cores (RM10) and the same amount of copper in the transformers.
The only difference is that the conventional forward converter transformer has two primary
windings connected to pins 4 and 5, while the DVFW has the windings connected to pins 1
and 2 and pins 4 and 5, as shown in Figure 8. The figure also shows the hardware of the
controller for the current sharing control. The current miss-sharing is measured and filtered
with an RC circuit, then compared by using differential amplifiers. The comparison result
is then sampled by the controller. Using this information, the controller sets the gate driver
delay using the delay chips on the circuit.

3.6. Experimental Results

This section is divided into three sections: efficiency comparison, current sharing
control, and operation comparison.

Efficiency results: The EVB efficiency measurement setup used AC PSU to supply
the unit under test (conventional or DVFW converter), the load, and the power meter to
measure the unit efficiency as shown in Figure 9. The measurement procedure was setting
the target AC voltage and load, simultaneously measuring the input and output energy
over a minute, followed by the efficiency calculation of the converter.

Figure 9. The efficiency measurement setup.

The EVB was measured for efficiency at loads from 20% to 100% at the universal mains,
minimum voltage (90 Vac), nominal voltages (115 Vac and 230 Vac) and maximum voltage
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(265 Vac), as shown in Figure 10. The DVFW achieves similar efficiency at HL and LL. That
is due to a similar operating point which consists of parameters such as devices stress, duty
cycle and K factor at both mains. Furthermore, at 230 Vac and 115 Vac, when the voltages
are exactly double, the efficiency is almost identical because the operating point is alike,
as expected. Due to a similar operating point at LL, the conventional forward converter
efficiency is similar to the DVFW. However, at HL, the conventional forward converter
efficiency is considerably lower at any given load because of the non-optimized nature of the
conventional forward converter for universal mains, which cause low duty cycle and high
voltage stress as explained above. The higher the voltage, the larger the difference between
the converters, with a 5–17% difference at 230 V to 10–23% at 265 V. The results show
that the DVFW overall performance at the universal mains is better than the conventional
forward converter. The efficiency deviation between the converters demonstrates the
DVFW efficiency gain over the full range of the universal mains. The graph takes the
DVFW efficiency and substitutes the conventional forward converter efficiency. Therefore,
in the sections that the graph is positive, the DVFW converter has better efficiency and
vice-versa. Almost all the graph is positive. At HL, the graph is entirely positive and shows
a significant efficiency benefit of the DVFW over the conventional forward converter due
to the lower stress on devices and optimal duty cycle. At LL, on average, the efficiency
of DVFW is only slightly higher than the conventional forward. The LL efficiency results
are similar as both converters experience similar stress. However, the main benefit of the
DVFW at the HL is due to its low voltage stress on the primary devices, which experience
the same stress as DVFW LL operation.

Figure 10. DVFW and conventional converter efficiency comparison (left) and efficiency
deviation (right).

Current Sharing Control: To verify the miss-sharing control, the current waveforms
were measured. The first step was to verify the current loop operation with two different
MOSFETs (STP15N80K5 and STP15N60M2). That emulates extreme tolerance cases, far
beyond the tolerances of using the same part numbers MOSFETs, which have similar gate
capacitance. The following waveforms were captured in each sub-circuit: the gate signals
(green and yellow), the current of the primary winding (purple and orange), the output
inductor current (red) and the controller delay in hexadecimal value (blue). The current
control loop managed to force these two different MOSFETs to share well, as shown in
Figure 11, which shows the gate signals (yellow and green), the MOSFET currents (orange
and blue) and the inductor current (red). To further test the control loop, an extreme
condition was created by connecting a capacitor of about ten times larger than the gate
capacitance in parallel with one of the MOSFETs between the gate and the source. That
would change the MOSFET with the capacitor to have a much larger switching delay
than the other MOSFET. The captured waveforms are similar to the previous experiment
except; the differential amplifier, which measures the current difference, is now presented
in pink, and the current of the primary winding is now red and orange (instead of purple

11



Electronics 2022, 11, 1009

and orange). The results show that the control changed the delay timing to address this
extreme miss-sharing condition, and the current is now shared, as shown in Figure 11.
The connection of the extra gate capacitance was manual with a through whole capacitor
for a short interval to check the control dynamics. At the connection moment, the system
had a high miss-sharing current and large current spikes, as shown in the red and orange
waveform in the zoomed window 1, and the error (pink) was negative. The controller then
adjusted the delay, from 72 to 3C Hex, until the error was small and the currents were
balanced with much lower current spikes, as shown in the red and orange waveforms in
the zoomed window 2. This extreme test indicates that the current sharing control loop can
balance a current even when a large gate drive delay occurs between two sub-circuits.

Figure 11. DVFW current sharing with different primary MOSFET (left), and responding to extreme
change in one of the sub-forwards gate capacitance (right).

The last experiment illustrates how accurate the closed-loop control is by setting an
open-loop with a ±62 ns fixed error. The same waveforms as the previous experiment
were captured. Figure 12 shows positive and negative 62 ns timing error. In the positive
delay test, the orange current had a smaller delay. Hence, it turned ON earlier and the error
was positive. In the negative delay test, the orange current had a larger delay. Hence, it
turned ON later and the error was negative. The currents have very large spikes due to the
non-sharing effects of the DVFW and the voltage balancing mechanism. This experiment
illustrates how sensitive the system is to a small timing error between the gates signals.

Figure 12. Fixed 62 ns timing error between the two sub-forwards: negative error (left) and positive
error (right).
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Steady-State results: The steady-state waveforms were measured on the EVB at the
same working points as the efficiency measurements; hence, loads from 20% to 100% and
mains from 90 Vac to 265 Vac, as presented in Figures 13 and 14. The waveforms measured
on the EVB are presented alongside the waveform simulated in LTSpice. The waveforms
presented are the full load results at different mains for both topologies. Table 4 contains
information about the waveforms, such as the color and description. For simplicity, the
waveform color of the simulation and the measurement is identical. The results show that
the simulation model is accurate as the measurement results are comparable. For example,
the stress on the MOSFETs, rectifiers and capacitors are about the same at all mains. When
the operating point is LL, both topology performances are similar, as expected, due to
similar stress on devices and working points. However, when the operating point is HL,
there is a significant performance difference, as the DVFW devices experience similar stress
as the LL operation, and the duty cycle is optimized, as expected. The measurements
verified the DVFW balanced capacitor voltage, and the narrow dynamic range as the
optimal duty cycle is kept at a wide range of input voltages.

Figure 13. Low line minimum voltage (90 V) DVFW simulation (top left) and measure-
ment (bottom left) vs. conventional forward converter simulation (top right) and measurement
(bottom right).
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Figure 14. High line maximum voltage (265 V) DVFW simulation (top left) and measure-
ment (bottom left) vs. conventional forward converter simulation (top right) and measurement
(bottom right).

Table 4. Figures 13 and 14 waveforms description.

Signal Scope Channel Color Description

SR Rectifier Voltage 1 Yellow D1 1

Freewheeling
Rectifier Voltage 2 Green D2 1

Total Input Voltage 3 Pink Vin 1

Voltage on Low
Sub-Forward

Converter
4 Cyan Voltage between C1 1,

SW1 1 and D4 1

Output Voltage 5 Red Vout 1

Duty Cycle 6 Orange Don
High Side MOSFET 7 Blue SW1 1

Low Side MOSFET 8 Purple SW2 1

1 Symbols are indicated in Figures 1 and 2.

4. Conclusions

This paper introduces a new topology built on the conventional forward converter, the
DVFW converter. The proposed topology main advantages are better device utilization and
narrow dynamic range over the universal mains, which increase the overall efficiency at
that range. Both converters have similar performance at the low lines (90 Vac and 115 Vac),
and the DVFW performed considerably better at the high lines (230 Vac and 265 Vac), as
it achieved better efficiency compared to the conventional forward converter. The DVFW
converter can be optimized for both high and low mains, unlike the conventional forward
converter that needs to select one of them. The proposed topology enables a narrower
dynamic range optimal duty cycle for two different line voltages, such as 115 Vac and
230 Vac, while working with a fixed frequency and using low voltage devices. Although the
DVFW part count is larger, its total dimension is comparable to the conventional forward
converter, and its total price is lower due to lower rating devices that can be used.
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The prototype experimental results verify the calculation and simulation. The compar-
ison between the topologies shows expected benefits of the DVFW, such as lower losses
and less stress on the parts than the conventional forward converter. The DVFW could
substitute the conventional forward for universal mains, i.e., both the 90–130 Vac and
180–265 Vac. Better device selection and an integrated solution can further optimize the
DVFW price and size. The integrated solution can also address the current sharing control
loop challenge.
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EVB Evaluation Board
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Abstract: Electric vehicles (EVs) contain two main power electronics systems, namely, the traction
system and the battery charging system, which are not used simultaneously since traction occurs
when the EV is travelling and battery charging when the EV is parked. By taking advantage of this
interchangeability, a single set of power converters that can perform the functions of both traction
and battery charging can be assembled, classified in the literature as integrated battery chargers
(IBCs). Several IBC topologies have been proposed in the literature, and the aim of this paper is to
present a literature review of IBCs for EVs. In order to better organize the information presented
in this paper, the analyzed topologies are divided into classical IBCs, IBCs for switched reluctance
machines (SRMs), IBCs with galvanic isolation, IBCs based on multiple traction converters and IBCs
based on multiphase machines. A comparison between all these IBCs is subsequently presented,
based on both requirements and possible functionalities.

Keywords: integrated battery chargers; traction systems; battery charging systems; electric vehicles

1. Introduction

Electric vehicles (EVs) appear to be one of the most promising agents in the change
towards a sustainable planet, where the aim is to decrease the levels of environmental
pollution and the dependency on fossil fuels. Besides being an emissions-free system at
the utilization level, EVs can also play a relevant role in terms of power grid support,
since battery charging systems can allow bidirectional operation. Thus, from the power
grid point of view, EVs are expected to be part of the solution rather than part of the
problem, provided power grid congestion due to simultaneous charging of multiple EVs is
avoided [1–3].

In terms of its constitution at the power electronics level, an EV contains a traction
system, responsible for controlling one or more electric machines that guarantee the EV’s
propulsion, and a battery charging system, responsible for charging the battery from an
external source, e.g., the power grid [4]. Regarding the traction system, in order to energize
the electric machine windings from a battery power source, as well as to perform the
opposite process during a braking operation, a dc–ac converter is needed [5]. In addition,
in order to adapt the dc voltage of the dc–ac converter, as well as to regulate the energy
generated by the electric machine and returned to the battery during a braking operation,
a bidirectional dc–dc converter is used [6]. Regarding the battery charging system, since
power is supplied by an ac power grid (either single-phase or three-phase), an ac–dc
converter is needed. Moreover, in the traction system, a dc–dc converter is needed for
controlling the battery current and voltage during the charging operation, though this
converter can be the same as the one previously referred to. This constitution can be seen
in Figure 1a, representing the conventional power electronics structure of an EV. Regarding
conductive charging, considering that the EV must be stationary in order to charge its
battery, it can clearly be seen that the traction and battery charging systems are never used
simultaneously. Furthermore, it can also be seen that the front-end converters dedicated to
each system are very similar, interfacing an ac side (electric machine or power grid) to a
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common dc link. Taking these two factors into consideration, integrated battery chargers
(IBCs) arose, which use the same power converter for traction and for battery charging.
This approach can be seen in Figure 1b,c and is advantageous in the sense that it combines
two functionalities in a single system, with the prospect of reducing the volume, weight
and cost of the power electronics comprising the EV [7].
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Figure 1. EV power electronics structure: (a) conventional; (b) integrated using the machine windings
as coupling filters with the power grid; (c) integrated using external inductors as coupling filters with
the power grid.

It can be seen that two types of IBCs are represented in the figure (Figure 1b,c). In
Figure 1b, the electric machine windings are used as coupling filters with the power
grid, while in Figure 1c external inductors are used. There are several ways of achiev-
ing an IBC, as can be seen by the different topologies published in the literature and
patented [8]. Moreover, IBCs can present different specifications such as galvanic isola-
tion, bidirectional operation with the power grid and the various possibilities for power
grid interfacing (e.g., single-phase ac, three-phase ac or dc). However, they can also add
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complexity to the general system as additional inductors may be required to interface
the converter with the power grid and/or contactors, to reconfigure the power converter.
In [9] an analysis of IBCs is presented in terms of functionalities and implementation costs
compared to dedicated systems that allow the same operation modes, with bidirectional
operation also considered. Additionally, some proposed IBCs require access to the neutral
point of the electric machine, which is not commonly necessary in conventional systems,
and some IBCs even require access to all winding terminals in order to operate. Further-
more, there are IBCs that can be used with any electric machine type and others that are
specifically designed for a given electric machine or for a number of given electric machines.
In this context, this paper presents a review of the IBCs proposed in the literature and
patented, as well as a comparison between them, both in terms of implementation require-
ments (e.g., the need for external inductors or contactors) and functionalities (e.g., galvanic
isolation, bidirectional operation).

The rest of the paper is organized as follows. Section 2 presents the relevant IBCs
that have been proposed in the literature or patented. Section 3 presents a comparison
between all the IBCs presented in Section 2. Lastly, Section 4 presents the conclusions of
this review paper.

2. Integrated Battery Chargers

This section presents relevant IBCs that have been proposed in the literature. In order
to better organize the presented topologies, this section is divided into five subsections,
grouping the IBCs into: (1) classical topologies; (2) IBCs especially developed for switched
reluctance machines (SRMs); (3) IBCs with galvanic isolation; (4) IBCs based on multiple
traction converters; (5) IBCs based on multiphase machines. It should be noted that the
section on classical IBCs contains some topologies that are more recent than those of some
of the IBCs presented in other sections. This is because these topologies do not match any
of the other criteria, i.e., for use with SRMs, with galvanic isolation or based on multiple
traction converters or multiphase machines.

2.1. Classical Integrated Battery Chargers

The first publication regarding EV IBCs dates back to 1983, a time when EVs were
far from having the popularity they have nowadays. This publication consists of a United
States Department of Energy report produced by NASA [10], and it was followed by
a publication by the same author, D. Thimmesch, two years later [11]. The approach
presented in both publications can be seen in Figure 2 and consists of a thyristor-based
resonant three-phase dc–ac converter, sized for a mechanical peak power of 34 kW in the
traction mode and a continuous power of 3.6 kW in the battery charging mode, which
also uses a transformer comprising four windings (T1a, T1b, T2a, T2b). In traction mode,
the system operates as a single converter, i.e., a resonant three-phase dc–ac converter
(thyristors S1–S6), where the electric machine is of the three-phase type, while in battery
charging mode the system operates with two separate converters (one ac–dc and the other
dc–dc) connected to a single-phase ac power grid. The thyristor antiparallel diodes of the
dc–ac converter (D1–D6) are employed as a diode full-bridge single-phase ac–dc converter,
with the power grid connected in series in one of the converter phases (terminals a, n) and
the stator windings of the electric machine (La, Lb, Lc) operating as coupling inductors with
the power grid. The dc–dc converter, composed of thyristors S7 and S8 and diodes D7 and
D8, operates as a resonant converter, similarly to the three-phase dc–ac converter used in
traction mode. It should be noted that the battery charging operation is performed in an
isolated way, using four contactors (K1–K4) that remain closed in traction mode and are
opened in battery charging mode, isolating the batteries from the power grid.
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Figure 2. EV IBC proposed by D. Thimmesch in 1983 [10].

Several years later, in the early 1990s (1990 [12], 1992 [13] and 1994 [14]), three IBCs for
EVs were patented by W. Ripple and A. Cocconi, as shown in Figure 3. The IBC patented
in 1990 [12], shown in Figure 3a, consists of a bipolar-junction-transistor-based three-phase
three-leg bidirectional ac–dc converter (S1–S6) and a diode full-bridge single-phase ac–dc
converter (D1–D4). In traction mode, only the three-phase bidirectional ac–dc converter is
used, and the electric machine is of the three-phase type. In battery charging mode, the
diode full-bridge single-phase ac–dc converter is employed to interface the system with
a single-phase ac power grid (terminals a, n), while the three-phase bidirectional ac–dc
converter operates with only one leg, acting as a bidirectional buck–boost dc–dc converter.
In battery charging mode, an additional inductor (L1) is used to reduce the battery current
ripple, although the authors note that it is possible to use the electric machine windings,
with the trade-off of a higher current ripple. The IBC patented in 1992 [13] concerns the
application of two induction machines or, alternatively, one electric machine with two
sets of windings, composed of two three-phase three-leg bidirectional ac–dc converters, as
shown in Figure 3b. In traction mode, each of these converters controls one electric machine
independently. In battery charging mode, the two terminals of a single-phase ac power
grid are connected to the neutral point of each of the electric machine stator windings,
such that the three-phase bidirectional converters operate in a three-phase interleaved
configuration of a full-bridge single-phase bidirectional ac–dc converter. In contrast to
the solution patented in 1990, this IBC does not use external inductors. The IBC patented
in 1994 [14] (Figure 3c) consists of an adaptation of the previously patented solutions
with the purpose of operating either in single-phase or three-phase ac power grids, using
eleven contactors (K1–K11). Contactors K1–K3 are responsible for connecting the system to a
three-phase ac power grid (terminals a, b, c), whereas K4 and K5 have the role of connecting
the electric machine stator windings in a star configuration. Contactors K6–K11 are used to
interface the system with a single-phase ac power grid (terminals a’, n). In this case, K6 and
K7 remain open and K8–K11 are closed. As in the system patented in 1990 [12], an external
inductor is used (L1). Unlike the topology patented in 1992 [13], which only needs access to
the neutral points of the electric machine stator windings, this topology needs access to all
six terminals in order to perform the connection to a three-phase ac power grid, with the
stator windings behaving as coupling inductors. The three IBCs patented by W. Rippel and
A. Cocconi have a common characteristic, namely, the requirement for the power grid peak
voltage to be lower than the EV battery voltage, as is the case for any voltage source ac–dc
converter with a single dc link, i.e., without being split.
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Figure 3. EV IBCs proposed by: (a) W. Rippel in 1990 [12]; (b) W. Rippel and A. Cocconi in 1992 [13];
(c) A. Cocconi in 1994 [14].

In 2001, L. Solero proposed an IBC for an electric scooter [15]. This system can be
seen in Figure 4a. It is composed of a three-phase three-leg bidirectional ac–dc converter
(insulated gate bipolar transistors (IGBTs) S1–S6) and a diode full-bridge single-phase
ac–dc converter (diodes D1–D4). In traction mode, only the three-phase bidirectional
ac–dc converter is used, controlling the electric machine, which is of the three-phase
type. During battery charging mode, the diode full-bridge single-phase ac–dc converter
is also used to interface the system with a single-phase ac power grid (terminals a, n),
with the three-phase bidirectional ac–dc converter operating as a three-phase interleaved
bidirectional buck–boost dc–dc converter. In this system, the stator windings behave
as dc–dc converter inductors, and the neutral point is connected to the positive output
terminal of the diode full-bridge single-phase ac–dc converter. In this case, the power
grid peak voltage cannot be higher than the battery voltage due to the boost operation
of the dc–dc converter from the power grid to the battery. In 2010, G. Pellegrino et al.
proposed a similar system with an additional bidirectional dc–dc converter between
the battery and the dc link of the three-phase bidirectional ac–dc converter, endowed
with power factor correction (PFC) characteristics and allowing the battery charging
operation from power grids with peak values that can be higher or lower than the battery
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voltage [16]. This topology can be seen in Figure 4b. It should be noted that the authors
did not specify the dc–dc converter topology.
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Figure 4. EV IBCs proposed by: (a) L. Solero in 2001 [15]; (b) G. Pellegrino et al. in 2010 [16].

In 2013, O. Hegazy et al. proposed the IBC presented in Figure 5, which is based
on an eight-switch three-phase ac–dc converter (S1–S8) and a two-phase interleaved
buck–boost dc–dc converter (S9–S12), both bidirectional [17]. The ac–dc converter is
composed of three legs, one of them with two switches (S7 and S8) and the other two
with three switches (S1–S6). This approach allows a three-phase three-leg bidirectional
ac–dc converter (S2, S3, S5, S6, S7, S8) to be simultaneously established with a full-bridge
single-phase bidirectional ac–dc converter (S1, S2, S4, S5 or S1, S3, S4, S6), connected
with a three-phase electric machine and a single-phase ac power grid (terminals a, n),
respectively. Since the electric machine and the power grid are connected to different
terminals of the ac–dc converter, no system reconfiguration is necessary in order to
change the operation mode between machine drive and battery charging, and hence no
relays or contactors are used. The only additional element is an inductor (L1), serving
the purpose of interfacing the converter with the power grid. In order to guarantee
the proper operation of the converter, IGBTs S1 and S4 are kept permanently closed
in traction mode so that current flow in the three-phase three-leg bidirectional ac–dc
converter (S2, S3, S5, S6, S7, S8) is allowed, while in battery charging mode IGBTs S2
and S5 (or S3 and S6) are kept permanently closed in order to allow current flow in the
full-bridge single-phase bidirectional ac–dc converter (S1, S2, S4, S5 or S1, S3, S4, S6),
while the third leg (S7 and S8) is kept permanently open.
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2.2. Integrated Battery Chargers for Switched Reluctance Machines

In 2000, C. Pollock and W. K. Thong proposed an IBC based on a two-phase SRM [18],
as shown in Figure 6. As well as the converter that is typically used for traction systems
in this type of machine (asymmetrical dc–ac converter), in this case of the two-phase type
(comprising metal oxide semiconductor field effect transistors (MOSFETs) S2, S3 and diodes
D6, D7), it also uses an energy recovery circuit (inductor L2, capacitor C4, MOSFET S4 and
diode D8), an additional inductor (L1) coupled to one of the machine phases (in this case,
La) with the respective diode (D5) and IGBT (S1) and a diode full-bridge single-phase ac–dc
converter (D1–D4) for interfacing with a single-phase ac power grid (terminals a, n). The
additional inductor L1 is only used in battery charging mode, making the system operate
as a flyback isolated dc–dc converter. In addition, capacitor C1 and resistor R1 form an RC
snubber and are also only used in battery charging mode.
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Figure 6. EV IBC based on SRMs proposed by C. Pollock and W. K. Thong in 2000 [18].

In 2009, H. C. Chang and C. M. Liaw proposed an IBC based on four-phase SRMs, as
shown in Figure 7a, with the four-phase asymmetrical dc–ac converter (comprising IGBTs
S1–S8 and diodes D1–D8) operating as a PFC converter in battery charging mode [19]. In
this system, in traction mode, the unidirectional boost dc–dc converter formed by IGBT
S9, diode D9 and inductor L1 is used to step up the voltage from the battery to the dc
link of the asymmetric dc–ac converter. On the other hand, in battery charging mode, the
unidirectional boost dc–dc converter is not used, and two of the stator windings are used as
input passive filters (in this case La, Lb) of a diode full-bridge single-phase ac–dc converter
(D1–D4) used for interfacing with a single-phase ac power grid (terminals a, n). One of
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the remaining stator windings (in this case Ld) is used as an inductor for a unidirectional
buck–boost dc–dc converter, which is composed of two IGBTs (S7, S8) and a diode (D8)
that belong to the traction converter. In battery charging mode, an extra diode (D10) is
also used to avoid short-circuiting the battery when S8 is turned on. This diode exists
on board the EV but its connection is performed through an off-board shunt; hence, it is
represented with a dashed line. Moreover, two contactors are used, one with two positions
(K1) and the other with three (K2). Contactor K1 remains closed in traction mode and is
opened in battery charging mode, connecting capacitor C2 in parallel with the converter
legs in traction mode. Contactor K2 allows point x to be connected to one of two points,
depending on the operation mode, namely, to point y in traction mode and point z in
battery charging mode. In 2011, the same authors proposed modifications to this system,
allowing the battery to be charged through a buck–boost or a buck configuration, with the
latter being advantageous in the sense that it inserts an inductor in series with the battery,
reducing its current ripple [20]. This topology is shown in Figure 7b, where it can be seen
that the asymmetric dc–ac converter has a modified structure, using five IGBT legs (S1–S10)
instead of four IGBT pairs and four diode pairs, reducing the semiconductor count from 16
to 10. In contrast to the system previously proposed by the authors, only one contactor (K1)
is used, which is responsible for connecting the capacitor C2 in parallel with the converter
legs in traction mode. Like diode D10 presented in the previous topology, diode D1 serves
the purpose of avoiding short-circuiting the battery during its charging process when IGBT
S10 is conducting.
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In 2014, Y. Hu et al. proposed an IBC for plug-in hybrid vehicles based on three-
phase SRMs [21]. This topology is shown in Figure 8a. It is composed of an asymmetric
dc–ac converter based on n + 1 switches (S1–S4) and n + 1 diodes (D7–D10), where n
is the number of machine phases. This converter is also known as a Miller converter
and is an alternative to the more commonly used version for SRM drives, in which 2n
switches and 2n diodes are used. By adding a diode full-bridge three-phase ac–dc converter
(D1–D6) and two contactors (K3 and K4), the asymmetric converter can operate as a dc–ac
converter for driving the machine or as a buck dc–dc converter, where the machine stator
windings behave as output inductors and the battery current is divided between the three
windings. The input of the diode full-bridge three-phase ac–dc converter (terminals a, b,
c) can be used for interfacing either with a power grid (single-phase ac, three-phase ac or
dc) or a generator mechanically coupled with the internal combustion engine (ICE) of the
vehicle via contactors K1 and K2. These contactors are closed whenever the ICE-coupled
generator is used, as is the case for generator-only driving and hybrid driving in traction
mode. Contactor K3 is used in traction mode, either in generator-only driving, battery-only
driving or hybrid driving, and should be kept open in battery charging mode in order
to establish a buck dc–dc converter. Contactor K4 is closed whenever the battery is used,
either in traction mode (in battery-only driving and hybrid driving modes) and in battery
charging mode.
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In 2015, the same authors proposed the IBC presented in Figure 8b, for application
in EVs or plug-in hybrid vehicles, based on four-phase SRMs with two sets of stator
windings [22]. Two asymmetrical converters with 2n switches and 2n diodes are employed,
with each one applied to two machine phases, and a battery set is connected to the dc link
of each converter. Hence, each of these converters can operate independently in traction
mode. Regarding the battery charging mode, this topology allows operation with dc and
single-phase ac power grids, where both converters are connected to each other in two
of the phases (b, c) and the other two (a, d) operate as connection terminals to the power
grid (terminals a, n). In the case of a dc power grid, the converters operate as two cascade-
connected split-pi unidirectional buck–boost dc–dc converters, whereas in the case of a
single-phase ac power grid the converters operate as a five-level cascaded h-bridge ac–dc
converter (despite having more semiconductors than necessary). In both cases, due to the
boost operation of the converter from the power grid to each set of batteries, the power
grid peak voltage should be lower than the battery voltage for proper operation in battery
charging mode.

K.W. Hu et al. proposed, also in 2015, an IBC with additional operation modes, namely,
vehicle-to-grid (V2G) and vehicle-to-home (V2H) [23] modes. This topology can be seen in
Figure 9 and is based on a four-phase SRM and an asymmetric dc–ac converter similar to
the one presented in 2011 [20] with five switch legs (S1–S6 and S8–S11) but also with an extra
leg comprising a diode (D1) and a switch (S7). Moreover, a bidirectional buck–boost dc–dc
converter is used (IGBTs S12, S13 and inductor L4), which may be reconfigured to operate
in buck or boost mode in each direction, depending on the states of the three-position
switches K3 and K4. In traction mode, these switches are configured in order to connect
points x1, x2 to points y1, y2, respectively, linking the higher voltage side (leg formed by
S12, S13) to the battery and linking the lower voltage side (inductor L4) to the asymmetrical
dc–ac converter dc link. In this regard, when the intention is to drive the machine, the
bidirectional buck–boost dc–dc converter operates in buck mode during regular traction
mode and in boost mode during regenerative braking, and hence the battery voltage must
be higher than the dc link voltage of the asymmetrical dc–ac converter. On the other hand,
in battery charging mode, the switches K3, K4 are configured in order to connect points x1,
x2 to points z1, z2, respectively, linking the higher voltage side (leg formed by S12, S13) to the
asymmetric dc–ac converter dc link and linking the lower voltage side (inductor L4) to the
battery. In battery charging mode, the bidirectional buck–boost dc–dc converter operates
in buck mode during the conventional battery charging operation, i.e., in grid-to-vehicle
(G2V) mode, and in boost mode during V2G or V2H operation modes, and therefore the dc
link voltage must be higher than the battery voltage. The battery charging operation can be
performed via a single-phase or a two-phase (using only one phase-to-phase voltage) ac
power grid, where a single-phase three-wire bidirectional ac–dc converter is used, which
is implicit in the asymmetric dc–ac converter (S1–S6). In order to connect the system to
the power grid, two contactors (K1, K2), three inductors (L1, L2, L3) and two capacitors (C1,
C2) are used, where the three-wire interface (terminals a, n, b) allows two phase-to-neutral
voltages (van, vbn) and a phase-to-phase voltage (vab) to be obtained.

In 2018, M. Ma et al. proposed an IBC for plug-in hybrid vehicles based on SRMs, as
shown in Figure 10 [24]. This topology consists of the asymmetric dc–ac converter typically
used in SRMs (IGBTs S2–S7 and diodes D9–D14) with the addition of a boost PFC stage
(diodes D1–D6, capacitor C1, inductor L1 and MOSFET S1) to connect to a three-phase ac
power grid (terminals a, b, c) or to a generator mechanically coupled to the ICE of the
vehicle, using contactors K1–K3. Both stages are linked through a bridge formed by the
diodes D7 and D8 and two battery sets (vbat1, vbat2), each with the respective capacitor
connected in parallel (C2, C3) and a contactor connected in series (K4, K5), behaving as
an energy recovery circuit. The contactors present in this topology have the purpose of
enabling or preventing the use of the power provided by the generator (K1–K3) or by the
batteries (K4, K5), making it possible to use the former, the latter or a combination of both,
as required in a hybrid vehicle.
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In 2020, H. Cheng et al. proposed the IBC for plug-in hybrid vehicles based on SRMs
presented in Figure 11a [25]. Like the previously presented IBC, this proposal comprises a
connection to an electric machine coupled to the ICE of the vehicle or to a power grid, in
this case not three-phase ac but single-phase ac. As well as allowing the connection to the
traction battery, this topology also allows the connection to the auxiliary battery. The front-
end converter employed in this case is a diode full-bridge ac–dc converter (diodes D1–D6),
while the converter for driving the machine is formed by IGBTs S1–S4, diodes D7–D10,
capacitor C3 and inductor L1. Like the IBC for SRMs first presented in this section, this
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IBC uses an energy recovery circuit, which is based on IGBT S4, diode D10, capacitor C3
and inductor L1. The converter used to charge the auxiliary battery is a unidirectional
isolated half-bridge dc–dc converter, which is formed by IGBTs S5 and S6, a high frequency
transformer to step down the voltage, diodes D11 and D12, inductor L2 and capacitor C4.
The series connection of capacitors C1 and C2 establishes a midpoint available to this
converter. In terms of operation modes, this IBC allows charging the traction battery from
the power grid, charging the auxiliary battery from the electric machine coupled to the ICE
or charging the auxiliary battery from the traction battery. In order to change the operation
mode, five contactors are used (K1–K5), where the first three (K1–K3) have the purpose of
disconnecting the electric machine coupled to the ICE (when the power grid is connected),
K4 is used when the vehicle is driving in hybrid mode, using the electric machine coupled
to the ICE and K5 is used when the traction battery is used in traction mode.
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Figure 11. IBCs for plug-in hybrid vehicles based on SRMs proposed by H. Cheng et al. in 2020:
(a) [25]; (b) [26].

In the same year, the same authors proposed a similar system in which the electric
machine coupled to the ICE is also an SRM (Figure 11b) [26]. In this case, the converter
used to drive the ICE-coupled machine is the same as the converter used to drive the
main machine in the previous proposal, with the main difference that the windings can be
reconfigured to be connected to a common neutral or isolated via contactor K3. Similarly,
interfacing with a single-phase power grid is feasible, and the topology also allows charging
of both the traction and auxiliary batteries. As well as the converter for driving the ICE-
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coupled electric machine (IGBTs S1–S3 and diodes D1–D3), this system uses a typical
asymmetrical dc–ac converter to drive the main SRM (IGBTs S6–S11 and diodes D4–D9) and
a bidirectional buck–boost dc–dc converter (IGBTs S4 and S5 and inductor L1) interfacing
with the traction battery (vbat1). The system uses six contactors, where K1 and K2 are used
to interface the converter with a single-phase ac power grid, K3 is used to create the neutral
point of the ICE-coupled SRM as noted, K4 is used to charge the traction battery from
the ICE-coupled SRM, K5 is used to drive the main SRM and K6 is used to charge the
auxiliary battery (vbat2). On this basis, there are five possible operation modes during
traction operation, namely: (1) battery-only driving, where the vehicle behaves as an EV;
(2) ICE-coupled SRM-only driving, where the power generated by the SRM is sufficient to
drive the main SRM; (3) ICE-coupled SRM and battery hybrid driving, where the power to
the main SRM comes from the two sources mentioned; (4) ICE-coupled SRM driving and
battery charging, where the power generated by the SRM is more than the power required
to drive the main SRM, and thus the surplus power is used to charge the traction battery;
(5) regenerative braking, where the main SRM acts as a generator and charges the traction
battery. Furthermore, during the battery charging operation (when the vehicle is stationary)
there are three possible operation modes: (1) traction battery charged from the power grid;
(2) auxiliary battery charged from the power grid; (3) auxiliary battery charged from the
traction battery.

2.3. Integrated Battery Chargers with Galvanic Isolation

In 2005, F. Lacressonniere and B. Cassoret proposed two IBCs with galvanic isolation
for industrial EVs [27]. One of these systems aims at application in pallet trucks based
on 1.5 kW dc machines (Figure 12a), where galvanic isolation is achieved through a bidi-
rectional isolated Cuk dc–dc converter (inductors L1, L2, capacitors C1, C2, IGBTs S1, S2
and a transformer with turns ratio N1:N2). As a dc traction drive system, this converter is
responsible for both the battery interface and the machine drive. As well as this converter,
it also uses a diode full-bridge single-phase ac–dc converter (D1–D4) to interface the system
with a single-phase ac power grid (terminals a, n) in battery charging mode, with the dc–dc
converter operating as a PFC converter. In order to switch between operation modes, two
three-position switches are used (K1, K2) to change the dc–dc converter connections (points
x1, x2), connecting it either to the machine (points y1, y2) or to the dc link of the ac–dc
converter (points z1, z2). On the other hand, the second IBC proposed by the authors aims
at application in forklifts based on a 6 kW wound rotor induction machine (Figure 12b).
In this case, galvanic isolation is ensured by the machine itself in battery charging mode,
where a three-phase ac power grid (terminals a, b, c) is connected to the rotor windings (Lra,
Lrb, Lrc), whose nominal voltage is 400 V, and a three-phase three-leg bidirectional ac–dc
converter (S1–S6) is connected to the stator windings (Lsa, Lsb, Lsc), whose nominal voltage
is 48 V. In order to switch between operation modes, three three-position contactors are
used (K1, K2, K3), which short-circuit the rotor windings in traction mode (points y1, y2, y3),
connecting them in a star configuration and leaving them independent in battery charging
mode in order to connect to the power grid (points z1, z2, z3). In this way, the bidirectional
ac–dc converter operates as a dc–ac converter in traction mode and as an ac–dc converter
in battery charging mode, controlling the currents absorbed from the power grid and the
charging process of the battery. It should be noted that no additional inductors are used,
with the machine stator windings behaving as inductive filters. It is also important to note
that, in battery charging mode, the rotor must be mechanically braked since the machine is
asynchronous and torque is created whenever its windings are energized.

29



Energies 2022, 15, 2756

 
(a) 

(b) 

vbat

L2

S2

C2N1 :N2
C1L1

S1

K1
x1

y1

z1

x2

y2

z2

La
Electric 
Machine

van
a
n
D2 D4

D3D1

K2

vbatC1

S5

S6

S3

S4

S1

S2
Electric Machine

Lsa

Lsb

Lsc

Lra

Lrb

Lrc

K1

x1

z1

y1

x2

x3
K2

K3

y2

y3

a

b

c

vab

vbc

vca z2

z3

Figure 12. EV IBCs with galvanic isolation for industrial EVs proposed by F. Lacressonniere and
B. Cassoret in 2005 [27] for application in: (a) pallet trucks; (b) forklifts.

In 2011, S. Haghbin et al. proposed an IBC with galvanic isolation based on stator
winding reconfiguration of a three-phase electric machine [28]. The machine referred to is
composed of four stator windings per phase, with all 24 winding terminals being externally
accessible. As can be seen in Figure 13a, the only converter present in this topology is
a three-phase three-leg bidirectional ac–dc converter (S1–S6), which is responsible for
interfacing the battery and the machine. However, 12 relays and a three-phase contactor are
used in order to reconfigure the stator windings. In Figure 13b, it is possible to see in detail
the stator windings referring to phase a (La1, La2, La3, La4), as well as one of the phases of
the three-phase contactor (K1) and the four associated relays (K2–K5), with each relay being
composed of a normally opened contact and a normally closed one. In traction mode, the
windings of each phase are connected in a series–parallel arrangement (e.g., in phase a, La1
and La2 are connected in series, as well as La3 and La4, with the two groups being connected
in parallel with each other), and the machine is connected using a delta configuration. This
configuration is respective to the normally closed state of the four relays. In the case of
phase a, its windings are connected to phases a and b of the converter (terminals ca, cb,
respectively). In battery charging mode, the windings of each phase are connected and
isolated in pairs, where two of them are connected to the converter and the other two
are connected to the respective phase of a three-phase ac power grid (terminals a, b, c),
while the neutral point is connected to the power grid neutral (terminal n). For instance, in
phase a, La1 and La3 are connected in parallel, with one of the resulting terminals connected
to phase a of the converter (terminal ca) and the other to a point common to the other phases
(terminal cn), i.e., the winding Lca is formed by the parallel connection of La1 and La3. On
the other hand, La2 and La4 are connected in series, where one of the resulting terminals is
connected to phase a of the power grid (terminal a) through contactor K1 and the other is
connected to a point common to the other phases, which in turn is connected to the power
grid neutral (terminal n), i.e., the winding Lga is formed by the series connection of La2 and
La4. Accordingly, it can be seen that the machine operates as a transformer, since there is no
galvanic connection between the two sets of stator windings for the same phase. In 2013,
the same authors analyzed this approach from a practical point of view [29], also giving
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attention to the electric machine design and to the phase shift used between both sets of
stator windings [30].
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In 2020, Z. Wang et al. proposed the galvanically isolated IBC presented in Figure 14 [31].
This topology is composed of a four-leg three-phase ac–dc converter (S1–S8), an active
snubber in the dc link (S9 and C2) and a dual active bridge dc–dc converter (S10–S17), where
the galvanic isolation is ensured. In traction mode, the ac–dc converter only operates with
three legs during normal conditions; the fourth leg (S7 and S8) is only used in fault-tolerant
operation, in which contactor K1 is kept closed. In battery charging mode, the neutral
point of the machine windings is used to connect to the phase terminal of a single-phase ac
power grid, where the midpoint of the fourth leg is connected to neutral. This IBC allows
bidirectional operation with the power grid and has a small capacitance value for the dc
link capacitor C2 due to the active snubber. In addition, owing to the voltage conversion
ratio of the dual active bridge dc–dc converter, a low-voltage battery can be used.
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2.4. Integrated Battery Chargers Based on Multiple Traction Converters

In 1995, S. K. Sul and S. J. Lee proposed an IBC for an all-wheel-drive EV, containing
four electric machines and four three-phase three-leg bidirectional ac–dc converters, as well
as a switch with two terminal pairs used for selecting the connection point of the positive
battery terminal [32]. This topology can be seen in Figure 15. In traction mode, each ac–dc
converter controls each electric machine independently, endowing the EV with all-wheel
drive, with K1 connecting the batteries to the dc link terminals of all converters (terminals a1,
a2). In battery charging mode, each group formed by two ac–dc converters and two electric
machines is used to employ two bidirectional interleaved converters, namely, a buck–
boost dc–dc converter (S1–S12) and a full-bridge single-phase ac–dc converter (S13–S24) for
interfacing with a single-phase ac power grid (terminals a, n). In this case, the neutral points
of two of the electric machines are used for interfacing with a single-phase ac power grid,
while the neutral points of the other two electric machines are connected to the positive
battery terminal by means of the switch (terminals b1, b2). The utilization of two converters
in battery charging mode allows the power grid peak voltage to be higher or lower than
the battery voltage, provided it is lower than the dc link voltage due to the boost operation
of the dc–dc converter from the battery to the dc link.
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Figure 15. EV IBC proposed by S. K. Sul and S. J. Lee in 1995 [32].

In 2015, D. G. Woo et al. proposed an IBC based on two electric machines for interfacing
with single-phase ac power grids, as shown in Figure 16a [33]. This topology is composed
of two three-phase three-leg bidirectional ac–dc converters (S1–S6 and S7–S12), with each
ac side connected to the stator windings of each electric machine, and the dc link is shared
between these converters and connected to a bidirectional buck–boost dc–dc converter
(IGBTs S13, S14 and inductor L3), which in turn interfaces with the battery. In battery
charging mode, the three-phase ac–dc converters operate as boost dc–dc converters, with
each converter operating in a power grid half cycle, and the stator windings of each machine
are used as inductors in each converter. Furthermore, between the neutral point of each
electric machine and the connection terminals to the power grid, two contactors (K1 and K2),
two inductors (L1 and L2) and two diodes (D1 and D2) are used, where the diodes are used
to reduce the common-mode noise, connecting the system ground to neutral (terminal n)
during the power grid positive half cycle or to the phase (terminal a) during the power
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grid negative half cycle. The inductors are applied in order to compensate for the small
common-mode inductance values of the stator windings.
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In the same year, J. Hong et al. proposed an IBC based on an electric machine controlled
by two converters for auxiliary battery charging, as shown in Figure 16b [34]. The power
grid interface is not considered in this topology; instead, the interface between the traction
and auxiliary batteries is considered. The dc links of both converters are isolated from
each other, and one of the converters (S1–S6) is connected to the traction battery (vbat1) and
the other (S7–S12) to the auxiliary battery (vbat2). The traction battery is used as the main
power source for the electric machine, while the auxiliary battery can be used in high-speed
operation, by adding its voltage to the main battery voltage and increasing the voltage
supplied to the machine windings. The auxiliary battery can be bypassed, producing a
zero-voltage vector in its connected converter (S7–S12), and it can also be charged from
the traction battery while the electric machine is being powered, provided the converter
connected to the traction battery (S1–S6) has enough voltage margin to produce the desired
torque in the machine and to charge the auxiliary battery.

In 2018, S. Semsar et al. proposed a similar system, as shown in Figure 17a [35].
This system is capable of charging both batteries from a single-phase ac power grid
(terminals a, n), using an additional diode full-bridge single-phase ac–dc converter (D1–D4)
and a contactor (K1) that should be closed in battery charging mode. In traction mode, K1
is open, and the resulting power electronics system is the same as in the IBC previously
shown. In battery charging mode, the voltage after the diode full-bridge single-phase ac–dc
converter, i.e., the rectified van is the sum of the voltages produced by each shared leg of
the two three-phase ac–dc converters, which, in this case, operate as PFC converters in
conjunction with the diode bridge. The authors note that interleaved operation is possible
in order to reduce the current ripple, but do not present details of this operation. Hence,
when connected to a single-phase ac power grid, the currents in both batteries contain a
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high ac component, which is not desirable in these types of elements. In order to absorb a
sinusoidal current from the power grid, each converter is responsible for each half cycle,
with the upper converter (S1–S6) synthesizing the positive current half cycle and the bottom
converter (S7–S12) synthesizing the negative current half cycle.
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Two years later, in 2020, the same authors proposed a similar system using an active
front-end ac–dc converter, as shown in Figure 17b [36]. The diode full-bridge single-
phase ac–dc converter and contactor were replaced by two half-bridge single-phase ac–dc
converters (S1–S4) and a capacitor (C1), allowing bidirectional operation with the power
grid. The traction operation is the same as in the IBC previously described; only the power
grid front-end converter is different. Regarding the battery charging operation, in order to
achieve a sinusoidal current in the power grid side, the traction converters operate with
a square-wave modulation, i.e., with the same frequency as the power grid, while the
front-end converter operates with a modified sinusoidally modulated signal. This allows
five voltage levels to be produced, contributing to a reduction in the harmonic distortion
of the current absorbed or provided to the power grid. The machine winding currents
must be in phase with each other in order to prevent the machine from producing torque
and thus rotating, and if correctly balanced, each machine phase only carries one third
of the amplitude of the power grid current. As happens with the topology previously
presented by these authors, this topology has also the problem of a high ac component in
the battery currents.

2.5. Integrated Battery Chargers Based on Multiphase Machines

In 2016, M. Diab et al. proposed an IBC based on a nine-switch ac–dc converter ca-
pable of controlling a six-phase machine [37]. This IBC is represented in Figure 18, where
it can be seen that the nine-switch converter (S1–S9) is based on three legs with three
semiconductors each, similar to two regular three-leg three-phase ac–dc converters on
top of each other, where the bottom semiconductors of the upper converter are the same
as the upper semiconductors of the bottom converter (S2, S5, S8). Hence, six midpoints
can be found, to which the windings of the six-phase machine are connected. This IBC
has also a bidirectional buck–boost dc–dc converter (semiconductors S10 and S11 and
inductor L1) interfacing the dc link capacitor C1 with the battery, as well as three sets
of three-phase contactors to reconfigure the system. In traction mode, contactors K1–K6
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are closed, in order to connect the neutral points of each group of machine windings,
creating two neutral points in the six-phase machine. In battery charging mode, these
contactors must be kept open, and K7–K9 are closed. The intermediate semiconductors
of each leg (S2, S5, S8) are kept closed, so that the nine-switch converter operates as
a regular three-leg three-phase ac–dc converter, with each pair of machine windings
being connected in parallel (La with Ld, Lb with Le, Lc with Lf). This topology allows
bidirectional operation with the power grid.
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Figure 18. EV IBC proposed by M. Diab et al. in 2016 [37].

In 2016, I. Subotic et al. proposed an IBC based on a five-phase machine [38]. The
same authors analyzed slow [39] and fast [40] battery charging operations using IBCs based
on five-phase, six-phase and nine-phase electric machines. In the same year, the authors
presented an IBC with galvanic isolation based on six-phase machines, where they simply
added a three-phase transformer between the power grid and the converter [41]. It should
be noted that these publications regarding multiphase machines only focus on the interface
with the power grid (single-phase ac or three-phase ac) and do not consider a dc–dc
converter for interfacing with the battery. In the following year, however, the same authors
proposed two IBCs with direct interfacing with the power grid, including a bidirectional
buck–boost dc–dc converter to interface with the battery. One of these systems is applied
to six-phase machines and three-phase ac power grids [42], while the other is applied to
nine-phase machines and can be connected to either single-phase or three-phase ac power
grids [43]. Figure 19 shows the common structure between the proposed topologies from
the power grid interface point of view, i.e., for five-phase (Figure 19a), six-phase (Figure 19b)
and nine-phase (Figure 19c) electric machines. Regarding the five-phase topology, when it
is connected to a single-phase ac power grid (terminals a, n), one of the terminals contains
two stator windings (in this case a) and the other contains three stator windings (in this
case n). On the other hand, when connected to a three-phase ac power grid (terminals a, b,
c), two stator windings are used in two of the machine phases (in this case a, c) and only
one is used in the remaining phase (in this case b). In the case of the six-phase topology,
since the phase number is even and a multiple of three, the stator windings are equally
divided in both types of interfaces and are assembled in pairs (in the case of a three-phase
ac power grid) or in triplets (in the case of a single-phase ac power grid). Finally, for the
nine-phase topology, the stator windings are grouped in triplets in both cases, using the
three winding groups in the interface with a three-phase ac power grid and only two of
them in the interface with a single-phase ac power grid.
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Figure 19. EV IBCs proposed by I. Subotic et al. and V. Katic et al. in 2016 [38–40] based on electric
machines with phase counts equal to: (a) five; (b) six; (c) nine.

In 2020, M. Tong et al. proposed an IBC based on a five-phase hybrid excitation
flux-switching machine, as shown in Figure 20 [44]. As well as the five converter legs
(S1–S10) used to energize the machine armature windings (La–Le), an extra leg (S11 and S12)
is used to energize a field winding (Lfw) for machine excitation. This topology also contains
two contactors (K1 and K2) to switch the operation between traction and battery charging.
In traction mode, the contactor K1 connects terminals x1, x2 to terminal z, establishing the
neutral point of the five-phase machine. Contactor K2 is closed in this situation, connecting
the battery and dc link capacitor C1 in parallel. On the other hand, in battery charging
mode, the contactor K1 connects terminal x1 to y1 and x2 to y2, with this pair of terminals
representing the connection points to a single-phase ac power grid. Hence, a two-phase
interleaved bidirectional full-bridge ac–dc converter is assembled (semiconductors S1–S8
and inductors La–Ld), with the leg formed by semiconductors S9 and S10 and machine
winding Le unutilized. In this case, the leg formed by semiconductors S11 and S12 and
the machine field winding Lfw, form a bidirectional buck–boost dc–dc converter, where
contactor K2 must be kept open in order to separate the battery (low voltage side of the
dc–dc converter) from the dc link capacitor C1 (high voltage side of the dc–dc converter).
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In 2021, the same authors proposed a modification to this system, changing contactor K1 to
accommodate the connection to a three-phase ac power grid and thus allowing fast battery
charging [45].
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Figure 20. EV IBC proposed by M. Tong et al. in 2020 [44].

In 2020 also, H. Raherimihaja et al. proposed an IBC based on a six-phase open-end
winding machine [46]. As illustrated in Figure 21, this topology is composed of a twelve-leg
inverter (S1–S24) to drive the electric machine, as well as an additional leg (S25 and S26) and
inductor (L1) that form a bidirectional buck–boost dc–dc converter to connect the inverter
dc link to the battery. Instead of using contactors, this system contains a plug and socket
to connect the machine terminals to a three-phase ac power grid. The machine windings
are connected in pairs, and in this case (battery charging mode), two pairs of windings are
connected to each other, where the midpoint of each pair is connected to a given phase of
the power grid. With this configuration, it is possible to achieve a four-phase interleaved
bidirectional three-phase ac–dc converter, since the twelve inverter legs can be used in an
arrangement of four legs per power grid phase. Despite mentioning this feature, the authors
do not employ this interleaved operation in the same paper. This system allows bidirectional
operation with the power grid, and since it uses a six-phase machine, it allows a battery
charging power twice that of the traction power, as well as having fault tolerance capability.
In 2021, the same authors proposed a similar system based on a nine-leg inverter and a
three-phase nine-winding machine [47], as well as giving a detailed analysis of the design of
this type of machine for use in IBCs [48].
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Figure 21. EV IBC proposed by H. Raherimihaja et al. in 2020 [46].

37



Energies 2022, 15, 2756

3. Comparison between Integrated Battery Chargers

The IBCs reviewed in this paper are compared in this section. The comparison is
based on whether contactors are needed to reconfigure the system, whether additional
inductors are used to interface the system with the power grid, the type of machine that
the system supports and the winding access level that is required (where normal means
the conventional phase terminal access), the existence of galvanic isolation between the
batteries and the power grid, the capability of bidirectional operation with the power
grid and the possibilities for interfacing that they allow in addition to interfacing with
the EV’s main electric machine. Table 1 presents the comparison between the 29 IBCs
(31 IBCs were presented, but the features of the three IBCs proposed by I. Subotic et al.
and V. Katic et al. [38–40] are the same except for the number of electric machine phases).
The order used for the IBCs in the table is the same as the order in which they appear in
the paper.

Table 1. Qualitative comparison between the presented IBCs.

Proposed IBC Contactors
Additional
Inductors

Electric
Machine Type

Machine
Access

Galvanic
Isolation

Bidirectional
Operation

Interface
Possibilities

D. Thimmesch (1983) [10] Yes No 3ph Normal Yes No 1ph

W. Rippel (1990) [12] No Optional 3ph Normal No No 1ph

W. Rippel, A. Cocconi
(1992) [13] No No

2 × 3ph/
1 × 3ph

(w/2 stators)
Neutral point No Yes 1ph

A. Cocconi (1994) [14] Yes Optional 3ph Total No Yes 1ph, 3ph

L. Solero (2001) [15] No No 3ph Neutral point No No 1ph

G. Pellegrino (2010) [16] No No 3ph Neutral point No No 1ph

O. Hegazy (2013) [17] No Yes 3ph Normal No Yes 1ph

C. Pollock, W. K. Thong
(2000) [18] No Yes 2ph SRM Neutral point Yes No 1ph

H. C. Chang, C. M. Liaw
(2009) [19] Yes No 4ph SRM Total No No 1ph

H. C. Chang, C. M. Liaw
(2011) [20] Yes No 4ph SRM Total No Yes 1ph

Y. Hu et al. (2014) [21] Yes No 3ph SRM Neutral point No No 1ph, 3ph, dc

Y. Hu et al. (2015) [22] No No 4ph SRM
w/2 stators Neutral point No No 1ph, 3ph, dc

K. W. Hu et al. (2015) [23] Yes Yes 4ph SRM Total No Yes 1ph, 2ph

M. Ma et al. (2018) [24] Yes No 3ph SRM Total No No 3ph

H. Cheng et al. (2020) [25] Yes No 3ph SRM Neutral point No No 1ph

H. Cheng et al. (2020) [26] Yes No 3ph SRM Total No No 1ph

F. Lacressonniere, B.
Cassoret (2005) [27] (For

pallet trucks)
Yes No Brushed dc Total (just 2) Yes No 1ph

F. Lacressonniere, B.
Cassoret (2005) [27]

(For forklifts)
Yes No 3ph wound

rotor induction Normal Yes Yes 3ph

S. Haghbin et al.
(2011) [28] Yes No

3ph
(4 windings
per phase)

Total Yes Yes 1ph, 3ph

Z. Wang et al. (2020) [31] Yes No 3ph Neutral point Yes Yes 1ph

S. K. Sul, S. J. Lee
(1995) [32] Yes No 4 × 3ph Neutral point No Yes 1ph

D. G. Woo et al.
(2015) [33] Yes Optional 2 × 3ph Neutral point No No 1ph
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Table 1. Cont.

Proposed IBC Contactors
Additional
Inductors

Electric
Machine Type

Machine
Access

Galvanic
Isolation

Bidirectional
Operation

Interface
Possibilities

J. Hong et al. (2015) [34] * - - 3ph Total - - -

S. Semsar et al. (2018) [35] Yes No 3ph Total No No 1ph

S. Semsar et al. (2020) [36] No No 3ph Total No Yes 1ph

M. Diab et al. (2016) [37] Yes No 6ph Total No Yes 3ph

I. Subotic et al.,
V. Katic et al. (2016) [38–40] No No 5ph, 6ph, 9ph Total No Yes 1ph, 3ph

M. Tong et al. (2020) [44] Yes No
5ph hybrid

excitation flux
switching

Total No Yes 1ph

H. Raherimihaja et al.
(2020) [46] No No 6ph Total No Yes 3ph

* An interface with the power grid is not considered.

It can be seen that most of the topologies do not require additional inductors to in-
terface the system with the power grid; however, most of them do require contactors.
Topologies that require neither contactors nor additional inductors require electric machine
access to at least the neutral point, if not total access to the windings. Regarding bidirec-
tional operation, it can be seen that when no contactors or additional inductors are used,
total access to the machine windings is required, with the exception of the system patented
by W. Rippel and A. Cocconi in 1992 [13], where only neutral-point access is required but
with two three-phase electric machines or one machine with two sets of stator windings.
It can also be verified that, when two or more power grid interface possibilities exist, at
least neutral-point access is required. If two or more power grid interface possibilities are
combined with bidirectional operation, total access to the electric machine windings is
mandatory for the presented topologies. Therefore, it can be concluded that, in general,
IBCs with higher functionalities have naturally higher requirements, either regarding the
electric machine winding access or regarding external components, which is expected from
a single set of power converters performing more than its two designed functions (traction
and battery charging).

In order to establish a comparison between the IBCs in quantitative terms, Figure 22
presents five radar charts, where the number of switches, diodes, contactors, magnetics and
capacitors is represented. Due to the high number of presented IBCs and in order to better
analyze the provided information, five radar charts were used instead of a single chart, with
each one representing a subsection of Section 2. Figure 22a represents the classical IBCs
(Section 2.1), Figure 22b the IBCs for SRMs (Section 2.2), Figure 22c the IBCs with galvanic
isolation (Section 2.3), Figure 22d the IBCs based on multiple traction converters (Section 2.4)
and Figure 22e the IBCs based on multiphase machines (Section 2.5). The term “switches”
refers to fully controlled semiconductors, either IGBTs, MOSFETs or bipolar junction
transistors, with or without antiparallel diodes, while the term “diodes” refers to this single
component, excluding the antiparallel diodes present in fully controlled semiconductors.
“Magnetics” can refer to either inductors or transformer windings, excluding electric
machine windings (e.g., one transformer with one primary and one secondary winding
contributes two to the magnetics count). The term “capacitors” only counts each capacitor
set (as in the capacitor numbering in the IBC figures). It should be noted that Figure 22e
has only three comparative metrics, namely, switches, magnetics and contactors, since
the diode count is nil and the capacitor count is one for all the topologies presented in
this figure.
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Figure 22. Radar charts illustrating the quantitative comparison between the presented: (a) classical
IBCs; (b) IBCs for SRMs; (c) IBCs with galvanic isolation; (d) IBCs based on multiple traction
converters; (e) IBCs based on multiphase machines.

4. Conclusions

Electric vehicles (EVs) have experienced tremendous growth in the past few years
since they are an emissions-free means of transportation at the user level. The power
electronics converters present in an EV are based on two main systems that operate only
one at a time, namely, the traction system and the battery charging system. This opera-
tional nonconcurrence gave rise to the development of integrated battery chargers (IBCs)
consisting of a single power electronics system with both functionalities. Several IBCs have
been proposed in the literature and patented, and this paper aimed to provide a literature
review of the most relevant IBCs. Due to their diversity, the paper divided the analyzed
IBCs into five subsections, namely: (1) classical IBCs; (2) IBCs especially developed for
switched reluctance machines (SRMs); (3) IBCs with galvanic isolation; (4) IBCs based on
multiple traction converters; (5) IBCs based on multiphase machines. After presenting each
type, the IBCs were compared both in terms of requirements (e.g., the need for additional
inductors or contactors, the type of electric machine needed) and in terms of functionalities
(e.g., galvanic isolation, bidirectional operation, power grid interface possibilities). It was
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verified that topologies that do not require external components such as inductors or con-
tactors usually require special access to the electric machine as well as the conventional
phase access. Additionally, some topologies allow interfacing to more than one type of
power grid, and in most of these cases it is mandatory to have access to all electric machine
windings. The same occurs with bidirectional operation with the power grid, where for
topologies with no additional inductors or contactors, electric machine access to at least
the neutral point is required. When combining bidirectional operation with more than two
types of power grid interfaces, total winding access is a must. For the presented IBCs, it
can be concluded that, in general, higher functionalities imply higher requirements, either
from the electric machine winding access or from external components such as contactors
to reconfigure the system. However, it should be kept in mind that this complexity refers to
a single set of power converters performing more than its two designed functions (traction
and battery charging), which still represents lower volume, weight and possibly cost than
separate power electronics systems for performing the same functions.
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Abstract: Due to environmental concerns, governments around the world are taking measures
to decarbonise railway transport by replacing diesel traction systems with cleaner alternatives.
While the electrification of railway systems is spreading rapidly, it is unlikely that all routes will be
electrified as the volume of passengers will not justify the high infrastructure costs. Therefore, it is
expected that, for several lines, a combination of hydrogen and electric traction will be used, with
the latter partly provided by fixed infrastructure and partly by batteries. Railway traction drives
will then need to change to accommodate these new types of power supply. A detailed review
of the available traction motors and drives is provided with this review, given application to the
new hybrid-electric systems. In particular, permanent magnet synchronous motors with multiphase
windings are evaluated in comparison with traditional three-phase machines. Additionally, low
and medium-voltage multisource power converters have been reviewed, taking into account the
introduction of wide band-gap semiconductor devices.

Keywords: traction drive systems; traction motors; power converter; fuel cell propulsion; wide
band-gap devices

1. Introduction

The electrification of transportation is crucial for transport stakeholders to meet ex-
isting policies of decarbonisation that have been issued by many governments around
the world [1–4]. In this regard, the International Railway Association (with 240 members
worldwide) has two main objectives: reducing emissions by 2030 and switching to more
sustainable traction modes by 2050. The first objective will be addressed by improving
the energy management systems, while the second objective will be achieved by a modal
shift scenario that involves shifting the transport of goods and passengers from road to rail,
which may lead to greenhouse gas (GHG) reduction by duplicating railway passengers
within the transport sector [5].

Diesel trains have higher emission levels and are noisier than electric trains. However,
the electrification of railway lines has a high capital cost, and it is unlikely that all routes
will be electrified. These considerations suggest that hybrid trains, i.e., those capable of
travelling both under the wire and independently, will see a substantial development
over the next few years. For these reasons, batteries and hydrogen fuel cells are currently
considered the most viable alternatives to railway electrification [6].

Electric and non-electric traction systems are combined in hybrid traction systems [7].
Diesel–electric is a popular type of hybrid propulsion because it does not need a gearbox
for power transmission [8]. Electric motors offer better torque performance in the whole
speed range and only need a fixed-ratio gearbox [8]. When tank-to-wheel analysis is taken
into consideration for the traction system, Battery–electric, battery–fuel cell, battery–fuel
cell and electrified systems are the greener options and are being investigated extensively
nowadays. The main target of the combination of battery and hydrogen propulsion is
to achieve a low-carbon-emission alternative to diesel. When using batteries with fuel
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cells, they provide direct electrical power and operate at higher efficiencies than internal
combustion engines.

For traction motors, power density and efficiency are the key properties for railway
applications. The most widely used traction motors are induction motors, but there are
still a large number of DC motors and synchronous motors in legacy systems, and now,
permanent magnet synchronous motors have emerged for several new applications [9,10].

Traction converters are classified as DC/AC-fed, current and voltage source inverters
for AC motors, which will be investigated in this article. In addition, power converters
can be classified for vehicular applications as medium-voltage converters or low-voltage
converters, with unidirectional, bidirectional and multilevel topologies [11]. Additionally,
references [12,13] investigated a cascaded resonant DC/DC converter and a transformerless
conversion unit for a light DC railway, respectively.

This paper reviews in detail the main traction drive systems used in independently
powered trains, with a focus on the comparison between permanent magnet synchronous
traction motors and induction traction motors. Additionally, the number of motors with
dedicated converter arrangements is surveyed to understand the overall volume and
weight of the traction drive system. Then, conventional power converter units are reviewed
considering the recent introduction of wide-bandgap (WBG) equipped converters that
promise a significant increase in the energy efficiency of the traction system.

2. Traction Drive Systems

2.1. Diesel Traction Systems

Diesel-only traction systems have been considered mainly for single railcars [14], as
diesel engines are not sufficiently reliable and powerful for railway traction [15]. Depen-
dency on diesel fuel, the level of CO2 emissions and the overall efficiency of the diesel
engine are considerable negative aspects of the traction system. Recent studies have focused
on reducing emissions, especially those of hydrocarbon waste, NOx and CO [16]. These
pollutants can be reduced by using greener fuel types, such as oxygenated fuels, biofuels,
biodiesel, alcohols, vegetable oil, acetone–butanol–ethanol blends, dieselhols (blends of
types of diesel, biodiesels and alcohols), water–diesel emulsions, etc. Some blended fuels
release more NOx and have a lower energy content, making them more costly [17].

Amongst the blended fuels, biofuels are interesting for the railway transport sector
due to the reduction of greenhouse gases, unburnt hydrocarbons, CO and particulate
matter with the reduced increase of NOx [17]. Biofuels are compatible with ordinary diesel
engines, with only minor modifications [18]. They have also been proposed in combination
with fossil diesel without engine modification, which requires water-blended fuels, such as
water taker apparatus, wear minimisation system and oil contamination structure [17].

2.2. Electric Traction System

Independent powered electric traction has been introduced to increase train perfor-
mance by removing the power generation unit from the train. The main advantages of
catenary-free electric traction systems can be listed as:

� There are no emissions at the point of use;
� Lower maintenance costs;
� Regenerative braking to reduce energy consumption;
� Lower electrified-track capital cost investment compared to electric-only traction.

The disadvantages are:

X They require a larger onboard energy storage system;
X Complex energy management;
X The cost of capital for an energy storage unit is high;
X Power interruptions affect services;
X Interference with command, control and communication systems.
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Figure 1 shows the battery with an electrified multiple unit configuration, which
uses the catenary system to charge the battery and can reach an area where an overhead
installation does not exist due to the battery unit. In [19], its efficiency and regenerative
braking were reviewed and compared with diesel multiple units.

 

Figure 1. Electric with battery traction system [20].

2.3. Hybrid Traction System

Hybrid systems can be classified as fuel cell hybrid systems and diesel–electric systems.
A diesel–electric traction system uses a diesel engine to drive an electric generator,

which then sends electricity to the traction motors, as illustrated in Figure 2.
By replacing the fixed gear ratio with mechanical transmission, diesel–electric traction

has been used successfully since the 1920s [21] to overcome the problems of mechanical
transmissions, which allows the gear ratio between the engine and the drive wheels to
change as the vehicle speeds up and slows down [22]. On the other hand, diesel–electric
traction combines the advantages of electric machines and diesel engines. Diesel–electric
traction has lower emissions than diesel-only traction, better working performance and
higher reliability [23], since this configuration increases the diesel engine’s lifespan and
provides better starting torque with electric transmission.

Existing studies have investigated the application of energy storage systems (ESSs)
to increase efficiency and reduce CO2 levels. ESSs can be used to either reduce the peak
power of a diesel engine or reduce fuel consumption.

Nickel–cadmium (NiCd) batteries have been used for peak-shaving operations for
shunting locomotives [24] by providing up to 25% of the demanded power. The Li-ion
batteries proposed by [25] have shown a reduction of 16.5% in fuel costs. In [26], flywheels
showed a similar reduction of 16.65% of fuel consumption. Both batteries and flywheels are
pre-charged by either the electric power network or regenerative energy. The main benefits
derived from this configuration are the reduced use of fuel and NOx emissions, which are
cut by 30% [27].

Recent proposals focused on how to improve the recuperation of the braking energy
in the ESS [28], as shown in Figures 3 and 4. As stated earlier, this excess energy can be
stored most efficiently in flywheels, supercapacitors and batteries for railway applications.
Ref. [29] addressed the solution overcharging or discharging problem of a LiFePO4 bat-
tery pack by implementing the state-of-charge estimation algorithm based on the lookup
table approach. In [30], the authors proposed high-speed flywheels to mitigate high-self-
discharge problems depending on the load profile. The effect of the distance between the
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supercapacitor and the traction substation was elaborated in [31], then [32] included a con-
trol strategy with a variable threshold for trackside energy storage systems. Additionally,
Ref. [33] provided a case study that used trackside flywheel energy storage and proposed a
modified nodal analysis method based on train movement and electrical-network load-flow
simulation. The results showed that energy recuperation increased at the overhead line.

In [26], the flywheel storage mechanism was employed to replace one of the diesel–
electric locomotives as the intermediate energy power plant for three diesel–electric loco-
motives. In [34], the authors evaluated onboard and wayside energy storage systems to
optimise energy consumption and increase performance.

Figure 2. Schematic of diesel–electric power conversion chain with dissipation resistors [35].

Figure 3. Block diagram of diesel–electric traction with an energy recuperation system [35].
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Figure 4. Parallel hybrid diesel–electric traction system [36].

Diesel with batteries is used in JR East Ki-Ha E200 and JR Hokkaido [37,38] as well
as [36] as hybrid diesel cars. The main targets are the regeneration of energy and reducing
the emission level by using a series hybrid system that stores the braking energy efficiently
within two sets of batteries. Therefore, the diesel engine is operated and controlled by the
secondary battery at its most efficient point.

Hybrid diesel traction is shown in Figure 5 and consists of a diesel generator and a
catenary connection [39]. It is becoming less costly and has been discussed in literature in
terms of fuel consumption [25] and architecture [40]. The existence of a battery storage unit
enables one to scale down the engine size, which then requires less fuel and becomes more
efficient with variable SOC references by using the algorithm given in [25]. Additionally,
mild, parallel hybrid and series hybrid architectures were analysed in [39] to reduce both
powertrain cost and fuel consumption. Mild powertrain architecture enabled us to save
14% on fuel in the case used for comparison.

 
Figure 5. Hybrid diesel–electric multiple-unit system [39].

In another aspect, the fuel cell with battery system in Figure 6 is utilised more effec-
tively as a hybrid traction system. For the example configuration, the battery unit can be
connected in parallel to the fuel cell and supply energy during start-up and acceleration,
as well as store energy during regenerative braking. In most circumstances, a fuel cell is
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designed for the train’s average power demand, while a battery is designed for peak power
and regenerative braking [19].

Figure 6. Fuel cell–battery hybrid traction [19].

By comparing the fuel cell with an internal combustion engine (ICE), the following
statements can be derived according to the efficiency power maps given in Figure 7.

Figure 7. Fuel Cell & ICE Power Efficiency Curves [41].

• The fuel-to-wheel efficiency of the fuel cell is 40–50%;
• The fuel cell operates at its maximum efficiency of around 20–30% of its rated power,

but can be increased up to 60%;
• The diesel ICE efficiency is 20–25% and a maximum occurs at 70–80% power;
• Fuel cells have better efficiency maps for driving power demands [41].

3. Traction Motors and Arrangements for Railway Applications

Although DC motors and wound-rotor synchronous motors (WRSMs) are still avail-
able on several trains, they are mostly legacy systems and will not be covered in this review,
as the vast majority of recent research has focused on induction motors, permanent magnet
synchronous motors and improved WRSMs, such as brushless WRSMs in several studies.

Although PMSMs’ magnetic material costs and the demagnetising issue of the magnets
are clear disadvantages, some studies have addressed the demagnetising issue of PMSMs
and enabled them to have an equally distributed demagnetised field to achieve a smooth
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torque transition [42–45]. Most of the researchers adopted particular software to over-
come the problems, despite the large amount of research having been carried out on this
topic [46–48]. However, the cost of magnetic materials is still a problem, since one country
is holding the market due to having all the rare earth element reserves. Therefore, brushless
WRSMs have also been studied and used for modern railways recently to overcome the
deficiencies of the WRSMs and provide a wider speed spectrum. However, this motor
uses the third harmonic current to create a voltage across the rotor windings, which leads
to high harmonic distortions and then develops ripples in the machine’s electromagnetic
torque [49]. In [50], the authors proposed a configuration that employs stator harmonic
windings, a transformer and a diode rectifier circuit to reduce the torque ripple, but it
became bulky. For this reason, thyristor-controlled stator harmonic windings have emerged
by offering smaller sizes and cheaper solutions, as explained in [51]. On the other hand,
having rotor windings will result in rotor losses, and the speed of the motor might be
restricted by rotor windings, as well as the rotor integrity.

There is also another important feature of electric motors called the constant power
speed range (CPSR). The speed capability of an electric motor can be extended by using
the field-weakening technique, but there are still restrictions on the limits of the motor. For
instance, the CPSR is four or five times the rated speed of an induction motor [52], while
this is five times for PMSMs [53]. This speed range can be extended by the optimisation of
the reverse-salient permanent magnet synchronous motor up to 7.25 times that of the rated
value [53]. Additionally, the constant power region was monitored for brushless wound
rotor synchronous machines (BWRSM) in [54] and the speed was extended from 900 rpm,
the rated value, to 3500 rpm by using the injection of a negative id current.

Eventually, this is a trade-off to utilise traction motors that possess different advantages
and disadvantages. In this regard, the paralleling of IM and PMSMs utilising fewer inverters
is reviewed.

3.1. Permanent Magnet Synchronous Motors

The current traction motor trend is to use PMSMs and advanced control algorithms to
improve system reliability [55].

Although the main requirement for traction motors is to require less maintenance,
recent studies have focused on increasing the efficiency of traction motors. Therefore,
induction motors were adopted by designers for the purpose of reducing maintenance
costs, but PMSMs are more efficient. For the efficiency target of PMSMs, entirely enclosed
self-cooled PMSMs for narrow gauge trains were explored and tested in [56].

The main benefits of PMSMs are their energy-saving features and their high level of
power density. For instance, 200 kW PMSMs have 97% efficiency, while their induction
machine counterparts have 92% [57].

There are few PMSM manufacturers for railway applications, as shown in Table 1.

Table 1. Selected light railways using permanent magnet motors [8].

Operator Trains Manufacturer

SNCF 31xCitadis-Dualis
tram-train vehicles Alstom

Praha 15T For City low-floor
tram Skoda

Prototypes and Other Test Trains

München U-Bahn C19 metro trainset with
Syntegra bogies Siemens

China Fuel cell loco prototype CNR Yongji

Turkey Citadis X04 low-floor tram Alstom

Japan Gauge-Changing Train 2 n/a
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The stator windings of permanent magnet machines are quite sensitive to failures,
accounting for 50% to 90% of all failures of the machines [55–58]. There are several reasons
for the winding failure of permanent magnet motors, causing the deformation of electrical
insulation, which is affected by the resistive and capacitive features of the machine.

3.2. Paralleling the Motors

For railway applications, induction motors can be paralleled and fed by one inverter.
The volume and cost of the traction system are reduced by paralleling multiple motors
with one inverter. However, this case is not possible for synchronous motors.

It is worth mentioning that [59] proposed double-layered winding induction motors
for railway traction to enable the motor parameters to be nearly the same for the paralleling
purpose. A multi-machine drive system for both induction machines and permanent
magnet synchronous machines used in electric multiple units was investigated in [60]
in terms of a highly reliable traction system. Then, open-end-winding PMSMs were
considered an alternative for the paralleling of PMSMs. Additionally, Ref. [61] indicated a
load sharing problem with paralleling motors, which happened because of the fact that
they do not have identical wheel sizes powered by parallel machines.

Some studies also referred to the paralleling of motors for electric vehicle applications,
which might be useful to consider for railway applications. For example, Ref. [62] provided
a control technique for hybrid electric vehicles that utilised IM and [63] addressed how
employing two inverters can upgrade the efficiency of IM by extending the constant
power region. Furthermore, a six-phase IM with a pole-changing technique was adopted
in [63,64] to keep the volume within the acceptable margins while broadening the constant
power region.

Paralleling two PMSMs is quite difficult because of the non-coincidence of the pole
positions of multiple motors, which are unable to control the current of multiple motors
simultaneously. Hence, losing the synchronism results in torque pulsations [65,66]. Most of
the research has addressed how to eliminate this torque ripple for paralleled permanent
magnet motors, such as damping control studied in [67], the five-leg inverter utilised
in [68,69] and the nine switch inverter proposed in [70,71]. Every single one of these solu-
tions has drawbacks, namely limited inverter output voltage, requiring voltage balancing
technique, low voltage ratio due to sharing the DC-link voltage between the motors, etc.
Additionally, to limit torque vibration, Refs. [72,73] drawing attention, a driver uses an
extra inverter and motor windings.

To be able to understand the difference between the utilisation of PMSMs, IMs and
the effect of paralleling the motors on the overall volume and weight of the traction
system, a lightweight, four-carriage with eight-motor railway case study [74] was taken
into consideration. Two similar datasheets [75–77] were used for 200 kW motor dimensions
for the sake of a fair comparison of IMs and PMSMs. The volume and weight of the traction
drive system are compared in the following charts. It is quite obvious that the inverter
volume and weight are reduced in the paralleled IM case due to feeding two motors from
one inverter, but PMSMs are more power-dense than IMs based on the analysis given in
Figure 8. The overall comparison of the traction drive size is illustrated in Figure 9. Hence,
PMSMs offer fewer volume and weight options, which means more efficient paralleling of
two motors.
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Figure 8. Volume and weight comparison charts for two configurations.

 

Figure 9. Overall volume and weight comparison.

3.3. Multiphase/Multi-Three Phase Structure

Despite the wide usage of three-phase machines, multiphase machines have been
gaining popularity recently. The main reason for the interest in multiphase machines
is their reliability, which has crucial importance, particularly for aerospace and traction
applications. These machines also have other benefits, such as the lower rating of their drive
circuits’ components, lower harmonic distortion and lower total losses when compared to
three-phase machines [78].

The other purpose of the multiphase/multi-three phase system is to make the machine
windings electrically and magnetically independent to eliminate the interaction of the two
or more three-phases with one another in failure. This means that one-phase breakdown
does not affect the system [78]. The potential options for six-phase PMSM configurations
are summarised here.

Two design ideas are common for six-phase machines according to the connection of
the neutral point and phase displacement angle. In [79], dual-three-phase (0◦), asymmetrical
six-phases (30◦) and symmetrical six-phase (0◦) machines were investigated in terms of their
phase displacement angle. It should be noted that dual three-phase machines are known
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by different names, such as asymmetrical six-phase, split-phase, or double-star machines,
in many studies [80]. Therefore, the name of the asymmetrical machine is accepted as a
dual-three-phase machine in this article.

As for open-end winding configurations, the most important benefit is fault tolerance
when compared to their one-side powered counterparts. This topology pursues operation
during the breakdown of one of the inverters or DC suppliers [81]. Additionally, the
voltage is halved by using this configuration, since each winding group is energised by
individual inverters located on both sides. Additionally, an extra semiconductor and
passive components, such as capacitors, diodes, etc. are needed in multilevel converters
to enable voltage balancing techniques. Nevertheless, the open-end topology makes
the system simpler by reducing the number of passive components due to having two
individual energy suppliers [79,82]. Furthermore, the extenuation of the odd-numbered
harmonic content owing to the 30◦ phase displacement angle of the input voltage is another
benefit of the open-ended configuration [83].

It is well-known that the current back-EMF of an electrical machine can remove the
harmonic content in the associated currents. As a result of the lack of these back-EMF
currents, massive deteriorations show on the current waveforms. Henceforth, both the
availability of 6n ± first harmonic components and the inexistence of current back-EMFs
will be a handicap of the six-phase machines [84]. As previously stated, an open-ended
topology can alleviate this problem by a 30◦ phase displacement angle.

Reference [85] studied asymmetrical machines, which are famous for their torque
smoothness and steadiness. Fortunately, new methods have also been proposed to over-
come torque ripple and fluctuation issues for symmetrical machines. For example, a
high-frequency PWM was adopted by [86] to achieve a stable torque output. Moreover,
Ref. [87] claimed that asymmetrical six-phase machines are capable of being fault-tolerant
by implementing one neutral connection, rather than two.

Finally, there exists a study on dual-three-phase machines in [80], which stated that
shifting the machine’s coils 30◦ apart from each other will result in the mitigation of the
fifth and seventh harmonic contents. Since there is no zero sequence component in this
winding structure, it enables for easier control and efficient voltage utilisation [87].

The multiplication of phases can reduce the torque ripple and harmonic components
in the machine’s current waveform, which results in a more efficient system. Additionally,
electrical power can be shared efficiently between each phase and provide much more
tolerance against faults [88].

These machines can remain in operation even if one or two phases fail [89], and once
torque ripple arises due to magnetic saturation, the torque density can be improved by
injecting a third harmonic [90]. Dual-three-phase PMSMs achieve dual redundancy against
faults with two inverter circuits [91]. Additionally, for multiphase structures, the extra
switching leg provides additional redundancy [92].

However, there are some issues with multiphase machines, such as being unable to
create an air-gap flux at some of the stator current harmonics [88]. All of these harmonics
are limited by the stator resistance (Rs) and leakage inductance (Ls). Additionally, these
harmonics can occur in the case of any voltage excitation due to a low-impedance current
path, where the current flows with small resistance, regardless of whether it is normal
current or fault current [93].

In terms of permanent magnet synchronous machines (PMSMs), it should be noted
that back-EMF also contributes to current harmonics [91,92,94] and that the torque ripple
becomes relatively larger as the amplitude of the harmonic current gets larger.

In [78], there is a comparison of three and six-phase permanent magnet machines.
As inverter circuits exist, fifth and seventh harmonics are induced on the stator windings,
potentially causing extra losses in multiphase machines.

Figure 10, produced based on the literature reviewed in Section 3, shows a comparison
chart of traction motors in terms of efficiency, torque density, control complexity, mainte-
nance cost and durability. It can be seen that there is no best option for every aspect, but
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an optimum one, multiphase PMSM, does exist. In light of the given advantages, such as
smooth torque transition, torque density, control simplicity and fault-tolerant properties,
these machines are great candidates for railway traction systems.

 

Figure 10. Spider web comparison chart of traction motors.

4. Power Converter Unit of Railway Applications with Wide Band Gap Devices

Power converter units have recently been extensively developed for railway applica-
tions. As explained for the hybrid traction drive system, inserting ESSs is one of the most
popular topics, particularly for DC-powered railway systems [95]. Then, the regenerative
inverter is a surrogate option for gaining excess energy through the AC grid. Additionally,
different old methods were adopted to compensate for voltage drop/fluctuations, power
factor correction and three-phase imbalances within a given time period, such as static
VAR compensators, railway static power converters, frequency converters, etc. [95]. The
most recent solutions address power electronics and switches to increase the efficiency of
railway traction systems.

4.1. DC Motor Drives

Despite the fact that DC traction motor drives are practically obsolete, a summary of
their capabilities is given here.

DC traction motors and drives were reviewed in [96] and are not popular nowadays
because of the disadvantages of DC motors, such as the requirements for maintenance,
efficiency, robustness and reliability. As such, a DC–DC chopper converter, a two-quadrant
traction chopper, an AC/DC rectifier and a semi-controlled phase converter are employed
as DC motor drives for railway applications.

4.2. AC Motor Drives

After the development of semiconductor switches, GTO thyristors became popular
for AC motor drive circuits, and these motors have played an important role in railway
traction systems so far. Traction drive systems for AC induction motors were reviewed
in [97]. The main drives for AC motors, used for either induction or permanent magnet
motors, are DC-fed current source inverters, DC-fed voltage source inverters and AC-fed
voltage source inverters.
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4.2.1. DC-Fed Current Source Inverters

Figure 11 shows how current source inverters (CSI) were utilised in electric vehicles
and hybrid electric vehicles to overcome the shortcomings of voltage source inverters
(VSI) [98]. They have fewer switches and a smaller dv/dt rate, as well as improved reliability
in terms of excess current protection. As might be expected, the presence of large inductance
restricts dynamic performance [99]. It should have a chopper circuit before the inverter to
supply a constant current through the inverter. Having a DC chopper increases reliability
in terms of the current defect and reduces power losses, thereby enabling a high starting
torque [97].

 

Figure 11. DC-fed CSI.

4.2.2. DC-Fed Voltage Source Inverter

Two-level and three-level voltage source inverters (VSI) are the most common types of
inverters used in railway applications, and DC-fed VSIs have been fed from a DC source as
shown in Figure 12. Due to its energy-saving features, regenerative braking is going to be
essential for modern trains. Hence, recent development is centred around the compatibility
of inverters with regenerative braking. In the literature, there are IGBT based, cost-effective,
PV-supported reversible converters [100–102]. Additionally, the working characteristics
of inverters need to be considered and were discussed in [103–105] in terms of voltage
control techniques.

 
Figure 12. DC-fed VSI.
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Furthermore, the requirement of a large capacitor for the filter is a disadvantage of
DC railway power converter units. Therefore, PWM converters [106] and double convert-
ers [107] are employed to convert power from DC to AC systems, and [108] proposed
a dual-winding isolated CUK converter that requires smaller capacitors and delivers a
continuous current.

Two-level converters are most suitable for low-voltage applications (<1000 V AC RMS
and <1500 DC) by utilising wide bandgap semiconductors, which offer higher efficiency
with high power density [11]. On the other hand, multilevel converters provide lower
switching losses and semiconductor stress with better power quality compared to two-
level converters in medium voltage applications. Therefore, the comparison is based on
two-level and three-level inverters.

A two-level converter generates +Vdc, −Vdc and 0 at the output, either voltage or
current. It has some restrictions in terms of frequency level that are implicitly affected by
switching losses and semiconductor ratings in high-power applications [109]. However,
three-level converters produce +Vdc/2, −Vdc/2 and 0 states, and have three types, namely
diode-clamped, capacitor-clamped and cascaded inverters [97,109]. The main advantages
of three-level converters are that they have lower DC components and a higher switching
frequency that can be double that of the real value [109]. In addition, the voltage waveform
became more sinusoidal with NPCs due to the fact that the rate of frequency could be four
times that of the real frequency. With this contribution, the level of current ripples, torque
pulsations and overall losses might be reduced [110].

Utilising fault-tolerant T-type NPCs provides fault-free operation due to having a
greater degree of freedom for switching scenarios. Three-level T-NPCs also have outstand-
ing harmonic performance and efficiency, small common-mode voltage and EMI, as well as
high reliability [111]. In addition to T-NPC converters, D-NPC, two-level and three-level
converters [112,113] can be considered fault-tolerant power-conditioning units. A brief
comparison is given in Table 2 and [111].

Table 2. Performance comparison [111].

Two-Level D-NPC Three-Level T-NPC Three-Level

IGBT Voltage UDC UDC/2 UDC/2, UDC

Harmonics High Low Low

Loss (5–30 kHz) Large Middle Small

EMI Large Small Small

Fault-Tolerant Capability Low Middle High

4.2.3. AC-Fed Voltage Source Inverter

AC fed VSIs are fed from DC, which is derived from the AC source, as visualised
in Figure 13. It consists of an intermediate rectifier circuit. Diode clamped, fly-capacitor
clamped, active neutral point clamped and multilevel converters have been investigated [114].
Most research has focused on the following issues: power quality, negative sequence
current, harmonics and reactive power. For example, static VAR compensators [115], active
power filters [116] and static synchronous compensators [117] were studied to mitigate the
aforementioned issues. Additionally, ref. [118] provided a solution for power quality and,
in particular, the neutral section.
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Figure 13. AC-fed VSI.

4.3. Recent Trend

Power converter units have been updated regarding the energy efficiency of the
traction drive systems. Herewith, the use of energy storage units in traction drive systems
has become a hot topic. The usual DC traction drive system includes a traction transformer
and either a 6-pulse or 12-pulse uncontrolled rectifier, which was covered in [119]. Total
harmonic distortion is the main disadvantage of this traction system. Therefore, Ref. [120]
proposed adding a passive filter and [121] proposed a filter with a static var compensator.
For the sake of power quality, a shunt active power filter is used to remove the harmonics
in the [122,123] configuration given in Figure 14.

 
(a) (b) 

Figure 14. Shunt active power filter: (a) simplified model [122], (b) hybrid version [123].

Additionally, there exist some studies on reversible traction substations that increase
the flexibility and receptivity of DC lines. For example, bidirectional reversible traction
substations have been considered to improve power quality. Therefore, Siemens developed
a commercial power converter unit called Sitras-TCI (thyristor line commutated inverter),
as shown in Figure 15. It allows storing the braking energy at the medium voltage grid
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side, enabling energy transfer between the vehicles and reducing current ratings by half
compared to the topology used in the forward rectifier.

Figure 15. Siemens Sitras-TCI substation.

A traction company called INGETEAM commercialised the INGEBER system illus-
trated in Figure 16. The topology has an energy-recovery system (ERS) integrated between
the secondary side of the transformer and the catenary line. An ERS includes an inverter, a
chopper, a coupled inductor and a DC side connection. For the grid side, this configuration
produces high-quality AC [124].

 
Figure 16. INGEBER configuration.
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Alstom designed a converter that reduces harmonics and saves energy by paralleling a
thyristor rectifier with an inverter and inserting it between the transformer and the railway
network, as given in Figure 17. With this configuration, the main target is to increase the
regenerative braking performance by over 99% [125].

Figure 17. Harmonic and energy-saving optimizer (HESOP) converter [101].

On the other hand, HESOP is improved by the French railway company (SCNF) in
Figure 18 to ameliorate the energy performance by reusing the braking energy. The control
system of this substation schematic allows harmonic and short-circuit current reduction
with voltage regulation [126]; additionally, it is used actively to transmit energy to the AC
grid from the catenary directly.

Figure 18. Improved HESOP converter by SNCF [126].

Then, Alstom proposed another HESOP configuration to combine the rectifier and the
inverter shown in Figure 19. In this substation model, the converter works as a bidirectional
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for both rectification and inversion. It was employed on the London Underground as a
trial, as illustrated in Figure 20. Therefore, it was connected separately to the substation,
rather than paralleling with the rectifier or using it as a bi-directional converter.

Figure 19. Updated HESOP Configuration [127].

Figure 20. Upgraded version of the traction system of the London Underground [128].

4.4. Multi-Source Converters

Despite the fact that multisource converters were proposed and implemented for auto-
mobile applications, light railways should be mentioned as a potential future application.

Typically, electric vehicle power converter units use a DC link to connect the energy
sources, traction inverter and the motor [126,128]. Even though the multisource concept
reduces cost and control complexity, it decreases efficiency during light loads due to the
utilisation of a constant DC-link voltage [129]. Recently, manufacturers have inserted a
DC to DC boost converter between the DC source and DC link to overcome this issue for
electric vehicle applications [128,130–132].
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On the other hand, the purpose of multi-source converters is to connect independent
supply sources, which might be DC sources, to the same AC output to reduce the conversion
stage level. Without the use of an additional power converter, the multi-source inverter can
drive a traction motor from varying DC voltages [129].

One topology has the converters being fed from two isolated DC sources [82]. The
other configuration is powered by one DC supply to two inverters in a five-phase motor
drive and enables the drive to have doubled output voltage as it connects each phase to
an H bridge. Additionally, the concept design was given in [82], which consisted of four
inverters, two sources and a common capacitor located between the coupled inverters. It is
obvious that an extra capacitor is required for this topology, and a three-level output can be
derived with this configuration. Technical details, such as the output current and converter
performance, were discussed in [133,134].

The production of individual voltages from a few DC sources is targeted by a multi-
source power converter and uses a single conversion stage. The output voltage is derived
from distinct and independent input sources in a multi-source inverter as compared with a
multilevel inverter that produces many output voltages from a fixed ratio of the shared DC
input source [135].

A couple of multi-source converters were proposed in the literature, but some of them
suffer from modularity. The others can only include two DC input sources and lack enough
operation modes. However, the most important factor is modularity, which enables us to
raise the number of DC sources, and that makes the system much more reliable during the
breakdown of one or more sources [136]. For instance, the topology in [136] enabled an
extensive number of DC sources, including fuel cells, battery packs and supercapacitors, to
be employed in such a structure.

It can be clearly stated that the need for a DC/DC step-up converter is eliminated by
using the multi-source inverter. The motor can be operated directly from energy storage
units without boosting its voltage with a DC/DC step-up converter. Hence, the overall
conversion efficiency is upgraded due to the disuse of the second boost converter in the
topology given in [132].

Moreover, ref. [137] proposed two-input two-output converters that could control
power flow between each source and load. These converters are then interfaced with
a multilevel inverter. The outputs of the constructed converter are fed as inputs to the
multilevel inverter. This proposed converter uses just one inductor, and the converter can be
employed for transferring energy between different energy resources such as photovoltaic
(PV), fuel cells and energy storage systems, such as batteries and supercapacitors [137].

4.5. Impact of Wide-Band-Gap Devices

The use of insulated gate bipolar transistor (IGBT) was deemed appropriate in vehicu-
lar applications, because the high switching frequency and low voltage are key parameters
for the converter; therefore, owing to the lower cost and higher performance of the IGBT
devices, they are the best choice for the main switches [138]. On the other hand, the
newest Wide-Band-Gap (WBG) semiconductors, such as Gallium Nitride (GaN) and Silicon
Carbide (SiC), offer better switching performance.

The SiC power converter unit was first introduced by Odakyu Electric Railways
for a 1.5 kV DC traction inverter, which was adequate to drive four 180 kW induction
motors [139]. The volume of the power converter unit was reduced by 80% compared to the
traditional 4.5 kV GTO inverter [139]. A 3.3 kV SiC MOSFET is employed on Series N700S
Shinkansen electric multiple units to reduce the mass of the train, and it drives four 300 kW
six-pole induction motors. Ultimately, the traction power converter unit occupies 30% less
space compared to the traditional IGBT converter [140]. Mitsubishi launched a 140 kVA,
600 Vdc SiC commercial product in 2013 for the auxiliary power supply system of the
Tokyo Metro. It reduces power loss by up to 30% and occupies 20% less space with 15%
less weight and increased regenerative energy by 51%, while it was 22.7% for the Si-based
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module [141]. Additionally, Alstom implemented a 1.2 kV/100 A SiC device in Line 3 of
the Metro Milan for charging energy storage units and auxiliary systems [142].

Additionally, Toshiba’s European branch introduced a 1.7 kV/1.2 kA Injection-Enhanced
Gate Transistor (IEGT), which includes SiC and a fast recovery diode for the propulsion
converter [143]. Mitsubishi integrated and implemented a 3.3 kV full SiC module for a
1.5 kV DC traction inverter application that consisted of four 190 kW traction motors. By
doing this, the volume and switching loss of the converter unit were decreased by 65% in
size, 30% in weight and 55% in switching loss, respectively [144].

However, there are some technical challenges to the implementation of SiC power
semiconductors in high-power applications. One of them is the design difficulty of par-
asitic inductance and the value of inductance itself, which were addressed in [145]. It is
known that high voltage and current ratings, which are typically >1.7 kV and >500 A, of
semiconductor modules are desired for railway applications [146]. A 3.3 kV/1500 A all-SiC
traction inverter was developed with 55% fewer switching losses [147] and a 3.3 kV/500 A
all-SiC module was recently designed for railway traction applications [146]. Furthermore,
a 1.7 kV/1.6 kA hybrid SiC, which is utilised by Si IGBT and assisted by Schottky Barrier
Diode (SBD), was proposed to decrease the design complexity [148].

The deterioration of gate oxide, which is a material degraded because of the electric
field, is more critical for full SiC. Since it can affect the reliability and quality control
of the module [149], due to the fast switching feature of WBG devices, the gate driver
needs to be designed carefully to keep the performance of the module high. Therefore,
signal isolators [150], integrated circuits of gate drivers [151], thermal capability [152] of
the module and the switching transients [153] of semiconductors have been redesigned
intelligently to achieve the best performance. Additionally, the filtering of EMI is becoming
harder with high frequency. Some solutions have been proposed to find the optimum size
and value of filters [154] and eliminate coupling effects [155] on the component.

The effects of dead time on modulation and voltage/current detection are particular
challenges for these devices in terms of control. Adaptive dead-time adjustment was used
in [156] to meet the desired efficiency and reliability balance. The quality of power is
reduced at current zero-crossing due to the high switching rate. Although this causes
voltage loss and harmonic distortion, ref. [157] regulated this by duty cycle, refs. [158,159]
a proposed compensation of modulation and [160–163] adjusted the feedback control to
mitigate this issue.

The transition to WBG devices will increase and be more efficient with the proposed
remedies in railway applications.

5. Conclusions

An extensive review of railway traction systems and their requirements is given in
this article. First, the efficiency of the traction drive system and traction motor designs
was investigated, followed by a detailed discussion of the power converter and power
semiconductors using various topologies.

Most light railway networks are electrified within urban areas all around the world.
However, there are still unelectrified and diesel-propelled railways. Therefore, the superi-
ority of electric and hybrid electric traction against non-electrified systems is revealed, and
different diesel–electric configurations are displayed.

Furthermore, two major flaws in contemporary railway systems have prompted
stakeholders to examine fuel cell-powered rail rolling stock. One of them is the demand for
significant investment in the construction of electric infrastructure alongside railroad tracks,
despite the fact that electrification reduces carbon emissions. The other is that, despite the
lack of a catenary, diesel propulsion emits the same amount of pollution as ICE-equipped
vehicles on the road. As a result, for the decarbonization of vehicular applications’, fuel
cell battery-powered rolling stock and hybrid autonomous systems come to mind. They
are both zero-emission and low-cost to install.
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Afterwards, three-phase and multiphase PMSM traction motors were analysed, and
the prodigiousness of PMSMs was underpinned by successfully implemented applications.

The main benefits of a multiphase machine structure are the increased torque per unit
volume and reduced torque pulsations in the motor. For example, typical light railway
systems have four, six or eight motors that, depending on their ratings, take up a lot of room
onboard. When multiphase machines with the same ratings are compared to three-phase
machines with the same ratings, the multiphase motor power is unavoidably denser. As a
result, the traction motors take up less room in the car. Furthermore, torque pulsation plays
a vital role in motor vibration that could be reduced with multiphase machine construction.

Multi-phase machines, as previously stated, have a higher torque density than their
three-phase counterparts. Therefore, adopting multi-three-phase machines could reduce
the number of motors. However, the adhesion issue also arises in this instance. The
adhesion force is particularly significant for high-speed and high-power freight trains. As a
consequence, there are two possibilities for railway traction drive systems: either the use
of a medium-voltage converter with concentrated (fewer motors) motors or a low-voltage
converter with the same number of motors.

Higher efficiency is achieved by using medium voltage and a concentrated motor
converter architecture. Additionally, because a medium-level DC connection voltage is
necessary, a boost converter should be employed. The number of motors will remain the
same as before, but a low-voltage power converter will be used. There is no need to boost
the converter in this situation, and the power element ratings are much lower, resulting in
significantly lower power and switching losses. The power conditioning unit will be less
expensive and more reliable than the medium-voltage topology.

Then, a more in-depth investigation of the traction power converter units was given
with a brief introduction to multisource converters and WBG power semiconductor tech-
nologies. Multisource power converter units are offered for the multiphase structure to
increase the reliability of the system. In addition, a few proposed structures support these
converter topologies to allow fault-tolerant functioning.

Finally, WBG devices were analysed, and possible obstacles were inspected to make
them more efficient for implementing railway applications. The thermal durability and
packaging materials have a key role in the purpose of efficiency.
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Abstract: As the use of photovoltaics becomes more widespread, new technologies for more efficient
energy generation, transmission, and distribution based on power electronics converters are being
developed. The most common applications are grid-on, energy storage, hybrid, and high voltage
gain applications. These applications impose several additional requirements in the design of power
converters associated with the solar battery’s maximum power tracking and operation in a wide
range of input currents and voltages. The practical realization of such solutions can be implemented
on the basis of various topologies, which requires a preliminary application of criteria for assessing
their effectiveness. The paper conducts a comparison of different topologies on power converters
based on two parameters that describe their cost and power loss for various PV applications. For a
straightforward study, these parameters are represented using the gain factor, which allows for an
accurate comparison of the efficiency of various types of converters.

Keywords: power converters; PV applications review; cost factor; power loss

1. Introduction

The modern development of the energy industry implies a gradual abandonment of
fossil energy sources and a transition to renewable energy, i.e., solar, wind, geothermal,
hydro energy, and biofuels [1]. Wind power plants currently produce 52% of total electricity
generated from renewable sources (excluding hydropower), while solar power plants
produce 26% [2]. Solar power plants, on the other hand, rank first in terms of installed
capacity for 2020, with 125 GW compared to 110 GW for wind power plants. There are
cheaper materials for solar panels, such as silicon [3], and it costs less to keep them up and
running [4].

The main economic constraint on the use of solar power plants, namely the higher cost
of electricity than for fossil energy sources, is gradually being eliminated. However, solar
energy loses in terms of technical indicators: specific capacity, generation stability, cost of
maintenance, and infrastructure, which is the main deterrent to its rapid spread [5,6]. So, to
overcome this gap, it is necessary to modernize power plant infrastructure. Among these
actions, here are the ones that should be highlighted [7]:

- Maximum power point tracking;
- Energy storage and balancing;
- Electric parameter transformation and stabilization.

Energies 2022, 15, 3295. https://doi.org/10.3390/en15093295 https://www.mdpi.com/journal/energies70
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The generation of solar battery power is characterized by a family of power curves for
different solar insolation powers: PSI1, PSI2, and PSI3 as functions of voltage U, P = f (U),
or current I, P = f (I), as shown in Figure 1a,b. A high level of efficiency is reached when
the solar battery is near the maximum power point (MPP) [8], where PMPP = f (UMPP) or
PMPP = f (IMPP) with power from the solar panel 1, 2, and 3.

Figure 1. A family of power curves for different solar insolation powers: (a) as functions of voltage
U, P = f (U); (b) as functions of current I, P = f (I).

For voltage curves, MPP coordinates UMPP are defined by the open circuit solar battery
voltage UOC which is almost constant and belongs to the narrow range UMPP ∈ [0.72·UOC;
0.76·UOC] that slightly depends on solar insolation power PSI. The current MPP co-ordinate
IMPP is influenced by the short-circuit current ISC, IMPP ∈ [0.9·ISC; 0.93·ISC]. However,
the short-circuit current, ISC, in contrast to the open-circuit voltage, varies widely and is
proportional to PSI [9].

If a load with resistance RL is connected directly to a solar battery, maximum power
PMPP is delivered to the load when the equivalent resistance of the solar battery RSB is
equal to the load resistance RL in MPT:

RSB =
UMPP
IMPP

= RL, (1)

in another case, when RSB �= RL, power converters as maximum power point trackers (MPPT)
are used [10]. The power converter via output voltage (current) UL (IL) regulation tunes
equivalent load resistance RL(eq) on the converter primary side according to Equation (2) as
shown in Figure 2:

RSB = RL(eq) =
UMPP
IMPP

=
UL
G

· 1
ILG

=
RL

G2 , (2)

where G is a converter voltage gain.

Figure 2. Equivalent load resistance RL(eq) tuning with a power converter.

However, even a power converter such as MPPT does not always provide an efficient
mode of solar battery operation. As shown in Figure 3a, only constant solar battery current
IMPT that fits MPP allows for generating of maximum power for defined solar insolation PSI.
If the solar battery current has ripple ΔI, output power pulsation ΔP appears and decreases
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average power P proportionally to ripple amplitude ΔI as shown in Figure 3b [11]. If the
input current is discontinuous, then solar battery energy is used inefficiently as shown in
Figure 3c. Therefore, the aforementioned features of the solar batteries impose additional
requirements on the power converter as an MPPT, specifically:

- Continuous low ripple input current I;
- High efficiency in a wide power range.

Figure 3. The Impact of MPPT input current shape on the value of solar battery power: (a) continuous
current; (b) current with ripple ΔI; (c) discontinuous current.

There is an input inductor L in the boost converter [12]. This inductor produces
continuous current and can be used directly as an MPPT (Figure 4a). Because it has a
series-connected transistor, buck and buck/boost converters have an extra capacitor CF
that filters the input current, as shown in Figure 4b.

Figure 4. Providing continuous current: (a) natural for power converters with the series-connected
inductor L; (b) with an additional capacitor CF for a converter with a series transistor.
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The equivalent resistance of solar battery, RSB, varies as a function of solar insolation
power and is greater than the minimum value RSB(min) attained for maximum insolation:

RSB(min) =
UMPP
IMPP

∣∣∣∣ PSB → max
. (3)

When solar insolation is zero, RSB tends to infinity. In practice, MPPT works effectively
with some range of solar battery resistance RSB ∈ [RSB(min); RSB(max)], where RSB(max)
defines the minimum solar insolation power PSB(min) where MPPT may operate [13,14].
Therefore, MPPT has to effectively shift the operating point of the solar battery to MPP in
the defined range of resistance RSB. MPPT converters with different voltage gains G are
used depending on the relationship between the resistances of a solar battery RSB and the
load RL:

- Boost converters (G > 1), if RSB(max) < RL;
- Buck/boost converters (G = G(min) . . . 1 . . . G(max)), if RSB(min) < RL < RSB(max);
- Buck converters (G < 1), if RSB(min) > RL.

The common foregoing conditions of effective PV system design are complemented
by the technical aspects of connecting the solar batteries to the power grid or its standalone
operation. In Table 1, the topologies of common PV applications and their modifications
are listed.

Table 1. Common PV application descriptions and requirements.

PV Application Modifications

1. Standalone PV applications [15,16]

- DC or AC;
- with DC-link or without it (only for AC systems)
- low, middle, or high voltage;
- with electric battery or without it;
- DC or AC battery connected;
- isolated or transformerless;
- one, three, or multiphase.

2. On-grid PV applications [17,18]
3. Hybrid PV applications [19,20]

For the efficient design of PV systems, the key task is the correct choice of power
converter topology for providing effective energy transfer and conversion. Therefore,
it is necessary to pay attention to the following features of power converter design for
PV systems:

1. The multifunctional purpose of the power converters is:

- MPPT in a standalone DC or AC system simultaneously provides maximum
power and charges an electric accumulator, as shown in Figure 5a,b [21];

- In AC on-grid applications that directly deliver energy to the AC power grid,
MPPT maximizes energy, converts it from DC to AC form, and provides power
factor correction and reactive power generation as needed, as shown in
Figure 5c [22].

2. Advanced schematic and control algorithms:

- For energy balancing and stable generation, often for AC grid-connected applica-
tions, electric batteries with bidirectional chargers are connected [23], as shown
in Figure 5c. To make sure that electricity has the right dynamics and quality,
you need to use advanced control algorithms with multi-loop and predictive
control [24].

- Co-ordination of parallel operations of several energy sources and determination
of their priority in a hybrid system [25], as seen in Figure 5d.

3. Special issues in converter design:

- For high voltage DC and AC on-grid systems, specialized converters adapted for
PV applications are being developed [26];
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- Hybrid systems provide parallel operation of several alternative power supplies
connected to the power grid and load that in general may be considered a mul-
tiport power system [27]. As a result, a reduced-component multiport power
system can be made instead of having a lot of separate power converters that do
the same thing [28].

Figure 5. Common PV applications: (a) standalone DC systems; (b) standalone AC systems;
(c) on-grid AC systems with energy storage; and (d) hybrid systems.

Implementation of the aforementioned PV applications is covered by a set of con-
verter topologies with their own advantages and disadvantages. The choice of the most
appropriate solution depends on many factors [29]:

- System type (standalone or grid-on, DC or AC);
- Voltage and power level (low, middle, or high);
- The relationship between the voltage of the solar battery and the grid;
- Additional requirements on power factor value and power stability.

For instance, an MPPT unit may be effectively realized with either a DC–AC converter
or a two-stage power system with DC–DC and DC–AC converter; a storage system may be
installed on the DC–DC side of the PV system or directly on the DC or AC system; a PV
system may be connected to the grid with one or few high-power converters, or realized as
a distributed system with a set of low or middle power converters, etc.

This paper looks at different topologies that could be used to solve the discussed
problems It also tries to show the good and bad points of the solutions based on proper
generalization parameters that allow comparing their effectiveness.

In general, power converter comparative analysis is performed based on their complex-
ity, i.e., number of inductors, capacitors, and semiconductor components [30], also taking in
to account voltage gain characteristics, control strategy, efficiency, etc. However, the most
fruitful results are obtained by comparing converters designed to solve a particular problem
that put forward a number of specific requirements to the power converter. For instance,
for designing a dynamic voltage restorer [31], these parameters are high dynamics, wide
reactive and active power regulation range, and easy energy storage integration, whereas
for AC/DC Microgrids [32] parameters are the value of output impedance, type of power
flow control, voltage modulation strategy, and voltage and frequency regulation. For solar
applications, the main requirement, as mentioned before, is high efficiency in a wide power
range and, as for industrial solutions, low cost per unit of power.
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As a numerical criteria of the converter cost per unit of output power, Pout may be
measured by the cost factor kC which is inverse to the transistor utilization factor kU [33]:

kC =
1

kU
=

S
Pout

, (4)

where S is total switch stress and:

S =
N

∑
k=1

Ukmax · Ikmax, (5)

where N is the switch number of the power converter, and Ukmax and Ikmax are the maxi-
mum voltage and current stress of the switch k, respectively. Normalized power loss P* [34]
of the switch can be used to estimate power converter efficiency.

Detailed and comprehensive comparative PV converter analysis in space of cost factor
and normalized power loss is carried out in the paper in such a sequence.

Section 2 discloses a methodology of deriving cost factor and normalized power loss
for DC–DC and DC–AC converters with hard and soft-switching transistor commutation.

In Sections 3–6, classification, cost, and efficiency comparisons of power converters for
AC grid, energy storage, high voltage gain, and hybrid PV applications are given.

Discussion (Section 7) deals with the overall analysis of PV application design and
recommendations.

2. Materials and Methods

According to standards for solar batteries and inverters [35–38], the maximum oper-
ating voltage of PV equipment currently does not exceed Umax = 1500 V. In this case, the
converter is connected to 1–3 solar battery strings with a short-circuit current of 10 A per
string. Application design with such operating voltage and current, as usual, is performed
based on Si IGBT or SiC MOSFET transistors [39]. Due to less static and dynamic power
loss, and a permanent price reduction in SiC transistors, Cree C2M0080170P is used for loss
calculation [40]. Static loss of the transistor Pst* with a constant current IDC that provides
output power Pout at voltage Umax is normalized and defined as PTst* = 1 p.u. It is well
known that the resistance RDS(on) of SiC and MOSFET transistors quadratically increases
with voltage. Additionally, power loss depends on transistor current shape, which in
a general case for DC-DC converters is shown in Figure 6. There are shown peak and
minimum transistor values, Ipeak and Imin, correspondingly. Average value of transistor ITav
on interval DT is calculated as ITav = (Ipeak + Imin)/2.

Figure 6. The current shape of a transistor in a DC–DC hard-switching converter.

Thus, the RMS value of ISW(RMS) compared with IDC is calculated as follows:

ISW(RMS)

IDC
=

√
D(Ipeak

2 + Ipeak Imin + I2
min)√

3IDC
= kTst

√
D
3

, (6)
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where kTst is the factor that depends on converter topology.
If there is no pulsation in the current, Ipeak = Imin = ITav, and the RMS value is calculated

using the average transistor current value ITav on the interval DT:

ISW(RMS)

IDC
=

ITav
IDC

√
D.

Therefore, k switch power loss PTst(k)ht* for hard-switching converters with overvoltage
Ukmax is defined as:

PTst(k)ht
∗ = PTst

∗
(

Ukmax
Umax

)2 D(Ipeak
2 + Ipeak Imin + I2

min)

3IDC
2 =

D
3

kTst(k)
2
(

Ukmax
Umax

)2
, (7)

Whereas in resonant converters with sine wave current shape, the power loss PTst(k)s*
is multiplied by shape factor ksh = π2/8 [41]:

PTst(k)s
∗ = π2

8
DkTst(k)

2
(

Ukmax
Umax

)2
. (8)

Due to the nearly rectangular shape of the current in soft-switching converters, the
static power loss is considered the same as for constant current PTst*.

The dynamic power loss PTd∗ for hard-switching mode is calculated using a compari-
son of transistor static and dynamic losses at maximum power IDC = 30 A, Umax = 1500 V
at switching frequency fsw = 40 kHz, PTd∗ = 0.5 p.u. The dynamic loss PT(k) d* for defined
transistor current ITk and voltage UTk is:

PTd(k)
∗ = PTd

∗
(

UTk
Umax

)(
ITk
IDC

)
= 0.5

(
UTk

Umax

)(
ITk
IDC

)
. (9)

It is considered that in resonant and soft-switching converters, dynamical loss is
absent.

A diode’s static power loss PDst* is calculated based on Cree C5D25170H [42] and
expressed in units of PTst*, PDst* = 0.8 p.u for constant current IDC. If the diode’s forward
VD is assumed to be constant and proportional to reverse voltage Ukmax, its static loss for
the hard-switching converter is calculated as follows:

PDst(k)hd
∗ = PDst

∗kDst(k)

(
Ukmax
Umax

)
(1 − D) =

0.8kDst(k)Ukmax(1 − D)

Umax
, (10)

where kDst(k) is the relationship between the average value of the diode current IDk on the
interval (1 − D) to current IDC:

kDst(k) =
IDk
IDC

, (11)

whereas in the case of soft-switching:

PDst(k)s
∗ = PDst

∗kDst(k)
π

2
√

2

(
Ukmax
Umax

)
(1 − D) =

0.8kDst(k)πUkmax(1 − D)

2
√

2Umax
. (12)

Dynamic loss of the diode for current IDC is PDd∗ = 1 p.u. For defined diode current
IDk and voltage UDk, dynamic loss PD(k)d* is calculated similarly to the Formula (9):

PDd(k)
∗ = PDd

∗
(

UDk
Umax

)(
IDk
IDC

)
=

(
UDk
Umax

)(
IDk
IDC

)
. (13)

The final values of static and dynamic power losses for DC–DC converters are given
in Table 2.
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Table 2. Normalized power loss of the transistor and diode for DC–DC converters.

Power Loss Type
Converter Type

Hard-Switching Soft-Switching Resonant

Transistor static power loss, PTst* D
3 kTst(k)

2
(

Ukmax
Umax

)2 D
3 kTst(k)

2
(

Ukmax
Umax

)2
π2D

8 kTst(k)
2
(

Ukmax
Umax

)2

Transistor dynamic power loss, PTd* 0.5UTk ITk
Umax IDC

0 0

Diode static power loss, PDst*
0.8kDst(k)Ukmax(1−D)

Umax

0.8kDst(k)Ukmax(1−D)
Umax

0.8kDst(k)πUkmax(1−D)

2
√

2Umax

Diode dynamic power loss, PDd* 0.5UDk IDk
Umax IDC

0 0

For DC–AC and AC–DC converter output, AC side voltage and current are sinusoidal;
therefore, diodes and transistor current, as well as power loss, depend on grid voltage
phase ϕ = 2π·t/Tf, where Tf is the fundamental period of the grid voltage that is shown in
Figure 7.

Figure 7. Transistor current shape for AC–DC and DC–AC hard-switching converters.

The amplitude peak current values Ipeak(m), ITav(m), and Imin(m) are used to calculate the
AC shaped current cost factor kc, whereas the power loss Pcon(AC)∗ analysis is performed
based on the integration of instantaneous power loss Pcon(AC)∗ from Table 2, where duty
cycle D is a function of power grid phase ϕ, D [0; Dmax], and normalized with current inorm:

Pcon(AC)
∗ = 1

2π

2π∫
0

Pcon
∗(ϕ)inormdϕ, (14)

where inorm = π·sin(ϕ)/2 has a half-period average value of unity:

1
π

π∫
0

inormdϕ = 1. (15)

Thus, equations have been derived that can be used to calculate the total converter
power loss Pcon∗ and the cost factor kc for both AC and DC applications. These numbers
are used to compare different PV applications with different converters for each type of PV.

3. AC Grid on PV Applications

AC grid-connected renewable applications aim to deliver the maximum possible en-
ergy to the grid as efficiently as possible. This will be accomplished using single-stage
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or two-stage systems. The single-stage application is an inverter that simultaneously per-
forms the functions of MPPT, boosting, and voltage conversion from DC to AC [43]. In
the two-stage converter, these functions are split between DC–DC and DC–AC invert-
ers [44]. Depending on the safety conditions or voltage gain requirements, applications
may be equipped with transformers or be transformerless. Typical structures of on-grid
applications are shown in Figure 8.

Figure 8. On-grid application structures that are commonly used include: (a) two-stage on-grid
application; (b) single-stage on-grid application; and (c) distributed two-stage applications.

In terms of improving efficiency and reducing the cost of the system, single-stage
systems have clear advantages over two-stage. Nevertheless, two-stage systems are actively
used due to simple system control and the opportunity to connect energy storage to DC-link
or design multi-string PV systems [45]. In two-stage systems, any non-isolated DC–DC
converter can be used as MPPT [12], but mostly boost, buck, and buck-boost converters
are used due to less transistor stress [46]. For reducing power loss, soft-switching [47] or
interleaved converters [48,49] are used.

As usual, single-phase or three-phase bridge topologies are implemented for the design
of DC–AC converters in single and two-stage topologies [50]. Soft-switching commutation
and reduced power loss are possible with advanced control methods [51,52].

Non-isolated one-phase inverters with common full or half-bridge topology suffer
from leakage current that flows between AC grid ground and PV through parasitic ca-
pacitors [53] and brings about safety and interference issues [54]. Additional transistors
implemented in H5, H6, HERIC, and hybrid-bridge topologies [55] cut off the leakage
current path and eliminate it. For transistor overvoltage limitation, multilevel inverters,
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for instance, 3L-NPC [56] and 3L-SC [57], are used. The aforementioned DC–AC PV ap-
plication schematics are illustrated in Figure 9 and listed in Table 3 for one stage DC–DC
and DC–AC converters, respectively, with cost factor kC and normalized power loss of the
converter Pcon*.

Figure 9. Converter topologies for grid-based applications: (a) buck; (b) boost; (c) buck-boost;
(d) SEPIC; (e) Cuk’; (f) soft-switching buck; (g) soft-switching boost; (h) interleaved buck; (i) inter-
leaved boost; (j) half-bridge; (k) full-bridge; (l) three phase full-bridge; (m) H5; (n) H6; (o) HERIC;
(p) 3L-NPC; (q) 3L-SC.
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Table 3. The cost factor kC and the normalized power loss for common DC–DC and DC–AC converters.

Converter Topology kC Pcon *

DC–DC converters

Buck [12], Figure 9a Ipeak
DITav

4
3D

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8(1−D)

D +
Ipeak

DITav

Boost [12], Figure 9b Ipeak

D(1−D)ITav
4D

3(1−D)2

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8 + Ipeak

(1−D)ITav

Buck-boost, SEPIC, Cuk’ [12], Figure 9c–e Ipeak

D(1−D)ITav
4

3D(1−D)2

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8

D +
Ipeak

(1−D)DITav

Soft-switching buck [47], Figure 9f 2Ipeak
DITav

4
3D

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8(1−D)

D

Soft-switching boost [47], Figure 9g 2Ipeak

(1−D)ITav
4D

3(1−D)2

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8

Interleaved buck [48], Figure 9h, m cells Ipeak
DITav

4
3Dm

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8(1−D)

D +
Ipeak

DmITav

Interleaved boost [49], Figure 9i, m cells Ipeak

(1−D)ITav
4D

3(1−D)2m

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8 + Ipeak

(1−D)mITav

DC–AC converters

Half-bridge [50],Figure 9j 8Ipeak(m)

Dmax ITav(m)

4π2

3D2
max

(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 1.6

Dmax

(
π
2 + 1

)
+

2Ipeak(m)

Dmax ITav(m)

Full-bridge [50], Figure 9k 8Ipeak(m)

Dmax ITav(m)

(
2π

3Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

Ipeak(m)

Dmax ITav(m)

Triple-bridge [50], Figure 9l 12Ipeak(m)√
3Dmax ITav(m)

2π
9Dmax

(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

Ipeak(m)

Dmax ITav(m)

H5 [55], Figure 9m 10Ipeak(m)

Dmax ITav(m)

(
2π

3Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

1.5Ipeak(m)

Dmax ITav(m)

H6 [55], Figure 9n 12Ipeak(m)

Dmax ITav(m)

(
2π

Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

1.5Ipeak(m)

Dmax ITav(m)

HERIC [55],Figure 9o 12Ipeak(m)

Dmax ITav(m)

(
2π

3Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

1.5Ipeak(m)

Dmax ITav(m)

3L-NPC [56], Figure 9p 8Ipeak(m)

D1 ITav(m)

(
2π

3Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

Ipeak(m)

Dmax ITav(m)

3L-SC [57], Figure 9q 10Ipeak(m)

D1 ITav(m)

(
π

2Dmax
+ 5π2

12D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

Ipeak(m)

Dmax ITav(m)

Because low current ripple ΔI is a key requirement of the grid on applications for
sufficient power factor, the majority of converters use Imin = 0.9 ITav(m), Ipeak = 1.1 ITav.
However, interleaved converters operate in boundary mode, when Imin = 0 and Ipeak = 2
ITav. Based on the aforementioned assumptions, the cost factor kC and normalized power
loss Pcon* of DC–DC converters are shown in Figure 10a,b, respectively. The same curves
for DC–AC converters are shown in Figure 11a,b.

Because of a larger number of transistors, DC–AC converters are weaker in terms of
parameter values kC and Pcon* than their DC–DC counterparts. Among DC–DC converters,
the most effective solutions are based on buck and boost converters. Whereas buck-boost
solutions (buck-boost, SEPIC, Cuk’ converters) increase costs and losses. interleaved
converters allow for reduced losses at the expense of an increase in price and dimensions.

Among DC–AC converters, three-phase is the most efficient converter because of the
minimum number of transistors per phase. For single-phase applications, full-bridge, H5,
H6, and HERIC converters have very similar kC and Pcon* values.
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Figure 10. DC–DC converters: (a) cost factor kC; (b) normalized power loss Pcon*.

Figure 11. DC–AC converters: (a) cost factor kC; (b) normalized power loss Pcon*.

Two-stage DC–AC applications may be used for PV applications in the following
cases:

- Boosting DC voltage;
- Decreasing kC and Pcon* to allow for a wider range of input/output voltage operations;
- Inconsistency of power grid and solar battery voltages.

In a two-stage system, voltage regulation is performed at the DC–DC stage, whereas
the DC–AC stage operates with the maximum duty cycle, Dmax → 1, that provides min-
imum power loss. For instance, Figure 12a compares the cost factor kC of single-stage
applications based on a full-bridge converter and a two-stage application designed on
buck and full-bridge converters. Figure 12b compares power loss for the same configura-
tions with Dmax = 1 for the DC–AC converter of the two-stage system. Formulas for the
considered cases are shown in Table 4.
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Figure 12. DC–AC converters: (a) the cost factor kC; (b) the normalized power loss Pcon*.

Table 4. The full-bridge converter is used to calculate the cost factor kC and the normalized power
loss for single- and two-stage applications.

kC Pcon *

Single-stage application
with a full-bridge converter

8Ipeak(m)

Dmax ITav(m)

(
2π

3Dmax
+ π2

3D2
max

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

Dmax

(
π
2 + 1

)
+

Ipeak(m)

Dmax ITav(m)

Two-stage application
with buck and full-bridge converters

Ipeak(m)

ITav(m)

(
8 + 1

D

) (
2π
3 + π2

3 + 4
3D

)(
1 − Ipeak(m) Imin(m)

(Ipeak(m)+Imin(m))
2

)
+ 0.8

(
π
2 + 1

)
+

Ipeak(m)

ITav(m)

(
1 + 1

D

)
+ 0.8(1−D)

D

Figure 12 shows that for Dmax < Dcr1 = 0.87 and Dmax < Dcr2 = 0.78, the two-stage
system has a lower cost factor kC and a lower power loss Pcon* than the one-stage system.
This means that the two-stage system is more efficient than the one-stage system.

Aside from energy-delivery, common DC–AC applications have additional functional-
ity [58]:

- Voltage conversion and power grid synchronization;
- Disconnection and anti-islanding protection when power grid fault appears; Correc-

tion of the power factor of the input current.

The rapid evolution of on-grid PV applications with unstable generation complicates
the grid’s stable operation. Due to the common DC–AC application’s disconnection from
the power grid fault, the grid operation only worsened and became unbalanced. As a result,
using converters with advanced functions that remain connected to the grid during faults
and attempt to maintain a stable operation not only mitigates the impact of renewable
energy instability, but also creates additional opportunities for power grid control and
improves reliability [59].

The list of additional converter functions that improve power grid operation and
converter control approaches, as well as topologies that may perform them, are given in
Table 5.
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Table 5. List of additional converter functions.

Opportunities for Power Grid Control Converter Function Control Strategy

Reactive power control [58] Independent reactive and active
power generation

Sinusoidal pulse width modulation (SPWM),
space vector modulation (SVM) or hysteresis

modulation in dq or αβ space

Voltage stabilization [60–65]
Voltage and frequency ride through,

voltage sag detection, reactive
power generation

For frequency synchronization:
zero-crossing method and the

phase-locked-loop. For sag detection: RMS
value estimator, synchronous rotating reference

frame, wavelet, and Fourier transform. For
power generation: SPWM, SVM or hysteresis

modulation in dq or αβ space

Grid power quality control [62] Controlled injected current SPWM or hysteresis modulation, frequency
synchronization

As usual, the inverter’s advanced functions are realized with basic inverter topologies
with improved control strategies and require no extra elements except for sensors.

4. Energy Storage Applications

An energy storage system is an integral part of renewable power supply systems.
The main purpose of the storage system is to provide a powerful balancing of unstable
renewable sources that operate at MPP and variable load. Typical converter topologies of
energy storage applications are shown in Figure 13.

Figure 13. The following are typical energy storage converter topologies: (a) single-stage DC–
DC application; (b) single-stage DC–AC application; (c) two-stage isolated DC–DC application;
(d) two-stage DC–AC application.

Single-stage DC–DC and DC–AC topologies in Figure 13a and 13b respectively have
simple structures and functionality. DC–DC converters for built-in energy storage connect
to two-stage on-grid PV inverters or DC power grids, whereas DC-AC topologies are con-
nected directly to the AC power grid. Figure 13c,d are used for energy storage isolation in
DC power grids or AC grids and provide much more functionality, i.e., multi-mode charg-
ing, a wide range of battery charging voltages and currents, advanced control, improved
performance, and energy quality control.

With increasing renewable energy penetration, energy storage systems are becoming
a necessary element to maintain stable grid operation. In particular, in the concepts of
intelligent transmission and control of distributed systems FACTS [66], Smart Grid [67],
and Vehicle to Grid (V2G) [68], energy storage is considered as a system-forming unit or
unit that strongly improves the system operation, specifically:

- Load shifting occurs when renewable energy mostly charges the energy storage
during the day, and the energy storage is discharged in the late hours of peak power
demand [69];
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- Shutdown protection in smart distributed power grids that allows supplying end-
users when loss of power arises [70];

- Energy quality control (voltage, frequency, reactive power compensation, high har-
monic reduction) [71].

Therefore, distributed systems usually use a single common storage system which
improves the functioning of the entire system.

Because of the unstable generation of renewable sources, energy storage is permanently
switched between charge and discharge modes with the unstable current. Therefore, energy
storage control is much more intelligent than for a common charging device [72,73].

For DC–DC in stage energy storage applications, some of the converters discussed
in the section about grid applications with modified control laws, such as full or half-
bridge [74] and 3L-NPC [75] converters, require minor modifications and an increase in the
number of transistors, for instance, SEPIC, Cuk’ [76], or cascaded [77] and interleaved [78]
half-bridge converters.

Electric isolation in DC applications is provided with a high-frequency transformer in-
termediate AC link. An AC link may be organized with dual full- or half-bridge converters
and their soft-switching modifications [79–81].

Multi-level [82,83] or high-frequency link AC–AC converters [84] are used for single-
stage AC applications, whereas full- and half-bridge converter modifications [85,86] are
used for two-stage solutions.

Figure 14 depicts converters for single-stage storage applications, and Table 6 compares
them based on the parameters kC and Pcon*, whereas two-stage solutions are shown in
Figure 15 and Table 7, respectively.

Figure 14. Converters for single-stage storage applications: (a) half-bridge; (b) Cuk’; (c) SEPIC/Luo;
(d) interleaved half-bridge; (e) cascaded half-bridge; (f) half-bridge rectifier with neutral point switch
clamped scheme; (g) capacitor clamped three-level; (h) high-frequency-link inverter.
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Table 6. A Comparative analysis of single-stage energy storage converter effectiveness.

Converter Topology kC Pcon *

DC–DC converters

Half-bridge [74], Figure 14a 4Ipeak
D1 ITav

4
3D2

1

(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8

D1
+

Ipeak
D1 ITav

3L-NPC [75], Figure 9q 4Ipeak
D1 ITav

(
4

3D1
+ 4

3D2
1

)(
1 − Ipeak Imin

(Ipeak+Imin)
2

)
+ 0.8(1−D1)

D1
+

Ipeak
D1 ITav

Cuk’ [76], Figure 14b, SEPIC/Luo [76],
Figure 14c

2Ipeak

D1(1−D1)ITav
4

3D1(1−D1)
2

(
1 − Ipeak Imin

(Ipeak+Imin)
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DC–AC converters
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Full-bridge, Figure 9k 8Ipeak(m)
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Half-bridge rectifier with neutral point
switch clamped scheme [82], Figure 14f
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Capacitor clamped three-level PWM
converter [83], Figure 14g
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High-frequency link inverter [84],
Figure 14h
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Figure 15. Converters for two-stage storage applications: (a) dual active bridge; (b) dual active
bridge soft-switching; (c) with two voltage-fed half-bridges; (d) combined voltage- half-bridge and
current-fed full-bridge; (e) half-bridge and full-bridge; (f) full-bridge DC–AC and dual active bridge
DC–DC.
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Table 7. A Comparative analysis of the two-stage energy storage converters’ effectiveness.

Converter Topology kC Pcon *

DC–DC converters
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Dual active bridge soft-switching [79],
Figure 15b
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As usual, the voltage gains of the power converters used in energy storage applications
are different. This means that the duty cycle values and power loss values (Pcon*) are
different depending on which way the power converters are used. For instance, a full-
bridge converter, shown in Figure 9k, operates as a boost converter with duty cycle D1
when energy is stored and as a buck converter with duty cycle D2 when delivering energy
to the power grid. The relationship between the parameters D1 and D2 is equal to:

D2 = 1 − D1. (16)

Thus, power loss Pcon* estimation depends on the direction of energy transfer. As long
as the same amount of energy is sent in both directions, the power loss weight formula is
used with weight factor w = 0.5:

Pcon
∗ = 0.5Pcon1

∗(D1) + 0.5Pcon2
∗
(D2), (17)

where Pcon1* is the power loss value for operation in energy storage mode with duty cycle
D1, and Pcon2* is the power loss value for operation in delivering energy to the power grid
with duty cycle D2.

In two-stage DC–AC energy storage applications, the first and second stages operate
independently, so their operation is defined by four duty cycles, i.e., D1, D2 for the first
stage and D3, D4 for the second stage. However, DC–DC two-stage applications always
contain AC links that are used for electric isolation and soft-switching. Therefore, one of
the stages always works in passive mode as a rectifier with the same duty cycle.

Derived results in Figures 16 and 17 make it clear that more effective applications are
designed with basic half- and full-bridge topologies with improved dynamic loss. For DC–
DC applications, there are cascaded and interleaved half-bridge topologies and 3L-NPC
converters, whereas effective DC–AC applications are based on full-bridge, and full-bridge
and half-bridge topologies.
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Figure 16. The cost factor kC and normalized power loss Pcon∗ of DC–DC energy storage (a) Cost
factor kC; (b) normalized power loss Pcon* in DC–DC energy storage converters.

Figure 17. The parameters for DC–AC applications (a) Cost factor kC; (b) normalized power loss Pcon*
in DC–AC energy storage converters.

Figure 16a,b show the cost factor kC and normalized power loss Pcon∗ of DC–DC
energy storage, while Figure 17a,b show the parameters for DC–AC applications.

5. High Voltage Gain Converters

Solar panels have relatively low voltage and current and are usually combined with
batteries in parallel and series connections. The variation of power in solar radiation and
in the parameters of the panels in the battery leads to a decrease in overall efficiency [87]
and may cause system instability due to partial shadowing effects [88]. For mitigation of
the aforegoing drawbacks, high voltage gain converters are used. The common voltage
boosting method, with a high-frequency transformer and high turns ratio n, increases
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component stress on the secondary size and causes leakage inductance voltage spikes, thus
non-isolated converters are often used in practice. A high gain value G for the conventional
boost converter is achieved to the detriment of power loss with operation in modes with a
close to unity duty cycle [89]. A cascading technique involves a series connection of several
converters and expands the total voltage gain value G several times [90]. It increases the
cost and complicates the converter design and control. For efficiency improvement the
interleaving technique is used [91].

Other DC–DC converters, such as SEPIC and Flyback, can provide galvanic isolation
via additional winding on the inductor core. These converters are used for high voltage
gain but require additional snubber circuits to mitigate issues caused by leakage induc-
tance [92] and usually suffer from increased transistor overvoltage with factors of 1.5–2.0.
Passive dissipative RCD snubbers are commonly used [93], but for high-efficiency solutions
more sophisticated active [94,95] or passive [96,97] regenerative snubbers deliver energy
leakage inductance on the load or primary energy source. In addition, an isolated solution
with leakage inductance allows the implementation of transistor soft-switching as well as
voltage doubling, for instance, in an LC parallel current source converter with a voltage
doubler [98]. The idea of capacitor voltage doubling is used for a set of multi-cell flying
capacitor converters: super lift voltage converter [99], modified voltage lift converter [100],
Cockcroft Walton multiplier based boost converter [101], Dickson multiplier based boost
converter [101], boost derived MIESC SC-cell converter [102], and buck-boost derived
MIESC SC-cell converter [102]. Capacitor voltage doubling is also realized in converters
based on a three-state switching cell (3SSC) that is a combination of two switching PWM
cells (2SSC) [103]. Such converters have reduced the size, weight, and volume of magnetics
and reduced the current stress of switches.

Figure 18 shows the reviewed topologies of high gain converters, whereas Table 8
analyzes the main features of high gain converters, i.e., voltage gain G, switch voltage
stress, and basic parameters kC and Pcon*.

As shown in Figure 19a, an essential problem for high gain applications is significant
transistor overvoltage. As a result, power converters with lower transistor stress recal-
culated on the gain unit, such as Cockcroft–Walton and Dickson multiplier-based boost
converters, boost derived MIESC SC-cell converters, and boost 3SSC cell converters, are
more appealing for high voltage application design.
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Figure 18. High voltage gain converters: (a) isolated full-bridge; (b) cascaded boost converter;
(c) flyback; (d) LC parallel resonant converter with voltage doubler; (e) super lift voltage converter;
(f) modified voltage lift converter; (g) Cockcroft–Walton multiplier based boost converter; (h) Dickson
multiplier based boost converter; (i) boost derived MIESC SC-cell converter; (j) boost 3SSC cell
converter; (k) buck-boost derived MIESC SC-cell converter.
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Table 8. High voltage gain converters: comparative analysis.

Converter Topology G kC Pcon*
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Figure 19. In high voltage gain converters: (a) cost factor kC; (b) normalized power loss Pcon*; and
(c) voltage gain G.

6. Hybrid PV Applications

Hybrid PV systems are complex solutions that include multiple energy sources, such
as a diesel generator [104], a wind turbine or a fuel cell [105]; integrated energy storage with
an interruptible power supply function; and multiple AC and/or DC outputs. The system
is often used for standalone applications for reliable power supply [106] or as an advanced
uninterruptable power system that allows generating or consuming energy from the grid for
imbalance elimination of PV systems and load [107]. The hybrid system consists of several
stages which, in the common case, are realized with individual power converters, which is
the redundant solution. Combining identical converter links makes it possible to reduce the
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number of elements in the system and simplify control [108]. The simplest case is the use of
multi-winding transformers [109]. In non-isolated applications, combinations of cells with
boost, buck, and buck-boost converters with unidirectional [110] or bidirectional [111–113]
energy flow are implemented. For distributed systems, interleaved multi-input solutions
are also used [114].

As usual, multi-port solutions are designed for DC–DC [115] or DC–AC [116–119]
applications with renewable sources and energy storage suitable for PV and wind applica-
tions as well. Table 9 lists the analytical expressions of the multiport converter parameters
shown in Figure 20.

Table 9. A comparative analysis of the effectiveness of the hybrid converter.

Converter Topology kC Pcon *
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Figure 20. Hybrid converters: (a) boost three-port converter; (b) buck three-port converter; (c) buck-
boost three-port converter; (d) bidirectional buck-boost converter; (e) switched capacitor multi-port
converter; (f) dual active bridge multi-port converter; (g) double-stage with battery boost converter;
(h) fully soft-switched multi-port DC–DC converter; (i) multiple-input SEPIC converter; (j) NPC
multiport converter.

Hybrid converter parameters kC and Pcon* are shown in Figure 21a,b, respectively.
As shown in Figure 21, the lowest values of kC and Pcon* parameters are achieved for

converters with basic buck and boost topologies, as well as for more complex switched-
capacitor multi-port converters and dual active bridge multi-port converters with soft-
switching transistor commutation. However, the analyzed hybrid converters generally
have the same number of transistors as common power converters with the same features.
The hybrid converters, on the other hand, have about the same power loss and cost as their
counterparts with common topologies.
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Figure 21. Hybrid converter parameters: (a) cost factor kC; (b) normalized power loss Pcon*.

7. Discussion

Derived analytical expressions for cost kc and power loss Pcon* factors are evaluation
indicators for selecting the converter topology for PV application design based on duty
cycle D. Such parameter representations are strictly related to the converter operation mode
and help to define the duty cycle D range of the PV application. However, the comparative
analysis of the converter based on kC and Pcon* factors as functions of D, kc = f (D), and Pcon*
= f (D), is inconvenient due to their different voltage gains. This is especially true when
comparing different types of converters, i.e., buck, boost, and buck-boost converters. It is
more informative to analyze parameters kC and Pcon* in some load voltage ranges (UL(min),
UL(max)) where the PV application operates for comparative analysis unification. If voltage
UL(min) is associated with voltage gain Gmin and voltage UL(max) with voltage gain Gmax,
we can define the maximum gain factor Gmax*:

Gmax
∗ = Gmax

Gmin
. (18)

The real gain factor G* of a converter is always varied in the range [1, Gmax*] and may
be used as a universal parameter for comparing different types of power converters.

Due to the opportunity to achieve gain factor Gmax* on different duty cycle D ranges
[Dmin; Dmax], the range is defined according to providing the lowest cost and/or power
loss. According to the specified conditions and obtained results:

- In buck converters, the output voltage maximum value UL(max) is fixed to the input
voltage Uin, UL(max) = Uin that corresponds to Dmax = 1;

- In boost converters, the output voltage minimum value UL(min) is fixed to the input
voltage Uin, UL(min) = Uin that corresponds to Dmin = 0;

- In buck-boost converters, the lowest values of kc and Pcon* are achieved in the middle
of the duty cycle range, D = 0.5. Therefore, for the proper definition of Dmin < 0.5 and
Dmax > 0.5, one of the following equations is solved:
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kC(Dmin) = kC(Dmax);
or

Pcon
∗(Dmin) = Pcon

∗(Dmax),
(19)

The values of UL(min) = f (Dmin) and UL(max) = f (Dmax) are defined depending on the
choice of minimization parameter.

After the proposed transformation, parameters kC and Pcon* may be defined based on
a function of the parameter G* that varies in the range [1, Gmax*]. Due to this representation,
a comprehensive comparison analysis of converters for the defined value of parameter
G* may be conducted. However, in real PV applications, because of variations in solar
insolation, temperature, battery state of charge, grid voltage, etc., the gain parameter G*
varies in range of 1 . . . G*max, and the parameters kc and Pcon* change, respectively. The
cost factor kc of the PV application is obviously defined by the largest value of G*max,
whereas the power loss parameter Pcon* is defined as an intermediate mean value Pcon(av)*
between Pcon*(min) = f (G* = 1) and Pcon*(max) = f (G* = Gmax*). The precise Pcon(av)* value is
determined by a weighted function that defines a probability distribution law of G*, p(G*),
with values ranging from 1 to Gmax* [120]:

Pcon(av)
∗ =

Gmax
∗∫

1

p(G∗) · Pcon
∗(G∗)dG∗. (20)

For example, in the case of a continuous uniform distribution, p = 1/(Gmax* − 1) [121]
Formula (20) yields:

Pcon(av)
∗ = 1

Gmax∗ − 1

Gmax
∗∫

1

Pcon
∗(G∗)dG∗. (21)

Additionally, analytical expressions of converter efficiency parameters kC and Pcon(av)*
for DC–DC converters listed in Table 3 in space of the variable G* are shown in Table 10
and illustrated in Figure 22a,b, respectively.

A representation of the parameters kC and Pcon(av)* with the gain factor G* aids in the
estimation of converter features within a given voltage range, as well as the comparison
of different converter types (buck, boost and buck-boost). For example, a buck converter
has the lowest cost factor kC value for G* ∈ (1; 4.5), whereas a buck-boost converter is
preferable for G* ∈ (4.5; ∞) applications. A similar decision may be made for mean power
loss Pcon(av)*, which has the lowest value for buck converter modifications in all G* ranges.

Obviously, for different models of semiconductor devices and other probability distri-
bution laws, the results would be different. This allows you to compare power converters
based on the PV application’s start-up conditions.
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Table 10. Comparative analysis of the DC–DC converter’s effectiveness in space of the variable G*.

Converter Topology kC Pcon(av) *
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Figure 22. Comparative analysis of the DC–DC converter’s effectiveness in space of the variable G*:
(a) cost factor kC; (b) normalized mean power loss Pcon(av)*.

8. Conclusions

Industrial PV solutions contain different kinds of applications designed with power
converters as electric energy transformers and interconnectors. Thus, the specific con-
verter requirements vary depending on the application which complicates the selection
of the appropriate type of converter for a specific task. The paper highlights generalized
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criteria that have a critical impact on the efficiency and cost of converter topologies for
PV applications that allows performing a comparative analysis in space of two numerical
parameters, namely cost and power loss factors, of common PV applications, i.e., grid-on,
energy storage, hybrid, and high voltage gain, based on cost and power loss factors.

According to the results of the analysis, the following conclusions are made:

- Basic DC–DC buck and boost topologies, as well as full-bridge topologies for DC-
AC applications, have lower cost and power loss factors, whereas more complex
interleaved or soft-switching topologies may decrease power loss by increasing the
converter total cost;

- For DC–AC applications with a low or medium voltage range, it is advisable to
use single-stage DC–AC converters, whereas for wide voltage range applications,
two-stage converters have better cost and power loss factors;

- High voltage gain applications suffer from high transistor voltage stress. Therefore,
specialized power converter topologies with reduced voltage stress, such as Cockcroft–
Walton and Dickson multiplier-based boost converters, boost derived MIESC SC-cell
converters, and boost 3SSC cell converters, have the advantage over their counterparts;

- Hybrid converters have approximately the same power loss and cost as power con-
verters with common topologies because of the same number of power transistors;

- For clear analysis of different types of converters, it is better to represent cost and
power loss factors in the space of gain factor and analyze the impact of the environment
on gain factor probability distribution during operation.
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Abstract: The dual-active-bridge converter (DAB) has attracted tremendous attention in recent
years. However, its EMI issues, especially the high-frequency oscillation (HFO) induced by the
dv/dt and parasitic elements of the transformer, are significant challenges. The multi-active-bridge
converter (MAB) based on the multi-winding transformer also faces similar problems, which are
even more complicated. This article investigates the HFO of active-bridge-transformer-based DC/DC
converters including DAB and MAB. Firstly, the general HFO model is studied using the analysis
of the AC equivalent circuit considering the asymmetrical parameters. Ignoring the AC resistance
in the circuit, the high-order model of the voltage oscillation could be reduced to a second-order
system. Based on the simplified model, the oscillation voltage generated by an active bridge is
analyzed in the time domain. Then, a universal active voltage-oscillation-suppression method-
selected harmonic-elimination phase-shift (SHE PS) modulation method is proposed. The impacts
of the system parameters on the method are also revealed. The experimental results show the
excellent performance of the proposed active suppression method, with voltage spike amplitude
(VSA) reductions of 92.1% and 77.8% for the DAB and MAB prototypes, respectively.

Keywords: high-frequency oscillation (HFO); dual-active bridge (DAB); selected harmonic elimination (SHE)

1. Introduction

The dual-active bridge (DAB) converter has continued to be a hot topic in both
academia and industry in recent years, due to its properties of bidirectional power flow,
high power density, soft switching, and inherent galvanic isolation [1,2]. The multi-active
bridge converter (MAB), regarded as the natural expansion of DAB, could provide multi-
ports to integrate multiple DC voltage domains, making it a competitive candidate in many
applications such as power electronic transformers (PETs), electric aircrafts and all-electric
ships, and energy routers for smart homes [3,4]. To make the MAB more flexible and
scalable, the modular multi-active bridge (MMAB) converter has been proposed, where one
multi-winding transformer is replaced by several dependent two-winding transformers.

With the increasing switching speed, the high-frequency oscillation (HFO), which is
excited by the output voltage of the active bridge and the transformer stray parameters in
the DAB, has raised concern. Recently, wideband gap (WBG) devices have been widely used
in DAB converters and other H-bridge-based converters [5–9], which could increase the
system’s efficiency. With the WBG switching devices and the nanocrystalline alloys utilized,
the HFO at the ac side of the DAB converter represents an urgent problem that needs to
be solved [8]. The HFO in the DAB could increase the voltage stress of the transformer,
induce EMI and common mode noise, and distort the waveforms [8]. Additionally, it may
increase the high-frequency losses, decreasing the system’s efficiency. The HFO of the MAB
converter has not been reported in the existing literature, but can be naturally predicted.
Figure 1 shows a three-winding MAB, which is also called a triple-active bridge (TAB)
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converter, and the waveforms. The dv/dt is 3 kV/us and obvious voltage HFO exists with
the high frequency near 1 MHz.

(a) (b)

Figure 1. HFO in a MAB converter prototype: (a) TAB circuit; (b) waveforms.

To modify the dv/dt [8,9] to suppress the voltage spike amplitude (VSA) using the
extra parallel capacitor involves deceasing the switching speed and adding extra hardware
components. The optimization of the inductor and transformer stray capacitors [10,11] will
increase the complexity of the design procedure. The split inductance tunning between the
HV and LV side [12] is often a special case without generality, which may lose effectiveness
for multi-port converters. The active selective harmonic-elimination general phase-shift
PWM method is introduced to suppress the HFO of the AC-link in MMAB [13], which
has the potential to suppress the HFO of the transformer of the DAB and MAB, but
has not been derived or verified. On the other hand, the branches of the DAB [10] and
MMAB converters [13] are symmetrical with 1:1 transformer turn ratios and the same
phase-shift inductors.

The HFO mechanism of active-bridge-transformer-based DC/DC converters, includ-
ing DABs and MABs, is investigated in this article. The converters with asymmetrical
inductances are considered for the general case study. On top of that, the universal SHE
PS modulation method to suppress the voltage oscillation is proposed and the impacts
of the system parameters on the method are studied. Finally, the effectiveness of the pro-
posed voltage suppression method is verified by the experimental results of a DAB and
MAB prototype.

2. High-Frequency Oscillation of the Active-Bridge-Based DC/DC Converter

2.1. Equivalent Circuit of the Transformers

The active bridge with the transformer is the core unit in active-bridge-transformer-
based converters. Stray capacitances are regarded as the major factor causing the HFO
phenomenon. A classical π-shaped network with three capacitors [6,7,9] is used to model
the HFT. The high-frequency (HF) equivalent circuits of the DAB and MAB converters
considering the stray parameters of the transformers are shown in Figure 2. The parameters
are referred to the primary side. The symbols are defined as follows: ui is the AC voltage
of the active bridge i, Li and Ri are the inductance and the equivalent resistance of the
phase-shift inductor i. Ls and Rs are the leakage inductor and the equivalent winding
resistance of the transformer, Lm is magnetizing inductance, and Rm is the magnetizing
resistor. C1 and C2 are self-capacitances of the primary side and the secondary side, which
is referred to the primary side, respectively. C12 is the mutual capacitance between the two
windings. Similarly, the extended π-shaped network could be utilized to model the circuit
for the multi-winding transformer [14]. Ci is the self-capacitance of the windings and Cij is
the mutual capacitance between the two windings i and j.
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(a) (b)

Figure 2. Equivalent HF circuit considering the stray parameters of the transformer. (a) DAB
converter; (b) MAB converter.

As shown in Figure 2, the HF voltages of the transformer ut of the DAB and MAB are
the superposition of the responses of each excitation voltage, which can be regarded as the
multi-input single-output (MISO) impedance model.

2.2. General HFO Model with the Asymmetrical Branch Parameters

Assuming Ls << Lm and Ls is small compared with phase-shift inductance L, the AC
equivalent of the DAB can be simplified to be an equivalent model [8]. Considering the
general case for the DAB and MAB converters, one excitation voltage u1 was taken into con-
sideration while the other active bridges short-circuited. Then, we could obtain the single-
input single-output (SISO) impedance model shown in Figure 3, where ue1 is the equivalent
excitation voltage, Zo is the internal resistance, and Ct is the equivalent capacitance.

Figure 3. Thevenin equivalent circuit.

The variables in the two-port network in Figure 3 can be derived using Thevenin’s theorem:

ue1(s) =
Z2||Z3|||. . . ||Zn

Z1 + Z2||Z3|||. . . ||Zn
u1(s), Zo = Z1||Z2||Z3||| . . . ||ZN (1)

Zi = Ri + Lis, Ct =
N

∑
i=1

Csi (2)

The voltage transfer function of Gh(s) = ut(s)/u1(s) for the DAB circuit in Figure 2b
was derived by:

Gh(s) =
ut(s)
u1(s)

=
Rm(L2s + R2)

L1L2RmCts3 + [(L2R1 + L1R2)RmCt + L1L2]s2 + [RmCtR1R2 + L1R2 + L2R1 + Rm(L1 + L2)]s + R1R2 + RmR1 + RmR2
(3)
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The transfer function (4) is a third control system. For MAB, with the increasing
branches, the order of the transfer would be increased, making it difficult to calculate the
analytical solution. Thus, it was necessary to simplify the model.

The impedance of the inductor was much larger compared with the AC resistance
including the wire, inductor and transformer resistance at the oscillation frequency. It was
reasonable to reduce the system order by ignoring the resistance. The external resistors
Rext were inserted into the AC loop of the DAB converter to investigate the effect of AC
resistance on the HFO, as shown in Figure 4.

Figure 4. DAB circuit with external AC resistors.

The magnitude and phase of the voltage transfer function (3) are illustrated in Figure 5.
R = 0 means R1 = R2 = 0 and no external resistors were inserted to the AC loop. It can
be seen that the AC resistance only affected the magnitude at low frequency, while the
magnitude and phase were irrelevant to the AC resistance. Figure 6 shows the experimental
waveforms of a DAB converter using different external AC resistors. Both the oscillation
frequency and amplitude were the same with different AC resistances.

Rext=0  

Rext=5  
Rext=1   

R=0 

Rext=0  

Rext=5  
Rext=1   

R=0 

Oscillation 
frequency

Figure 5. Bode plot of the voltage transfer function with different AC resistances.
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Figure 6. Experimental voltage waveform with different AC resistances.

Then, ignoring the AC resistance of the loop, the transfer function could be simplified
from the third-order control system to a standard second-order control system, as shown in
Equation (4). The steady state value of the ut considering both u1 and u2 was calculated as
follows in (5).

GhS(s) =
ut(s)
u1(s)

=
1

L1Ct

1

s2 + 1
RmCt

s + L1+L2
L1L2Ct

(4)

ut,S =
L2

L1 + L2
u1 +

L1

L1 + L2
u2 (5)

Thus, for MAB, the transfer function could be derived as (6):

GhS(s) =
ut(s)
u1(s)

=
1

L1Ct

1

s2 + 1
RmCt

s + L1+L2e
L1L2eCt

(6)

where L2e is the equivalent inductance as L2e = L2 || . . . || LN. The simplified transfer
function (6) can be utilized to analyze the HFO of the DAB and MAB converters, generally.

3. Model Analysis

The transfer functions (4) and (6) were standard underdamped second-order control
systems when the damping ratio met the inequality:

ξ =
1

2RmCt

√
L1L2Ct

L1 + L2
< 1 (7)
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For a highly efficient HFT with little iron loss, the inequality (7) was easily met.
When the excitation (i.e., the step change voltage) appeared, there was voltage oscillation,
which gradually decayed. The natural frequency ωn and oscillation frequency ωOSC were
calculated as follows:

ωn =

√
L1 + L2

L1L2Ct
, ωOSC =

√
1 − ξ2ωn (8)

Furthermore, ignoring Rm, which yielded ξ = 0 and ωosc = ωn, ωosc could be derived
as follows:

ωOSC = ωn = 1/

√√√√[
1/(

N

∑
i=1

1/Li)
N

∑
k=1

Csk

]
(9)

The result was symmetrical, which means the period of the oscillation induced by the
excitation source at any port was the same. According to the rated transferred power of
DAB, the splitting inductors should meet:

L1 + L2 = 2Lph (10)

Combing (9), the oscillation of DAB is written as:⎧⎨⎩ ωOSC =
√

2Lph/(C1 + C2)/
√

L1/(2Lph − L1)

ωOSC,min = 1/
√
(C1 + C2)Lph/2

(11)

The minimum oscillation frequency ωosc,min is achieved when L1 = L2 = Lph. Tuning
the splitting inductances to move the oscillation frequency, which represents the pole point
in (4), to the first zero cross point (ZCP) of the excitation voltage is the basic principle
in [12].

The DAB and TAB prototypes were setup to test the model. The parameters are shown
in Table 1.

Table 1. Parameters of the DAB and MAB prototypes.

Parameters DAB Converter TAB Converter

Swithing devices C3M0075120K(SiC MOSFET) C3M0075120K (SiC MOSFET)
Swithing frequency 20 kHz 20 kHz

Transformer turn ratio N1:N2 = 1:1 N1:N2:N3 = 4:5:6

Transformer capacitances C1 = C2 = 130 pF, C12 = 55 pF C1 = 85 pF, C2 = 100 pF, C3 = 140 pF,C12 = 70
pF, C23 = 70 pF, C13 = 70 pF

Transformer leakage inductance LS1 = 3 μH, LS2 = 3 μH LS1 = 3 μH, LS2 = 3.5 μH, LS2 = 4 μH
Transformer winding resistance RS = 0.016 Ω RS1 = 0.03 Ω, RS = 0.035 Ω, RS = 0.05 Ω

Transformer magnetizing inductance Lm = 63 mH Lm = 24 mH
Transformer magnetizing resistor Rm = 10 kΩ Rm = 25 kΩ

Phase-shift inductance L1 = 160 μH, L2 = 100 μH L1 = 140 μH, L2 = 160 μH, L3 = 100 μH
Equivalent resistance R1 = 0.016 Ω, R2 = 0.016 Ω R1 = 0.016 Ω, R2 = 0.016 Ω, R3 = 0.016 Ω

Square wave u1 at the primary AC side was used as the excitation source while the
secondary AC side short-circuited. It was easy to run the test with a small excitation
amplitude of 50 V. Obvious oscillation appeared after the u1 step changed and decayed
to zero with several cycles, as shown in Figure 7c. To substitute the parameters of the
transformer and inductor into (5), we obtained ξ = 0.039, ωosc = 0.99ωn, and tosc = 810 ns.
The theoretical oscillation period matched well with the test results.

The test circuit could be utilized to estimate the damping characteristics and to pre-
obtain the oscillation frequency. For multiport converters, all the other branches should be
short-circuited except the excitation port. Figure 7b,d show the test short circuit and the
waveforms of the TAB converter, where branch 2 and 3 were short-circuited.
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(a) (b)

(c) (d)

Figure 7. Short-circuit test. (a,c) Test circuit and waveforms of the DAB converter; (b,d) test circuit
and waveforms of the TAB converter.

4. Active Suppression Method for the HFO

4.1. General Description of the Voltage Excitation

The excitation source of the active-bridge-transformer-based converter, generated by
the active bridge, was the superposition of the two half bridges [15]. As shown in Figure 8,
the phase voltages uA, uB and the output voltage uAB were modeled by segmental linear
functions considering the inner phase shift and transient time as:{

uA(t) = VP/(tr)[te(t) + (t − tr)e(t − tr)] , uB(t) = −uA(t − tIph)
uAB(t) = uA(t)− uB(t) = uA(t) + uA(t − tIph)

(12)

where VP is the DC bus voltage, uB lags behind uA with time tIph, and tr is the transient time.

(a) (b)

VP uA

uB

uAB

tIph

uA

uB
uAB

ttr

VP

VP

VP

VP

Figure 8. Output voltage of the active bridge. (a) H bridge; (b) output voltage.

4.2. Active SHE PS Suppression Method

To modify the inner phase-shift tIph, reducing the harmonics of the oscillation fre-
quency is an effective way to suppress the oscillation, which is called the selective harmonic
elimination phase-shift (SHE PS) modulation method. Combing (12) with the transfer
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function (4), ut,A, the high-frequency voltage which represents the zero-state response of
uA, was derived as:⎧⎨⎩

ut,A(t) = 0.5kekr(tr/(α2 + β2) + Meαt cos(βt + θ1 + θ2))
θ1 = arctan(α2 − β2)/(2αβ), θ2 = −arctan(sin(βtr)/(1 − e−αtr cos(βtr))
ke= 1/(L1Ct) , kr= 2VP/tr

(13)

where α and β are written as:

α = − 1
2RmCt

, β =
1
2

√
4(L1 + L2)

L1L2Ct
− (

1
RmCt

)
2

(14)

Thus, the zero-state response of ut,AB could be derived, combining (12) and (13) as:⎧⎪⎨⎪⎩
ut,AB(t) = V1L1/(L1 + L2) + Meαt f (tIph) cos(βt + θ1 + θ2 + θ3)

θ3 = −arctan(e−αtIph sin(βtIph)/(1 + e−αtIph cos(βtIph))

M = VP

√
(1 − e−αtr cos(βtr))

2 + sin2(βtr)/(L1L2Cttr(α2 + β2)β/(L1 + L2))

(15)

M is constant. The amplitude f (tIph), which is a function of inner phase-shift tIph, was
derived as:

f (tIph) =

√
(1 + e−αtIph cos(βtIph))

2
+ e−2αtIph sin2(βtIph) (16)

The f (tIph) in Equation (16) could be derived as:

−αtIph ≈ 0 ⇒ eαt ≈ 1 ⇒ f (tIph) ≈
√

2 + 2 cos(βtIph) (17)

Thus, the minimum of the VSA could nearly be achieved at the following condition:

βtIph = π , tIph = π/β = 0.5Tosc (18)

To substitute (18) into (16), the minimum f min(tIph) and the corresponding VSA Amin
were derived as:

fmin(tIph) = 1 − e−
απ
β , Amin(tIph) =

1
2

kekrM(1 − e−
απ
β ) (19)

4.3. Impact of the System Parameters on the SHE PS Modulation Suppression Method
4.3.1. Inner Phase-Shift Accuracy

As seen in Equation (18), the SHE PS modulation utilizes the inner phase-shift, which
equals half of the oscillation period to eliminate the HFO. When the frequency was high,
the phase-shift accuracy should be considered due to the time resolution of the controller
and the non-ideal factors of the circuit, i.e., different time delay of the driver signals.

Considering the f (tIph) with different inner phase-shifts, we drew the curve of oscil-
lation amplitude vs. the inner phase-shift, as shown in Figure 9. The amplitude value
decreased when the inner phase-shift was applied, and it reached its optimal point when
tIph = 0.5Tosc. The VSA still fell to the half of the unsuppressed value when applying the
inner phase-shift even with ±30% error, which verifies the robustness of the method in
terms of inner-phase accuracy.
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Figure 9. Oscillation amplitude vs. inner phase-shift.

4.3.2. Asymmetrical Splitting Inductances

The oscillation frequency changed with the varying splitting inductances according
to (11), which could be verified in the simulation results in Figure 10. Two cases of
splitting inductances were considered: the symmetrical case with Lph1 = Lph2 = 160 μH,
and the asymmetrical case with Lph1 = 50 μH, Lph2 = 274 μH. The simulated waveforms
show that the voltage and current oscillations were immigrated to a negligible level for
both the symmetrical and asymmetrical situations when the SHE PS modulation method
was adopted.
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Figure 10. Simulated waveforms with different splitting inductances. (a) Transformer voltage;
(b) transformer current.

4.4. Comparison with Other Suppression Methods

The proposed active method was from the perspective of the excitation source. The
comparisons between the proposed method and the existing methods in the literature [8–13]
are listed in Table 2.
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Table 2. Overall comparison with other methods.

Methods Mode Applicable Topology Branch Parameters Implementation Complexity

[8,9] Passive DAB Only symmetrical parameters are considered. Moderate

[10] Passive DAB Only asymmetrical parameters are considered
with N1 : N2 �= 1 Moderate

[11] Passive DAB Only asymmetrical parameters are considered. Difficult

[12] Passive DAB Only asymmetrical parameters are considered
with N1 : N2 �= 1 Moderate

[13] Active Modular MAB Only symmetrical parameters are considered. Easy

Proposed method Active DAB, MAB Effective with both the symmetrical and
asymmetrical parameters Easy

The existing methods in [8–12] are passive methods. For [8,9], external capacitors were
connected in parallel with the drain and source of the MOSFET to modify the dv/dt of the
AC voltage of the bridges, which limited the switching speed of the devices. Additionally,
the analytical model in [8] was based on the symmetrical parameters with the same two
phase-shift inductors on the primary and secondary sides, respectively. On the contrary, the
model in this article considered the asymmetrical parameters. In practice, the parameters
for the MAB were not always symmetrical for the different branches.

The method in [11] optimizes the stray capacitance of the transformer by the optimal
design of the transformer in the DAB converter, which is difficult. For the MAB with more
windings, the design complexity was increased.

The different effects of the phase-shift inductors of the primary and secondary side on
the impedance of the resonant tank were analyzed. The asymmetrical splitting inductances
with the transformer turn ratio N1:N2 �= 1 were utilized to suppress the oscillation by
modifying the ZCP of the AC impedance of the circuit in [10,12]. For MAB, the optimization
of the splitting inductances for all the branches was quite difficult.

The method in [13] utilized a similar method to eliminate the high-frequency oscillation
of the AC bus in MMAB. However, only the symmetrical parameters were considered.
Compared with [13], the more general situations with the asymmetrical inductances were
taken into consideration when establishing the HF voltage oscillation model. The proposed
active method showed the effectiveness with both the symmetrical and asymmetrical
parameters, as shown in Figure 10.

5. Experimental Validation

The TAB prototype described in the article was set up to verify the proposed method,
which is shown in Figure 11. The SiC MOSFET from Cree C3M0075120K (1200 V 23 A) was
utilized as the switching device in the H bridge. Nanocrystalline alloy magnetic core VAC
W342 was used to make the transformer. It was convenient to set up the DAB converter by
replacing the three-windings transformer with a two-windings transformer.

Figure 11. Experimental prototype.
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Figure 12 shows the waveforms of the DAB prototype for the forward power flow:
VP1 = VP2 = 250 V. The phase shift duty between the primary side and second side was 0.4.
The VSA was 238 V. Figure 8b shows the waveforms after the SHE PS modulation method
was utilized. The inner phase-shift time was 400 ns, which was half of the oscillation period.
The VSA was reduced by 94.1% from 238 V to 14 V.

(a) (b)

Figure 12. Waveforms of the DAB converter with forward power flow (D = 0.4): (a) no suppression;
(b) with the SHE PS method.

Figure 13 shows the waveforms for the reverse power flow. The phase-shift duty
between the primary side and second side was −0.4. The VSA was 173 V. Figure 13b shows
the waveforms after the SHE PS modulation method was utilized. The inner phase-shift
time was 400 ns, which was half of the oscillation period. The VSA was reduced by 93.1%
from 173 V to 12 V.

(a) (b)

Figure 13. Waveforms of the DAB converter with reverse power flow (D = −0.4): (a) no suppression;
(b) with SHE PS method.

Figure 14 shows the waveforms of the TAB prototype: VP1 = VP2 = VP3 = 250 V. The
phase shift duties D1, D2 and D3 were 0, 0.2 and 0.3, respectively. The oscillation period
was 0.92 μs. Figure 14b shows the waveforms after the SHE PS modulation method was
utilized. The inner phase-shift time tIph was 460 ns, which was half of the oscillation period.
The VSA was reduced by 92.1% from 151 to 18 V.
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(a) (b)

Figure 14. Waveforms of the TAB converter with forward power flow (D1 = 0, D2 = 0.2, D3 = 0.3):
(a) no suppression; (b) with the SHE PS method.

Figure 15 shows that the waveforms with the phase-shift duties D1, D2 and D3 were 0,
−0.2 and −0.3, respectively. Figure 15b shows the waveforms after SHE PS modulation
method was utilized. The VSA was reduced by 86.0% from 107 to 15 V. Figure 16 shows that
the waveforms with the phase-shift duties D1, D2 and D3 were 0, 0.2 and −0.3, respectively.
The VSA was reduced by 77.8% from 63 to 14 V.

(a) (b)

Figure 15. Waveforms of the TAB converter with reverse power flow (D1 = 0, D2 = −0.2, D3 = −0.3):
(a) no suppression; (b) with SHE PS method.

(a) (b)

Figure 16. Waveforms of the TAB converter with reverse power flow (D1 = 0, D2 = 0.2, D3 = −0.3):
(a) no suppression; (b) with the SHE PS method.
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Figure 17 shows the harmonics spectrum of the transformer voltage ut in the TAB in
Figure 14. The harmonics around the oscillation frequency were obvious mitigated where
the amplitude of the harmonics with the oscillation frequency was decreased by 77.1%
from 35 V to 8 V when the SHE PS method was utilized.

Figure 17. Harmonics spectrum of the transformer voltage in the TAB converter.

The efficiency curve of the DAB prototype is shown in Figure 18, where VP1 = VP2 = 220 V.
When the HFO was suppressed, the efficiencies were increased by 0.3~0.4% after the
SHE PS modulation method was utilized.

 (%
)
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95

94

93

92

Active suppress
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Figure 18. Efficiency curve of the DAB prototype.

6. Conclusions

This article studied the HFO of active-bridge-transformer-based DC/DC converters in-
cluding DAB and MAB converters. Ignoring the AC resistance in the circuit, the high-order
model of the voltage oscillation could be reduced to a second-order system. On top of that,
a simplified and general HFO model for DABs and MABs with asymmetrical inductances
was proposed. Then, the HFO was analyzed from a time domain prospective. Finally,
a universal active SHE PS modulation method to suppress oscillation was investigated.
Finally, the effectiveness and generality of the method were verified by DAB and MAB
experimental results. To summarize, the SHE PS modulation suppression was applicable
for DAB and MAB. No additional circuits were required to mitigate the HFO problem for
the existing equipment, so redesigning or changing the transformers and inductors was not
needed. It was easy to implement. This simple short-circuit test could be used to pre-obtain
the inner phase-shift as well as for the accurate measurement of the stray parameters.
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Abstract: The success of modular multilevel converters (MMCs) in high-voltage direct current
(HVDC) applications has fueled the research on modular converter topologies. New modular
converter topologies are often proposed, discussed, and sometimes applied in HVDC, as well as
other industrial application such as STATCOMs, DC/DC HVDC, medium-voltage direct current
(MVDC), etc. The performance evaluation of new modular converter topologies is a complex and
time-consuming process that typically involves dynamic simulations and the design of a control
system for the new converter topology. Sadly, many topologies do not progress to the implementation
stage. This paper proposes a set of key performance indicators (KPIs) related to the cost and footprint
of the converter and a procedure designed to rapidly evaluate these indicators for new converter
topologies. The proposed methodology eliminates the need for dynamic simulations and control-
system design, and is capable of identifying whether a particular converter is worth considering or
not for further studies of a specific application, depending on the operating requirements. Thanks
to the method outlined in this work and via the key parameters quantifying the “relevance” of the
analyzed converters, promising topologies were easily identified, while the others could be rapidly
discarded, resulting in saving valuable time in the study of the solutions that have a real potential.
The proposed method is first described from a general point of view and then applied to a case study
of the new converter topology—Open-Delta CLSC—and its application in two use cases.

Keywords: HVDC; converter topologies; sizing; Open-Delta; key performance indicators

1. Introduction

High-voltage direct current (HVDC) technology nowadays represents the most ad-
vantageous technical solution to problems such as long-distance energy transmission,
asynchronous AC system interconnection, interconnection of different regions requiring
submarine and underground cables, and transmission of offshore wind power to shore [1,2].
The ability to efficiently connect large renewable energy sources located far away from the
main loads is rapidly expanding the installation of HVDC lines in areas such as northern
Europe and across China [3–6].

The crucial elements of HVDC transmission, from both a technological and ultimately
a cost point of view, are the power electronic converters, which allow the AC/DC energy
conversion and vice versa. Thus, a great amount of research has been and still is currently
directed toward the investigation of new and more advantageous HVDC converter topolo-
gies. The modular multilevel converter (MMC) [7] currently represents the most accepted
solution in new installations, in spite of the many variations that have been proposed [8–11]
and the many more new topologies that have attempted to challenge it [12–15] (to cite only
a few of them).

The advantages of the MMC, such as independent active and reactive power controls,
modularity, and reduced filtering requirements, have made this modular technology inter-
esting even in other applications such as STATCOMs [16] and HV DC-DC converters, [17,18]
and in medium-voltage (MV) applications [19].
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To understand whether a new topology is beneficial and can potentially compete in
the marketplace with established designs, one should identify the key strengths of the
proposed solution and any potential weaknesses. This process should be done in the most
efficient manner possible in order to discard topologies that do not bring significant benefits
early in the development process. A typical approach is to define a set of key performance
indicators (KPIs), but it is difficult to find a general agreement on what those KPIs should
be, as the works comparing different topologies often make use of different ones [17,18]. A
significant attempt to harmonize them can be traced to [20]. Moreover, a typical approach
to calculation of KPIs adopted up to now involves an extensive use of dynamic simulations,
even for the calculation of steady-state parameters and the acquisition of steady-state
waveforms. The main drawbacks of this approach can be summarized in the following two
points: (1) running simulations makes it necessary to design the control system, which is
not a straightforward and quick task, especially for new topologies; and (2) for a complete
evaluation of the converter performance, multiple simulations must be run in order to
analyze the behavior in different operating conditions, which takes valuable time. Such an
approach is especially wasteful when it is found that benefits offered by the new topology
are not enough to justify commercial interest compared to an already-established solution
in the market.

In this paper, we formalize a methodology that can be applied to the assessment
of a new converter topology in much more efficient manner and that does not require
a substantial simulation effort to assess whether further development of the converter
topology is worth pursuing for a particular application. This methodology rapidly provides
the data necessary for a manufacturer to choose whether the converter under scrutiny has
no interest or represents a valid solution, thereby justifying additional studies on it. To
the best of the authors’ knowledge, there are no papers that describe and discuss similar
general procedures. In addition, we identify and propose a set of general KPIs that can
be used universally in the assessment of topologies with different weightings applied,
depending on the application. A practical application of the proposed methodology is also
presented in order to demonstrate the efficiency of the method.

The paper is structured as follows. In Section 2, the methodology is presented, and
particular aspects of its application are discussed. In Section 3, generic KPIs are defined
and a calculation method is presented. In Sections 4 and 5, the proposed methodology is
applied in a case study of a new topology called the “Open-Delta Capacitor Link Series
Converter (CLSC)” [21], which is compared to the half-bridge modular multilevel converter
(MMC) used as a reference topology. Finally, in Section 6, the KPIs are presented and
compared for the topologies under study. The conclusions drawn in given in Section 7.

2. Topology Assessment Methodology

The goal of the proposed methodology was to minimize the development effort
required to identify whether a new topology can be a serious contender to replace an
existing design in practical applications. Such a methodology must avoid the necessity
of the control-system design and the repetition of a significant number of simulations,
so that weak topologies can be immediately identified and discarded, while time can be
saved and better invested in analyzing converter architectures that have a real potential.
To address this goal, we proposed to focus our analysis on the steady-state operation of
the topology; if no significant benefits are shown, it is unlikely the topology would be of
interest in industrial applications, and there would be no need to develop it further.

A simplified block diagram of the proposed procedure is shown in Figure 1. It begins
with the definition of the requirements of the application and identification of the topology
optimization approached, followed by the derivation of the converter equations that shall
consider the energy balance within the converter. Theoretical investigation are continued
with the implementation of the derived equations in a mathematical analysis tool such as
MATLAB. Once implemented, the full operation domain can be swept quickly to identify
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the best and worst operation conditions and compute the associated KPIs. These steps are
explained in detail in the next section.

Figure 1. Topology assessment methodology.

2.1. Definition of the PQ Operating Domain

When assessing the benefits of a topology, it is very important to define the application
and the requirements that are expected by the converter in the target application. It might
be tempting to define the widest requirements possible to cover all possible applications;
this approach is interesting academically, but it can miss some of the topologies that can
bring advantages to one application but cannot be applied universally. Moreover, this
approach can lead to oversizing of the converter. In a grid-connected converter, the key
features defining the operating domain are the requirements for the active and reactive
power values that the converter must provide. These determine the “PQ-domain” for
which the converter must be sized.

Four different PQ-domains can be identified for applications within electrical grids.
These profiles are shown in Figure 2. The rectangular PQ domain [22] shown in Figure 2a
is common in HVDC applications, and represents the maximum requirements. On the
other hand, for converters used in medium-voltage direct current (MVDC) applications,
a “butterfly PQ domain” [23] is more common; this domain is characterized by the fixed
minimum cos(ϕ) as shown in Figure 2b. Other typical PQ domains are represented by
the STATCOM shown in Figure 2c and the MVDC load converter shown in Figure 2d. In
the case of STATCOM, the domain can be asymmetrical; i.e., the max inductive power is
greater than the max capacitive power (or vice versa). For MV loads, the converter only
absorbs the active power, and the sign of the active power never changes.

Figure 2. Typical PQ domains for grid-connected converters: (a) rectangular profile; (b) butterfly
profile; (c) reactive power only; (d) zero-Q load.
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2.2. Definition of Constraints and Degrees of Freedom

It is usually possible to optimize/design a topology in different ways that somehow
depend on the application. Therefore, it is important to decide which parameters of the
topology shall be fixed and which ones can be changed to achieve the optimum design.
This leads to the definition of the:

• Degrees of freedom—parameters used to optimize the overall sizing.
• Constraints or constant parameters—parameters that must be the same for all the

converter topologies in order to allow for a fair comparison between them.

These parameters change depending on the topology and the application. To provide
some guidance, typical options are presented below.

Typical degrees of freedom:

1. Transformer secondary side voltage.

Typical constant parameters:

1. Submodule rated voltage;
2. Maximum stack voltage ripple;
3. Maximum DC voltage ripple.

2.3. Definition of the Steady-State Characteristic Equations Guaranteeing the Converter
Energy Balance

The next step is to write the characteristic equations of the converters in a steady state
based on the parameters reflecting constraints and degrees of freedom, as well as the PQ
operating domain. This means analytically defining the current and voltage across each
element of the topology. At this stage, only the ideal voltage and current waveforms during
steady-state operation are considered. This implies that the voltage of the stacks does not
present the staircase shape, which is characteristic of multilevel converters, but is rather
assumed to be smooth and as close as possible to its ideal waveform. For most applications,
the waveforms are considered to have just DC and one AC components.

An important point to consider during this stage is the energy balance inside the
converter, and each single stack must be satisfied; i.e., estack(t) = estack(t + T), where estack
is the instantaneous energy stored in the stack and T is the fundamental period. Moreover,
for sizing purposes, the components are considered to be ideal; i.e., all the power losses
are neglected. This means that the waveforms are calculated while assuming that the
component voltage drops have a negligible impact on them. The waveforms computed
with this assumption are later used to calculate losses.

2.4. PQ Domain Sweeping, Sizing Work Point Identification, and KPI Calculations

Once the characteristic equations have been defined, the entire PQ operating domain
can be swept in order to identify the most critical operating condition, on which the
converter sizing has to be based. At the same time, the degrees of freedom must be selected
so that the most advantageous sizing in the most critical working conditions is obtained.

Finally, all the KPIs are computed and are ready to be compared between the topologies
under investigation.

3. Converter KPI Identification

As described in [24], the interest in a particular converter configuration depends
mainly on the converter’s cost, size, and efficiency. The cost data is normally confidential,
and only manufactures can accurately assess it. Regarding converter size, at least a pre-
liminary design must be established to estimate the converter’s footprint. For that, the
size of each element should be roughly assessed, as well as the needed clearance distance
between them. This is not generally done during the early stages of development of a
new promising topology, as it requires a good understanding of the considered topology.
Therefore, it is important to identify the parameters or KPIs able to suitably represent those
aspects without entering into a time-consuming detailed design.
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Before presenting the KPIs, it is important to define the basic element of a modular
converter, commonly known as the “stack”. The term “stack” is usually adopted to describe
a certain number of submodules, which can be both of the half-bridge (HB) and/or the
full-bridge (FB) type, which are connected in series as depicted in Figure 3. The voltage
created by the stack vreal

stack is given instant-by-instant by the number of capacitors that are
inserted in the circuit, and it is characterized by the typical “staircase” profile. Whereas
the videal

stack considered in this study is the first harmonic approximation of the instantaneous
voltage vreal

stack. A “stack” is further characterized by NSM, the total number of SMs inside it;
and VSM, the rated SM voltage.

Figure 3. General submodule stack consisting of both HB and FB SMs.

This structure is used in MMCs, as well as in STATCOMs, cascaded H-bridges (CHB),
and other converters adopted for the AC/DC or DC/DC conversion in HVDC or MVDC
applications.

In our view, the KPIs presented below provide a solid basis on which the converter
costs and footprint can be evaluated in the early stages of development.

1. Transformer number and their sizing power (NT,ST). these parameters are related
to the cost and volume of the transformers. In HVDC applications, single-phase trans-
formers are usually preferred over three-phase transformers (due to transportation
constraints) and, as long bushings and clearance distances are needed, the number
of transformers has a significant impact on the station footprint. This KPI is high-
lighted here; even if the standard number of transformers is three for AC/DC HVDC
converters, it can be different for other topologies.

2. Submodule (SM) number (NSM). In the set of the KPIs proposed, this represents
the footprint of the converter to the highest degree. It is related to the number of
interconnections between the submodules and mechanical assemblies, the number of
capacitor voltages to measure, and the number of discharge circuits (as well as the
number of bypass circuits, depending on the manufacturer’s technical choices). As
the submodules correspond to the major cost of the converter, they also relate to the
cost, but other KPIs provide a better representation of the cost.

3. Semiconductor switch total sizing power (SSW). This is related to the “quantity of
silicon” (voltage the semiconductors must withstand and the current passing through
them), and therefore is related to the converter cost. In simple terms, it represents the
sum of the sizing power of all the switches.

4. DC voltage ripple (R02pk). This is related to the converter’s cost and volume, as it
indicates whether an additional filter is needed on the DC side.

5. Submodule cell capacitance (CSM). This is mainly related to the SM size (which is
important regarding its ability to handle it during the construction phase and during
replacement operations for faulty ones). It is also related to the energy stored in an
individual submodule, which is a constraint for the devices in the fault current path
in the case of an SM internal short-circuit.
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6. Stored energy (Wstored). This parameter quantifies the energy stored in the converter,
which is mainly due to the SM capacitors (but it also takes into account the energy
stored in the inductors), which represent the major part of the SM volume. Therefore,
this parameter is linked to the converter volume.

7. Switch number (NSW). This has a main influence on cost.
8. Power loss (PL). This is related to the converter’s efficiency and then the operation

costs, but also to the constraints on the thermal-management system (impacts on cost
and footprint).

Most of the KPIs defined above are straightforward; however, some others must be
clearly defined mathematically. More specifically, a closer focus must be placed on the
calculations of the SM capacitance CSM and the total switch sizing power SSW .

3.1. Per Unit System

In this paper, the calculations were carried out on a per unit (PU) basis in order to
generalize the results and the comparison between topologies. The bases used for the PU
calculations were:

• The DC voltage VDC;
• The maximum DC current IDC,max;
• The power base, which is given by: PDC,max = VDC IDC, max.

3.2. Submodule Capacitance Calculation

The sizing of the submodule capacitors was carried out by following the approach
described in [25]. For a given submodule stack, the submodule capacitors can be found
using the following equation:

CSM =
Δemax

stack

2NSMVpu
SM,N

2δVmax
stack

IDC,max

VDC
(1)

where NSM is the number of submodules in the stack, Vpu
SM,n is the submodule rated voltage

on a PU basis, and δVmax
stack is the maximum stack voltage variation allowed, defined as:

Vpu
SM,N =

VSM,N

VDC
(2)

δVmax
stack =

max
{∣∣∣vreal

stack(t)− Non
SM(t)VSM,N

∣∣∣}
VSM,N

(3)

where Non
SM is the instantaneous number of SMs inserted in the circuit, vstack

real is the istan-
teneus stack voltage in V, and VSM,N is the rated SM voltage in V, Δemax

stack is the maximum
energy variation over the period, and it can be found by using the following equation:

Δestack = emax
stack − emin

stack (4)

where:
emax

stack = max{estack(t)} , emin
stack = min{estack(t)} (5)

In which:

estack(t) =
t∫

0

vpu
stack(τ)i

pu
stack(τ)dτ (6)

Please note that the unit of estack is seconds; namely: estack[s] = Estack[J]/PDC,max[W].
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3.3. Total Semiconductor Switch Sizing Power

The total semiconductor switch sizing power for a single stack depends on the maxi-
mum current and voltage ratings of the stack and the type and the number of the submod-
ules in the stack, and is defined by Equation (7):

SSW =
2NHB + 4NFB

NHB + NFB
Vpu

max Ipu
max = NSWVpu

SM,N Ipu
max (7)

where NHB and NFB are the numbers of HB and FB SMs in the stack, respectively. Know-
ing that:

NSW = 2NHB + 4NFB (8)

and
NSM = NHB + NFB (9)

then:
SSW = NSWVpu

SM,N Ipu
max (10)

in which:

Ipu
max = max{istack(t)}/IDC,max , Vpu

max = max
{

vstack(t)

}
/VDC (11)

In other words, Equation (7) is the sum of the power ratings of each switch of the
converters, and therefore is linked to the “quantity of silicon” necessary.

3.4. Power Loss

To calculate power losses, a choice of the semiconductor device must be made. Once
this choice has been made, then power losses can be evaluated. To estimate the power loss,
both conduction and switching losses must be evaluated. For high-power MMC convert-
ers, the device’s switching frequency is close to the line frequency, and switching losses
contribute less than 25% of the total losses; these are highly dependent on the capacitor
voltage-balancing algorithm (VBA) and cannot be analytically calculated. Moreover, con-
duction losses and switching losses are related to the number of switches and the current
passing through them. Therefore, we proposed to concentrate on the conduction losses
only as the indication of the converter’s efficiency.

Without a loss of generality, when considering an IGBT, its conduction power losses
are quantified by the following relation:

PL =
1
T

T∫
0

|vCE(t)iC(t)|dt (12)

where vCE is the IGBT collector–emitter voltage and iC is the collector current. It can be
easily proven that:

PL = VCE0 |iC| + RCE0 I2
C,rms (13)

where VCE0 and RCE0 can be extracted from the manufacturer’s datasheet, as shown in
Figure 4; |ic| is the mean value of the absolute value of the collector current; and IC,rms is
the rms collector current. The same procedure can be applied to the free-wheeling diode.

Once the conduction power loss is defined for the single switch, the total conduction
power loss calculation can be extended to the entire converter, as shown in the follow-
ing sections.
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Figure 4. Collector current–collector emitter voltage curves for the IGBT (left); forward current–
forward voltage curves for the associated freewheeling diode (right).

4. Definition of Case Studies

To demonstrate the proposed methodology, it was applied to a new topology called
the “Open-Delta Capacitor Link Series Converter (CLSC)” [21], which was compared to
the half-bridge modular multilevel converter (MMC) that was used as a reference topology.
In order to demonstrate the importance of the defining target application when analyzing
new topologies, two scenarios were considered. These two scenarios were defined by
different PQ domains, as they corresponded to different real applications (HVDC and load
converter). In the first scenario, a rectangular PQ domain was used; for the second scenario,
a zero-Q load was used.

The characteristic equations are reported as a function of the PQ work point, the
degrees of freedom, and the constraints.

For the analysis of the topologies, a PU system based on DC side values was adopted
as described in Section 3.1. For both topologies, the secondary transformer voltage (peak
value, phase to phase) Rv was considered as a degree of freedom. It was defined as:

Rv =
√

2V ′′ /VDC (14)

4.1. MMC

The well-known structure of the MMC is shown in Figure 5.
To derive steady-state equations for the converter, the following assumptions were made:

• The voltage drop determined by the transformer was negligible.
• The voltage drop on the arm inductance was negligible.
• The DC current source was ideal.

With reference to Figure 5, and considering the upper arm connected to the a phase,
one has in PU: {

vU,pu
a,arm = vU,pu

a,arm,AC + 1/2

iU,pu
a,arm = iU,pu

a,arm,AC + 1/3
, (15)

where:
vU

a,arm,AC =
√

2Epu
Ua sin(ωt) +

√
2Epu

Ua

(
1 − kII I

)
sin(3ωt) (16)
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Figure 5. Modular multilevel converter.

The second term in the formula describes a third harmonic injection with the following
amplitude [26]:

Epu
Ua = − Rv√

6kII I
, (17)

where kII I =
√

3/2.
On the other hand, the AC components of the current are defined as:

iUa,arm,AC =
√

2Ipu∗
AC sin(ωt − ϕ) (18)

where:

Ipu∗
AC =

Ipu
AC

2kII I (19)

in which:

Ipu
AC =

√
2
3

√
p2 + q2

Rv
(20)

ϕ = atan2(q, p) (21)

where p and q are the active and reactive power in PU, respectively:

p [pu] = P [W]/PDC.max [W] (22)

q [pu] = Q [Var]/PDC,max[W] (23)

It could be easily verified for all p, q, and Rv that the arm energy balance was satisfied;
in other words, the condition eU

arm,a(t0) = eU
arm,a(t0 + T), where T = 20 ms (for a 50 Hz

system) and eU
arm,a(t) is defined as follows:

eU
arm,a(t) =

t∫
0

vU,pu
a,arm(τ)i

U,pu
a,arm(τ)dτ (24)

The MMC equations as a function of p, q, and Rv that were able to satisfy the arm
energy balance in every operating condition were obtained. These equations were im-
plemented in a MATLAB script able to sweep a large number of working points in the
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expected PQ domain and return the sizing of the converter based on the most critical
condition. Figure 6 shows the energy variation over the period for the following p and q
values: p = [0 0.25 0.5 0.75 1], q = [−0.3 − 0.15 0 0.15 0.3]; and for Rv = 0.866.

Figure 6. MMC arm energy variation over the period in 25 different PQ work points.

Considering that at any given time, only half of the switches in the submodule con-
ducted the current, then conduction current losses could be calculated according to (25):

PMMC
L,cond = 3Narm

SW

[
Veq |iarm| max + Req Irms

arm,max
2
]

(25)

where: Veq = (VDE0 + VCE0)/2 and Req = (RCE0 + RDE0)/2, and Narm
SW represents the

number of installed arm switches.

4.2. Open-Delta CLSC

The open-delta CLSC converter topology is shown in Figure 7. It consisted of two
transformers, two phase elements (PEs) comprising a SM stack and the series capacitor Cs,
an active filter (AF) (which was an SM stack), and the DC-link capacitor CDC. The only
nonphysical components in the schematic are the reactors, which represent the transformer
leakage inductance.

The open-delta CLSC converter adopted the same PEs of the three-phase CLSC [27];
however, the transformers were connected following the open-delta scheme [21]. This
converter belongs to family of the converters whose PEs are connected in series, such as
the SBC [22,28] or the converter presented in [15], but only two single-phase transformers
were employed. In order to create a symmetric and balanced load/generator from the grid
standpoint, the current and voltage had to be properly controlled by the two phase elements.

This topology had the advantage of using only two transformers and no arm inductors
but it was not possible to verify at first glance how it compared with a state-of-the-art
MMC regarding other KPIs: even if there were only two phase elements, the number of
submodules and switches could not be immediately found; in addition, it was not obvious
how the submodules’ ratings compared with those of the MMC. Those considerations
paved the way for the analysis of this new topology via the procedure outlined in this
paper. The resulting KPIs were then compared with the ones from the MMC.
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Figure 7. Open-delta CLSC converter.

In order to form a symmetric and balanced three-phase system, the open-delta current
and voltage vector diagram must be the one shown in Figure 8. In particular, the converter
control must always ensure that:{

v1
′′ = vab

v2 ′′ = vbc

{
i1 ′′ = ia
i2 ′′ = −ic

(26)

It appeared that the phases carried the same amount of active power only when the
reactive power was zero (i.e., when ϕ = 0).

It was verified that:{
pAC1 = 3p−√

3q
6

qAC1 =
√

3p+3q
6

,

{
pAC2 = 3p+

√
3q

6

qAC2 = −√
3p+3q
6

(27)

where pAC1, qAC1, pAC2, and qAC2 are the active and reactive power flowing through phases
1 and 2, respectively, as shown in Figure 9. In general, since ϕ �= 0, then pAC1 �= pAC2;
and since the average values of vPE1 and vPE2 were equal to VDC/2, then an additional
flow transferring power from PE1 to PE2 (or vice-versa) had to arise in order to maintain
the energy balance in the phase elements. Such additional power flow, which can be
called “circulating power flow” (pC in Figure 9), was controlled by an appropriate voltage
injection from the active filter (AF). Finally, the sizing of the DC-link capacitor was uniquely
determined by the max acceptable voltage ripple on the DC side.

Equation Definition

The following assumptions were made:

• The series connection of the capacitor Cs and the transformer inductance LT deter-
mined a perfect series-resonance.

• An ideal DC current source.
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Figure 8. Open-delta phasor diagram.

Figure 9. Series open-delta CLSC power flows.

With reference to Figure 7, the characteristic equations of the open-delta CLSC con-
verter are the following:{

vab = Rv sin(ωt)

vbc = Rv sin(ωt − 2π/3)

⎧⎨⎩ ia =
√

2Ipi
AC sin(ωt − ϕ − π/6)

ic =
√

2Ipu
AC sin(ωt − ϕ − 3π/2)

(28)

where Ipu
AC is defined in (20), and ϕ in (21).{

vPE1 = vab/kT + 1/2

vPE2 = vbc/kT + 1/2

{
i′′1 = kTia

i′′2 = −kTic
(29)

where kT is the transformation ratio. It could be easily verified that the voltage that had to
be injected by the AF in order to be in an energy-balanced operating condition and that
guaranteed the Pes’ energy balance at the same time is:

vAF =

(
Rv + rmax

02pk
q

qmax

)
sin(ωt + 2π/3) (30)

128



Energies 2022, 15, 3492

where rmax
02pk is the maximum zero to peak voltage ripple on the DC capacitor and qmax is

the maximum reactive power in PU. Therefore, the DC side voltage can now be written as:

vC = vPE1 + vPE2 + vAF = 1 + rmax
02pk

q
qmax

sin(ωt + 2π/3) (31)

It is interesting to note when using (31) that no voltage ripple appears when q = 0,
which is also in accordance with what is stated by Equation (27). In other words, when
the reactive power was zero, there was no power circulation between the Pes, and thus no
voltage ripple on the DC side. Indeed, the current flowing through CDC is:

iC = rmax
02pkωCpu

DC
q

qmax
sin
[
ωt +

π

6
+

π

2
(1 − sign(q))

]
(32)

where:
Cpu

DC =
2Rvqmax

3ωrmax
02pk

(33)

being:

CDC = Cpu
DC

IDC,max

VDC
(34)

Again, using (32), it is possible to observe that no current flows in the DC-link capacitor
when q = 0. Figure 10 depicts the current and voltage phasors involved in the power
circulation between the PEs.

Figure 10. Open-delta CLSC PE and AF phasor diagram.

All the remaining equations can be found straightforwardly. The voltage on the series
capacitors is defined in (35):⎧⎪⎪⎪⎨⎪⎪⎪⎩

vCs1 = −VDC/2 + 1
C

t∫
0

i′′1 (τ)dτ

vCs2 = −VDC/2 + 1
C

t∫
0

i′′2 (τ)dτ

(35)

The current flowing through the PEs and the AF is defined in (36):⎧⎨⎩
iPE1 = i′′1 − iDC − iC
iPE2 = i′′2 − iDC − iC
iAF = iDC + iC

(36)
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Finally, remembering that only half of the installed switches conducted the current at
the same time, then the conduction current losses can be calculated using (37):

POΔ−CLSC
L,cond = Veq

[
NPE

SW |iPE| +
NAF

SW
2

|iAF|
]
+ Req

[
NPE

SW Irms 2

PE +
NAF

SW
2

Irms 2

AF

]
(37)

where NPE
SW and NAF

SW represent the number of PE and AF installed switches, respectively.
The same switch chosen for the MMC was utilized here for the power-loss computation [29].

5. Sizing Results

The sizing results obtained following the outlined procedure are shown in this section
as a function of Rv. Table 1 reports the numerical values of the main parameters: the
extreme p and q values were chosen to be ±1 and ±0.3, respectively.

For calculation of the conduction power losses, the 5SNA 1800G330400 HiPak IGBT
module was adopted; its datasheet can be found in [29].

Table 1. Parameter numerical values for both of the converters.

Name Symbol Value

DC voltage VDC 640 kV

Rated power PDC,max 1 GW

Max reactive power Qmax ±0.3PDC,max = ±330 MVar

Transformer impedance Xcc% 10%

IGBT collector–emitter forward voltage VCE0 1.3 V

Freewheeling diode forward voltage VDE0 1.3 V

IGBT on resistance RCE0 0.79 mΩ

Freewheeling diode forward voltage RDE0 0.46 mΩ

5.1. MMC

Figure 11a shows the voltage and the current waveforms for the upper arm connected
to the phase a in one particular working condition. In the voltage waveform, it is possible
to notice the third harmonic injection. Figure 11b, on the other hand, shows the maximum
arm voltage and current as a function of the transformer secondary side voltage. It can
be observed that the max arm voltage increased linearly with Rv, as this parameter was
proportional to the secondary side voltage of the transformer; consequently, the maximum
current was proportional to 1/Rv.

Figure 11. Upper a arm current and voltage waveforms at p = 1, q = −0.3, Rv = 0.866 (a); max and
min arm voltage and current (b).
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The total number of submodules and the total switch sizing power can be observed
in Figure 12a,b, respectively. Again, it can be observed that the SM number increased
linearly with Rv as expected, while the sizing power slowly decreased. Assuming that only
half-bridge (HB) SMs were present, then the total switch number could be obtained by
simply multiplying the SM number by 2.

Figure 12. MMC submodule number (a); MMC total switch sizing power (b).

Figure 13a shows the dependence of the SM capacitance on Rv, while the energy stored
in the MMC while also taking into account the arm inductors is shown in Figure 13b.

Figure 13. MMC submodule capacitor (a); MMC total stored energy (b).

It can be seen that for the MMC, there was no obvious optimum value for the Rv.
Therefore, to minimize the losses of the converter, it was chosen to be the maximum possible
value. For an HB MMC, the peak of the secondary phase to ground voltage had to be below
Vdc/2 to ensure the controllability of the converter. Therefore, RvN ∼= 0.866 was chosen,
where the subscript “N” means “nominal”.

Once the nominal Rv was chosen (RMMC
vN = 0.866 in this case), then all the KPIs

could be computed. The KPI values are presented in the final section, where they are also
compared to those of the open-delta CLSC converter.

5.2. Open-Delta CLSC

The sizing results obtained by following the outlined procedure are shown in this
section as a function of Rv. The max zero to peak DC voltage ripple rmax

02pk was set to be equal
to 0.1 PU. The current and voltage waveforms are shown in Figure 14 for a specific working
condition. With reference to Figure 14, since q �= 0, the sum vPE1 + vPE2 + vAF determined
a voltage waveform characterized by a nonzero mean value and a certain ripple that can
be seen in vc. Therefore, the AF was responsible for the power exchange between PEs, as
shown by Equations (30) and (31).
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Figure 14. Open-delta CLSC voltages (a); and currents (b) for p = 1, q = 0.3, and Rv = 0.5.

The maximum and minimum currents flowing through the converter stacks are shown
in Figure 15. Again, it can be noticed that the max and min voltages increased linearly with
Rv while the maximum and minimum currents were proportional to 1/Rv. Additionally, a
DC component was noticeable in the PE voltages, PE currents, and AF current.

Figure 15. Open-delta CLSC max and min voltages (a), and max and min currents (b).

The total SM number and the SM number divided by type and stack are shown in
Figure 16.

Figure 16. Open-delta CLSC SM number divided by type (a), and divided by stack (b).

The switch number and the total switch sizing power are reported in Figure 17. Firstly,
we immediately noticed the presence of a minimum point at Rv = 0.5. This was explained
by the fact that, as Rv increased above 0.5, the number of FB SMs increased, resulting in
an increase in the number of switches, and therefore in the sizing power at the same time.
Secondly, the sizing power curve was quite “steep” as a function of Rv, and therefore was
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strongly dependent on the transformer secondary side voltage (which was not the case
for the MMC, see Figure 12b). This underlined the importance of exploring the converter
sizing as a function of the available degrees of freedom (Rv in this case).

Figure 17. Open-delta CLSC switch number (a), and total switch sizing power (b).

The SM capacitance and the converter’s stored energy are shown in Figure 18.

Figure 18. Open-delta CLSC SM capacitors (a), and stored energy (b).

6. KPI Comparison

This section presents a comparison between the KPIs of the two converters identified
thanks to the procedure outlined above. Two cases were studied in order to show the
importance of the required operating domain in the converter sizing. More specifically, the
KPIs of the two converters derived from a rectangular PQ domain and the cos(ϕ) = 1 line
domain were compared.

In order to compute the KPIs, the degree of freedom Rv must be fixed. It was already
pointed out in Section 5.1 that for the MMC, the choice was RvN = 0.866; however, since the
open-delta CLSC is a new topology, the choice is up to the designer. In Figures 16–18, it can
be noticed that RvN = 0.5 was a good operating point, not only because it corresponded to
the minimum sizing power, but also because it was associated with a low SM and switch
number, and it was close to the minimum stored energy point. The KPIs could then be
obtained simply by selecting the values in the plots shown in Sections 5.1 and 5.2 that
corresponded to the chosen RvN .

Those KPIs were collected in the spider plot shown in Figure 19 in order to compare
the two converters. For a better representation, each KPI belonging to the same type was
normalized with respect to their maximum, so that the external perimeter was always equal
to 1, and their difference was relative.
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Figure 19. KPI spider plot. The notation “1 → x” means that 1 in the spider plot corresponds to the value x.

It can be easily observed that although the MMC had a larger SM and switch number,
it had a much lower sizing power, stored energy, and SM capacitance. This was mainly
because the SMs in the open-delta CLSC were significantly larger than in the MMC. This
can be seen in both the weighted average capacitance and the weighted average current.
The necessity of creating these weighted average quantities resulted from the fact that the
open-delta CLSC had two different types of SM stacks (in PEs and in AF) that were of
different ratings, while the MMC was composed of six identical stacks. Therefore, in order
to be able to compare the SM max current and capacitance with the MMC, it was useful to
define the following quantities for the open-delta CLSC:

Cav
SM =

NSM,PECPE + NSM,AFCAF

NSM + NSM,AF
(38)

Iav
max =

NSM,PE IPE,max + NSM,AF IAF,max

NSM + NSM,AF
(39)

where Cav
SM and Iav

SM are the weigthed average capacitance and max switch current, respectively.
In Figure 19, it can be seen that the MMC was far less sensitive to the choice of the

operating domain than the open-delta CLSC. As a matter of fact, the blue perimeter shrank
significantly when passing from the rectangular domain to the cos(ϕ) = 1 line, while the
red polygon associated with the MMC remained almost unchanged. This fact underlined
the importance of clearly defining the application’s PQ domain. As an example, if a DC
fault-blocking capability is required from the converter, the difference in terms of sizing
parameters becomes smaller, especially the switch sizing power. The DC fault-blocking
capability consists of the ability of the converter to block faults on the DC side by applying,
thanks to the SM capacitors, a sufficiently high voltage of the opposite polarity [30]. The
max voltage available depends on the number of FB SMs in the short-circuit current path;
HB SMs are not able to counteract the fault, as they cannot change the voltage polarity at
their terminals. While the open-delta CLSC had a sufficient number of FB SMs to block the
max DC short-circuit current, at least 50% of the HB SMs had to be replaced by FB SMs
in the MMC. This SM replacement increased the switch number and therefore the MMC
switch sizing power.

7. Conclusions

A new methodology to assess the benefits of a modular converter was described
in this paper. The methodology allows quick informed decisions to be made regarding
whether research into a new topology should be pursued further in the early stages of
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development. The particular strengths of this methodology are that setting up dynamic
simulations and development of the converter’s control-system design are not required,
resulting in significant time savings. A rapid analysis of all the possible work points inside
a prescribed PQ operating domain allows assessment of the converter sizing and evaluation
of critical KPIs. Unless a significant improvement in one of the KPIs is shown, there is
very little probability that the new topology will find success in practical applications, and
further research into it should be stopped.

To demonstrate an application of the proposed methodology, it was applied to two
HVDC converter topologies in order to investigate the potential of a candidate challenger
(the open-delta CLSC) as compared to a reference in the VSC HVDC domain (the half-
bridge MMC). For each topology, the steady-state equations, the PQ operating domain,
and the degrees of freedom were defined; and the converter sizing, together with the
critical KPIs, were calculated. The KPIs extracted from the two converters showed their
differences in terms of their “sizing performance”, and highlighted their dependencies
on the prescribed PQ operating domain (the MMC sizing was slightly affected by the PQ
diagram, contrary to the open-delta CLSC). This not only enabled a quick quantification
of the advantages related to the open-delta CLSC (reduced numbers for submodules and
switches), but also the identification of its drawbacks (sizing power, switch current ratings,
and stored energy). Overall, this case study indicated that the new open-delta topology
did not represents a valid alternative to the classic MMC solution.

The procedure developed in this paper is valid for modular multilevel converters,
as they produce voltage waveforms with a low harmonic content and can be accurately
modeled analytically by ideal waveforms. Future works will investigate the generalization
of the proposed procedure to converters that are not of the modular multilevel type.
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Abstract: The excessive use of fossil fuels has caused great concern due to modern environmental
problems, particularly air pollution. The above situation demands that different areas of research
aim at a sustainable movement to reduce CO2 emissions caused by non-renewable organic fuels.
A solution to this problem is the use of Electric Vehicles (EV) for mass transportation of people.
However, these systems require high-power DC/DC converters capable of handling high current
levels and should feature high efficiencies to charge their batteries. For this application, a single-stage
converter is not viable for these applications due to the high current stress in a switch, the low
power density, and its low efficiency due to higher switching losses. One solution to this problem
is Multiphase Converters, which offer high efficiency, high power density, and low current ripple
on the battery side. However, these characteristics are affected by the current imbalance in the
phases. This paper is focused on the study of the effects of the current imbalance in a Multiphase
Buck Converter, used as an intermediate cover between a power supply and the battery of an EV.
Analyzing the efficiency and thermal stress parameters in different scenarios of current balance and
current imbalance in each phase.

Keywords: battery charger; DC/DC; Multiphase Buck Converter; current balance

1. Introduction

Global warming, climate change, and the destruction of the ozone layer are factors that
are forcing governments to look for feasible solutions to reduce the use of fossil fuels [1,2].
Automotive transportation is a major source of pollution, due to a large number of vehicles
on the road every day around the world. For this reason, the progressive change from
vehicles powered by fossil fuels to electric vehicles, as sustainable mobility, is essential for
helping to solve the environmental problems mentioned above [3]. Although the majority
of electrical energy is indeed generated by non-renewable energy sources, the trends are
being directed towards the generation of energy with renewable energy sources (photo-
voltaic panels, wind generators, fuel cells) [4]. Electric vehicles are a solution that promises
to reduce the damage to the environment, due to their sustainable characteristics described
in [5,6]. Another aspect is the reduction of noise pollution because the electrical engine
noise is almost imperceptible [7,8]. In this way, emissions and noise pollution levels are re-
duced in the places where these vehicles circulate, thus reducing respiratory diseases. Other
advantages of the electric vehicle are related to the efficient use of the energy consumed by
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the electric motor, which is 90% [9]. Unlike the internal combustion engine whose energy
efficiency percentage is between 20% and 25%, that is, only that percentage of thermal
energy is transformed into mechanical energy [10]. The absence of a gearbox contributes to
better acceleration response and excellent kinematic behavior. Moreover, electric vehicles
implement regenerative braking systems recovering energy during this process, a charac-
teristic that conventional vehicles do not have, which produce losses in the form of heat
dissipated due to friction [11,12]. However, there are still many challenges to be addressed
in these complex electrical systems [13]. A clear example is the charging process of electric
vehicle batteries, whose voltage is 48V, and requires high current levels to achieve a fast and
complete state of charge [14–17]. The characteristics of rechargeable batteries have always
been critical in the electric vehicle development [18–21]. To carry out a fast and adequate
process of battery charge, a high power density DC/DC converter is required [2,22,23].
The converters for EV´s battery charging applications must have high power density
with low ripple of current and voltage, especially on the battery side. In addition, the
converter has to meet basic industry requirements, such as high efficiency, low cost, and
compact component size [24]. Several circuit designs for high power applications have been
published [25,26]. Most of these designs require large coupled inductors and high voltage,
high current devices [27]. The size of the components are large, which decreases the power
density [28]. A multiphase converter is a good solution for high power, high current, and
low ripple of voltage and current output applications [29]. The advantages of multiphase
techniques are: reducing the stress on the devices, reducing the filter size, and decreasing
the voltage and current ripple at the converter output [30,31]. However, most published
papers require current sensors in the control loops of each phase to achieve balanced phase
currents and improve the dynamic response of the converter [32–34]. The current imbal-
ance depends mainly on the duty cycle, the inductance, and the parasitic resistances in
each phase that integrate the converter [34,35]. The current imbalance is one of the most
important problems for multiphase converters in practical applications. Several approaches
have been proposed to solve this problem, including current sensor-based [35–37] and
non-sensor-based methods [38,39]. In [38], the current imbalance is caused by variations
in the parasitic resistances of each phase. Most papers are concerned with correcting the
current balance in multiphase converters but do not focus on the study of the physical
effects of this current imbalance on the converter. This paper presents a study of the ef-
fects of the current imbalance in the Multiphase Buck Converter (MBC). To analyze the
disadvantages of the operating converter with current imbalance, an average modelwith
parasitic resistances is proposed to obtain the parameters involved in the current imbalance
phenomenon in each phase. In addition, the physical effects of the converter in current
balance and imbalance are experimentally compared. Figure 1 shows the schematic of the
four-phase MBC for electric vehicle battery charging. The EV battery charger considers an
MBC, which has been designed with four phases, where (VG) is the input voltage and Vo
is the output voltage. The output current is formed by the four phases of the converter,
making this structure ideal for fast battery charging. Finally, this paper is organized as
follows: Section 2 describes the converter operation and shows the equations for sizing of
the passive elements. In Section 3, the average model and the effects of parasitic resistors on
the DC current balance are presented. Section 4 presents the effects of parasitic resistances
in the converter. Section 5 presents the experimental results and, finally, Section 6 presents
the conclusions and recommendations.
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Figure 1. MBC consisting of four phases for battery charging in EVs.

2. Operation of the Multiphase Buck Converter

The converter presents two modes of conduction: Continuous Conduction Mode (CCM)
where the inductor current never reaches zero, and Discontinuous Conduction Mode (DCM)
where the inductor current is zero during an interval of time in this paper; only the CCM is
analyzed. The MBC is proposed for EV battery charging applications operating with overlapping
control signals. The equivalent circuits proposed for the “ON and OFF” operating modes are
only valid for the following duty cycle operating range 0.25 < D < 0.5. The CCM has different
operating states during a switching period (Ts), four in “ON mode” which correspond to turning
ON switches Q1, Q2, Q3 and Q4 with 90° delay between each phase, while the diodes remain
ON except for the diode where switch Q is active. Figure 2 presents the operating states in “ON
mode” considering the duty cycle signals (D) of each phase in a switching period.
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Figure 2. During the battery charging process, the equivalent circuits in “ON mode” for each phase
elements, (a) D1t2, (b) D2t4, (c) D3t6, (d) D4t8.
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During OFF mode, there are overlaps in the control signals, during a lapse of the switch-
ing period. The switch Q1 overlaps with the next phase that is 90° away; this phenomenon
occurs for each phase in turn. Phase four overlaps with the next switching period. With the
overlap of the control signals, the source (VG) is always present in the eight operating states of
the converter. Figure 3 shows the four equivalent circuits of the OFF mode.
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Figure 3. During the battery charging process, the equivalent circuits in “OFF mode” for each phase
elements, (a) D1D2t3; (b) D2D3t5; (c) D3D4t7; (d) D4D1t1.

Figure 4 shows the waveforms, during one switching period, for the steady-state
analysis of the MBC.

Figure 4. Waveforms during a commutation period.
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Figure 4 shows that the inductor currents at the output of the MBC are interleaved,
due to the effect of the phase difference between the control signals. The same improves
the behavior of the converter by reducing the output current ripple and the converter
output voltage. It also increases the frequency of the voltage and current at the output. It is
important to note that reducing the current ripple size at the converter output also helps in
decreasing the capacitance value at the output [40–42]. Another advantage of the MBC is
that the pulsed current demanded from the source (VG) is four times lower compared to a
conventional buck converter, considering the same power requirements. The advantage of
operating the converter with overlapping control signals is that the discontinuity of the
input current demanded from the VG source is eliminated. By analyzing the steady-state
signals (Figure 4), the steady-state (1)–(6) of the MBC was determined:

IL1 =
D1VG

4R
(1)

IL2 =
D2VG

4R
(2)

IL3 =
D3VG

4R
(3)

IL4 =
D4VG

4R
(4)

VC = D1VG (5)

To obtain an effective voltage transformation ratio for CCM, the volt–second balance of
the voltage signal in one of the inductors is applied, considering that the duty cycle (D) is the
same in each phase. The voltage transformation ratio, also known as the gain, is given by:

M =
Vo
VG

= D (6)

The following expressions establish the value of the inductance that the converter
needs in each phase to operate in its steady state. It is important to consider the percentage
of the current ripples (ΔIL ) according to the load:

L1 =
Vo(1 − D1)

ΔIL1 fs
(7)

L2 =
Vo(1 − D2)

ΔIL2 fs
(8)

L3 =
Vo(1 − D3)

ΔIL3 fs
(9)

L4 =
Vo(1 − D4)

ΔIL4 fs
(10)

To determine the value of the capacitor, it is necessary to consider the converter output
frequency ( fSout ) given by:

fSout = 4 f s (11)

The capacitor value is determined with the next expression:

C =
Vo(1D1)D1

8ΔVCL1 f 2
Sout

(12)

In (12), the output frequency is four times higher than the switching frequency ( fs) as
a result of the ripple cancellation effect [30]. Consequently, the output capacitor reduces its
capacitance value considerably.
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3. Modeling of the Converter

The modeling of the converter was carried out through the state space technique, analyz-
ing the different configurations defined by the operation modes presented in Figures 2 and 3.
This modeling considers the parasitic resistances in the electronic elements. To simplify the
analysis, the following considerations were made:

R1 = RQ1 + RL1 + Rtrack (13)

R2 = RQ2 + RL2 + Rtrack (14)

R3 = RQ3 + RL3 + Rtrack (15)

R4 = RQ4 + RL4 + Rtrack (16)

RC = RESR + Rtrack (17)

where RQ1,2,3,4 are the resistances RDSon present in the switches, RL1,2,3,4 are the resistances
present in the inductors and Rtrack is the resistance of the copper track, present in each
phase. State variables are chosen as: x1 = IL1 , x2 = IL2 , x3 = IL3 , x4 = IL4 and x5 = VC.
The state variables correspond to the currents in the inductors and the voltage of the output
capacitor. Using the technique of averaged states, it is possible to obtain a unified average
model, given by:

ẋ1 = −R1 + RC
L1

x1 − RC
L1

x2 − RC
L1

x3 − RC
L1

x4 − 1
L1

x5 +
D1

L1
VG +

RC
L1

Io (18)

ẋ2 = −RC
L2

x1 − R2 + RC
L2

x2 − RC
L2

x3 − RC
L2

x4 − 1
L2

x5 +
D2

L2
VG +

RC
L2

Io (19)

ẋ3 = −RC
L3

x1 − RC
L2

x2 − R3 + RC
L3

x3 − RC
L3

x4 − 1
L3

x5 +
D3

L3
VG +

RC
L3

Io (20)

ẋ4 = −RC
L4

x1 − RC
L3

x2 − RC
L4

x3 − R4 + RC
L4

x4 − 1
L4

x5 +
D4

L4
VG +

RC
L4

Io (21)

ẋ5 = − 1
C

x1 +
1
C

x2 +
1
C

x3 +
1
C

x4 − 1
C

Io (22)

and in the form ẋ = Ax + Bu, we obtain the average model matrix

⎡⎢⎢⎢⎢⎣
ẋ1
ẋ2
ẋ3
ẋ4
ẋ5

⎤⎥⎥⎥⎥⎦ =

⎡⎢⎢⎢⎢⎢⎢⎣
− R1+RC

L1
− RC

L1
− RC

L1
− RC

L1
− 1

L1

− RC
L2

− R2+RC
L2

− RC
L2

− RC
L2

− 1
L2

− RC
L3

− RC
L3

− R3+RC
L3

− RC
L3

− 1
L3

− RC
L4

− RC
L4

− RC
L4

− R4+RC
L4

− 1
L4

1
C

1
C

1
C

1
C 0

⎤⎥⎥⎥⎥⎥⎥⎦

⎡⎢⎢⎢⎢⎣
x1
x2
x3
x4
x5

⎤⎥⎥⎥⎥⎦+

⎡⎢⎢⎢⎢⎢⎢⎣

D1
L1

RC
L1

D2
L2

RC
L2

D3
L3

RC
L3

D4
L4

RC
L4

0 − 1
C

⎤⎥⎥⎥⎥⎥⎥⎦
[

VG
Io

]

Solving for the DC values of the state variables, we employ expression (23)

X = −A−1BU (23)

where U is the input voltage (VG) and the output current (Io). The equations of the currents
in each phase of the converter and the output voltage capacitor are given by:

IL1 =
VG[R3R4(D1D2) + R2R4(D1D3) + R2R3(D1D4)] + Io(R2R3R4)

R1R2R3 + R1R2R4 + R1R3R4 + R2R3R4
(24)

IL2 =
VG[R3R4(D2D1) + R1R4(D2D3) + R1R3(D2D4)] + Io(R1R3R4)

R1R2R3 + R1R2R4 + R1R3R4 + R2R3R4
(25)

IL3 =
VG[R2R4(D3D1) + R1R4(D3D2) + R1R2(D3D4)] + Io(R1R2R4)

R1R2R3 + R1R2R4 + R1R3R4 + R2R3R4
(26)
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IL4 =
VG[R2R3(D4 − D1) + R1R4(D4 − D2) + R1R2(D4 − D3)] + Io(R1R2R3)

R1R2R3 + R1R2R4 + R1R3R4 + R2R3R4
(27)

VC =
VG[D1R2R3R4 + D2R1R3R4 + D3R1R2R4 + D4R1R2R3]− Io(R1R2R3R4)

R1R2R3 + R1R2R4 + R1R3R4 + R2R3R4
(28)

Equations (24)–(28) contain the parameters involved in the effect of current imbalance,
describing that the MBC converter is susceptible to current imbalance due to factors such
as small variations of the duty cycle (D) between each phase and variations of the values of
the parasitic resistances present in the converter.

Current Balance Control Strategy

The paper presents a hysteresis controller that integrates the functions of voltage
regulation, current balance, and the 90° phase shift of the control signals for the MBC. The
implementation of these functions is done employing analog circuits taking into account
simplicity, low cost, and functionality as main objectives. The controller architecture is
shown in Figure 5 in the form of a block diagram. The scheme was implemented in a
commercial controller [43]. The voltage regulation function only requires sensing of the
output voltage Vo and, for the current balance function, it requires sensing of the voltage at
the chopper output between the switches Q and S. It is not necessary to sense the current
directly in each phase, which reduces the controller complexity and implementation cost.
The input voltage (VG) of the MBC is 120 V, the reference voltage (Vre f ) is 3 V, and the output
voltage (Vo) was considered to be 48 V. With these considerations, the current balance
scheme was implemented in the commercial controller [43]. This paper focuses on the
effects of current imbalance on the MBC converter and not on the controller performance.

S1
Q1

Converter 1
Converter 2

PWM

PWM

PWM

PWM

Voltage 
Sensor

VG

VRef

VOL1 C

Converter 3
Converter 4

Voltage 
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Voltage 
Sensor

Voltage 
Sensor

Voltage 
Sensor

Figure 5. General control diagram for current balance by a phase based on [43].
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4. Parasitic Resistance Effect

One of the main causes of current imbalance in the different phases is the variation
of the parasitic resistances present in power semiconductor devices and other elements
(L and C) [35,44]. This paper only considers the effect of parasitic resistance variations, as
this parameter is more susceptible to variations due to external effects, such as tempera-
ture, copper track length, and component manufacturing. The typical variations in the
values of parasitic resistances in inductors and capacitors reported by suppliers are ±2%.
These variations increase in value, due to temperature effects as shown in Figure 6. The
temperatures recommended by the manufacturers at which the switches should operate
are between 20∼80 °C. Figure 6 shows the behavior of RDSon concerning the temperature
present in the switches, where the red frame indicates the temperatures recommended by
the manufacturers and their interaction with the variation of the resistance RDSon .
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Figure 6. Variation of the RDSON with respect to temperature variation.

The typical variation of RDSon at the same temperature, considering the fabrication
linked to each particular switch is 2%. These variations increase in value when the power
switches operate at different temperatures. This effect is observed in the curves described
in Figure 6. The data of these curves are provided by the manufacturer of the switches. The
variations of the parasitic resistances in the MBC directly affect the current balance [31].
This effect is described by expressions (24)–(27). To analyze the current imbalance due to
the effect of parasitic elements, an MBC was designed considering an input voltage (VG) of
120 V and an output current (Io) of 40 A. Table 1 shows the list of parameters and devices
used to perform the current imbalance analysis.

Table 1. Design parameters.

Symbol Parameter Value

VG Input Voltage 120 V
Po Output Power 1920 W
Vo Output voltage 48 V
Io Output current 40 A
fs Frequency 103 kHz

L1, L2, L3, L4 Inductors 150 uH
C Capacitor 2 uF
D Duty cycle per phase 40%

Q1, Q2, Q3, Q4 MOSFETs C20N60CFD
S1, S2, S3, S4 Diodes TO-220-L

R1, R2, R3, R4 Parasitic resistance 130 mΩ
RC Capacitor ESR 30 mΩ

144



World Electr. Veh. J. 2022, 13, 88

It should be noted that an output voltage of 48 V was selected based on current trends
for battery voltage in electric vehicles presented in [14–17]. Current imbalance analysis
was simulated in PSpice. To emulate these effects, parasitic resistance variations and an
open-loop operation were considered to establish critical scenarios. Table 2 shows the
values of the variations of the parasitic resistors due to the effect of temperature.

Table 2. Percentage of parasitic variations per phase.

Case
Phase
1-R1

Phase
2-R2

Phase
3-R3

Phase
4-R4

% mΩ % mΩ % mΩ % mΩ

I +10 143 +10 143 +10 143 0 130
II +10 143 +10 143 0 130 0 130
III +10 143 +10 143 0 130 −10 117
IV 0 130 +10 143 −10 117 −10 117

Figure 7 presents the current waveforms in the MBC, considering the different cases
established in Table 2. In the MBC simulation, all duty cycles (D) of the same value
were considered.

7.50 A

8.75 A

10.00 A
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Figure 7. Four cases of current imbalance with respect to Table 2.

• Case I: In phase four, a current of 10.7 A flows, this is due to the lower value of parasitic
resistance. Having the highest current in this phase, the switching losses and thermal
stress will be higher, while the other phases maintain a balanced current flow with a
value of 8.7 A.

• Case II: In phases three and four, the current flow is 10.7 A; this is because the parasitic
resistors have less opposition to the passage of current in these phases, while in phases
one and two, the current value is 8.2 A.
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• Case III: In phase four, it demands a current of 10.7 A, phase three demands 9.5 A,
while phases one and two only demand 8.2 A.

• Case IV: In phases three and four, a current of 10.7 A is demanded, in phase one a
current of 9.5 A is demanded, and, in phase two, the current is 8.2 A.

5. Experimental Analysis

A functional prototype of the MBC was built (Figure 8), to analyze the different current
imbalance scenarios according to the variables established in Table 2. The current imbalance
tests were carried out in an open-loop, where the converter operates in the scenarios used
for the simulation.

L1

L3

L2

L4
S3

Q3

S1

Q1

S4

Q4

S2

Q2

C

Phase 1

Phase 3

Phase 2

Phase 4

Figure 8. Functional prototype of the MBC.

Figure 9 shows the control signals used in the switches. The control signals have an
offset of 90° between each phase, a frequency of 103 kHz, and a duty cycle (D) of 40%.

Switching 
frequency

90° offset

Figure 9. Commutation signals for phases with the corresponding 90º phase shift and duty cycle (40%).

The functional prototype was tested with different current demands at the output,
maintaining a constant duty cycle. Table 3 shows the current values per phase in the
MBC when operating in an open-loop and with current imbalance. Figure 10 presents the
current imbalance cases described in Table 3. Due to the complexity of varying the parasitic
resistances of the components, the external parameter Rtrack of the copper tracks was used
to consider the different current imbalance scenarios.
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Table 3. Experimental cases of current imbalance per phase.

Case Phase 1 (A) Phase 2 (A) Phase 3 (A) Phase 4 (A)

I 7.02 6.61 6.37 2.99
II 8.83 8.39 3.47 3.86
III 7.06 6.68 5.13 3.21
IV 13.1 3.78 2.58 8.29

The cases presented in Table 3 are described below:

• Case I: In Phase one, it transfers 7.02 A, being the phase with the highest current.
Phases two and three present similar current values, with a value of 6.61 A and 6.37 A,
while phase three is the one with the lowest current value transferred to the output. In
this case, the output current (Io) was 23 A.

• Case II: Phases one and two present more switching losses and high levels of thermal
stress; this is due to the fact that they are the branches that transfer more current to
the output, while phases three and four present values close to 3.6 A. In this case, the
output current (Io) was 25.55 A.

• Case III: Phase one transfers 7.02 A, in phase two, a current of 6.68 A circulates and
phase three sends 5.13 A to the converter output, while phase four is where less current
circulates. In this case, the output current (Io) was 22.08 A.

• Case IV: This case presents the most critical case of current imbalance, phase one
transfers 13.1 A to the output of the converter, phase four 8.29 A and phase two 3.78 A,
while only 2.58 A circulates through phase three. In this case, the output current (Io)
was 27.75 A.

a) b)

c) d)

Figure 10. Current imbalance in the MBC prototype. (a) Case I, (b) Case II, (c) Case III, (d) Case IV.

The experimental tests of the previous cases were performed in a controlled envi-
ronment. The initial ambient temperature for each test was set at 22 °C. In each test, it
was corroborated that all semiconductor devices started at the aforementioned ambient
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temperature. To carry out the current imbalance tests, the semiconductor devices were
oversized for the protection of the experimental prototype. In order to reduce the effects of
current imbalance, it is of utmost importance to have a scheme that guarantees the current
balance in each phase during the battery charging process in an electric vehicle.

Figure 11 shows the operation of the control scheme based on Figure 5 to balance the
current flow per phase. It is observed that the system does not manage to equalize the currents
in all phases; however, there is a great improvement with respect to the critical cases presented
in Figure 10. Figure 11a shows the balanced currents, where phase one transfers 8.30 A, being
the branch where the highest current flows, while, in phase three, 6.52 A circulates, being the
phase that transfers less current to the output. The other two phases operate with current
values close to 7.4 A. In this test, the value of the output current is 30 A.

a) b)

Figure 11. Current signals with the current balance scheme (a) balanced currents, (b) operation of the
current balance scheme (≈ 240μS stabilization response).

The theoretical balanced current in each phase for the case of Figure 11a is 7.5 A per
phase. The current balance for phase one varies by +15%, phase two by −2%, phase three
has a variation of −13%, and phase four has an imbalance of −1%. In Figure 11b, the
converter was subjected to a current demand of 10A per phase, considering a theoretical
balance. In phase one, the variation between the theoretical balance and the experimental
balance was +2%, in phase two, the variation was −1.6%, in phase three, the variation
was +1% and for phase four the variation was −3.5%. Figure 11b shows how the control
scheme forces the currents to balance in each phase. This test was subjected to the nominal
output current of 40 A. It is important to note that the study focuses on the physical effects
suffered by the MBC converter during critical cases of current imbalance. However, to have
comparative data of the results obtained with balanced currents scenarios, it was necessary
to have a control scheme that offers these characteristics. However, the objective of this
work is not to evaluate the performance of the control scheme.

Thermal Stress Analysis of the Converter

The current imbalance directly influences the temperatures of the switches. The
phase in which the higher current flows suffers higher thermal stress, which damages
the switching devices and causes more frequent system failures. Figure 12 shows the
temperature spectrum of the switches in a current imbalance scenario. In this test, it is
observed that the highest thermal stress is found in the phase two and phase four transistor.
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Phase 1

Phase 2

Phase 3

Phase 4

Figure 12. Temperature spectrum with imbalanced phases of the converter.

The current balance in the phases benefits from an equal distribution of thermal stress
in the switches. Figure 13 presents the temperature spectrum during a test of the MBC
operating with the current balance scheme.

Phase 1 Phase 2

Phase 3 Phase 4

Figure 13. Temperature spectrum with balanced phases of the converter.

The temperature variations shown by the switches in Figure 13 are between 49.1 °C
and 59.5 °C, being a suitable temperature to operate the manufacturer recommendations.
Figure 14 shows the temperature curves for different power scenarios. The data obtained
are with and without the current balance scheme.
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Figure 14. Behavior of temperature in switches (a) imbalanced currents, (b) balanced currents.

Figure 14a shows the behavior of the temperature of the switches during the current
imbalance, after 60 s of operation in a controlled environment of 22 °C as the initial temper-
ature. An indirect way to measure the current imbalance per phase is by employing the
temperature of the semiconductors. On the other hand, Figure 14b shows the temperature
behavior of the switches in each phase with the balanced current. The temperatures of the
transistors in each phase present insignificant variations compared to the temperatures
presented without the current compensation scheme per phase. The efficiency is directly
affected by the balance of currents in each phase, due to thermal stress and higher dissi-
pated power losses in switches. Figure 15 shows the comparison of the efficiency curves in
the MBC with balanced and imbalanced currents. The nominal power of the converter is
1.9 kW. The converter achieved an efficiency of 91.87% with the current balance scheme
operating at its nominal power, while, with imbalanced currents, the efficiency was 89.41%.
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Figure 15. Converter efficiency as a function of nominal power.

6. Conclusions

This paper presented the study of the effects of current imbalance in the MBC during
the battery charging process. It focused mainly on the comparative study of the physical
phenomena suffered by the converter, such as thermal stress and efficiency. It was proved
that the effect of current imbalance directly affects the favorable characteristics of the MBC,
such as power density and efficiency. To corroborate the theoretical results, an experimental
prototype of the converter with a nominal power of 1.9 kW was built and tests were carried
out under different power scenarios. The behavior of the switches temperatures in different
power scenarios was presented experimentally, considering the balanced and imbalanced
currents. The efficiency curves of the converter with and without the current balance scheme
were presented, showing that current imbalance has a negative influence on efficiency. The
efficiency at nominal power of the MBC shows a difference of 2.46% between the balanced and
imbalanced currents. This converter has interesting and favorable characteristics for battery
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charging in electric vehicles due to its high power density and simple dynamic characteristics,
but it is important to consider a good current balancing scheme in order not to lose these
favorable characteristics. Future work includes the study of the effects of current imbalance on
the battery life cycle and the analysis of the different current balancing strategies considering
aspects such as cost and performance in the MBC.
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Abstract: A full-bridge diode-clamped multilevel LLC resonant converter suitable for power conver-
sion systems that use high input voltage, such as railway vehicles, is proposed in this paper. In order
to eliminate the voltage deviations of the capacitors connected in series to the high voltage input
DC link, a novel modulation strategy referred to as multi-neighboring reference vector discontinu-
ous pulse-width modulation (MNRV DPWM) is proposed. Unlike the existing two-level resonant
converter that varies the operating frequency to hold the output voltage constant, the proposed
multilevel resonant converter modulates the amplitude of the fundamental wave input to a resonance
tank while fixing the operating frequency at the resonance point. Therefore, the design of passive
elements becomes easier, and stable operation is possible over a wide operating range with only
one power conversion stage. In this paper, the control algorithm and operation characteristics of the
newly proposed full-bridge diode-clamped four-level LLC resonant converter are analyzed in detail
and design guidelines are presented. The feasibility of the proposed converter is verified through a
simulation and an experiment with a prototype converter.

Keywords: amplitude modulating; full-bridge; diode-clamped converter; multilevel; LLC; DPWM

1. Introduction

Due to excellent soft switching characteristics such as primary-side zero-voltage
switching (ZVS) and secondary-side zero-current switching (ZCS), LLC resonant converters
are widely used in many areas such as electric vehicles, servers, uninterruptible power
supplies, and TV power adapters. Furthermore, with regard to an LLC resonant converter
operating at a high switching frequency, the power density can be greatly improved due
to the reduction in the size of the passive element [1,2]. However, because the output
voltage is controlled through frequency variations, a wide range of frequency sweeps is
required in a wide input/load variation system, making it difficult to design optimal passive
devices [3]. In addition, because most resonant converters developed thus far are based on
a frequency-controlled two-level topology, they are not widely used in high-power systems
with very high input voltages, such as railroad vehicles, due to the limited endurance
voltage of the switching devices. Currently, as part of the effort to replace the existing low-
frequency transformers, resonance topology-based power converters are widely applied to
the auxiliary power systems of railway vehicles, with most being composed of two stages.
One type is an LLC resonant converter controlled in an open loop with a fixed operating
frequency, and the other is a constant-voltage regulator connected before or after the LLC
converter, which also serves to provide proper voltage for the normal operation of the LLC
resonant converter. This complicates the overall system configuration [4,5].

Meanwhile, multilevel converters have been studied extensively in an effort to over-
come the limitations of the two-level topology [6–10]. The multilevel converter, as exempli-
fied by the diode-clamped method, the flying capacitor method, and the cascaded H-bridge,
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can be applied to a high-voltage, high-power system with devices with low withstand
voltages. It also has the advantage of a low harmonic content and low dv/dt generation.
Among these three, in a system that receives power from a single external power supply
line such as a railroad vehicle, the diode-clamped topology with a simple power stage
configuration is suitable. However, with diode-clamped topologies, it is not easy to balance
the DC link capacitor voltages to ensure equal voltage sharing and good performance,
especially for level four and higher. Over the past three decades, numerous researchers
have attempted to find appropriate modulation strategies to solve the voltage balance
problem in a three-phase diode-clamped multilevel converter [11–14]. The addition of an
external circuit to compensate for voltage deviations and a hybrid method that utilizes
a diode-clamped circuit and a flying capacitor together both complicate the system and
are not cost effective [15–17]. Recently, the voltage imbalance problem of a three-phase
diode-clamped DC/AC inverter with three or more levels was resolved using a virtual
vector scheme [18–20]. The voltage imbalance was eliminated by combining reference
vectors whose associated current sum is zero with the aid of a virtual reference vector.
However, in a three-phase system, the amount of calculation is increased because the phase
angle as well as the magnitude of the reference voltage must be considered. In addition,
it is not easy to find an optimal switching pattern due to the considerable redundancy of
the switching pairs. The increased switching loss compared to the general space vector
pulse-width modulation (SVPWM) scheme is another issue. Recently, carrier-overlapped
PWM (COPWM) applicable to diode-clamped multilevel inverters was proposed [21]. With
multiple carrier-based modulation, it can control capacitor voltage deviation while main-
taining volt-second balance in a diode-clamped multilevel inverter with four or more levels.
However, this method is effective under ideal conditions and requires a little complex
closed-loop control under non-ideal conditions and increases switching losses compared to
the conventional single-carrier method [22]. As previously discussed, most of the multilevel
topologies known to date have been applied to three-phase inverter systems. Therefore,
in order to apply the diode-clamped multilevel topology to the single-phase DC/DC con-
verter, a new switching modulation technique is required that can effectively eliminate
voltage deviations in series-connected DC link capacitors while simultaneously controlling
the output voltage simply in a closed-loop control manner.

A multi-phase, multi-level LLC converter with a two-level topology-based modular
structure has been proposed for high-voltage and high-power systems [23]. Because it
is based on the existing frequency modulation method, it is difficult to optimally design
passive components under wide input/load variation conditions. Additionally, a separate
resonance tank is required for each sub-module, increasing the required number of passive
elements. A suitable solution for voltage deviation between series-connected DC link
capacitors has not been proposed. Input-series-output-parallel (ISOP) topology based on a
two-level DAB converter can handle high voltage and high power [24]. However, the ISOP
topology requires an additional passive element for each sub-module, which complicates
the overall system. An additional control algorithm to guarantee a stable operation and an
adequate input voltage distribution is also mandatory.

On the other hand, a fixed-frequency three-level full-bridge LLC resonant converter
has been proposed [25]. The output voltage can be controlled by modulating the magnitude
of the fundamental wave component of the voltage input to the resonance tank. However,
since it does not operate as a typical diode-clamped topology, it is difficult to control
because each switch must be duty-controlled separately. In addition, there is no mention of
a DC link voltage deviation problem. Although various modulation techniques have been
proposed for the LLC resonant converter, a suitable method for a diode-clamped multilevel
converter with four levels or more has not yet been reported [26].

Meanwhile, single-phase diode-clamped multilevel AC/DC and DC/AC converters
based on MNRV DPWM were proposed recently [27,28]. This MNRV DPWM is char-
acterized by the presence of several adjacent reference vectors with different capacitor
charging/discharging characteristics depending on the position of the command voltage in
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order to offset the voltage deviation of series-connected DC link capacitors and to match the
magnitude of the command voltage on average. However, because AC/DC and DC/AC
converters use a relatively low fundamental frequency to utilize a commercial grid or drive
a motor, they use a relatively high frequency modulation index (mf) to reduce capacitor
voltage fluctuations due to the limited capacitance. To apply this MNRV DPWM to a
DC/DC converter, some modifications of the modulation strategy are required, as in [29].

Based on [29], this paper presents a novel switching modulation scheme suitable
for single-phase full-bridge diode-clamped multilevel LLC resonant converters with an
addition of detailed circuit analysis, various types according to the carrier deformation, loss
analysis, and experimental results. By using the linear amplitude modulation characteristics
of the proposed diode-clamped multilevel converter, an LLC resonant converter based on
voltage amplitude modulation with a fixed switching frequency at the resonant point is
proposed, thus enabling an optimal passive device design and ensuring stable operation
over a wide operating range. In addition, capacitor voltage deviation compensation is
implemented using only mf = 2 owing to the high fundamental switching frequency of the
DC/DC converter. The proposed method utilizes only the clamped switching pair based
on DPWM to facilitate the design of the switching pattern and reduce the switching losses.
This paper briefly introduces a modified MNRV DPWM suitable for DC/DC converters,
analyzes the operating characteristics of the proposed voltage-magnitude-modulation-
based diode-clamped multilevel LLC resonant converter, and presents design guidelines.
In addition, various types of LLC resonant converters are examined according to the
deformation of the carrier. The performance and feasibility of the proposed converter are
verified through simulations and experiments.

2. General Approach: Multi-Neighboring Reference Vector Discontinuous PWM
(MNRV DPWM)

Figure 1 shows the circuit diagram of the single-phase diode-clamped four-level PWM
converter. The AC voltage source VS supplies input power to the full-bridge switching
stack through boost inductor LB with an equivalent series resistance of RB. The full-bridge
switching stage is composed of the switches QA1~QA6 and QB1~QB6 and the clamping
diodes DA1~DA6 and DB1~DB6. The output DC link stage consists of three series-connected
capacitors, Cdc1, Cdc2, and Cdc3. RL implies output load resistance.
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Figure 1. Single-phase diode-clamped four-level PWM converter.

Figure 2a shows the switching pairs of A and B legs and the capacitor charging/discharging
status according to the position of the command voltage VC

* of the single-phase diode-
clamped four-level PWM converter. In the full-bridge four-level topology, 0, E, 2E, and
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3E imply reference vectors representing each step voltage that can be output as a leg-to-
leg voltage. The numbers in parentheses refer to switching pairs (AB) that can express
the reference vectors, and C and D positioned to the right of them are the charging and
discharging states of the capacitor, respectively. For example, if VC

* is located at 2©, in
carrier-based sinusoidal pulse-width modulation (CB-SPWM), adjacent reference vectors
are E and 2E, and (AB) expressing E has redundancy via (10), (21), and (32). With regard to
(10), the charging/discharging state of the three capacitors connected in series as the top
capacitor (Cdc1), intermediate capacitor (Cdc2), and bottom capacitor (Cdc3) is DDC, which
means that that Cdc1 and Cdc2 are discharging and Cdc3 is charging. For CB-PWM, which is
widely used in single-phase AC/DC converters, two reference vectors adjacent to VC

* are
selected and their duration is adjusted to satisfy the magnitude of VC

* and generate a sym-
metrical PWM pattern to minimize the ripple, as shown in Figure 2b. However, from level
4 or higher, a voltage imbalance inevitably occurs due to the limited selectable reference
vectors capable of actively controlling the charging/discharging state of the capacitors. In
particular, when the unity power factor is controlled as in the PWM converter, the voltage
of the middle capacitor among the capacitors constituting the DC link stage is excessively
charged compared to the other capacitors. This occurs because the charging/discharging
behavior cannot be actively controlled with only two adjacent reference vectors.

 

                 (a)                                  (b)                                        (c) 
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Figure 2. Implementation example of MNRV DPWM for a single-phase diode-clamped four-level
PWM converter: (a) selection of MNRVs according to the VC

* position, (b) switching patterns of the
conventional CB-SPWM, and (c) those of the proposed MNRV DPWM.

When (AB) is (20), (30), and (31), the capacitor charging/discharging states are DCC,
CCC, and CCD, respectively, and it can be confirmed that Cdc2 is always in the charged state.
In particular, for a PWM converter in which the phase difference between VC

* and the input
current is small, the capacitor charging current is largest when VC

* is located in 1© (large
vector region (LRV)); moreover, even if VC

* is located in different regions such as 2© and
3© (the small vector region (SVR)), this overcharged state is not overcome, and the voltage

deviation intensifies. Due to the characteristics of the diode-clamped multilevel converter, if
the switching state is implemented by selecting two adjacent vectors as in the conventional
CB-SPWM, the voltage deviation of the capacitor cannot be eliminated. Figure 3 shows
the voltage imbalance problem of the PWM converter when applying CB-SPWM. VS is
the input voltage source; IS is the input current; and Vdc1, Vdc2, and Vdc3 are the terminal
voltages of Cdc1, Cdc2, and Cdc3, respectively. VAB is the switching leg voltage. As expected,
the middle capacitor voltage Vdc2 increases continually after applying CB-SPWM.

Meanwhile, total harmonic distortion (THD) of the switching leg voltage VAB was ana-
lyzed under the following conditions of VS = 220Vrms(60 Hz ac), output voltage Vdc = 500 V,
output power PO = 30 kW, source frequency fS = 60 Hz, mf = 55, LB = 4 mH, and RB = 1 mΩ.
THD results were 0.23 and 0.43 for the CB-SPWM and the proposed MNRV DPWM, respec-
tively, which reveals the much-increased high-frequency harmonic components of VAB in
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the proposed method. However, the CB-SPWM-based multilevel converter corresponds to
an ideal case that is difficult to implement in practice due to a voltage imbalance problem.
When compared with the existing two-level converter, the THD value of MNRV DPWM
was reduced by 0.15. On the other hand, the multilevel topology enables the use of the
low withstand voltage devices with lower switching losses than higher withstand voltage
devices. Therefore, in the proposed method, switching frequency can be further increased,
thereby reducing the size of filter for harmonic reduction and facilitating its design.

-200
0

200

160

170

180

Time(s)1.12 1.14 1.16 1.18
-500

0

500

IS

VAB

Vdc1

Vdc3

Vdc2
CB-SPWM

MNRV DPWM

VS

Figure 3. Voltage imbalance problem of a diode-clamped four-level PWM converter using CB-SPWM.

In order to solve the voltage deviation problem of the single-phase diode-clamped
multilevel converter, MNRV DPWM was proposed [27]. Figure 2c shows the reference
vectors selected according to the location of VC

* and the switching pairs that can represent
them, also showing the capacitor charging and discharging states according to the clamping
mode (CM). When VC

* is located in LVR, E, 2E, and 3E are selected as reference vectors.
If E is selected, which was not chosen in CB-SPWM, (10) and (32) can be utilized, and
these switching pairs can serve to discharge C2 (DDC, CDD). Therefore, if E is used as
a reference vector along with 2E and 3E, the voltage increase of C2 can be suppressed,
and if the duration times of reference vectors E, 2E, and 3E are properly adjusted, the
magnitude of VC

* can be tracked on average. In this paper, to reduce the switching
redundancy and minimize the switching loss, the clamped switching states in ±180◦
DPWM are employed [30]. This means that only (3×), (×3), (0×), and (×0) are used among
all switching pairs that can represent the reference vectors. (3×) and (×3) indicate that
legs A or B, respectively, are clamped with a positive DC rail, called the upper clamping
mode (UCM), where CM = 1. Similarly, (0×) and (×0) indicate the clamping of legs A or
B, respectively, to the negative DC rail, called the lower clamping mode (LCM), where
CM = −1. The generation of multiple references to eliminate voltage deviations among
DC link capacitors in [21] is similar to the proposed method. However, MNRV DPWM
is used, since VC

* is clamped to the positive or negative DC rail during every half cycle,
resulting in the advantage of reducing the switching redundancy and minimizing the
switching loss. Meanwhile, in the UCM and LCM, the symmetry of the charging and
discharging patterns for the same reference vector are horizontally opposite to each other.
For example, (31) and (20) are switching pairs expressing reference vector 2E in the UCM
and LCM, respectively, but the capacitor charging/discharging patterns are symmetric
in those opposite to each other as CCD and DCC. As a symmetrical characteristic, the
charging/discharging characteristics when VC

* is negative are identical to the case when
VC

* is positive.
The procedure for calculating the duration time of the MNRV based on the reduced

capacitor voltage deviation is as follows. First, Vdc1, Vdc2, and Vdc3 are input. Between
Vdc1 and Vdc3, which are the top and bottom capacitor voltages, respectively, we select a
voltage with a large absolute difference from the reference value, Vdc_ref/3, which is the
target voltage of the unit capacitor. If the selected voltage is Vdc1 and Vdc_ref/3 − Vdc1 is
greater than zero, the UCM is selected. On the other hand, if the difference is less than
zero, the LCM is selected. If the selected voltage is Vdc3 and Vdc_ref/3 − Vdc3 is greater
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than zero, we select the LCM, and if the difference is less than zero, we select the UCM,
because when the charging/discharging behavior of the capacitor according to CM is
analyzed, for the UCM, Vdc1 tends to increase and Vdc3 decrease, and vice versa in the
LCM. When CM is selected, the compensation controller calculates the duty compensation
values for the reference vectors proportional to the voltage deviations among the capacitors.
In a four-level converter, three capacitors and two voltage-deviation compensators are
needed. There are several methods for configuring the controllers implementing the
two voltage deviation compensators. Here, two controllers, one compensating for the
difference between (Vdc1 + Vdc2)/2 and Vdc3 and the other compensating for that between
Vdc1 and (Vdc2 + Vdc3)/2, are used. These design methods are natural charging/discharging
characteristics of reference voltage vectors and easy to expand to a general high-dimensional
multilevel converter.

As shown in Equation (1), the two compensation controllers output dcomp12_3 and
dcomp1_23, which are used to compensate for the voltage difference between (Vdc1 + Vdc2)/2
and Vdc3 and the voltage difference between Vdc1 and (Vdc2 + Vdc3)/2, respectively. In
Equation (1), KP and KI mean the proportional and integral gains of the PI controller,
respectively. According to the position of VC

* and CM, the duties of the each MNRV are
calculated as follows. If VC

* belongs to the LVR, we select E, 2E, and 3E as the MNRV.
Here, with E as a basic vector for the duty calculation, the duties of the E, 2E, and 3E
vectors are calculated as Equation (2). Here, dE, d2E, and d3E are the duties of E, 2E, and 3E,
respectively. VE, V2E, and V3E are the voltage levels of E, 2E, and 3E, respectively, meaning
Vdc_ref/3, Vdc_ref·2/3, and Vdc_ref. Equation (2) is applied differently depending on CM, and
its meaning is as follows. The duties of the MNRVs must basically satisfy the magnitude of
VC

*. At the same time, the voltage deviations among all capacitors are reduced by applying
two controller outputs (dcomp12_3 and dcomp1_23) differently according to CM. For example, if
(Vdc1 + Vdc2)/2 > Vdc3 in the UCM, dcomp12_3 increases and d2E decreases. In the UCM, d2E is
the duty of the switching pair (31), which serves to increase Vdc1 and Vdc2 and decrease Vdc3.
Therefore, Vdc1 and Vdc2 decrease and Vdc3 increases due to the reduced d2E. According to
the negative feedback, dcomp12_3 is stabilized and the capacitor voltage deviations are also
reduced. The same can be explained in the LCM. Using the previously calculated duties of
each reference vector, the PWM command values of each of the switches in the LRV are
determined via Equation (3). Here, Nmax refers to the maximum value at the period of a
single carrier considering the DSP implementation. For a positive VC

*, leg A is clamped to
the positive DC rail in the UCM and leg B is clamped to the negative DC rail in the LCM.

dcomp12_3 = KP(
Vdc1+Vdc2

2 − Vdc3) + KI
∫ t

0 (Vdc1+Vdc2
2 − Vdc3)dt,

dcomp1_23 = KP(Vdc1 − Vdc2+Vdc3
2 ) + KI

∫ t
0 (Vdc1 − Vdc2+Vdc3

2 )dt.
(1)

LVR@UCM LVR@LCM

d2E = dE − dcomp12_3, d2E = dE + dcomp1_23,

d3E = 1 − dE − d2E, d3E = 1 − dE − d2E,

VC
∗ = VEdE + V2Ed2E + V3Ed3E, VC

∗ = VEdE + V2Ed2E + V3Ed3E,

dE =
VC

∗+dcomp12_3(V2E−V3E)−V3E
VE+V2E−2V3E

, dE =
VC

∗−dcomp1_23(V2E−V3E)−V3E
VE+V2E−2V3E

.

(2)

LVR@UCM⎛⎝ PWM_CMD_A1
PWM_CMD_A2
PWM_CMD_A3

⎞⎠ = Nmax

⎛⎝ 1
1
1

⎞⎠,

⎛⎝ PWM_CMD_B1
PWM_CMD_B2
PWM_CMD_B3

⎞⎠ = Nmax

⎛⎝ 0
dE
dE + d2E

⎞⎠,

LVR@LCM⎛⎝ PWM_CMD_A1
PWM_CMD_A2
PWM_CMD_A3

⎞⎠ = Nmax

⎛⎝ d3E
d2E + d3E
1

⎞⎠,

⎛⎝ PWM_CMD_B1
PWM_CMD_B2
PWM_CMD_B3

⎞⎠ =

⎛⎝ 0
0
0

⎞⎠.

(3)
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On the other hand, when VC
* is located in the SVR, 0, E, 2E, and 3E are selected as

reference vectors for a similar principle. To achieve a smooth transition at the moment
of a region change, the range of the reference vectors in SVR must be wider than that of
the LVR to increase the common reference vectors between the LVR and SVR. Each duty
is calculated as in Equation (4). Here, d0 is the duty of the 0 vector. Using the calculated
duties of each reference vector, the PWM command values of each of the switches in the
SRV are determined as in Equation (5).

Using the symmetric characteristic of the full-bridge topology, the duties of the MNRVs
when VC

* is negative are determined to be identical to those in the positive VC
* case except

for the interchange of legs A and B.

SVR@UCM SVR@LCM

d2E = d3E − dcomp12_3, d2E = d3E + dcomp1_23,

dE = d3E − dcomp1_23, dE = d3E + dcomp12_3,

d0 = 1 − dE − d2E − d3E, d0 = 1 − dE − d2E − d3E,

VC
∗ = V0d0 + VEdE + V2Ed2E + V3Ed3E, VC

∗ = V0d0 + VEdE + V2Ed2E + V3Ed3E,

d3E =
VC

∗+dcomp1_23VE+dcomp12_3V2E
VE+V2E+V3E

, d3E =
VC

∗−dcomp12_3VE−dcomp1_23V2E
VE+V2E+V3E

.

(4)
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⎞⎠ = Nmax

⎛⎝ 1
1
1
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PWM_CMD_B2
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⎛⎝ d0
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⎞⎠,

SVR@LCM⎛⎝ PWM_CMD_A1
PWM_CMD_A2
PWM_CMD_A3

⎞⎠ = Nmax

⎛⎝ d3E
d2E + d3E
dE + d2E + d3E

⎞⎠,

⎛⎝ PWM_CMD_B1
PWM_CMD_B2
PWM_CMD_B3

⎞⎠ =

⎛⎝ 0
0
0

⎞⎠.

(5)

The MNRV DPWM applied to a single-phase diode-clamped four-level converter
can be expanded to a general diode-clamped N-level converter as follows. Based on the
analysis of the voltage fluctuation characteristics of the DC link capacitors of the reference
step voltage vectors, appropriate MNRVs are selected according to the position of VC

* and
the capacitor voltage deviation compensation parameters are designed. MNRV selections
applied to the five-level, six-level, and general N-level diode-clamped topologies are shown
in Figure 4.
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Figure 4. MNRV selection rule according to the VC
* position in single-phase full-bridge diode-

clamped multilevel topologies.

The general rule for selecting MNRVs according to the VC
* position is as follows.

Compensation parameters for controlling the voltage deviations of capacitors are N − 2
in the N − level case. First, the charging/discharging states of the capacitors according
to the reference step voltage are analyzed as follows. In the N-level case, the maximum
step voltage is (N − 1)·E, and the capacitor charging/discharging state is CC . . . CC
regardless of CM. Because all capacitors are charged with the same amount of current,
there is no voltage deviation. The step voltage one step lower is (N − 2)·E and the
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capacitor charging/discharging states are CC . . . CD and DC . . . CC in the UCM and LCM,
respectively. The outermost capacitor is changed to the discharge mode. In the UCM,
the capacitor located at the bottom of the DC link stage, and in the LCM, the capacitor
located at the top of the DC link stage, change from charging to discharging mode. The next
step voltage is (N − 3)·E, and the capacitor charging/discharging states are CC . . . CDD
and DDC . . . CC in the UCM and LCM, respectively. That is, whenever the step voltage
decreases by one step, it can be seen that the capacitor charging/discharging states change
from charging to discharging from the lower end of the DC link stage in the UCM and
from the upper end of the DC link stage in the LCM. Applying this to all step voltages, the
following rule can be found. The total number of different charging/discharging states of
capacitors is 2(N − 2). At this time, there are step voltage pairs in which the sum of two step
voltages is (N − 1)·E, and the capacitor charging/discharging states in the UCM and LCM of
these two step voltages are related to the same capacitor voltage compensation parameters
with opposite signs. The two step voltages in this case are cross oppositely coupled to
each other; therefore, there are N−2 independent capacitor charging/discharging states
in the overall step voltage. Thus, N−2 independent dcomp parameters can be generated,
i.e., dcomp1_2...(N−1), dcomp12_3...(N−1),..., dcomp1...(N−2)_(N−1). In order to control the capacitor
voltage deviation completely regardless of the position of VC

*, the MNRV should be selected
so that all independent compensation parameters are included. For every VC

* location, it
is sufficient to set the MNRV such that N−2 independent duty compensation parameters
are included in order to eliminate the voltage deviations of all capacitors. However, large
fluctuations in the duty compensation value may adversely affect normal operation; i.e.,
the duty of a particular reference vector can be negative or greater than one due to the
addition of duty-compensation parameters. Accordingly, it is better to include all different
charging/discharging states of the capacitors for more reliable operation by limiting the
duty-compensation effort. Including all capacitor charging and discharging states is good
for stable operation but increases the switching losses. However, as will be described
later, by designing an appropriate carrier, a voltage-deviation-compensation operation may
occur in the ZVS region, thereby minimizing an increase in the switching loss. Because
the outermost vectors (0, (N − 1)·E) do not affect the capacitor voltage deviation, the
capacitor-voltage-deviation-compensation parameters are designed from independent
capacitor charging/discharging states of the remaining intermediate reference vectors.

In the five-level case, for example, there are three independent charging/discharging
states: CDDD(DCCC), CCDD(DDCC), and CCCD(DDDC). The capacitor charging/discharging
states of the reference voltages E in the UCM and 3E in the LCM are CDDD and DCCC,
respectively. They both can be used to control the voltage deviation between Vdc1 and
(Vdc2 + Vdc3 + Vdc4)/3. It can be seen that the charging/discharging states of 2E in the UCM
and LCM are CCDD and DDCC, respectively, and are related to the voltage deviations
between (Vdc1 + Vdc2)/2 and (Vdc3 + Vdc4)/2. Similarly, the charge/discharge states of 3E in
the UCM and E in the LCM are CCCD and DDDC, respectively, and they can be utilized to
control the voltage deviation between (Vdc1 + Vdc2 + Vdc3)/3 and Vdc4 with opposite signs.
Therefore, in the five-level case, three independent compensation parameters are required
to control the capacitor voltage deviation: dcomp1_234, dcomp12_34, and dcomp123_4. They are
related to the voltage differences between Vdc1 and (Vdc2 + Vdc3 + Vdc4)/3, (Vdc1 + Vdc2)/2
and (Vdc3 + Vdc4)/2, and (Vdc1 + Vdc2 + Vdc3)/3 and Vdc4, respectively. Therefore, if VC

*

belongs to the LVR, the range of the MNRV should be E ~ 4E in order to utilize all six
different charging/discharging states of the capacitors. On the other hand, if VC

* is located
in the SVR, the MNRV range should be 0 ~ 3E for the same reason. In addition, when VC

*

moves between the LVR and SVR, the duties of the reference voltage vectors may suddenly
change, which is a factor that degrades the linearity of the output voltage. Therefore, in
order to minimize duty changes of the reference voltage vectors and thus ensure smooth
transitions between the LRV and SRV, the minimum reference voltage in the LVR and the
maximum reference voltage in the SVR should be selected as the basic vector for the MNRV.

161



Energies 2022, 15, 4045

In this way, by selecting the MNRV according to the positions of VC
* and designing

compensation parameters for the deviations of the capacitor voltages, extension to a
high-dimensional N-level diode-clamped converter is possible. For a general N-level
case, the LRV and SRV range from roundup{(N − 1)/2}·E to (N − 1)·E and from 0 to
roundup{(N − 1)/2}·E, respectively. The corresponding MNRVs are from E to (N − 1)·E
and from 0 to (N − 2)·E, as shown in Figure 4. It should be noted that thus far MNRV
DPWM has been described based on the incoming current to the switching legs, as in a
PWM converter. Therefore, the charging/discharging states and CM selection should be
reversed in DC/DC owing to the reversed reference current direction.

3. Proposed Full-Bridge Diode-Clamped Four-Level LLC Resonant Converter

Circuit and Control Algorithm for the Proposed Diode-Clamped 4-Level LLC Resonant Converter

Figure 5 shows the circuit of the proposed full-bridge diode-clamped four-level LLC
resonant converter. The voltage source Vdc supplies input power through the DC link
stage composed of three series-connected capacitors, Cdc1, Cdc2, and Cdc3. The full-bridge
switching stage is composed of the switches QA1~QA6 and QB1~QB6, and the clamping
diodes DA1~DA6 and DB1~DB6 that connect the unit step capacitor voltages of the DC link
stage to each switching node. The resonance tank stage composed of resonant inductor Lr,
resonant capacitor Cr, and magnetizing inductor Lm receives voltage amplitude modulated
sag-type voltage with a fixed frequency from switching leg voltage Vleg(=VAB = VA − VB).
The resonant current ILr charges the output capacitor CO through an n:1:1 center-tapped
transformer and the output rectification stage composed of diodes DO1 and DO2 and
supplies power to the load RL.
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Figure 5. Circuit diagram of the proposed full-bridge diode-clamped four-level LLC converter.

AC/DC or DC/AC converters have a relatively high mf to reduce the harmonic
components and to control the fundamental component on average during one fundamental
period. However, in a DC/DC converter, it is desirable to increase the frequency of the AC
switching pulse until it is within an acceptable switching loss range to reduce the size of
the passive element. Given that such a high fundamental frequency increases the number
of compensations for capacitor voltage deviation during the unit time, MNRV DPWM for a
DC/DC converter can be implemented with small mf, i.e., mf = 2. A DC/DC converter to
which MNRV DPWM is applied can also linearly modulate the magnitude of the reference
voltage akin to a multilevel inverter. Therefore, when applied to a resonant converter, the
output voltage can be controlled by modulating the magnitude of VC

* while fixing the
frequency to the resonance point. This simplifies the design of the passive components
compared to those in conventional frequency-swept resonant converters.

The control block diagram of the proposed MNRV DPWM-based diode-clamped
four-level LLC resonant converter is shown in Figure 6. The output Vampl of the constant-
voltage controller is multiplied by a pulse that swings between 1 and −1 at a rate of 50%
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with switching frequency fsw to obtain pulse-shaped command voltage VC
*. Here, fsw is

designed as the resonance frequency (fr = 1/[2π·(LrCr)0.5]) for maximum efficiency. CM
is set to be between 1 and −1, referring to the UCM and LCM, respectively, according
to Vdc1 and Vdc3. In order to remove the voltage deviations among the capacitors, Vdc1,
Vdc2, and Vdc3 are input to the PI controller to calculate the duty compensation parameters
(dcomp1_23, dcomp12_3). According to the position of VC

*, appropriate MNRVs are selected
and the duration times of each reference vectors are calculated, with the PWM CMDs
of the A and B legs finally output. These values are compared to the triangular carrier
to determine the on/off status of every upper switch in the A and B legs. According to
the complementary rule of the diode-clamped topology, the on/off statuses of the lower
switches are determined as opposite to the corresponding upper switches’ on/off states in
the same leg. QA1 and QA4, QA2 and QA5, and QA3 and QA6 are the complementary switch
pairs in leg A. The same applies to leg B.

+ - PI

PWM Command Generation 
with MNRV DPWM

Carrier

dead-
time

Gate_Ax Gate_Bx

1

0
-1

TT/2 PWM_CMDs

VdcVampl

VO

VO*
VC*

Limiter

Vdc1

Vdc2

Vdc3

++ 0.5 -+ PI
dcomp12_3

++ 0.5 + - PI
dcomp1_23

|Vdc_ref/3 -Vdc1| > 
|Vdc_ref/3 -Vdc3|

Y
Vdc_ref/3 >Vdc1 CM = -1 

Y

CM = 1 N

N
Vdc_ref/3 >Vdc3 CM = 1 

Y

CM = -1 N

CM

Gat eA

Gat eB

0

0

0

0

0

0

0

0

0

0

0

0

Gate_A1
Gate_A2
Gate_A3
Gate_A4
Gate_A5
Gate_A6

Gate_B1
Gate_B2
Gate_B3
Gate_B4
Gate_B5
Gate_B6

0

Pulsating command leg voltage generation

CM decision

Duty compensation

Eq. (2) ~ (5)

0
Nmax

Figure 6. Control block diagram for the proposed converter.

4. Analysis

4.1. Overall Operation Characteristics of the Proposed Converter

In this section, we analyze the operation mode of the proposed diode-clamped four-
level resonant LLC converter. The operation state of the circuit is largely classified according
to CM. Figure 7 shows the circuit operation status in the UCM and LCM, and (AB) on the
right side of each circuit represents the switching status of the A and B phases. The shaded
red line in the figure represents the current path flowing through the channel or body diode
of the conducting switches. Except for (30), (03), (33), and (00), the magnitude and direction
of the current flowing through the series-connected capacitors Cdc1, Cdc2, and Cdc3 differ
depending on the switching pattern as follows. In the switching pairs of (31) and (13), the
charging/discharging state is DDC, and in (32) and (23) the charging/discharging state
is DCC. In (20) and (02) the charging/discharging state is CDD, and in (10) and (01) the
charging/discharging state is CCD. Therefore, it is expected that a voltage deviation will
occur because the charging/discharging patterns of each capacitor differ depending on the
duration of the specific switching pair. Here, the amount of charging/discharging current
flowing through each capacitor is related to ILr. If there are two capacitors connected in
series, the charging/discharging current becomes 1/3 × ILr, and if there is one capacitor,
it becomes 2/3 × ILr. For example, for (32), Cdc1 is discharged with a current of 2/3 × ILr
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and Cdc2 and Cdc3 are charged with 1/3 × ILr. The core principle of MNRV DPWM is to set
several reference vectors, including all independent charging/discharging characteristics
of DC link capacitors depending on the location of VC

*, and adjust their duration time
to reduce the voltage deviations of the capacitors and to satisfy the magnitude of VC

* on
average at the same time.
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Figure 7. Operating circuit states when (a) VC
* > 0 and (b) VC

* < 0 in the UCM and when (c) VC
* > 0

and (d) VC
* < 0 in the LCM.

Figure 8 depicts the equivalent circuit of the resonance tank at the resonance point.
Regardless of CM, when VC

* > 0, one from among Vdc, 2/3 × Vdc, and 1/3 × Vdc is applied
to Vleg, and nVO is applied to the magnetizing inductor Lm. When the voltage of Vleg − nVO

is supplied to Lr-Cr, ILr and ILm increase in the positive direction. Meanwhile, when VC
* < 0,

one from among −Vdc, −2/3 × Vdc, and −1/3 × Vdc is applied to Vleg and −nVO is applied
to Lm. ILr and ILm decrease by Vleg + nVO supplied to Lr-Cr.

Based on this circuit operation state, Figure 9 shows the main operating waveforms
of the proposed full-bridge diode-clamped four-level LLC resonant converter. CM is
determined as the UCM or LCM according to the characteristics of the capacitor voltage
deviation at the start of one switching period. Here, it is assumed that the converter is
operated in the UCM for one cycle and operated in the LCM during the next cycle in a
steady state. The operation during one cycle is a series of symmetrical half-cycle operations,
and the operation during the half-cycle is divided into six modes.
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Figure 8. Equivalent circuit of the resonant tank at the resonance point.

Figure 9. Operating mode analysis of the proposed converter.

4.1.1. Operation under the UCM

Mode 1 [t0,t1]: At t0, CM is changed from the LCM to the UCM; the A leg upper
switches QA1, QA2, and QA3 are all turned on with the ZVS condition owing to the negative
current of ILr, and the B leg upper switches QB1, QB2, and QB3 are all turned off. Vleg with
Vdc is input to the resonance tank stage, and the resonance current ILr formed by Lr and Cr
is transferred to the secondary side of the transformer; DO1 then conducts, and the output
voltage VO multiplied by the turn ratio of n is applied to Lm. At this time, the switching
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state is (30), and the currents flowing through Cdc1, Cdc2, and Cdc3 are all identical to Idc−ILr;
here, Idc is the outgoing current of Vdc such that voltage deviations do not occur in the
capacitor. This mode is terminated at t1 when QB6 turns off (when QB3 turns on). In mode
1, resonant current ILr and resonant voltage VCr are determined by Equation (6). Here, Vleg
is Vdc and ILr(0) and VCr(0) refer to the initial values of ILr and VCr at t0, respectively. The
characteristic impedance Z equals (Lr/Cr)0.5, and the angular frequency ω is 2πfr.

ILr(t) = ILr(0) cos ωt +
Vleg−nVo−VCr(0)

Z sin ωt,
VCr(t) = ZILr(0) sin ωt + [Vleg − nVo − VCr(0)] · (1 − cos ωt) + VCr(0).

(6)

Mode 2 [t1,t2]: When QB6 is off at t1, the switching state becomes (31), and Cdc1 and
Cdc2 are discharged with a current of 1/3 × ILr and Cdc3 is charged with a current of
2/3 × ILr. Vleg becomes 2/3 × Vdc, and the voltage applied to Lr-Cr is changed from Vdc to
2/3 × Vdc; thus, the slope of ILr changes. Lm is still charged with nVO due to the conduction
of DO1. This mode continues until QB5 turns off at t2. In mode 2, ILr and VCr are also
determined by Equation (6), except for Vleg = 2/3 × Vdc, and ILr(0) and VCr(0) are changed
to ILr(t1) and VCr(t1), respectively.

Mode 3 [t2,t3]: When QB5 is turned off at t2, the switching state is (32); accordingly,
Cdc1 is discharged with a current of 2/3 × ILr, and Cdc2 and Cdc3 are charged with a current
of 1/3 × ILr. Because Vleg is changed from 2/3 × Vdc to 1/3 × Vdc, the slope of the ILr also
changes. Lm is still charged with nVO. This mode ends when QB5 is turned on at t3. In
mode 3, ILr and VCr are also determined by Equation (6), except for Vleg = 1/3 × Vdc, and
ILr(0) and VCr(0) are changed to ILr(t2) and VCr(t2), respectively.

Mode 4 [t3,t4]: When QB5 is turned on at t3, the switching state is (31) again, and
operation in this mode is identical to that in mode 2. This mode ends when QB6 turns on
at t4.

Mode 5 [t4,t5]: When QB6 is turned on at t4, the switching state is (30), and operation
in this mode is identical to that in mode 1. This mode is terminated when ILr equals ILm at
t5. At the end of this mode, DO1 is turned off with the ZCS condition.

Mode 6 [t5,t6]: At t5, ILr = ILm, the primary and the secondary sides of the transformer
are separated, and the resonance period becomes longer due to the large inductance of
Lm contributing to the resonance. This mode continues until the polarity of VC

* becomes
negative. In mode 6, ILr and VCr are determined by Equation (7). Here, Vleg is Vdc and ILr(0)
and VCr(0) refer to the initial values of ILr and VCr at t5, respectively. The characteristic
impedance Z’ equals [(Lr + Lm)/Cr]0.5, and the angular frequency ω’ is 1/[(Lr + Lm)·Cr]0.5.

ILr(t) = ILr(0) cos ω′t + Vleg−VCr(0)
Z′ sin ω′t

VCr(t) = Z′ ILr(0) sin ω′t + [Vleg − VCr(0)] · (1 − cos ω′t) + VCr(0)
(7)

Due to the symmetry of the DC/DC converter, operation during the remaining half
cycle where VC

* is negative can easily be inferred from the previous positive half cycle of
VC

*; accordingly, a description thereof will be omitted. Regarding the capacitor charging
and discharging status, in the UCM, Vdc1 continues to discharge and Vdc3 continues to
charge regardless of the polarity of VC

*. Therefore, under actual operating conditions, the
UCM is selected when Vdc1 > Vdc3.

4.1.2. Operation under the LCM

When VC
* changes from negative to positive again, one cycle of LCM operation begins.

Operation in the LCM has cross-symmetric duality with that of the UCM as follows. When
QA(m)/QB(m) is turned on/off in the UCM, QB(7-m)/QA(7-m) is turned on/off in the LCM at
the same timing, where m = 1, 2, ..., 6. That is, the turn on/off timing of switch pairs QA1
and QB6, QA2 and QB5, QA3 and QB4, QA4 and QB3, QA5 and QB2, and QA6 and QB1, located
in cross-opposite directions, are correspondingly matched. Thus, when the A/B leg is
clamped to the positive DC rail in the UCM, the B/A leg is clamped to the negative DC rail
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in the LCM at the same timing. This duality can be confirmed by examining Figures 7 and 9,
and thus a detailed description of operation in the LCM is skipped here to save space.

In the LCM, Vdc3 continues to discharge and Vdc1 continues to charge regardless of the
polarity of VC

*. Therefore, under actual operating conditions, the LCM is selected when
Vdc1 < Vdc3.

4.2. Voltage Transfer Gain

In this section, the input–output voltage transfer gain M is derived through a
fundamental harmonic analysis (FHA) [31]. Figure 10 shows the Vleg waveform when
1/3 × Vdc ≤ |VC

*| < 2/3 × Vdc. For convenience of the calculation, the original sag-type
Vleg is divided into a square-wave swinging at ±Vdc with full duty and three square waves
with the opposite phase, swinging at ±Vdc/3 during angular sections [π/2 ± α], [π/2 ± β],
and [π/2 ± γ], respectively. The fundamental component is analyzed as Equation (8).

VF
leg =

4
π

Vdc − 4
π

· Vdc
3

(sin α + sin β + sin γ) (8)

Here, α, β, and γ are given by Equation (9). On the other hand, if 2/3 × Vdc ≤ |VC
*|,

γ becomes 0, as shown in Figure 9.

α = 0.5π(d0 + dE + d2E), β = 0.5π(d0 + dE), γ = 0.5πd0 (9)

The fundamental component is reduced compared to the full duty square wave due
to the voltage sag section, as shown in Equation (10). Here, k = Lm/Lr, Q = Z/Rac, and
Rac = 8n2RL/π2. The length of the sag section is related to the duty of the MNRV, which is
also related to VC

*. This means that even if the frequency is fixed, the output voltage can
be adjusted by changing VC

*. This is a distinguishing feature of the voltage modulation
method used in MNRV DPWM compared to the conventional two-level resonant converter
using the frequency modulation method.

|M| = nVO
Vdc

=
1 − sin α+sin β+sin γ

3√[
1 + 1

k{1 −
(

fr
f

)2}
]2

+
[

Q( f
fr
− fr

f )
]2

(10)

Figure 10. Decomposition of Vleg according to the voltage sag range.
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5. Design Guideline

5.1. Design of the Resonant Tank

The proposed converter regulates the output voltage by modulating the magnitude of
Vleg while fixing the operating frequency to the resonance point. Therefore, the voltage gain
range can be determined from the length of the voltage sag section in the normal operating
range as shown in Equation (10). If the load increases while the output voltage is fixed, the
DC link capacitors’ charging/discharging current increases and the duty compensation
effort must be increased. Therefore, the period of the voltage sag section may be out of the
normal range and may no longer be able to undertake voltage compensation. With fixed Vdc
and VO values, dE decreases as n increases. At this time, if the load increases, dE may have
an abnormal value due to the increased duty compensation parameters; therefore, n must
be appropriately designed considering the sag section under the maximum load condition.
When n is determined, a Q factor must be selected. A high Q implies a large Lr and small Cr,
leading to a large reactor size and increased withstand voltage in Cr. On the other hand, if Q
is decreased, the shape of the resonance current deviates from a sinusoidal wave, increasing
the root mean square (RMS) value of ILr. Thus, an appropriate value must be selected.
Cr is determined as Cr = 1/(2π·fr·Q·Rac), and Lr is determined by Lr = 1/[(2π·fr)2·Cr]. Lm
is selected by determining the ratio k between Lm and Lr. Reducing Lm ensures ZVS
operation while increasing circulating current and switch losses. Conversely, a large Lm
reduces circulating current and switch losses, but ZVS operation may not be guaranteed. In
addition, Lm affects the voltage gain in the region other than the resonance point. Therefore,
an appropriate value of Lm must be selected.

5.2. Resonant Current and Voltage

In this section, the peak resonant current ILr_pk and voltage VCr_pk are calculated in
order to select an appropriate device by determining the rated switch current and the
withstand voltage of the resonance capacitor. When operating at the resonance point, ILr
and ILm are in a steady state, as shown in Figure 11. Here, it is assumed that ILr and VCr are
sinusoidal for convenience of calculation, as in Equation (11). The initial phase difference φ
between the ILr and Vleg waveforms is determined as Equation (12). From the observation
that the difference between ILr and ILm during a half cycle is equal to the output current
divided by n, ILr_pk is determined to be Equation (13) [2]. ILr_pk is proportional to the load
current and inversely proportional to Lm. This is consistent with the fact that as the Lm
value decreases, the RMS value of ILr increases with the increased circulating current. From
the energy balance principle, VCr_pk is calculated as Equation (14).

ILr(t) = ILr_ pk sin(ωt − φ) (11)

φ = sin−1

(
nVOT

4ILr_pkLm

)
(12)

ILr_pk =

IO

√
n4RL2

f 2
r Lm2 + 4π2

4n
(13)

VCr_pk = ILr_pk · Z (14)
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Figure 11. Resonant current waveform at fsw = fr.

5.3. Input and Output Capacitances

The input DC link capacitances can be calculated from the charging/discharging
current of the capacitor and the duration time of the voltage sag period. MNRV DPWM
determines the duration time of the reference vector to satisfy the magnitude of VC

* on
average during the unit switching period, as shown in Figure 12. Therefore, the rela-
tionship among α, β, and VC

* can be derived as in Equation (15) (assuming γ = 0 when
|VC

*| ≥ 2/3 × Vdc).
In addition, given that the duty compensation parameters in the steady state are very

small, we can assume that dE = d2E and α = 2β. The input–output voltage relationship of
Equation (10) at the resonance point can be simplified as Equation (16) in a high VC

* case
where α and β are small, and α can be expressed as Equation (17). Thus, dE can be derived
via Equation (18).

V∗
C = Vdc − 2Vdc

3π
(α + β) = Vdc(1 − α

π
) (15)

Vdc =
nVO

1 − sin α+sin β
3

≈ nVO
1 − α

2
(16)

α = 2(1 − nVO
Vdc

) (17)

dE = 1 − V∗
C

Vdc
=

α

π
=

2
π
(1 − nVO

Vdc
) (18)

Figure 12. Relationship between VC
* and Vleg.

Figure 13 describes the characteristics of the voltage change of the input DC link
capacitors in the LCM. From Equation (19), the increment ΔVdc1 during the unit half
cycle, which equals decrement ΔVdc3, is related to Cdc, fsw, ILr_pk, α, β, and φ. When the
target voltage fluctuation amount ΔVdc,target is determined, the Cdc value is given as in
Equation (20) using the previously obtained values of ILr_pk, α, β, and φ. If CM alternates
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between the UCM and LCM at every resonant period in a steady state, the total voltage
change per unit capacitor becomes 2 × ΔVdc.

ΔVdc1 = ΔVdc3 = 1
Cdc

⎡⎢⎢⎣
∫ T

4 −0.5dE
T
2

T
4 −0.5(dE+d2E)

T
2

2
3 ILr_pk sin(ωt − φ)dt +

∫ T
4 +0.5dE

T
2

T
4 −0.5dE

T
2

1
3 ILr_pk sin(ωt − φ)dt

+
∫ T

4 +0.5(dE+d2E)
T
2

T
4 +0.5dE

T
2

2
3 ILr_pk sin(ωt − φ)dt

⎤⎥⎥⎦
=

ILr_pk
3πCdc fSW

(2 sin α − sin β) cos φ

(19)

Cdc ≈ IO
ΔVdc,target

·

√
n4RL2

f 2
r Lm2 + 4π2

4nπ fr
·
√

1 − n2VO
2T2

16ILr_pk
2Lm2 ·

(
1 − nVO

Vdc

)
(20)

Figure 13. Voltage change characteristics of DC link capacitors in the LCM.

The output capacitor current ICO in the steady state, assuming a continuous current
mode, is shown in Figure 14. Because ICO equals the output diode current (IDO1 or IDO2)
minus IO, the net charge increment of CO and QCO from t1 and t2, respectively, is calculated
using Equation (21). Here, t1 = sin−1(2/π)/ω, t2 = [π-sin−1(2/π)]/ω. Thus, to satisfy the
target output voltage fluctuation range ΔVCo,target, CO is determined by Equation (22).

QCO =
∫ t2

t1

ICO(t)dt =
∫ t2

t1

IO(
π

2
sin ωt − 1)dt = 0.105

IO
fsw

(21)

CO = 0.105 × IO
ΔVCo,target fr

(22)
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Figure 14. Current waveform of the output capacitor.

6. Four Representative Sag Types of Vleg According to the Carrier Deformation

For stable operation of the MNRV DPWM-based full-bridge diode-clamped multilevel
resonant converter as described thus far, an appropriate carrier design is required. In
DC/DC converters, it is important to maintain the symmetry of the voltage applied to the
transformer. In order to maintain the symmetry of Vleg, which is the resonant tank input
voltage, the carrier counting direction and initial value must be set appropriately according
to CM. Figure 15 shows the representative Vleg that can be implemented according to
the carrier deformation. Vleg basically takes the shape of a square wave for maximum
power transfer. Additionally, at the middle, edge, or rear of the waveform, taking the
form of a stepped sag, i.e., Vdc→2/3 × Vdc→1/3 × Vdc→2/3 × Vdc→Vdc, Vleg decreases
and increases again. Compensation for the voltage deviations of the DC link capacitors is
performed in that sag section. Depending on the location of the sag, we refer to these as the
middle, edge, rear, and end sags, where sag sections occur respectively at the middle, edge,
rear, and end of Vleg. In fact, the type described and interpreted thus far corresponds to the
middle sag.

Vleg sag types are determined by the initial value and the counting direction of the
carrier at the time the UCM and LCM start [29]. For example, when the UCM starts, if
the carrier decreases from its maximum value and the carrier increases from its minimum
value at the moment the LCM starts, it becomes a middle sag type with a dip in the
middle. The remaining sag types can also be implemented by properly designing the initial
value and the counting direction of the carrier. In addition to these four types, various
Vleg waveforms can be created depending on the shape of the carrier. Each sag type has
distinct characteristics. For the middle sag, the compensation ability for voltage deviation is
excellent because the voltage-deviation-compensation operation occurs near the peak value
of the resonance current, while the switching losses are greatest due to the large switching
current. In addition, the sag occurs in the middle of the square wave, which has the greatest
influence on the fundamental component of Vleg, meaning that the input CO output voltage
transfer gain is low. However, given that the period in which the output diode conducts
is the longest, the RMS values of the output diode current and the resonance current are
smallest, which is advantageous when conducting a large current. Regarding the edge
sag, because the sag section appears at the edge, the ability to compensate for voltage
deviations is somewhat lower, but the fundamental component of Vleg is larger than that in
the middle sag case. In addition, unlike the middle sag, where all compensation operations
for voltage deviation occur under hard switching conditions, the edge sag case can reduce
the switching losses because part of the compensation operations for voltage deviation
may occur in the ZVS region. The rear sag is characterized as intermediate between the
middle sag and the edge sag. All three of these types utilize up and down carriers. On
the other hand, the end sag shows the highest efficiency because the number of switching
operations is reduced compared to other types because the sag occurs only at the end of
the square wave and uses up or down carriers.
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Figure 15. Four typical Vleg waveforms depending on the carrier wave shape: (a) middle, (b) edge,
(c) rear, and (d) end sag types.

7. Simulation and Experiments

7.1. Simulation

To verify the operation of the proposed four-level LLC resonant converter, a simulation
was conducted with the conditions shown in Table 1.

Table 1. Simulation condition.

PO (kW) Vdc (V) VO (V) Lr (mH) Lm (mH) Cr (nF) Cdc (μH) CO (μH) n fsw (kHz)

1 700 350 1.5 4.28 168 100 11 1.68 10

Figure 16 presents the simulation results in a steady state for the middle, edge, rear,
and end sags. From the top are VC

*, CM, GateA, GateB, Vdc, ICdc, ILr, ILm, IDO, VA, VB,
IQA_upper, IQA_lower, and IDA. Here, ICdc is the current flowing through each DC link capacitor,
and IQA_upper, IQA_lower, and IDA are the upper and lower switch currents and the clamping
diode currents for leg A, respectively. Although the currents of the switches and clamping
diodes for leg B are not shown here, their characteristics are symmetric with those of leg A.

All four results are consistent with those described above. In a steady state, CM
alternates between the UCM and LCM for every cycle. For every half cycle, one leg is
clamped with a positive or negative DC rail, and the switch gates of the other leg that is
not clamped are turned on/off in a specific pattern determined by the PWM_CMDs and
pre-defined carrier according to the sag types. The resonance current generated according
to the magnitude of the fundamental component of the Vleg input to the resonance tank
is transferred to the secondary side for constant control of the output voltage. In the sag
section, voltage deviations among input DC link capacitors are reduced, and when the
load or input voltage source changes, instead of sweeping fsw, Vampl changes to control the
fundamental component of Vleg.

The voltage transfer gain decreased in the order of the edge, end, rear, and middle
sag types. Therefore, the magnitude of VC

* required to maintain a constant output voltage
under identical conditions was found to be largest at the middle sag, as expected. On the
other hand, the RMS values of the output diode and the resonance currents increased in the
order of the middle, rear, end, and edge sag types. Owing to the reduced switching number
in the end sag case, the overall efficiency was largest for the end sag. The compensation
operation for the deviation of the capacitor voltage was performed in three steps during one
cycle on average, and the switching step voltage of the four-level converter was lower by
one third compared to that of a two-level converter. Therefore, the switching loss of the end
sag type was expected to be nearly identical to that of the conventional two-level converter.
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Figure 16. Simulation results for the (a) middle, (b) edge, (c) rear, and (d) end sags.
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Figure 17 shows the loss analysis result of the switching devices according to the sag
types when PO = 1000 W. Losses were calculated by means of thermal loss modeling with
PLECS software, utilizing the datasheets of the actual devices mentioned in Section 7.2 [32].
Here, Pcond,Q and Psw,Q are conduction and switching losses of the main switches, respec-
tively. Pcond,D and Psw,D are the conduction and switching losses of the clamping diodes,
respectively. Lastly, PCond,DO denotes the conduction losses of the output diodes. As ex-
pected, the middle sag had largest switching losses compared to the other types while also
showing the smallest conduction losses. Considering the winding losses of the magnetic
material, it is predicted that the middle sag type would be more advantageous under a
heavy load condition.
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Figure 17. Switches loss analysis for the middle, edge, rear, and end sag types when PO = 1000 W.

7.2. Experiments

A prototype circuit (Figure 18) was designed to confirm the operation of the proposed
converter and to compare the performance outcomes according to the voltage sag types.
The experimental conditions are identical to those in Table 1, except that here PO varied
between 500 W and 1500 W. The following devices were used in this experiment. The main
switches were Fuji-Electric FGW35N60HD, the clamping diodes were ST-Microelectronic
STTH15RQ06-Y, and the output diodes were Vishay VS-HFA06TB120S-M3. The center-
tapped transformer had four stacked ferrite cores of the EE6565S with an air gap, and its
turn ratio was 47:28:28. The resonant inductor consisted of four stacked ferrite cores of
the EE4242S with an air gap. The controller was implemented using TI TMS320F28377D.
Increased active switch control, voltage balancing of DC link capacitors, and CM selection
increased the amount of computation in the MNRV DPWM compared to conventional
two-level converters. Extra logic was also added to handle the clamped PWM CMDs every
half cycle and the carrier whose phase is inverted whenever CM changes. It takes a lot
of interrupt service routine (ISR) time to set and change the relevant registers of every
switching pair that is different from each other. This increased ISR time limits the increase
in the switching frequency. In this paper, the PWM switching part was implemented
using the embedded ePWM module of the DSP due to the laboratory limitations. In
order to overcome this limitation of increasing the switching frequency, it is necessary to
implement a PWM switching part by using an FPGA with a parallel operation function
and fast processing speed. This allows for a much higher switching frequency than in
this experiment.

Figure 19 shows the VA, VB, Vleg, VO, and ILr waveforms according to the voltage sag
types when PO = 1500 W. It can be seen that the output voltages held constant at 350 V
in all four voltage sag types and that the Vleg values input to the resonance tank differed
depending on the sag type, showing unique resonance current shapes. In addition, the
selection of CM differed according to the magnitudes of Vdc1 and Vdc3. On the other hand,
the RMS value of ILr was lowest in the middle sag case because the conduction time of the
output diode was longest for that sag type. However, because the voltage transfer gain was
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lowest in the middle sag case, the length of d3E was longest for the middle sag at a higher
Vampl, whereas for the edge and end sags, it was conversely short.

Figures 20 and 21 show the waveforms when PO = 1000 W and 500 W, respectively,
showing results similar to those in the previous analysis. As the load decreased, it can
be seen that conduction time of the output diode was shortened as the magnitude of the
resonance current decreased. Figure 22 confirms the DC link capacitor voltage balancing
capability for each voltage sag type. As described above, the voltage imbalance was
eliminated by changing the CM based on the voltage deviation of the upper and lower
capacitors. Meanwhile, the dcomp parameters in Equation (1) had the smallest value in
the middle sag case, where the sag operation was performed at the peak point of the
resonance current.

Switching Stack Resonant TankInput dc-link

Sensing part

DSP

Output stage

Oscilloscope

Figure 18. Prototype circuit of the proposed converter.

 
(a)                               (b) 

 

 (c)                                   (d) 

Figure 19. Experimental results for the (a) middle, (b) edge, (c) rear, and (d) end sags when
PO = 1500 W.
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 (a)                                    (b) 

 

 (c)                                  (d) 

Figure 20. Experimental results for the (a) middle, (b) edge, (c) rear, and (d) end sags when
PO = 1000 W.

 
             (a)                                  (b) 

 

 (c)                                  (d) 

Figure 21. Experimental results for the (a) middle, (b) edge, (c) rear, and (d) end sags when
PO = 500 W.
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             (a)                                    (b) 

 
 (c)                                   (d) 

Figure 22. Voltage-balancing performances for the (a) middle, (b) edge, (c) rear, and (d) end sags
when PO = 1000 W.

Using a Yokogawa WT333E power meter, the power conversion efficiencies for each
sag type were measured and compared as shown in Figure 23. When the load was small,
the middle sag type with large switching loss showed the lowest efficiency (91.1% efficiency
at PO = 500 W), but as the load increased, the middle sag type with the smallest RMS
values of the resonance current and output diode current showed the highest efficiency
(95.2% efficiency at PO = 1500 W). In fact, in this experiment, because the transformer turn
ratio was designed to be small considering the middle sag with a small voltage transfer
gain, the period of resonance section was reduced in the edge, rear, and end sag cases.
Thus, the resonance currents and the output diode currents of edge, rear, and end sag
types became large, resulting in high conduction losses of switches and high copper losses
of the transformer and inductor. Therefore, if optimally designed for each sag type, the
efficiency rate of the edge, rear, and end sag types can be improved compared to those in
this experiment. With an optimal design of the transformer turn ratio for each sag type, the
VC

* should be placed at a high level of LVR in its normal operating range.
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Figure 23. Efficiency comparison for the middle, edge, rear, and end sags.

8. Conclusions

In this paper, we proposed an amplitude-modulating full-bridge diode-clamped
multilevel LLC resonant converter suitable for power conversion systems that use high
input voltages. A new modulation scheme called MNRV DPWM was applied to eliminate
voltage deviations in DC link capacitors connected in series. The proposed multilevel
resonant converter operates by modulating the magnitude of the fundamental wave input
to the resonant tank while fixing the operating frequency at the resonant point. The fixed
operating point facilitates the design of passive devices and enables stable operation over a
wide operating range with just one power conversion stage. In this paper, we proposed
a control algorithm and analyzed the operating characteristics of the proposed diode-
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clamped four-level LLC resonant converter and presented design guidelines. The feasibility
and effectiveness of the proposed converter were verified through a simulation and via
experimentation with the prototype converter.
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Abstract: Dc–dc converters with a high gain, continuous input current, and common ground are usu-
ally employed in renewable energy applications to boost the generated output voltage of renewable
energy sources. In this paper, a high-gain dc–dc converter comprising a voltage multiplier cell (VMC)
and a common ground with continuous input current and low-voltage stress across semiconductor
devices is proposed. The converter produces a voltage gain of about ten times compared to the
conventional boost converter at a duty ratio of 50% by utilizing switched capacitors and switched
inductors. The simultaneous operation of both the switches with the same gate pulse offers easy and
simple control of the proposed converter with a wide range of operations. The boundary operation
of the converter is analyzed and presented in both modes, i.e., continuous conduction mode (CCM)
and discontinuous conduction mode (DCM). Ideal and nonideal analysis of the converter is carried
out by integrating real models of passive elements and semiconductor devices by using PLECS
software. The simulation is also used to calculate the losses and hence the working efficiency of the
converter. The performance of the converter analyzed in the steady state is compared with various
similar converters based on the voltage boosting capability and switching stresses. A hardware
prototype is also developed to confirm and validate the theoretical analysis and simulation of the
proposed converter.

Keywords: dc–dc converter; high gain; low-voltage stress; voltage multiplier cell; nonisolated converter

1. Introduction

High-gain boost converters have gained prominence in recent times due to their
suitability in various applications such as solar PV systems [1], switch-mode power supplies
(SMPS), electric vehicles, and aerospace applications. A conventional boost converter has
certain shortcomings such as discontinuous input and output currents and increased losses
in the system at higher duty cycle operations, which leads to its limited solar PV and fuel
cell applications. The traditional quadratic boost converter (TQBC) shown in Figure 1 uses
a single switch of high voltage and a current rating which results in low efficiency at higher
duty ratios. In the literature, many high-gain dc–dc converters are being published [2,3]
to overcome the limitations of the conventional boost and quadratic boost converter. The
use of coupled inductors, Z-source converters, switched inductors, switched capacitors,
and voltage multiplier cells (VMCs) are popular methods to increase the gain of high-gain
dc–dc converters.
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uin

Figure 1. A traditional quadratic boost converter (TQBC).

Isolated step-up quadratic boost converters are implemented in [4,5] with coupled
inductors that have a high-voltage gain and low switching stress. The converter in [4] has a
voltage doubler cell and produces a higher gain as compared to [5]. Soft switched dc–dc
converters eliminate the switching losses [6,7] however their hardware implementation
and operation are difficult. Various Z-source converters [8–11] have been proposed in the
literature that contains a unique impedance network. In [10], a quasi-Z source converter is
implemented using a switched capacitor and switched inductor configuration for achieving
a high-voltage gain along with low-voltage stress on capacitors and a continuous input
current, but the topology lacks a common ground. In [11], the hybrid quasi-Z source
converter is proposed by a combination of traditional Z source converters.

A set of nonisolated switched inductors and switched capacitor converters are dis-
cussed in [12–17]. The converter proposed in [12] has a switched capacitor and quadratic
gain with a common ground and low input current ripples. The converter is lightweight
due to the absence of a transformer and can be utilized for solar PV applications. In [13],
the authors have proposed a switched inductor boost converter that has low current stress
in inductors but suffers from a low-voltage gain and high-switch stresses. In [14], the twin
duty cycle and three switches configuration add to the complexity of the circuit [14,15] as
compared to [16] which has two switches following the same duty cycle. A non-isolated
converter is proposed in [17] and has a simple design as compared to [15,16] along with a
high gain and reduced voltage stresses on switches, diodes, and capacitors. It has a sym-
metrical structure that helps to ease the choice of the components and its design. In [18],
a single switch nonisolated topology is implemented with low switch stress. In [19], the
transformerless converter shown in Figure 2 is proposed. It consists of a VMC, with a gain
of six times that of a conventional boost converter with a single switch and two inductors.
The converter shown in Figure 2 has a single switch but the converter lacks a common
ground. Moreover, the input current pulsates. The converter proposed in this paper has a
common ground and continuous input current.

Vin

Figure 2. Converter proposed in [19].
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In [20], a modified Ćuk converter is proposed with switched capacitors. The authors
have proposed a buck-boost converter in [21] for renewable energy applications with
continuous input. The converter exhibits high efficiency above 95% around the 56.5% duty
cycle; however, the switching stress also increases drastically. In [22], an extendable boost
converter employing active-passive inductor cells (APIC) is proposed. The efficiency and
voltage gain at a lower duty ratio decrease drastically as the number of APICs is increased.
The authors in [23] have introduced an extended boost converter by implanting a cell
consisting of switched capacitors and inductors between a conventional boost converter.
The converter has the same voltage gain for the complementary duty ratio, which is nearly
constant, while the duty ratio is varied from 30% to 70%. A quadratic boost converter is
proposed in [24]. The gain of the converter is lower as compared to similar topologies.
A variety of quadratic boost converters are introduced in [25–30], each with its set of
advantages and disadvantages. The authors in [25] have proposed a simple quadratic boost
converter, but it lacks a common ground, whereas a modified quadratic boost converter
in [26] is implemented, resulting in twice the gain as compared to the quadratic boost
converter. The converter proposed in [27] has a common ground but a lower gain as
compared to the topology proposed in [28], which lacks a common ground. The quadratic
converter proposed by the authors in [29] has more components as compared to [30] but
has a higher gain at the cost of a decreased efficiency due to increased heat losses.

In this paper, a new transformerless high-gain dc–dc converter is implemented that
employs a VMC to boost the voltage. The attractive features of the proposed topology are

• The converter achieves a high gain of 10 times the conventional boost and 5 times that
of the quadratic boost converter at a 50% duty ratio.

• The converter has low voltage stress of 5% of the output voltage across switch S1.
• The converter uses the same gate signal for both switches, which leads to its

easy operation.
• The topology has a continuous input current and a common ground, making it feasible

for PV applications.

The paper discusses the structure of the proposed topology and its detailed ideal
analysis in Section 2 followed by the nonideal analysis in Section 3. The comparison of
the proposed topology with various similar converters is carried out in Section 4. The
simulation and the experimental results are presented in Section 5 along with the efficiency
of the proposed converter at different input voltages and power.

2. Structure of Proposed High-Gain DC–DC Converter Topology

The components of the proposed nonisolated dc–dc converter topology depicted in
Figure 3 consist of a fixed DC input voltage source Vin; two switches (MOSFETs) S1 and S2;
three inductors L1, L2, and L3; seven diodes D1, D2, D3, D4, D5, D6, and DO; five capacitors
C1, C2, C3, C4, and CO; and a resistive load RO with an output voltage of VO. The circuit
also consists of a VMC with elements L2, L3, C4, D5, and D6. The nonisolated converter
does not include a high-frequency transformer and hence contributes to its low bulkiness,
size, and cost reduction. This further aids in easier control of the topology as compared to
isolated converters.

2.1. Operation of the Converter in Continuous Conduction Mode (CCM)

The proposed converter operates in two modes in each cycle while working in the
CCM state. Each mode is discussed in detail by providing the voltage and current equations
of each component in both modes.

Mode 1 (0 ≤ t ≤ tO): In mode 1, both switches S1 and S2 are turned ON simul-
taneously, as shown in Figure 4, by applying the appropriate gate pulse. In this mode,
diodes D2, D4, D5, and D6 are forward-biased, whereas the other diodes D1, D3, and DO
are reverse-biased. The inductor L1 is charged through the input voltage source and the
inductors L2 and L3 are charged through the capacitor C3. The capacitor C3 is discharged,
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while the capacitor C5 is charged in this mode. The output capacitor CO discharges and
feeds the load to maintain a constant voltage VO across the output load resistor.

Figure 3. Proposed high-gain dc–dc converter topology.

Figure 4. Conduction diagram of the converter in ON-state (Mode 1).

The voltage and current equations across the inductors and capacitors during mode 1
when both switches are ON can be expressed as (1) and (2), respectively.⎧⎪⎪⎨⎪⎪⎩

VL1 = Vin
VC0 = V0

VC3 = VC1 + VC2
VL2 = VL3 = VC3 = VC5 = −VC4

(1)

⎧⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎩

IL1 = Iin
IC1 = IC2 = ID2 = IS1 − Iin

IS2 = Iin + iC3 − Is1 = IC3 − IC1
ID4 = IC5
ICO = IO
IC4 = IL2

(2)

Mode 2 (tO ≤ t ≤ T): In mode 2, both switches S1 and S2 are turned OFF simultane-
ously. In Figure 5, it can be seen that diodes D1, D3 and DO are forward-biased, whereas
the remainder of diodes D2, D4, D5 and D6 are reverse-biased. In this mode capacitor, C3 is
charged through capacitors C1 and C2. Inductors L2 and L3 along with capacitor C4 transfer
power to load and charge, and capacitor CO maintains a constant voltage VO about the
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load. The voltage and current equations across the inductors and capacitors during Mode 2
when both switches are OFF can be expressed as (3) and (4), respectively.⎧⎪⎪⎪⎪⎨⎪⎪⎪⎪⎩

VC1 = VC2
VL1 = Vin + VC1 − VC3 = Vin − VC1

VC0 = V0
VC3 = VL2 + VL3 + VC4 − VC5 + VCo = VL2 + VL3 + VC4 − VC5 + VO

VL2 = VL3 = 1
2 (3 VC3 − V0)

(3)

⎧⎪⎪⎨⎪⎪⎩
IC1 = IC2 = ID1 = ID2 = −Iin

2
IC4 = IC5 = IDo = Iin + IC3

IC0 = I0 − Iin − IC3
IL2 = IC4

(4)

Figure 5. Conduction diagram of the proposed converter in OFF state (Mode 2).

The ideal voltage gain (M) can be calculated by using the volt-sec balance principle in
an inductor in CCM operation as per the following relation given in (5),

1
T

⎛⎝ DT∫
0

VLONdt +
T∫

DT

VLOFFdt

⎞⎠ = 0 (5)

Applying the volt-sec principle in the inductor L1⎧⎪⎨⎪⎩
1
T

(
DT∫
0

Vindt +
T∫

DT
(Vin − VC1)dt

)
= 0

VC1 = VC2 = Vin
(1−D)

= VC3
2

(6)

Applying the volt-sec balance principle to L2⎧⎪⎪⎨⎪⎪⎩
1
T

(
DT∫
0

VC3dt +
T∫

DT

(3VC3−VO)
2 dt

)
= 0

VC3 = 2VC1 = (1−D)VO
(3−D)

(7)

Equating Equations (6) and (7)

MCCM =
V0

Vin
=

2(3 − D)

(1 − D)2 (8)

where ‘D’ denotes the duty cycle for switches S1 and S2.

184



Electronics 2022, 11, 2014

The voltages across the capacitors and inductors (shown in Figure 6) are represented
in (9) and can be easily evaluated by applying KVL in respective loops as,⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

VC1 = VC2 = (1−D)VO
2(3−D)

VC3 = 2VC1 = (1−D)VO
(3−D)

VC4 = −VC5 = −VC3 = −(1−D)VO
(3−D)

VC0 = V0

VL1OFF = (−D)Vin
(1−D)

= −D(1−D)VO
2(3−D)

VL2OFF = VL3OFF = −(1 + D)Vin
2(3−D)

= −(1 + D)VO
(1−D)2

(9)

Figure 6. Inductor voltages.

2.1.1. Calculation of Voltage Stress

The voltage stress across the switches as shown in Figure 7 and the diodes shown in
Figures 8 and 9 are evaluated at the instance when the switches are not conducting and are
in the OFF state. The voltage stress particularly refers to the peak inverse voltage across
the switch.

Figure 7. Switch voltages.
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Figure 8. Diode voltages.

Figure 9. Diode voltages.

The voltage stresses across the switches in the OFF state are given as,⎧⎨⎩ VS1 = (1 − D)VC1 = (1−D)2Vo
2(3−D)

VS2 = (1 − D)(VC5 − Vo ) =
−2(1−D) Vo

(3−D)

(10)

The voltage stress across different diodes when they are not conducting can be ex-
pressed as in (11): ⎧⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎩

VD1 = VD3 = D VC1 = D(1−D)Vo
2(3−D)

VD2 = (1 − D)VC1 = (1−D)2Vo
2(3−D)

VD4 = (1 − D)(VC3 − V0 ) =
−2(1−D) Vo

(3−D)

VD5 = VD6 = −(1−D)Vo
(3−D)

VD0 = −2D Vo
(3−D)

(11)
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2.1.2. Calculation of Average and RMS Currents

The average currents through the capacitors and switches can be easily determined by
applying the current-sec balance principle in capacitors.

1
T

⎛⎝ DT∫
0

ICON dt +
T∫

DT

ICOFF dt

⎞⎠ = 0. (12)

The average switch currents (in Figure 10) are given as,⎧⎨⎩IS1avg = IL1 − ID1 = (3−D)(1+D)io
D(1−D)2

IS2avg = 2IL2 = 2io
(1−D)

(13)

Figure 10. Switch currents.

The average inductor currents (in Figure 11) are given as,⎧⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎩

iL2avg = iL3avg = io
(1−D)

iDOavg = iD4avg = io

iL1avg = iin = 2(3−D)io
(1−D)2

iD5avg = iD6avg = 2iL2avg = 2io
(1−D)

iD1avg = iD2avg = iD3avg = (3−D)io
D(1−D)

(14)

The RMS values of the switch currents are given as,⎧⎨⎩iS1rms =
(3−D)(1+D)io

D
√

D(1−D)2

iS2rms =
2io√

D(1−D)

(15)
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Figure 11. Inductor currents.

The RMS values of the various currents through the components are given as,⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

iL2rms = iL3rms =
io

(1−D)

iDOrms = iD4rms =
io√
D

iL1rms = iin = 2(3−D)io
(1−D)2

iD5rms = iD6rms = 2iL2rms =
2iio√

D(1−D)

iD1rms = iD2rms = iD3rms =
(3−D)iO

D
√

D(1−D)

iC1rms = iC2rms =
3−D

(1−D)2

√
1−D

D io

iCOrms =
√

D
1−D io

iC3rms =
(5−D)

(1−D)
√

D (1−D)
io

iC5rms = iC4rms =
1√

D (1−D)
io

(16)

2.1.3. Design of Inductors and Capacitors

The ripple current in the inductor L1 can be found as in (17) and rearranged to obtain
the critical value of the inductor for CCM operation.⎧⎨⎩ (ΔiL1)ON = Vin

L1
DT

L1Cri =
Vin

(ΔiL1)ON fs
D = D(1−D)2 VO

2(3−D)ΔiL1 fs

(17)

The ripple current and the critical value of the inductors L2 and L3 can be found as{
(ΔiL2)ON = VC3

L2
(1 − D)T

L2Cri = L3Cri =
D(1−D)VO
(3−D)ΔiL2 fs

(18)

The peak-to-peak ripple voltages across the capacitors can be given as⎧⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎩
ΔVc1 = ΔVc2 = (3−D)V0

(1−D)ROC1 fs

ΔVc3 = (5−D)V0
(1−D)ROC3 fs

ΔVc4 = ΔVc5 = V0
ROC4 fs

ΔVcO = DV0
ROCO fs

(19)
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2.2. Operation of Converter in Discontinuous Conduction Mode (DCM)

The proposed converter can also operate in DCM. This mode consists of three different
sub-modes of operation, as depicted in Figure 12.

Figure 12. Typical waveforms during DCM.

(i) Mode 1: In this mode, both switches are turned ON for duty cycle D as in the case
of CCM.

(ii) Mode 2: In this mode, both switches are turned OFF and the inductors start discharg-
ing. The inductors discharge through diodes D1, D3, and DO for a duty cycle D’ and
the mode ends at D + D’.

(iii) Mode 3: In this mode, none of the switches or diodes conduct, and the load is fed
entirely through the output capacitor CO. The mode is operated for a duration of
1 − D − D’.

The inductors are charged in Mode 1 (from t = 0 to t = DT) and are discharged in Mode
2 (from t = DT to t = D’T). Hence, by applying volt-sec balance across the inductors, we
obtain the voltage gain in DCM.

Applying volt-sec balance in inductor L1, we obtain,

Vc1 =
(D + D′)Vin

D′2 (20)

Applying volt-sec in L2, we obtain,

Vc1 =
D′VO

2(2D + 3D′)
(21)

From Equating (20) and (21), we obtain,

MDCM =
VO
Vin

=
2(D + D′)(2D + 3D′)

D′2 (22)

Rearranging Equation (22), we obtain,

D′ =
√

D2 + 4MDCM − 5D
6 − MDCM

(23)
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Under DCM analysis for inductor L2, we have,{
VL2 = L2

ΔiL2
DT

ΔiL2 = VOD′DT
L2(2D+3D′)

(24)

For DCM operation,

IL2 =
ΔiL2

2
= IO (25)

From (24) and (25) we obtain,

D′ = 4τ fsD
D − 6τ fs

(26)

where τ is the time constant represented as L2
RO

and fs is the switching frequency of
the switches.

Equating (25) and (26), we obtain,

MDCM =
D(D − 2τ fs)

4 (τ fs)
2 (27)

Let Ke = τ fs; then,

MDCM =
D(D − 2Ke)

4 (Ke)
2 . (28)

2.3. Converter Operation at Boundary Conditions

The boundary condition represents the critical conduction state of the converter on
the boundary of DCM and CCM. The relation for the boundary condition can be easily
formulated by equating the voltage gains in the CCM and DCM operations, respectively.
The boundary condition is determined by the boundary-normalized time constant of the
inductor L2, is as shown in Figure 13. The variation in the time constant of the inductor as
a function of the duty cycle is represented as

Kec =
D(1 − D)

8(3 − D)

(
D +

√
25 − 8D − 1

)
(29)

 

Figure 13. Boundary normalized inductor time constant versus the duty ratio.

The maximum value of Kec is 0.00516 obtained at D = 0.55. The converter operates in
DCM mode for a time constant less than Kec and in CCM mode for a time constant more
than Kec.
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3. Nonideal Analysis

The nonideal analysis of the converter accounts for the power loss analysis of the
circuit. Thus far, only the ideal lossless analysis of the converter is being considered in the
paper, ignoring the parasitic series resistances of the inductors, equivalent series resistance
(ESR) of the capacitors, barrier potential voltage and leakage resistances of the diode, and
the ON-state resistance of the switches (MOSFET), as shown in Figure 14. The loss analysis
is proceeded by the inclusion of the above-mentioned parameters in the ideal circuit of the
proposed topology. The nonidealities of the elements tend to decrease the voltage gain of
the converter and also result in an increase in power losses. The total power loss across all
the elements is given as,

Plosstotal
=

2

∑
i=1

PSiloss +
6

∑
i=0

PDiloss +
5

∑
i=0

PCiloss +
3

∑
i=1

PLiloss (30)

 
Figure 14. Nonideal realization of the proposed topology.

3.1. Calculation of Losses across Switches

The losses across switches can be either conduction losses that are encountered when
the switch is ON and current flows through it, or they may be switching losses that are
encountered when the switch is in the transition from the ON state to OFF state or vice-versa.

PS
losstotal

= PS1,2
lossconduction

+ PS1,2
lossswitching

(31)

For the conduction loss calculations, the resistance of both switches is assumed to be
the same, i.e., rS1 = rS2 = rs.⎧⎪⎪⎪⎨⎪⎪⎪⎩

PS1,2
lossconduction

= i2S1rms
rS1 + i2S2rms

rS2

PS1,2
lossconduction

=
(
(3−D)(3 + D)io

D
√

D(1−D)2

)2
rS1 +

(
2io√

D(1−D)

)2
rS2

PS1,2
lossconduction

= 1
(D)3(1−D)4 ((3 − D)2(1 + D)2 + (D)2(1 − D)2)PO

rs
RO

(32)
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For the calculation of switching losses for a switch operating at a switching frequency
of fs, the rise time (tr) and fall time (t f ) of the gate pulses are considered. Then, the
switching losses can be given as,⎧⎪⎪⎪⎨⎪⎪⎪⎩

PS1,2
lossswitching

=
( tr + t f

2

)
×
(

iS1avg VS1avg + iS2avg VS2avg

)
fs

PS1,2
lossswitching

=
( tr + t f

2

)
×
(
(3−D)(1+D)io

D(3−D)2 × (1−D)Vo
2(3−D)

+ 2io
(1−D)

× 2Vo
(3−D)

)
× fs

PS1,2
lossswitching

=
( tr + t f

2

)
×
(

3 + 2D−D2

2D(1−D)(3−D)

)
PO × fs

(33)

3.2. Calculation of Losses across Diodes

For the calculation purpose, the cut-in voltage and resistance of all diodes are assumed
to be the same, i.e., VDO = VD1 = VD2 = VD3 = VD4 = VD5 = VD6 = VD and rDO = rD1 =
rD2 = rD3 = rD4= rD5 = rD6= rD. The losses across different diodes are given as:⎧⎪⎪⎪⎨⎪⎪⎪⎩

PDOloss = iDOavg VDO + i2DOrms
rDO

PDOloss = ioVDO +
(

io√
D

)2
rDO

PDOloss =
VD
VO

Po +
(

1√
D

)2 rD
RO

PO

(34)

⎧⎨⎩ PD1loss = iD1avg VD1 + i2D1rms
rD1

PD1loss =
(3−D)
D(1−D)

VD
VO

Po +
(

(3−D)

D
√

D(1−D)

)2 rD
RO

PO
(35)

⎧⎨⎩ PD2loss = iD2avg VD2 + i2D2rms
rD2

PD2loss =
(3−D)
D(1−D)

VD
VO

Po +
(

(3−D)

D
√

D(1−D)

)2 rD
RO

PO
(36)

⎧⎨⎩ PD3loss = iD3avg × VD3 + i2D3rms
× rD3

PD3loss =
(3−D)
D(1−D)

VD
VO

Po +
(

(3−D)

D
√

D(1−D)

)2 rD
RO

PO
(37)

⎧⎨⎩ PD4loss = iD4avg VD4 + i2D4rms
rD4

PD4loss =
VD
VO

Po +
(

1√
D

)2 rD
RO

PO
(38)

⎧⎨⎩ PD5loss = iD5avg VD5 + i2D5rms
rD5

PD5loss =
2

(1−D)
VD
VO

Po +
(

2√
D (1−D)

)2 rD
RO

PO
(39)

⎧⎨⎩ PD6loss = iD6avg VD6 + i2D6rms
rD6

PD6loss =
2

(1−D)
VD
VO

Po +
(

2√
D (1−D)

)2 rD
RO

PO
(40)

PDlosstotal
= PDOloss + PD1loss + PD2loss + PD3loss + PD4loss + PD5loss + PD6loss (41)

3.3. Calculation of Losses across Capacitors

For the calculation of conduction loss in capacitors, the parasitic resistances of the
capacitors rC1, rC2, rC3, rC4, and rC5 are assumed to be equal, while the resistance of the
capacitor CO is assumed to be rCO⎧⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎩

PClosstotal
= i2COrms

rCO + i2C1rms
rC1 + i2C2rms

rC2 + i2C3rms
rC3 + i2C4rms

rC4 + i2C5rms
rC5

PClosstotal
=
(√

D
1−D

)2 rCO
RO

PO + 2
(

3−D
(1−D)2

√
1−D

D

)2
rC1
RO

PO+(
(5−D)

(1−D)
√

D (1−D)

)2
rC3
RO

PO +

(
1√

D (1−D)

)2
rC5
RO

PO

PClosstotal
=
(

D
(1−D)

)
rCO
RO

PO +
(

44−24D + 4D2

D(1−D)3

)
rC
RO

PO

(42)
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3.4. Calculation of Losses across Inductors

The loss calculations for inductors are carried out by ignoring the ripple in the inductor
current through the leakage resistances rL1, rL2, and rL3. Inductors L2 and L3 have the
same design values; hence, their parasitic resistances are assumed to be equal.⎧⎪⎨⎪⎩

PLlosstotal
= i2L1rms

rL1 + i2L2rms
rL2 + i2L3rms

rL3

PLlosstotal
=

(
2(3−D)

(1−D)2

)2
rL1
RO

PO + 2
(

1
(1−D)

)2 rL2
RO

PO
(43)

3.5. Calculation of Efficiency of the Converter in Nonideal Mode

The efficiency of the converter is given as the ratio of the output power transferred to
the total input power fed to the circuit, which can be represented as the sum of the output
power and the total losses in the converter. The efficiency (η) is given as⎧⎪⎨⎪⎩

η = P0
P0+PSloss

+PDloss
+PCloss

+PLloss

η = 1

1+
PSloss

+PDloss
+PCloss

+PLloss
P0

= 1
1+K

(44)

where K is a constant given simplified as,⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

K =
{[

1
D3(1−D)4

(
(3 − D)2(1 + D)2 + (D)2(1 − D)2) rS

RO

]
+
⌈
(2D+3)(3−D)

D(1−D)
VD
VO

+ 27−18D+13D2−4D3+2D4

D3(1−D)2
rD
RO

⌉
+
⌈

D
1−D

rCO
RO

+ 35−18D+3D2

D(1−D)3
rC
RO

⌉
+

[(
2(3−D)

(1−D)2

)2
rL1
RO

+ 2
(

1
1−D

)2 rL2
RO

]}
(45)

After substituting the value of K obtained in (45) in (44), we obtain,

η =
D3(1 − D)4

D3(1 − D)4 +
[

a
(

rS
RO

)
+ b

(
rD
RO

)
+ c

(
rCO
RO

)
+ d

(
rC
RO

)
+ e

(
rL1
RO

)
+ f

(
rl2
RO

)
+ g

(
VD
VO

)] (46)

where, ⎧⎪⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎪⎩

a =
(
9 + 12D − D2 − 6D3 + 2D4)

b =
(
27 − 18D + 13D2 − 4D3 + 2D4)

c = D2(1 − D)4

d = D(1 − D)2(35 − 18D + 3D2)
e = 2D(3 − D)3

f = 2D(1 − D)4

g = D3(1 − D)4(3 − D)(2D + 3)

(47)

3.6. Calculation of Nonideal Voltage Gain

For the derivation of nonideal voltage gain, all the lossy components of the elements
such as the ON-state resistance of diodes and switches, ESRs of the inductor, and capacitor
are considered for the analysis. Thus far, the input and output powers are equal due
to lossless analysis, whereas, considering the above assumptions, the modified relation
between the input and output power can be expressed as:

Input Power = Output Power + Losses across elements

3.7. Variation in Nonideal Voltage Gain

The nonideal gain (Mactual) of the proposed converter is derived as,
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⎧⎪⎪⎪⎨⎪⎪⎪⎩
Mactual =

1
1+K (MCCM)ideal = η(MCCM)ideal

Mactual = 2D3(1−D)2(3−D)⎛⎜⎝ D3(1 − D)4+[
a
(

rS
RO

)
+ b

(
rD
RO

)
+ c

(
rCO
RO

)
+ d

(
rC
RO

)
+ e

(
rL1
RO

)
+ f

(
rL2
RO

)
+ g

(
VD
VO

)]⎞⎟⎠ (48)

From the voltage gain comparison of ideal and nonideal voltage gains of the proposed
topology in Figure 15, it is observed that both gains have similar values up to the duty
ratio of 0.4, and then the nonideal gain increases until D = 0.7 but deviate from the ideal
characteristics. Thereafter, it gradually decreases to zero at the unity duty ratio.

 

Figure 15. Comparison of calculated ideal and simulated nonideal voltage gain of the proposed
converter.

The voltage gain of the converter can be affected by the parasitic resistances of different
elements of the converter such as the parasitic resistance of inductors, capacitors, and
switches. As the parasitic resistances of different elements increase, the voltage gain of the
converter decreases gradually.

From Figure 16, it can be observed that, when the parasitic resistance of the switch is
increased while other elements are kept ideal, the voltage gain of the converter decreases.
For the parasitic resistance of 0.2% of the load resistance, the maximum gain is at the duty
ratio of 0.7 with a gain of 24.18, while it decreases to 15.84 and 11.77 for 4% and 6% of the
parasitic resistance, respectively, at D = 0.7.

From Figure 17, it can be observed that, when the parasitic resistance of the inductor
is increased while other elements are kept ideal, the voltage gain of the converter decreases.
For a parasitic resistance of 0.2% of the load resistance, the maximum gain is at the duty
ratio of 0.75 with a gain close to 34, while it decreases to 24.88 and 19.80 for 4% and 6% of
the parasitic resistance, respectively, at D = 0.7.

From Figure 18, it can be observed that, when the parasitic resistance of the capacitor
is increased while other elements are kept ideal, the voltage gain of the converter decreases.
For the parasitic resistance of 0.2% of the load resistance, the maximum gain is at the duty
ratio of 0.8 with a gain of 63, while it decreases to around 41 and 21 for 4% and 6% of the
parasitic resistance, respectively, at a near-duty ratio of 0.8.
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Figure 16. Voltage gain variation as per parasitic resistance of the switch.

Figure 17. Voltage gain variation as per parasitic resistance of the inductor.

Figure 18. Voltage gain variation as per parasitic resistance of the capacitor.
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4. Comparison of the Proposed Topology

In this section, a comparison between the proposed topology with two traditional
topologies and recent topologies is discussed. The topologies are compared based on their
voltage gain (MCCM), number of inductors (NL), number of capacitors (NC) and number of
diodes (ND) in the converter. The voltage stress appearing across the switches (Vsi/Vin) is
also compared along with the availability of common ground.

For the comparison of the topologies, the graph between the ideal voltage gain and
the duty cycle is plotted in Figure 19a. Figure 19b depicts the comparison of the nonideal
gain of the converter with the ideal gain of some selected topologies whose gain intersects
the nonideal gain plot of the proposed topology. The voltage stress across the switches in
the compared converters is shown in Figure 20.

 

 
(a) 

 
(b) 

Figure 19. (a) Comparison of ideal voltage gain of various similar converters [4,5,16,22,24–30].
(b) Comparison of various topologies with the nonideal voltage gain of proposed topology [4,24,27,28].

It can be observed from Figure 19a that the proposed topology has the highest ideal
gain among all the high-gain boost converters compared to all converters. An ideal voltage
gain of above 14 is achieved by the proposed topology at a duty ratio of 40% and a gain of
20 is achieved at a duty ratio of 50%. The proposed converter also has a higher nonideal
gain, as shown in Figure 19b, as compared to the ideal gain of the similar topologies, as
presented in Table 1, until the duty ratio of 60%. The switching stress of the converter
is very low as compared to the traditional topologies. In converters [4,5], even with the
presence of an isolation transformer/coupled inductor operating at a transformation ratio
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of one, a lower gain than the proposed topology is produced, which works without a
transformer or coupled inductor, hence reducing the overall cost of the topology.

 

Figure 20. Comparison of calculated switch stress versus voltage gain [4,5,16,22,24–29].

For n = 1, the ideal gain of the converter in [4] when compared with the gain of the
proposed converter is found to be half. Moreover, the voltage stress across the switch S1
in [4] increases significantly as shown in Figure 20.

The topology proposed in [16] also has a VMC and two switches and produces a
high gain at lower duty ratios with a lower number of components as compared with the
proposed topology, but it decreases as the duty ratio is increased above 40%. The proposed
converter despite having fewer inductors, switches and diodes than the converter [22] is
capable of producing a much higher voltage gain. Although the switch stress across the
converter [22] is very low as compared to the proposed one, the converter lacks a common
ground that is available in the proposed topology. The converters in [24,25], despite having
2 and 3 inductors respectively and 2 switches which is the same as used in the proposed
topology, produce a lower gain than the proposed topology and, concurrently, the voltage
stress across the switch.

In the case of the topology shown in [25], the switch stress increases after a conversion
gain ratio of 14. The converters in [26,27] also have three inductors but suffer from a
low-voltage gain. The switch S1 of [27] has high-voltage stress after a voltage gain of 8. The
quadratic boost converter in [29] has the same inductors as the proposed converter, but
the voltage gain is half as compared to the proposed converter, and it has a single switch
only. The topology in [29] exhibits high-voltage stress across switch S2 amongst all the
compared topologies. The topology in [30] has the least voltage stress across its switches
but suffers from a low ideal voltage gain, which is much lower than the nonideal voltage
gain produced by the proposed converter.

From the comparison, it can be inferred that the topology has the highest voltage
gain and the switch voltage gain across S1 is very low. The switch voltage gain across
the switch S2 is found to be high for low-voltage gains, but it does not increase further
as the voltage gain increases beyond 15. Hence, the proposed topology can be used at
a voltage gain higher than 14, which is easily achieved at any duty ratio beyond 40%.
Moreover, continuous input current and common ground are other advantages of the
proposed converter.
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Table 1. Comparison of proposed topology with certain similar topologies.

Topology NL NC NSW ND MCCM MCCM at D = 0.5
Common
Ground SCCM =

VSi
Vin

Boost
Con-

verter
1 1 1 1 1

(1−D)
2 Yes S = 1

1−D

Quadratic
Boost
Con-

verter

2 2 1 3 1
(1−D)2 4 Yes S = 1

(1−D)2

[4]
1 + 1

coupled
inductor

5 2 5 2n+1+D
(1−D)2 14 Yes

S1 = 1
1−D

S2 = 1+D
(1−D)2

[5]
1 + 1

coupled
inductor

3 1 5 1+n−D
(1−D)2 6 Yes S = 2

1−D

[16] 3 4 2 5 5+D
1−D 11 No

S1 = 1
1−D

S2 = 1
(1−D)2

[22] 8 1 4 17 1+7D
(1−D)

9 No S1 = 1
S = 1+5D

1+7D

[24] 2 2 2 2 1
(1−D)2 4 Yes

S1 = 1
1−D

S2 = 1
(1−D)2

[25] 3 4 1 4 1+D
(1−D)2 6 Yes S = 1

(1−D)2

[26] 3 3 1 5 2
(1−D)2 8 Yes S = 2

(1−D)2

[27] 3 5 2 4 1+3D
(1−D)2 10 Yes

S1 = 1
1−D

S2 = 1+D
(1−D)2

[28] 2 5 1 6 2(2−D)

(1−D)2 12 No S = 2−D
(1−D)2

[29] 3 6 1 6 (3−D)

(1−D)2 10 Yes
S1 = 3−D

D2(1−D)
.

S2 = 3−D
(1−D)2

[30] 2 3 2 3 D2−3D+3
(1−D)2 7 Yes

S1 = 1−D
D2−3D+3

S2 = 1
D2−3D+3

Proposed
Topology

3 6 2 7 2(3−D)

(1−D)2 20 Yes
S1 = 1

S2 = 4
(1−D)

5. Results

In this section, we discuss the simulation results performed on the Piecewise Linear
Electrical Circuit Simulation (PLECS) and the experimental results obtained on hardware
set-upfor the proposed topology.

5.1. Simulation Results

In this section, the simulation results of the proposed converter are presented. The
simulation was carried out in PLECS software at an input voltage of 20 V and switching
frequency of 50 kHz. The duty ratio was maintained at 0.4. The value of the inductor was
330 μΩ and its parasitic resistance was maintained at 0.12 Ω, while the value of capacitors
was 47 μΩ and its parasitic resistance was kept at 0.1 Ω. The ON-state resistance of the
switches was found to be 70 mΩ. With the above parameters, the simulation was performed
and the output voltage was found to be VO = 248.08 V at a 40% duty ratio with Vin = 20 V,
which can be seen in Figure 21.
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Figure 21. Simulated output voltage (VO), input voltage (Vin ), and duty cycle (D).

In Figure 22, the inductor current through inductor L1 was found to be IL1 = 5.06 A
and IL2 = IL3 = 0.58 A for inductor L2. The ripple in the current through the inductor was
lower and, hence, the average and RMS values were found to be the same.

Figure 22. Simulated inductor currents (IL1, IL2, and IL3) and duty cycle (D).

From Figure 23, the peak voltage across switches S1 and S2 was found to be
VS1(peak) = 30.687 V and VS2(peak) = 155.43 V, respectively, while the RMS voltage was
VS1(rms) = 23.77 V. and VS1(rms) = 120.40 V, respectively. From Figure 24, the average capac-
itor voltages in the simulation were found to be VC1 = VC2 = 27.5209 V and VC3 = 58.65 V,
while from Figure 25, the capacitor voltages were VC4 = −56.58 V, VC5 = 57.16 V, and
VCO = VO = 248.08 V. The ripple in capacitor voltages was negligible and, hence, the RMS
and average voltages were found to be the same.
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Figure 23. Simulated switch voltages and duty cycle (D).

Figure 24. Simulated capacitor voltages and duty cycle (D).

Figure 25. Simulated capacitor voltages and duty cycle (D).
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5.2. Experimental Results

The experimental analysis of the proposed converter was carried out on the same
parameters as the simulation procedure. To verify the overall voltage boosting, continuous
current, and capacitor voltage handling capability of the proposed converter, a hardware
prototype of the proposed converter was tested under standard laboratory conditions
with the parameters mentioned in Table 2. To demonstrate the working of the topology, a
converter with an output power of 200 W at a duty ratio of 40% was implemented with
a load resistance of 300 Ω. For switches S1 and S2, Power MOSFET with part number
SPW52N50C3 provided with a duty cycle (D) of 0.4 operating at a switching frequency
(fs) of 50 kHz was used, whereas diodes (DO − D6) with part number HER806 were used.
From Figure 26, a 20 V DC supply was used at the input side and an output of 240 V was
obtained for the same with Vgs as the gate drive signal.

Table 2. Hardware values of parameters.

Parameter Symbol Value

Input Voltage Vin 20 V

Duty Cycle D 0.4

Output Power PO 67 W

Load Resistance RO 850 Ω

Inductors
L1 330 μH, ESR = 0.12 Ω

L2, L3 0.4 mH ESR = 0.14 Ω

Capacitors
C1 − C5 47 μF, ESR = 0.1 Ω

CO 100 μF, ESR = 0.22 Ω

Diodes DO to D6 HER806

Power MOSFETs S1, S2 SPW52N50C3

Driver TLP250H

Controller STM32F334R8

Switching Frequency fs 50 kHz

Figure 26. Top to bottom: experimental waveforms of output voltage (VO), input voltage (Vin), and
Vgs at D = 0.4.

From Figure 27, when the switches are ON, the inductors become charged and the
current through them increases. For inductor L1, it increases from an initial value of 4.8 A
to a peak value of 5.2 A and it increases from an initial value of 0.7 A to a peak value of
1.0 A for inductors L2 and L3. When the switches are OFF, the inductors release their stored
energy, and the currents through them decrease back to their initial values. During the
OFF state, the switches are reversed-biased and block a peak voltage of 30 V and 160 V,
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respectively, in each cycle, which can be seen in Figure 28. The peak reverse blocking
voltage is about 30 V for the switch S1 and 160 V for switch S2 for the output voltage of
240 V. Capacitor C1 has a voltage of 30 V across it, while capacitors C3 and C4 have a voltage
of 60 V with very-low-voltage ripples as in Figure 29. The experimental setup is shown in
Figure 30.

Figure 31 shows the variation in efficiency with the output power as the input voltage
is increased. It can be observed that as the input voltage increases, the efficiency of
the converter increases. This occurs because with the increase in voltage, the current
decreases to conserve the power; hence, the conduction losses across various elements
of the converter including switches, diodes, and parasitic resistances of the inductor and
capacitor are reduced.

The maximum efficiency of the converter is found as 97.85% at 30 V, 66 W followed
by 96.5% for operation at 20 V for the same power. From Figure 32, the majority of the
conduction losses i.e., around 39%, occur in the capacitors, out of which 58.5% of the losses
in capacitors are due to capacitor C3 itself. The switches and diodes contribute 40% of
the total losses. The losses can be further reduced by using diodes and switches with low
parasitic resistance.

Figure 27. Top to bottom: experimental waveforms of current of inductor L1 (iL1), inductor L2 (iL2),
and Vgs at D = 0.4.

Figure 28. Top to bottom: experimental waveforms of output voltage (VO), voltage across switch
S2 (VS2), voltage across switch S1(VS1), and Vgs at D = 0.4.
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Figure 29. Top to bottom: experimental waveforms of voltage across capacitor C3 (VC3), the voltage
across capacitor C4 (VC4), and the voltage across capacitor C1 (VC1) at D = 0.4.

Figure 30. Experimental Set-up.

Figure 31. Simulated efficiency vs. output power comparison of the proposed converter at different
input voltages.
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Figure 32. Distribution of losses across various elements of the converter.

6. Conclusions

The converter produces an ideal voltage gain of 11 times at a duty ratio of 30% with
an ideal voltage gain of 14.44 at a duty ratio of 40%. The nonideal gain of the proposed
converter at a D less than 60% is still found to be higher as compared to the ideal gains of
the compared converters. In addition, the voltage stress across the switches is found to be
lower than the output voltage and is also much lower than the compared topologies even
at higher duty ratios. The voltage stress across S1 is 6.92% of the Vo and across switch S2,
it is 46.15% of Vo at the duty ratio of 40%. The maximum efficiency of 97.85% is obtained
at 66 W when the input voltage is 30 V, while it is 96.44% at a load of 38 W, keeping the
input voltage at 20 V. The efficiency of the prototype model decreases with the power
level due to the absence of galvanic isolation and parasitic resistances. The voltage and
current stresses across the elements are low, which can be observed from the analysis and
the hardware results. The converter has a common ground and operates at continuous
input current, making it feasible for low- and medium-power solar and renewable energy
PV applications.
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Abstract: This paper proposes a quasi-resonant step-up DC-DC converter to provide the DC-link
voltage for piezoelectric transmitters (PZETs). The resonance not only provides a soft-switching
condition for the converter switches, but also helps to decrease the converter element sizes for marine
applications. Operation modes of the proposed converter are discussed. The current and voltage of
the converter components are derived analytically, and hence the converter gain is obtained. The
performance of the proposed high-step-up, high-power density converter is examined through a
comprehensive simulation study. The simulation results demonstrate the soft-switching operation
and short transient time required for the converter to reach the reference output voltage. The converter
output voltage remains unchanged when an inverter with a passive filter is placed at its output while
supplying the PZET. The proposed DC-DC converter is prototyped to validate the converter gain and
soft-switching operation experimentally. The converter gain and soft-switching results in simulation
are well matched with those of the experimental tests. The converter efficiency in three different
switching frequencies is obtained experimentally. The power density of the proposed topology is
determined via the designing of a printed circuit board. The experimental results demonstrate the
appropriate gain and efficiency of the converter in the tested power range.

Keywords: acoustic transmitters; DC-DC power supply; high power density converter; high power
step-up converter; PIEZO-electric drive; PIEZO-electric transmitters; resonant converter

1. Introduction

Acoustic transmitters have a significant role in the provision of a safe maritime trip.
These transmitters use sound navigation and ranging (SONAR) technique to detect the
seabed, near species, and possible obstacles during a voyage [1,2]. In addition, these waves
warn the available fishes, whales, and all other living animals to move away from the
moving vessels [3]. SONAR systems usually generate sound waves over a course of time,
called pinging, and then stop generation to receive the reflected waves from the seabed
and available obstacles [4]. Figure 1 shows the transmitting and receiving waves between
the underwater transmitter and a sample object. In this regard, piezoelectric materials
that can work in two operating areas (i.e., generating and motoring modes) are employed
for pinging and receiving waves. The piezoelectric materials generate underwater sound
during the motoring period when energized via an alternative current (AC) power supply.
Piezoelectrics receive the reflected sounds when the energization time is concluded. In fact,
they generate a low voltage power because of the received energy.

Piezoelectric transmitters (PZETs) require a high voltage level to work in motoring
mode [5]. However, the available power source in ships and submarines, where the PZETs
are located, is usually limited to a low-voltage battery package. It must be noted that the
required voltage level for PZETs varies from 50 to 1000 volts, based on the operation of
PZETs at different sea depths. If the applied voltage to the PZET is set to a higher level
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as required in the lower depths of the sea, the piezoelectric element will be consequently
broken. Thus, a high-step-up power converter is needed to provide the precise voltage level
for driving the PZET [6]. The availability of only a small space to place the transmitters and
their power supply restricts the utilization of low-power-density converters for PZETs [7].
These converters are placed in harsh and noisy environments. Therefore, an analog robust
controller is preferred instead of the digital controllers.

Figure 1. Graphical abstract of the operation of PZETs in underwater transmission systems.

Designers mostly used class A, B, and AB linear power amplifiers to supply PZETs [8].
The low efficiency of linear amplifiers not only demands large heat sinks because of the
generation of the unwanted heat [9], but also increases the required size of the power
source (e.g., battery packages). The gain of a class AB was enhanced by a class D switching
in [10]. However, such a linear amplifier still suffers from low efficiency and large volume.
Switching power converters are suitable substitutions for the linear power converters
because of their higher power density and efficiency.

The DC-DC switching power converters are categorized into isolated and non-isolated
families [11–13]. The isolated converters, which benefit from the availability of high-
frequency transformers in their structures, provide an intrinsic input–output insulation [14].
The insulation is required in some high-power applications where engineers need to
decrease the electric shocks of each side of the power supply [15]. For instance, it provides
a layer of insulation in grid-tied converters [16]. However, they have a lower power
density and efficiency compared to non-isolated power converters. Moreover, the isolation
complicates the implementation of the control system. Thus, the non-isolated power
supplies are more popular, especially in low-power applications [17].

Usually, non-isolated converters employ coupled inductors or resonance phenomena
to reach a higher output voltage [18]. Switching power supplies equipped with coupled
inductors have lower power densities due to the bulky components (e.g., inductors and
capacitors) available in their structure [19,20]. Hence, a resonant power converter can be
used in an application where the power density is a significant factor [21]. The resonance
frequency in these types of converters is higher than the switching frequency, which
leads to a reduction in the converter elements’ size. Although the energy conversion
through resonance creates higher voltage and current stress, it provides a higher gain for a
converter. Therefore, the resonance-based converters have a higher gain and power density
in comparison to other types of non-isolated converters [22]. Moreover, the lack of an
isolating high-frequency transformer enables them to have higher efficiency compared to
isolated converters.
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Zero-voltage and current-switching strategies are two advanced switching methods
of decreasing the switching losses of a converter and helping switches to work in their
safe operating areas (SOAs). The conventional resistive-capacitive snubber was the earlier
method of providing ZVS and ZCS for the switches of a converter [23]. The resistance of
such topologies reduces the converter efficiency. Hence, the active-clamped circuits [24]
and resonant snubbers [25] are more popular among engineers because of their lossless
characteristic. The resonant-based power converters have a natural soft switching, which
helps them to protect their components and gives them a high efficiency [26].

Although the literature does not consider the resonant converter as an interface circuit
for PZETs, it seems logical to use the resonance phenomena in a PZET drive system to
provide the DC voltage. It is obvious that the converter operating at a higher frequency
requires smaller components, and is consequently a high-power density converter. Further-
more, the resonance not only assists in increasing the converter gain, but also provides the
soft-switching condition for the converter switches. Therefore, the converter efficiency is
increased because of the soft switching.

Usually, PZETs are energized over a small time span and receive the echo sounds
over a greater time span [27]. Under this condition, the response time of the power
supply is pivotal in the energization of the PZETs. Due to the resonance, the proposed
converter operates rapidly enough to reach the required output voltage. As a non-isolated
converter, the control system of the converter has much lower complexity than an isolated
converter. It was also demonstrated that the proposed converter has a power density and
gain comparable to previously introduced converters in literature.

Commercialized power supplies have a limited range of output voltage [28]. Hence,
they are not suitable to be used as drivers of PZETs transmitters requiring a wide range of
DC volage [5]. Furthermore, most commercialized converters have an isolated topology,
complicating the implementation of the control system (i.e., provision of the feedback sig-
nal). The literature has introduced different topologies of high-step-up DC-DC converters
for different applications [29–31]. However, they cannot operate in a wide range of duty
cycles. It was shown that the proposed converter of this study not only offers the required
gain over a wider range of duty cycles, but also has a higher power density as compared to
those of commercially available converters. From the scientific point of view, the topology
of the converter is new, and it offers comparable performance parameters as compared to
the previously introduced converters discussed in literature [32–35]. In addition to the new
topology, the mathematical model of the converter is provided, facilitating understanding
of the converter’s behavior.

The proposed converter operation modes and its mathematical modeling are described
in Section 2. The design procedure is described at the end of this section. A 120 W converter
is designed in the third section, and its performance is analyzed using the simulation
analysis to validate the presented theory. The converter is prototyped to validate the circuit.
The experimental results are presented in Section 4.

2. Proposed DC-DC Power Converter

A resonance circuit consisting of an inductor, a capacitor, and two power switches
was added to the basic structure of the conventional boost converter to create the proposed
converter (see Figure 2). AC voltages with high total harmonic distortion reduce PZET
lifetime and lead to the breakage of PZETs. Thus, PZETs must be supplied by a semi-
sinusoidal voltage to work safely. A package consisting of an H-bridge converter and
LC filter was at the end of the proposed DC-DC converter to provide the required PZET
voltage. In other words, the sharp edges of a rectangular pulse were obviated using the
designed LC filter to protect the PZET. The converter switching strategy and the energy
conversion through the resonance, which are explained in the next part, had crucial roles in
the correct performance of the converter.
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Figure 2. The proposed DC-DC power converter topology with highlighted resonant elements.

In this section, the ESR of the capacitor and resistance of the inductor are disregarded
for the modeling and analysis. Additionally, it is assumed that the converter is supplied
with a lossless battery package. The rising and falling time of the diode and switch
conduction time are disregarded.

2.1. Converter Operation

All operating modes of the proposed DC-DC converter shown in Figure 3 are discussed
in this section. Several selective waveforms, presented in Figure 4, are used to explain the
operation of the proposed converter clearly. According to these figures, VQ1, VQ2, and
VQ3 represent the voltage of the converter switches, while IQk (k = 1, 2, 3) is the related
switch current. The current of the resonance inductor (Lr) is equal to IQ1. According to
Figure 4, the energy conversion period starts from t0 when all switches are off, and the load
is supplied by the output capacitor. Note that the transient operation of the converter ends
at t0, and it is the start of the steady-state operation.

In the steady-state operation of the converter, the resonance capacitor (Cr) has an
initial charge (Vint) at t1, which is stored from the resonance of the main inductor (L) with
Cr. Thus, Vint is significantly greater than the source voltage (VS). In the first time interval
(t1 ≤ t ≤ t2), Q1 and Q3 are required to be turned on when the Cr initial voltage is greater
than the source and the initial energy of both L and Lr is zero. According to Figure 3a, Cr
depletes Lr through two different current paths, which charges L and the battery package.
Because the source does not find time to energize the converter elements, both switches
have time to start conduction in ZVS condition. Additionally, Q2 can be turned on in
the zero current switching (ZCS) condition when Q3 is on, and Cr releases its energy. In
this time interval, the power converter elements voltage and current vary based on the
equations presented in (1): ⎧⎪⎪⎨⎪⎪⎩

vCr(t) = (Vint − Vs) cos(ωrt)

iLr(t) =
Vint−Vs

ωr Lr
sin(ωrt)

iL(t) =
VS
L t + iLr(t)

(1)

where
ωr =

1√
LrCr

(2)

In the second time interval (t2 ≤ t ≤ t3), when vCr accedes to zero, the stored energy
in Lr circulates through L while depleting into the battery package (Figure 3b). This time
interval is concluded when all Lr stored energy is delivered to L and the battery package.
Note that Cr is negatively charged when Lr delivers energy to the battery package. At the
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end of this time interval, as shown in Figure 3c, a small amount of the stored energy in L is
delivered to Cr to satisfy the charge balance of the capacitor. t2 can be easily derived from
the resonance capacitor voltage equation in (1). The converter element energy conversion
can be formulated as follows in this time interval:⎧⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎩

vCr(t2) = 0 → t2 = π
2ωr

→ iL(t2) =
VS
L

π
2ωr

iLr(t2) =
Vint−Vs

ωr Lr

iLr(t) = iLr(t2)− (VS)
Lr

(t − t2)

iL(t) =
VS
L (t − t2) + iL(t2)

(3)

t5 t t6

VS

t4 t t5

VS

t2 t t3

VS

VS

t3 t t4

VS

VS

t1 t t2

VS

Figure 3. Circuit configurations of the proposed converter in different operation modes. The dashed
line shows the current paths in each time interval. The green, blue, and purple are used to distinguish
the Q1, Q2, and Q3 from each other. Any gray switch shows that the switch is off in the mentioned
time interval.
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Figure 4. Selected waveforms of the converters in a switching period. The solid lines are used to
represent the current waveforms of each component. The voltage waveforms are presented by the
dashed lines. The gate pulses are shown by dotted lines. In this figure, gQ1, gQ2, and gQ3 show the
gate pulses of Q1, Q2, and Q3, respectively. The voltage and current of each switch are shown by vQx,
and iQx where x is the switch number defined in Figure 2. The main inductor current, diode current
(Do), and resonant capacitor current are shown by iL, iD, and iCr, respectively.

The Lr current reaches zero at the end of this time interval. Then, t3, as presented in (4),
is calculated by means of the ILr(t) equation from (3).

t3 =
iLr(t2)Lr

VS
+ t2 (4)

In the third time interval (t3 ≤ t ≤ t4), Q2 is on and vCr is zero. Q3 is already turned on
in ZVS at t1, and its voltage is zero. Then, Q3 starts conduction in ZVS and L is charged
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by the input source (Figure 3d). This time interval is concluded when the turn-off gate
commands are sent to Q1 and Q3. When the Q1 current and vCr are zero because of the
previous energy conversion during previous intervals, Q1 and Q3 are turned-off in the ZCS
and ZVS conditions, respectively. The main inductor current equation is written in (5).

iL(t) =
VS
L
(t − t3) + iL(t3) (5)

The inductor current can be calculated by (5) where t4 = DT.

iL(t4) =
VS
L
(DT − t3) + iL(t3) (6)

In the fourth time interval (t4 ≤ t ≤ t5), Q2 begins to conduct the input current in ZVS
through a resonance between L and Cr. According to the Figure 3e, the parallel capacitor
of Q3 is charged during the L and Cr resonance and its voltage is equal to vCr. Therefore,
Q2 can be turned off in ZVS when the off command is sent to its gate. iL and vCr can be
calculated by (7) in this time interval:⎧⎪⎨⎪⎩

iLr(t) = 0

iL(t) =
VS

ωm L sin(ωm(t − t4) + iL(t4))

vCr(t) = VS(1 − cos(ωm(t − t4)))

(7)

where
ωm =

1√
LCr

= 2π fsw , fsw =
1
T

(8)

This interval is concluded when Q2 is turning-off at dT. The calculated value for vCr at
t5 = dT is equal to Vint defined in (1).

Vint = VS(1 − cos(ωm(dT − t4))) (9)

The main inductor stored energy is delivered to load through the output diode (DO)
at the fifth time interval presented in Figure 3f (t5 ≤ t ≤ t6). Note that the value of d,
which determines Q2 operating time, plays a prominent role in the determination of the
converter gain. According to Figure 4, d must be greater than D. Cr voltage reaches the
output voltage after a quarter of the resonance, which leads to DO conduction. In this
condition, DO will conduct current to load inherently, which will be the highest gain of the
converter. Therefore, Q2 turn-off time must be smaller than a quarter of the resonance after
Q1 and Q3 turn-off, where Q2 is used to control the gain. Where a quarter of the resonance
is calculated by (10), dT can be at most 0.25T greater than DT.

tq =
π

2ωm
=

π

4π fsw
=

1
4

T (10)

Thus, 0.25T required time for maximum dT limits the maximum value of D to 0.75,
which forces the proposed converter to work in discontinuous conduction mode (DCM)
operation. Therefore, DCM operation is the appropriate mode for designing the value of
converter elements.

In the last time interval, shown in Figure 3g, the output capacitor supplies the load
with its stored energy.

The converter offers soft switching when the voltage second balance of the inductors
and current balance of the capacitors are provided. According to (10), a quarter of the
resonance should be completed to achieve this voltage and current balances in inductor and
capacitors. Thus, the maximum duty cycle is 0.75. Additionally, a quarter of the resonance
is required to charge the inductor Lr up to its peak current. Therefore, the minimum
possible duty cycle for permeation of the soft switching is 0.25 if the switching frequency is
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set to be equal to the resonance frequency. The minimum value of the duty cycle can be
reduced by increments in the switching frequency. For instance, the minimum duty cycle is
0.2 when switching frequency and resonance frequency are 100 kHz and 120 kHz.

2.2. Converter Gain

The converter gain is obtained using the voltage-balance equation of the main inductor
presented in (11a). In (11a), inductance coefficient ( 1

L ) is simplified from two sides of the
equality. Then, the integral terms should be calculated to find the converter gain. The
simplified term is shown in (11b):

1
L
(
∫ DT

0
VSdt +

∫ t5

DT
(VS − vCr)dt) = − 1

L

∫ t6

t5

(VS − VO)dt (11a)

∫ DT

0
VSdt +

∫ t5

DT
(VS − vCr)dt = −

∫ t6

t5

(VS − VO)dt (11b)

where vCr is the resonance capacitor voltage equation presented in (7) and t5 is equal to dT.
The second term of the left side of (11b) is found by (12).∫ t5

DT(VS − vCr)dt =
∫ t5

DT VS − VS(1 − cos(ωm(t − t4)))dt
t5=dT→ ∫ t5

DT(VS − vCr)dt = + VS
ωm

sin(2π(d − D))
(12)

If the converter works in the boundary of DCM operation, DO must conduct the main
inductor current utmost until t6 = T. Thus, the load will be energized by input source and L
from dT to the end of the period (T). In this condition, the right side of (11) is calculated
as follows: ∫ t6

t5

(VS − VO)dt =
∫ T

dT
(VS − VO)dt = (VS − VO)(1 − d)T (13)

Considering (11)–(13), the converter gain, which depends on the switching frequency,
is calculated by (14).

VO
VS

=
1 + D − d + sin(2π(d − D))

1 − d
(14)

2.3. Design Procedure

The design of the converter power components starts with the design of the main
inductor. The value of the obtained inductor is used to find the resonance capacitor (Cr)
based on the resonance, which occurs between these two elements in the fourth interval of
energy conversion. The resonance inductor is obtained by consideration of the resonance
happening between the Cr and Lr through the first interval of the energy conversion.

The voltage equation of the main inductor (L), when Q3 is on, is used to calculate the
value of the inductor as below:

VS = VL = L
ΔIL
DT

→ L =
VSDT

ΔIL
(15)

where ΔIL is the maximum value of the inductor current. The ΔIL value, which can be
determined by the input and output power relationship presented in (16), is required to
continue the calculation.

VS Iin = VO IO → Iin =
VO IO

VS
(16)

The average of the input current Iin must be equal to the average of the inductor
current within a period to ensure the voltage-second balance of the inductor. The maximum
value of ΔIL is calculated at the DCM boundary. Figure 5 shows the main inductance
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current (IL) and the battery current (Iin) at the DCM boundary. As demonstrated in (17), the
maximum value of ΔIL will be twice the average of input current.{

Atri =
ΔILT

2
Arec = IinT

Atri=Arec→ Iin =
ΔIL

2
(17)

 iL
 iL

Iin

T

IL

Figure 5. Estimation of IL based on the average value of the input current.

Therefore, the maximum of ΔIL is computed by (18) where Iin is replaced by its
calculated value from (16):

ΔIL =
2VO IO
VS,min

=
2PO

VS,min
(18)

where PO is the maximum output power. The voltage-second balance of L must be satisfied
when the converter works on its maximum duty cycle (Dmax). Therefore, D in (15) must be
equal to the maximum required duty cycle, which can be derived from (14). For a certain
converter, the ratio of VO over Vs is given by the user. Thus, the maximum value of D
using (14) is obtained when the maximum value of d (i.e., maximum dT = 0.25 T) is assumed
at the DCM boundary. Consideration of Dmax and substitution of the calculated ΔIL in (15)
results in L, as below:

L =
2V2

s,minDmaxT
PO

(19)

Since the main inductance must be in resonance with Cr within a specific time interval,
Cr can be calculated based on the switching frequency, as follows:

Cr =
1

ω2
m

1
L

, ωm = 2π fsw, fsw =
1
T

(20)

The resonance frequency of Lr with Cr is greater than the switching frequency, which
is shown by fr. When fr is assumed by a designer, the value of Lr is calculated by (21).

Lr =
1

ω2
r

1
Cr

, ωr = 2π fr (21)

The value of the output capacitor is determined in the last section of the design
procedure. It is obvious that the output capacitor (CO) must supply the load when energy
conversion among the elements does not let the battery package supply the load. Therefore,
the worst condition occurs in the maximum duty cycle when the maximum output current
is obtained from CO. According to the relationship of the capacitor voltage and current, CO
capacity can be calculated by (22):

ic(t) = C dvc(t)
dt

ic(t) = C ΔVO
DmaxT = Imax → CO =

DmaxTIO,max
ΔVO

(22)

where ΔVO represents the maximum allowable output voltage level. In the next sec-
tion, a simulation study is carried out to examine the performance of the proposed
power converter.
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3. Simulation Study

3.1. PZET Operation

PZETs must be supplied in their resonance frequency within a period to transmit data.
After that, the power supply stops working, and the PZETs receive the reflected acoustic
waves. For instance, a special PZET with the impedance of Z = 330∠ − 19◦ Ω was studied
in [6], requiring an AC voltage with 40 kHz frequency within 15 milliseconds to send
data. After this operating period, the supply was disconnected and the PZET needed 2 s to
receive the reflected wave from the underwater objects. It is assumed that the proposed
converter drives the aforementioned PZET in this simulation study.

3.2. Design of the Converter Elements

In this study, the converter was designed based on the maximum allowable duty cycle
(Dmax = 0.75) to examine the converter performance in all duty cycles. Additionally, it
is supposed that the switching frequency (fsw) and resonance frequency (fr) are 100 kHz
and 120 kHz, respectively. Therefore, the L value calculated by (19) is 0.86 μH, where the
PZET consumes 100 W power in the maximum duty cycle and the converter is supplied by
2.4 volts rechargeable battery package. In this condition, Cr and Lr values extracted from
(20) and (21) based on the obtained L are equal to Cr = 3.3 μF and Lr = 0.57 μH, respectively.
Finally, the output capacitor of 1.2 μF is obtained by (22) when a 5-volt voltage ripple is
considered as the applied restriction for ΔVO.

Table 1, which compares the proposed converter elements’ sizes with four other
previously proposed high-step-up high-efficiency converters in an approximately equal
power range, demonstrates the high-power density of the proposed converter. This table
also shows the capability of the converter for operation over a wider/comparable range of
duty cycles, allowing more flexibility to achieve different voltage levels.

Table 1. Comparison of the proposed DC-DC power converter element size vs. two other high-step-
up converters in the literature.

The Proposed
Converter

Ref [32] Ref [33] Ref [34] Ref [35]

Converter power 120 W 120 W 200 W 200 W 200 W

Switching frequency 25–100 kHz 100 kHz 60 kHz 50 kHz 30 kHz

Maximum Efficiency 95.8% 96.7% 94.5% 93.1% 92.5%

Operating duty cycle 0.2–0.75 0.3–0.7 0.5–0.9 0.1–0.75 0.05–0.3

Number of inductors 2 1 4 2 2

Inductors’ value L = 0.86 μH,
Lr = 0.57 μH

Lm= 50 μH,
Lk = 1.1 μH

L1 = L2 = 1.4 μH,
L3 = L4 = 100 μH

Lm = 100 μH,
Lk = 300 μH L1 = L2 = 220 μH

Number of capacitors 2 5 4 3 4

Capacitors’ value Cr = 3.3 μF,
Co = 1.2 μF

C1 to C4 = 30 μF,
Co = 47 μF

C1 = C2 = 5 μF,
C3 = C4 = 220 μF

C1 = 470 μF,
C2 = 1000 μF,
C3 =100 μF

C1 = C2 = C3 = 100 μF,
C4 = 220 μF

Number of diodes 1 5 4 3 4

Number of switches 3 1 2 2 2

Most of the commercialized converters include a high-frequency transformer, which
leads to the isolation of input/output [28]. The transformer availability complicates the
control system and increases the power density of the system. Furthermore, the output
voltage range becomes limited to a smaller range. For instance, an H-bridge converter can
only operate in smaller duty cycles in the range of 0.1–0.4.
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3.3. Simulation Results

The simulation was run to validate the soft-switching operation of the proposed con-
verter switches and its gain in the presence of a PIEZO-electric load model with impedance
of Z = 330∠ − 19◦ Ω.

The simulation was executed when the converter switches were commanded with a
50% duty cycle in 100 kHz operation frequency shown in Figure 6. Figure 7 shows the ZVS
and ZCS operation of the proposed converter switches in a period when the considered
gate commands were applied to them. The soft switching not only reduced the switching
losses of the converter but also facilitated the operation of the SOA.

Figure 6. Gate pulses of the switches at the simulated test point.
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Figure 7. Soft-switching operation of the converter switches in simulation.
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The input current, diode current, and current variation of the resonance elements
in three switching periods are shown in Figure 8 to show the energy swing among the
converter elements.
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Figure 8. Simulated current waveforms of the resonance elements and output energizing current of
the proposed converter.

The demonstration of soft switching enabled the checking of the converter gain.
According to (14), the converter gain at D = 0.5 and d = 0.75 was about 8. Figure 9a
demonstrates that the converter amplified 2.4 V input to 17.9 V in its steady-state operation
which proved a gain of 7.45. Therefore, the calculated gain ratio for the converter is
approximately correct, and the slight difference between the simulation and calculation
analysis values came from the considered estimations during the analytical investigation.
According to Figure 9a, the converter has a fast response time, which results from the
availability of small size elements in the topology of the converter. The fast response
enables the system controller to change output based on the user command as rapidly as
possible. The proposed converter gain depends on both switching duty cycles (D and d).
Figure 9b demonstrates the converter gain variations vs. sensitive parameters. According to
Figure 9b, the increase in D leads to a higher gain, while d increments reduce the converter
gain in a constant D.
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Figure 9. (a) Voltage response of the studied step-up DC-DC converter, which shows fast transients,
high gain, and low ripple of the DC-link voltage in a simulation study. (b) Gain variations of the
proposed DC-DC power converter against simultaneous changes of the switches’ duty cycles in a
simulation study. (c) PZET current and voltage waveforms in the simulation.
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An H-bridge converter, which was controlled by a 40 kHz sinusoidal pulse width
modulation (SPWM) command, was placed at the output of the proposed DC-DC converter
to supply the understudy PZET through an LC filter. A regular sinusoidal voltage and
currents of the PZET are shown in Figure 9c to prove the acceptable performance of the
converter while it was connected to a DC-AC converter.

4. Experimental Results

Due to the lack of a high-voltage and high-power battery package in the available
laboratory, the test setup was provided with a smaller rating power. According to earlier
explanations, PZETs require about 50–1000 volts in different sea depths (greater sea depth
requires higher voltage level). To realistically produce the power density of the industrial
version of the studied converter, the element sizes were selected for such a voltage level.
Lack of suitable experimental equipment limited us to testing the converter in industrial
conditions. As such, a prototype of the proposed converter supplied by a 3.7 V 12.5 Ah
Lithium-ion battery package was provided to experimentally validate the soft switching
and the converter performance. The battery package included six parallel connected battery
cells with 3.7 V and 2 Ah characteristics.

Arduino Mega2560 worked as a microprocessor to generate the required gate pulses
presented in Figure 10a. The control pulses of Q1 and Q3 were generated using the first
timer of the Mega2560. The required control pulse of Q2 was generated by the second timer
of this microprocessor. Although the metal–oxide–semiconductor field-effect transistors
(MOSFETs) were the appropriate choice for 100 kHz switching frequency, an insulated-
gate bipolar transistor (IGBT) was chosen to examine the converter behavior due to the
ability of IGBTs to tolerate higher voltages. Because of the availability of three floating
emitter IGBTs in the proposed topology, the gate pulses must command the gate switches
through three different isolated ground MinMax power supply (MAU324). Thus, the
MinMax power supply used at the output of three separated HCPL 3120 optocouplers
provided 15 V voltage to supply the gates. The main structure of the converter included
two SGH80N60UFD IGBTs, a FGA25N120ANTD IGBT, and a UF4007 ultrafast diode.
Additionally, an electrolyte capacitor with a capacity of 2.2 μF was used to provide the
DC-link. The inductors are constructed from the iron powder cores with a permeability of
7.5 μH/m and copper winding.

The images in Figure 10b,c show the 3D and printed circuit board (PCB) views of
the converter. According to the presented 3D view, the power density of the converter
based on the selected switches was about 13 W/cm3 which enabled the converter to be
classified as a high-power density converter. The PCB was designed in 2 layers, as shown
in Figure 10c. A higher power density is achieved if the PCB is designed in more layers
using surface-mount device (SMD) components. The schematic of this design is presented
in Figure 11 to show the track paths of the considered PCB. In this figure, P1 and P2 are the
input and output terminals of the circuit. The power required to supply the isolated power
supplies was provided by P3. P4 was the terminal chosen to provide the gate commands
from the controller circuit. R1, R2, and R3 were the input resistors of the opto-coupler. The
5 Ω gate resistance was selected at the output of the opto-couplers to drive the switches.

Measurement of signals in switching power converters is a difficult task. The avail-
ability of a two-channel oscilloscope limited us to using the differential measurement
technique of signal measurement. In this paper, the gate drive signals were produced using
a microcontroller in open-loop condition. It allowed measurement of the produced signal
gates when the load was disconnected from the circuit. The currents of the switches were
measured by the instalment of 0.3 Ω resistance in the collector emitter path. The grounds of
both probes of the oscilloscope were connected to the collector. The voltage of the resistance
and voltage of the collector-emitter were measured when the other sides of the probes were
connected to the other sides of the series resistor (i.e., installed for current measurement)
and emitter. Thus, the voltage and current of the switches were obtained together.
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Figure 10. The constructed prototype and considered industrial version.
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Figure 11. Schematic of the proposed converter.

The converter gain is the first factor of the proposed converter that must be examined
practically. On the other hand, the proposed converter’s operating duty cycles are limited
to 0.2 ≤ D ≤ 0.75. Hence, the experimental verification was performed at the converter
operation boundary when the primary duty cycle (D) of the power converter at 100 kHz
switching frequency was equal to 20%, as shown in Figure 12a. This figure shows the duty
cycle of Q2, which should be 0.25 larger at 45%. The ratio of the converter output to input
voltages presented in Figure 12b was about 3.1 which verified the calculated converter gain
ratio in (14). The input voltage of the converter shown in Figure 12b, which was provided
by the battery package, demonstrated that a large amount of energy was obtained from
the battery when the converter switches were turned-on. Therefore, it is evident that the
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battery voltage drops dramatically in a switching period. However, this energy is sent back
to the battery in that period and its voltage is equal to its initial value before the start of the
operation period.

gQ1 gQ3

gQ2

VO

Vs

Q1 Q2 Q3

iQ2

vQ2

iQ3

vQ3

iQ1

vQ1

Figure 12. Experimental validation of the proposed converter gain and soft switching. The time
division of all presented images in this figure is 2.5 μs. (a) Control signals (2 V/div); (b) output
voltage (5 V/div), input voltage (2 V/div); (c) diode voltage (5 V/div); (d) Q1 voltage (5 V/div), Q1

current (1.66 A/div); (e) Q2 voltage (2 V/div), Q2 current (0.66 A/div); (f) Q3 voltage (2 V/div), Q3

current (0.66 A/div).

The resulting peak in the output voltage waveform, presented in Figure 12b, shows
that the main inductor energy was delivered to the load and Co at the end of each switching
period. Since the proposed DC-DC converter works an interface circuit between the battery
package and an inverter that supplies the PZETs, the charging spikes at the end of each
period shown in the waveform of output voltage cannot damage the PZET. These spikes
are eliminated by passing through an AC filter. Figure 12c shows Do voltage variation in
a switching period, in which the anode voltage is lower than the cathode in the rest of a
switching period. Considering both output voltage and diode voltage together, the output
is supplied by the converter when the main inductor (L) stored energy is delivered to the
load. As shown in Figure 12d, Q1 is turned on in the ZVS condition and the turned-off
command meets its gate when its current is zero and enables it to be turned off when the
transistor voltage is negative. Furthermore, the ZCS turn-on and ZVS turn-off of the Q2 are
presented in Figure 12e. The soft switching turn-on/off of the third switch (Q3) is shown in
Figure 12f. Figure 13 shows the simulation results in the same duty cycle and frequency
as the experimental results. The small difference between the waveforms resulted from
the gate drive circuit of the switches and the parasitic inductances of the wires in the
prototyped circuit. The simulation results show the Q1 and Q3 conduct currents together in
the same time interval. Q3 starts conduction when Q1 turns off. According to the results,
all the switches operate in soft-switching condition. The soft-switching operation reduces
the converter switching losses, which inherently increases the converter efficiency.

Figure 14a shows the energy conversion between the resonant capacitor and the main
inductor. Cr voltage meets its negative peak when it is charged by the battery package
through L. Cr voltage starts to increase from the negative peak when both Q1 and Q2
receive the turned-off command and L energy is delivered to Cr through Q2. It should
be highlighted that the voltage spike of the inductor occurs when the output diode (DO)
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starts conduction. The inductor and its resistances are small. The current of the inductor
cannot change its direction instantly when the output voltage is connected to one side of
the inductor. The small resistance of the inductor cannot provide a large time constant for
damping the spike. For this reason, this spike is shown in the provided test setup. This
issue is solved if the inductor is provided with a larger resistance.

   
(a) (b) (c) 

Figure 13. The simulation results showing the soft switching of the switches in the test condi-
tions (D = 0.2 and d = 0.45). (a) Q1 voltage and current; (b) Q2 voltage and current; (c) Q3 voltage
and current.

Note that three 0.3 Ω resistors are placed in series with Q1, Q2, and Q3 emitters to
measure the switch currents during operation. For this reason, the voltage/division of the
measured signal shown in Figure 12 must be mapped to Ampere/division by consideration
of the value of the series resistors.

The proposed converter provides ZVS and ZCS switching for all switches in smaller
switching frequencies up to 25 kHz. The resonances occur faster than the smaller switch-
ing frequency. Therefore, the energy conversion among the resonance elements occurs
several times in a period of switching, which leads to a higher gain in comparison to the
chosen based frequency (100 kHz) during the design procedure. In this condition, higher
current cross through the switches and windings cause increments of conduction losses.
In brief, although working in a lower switching frequency brings about a higher gain in
a soft-switching operation, the converter efficiency is decreased because of the increase
in conduction losses. To consider the conduction and switching losses in the efficiency
analysis of the converter, the converter efficiency curve is extracted experimentally. The
efficiency is defined by the ratio of the output active power over input active power. The
input and output powers are calculated by multiplication of the input/output voltage
and current measured by the digital amperemeters and voltmeters. Figure 14b shows the
variation in the efficiency vs. output power in three different switching frequencies.

A similar procedure investigated the uncertainty of the measurement in reporting the
results of an analysis on the repeatability, reproducibility, and stability of the measured
results, as reported in [36,37]. The temperature variation was considered as an uncertain
variable during the test.

According to the repeatability definition, the power converter was tested (turn/on
and turn/off) under 100 W operation when the switch temperature was constant in each
iteration. The input power was measured using the same means in each test. The collected
data after 10 tests demonstrated the repeatability of the results with standard deviation
of 0.0179 W. The reproducibility was studied by collecting another set of data on a 100 W
experiment at the same switch temperature. The standard deviation of the second set of
data was 0.0166 W. Thus, the measured data were reproducible because the difference of
the calculated standard deviation was 0.0001 W. Finally, the converter was examined under
100 W loads on four consecutive days. The standard deviation of the collected data over
four days was 0.0128 W, which showed the stability of the converter behavior.
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vcr

vL

 
Figure 14. (a) Cr voltage (5 V/div) and L voltages (2 V/div) with time division of 2.5 μs. (b) Ex-
perimentally measured efficiency vs. output power of the prototyped DC-DC converter at different
switching frequencies.

5. Conclusions

A high-step-up, high-efficiency, high-power density converter was proposed for driv-
ing PZETs. The availability of small-size power components in the structure of the pro-
posed topology helped to decrease the required space of the converter. Because of the
soft-switching operation of the converter switches, the converter has a higher efficiency in
comparison to the most of the previously proposed high-step-up converters, which work in
hard-switching conditions. Such a low-loss converter is suitable not only for driving PZETs
but also for use in all other applications where a battery package is used as a power source.

Furthermore, the fast resonance increases the voltage build-up time at the output of
the converter during transient conditions. The fast response of the converter is required
when the energization time of a load is limited by the users. For instance, in PZETs, users
need to energize the piezoelectric in a short time and stop energization to receive data.

Compared to the digital processors, controller designers prefer to use analog circuits
in harsh noisy environments. The common input/output ground of the non-isolated
converters eases the preparation of the feedback signals, which are required in a closed-
loop control circuit. Therefore, the proposed converter is suitable to be utilized in the
harsh conditions because of its non-isolated topology. The closed-loop controller design of
the system and converter testing with higher power rating will be the subject of study in
future works.
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Abstract: Recent developments in renewable energy installations in buildings have highlighted
the potential improvement in energy efficiency provided by direct current (DC) distribution over
traditional alternating current (AC) distribution. This is explained by the increase in DC load types
and energy storage systems such as batteries, while renewable energy sources such as photovoltaics
(PVs) produce electricity in DC form. In order to connect a DC distribution system to the alternating
current grid (e.g., for backup, delivering energy storage to the grid) there is a need for a bidirectional
inverter, which needs to operate over a wide range of source and load conditions and is therefore
critical to the overall system performance. However, DC distribution in buildings is relatively new,
with much of the research focused on the control of the DC bus connection between sources and
loads, rather than on the grid connection. Therefore, this review aims to explore recent developments
in bidirectional inverter technologies and the associated challenges imposed on grid-connected DC
distribution systems. The focus is on small-scale building applications powered by photovoltaic
(PV) installations, which may include energy storage in the form of batteries. An evaluation of
existing inverter topologies is presented, focusing on semiconductor technologies, control techniques,
and efficiency under variable source and load conditions. Challenges are identified, as are optimal
solutions based on available technologies. The work provides a basis for future developments to
address current shortcomings so that the full benefits of DC distribution can be achieved.

Keywords: bidirectional inverter; DC distribution system; grid integration; single-phase inverter;
renewable energy integration

1. Introduction

1.1. Background and Motivation

Renewable energy sources, including solar photovoltaics (PVs) and wind turbines,
are considered the most dominant solutions to guarantee energy security, with solar PVs
outweighing the advantages of other sources in terms of cost and environmental friend-
liness [1]. However, in order to maximize the supply of energy from renewable sources,
the efficiency of the path from source to load needs to be optimized. For instance, the
integration of a photovoltaic (PV) system with a conventional alternating current (AC) dis-
tribution system requires an inverter to convert the direct current (DC) electricity produced
by PVs into a standard AC grid form. On the other hand, there is an ever-increasing range
of domestic appliances and equipment that operate from a DC supply, e.g., computing
and audiovisual equipment, cordless vacuum cleaners, etc., but they require an AC/DC
rectifier stage to connect to the conventional AC distribution system (mains). In recogni-
tion of the improved efficiency provided by DC distribution between a DC source and
DC loads (through the elimination of two complementary stages of power conversion),
there has been significant growth in the range of appliances configured for supply from
a DC distribution system, e.g., cooling, heating, lighting, refrigerator, washing machines,
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etc. [2]. Indeed, standards are being developed for DC-configured products under the
EMerge Alliance [3], in which a high DC voltage level of 300–380 V is preferred in terms of
distribution capability, lower equipment cost, and simplicity of integration with existing
system infrastructure [4]. It is worth mentioning that such DC appliances correspond to
over 60% of the total electricity consumption of householders in the U.S. [5].

In order to determine the benefit provided by DC distribution, recent studies have
analyzed the relative efficiency of AC and DC systems [6,7]. Increased efficiency of up
to 16% has been predicted for DC vs. AC when a PV installation and energy storage are
utilized. A similar level of improvement was reported in [8] in which an additional energy
source, such as a gas engine, was included with PVs, providing increased efficiency of 15%.
Even in the absence of a PV source, in [9], the application of a DC distribution system in an
office building was predicted to have lower power losses by up to 14.9% compared to the
AC systems when only powered by the grid energy. In the case where renewable energy
and energy storage are integrated with the utility grid through DC, optimal efficiency of
up to 50% has been predicted for small-scale buildings [10,11]. This is encouraging for
residential buildings which are likely to achieve self-sustainability compared to commercial
buildings [10], thereby achieving the advantages of net-zero energy, such as resilience and
reliability, and sustainability in buildings can be optimized.

However, when a DC distribution system is implemented and integrated with the
AC grid, an inverter with bidirectional power flow is usually needed to feed the grid in
the case of excess power from the PVs and to supply power from the grid to maintain
the DC bus at a nominal voltage when the load demand is higher than PV generation.
This compares with standard unidirectional inverters, which are normally used to feed
PV energy into an AC distribution system. Bidirectional inverters have been widely used
in higher power applications such as energy storage batteries and plug-in hybrid or fully
electric vehicles. In electric vehicle (EV) applications, the bidirectional capability may be
required to facilitate vehicle-to-grid (V2G) between the grid and the DC bus, although
normally, only a unidirectional rectification stage is used to charge the EV battery. However,
since EV battery charging has its own specific requirements in terms of battery voltage and
charging algorithms, it is not considered further. Instead, this work concentrates on the
bidirectional inverters in DC distribution systems integrated into residential buildings.

Despite their importance, the design and implementation of bidirectional inverters
for DC distribution in buildings are relatively immature. As a result, there are several
approaches described in the literature, but they have not been widely compared or assessed.
This review takes the opportunity to address this gap so as to advance the understanding
of the impact of bidirectional inverters in DC distribution systems, while also identifying
technical challenges to be addressed in future research. The results will lead to the devel-
opment of more efficient DC distribution systems towards enabling net-zero buildings, as
predicted in the studies above.

1.2. Bidirectional Inverter Challenges

The interface between the DC bus and the AC grid is crucial because it can reduce the
operation efficiency and stability of the overall system performance. Therefore, methods
for increasing the efficiency of bidirectional inverters have received considerable attention
because they relate to the return on investment of the DC system. High efficiency over a
wide range of power levels has significant benefits for increasing DC system efficiency in
buildings, especially small-scale domestic installations, where there is usually a mismatch
between periods of PV production and energy consumption [12–14]. This is less relevant
for commercial buildings.

Transformerless topologies are widely used to reduce losses (and costs) associated
with transformers in isolated topologies. However, it is important to highlight that due to
dynamic coupling between the shared AC and DC ground in a transformerless solution, the
parasitic capacitance of PV panels causes a leakage current. This has a negative impact on
the inverter efficiency and needs to be minimized to avoid significant loss [15]. The effect
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varies depending on the common mode voltage (CMV) across the parasitic capacitor, and
therefore, modulation strategies can alleviate the issue [16]. Other solutions are discussed
in more detail below.

High leakage current may lead to the additional distortion of the output grid current
caused by high-frequency operation, where the utility grid standardization needs to be
in compliance with the safety regulations of electrical equipment. On account of this, an
EMI filter is required to attenuate the grid current to an optimal level of quality on the
AC side in the case of inverter mode. However, while the ground of the AC and DC sides
are shared through the distribution plant in the building, the common-mode (CM) and
electromagnetic interference (EMI) noise-related issues will cause an impact on the DC
side. The DC-bus voltage, as well as differential-mode (DM) and (CM) noise, must be
kept within a small-voltage ripple to provide improved power quality, ensure reliable load
operation, and reduce significant loss in the system. Different filtering schemes to address
this are described later. It is shown that the additional number of passive components, as
well as the complexity of the associated control approach, would reduce the efficiency of
the design. As a consequence, a trade-off must be made in the development of a suitable
EMI filter in order to reduce the aforementioned concerns.

Given the strong correlation between the leakage current and the EMI filter, it should
be noted that the range of current that the filter inductor needs to support is another
challenge due to the potential nonlinear characteristic of its core material. As a result, the
tracking accuracy of the employed current controller to set the required grid current may
be influenced by the inductor current ripple. Moreover, errors in zero-crossing detection for
grid synchronization could be introduced due to insufficient magnetization of the inductor
core material which has an impact on the grid current. This effect is important for both
inversion and rectification modes in a grid-connected inverter. Indeed, in rectification
mode, power factor correction (PFC) is required to reduce the consumers’ load demand for
reactive power. In addition, the harmonic regulation has to be fulfilled according to the
required grid code. It is worth noting that the response to different weather conditions of
renewable energy sources such as PVs can cause a wide voltage variation on the DC side of
the bidirectional inverter. Under this circumstance, the authors of [17] offer buck/boost
maximum power point tracking (MPPT) to mitigate the sudden change of voltage and
associated stress applied to the DC bus interfaced with a grid-connected inverter. This is
important to ensure that the bidirectional inverter supplies local load conditions as well as
to the grid, efficiently and reliably. The power flow of the bidirectional inverter needs to
be maintained based on the DC-bus voltage when subjected to variable source and load
conditions [18]. The control capability also has to assure the stability of the entire system
when subjected to a certain level of load demand due to shared power supply either from
renewable energy or the grid. Moreover, the DC bus needs to be regulated at a nominal
voltage to enable the operation of the battery charge controller and a reliable supply of DC
system. On the other hand, the power delivered by the DC-bus in case of excess power
from PVs has to meet the standard power regulations of the grid [19,20].

In addition to maintaining stable DC and AC voltage levels and grid synchroniza-
tion [21,22], the DC-side interaction with the AC grid must be decoupled and isolated in
the case of a fault or potential transient which can affect the dynamic operation of the sys-
tem [23]. Furthermore, the phase shift during the transition period between inversion and
rectification modes should not affect the DC system’s reliability. Considering that certain
bidirectional inverter types have two stages of power conversion, the control structure may
become more complex if the transition between modes is performed effectively to achieve
high performance levels. The control design of the DC-bus interface with renewable energy
is discussed in more detail in Section 5.

1.3. Paper Structure

The paper consists of five sections. A brief overview of DC distribution system config-
urations involving a bidirectional inverter is presented in Section 2. Section 3 begins by
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laying out the historical overview and theoretical implementation of bidirectional inverter
topologies and looks at how they are controlled with the utility grid. Section 4 presents
a comparison of the performance between different topologies to highlight the optimal
design. Section 5 presents a comparison and classification of the various techniques and pa-
rameters used in different control systems for bidirectional inverters. Finally, a conclusion
summary is given in Section 6, which includes challenges and limitations associated with
the bidirectional inverter and suggestions to be considered for future implementation.

2. DC Distribution System Configurations

With the development of efficient DC distribution systems in buildings in recent years,
it has commonly been assumed that the combination of different energy sources could
enhance performance. However, it has been shown that the DC system performance could
vary in terms of efficiency depending on load profile, utilized renewable energy sources,
and utility grid integration [10]. Figure 1 illustrates a general schematic configuration
of DC distribution systems in buildings, including renewable energy sources (PV in this
case), energy storage, and a mix of AC and DC loads [24–27]. The system contains a
power optimizer known as a maximum power point tracking (MPPT) to maximize the
PV output power under different weather conditions [28]. In addition, a step-up/down
DC/DC power converter is implemented for charging/discharging the energy storage and
to control the power flow to regulate the voltage level of the DC bus.

Figure 1. Schematic configuration of DC distribution systems integrated with a grid and a
backup system.

The integration of grid power is required to assure the continuous operation of the
system in supplying the DC loads in the case of insufficient power, either from renewable
energy sources or energy storage. However, there are some configurations of DC systems
that do not employ renewable energy sources, in which energy storage and/or a fossil
fuel-based generator and grid power are utilized instead. Under these circumstances,
energy storage could be beneficial to address the peak saving and ensure the security of
supply, or for applying demand-side management when there are no alternative energy
sources. On the other hand, regardless of the importance of energy storage, it is not always
included in DC system configurations.

Despite the progress and optimal efficiency of DC distribution system implementation,
there is still no consensus on standardization and regulation. The EMerge Alliance has
developed a standard for 24 Vdc distribution for low power loads within inhabited areas,
and several certified infrastructure solutions have successfully shown compliance with this
standard [2]. However, 24 V is not compatible with typical battery and inverter voltages.
In addition, the alliance has recommended the implementation of a 380 Vdc standard for
use in higher power applications such as data centers and central telecom offices [2]. This
standard might pave the way for DC distribution in residential and commercial applications
at voltages greater than 24 V, which would be advantageous for both sectors. As a result, the
academic literature on such systems integrated into buildings has revealed the emergence
of several contrasting themes in terms of DC bus configuration and voltage level [29–31].
The purpose of a DC-distribution system is to eliminate some of the integrated conversion
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stages to increase the overall distribution system efficiency. However, depending on the
range of loads to be supplied, there are two dominating DC bus structures, bipolar and
unipolar, as presented in Figure 2. The principle of a bipolar type is that the DC bus
has three lines, positive and negative lines, +Vdc, −Vdc, and the middle line is a neutral
line [32–34], to allow the supply of loads with two available voltage ranges, as depicted
in Figure 2a. In addition, the system has robust reliability to guarantee that loads are fed
when an electrical fault occurs in either line [35]. Moreover, with a bipolar structure, the
neutral point is grounded, which considerably reduces the line-to-ground safety risk by
significantly reducing the highest allowable DC-line voltage relative to the ground.

Figure 2. The structure of (a) bipolar DC bus, (b) unipolar DC bus.

Figure 2b shows the unipolar DC distribution system with one consistent voltage
level, represented by the use of two lines, one labeled “+Vdc” and the other “−Vdc”.
The unipolar structure is more suitable for systems with low power loads due to the cost
saving associated with reduced wiring compared to the bipolar type [36]. However, the
lower voltage level of unipolar systems may limit the efficiency that can be achieved
regardless of its cost benefits [37]. In terms of these DC bus structures integrating with
the grid through a bidirectional inverter, there is one study implemented with a bipolar
type (Figure 2a) [38]. This approach usually experiences additional costs in terms of control
structure and computation, and ultimately the overall benefit is slightly higher when
unipolar is used.

A comparison of the existing empirical literature on DC-bus voltage versus power
integrated with a single-phase bidirectional inverter is illustrated in Figure 3. Based on
the results, it may be observed that once the power level is high, the voltage typically
corresponds to that of the peak mains, i.e.,

√
2 times the root mean square (rms) voltage.

It can be seen that the majority of the DC bus voltage levels fall somewhere in the region
of 380 to 400 V. High-voltage operation (i.e., 600 V) is applied in cases where two voltage
levels (600 V/300 V) may be required, allowing for the adaptability of DC load connection.
Nevertheless, it is possible to conclude that the high power and voltage level (i.e., 10 kW
and 600 V) is not appropriate for residential buildings from a safety perspective, despite
the fact that it provides a high level of efficiency.
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Figure 3. DC-bus voltage level integrated with a bidirectional inverter. a—[39,40]; b—[41]; c—[42];
d—[43]; e—[44]; f—[45–50]; g—[51–55]; h—[38,56,57]; i—[58].

3. Single-Phase Bidirectional Inverter Topologies

Single-phase inverters are generally classified into two types: voltage source (VS)
and current source (CS) inverters. The VS inverter is widely used for PV grid-connected
applications due to its advantages of high efficiency, economical cost, and the size of
implementation [59,60]. It provides a good solution when the required voltage needs to be
maintained regardless of the current variation. Meanwhile, the CS inverter is usually used
in applications involved in controlling the torque, such as electrical vehicles (EVs), where
the current needs to be controlled. This paper is mostly concerned with VS inverters.

Traditional inverters have unidirectional power flow, while in a DC distribution
system, a bidirectional power flow interfaced between the DC bus and utility grid is usually
required. A summary of the existing implemented bidirectional topologies used in DC
distribution systems in buildings is illustrated in Figure 4. These may be categorized
into transformer and transformerless inverters/converters. In turn, the transformerless
topology can be grouped into four sub-groups based on their functionality of (a) voltage
stress and decoupling between the DC and AC sides, i.e., common ground; (b) H-bridge;
(c) H6; and (d) two-stage non-isolated topology [61,62]. In order to shed more light on
each topology considering the main concerning factors such as leakage current (Icm) and
common mode voltage (CMV), the following sections provide an analysis of the topologies
utilized, illustrating the efficiency and control challenges and optimal design aspects.

 

Figure 4. Classification of single-phase bidirectional inverter topologies integrated with a DC
distribution system. (We et al., 2009)—[63]; (Kim et al., 2012)—[51]; (Wu et al., 2010)—[52];
(Dong et al., 2012)—[44]; (Lee et al., 2012)—[43]; (Hwarg et al., 2014)—[39]; (Chen, Burgos and
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Boroyevich, 2015)—[56]; (Wang et al., 2019)—[53]; (Alshammari and Duffy, 2021)—[54];
(Ortiz et al., 2010)—[64]; (Chen, Burgos and Boroyevich, 2018)—[57].

3.1. Transformer Topologies

To overcome the potential effects of leakage current caused by parasitic capacitance
between the PVs and the ground of the utility grid, a transformer may be used to provide
galvanic isolation [65]. However, if operating at the mains/line frequency (LF), a large
transformer size is needed to prevent saturation in the core, and that could decrease the
efficiency and introduce further weight and cost to the system [66]. An alternative method
is to resort to a high-frequency (HF) transformer to reduce the transformer size. However,
this could lead to an increase in power loss and requires a relatively high level of system
complexity, especially when integrating DC distribution systems, as the bidirectional power
flow and regulation of the DC bus are required to be balanced when multiple power sources
are applied, in addition to the bus being subjected to different load conditions.

The study of [63] has provided details on the adaption of the push-pull isolated
topology for low-voltage DC bidirectional inverters integrated into the grid as shown in
Figure 5a. This topology provides the ability to step up or down, which is important in
applications where the DC bus voltage level is less than the peak mains. However, the
topology needs to be operated at a relatively high frequency (20 kHz) to ensure that the
transformer size is reasonable, and this limits its efficiency to some extent. The push-pull
also provides the function of PFC in the case of the rectification mode, while using phase-
shift control in the inversion mode. A notable feature of this topology is the benefit of a
low number of switches and associated driver circuitry, which can avoid additional power
losses compared to other transformer-based bidirectional inverters [67]. However, it seems
that the current harmonic in PFC mode is relatively high when the system is operated for a
wide range of power levels (1 kW to 5 kW in this case). Similarly, for the inversion mode, a
high current harmonic distortion is introduced when the load demand is higher than 1 kW.
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Figure 5. Illustration of bidirectional transformer topologies: (a) push-pull topology [63] and
(b) isolated bidirectional boost rectifier AC–DC converter [51].

In recognition of their superior performance and efficiency, significant research on
the application of DC/DC topologies to isolated bidirectional converters has recently been
published [68]. Thus far, the development of a high-power isolated full-bridge boost
rectifier with bidirectional capability is proposed [69]. However, as with all transformer-
based solutions, leakage inductance causes high current spikes during switching and
significant effort has been directed at addressing this through snubber circuits. Using an
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RCD passive snubber to clamp the voltage is the most straightforward method; however,
the resistor dissipation adds to power loss, resulting in low efficiency. Alternatively, active
and passive clamping circuits may reduce voltage stress caused by the leakage inductance
of current-fed inductors and isolation transformers [69]. However, due to the existing
resonant current of the capacitor in some clamped circuits, the current stress on the switches
is significantly increased, resulting in higher power loss and a corresponding decrease in
efficiency. Therefore, a flyback snubber provided by the authors of [70] is used to recycle
the energy that the clamping capacitor absorbs. Moreover, the clamping capacitor voltage
can be controlled autonomously by the flyback snubber. The characteristic of zero-voltage
transition (ZVT) was applied to a phase-shift full bridge at high frequency to achieve
high efficiency for bidirectional capability [71]. The topology maintains a constant output
voltage by decreasing the input voltage, which usually varies.

The bidirectional operation of an LLC resonant converter is introduced in [72] and has
the ability to reduce the switches’ voltage stress without any snubber circuity. However, it is
possible that the wide operating range of the converter necessitates a compromise between
the turn ratio of the transformer and the utilization of the resonant characteristics. Therefore,
a high-efficiency isolated bidirectional inverter with two stages of power conversion was
proposed by [51] to overcome the high switch conduction loss of the bidirectional boost
rectifier, as shown in Figure 5b. However, the overall efficiency of this topology tends to be
low at light loads.

3.2. Transformerless Topologies

The full-bridge (H4) transformerless topology, as shown in Figure 6a, is most com-
monly used for bidirectional conversion in renewable energy applications, e.g., [52]. Since
there is no transformer, it generally provides a smaller solution, and the issue of transformer
leakage current is eliminated. However, it has its own issues. The fluctuation of filter induc-
tance due to non-linear core material properties over a wide current range causes current
oscillation and significant current ripple, lowering current tracking accuracy [52]. As a
consequence, the DC-bus and grid voltages will vary. In order to reduce this fluctuation in
a single cycle, a closed-loop control system was designed that attenuated the required duty
cycle to provide the desired inductor current while also reducing variations in the DC-bus
and grid voltage. However, the efficiency of this topology is low.
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Figure 6. Bidirectional inverter (a) conventional H4 [52] and (b) two-stage topology [64].
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To address the challenge of maintaining a stable DC bus voltage under transient load
conditions, the work of [64] offered an improvement in which the stability of the DC-bus
voltage is maintained and the DC-link capacitor is reduced by using a two-stage power
conversion scheme where the H4 is employed in series with a DC/DC stage as shown in
Figure 6b. As can be seen, the DC/DC acts as a buck during rectification and as a boost
during inversion.

A modified H4 topology with an EMI filter connected to the grid is proposed in [44],
as shown in Figure 7. The topology aims at reducing the leakage current on the DC side
caused by high-frequency unipolar PWM on the AC side. It includes an output LCL
filter with a common-mode choke in which the neutral point is connected directly to the
mid-point of the DC link. This involves a split-phase DC line employing two extra DC
capacitors. Consequently, this AC filter structure could add additional power loss, which
limits efficiency. Therefore, there is a trade-off between CMV on the DC side and high
efficiency, in which case the overall system performance, particularly at low consumption
power, could be improved.
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Figure 7. Modified H4 bidirectional full-bridge topology with EMI structure [44].

Another issue with the H4 topology is that it, too, suffers from power loss due to
leakage current through the parasitic capacitance of the PVs [73]. In order to overcome this
effect, the authors of [43] propose a solution that provides two additional current paths on
the AC side, where the inverter output is driven into three levels of VAB (Vdc, 0, and –Vdc),
as depicted in Figure 8. Since the rate of change in voltage across the parasitic capacitance
(ground capacitor) is reduced, this design can limit high-frequency components and reduce
leakage current. As a result, the inductor loss during freewheeling is reduced, while injected
reactive power from the grid is reduced in the case of zero crossing. Due to the fact that the
topology operates as a boost in rectification mode, the DC-link voltage limitation is required
to be nearly twice as high as the power grid’s peak voltage. However, there is no capacitor
connected to the AC terminals, which impacts the EMI performance. High efficiency was
achieved in this case but is partly owing to the use of oversized semiconductor devices
relative to the design specification.
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Figure 8. H4 bidirectional inverter full-bridge topology with additional paths [43].
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Loss analysis of the H4 topology found that high losses are contributed by large induc-
tor current ripple, in addition to the loss of the switches operating at high frequency [39].
Therefore, an interleaved three-leg full-bridge inverter was proposed as shown in Figure 9
in which high and low switching frequencies are applied for the middle and outer legs,
respectively, where a predictive control strategy was implemented to synchronize the grid
voltage and current. However, leakage current still presents a challenge in which the flow
of current during different parts of the cycle is discontinuous. No details of the efficiency
were provided in this case.
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Figure 9. Interleaved single-phase three-leg of full bridge topology [39].

The study of [56] offers probably one of the most comprehensive empirical analyses
of the transformerless H4 topology when employed in a two-stage interface between the
grid and DC sources. The authors present an analytical loss breakdown for the H4 and
propose a method for minimizing losses caused by the EMI and CM filters. Figure 10
shows the proposed 2-level (2L) full bridge with LCL filter in (a), while a parallel version is
proposed in (b). The efficiency was highest when the 2L parallel structure was employed
due to the reduction in conduction losses provided by paralleling and the use of SiC
MOSFETs for decreasing the switching losses. Similarly, an emphasis on the performance of
semiconductors device such as SiC MOSFET provides potential performance for enhancing
the bidirectional inverter efficiency compared to ideal MOSFETs and IGBTs [41]. However,
this topology does not address the issue of capacitive leakage current and associated CMV.
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Figure 10. Bidirectional inverter topologies of (a) a 2L full bridge with LCL filter, (b) a 2L parallel full
bridge [56].

235



Energies 2022, 15, 6836

Since solutions to the leakage current and associated CMV may require additional
components and increase the cost and size of the bidirectional inverter, a new H6 trans-
formerless inverter topology was proposed (firstly as a unidirectional inverter) in [74] that
eliminates the leakage current, reduces the inductor harmonics current, and prevents the
voltage spikes that occur in inductive loads. During the inductor free-wheeling interval in
the positive half-cycle, the current flows through D1 and diode S5. This not only discon-
nects the DC side from the grid but also prevents the high-frequency voltage from building
up in the parasitic capacitance, which lowers the leakage current. The same is applicable
for the path through S6 and D2 during the negative half-cycle of the grid. Furthermore, its
efficiency was improved in [75] with a modified PWM pattern when there is a phase shift
between output current and voltage. Therefore, these features of the H6 outweigh other
unidirectional transformerless topologies such as the H5, HERIC, etc.

The H6 was modified to operate with the capability of bidirectional power flow in [53],
as shown in Figure 11a. However, it is indicated that under light load conditions (roughly
1.2 kW for a 5-kW rated system), a reduction in inverter efficiency was observed. This
study also confirms that switches of the inverter could play an important role to maximize
the overall efficiency. Therefore, a study of [54] proposed the synchronous H6 topology,
as can be seen in Figure 11b, to reduce the greatest impact of the diode conduction loss
and its related switching ON losses under full loads. Similarly, these dominant losses were
reduced under rectification mode by using SiC MOSFETs instead of diodes D1 and D2.
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Figure 11. H6 bidirectional inverter topology: (a) standard H6 [53] and (b) synchronous H6 [54].

A small number of papers discuss bidirectional inverters for a bipolar DC configu-
ration, in which the DC and low-frequency CM voltages need to be closely regulated to
ensure symmetrical DC bus voltages and to reduce leakage current. The high-frequency
CM noise can be filtered out by passive components, as with unipolar DC systems [23]. The
authors of [76] proposed a control solution for grounded unidirectional inverter systems
with power converters, which is based on an active common-mode duty cycle injection
approach. As a result, a reduction in voltage ripple was achieved, which minimized the
ground leakage current. However, this control technique does not apply to bidirectional
operation. Therefore, the topology proposed in [57] and presented in Figure 12 was de-
signed for enabling bidirectional capability and high frequency. Moreover, the leakage
current was reduced due to the decoupling of the CM voltage, while the high-frequency
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noise was eliminated by the filter. Moreover, an interleaved schematic of this topology
was introduced to mitigate the inductor choke ripple, which may lead to an additional
loss, resulting in low efficiency in both stages. Furthermore, this topology requires extra
switching devices and passive components to enable the converter to transition between
the inverter and rectifier operation while maintaining DC-bus voltage. In addition, when
the active damping method is implemented, the need for extra voltage and current sensors
increases the overall cost of the system. Therefore, it is feasible that an alternative solution
may be established to perhaps reduce the cost and size of the converter with respect to its
level of efficiency.
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Figure 12. Two-stage bidirectional converter with CM decoupling [57].

4. Performance and Evaluation

The bidirectional inverter topologies considered in Section 3 are summarized and com-
pared in this section. Table 1 compares the topologies in terms of controller implementation,
switching frequency, and output filter.

Table 1. Control modulation and passive devices of transformer and transformerless bidirectional
topologies for DC distribution systems.

Ref. Topology
Power

Level (W)
SPWM/

Implementation
Switching
Frequency

Filter/EMI
DC-Bus
Voltage

DC Link
Capacitor

Line Voltage

[63]
Push-pull
phase-shifted—
transformer

600

DsPIC30F2020
at dc side Cycle
converter at the ac
side bipolar

20 kHz
- LC - Non 50 Vac/120 Hz

[52,77]
Full-bridge
bidirectional inverter
transformerless

5000 DsPIC30F2023 20 kHz LC 340–380 3760 F 220 Vac/60 Hz

[45]
Full-bridge
bidirectional inverter
transformerless

5000 TMS320LF2406A 20 kHz
IGBT LCL 360–400 560 F × 10 220 Vrms/60 Hz

[78]
Full-bridge
bidirectional inverter
transformerless

- DsPIC30F2023 -
IGBT LC - - -

[46]
Full-bridge
bidirectional inverter
transformerless

5000 TMS320LF2406A
Bipolar/Unipolar

20 kHz
IGBT LC 360–400 560 F ×10 220 Vrms/60 Hz

[47]
Full-bridge
bidirectional inverter
transformerless

5000 TMS320LF2406A -
IGBT LC 360–400 - -

[44]
Full-bridge
bidirectional inverter
transformerless

10,000 PWM
Unipolar

20 kHz
IGBT parallel LCL 600 360 F 240 Vrms/60 Hz

[55] AC–DC boost
bidirectional rectifier 5000 TMS320F28335

Unipolar

13.8 kHz
MOSFETs

IGBT
LPF 380 2.7 mF 220 Vac/60 Hz

[51]
Full-bridge CLLC
resonant bidirectional
converter

5000 TMS320F28335
PFM

58–65 kHz
MOSFETs FIR 380 200 nF 220 Vac/60 Hz

[43]
Full-bridge
bidirectional inverter
transformerless

3000 PI 16 kHz
MOSFETs parallel L 360 2200 μF 220 Vrms/60 Hz
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Table 1. Cont.

Ref. Topology
Power

Level (W)
SPWM/

Implementation
Switching
Frequency

Filter/EMI
DC-Bus
Voltage

DC Link
Capacitor

Line Voltage

[48]
Full-bridge
bidirectional
inverter transformerless

5000 D-Σ digital
PWM rectifier

20 kHz
IGBT LCL 360–400 - 220 Vrms/60 Hz

[79]

Bidirectional
transformerless PV
inverter based
on HFLs

8000 Phase-shift
50 kHz
IGBT

MOSFETs
LC 380 6 ×1.0 mF 220 Vrms/50 Hz

[38,57]
Two-stage
bidirectional
AC–DC converter

10,000 Pluggable phase-leg
module

40 kHz
MOSFETs DM 380

bipolar 100 nF 240 Vrms/60 Hz

[41]

Two-stage
bidirectional AC–DC
converter—NPC
and FB

2000 Unipolar
20 kHz

MOSFETs
IGBT

LCL 380 - 127 Vrms/60 Hz

[53]

H6 bidirectional
transformerless
inverter with
bridgeless
PFC rectifier

5000 Unipolar 20 kHz
MOSFETs

parallel
L&C 380 - 220 Vac/50 Hz

What is notable is that digital rather than analog control is most commonly used. This
is due to the better control precision and dynamic reactions of digital compared to analog
implementations. According to Table 1, unipolar PWM is used for the majority of bidirec-
tional inverters. Given the fact that unipolar leads to lower DC current ripple, it is possible
to minimize the AC-side harmonics by a substantial amount in comparison to bipolar
PWM. Using unipolar outperforms bipolar, which requires a large inductor to minimize
current ripple due to the voltage peak value. However, PWM schemes create a high leakage
current at a high frequency on the DC side that flows to the ground in transformerless
topologies because of the different switching transitions and dead-times. Consequently,
when high-efficiency operation is needed, it is critical to take this into consideration.

Almost all bidirectional inverter topologies were operated at 20 kHz due to the good
trade-off between the inductor loss and switching loss of the employed semiconductor
devices. Among these are SiC MOSFETs, which have a lower switching loss compared to
Si MOSFETs. Conduction loss is a significant issue for IGBT switches, and they are not
recommended for use in these bidirectional inverter topologies.

Another trend that is evident in Table 1 is the fact that LC and LCL filters are most
common in transformerless topologies, which implies that the inductor design may con-
tribute to minimizing the converter power loss. However, current distortion may occur
at low power levels due to the impact of continuous inductor current flow, which may
increase conduction loss and reduce overall efficiency.

The majority of bidirectional converter topologies have a power rating of 5 kW, indi-
cating that they can be used in both commercial and residential buildings. While it is true
that residential buildings are typically operated at a lower power level, this results in low
efficiency for most topologies that are used.

A summary of semiconductor parameters implemented in the bidirectional topologies
considered is given in Table 2. In terms of the technologies used, it was noticed that Si
MOSFETs and IGBTs were the first to be developed, indicating that they were the primary
switching devices available during this period of time. Indeed, such technology, particularly
IGBT switches, is suitable for high voltage operation, which explains why they are the
mainstream switches. However, as a result of advancements in semiconductor technology,
SiC MOSFETs are capable of operating at higher voltages while also delivering higher
efficiency when compared to Si MOSFETs and IGBTs. Moreover, because the cost of SiC
MOSFETs is high, it is necessary to consider a trade-off between high efficiency and cost
when designing a bidirectional inverter. Similarly, the diode used in some topologies, such
as those in which the ideal Schottky diode can be replaced by an SiC Schottky diode due to
its low power dissipation, can be justified in the same way.
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Table 2. Semiconductor components of transformer and transformerless bidirectional topologies for
DC distribution systems.

Ref.
Year of

Publication
Device Type Device Model Manufacture V Rated I Rated Diode Type

Diode
Model

[45,46,49,52] 2010, 2011,
2012, 2016 IGBT 40N60A4 Fairchild

Semiconductor 600 V 75 A Ultrafast RURG5060

[51] 2013
MOSFETs IXKR47N60C5 Littelfuse 600 V 75 A - -

MOSFETs SPW47N60CFD Infineon 600 V 75 A
Schottky C3D20060D

[43] 2014

Cool
MOSFETs FCA 75N60N IXYS

Corporation 600 V 47 A

IGBT IGW75N60T Infineon 600 V 46 A

[48] 2014 IGBT G40N60A4 Gree 600 V 75 A Schottky C3D20060D

[38,57] 2017, 2019 SiC MOSFET C2M0025120D Wolfspeed 1200 V 90 A - -

[53] 2019 SiC MOSFET C3M0120090D Gree 900 V 23 A SiC Schottky
diode CVFD20065A

The relative advantages and disadvantages of the different topologies are compared
in Table 3. As compared to other transformerless topologies, the H6 topology claims to
provide a high level of efficiency to support the premise that leakage current and high
current distortion are kept to a minimum.

Table 3. Main comparison summary of bidirectional single-phase inverters for integration with DC
distribution systems.

Ref. Topology Advantages Disadvantages
Inverter

Size
Maximum
Efficiency

No.
Conversion

Stages

Leakage
Current

Control
Strategy

[63]
Push-pull
transformer
based

Low DC
voltage ripple

High THD
Hard switching
increase loss

Large 89% 2 High Simple

[51,55]
Isolated
AC/DC
converter

No CM effect High level of
complexity Large 96% 2 High Complex

[52,77] Full-bridge

Small filter.
Inductor
variation
minimized

High THD
Voltage and
current drop due
to inductance
change

Small 97.2% 1 Medium Complex

[43] Modified
full-bridge Low THD

Oversized
switches High
output voltage
and current
ripple

Medium 98.6% 1 Low Medium

[39]
Interleaved
three-leg
full-bridge

Low switching
loss

Medium THD
due to inductor
current ripple in
respect invert
size Expected
CM fluctuation

Medium - 1 High Medium

[56]
2L full-bridge
with paralleled
SiC

Small filter

High conduction
loss Increased
switching loss as
frequency
increases

Small 93% 1 High Medium
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Table 3. Cont.

Ref. Topology Advantages Disadvantages
Inverter

Size
Maximum
Efficiency

No.
Conversion

Stages

Leakage
Current

Control
Strategy

[53] Standard H6

Low output
current ripple
and Icm
Constant CM
voltage

Diode
conduction loss Medium 97.5% 1 Low Medium

Finally, the efficiency of the different topologies is compared in Figure 13 for both
inversion and rectifier modes. These results have been extracted from the measurement
data presented in the publications. For a fair comparison, ref [63] was excluded since its
power is significantly lower (300 W). As can be seen, the majority of topologies provide
relatively high efficiency at full load. It is worth noting that the highest efficiency of [43]
comes from using 75 A oversized semiconductor devices at 3 kW. The next highest efficiency
is achieved with a two-stage solution that includes CM decoupling, but it has high cost
and size due to additional components. Next comes the H6 topology [48], but its efficiency
drops rapidly at low power.

(a) 

(b)

Figure 13. Bidirectional inverter efficiency comparison curves of (a) inversion mode, (b) rectification
mode. a—[43]; b—[54]; c—[52]; d—[57]; e—[51]; f—[53]; g—[56].

However, a residential building will generally operate at a lower load than its max-
imum rated over the majority of the time. Therefore, bidirectional inverters with low
efficiency at light loads would impact the overall system efficiency. The evaluation of the

240



Energies 2022, 15, 6836

synchronous H6 using PSIM software with detailed analytic equations applied to predict
component power loss for suitably sized semiconductors shows that the light load efficiency
of the standard H6 can be addressed by replacing diodes with MOSFETs, as explained
in [54].

5. Smart Grid Control

The control system is an important component of grid-connected power converters
where it maintains the system efficiency and stability. Integrating a DC system into the
grid may cause several issues, including grid instability and disruption, so several control
solutions have been proposed to overcome grid distortions and fulfill the criteria of the
grid’s standard power [80,81].

The main control system requirement is as follows: phase estimation, which is known
as a phase-locked loop (PLL), voltage control loop (VCL), and current control loop (CCL),
as shown in Figure 14. The PLL is used to generate the grid reference current, which is
synchronous with the grid voltage, where the most implemented type is the basic PLL in
such applications. The DC-bus voltage is regulated by the use of a VCL that produces the
required grid current amplitude to be compared with the grid current reference obtained
from the PLL. The inductor current needs to be compared with the grid current to determine
the duty cycle and track any sudden change through a CCL. The performance of the control
system can best be treated according to the following tasks:

• Reactive power control for supplying the DC system.
• Active power control for feeding the grid.
• DC-bus voltage control.
• Grid synchronization.
• Dynamic operational modes control (inverter/rectifier).

Figure 14. General configuration of the bidirectional inverter control system.

There is a possible classification of bidirectional inverter control systems based on a
comparison of the following criteria: DC-bus voltage regulation, inductor current control,
and bidirectional capability. This section provides a basis for comparison to enable the iden-
tification of the control system structure and to distinguish different levels of performance.

5.1. Controller Challenges
5.1.1. DC-Bus Voltage Regulation

The integration of a DC bus with different types of energy sources such as renewable
energy and energy storage may result in system instability; therefore, the bus voltage needs
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to be retained at a nominal level to enable the reliable operation of the grid, battery, and
DC loads. Regulating a DC bus is challenging due to the wide range of load and source
conditions that it is expected to support, and the introduction of current harmonics through
the grid connection. This issue was examined in [45], where fast regulation control is
suggested to track any sudden change of bus voltage every quarter cycle. Likewise, the
authors of [47,49] propose a quarter cycle approach (QLCRA) to regulate the variation
in DC-bus voltage in situations where the integrated grid interface causes AC current
distortion. The distorted line current was minimized when the inductor current was
adjusted each quarter cycle instead of the conventional line cycle approach (OLCRA). The
bus voltage also can vary when there are more input sources connected to the system.

The study of [42] applied predictive control to track an AC current reference by sensing
the inductor current to obtain the desired output bus voltage. The stability of the bus voltage
is achieved during both inversion and rectification modes. There is, however, a noticeable
current distortion during the phase shift transition between these two modes, particularly
at zero crossing, due to insufficient magnetizing inductor current. To achieve high power
quality, two switching schemes were compared: unipolar and bipolar for delivering and
consuming the utility grid power, respectively [46]. It was found that insufficient inductor
current causes current distortion in unipolar operation, whereas bipolar operation decreases
the distortion but induces higher current ripple and switching loss. The combined PWM
schemes reduced the current distortion and at the same time relatively decreased the
voltage ripple and switching loss. As a result, the unipolar system is deemed to be better in
terms of lower voltage ripple and switching loss in both inversion and rectification modes.

However, a particular frequency response for designing the AC filter is required to
eliminate the applied high frequency on switches, besides the switching loss when using a
bipolar scheme. Alternatively, half of the switches in the bridge may be operated at high
frequency, while low frequency is applied to the other switches with a hysteresis switching
scheme [82]. It is worth mentioning that the switching loss for the hysteresis scheme has
the same loss as the unipolar scheme [83].

Moreover, to ensure consistent frequency operation during zero-crossing, it is nec-
essary to consider the DC-link voltage ripple and inductor current harmonics. In fact,
high-frequency operation could result in a significant distortion of the delivered grid volt-
age caused by the dead time control aspect. As a result, the authors of [84] proposed a
single switch to operate during the transient period when mode switching occurs in which
a freewheeling path is provided to sustain the inductor current. This technique relies on the
idea of miniaturizing the leakage current, which is still not optimal. Since the employed
semiconductor devices were designed on the maximum operating current level, there is an
additional potential cost-related consideration.

5.1.2. Inductor Nonlinearity

Recent developments in bidirectional inverters have heightened the need for control-
ling the nonlinearity of the inductor current that might occur in one operational cycle due
to the inductance variation of different core materials over a wide range of currents. Conse-
quently, a high current ripple has an impact on the accuracy of tracking the inductor current
to generate the required duty ratio. Therefore, the authors of [52,77] proposed a predictive
control technique to mitigate this variation by sensing the inductor current and using the
grid and DC-bus voltage as iteration variables for determining the required duty ratio for
the next cycle. However, it is expected that the proposed control is almost certainly limited
when the system is subjected to a high load profile resulting in a voltage drop. In contrast
to the earlier study, however, no evidence of reducing the current distortion was reported.
According to [50,85] a fuzzy logic controller strategy is recommended to overcome the
mentioned issue by increasing the inductor voltage to enable the fast-tracking of the current
reference. It is believed that the fluctuation of the inductance current peak waveform was
minimized; however, there is still some spiking in the zero-crossing point due to the line
frequency operation. The strategies of applying low-frequency control to improve the
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inductor current oscillation might involve current sharing between the switches’ parasitic
capacitor which leads to a decrease in efficiency. Therefore, high-frequency operation can
reduce the shared current in certain topology configurations that utilize middle switches
(floating switches). In addition, the controller’s bandwidth can be increased to enhance
load transient response.

Despite this, little progress has been made with regard to deploying a high-resolution
current for sensing the AC-side current during a rapid change of the inductor current.
Analog-to-Digital converters (ADCs) can be adapted to achieve the required accuracy
response under a wide range of the grid current. However, the implementation of ADCs
suffers from higher complexity and higher cost. As a result, it has been shown conclusively
that the continuous conducting mode (CCM) of the inductor current (rather than discon-
tinuous conducting mode (DCM)) is desirable due to the simplicity of implementation in
which the current measurement was replaced by a practical sensorless, average current reg-
ulation control algorithm model [86,87]. Nevertheless, it is important that other factors can
affect the sensing procedure of the inner current loop control, such as inductance, inductor
resistance, and related voltage conduction [88,89]. Therefore, the authors of [40] developed
a sensorless current control with bidirectional capability to enhance the functionality of
the PFC during the grid injection. It seems possible that a transient current is expected to
contribute to the associated dynamic decoupling between DC and AC sides, in which a
significant response time is required during a change of mode. Collectively, these studies
outline a critical role for inductance variation on the system performance, which potentially
needs to be taken into consideration.

5.1.3. Bidirectional Capability

The correlation of the inductor current and the DC-bus voltage has an influence on the
transition region between inversion and rectification, as depicted in Figure 15. As can be
seen, a linear relationship between the inductor current and DC-bus voltage determines the
operation mode of the power flow. It is important to note that the DC-bus voltage should
be operated in a range of ±10% Vdc in order to avoid frequent changes of mode during
a sudden heavy load. As a result, it is possible that current distortion occurs during the
transition period in the zero-crossing voltage. There is some evidence to suggest that PFC
compensation could be utilized when the magnetization current is inadequate to mitigate
the phase-shift region [46]. However, the time required to adjust the duty cycle for changing
the switching mode is considered relatively slow, where a fast control response is needed in
such conditions. This indicates a need to understand the various aspects of control ability
that exist in two-stage power conversion topology, especially in the isolated DC/DC stage.
This may lead to an inappropriate escalation in uncontrolled power conversion mode when
the load demand becomes negative, resulting in a significant increase in the delivered
power to the output capacitor due to the combination of load and converter terminal.

 (Vdc)

 (IL)

 Max

 Min

  Max

  Min

  Min   Max 
 Min   Max

 ± Vdc   

Rectification
Mode

Inverter
Mode

Figure 15. The regulation technique of DC-bus voltage (Vdc) with associated linearity of relationship
with the inductor current (IL).
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The authors of [51] set out a proposal of employing a dead-band control algorithm to
smooth any abrupt state in performance where the DC-bus voltage is varying in two-stage
systems. However, the utilized controller is not autonomous because an additional slave
controller is required for the integrated power conversion stages. In contrast, the authors
of [90] offer a fly-back bidirectional control capability using a single power conversion
stage to overcome the complex implementation of controllers required in isolated two-stage
converters. This is suitable only for integration between the energy storage and utility
grid, which can be adapted for integration with DC distribution systems. Perhaps the most
serious disadvantage of this technique is that a significant voltage and current stress is
imposed on the converter semiconductors, which has been thought of as a key factor in
system efficiency and performance. The distinctions between single-stage and two-stage
bidirectional power conversion, with respect to which isolation’s value is evaluated, are
evidently a significant constraint on all the work discussed in this area.

A comparison summary of the implemented control is presented in Table 4.

Table 4. Summary of control implementation of transformer and transformerless bidirectional
topologies for DC distribution systems.

Ref. Advantages Disadvantages Controller Type

[51,55] Fast dynamic response
Low THD Complex control structure Hysteresis

[52,77] Fast dynamic response
Easy implementation More calculation required Predictive

[45] Reactive power control
High dynamic

Complex control structure
High THD Predictive

[46] Simplicity No full PFC
Two controllers -

[47,49] Instantaneous current control
Less circuitry Complex transfer function Predictive

[42] High dynamic
Low THD Complex transfer function Fuzzy logic

[50] Lower inductor current ripple High THD
No full control of PFC Fuzzy logic

[40] One inductor filter Slow tracking response
No full control of PFC Predictive

[58] Fast tracking and dynamic
response High gain Limited operational range Resonant

6. Conclusions

In this review, the aim is to assess the performance of existing bidirectional inverter
topologies integrated with a DC distribution system in which renewable energy sources,
energy storage, and DC loads are used. It was found that transformerless topologies out-
weigh transformer-based topologies due to higher efficiency and smaller size of the power
converters. However, the primary issue with transformerless topologies is the connection
between the utility grid and the DC bus, which results in high leakage current and high
CMV, which have a negative effect on the overall efficiency. Freewheeling paths and two-
stage power conversion are the prominent solutions for the drawbacks of transformerless
topologies. It was found that the standard H6 topology provides the best performance in
terms of high efficiency and cost-benefit related to the semiconductor devices and passive
components required to eliminate leakage current and CMV. However, it is important to
note that the efficiency of this topology decreases significantly when operating at less than
20% of its maximum rated power (5 kW) compared to other transformerless topologies.
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The present study adds to the growing body of research regarding DC distribution
systems that aim to enhance the system efficiency of power delivery between DC power
sources, loads, and energy storage devices over AC distribution. It was shown that there is
scope for further research on methods to improve the efficiency of bidirectional topologies
under light-load conditions, and the dynamic response of control systems in two-stage
bidirectional power converters. Furthermore, while the requirements of bidirectional
inverters integrated with DC distribution in buildings may not be compatible for use in
different applications such as (EV) and energy storage, the circuit topologies and control
methods described may be adapted for other bidirectional applications. In conclusion, it is
believed that this review will provide a reference for academics, engineers, manufacturers,
and end-users interested in implementing DC distribution systems using bidirectional
inverters with grid-connected and renewable energy systems.
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Abstract: This paper investigates the potential of the emerging gallium nitride (GaN) high-electron
mobility transistors (HEMT) power devices to meet certain power conversion challenges. The
advantages of utilizing GaN HEMT transistors in a high-frequency, high-power isolated DC-DC
topology are explored experimentally. Using the GaN HEMT’s parasitic elements, e.g., output
capacitance, and the leakage inductance of the transformer, a soft switching zero-voltage zero-current
switching (ZVZCS) phase shift converter is proposed. Accordingly, the freewheeling current is
terminated, and soft switching is realized for most of the primary and secondary active devices.
Furthermore, without using any additional circuitry, the overshoot voltage across the bridges of active
rectifier diodes is clamped at their voltage level. In addition, a high-frequency power transformer is
optimized to minimize the overall transformer losses (e.g., winding and core losses). Combined the
conductor types, e.g., litz wire and copper foil, shows good electrical and thermal performance by
reducing the AC and DC resistance. Finally, a 5 kW, 100–250 kHz prototype is built and tested. The
experimental results show a conversion efficiency of up to 98.18% for the whole converter.

Keywords: GaN HEMT; phase shift full bridge; isolated DC-DC converter; PSFB; high-frequency
transformer; zero-voltage zero-current switching; soft switching; wide bandgap (WBG)

1. Introduction

Currently, wideband gap (WBG) semiconductors are emerging candidates for high-
power applications because of their lower on-state resistance and faster switching frequency,
compared to conventional transistors, such as silicon (Si) MOSFETs and IGBTs [1–3]. Due to
their superior characteristics, silicon carbide (SiC) and gallium nitride (GaN) high-electron
mobility transistors (HEMT) have been the subject of extensive study and development. In
terms of their application, the most advantageous features of GaN HEMT devices are their
high breakdown field, high thermal conductivity, high-temperature operation, and minor
on-state resistance [4–6].

Currently, the use of medium and high-power DC-DC converters is growing rapidly
in different applications, including renewable power conversion [7], hybrid electric vehi-
cles [8], power distribution in the micro-grid system [9], and storage systems [10]. The
phase-shifted full bridge (PSFB) converter is commonly utilized as a DC-DC stage for
high-power applications, and it is a feasible alternative for DC-DC converters.

In electric vehicle (EV) applications, the DC-DC converter is an essential part. Due to
the extensive conversion ratio between the input and output, the galvanic isolation with
specific turns ratio is preferred. A recent study has summarized the current advancements
in GaN WBG semiconductor devices, particularly for EV applications [11]. The study
investigates how GaN devices may be used to realize high-efficiency and high-power
density converters in EV applications. Reference [12] proposed an integration method
of auxiliary power modules and onboard battery chargers, which provide simultaneous
operation without an extra circuit and ZVS. This improves the total efficiency, as well as

World Electr. Veh. J. 2022, 13, 206. https://doi.org/10.3390/wevj13110206 https://www.mdpi.com/journal/wevj



World Electr. Veh. J. 2022, 13, 206

volume and cost. A previous study investigated a modified multi-port DC-DC converter
based on Z-Quasi Resonant for off-board EV battery charging [13]. A control strategy for
charging and discharging EV batteries is proposed. Prior work introduced a multiple dual
active bridge (DAB) DC-DC stage for EV fast charger. Generalized small-signal modeling
and a generalized control approach were proposed to ensure equal power-sharing [14].

The advantages of applying the GaN HEMT devices in the PSFB converter have rarely
been discussed in the literature [5,15]. However, the benefit of using SiC MOSFET in the
PSFB converter has been introduced [16]. The experimental results for 10 kW, 250 kHz
prototypes validate the feasibility of using SiC transistors. Indeed, clamping the overshoot
voltage across the rectifier diodes and achieving soft switching in a wide load power
range are the main benefits of using SiC MOSFETs in such topology. Using conventional
transistors, different studies have focused on improving efficiency and achieving a wide soft
switching operating range [17–19]. Other earlier studies have suggested adding snubber
circuits and recovery clamp circuits as workable options to suppress the overvoltage across
the output rectifier diodes [20–22]. These techniques have a large impact on the clamping
of the voltage overshoot over the secondary side but increase the control complexity and
add more losses. Furthermore, a previous study [23] used the capacitive output filter to
minimize the diode rectifier ringing. This minimization of the diode rectifier ringing allows
switching devices to operate at low switching losses under zero-voltage switching (ZVS).

Currently, the HF magnetic components are the bulkiest components of the high-
frequency (HF) power converter. In the PSFB topology, the high-frequency transformer
(HFT) is a design limitation to achieving high power density [24].

The transformer core and winding wire selection should be optimized for proper
design to minimize the core and winding losses. In addition, the selection of the core mate-
rial is critical in HFT design due to its impact on the cost, efficiency, and volume [3,25,26].
Moreover, the influence of wire types and winding arrangements are critical parameters for
enhancing the dynamic performance of the HFT. To minimize winding losses, multi-strand
HF litz wire or copper foil are frequently employed. According to previous work [24,27], to
reduce the overall winding losses, the ideal number of litz wire strands should be chosen
with an AC resistance (RAC) that is almost twice as great as its DC resistance (RDC). The
skin and proximity effects are significantly reduced using litz wire. In contrast, greater
thermal resistance is anticipated due to the several isolated strands, making it difficult to
cool the litz wire.

Furthermore, the proximity effect is reduced by interleaving the primary and sec-
ondary windings, while optimizing the foil thickness effectively reduces the skin ef-
fect [24,27]. The copper foil plate is preferred over other materials for usage in high-
current applications because of its larger width-to-thickness ratio. Due to this ratio, it offers
higher heat conduction, making it possible to accomplish effective heat transmission to the
surrounding area.

This work experimentally assesses the advantages of using GaN HEMT devices in the
high-frequency, high-power DC-DC converter. First, the dynamic performance of the GaN
HEMT is evaluated with different operating conditions. Then, the design optimization of
the transformer is presented, and the impacts of different conductor types and winding
arrangements are investigated. Finally, a soft switching zero-voltage zero-current switching
(ZVZCS) PSFB converter is proposed. The parasitic output capacitance of the GaN HEMT
and the power transformer’s parasitic leakage inductance are used to achieve soft switching,
which results in a low-cost, high-efficiency, lightweight, and compact converter design. A
5 kW, 100–250 kHz prototype experimentally demonstrates an efficiency of up to 98.18%
for the full converter.

2. PSFB DC-DC Converter

The isolated PSFB DC-DC converter (Figure 1) consists of a controlled GaN HEMT
full-bridge inverter at the input (GaN Systems GS66508T), an HF transformer providing
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galvanic isolation and voltage level conversion, and a Schottky barrier diode (SBD) bridge
rectifier (ROHM SCS230AE2) as the output stage.

Vin

Q1

Q4

Q3

Q2

SBD1

SBD4

SBD3

SBD2

C2 Load

HFT

oL

C1

LKL

Figure 1. Topology of the GaN HEMT PSFB converter.

In this paper, the circuit parasitics, such as the output parasitic capacitance of the GaN
devices (Coss) and the transformer leakage inductance (LLK), are used to achieve ZVZCS. To
ensure resonant discharge of the Coss, the two legs of the controlled GaN HEMT full bridge
operate in phase-shift mode. The ZVS of the leading leg (Q1 and Q2) is achieved with help
of energy storage in both the transformer leakage inductor and the output filter inductor
(Lo). The zero-current switching (ZCS) can be achieved for the lagging-leg (Q3 and Q4)
during the freewheeling diode transition by forcing the primary current (Ip) to zero.

The simulated key waveforms of the ZVZCS PSFB converter are shown in detail in
Figure 2. As presented, the lagging leg is turned off with ZCS by forcing the primary current
to reduce to zero at t3. At this time, Q1 is turned off, and the primary current charges
the output capacitance of Q1 (Coss1) and discharges the output capacitance of Q2 (Coss2).
Furthermore, the leading leg always achieves ZVS; indeed, even a minimum primary
current amplitude is reached with the help of the energy storage (EL) in the transformer
leakage inductance (EL ∝ I2

p).

Figure 2. Main waveforms of the PSFB converter.

However, one of the main advantages of this topology is that as the primary current
reaches zero, no more power is supplied to the load. This phenomenon mainly occurs
because the SBD1 and SBD2 become reverse biased, and, hence, the switching losses of
the output rectifier diodes and the reverse recovery losses are eliminated. To ensure a
continuous current in the load side during the interval (Δt; Figure 2), the output filter
capacitance (C2) is used to supply the load current. In this context, contrary to the Si-based
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converter, the circulating current in the primary side is eliminated during the freewheeling
period, Δt.

Conversely, the output capacitor (C1) is used to suppress the voltage spikes generated
during the power transmission stage that appear across the rectifier bridge.

Moreover, at t4, as the primary current is zero, and due to the limitation of the current
slope caused by the transformer leakage inductance, the switch Q3 can be turned on
with ZVS. Conversely, at t2, either ZVS or a hard-switching (HS) state with a relatively
small current will cause Q4 to turn on. The switching states of the proposed topology are
summarized in Table 1.

Table 1. Switching states of the proposed topology.

GaN HEMTBridge

Turn on Turn off

Q1 ZVS HS with a relatively small
turn-off current

Q2 ZVS HS with a relatively small
turn-off current

Q3 ZVS or HS with a relatively
small turn-on current ZCS

Q4 ZVS or HS with a relatively
small turn-on current ZCS

3. Design Considerations

3.1. Switching Device Selection

Fast switching is present in GaN HEMT devices, and the process of turning on and
off is accompanied by an unwanted current and voltage ringing. Therefore, in order to
achieve the optimal utilization of these devices, it is necessary to completely comprehend
the switching behavior and, hence, determine the limiting factors in dynamic processes,
e.g., turn-on and turn-off transitions.

In this paper, the commercial GaN HEMT transistor (GaN Systems GS66508T) is used
as an active device. To characterize the switching performance of the device under test
(DUT), the standard double-pulse test (DPT) circuit with inductive load was set up (see
Figure 3a).

Gate Driver

Ids

Rg
Gate Driver

DUT

Ig

+
Vds

VDC

Rshunt

Rg

Cin

Lload

 

(a) (b)

Figure 3. Double-pulse test circuit: (a) schematic of the DPT and (b) typical waveforms.

Figure 3b depicts the typical inductive double-pulse switching waveforms, the drain-
source voltage (Vds), the drain-source current (Ids), and the gate-source voltage (Vgs). As
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shown in the figure, at the end of the first pulse and the beginning of the second pulse, the
device’s switching dynamic waveforms are recorded.

The switching energy loss (Eloss) is calculated directly from the measurement, accord-
ing to the following equation:

ELoss =
∫

t
vds(t)ids(t).dt (1)

The switching experiments were conducted up to 400 VDC, with different case temper-
atures (Tc) and varying load currents from 2 A to 20 A. Figure 4 illustrates the measured
turn-on (Eon) and turn-off (Eoff) switching energy losses at two different case temperatures.

 
Figure 4. Switching energy loss as a function of the drain-source current at 400 V and two different
case temperatures.

As expected, with increased current levels, the overall switching losses increase. In
detail, as shown in Figure 4, the turn-off loss drops slightly as the temperature increases.
This is mainly due to the fact that the plateau voltage increases as the temperature increases.
A higher plateau voltage means there is a faster voltage decrease from the plateau to
the threshold voltage. A high rate of change of vds (dvds/dt) reduces the overlap interval
between the channel current and the applied voltage, thus, minimizing the loss interval [28].

Conversely, the turn-on loss is more sensitive to temperature. As observed, at
Ids = 20 A, the Eon increases by 40.3% when varying the temperature from 25 ◦C to 125 ◦C.

To explain this phenomenon, the transfer characteristic of the DUT was examined
with different temperatures. Figure 5 depicts the measured transfer characteristics with
different Tc at a constant Vds of 9 V. As shown, in the saturation region, the current is
reduced accordingly with the increase in temperature, resulting in a reduction in the
average transconductance (gm; Figure 6). As observed, the transconductance decreases by
59% when increasing the temperature from 25 ◦C to 125 ◦C. The decrease in gm is mainly
due to the decrease in both the electron mobility and the electron velocity, and thus limits
the displacement current, which results in an increase in the turn-on switching time, and
hence the loss [28].
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Figure 5. Transfer characteristics measured at different case temperatures.

Figure 6. Transconductance as a function of case temperature.

3.2. Switching Frequency and Thermal Limitation

As previously mentioned, GaN HEMT devices operate under high temperatures and
HF conditions, thus, reducing the overall size and cost of the passive components and
resulting in an increase in total power density. Conversely, the thermal design becomes
more difficult, necessitating the use of a sophisticated cooling system. Indeed, the cooling
system represents a key factor limiting the utilization of the potential advantages of GaN
HEMT transistors in high-power converter applications.

In this context, the switching frequency and thermal limitation factors are elucidated
to design a high switching frequency power converter that operates continuously with
5 kW output power.

The maximum power dissipated (PDMAX) in the high-power semiconductors is calcu-
lated as follows:

PDMAX =
Tj − Tc

Rth
(2)
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Rth = Rth−jc + Rth−ca (3)

where Tj is the junction temperature, Rth is the total thermal resistance, Rth−jc (=0.5 ◦C/W)
is the thermal resistance from the junction to the case, and Rth−ca (=0.2 ◦C/W) is the thermal
resistance from the case to the ambient temperature.

The junction temperature is a function of the total power losses and total
thermal resistance:

Tj = Tc + RthPLoss
(
Tj
)

(4)

PLoss
(
Tj
)
= Pcond

(
Tj
)
+ Psw

(
Tj
)

(5)

where the Pcond
(
Tj
)

and Psw
(
Tj
)
, respectively, are the conduction and switching losses as a

function of the junction temperature, which is given as follows:

Pcond
(
Tj
)
= D

[
1 + α1

(
Tj − To

)]
Ron1 I2

ds−RMS (6)

Psw
(
Tj
)
=
[

Eon
(
Vds, Ids, Tj

)
+ Eo f f

(
Vds, Ids, Tj

)]
fsw (7)

where Ron1 is the on-state resistance at room temperature (To) (e.g., for the GS66508T device,
the measured Ron1 = 55 mΩ), α1 is the on-state resistance coefficient (α1 = 0.64 mΩ/◦C),
Ids-RMS is the drain-source RMS current calculated over the on-time duty cycle, D, and fsw is
the switching frequency.

The maximum power dissipated in the DUT is calculated using Equation (2). The
converter is forced-air cooled, giving an estimated case temperature of 70 ◦C for a power
dissipation of 114 W. To ensure safe operation, a safety margin (β) of 20% is assumed.

Therefore, the relationship between the maximum allowable switching frequency and
the total losses should satisfy the following constraint:

PLoss
(
Tj
) ≤ (100% − β)PDMAX (8)

PLoss
(
Tj
)

can be rewritten as follows:

PLoss
(
Tj
)
= Pcond + fsw(Eon + Eo f f ) (9)

Therefore, the maximum permitted switching frequency (fsw−MAX) can be calculated
as follows:

fsw−MAX =
(100% − β)PDMAX − Pcond

Psw
(10)

As a result, the relationship between the maximum permitted switching frequency and
the possible output power can be simply calculated. In this work, to prevent overheating
of the core and windings and to ensure the safe operation of the GaN HEMT and diode
bridges under the use of the forced-air cooling system, the switching frequency was limited
to 250 kHz.

3.3. Design and Optimization of the HF Transformer

The transformer provides galvanic isolation and the required voltage matching in
isolated DC-DC converters. In this work, in order to minimize the core and winding losses,
the selection of the transformer core and winding wire was optimized. Table 2 shows the
operating conditions of the HF transformer.

Table 2. DC-DC converter design parameters.

Output Power, Pout 5 kW

Input Voltage, Vin 400 V

Output Voltage, Vout 500–600 V
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Table 2. Cont.

Switching Frequency, fsw 100–250 kHz

Turns Ration, n 1:1.5

Deadtime (tdead) 70 ns

GaN HEMTs GS66508T
− Drain-Source Blocking Voltage (BVDS) = 650V
− On-state resistance (Ron1) = 55/118 mΩ
(Measured at 25/125 ◦C).

Rectifier Diodes SCS230AE2 − Reverse Voltage (VR) = 650 V
− Continuous Forward Current (IF) = 30 A

High-Frequency Transformer

Ferrite Material N87

Leakage Inductance, LLK 1.9 μH

Primary Turns, np 10

Primary Windings 4 Litz wires
(parallel 100 × Ø 0.05 mm)

Secondary Turns, ns 15

Secondary Windings Copper Foil
(36 mm × 0.15 mm)

DC Resistance, RDC 17 mΩ

AC Resistance, RAC, 100/250 kHz 57/71 mΩ

The design methodology proposed in this paper is devoted to minimizing the total
power loss, including the core (Pcore) and winding (Pw) losses, and hence improving the
overall converter performance.

The core loss can be expressed as follows [24]:

Pcore = K f α
swΔBβ Aclm (11)

where K is the core loss coefficient, ΔB is the peak AC flux density, Ac is the core cross-section
area, lm is the core mean magnetic path length, and α and β are the core loss exponents.

In terms of the winding losses, the following expression can be used [24]:

Pw = Kr
λ2ρ(MLT)
4Awinku A2

c
(

1
ΔB

)
2
I2
RMS (12)

where Kr is the normalized value of the AC resistance at HF, λ is the applied primary
volt-sec, ρ is the resistivity of copper, MLT is the mean length per turn, ku is the fill factor,
Awin and Ac are the window and cross-section areas of the core, respectively, and IRMS is
the RMS winding current.

Furthermore, the flux density and the number of turns are considered key parameters
in the transformer design. The optimal flux density (Boptimal) occurs when the first derivative
of the total loss (Ptot) is zero [24]:

dPtot

d(ΔB)
=

dPcore

d(ΔB)
+

dPw

d(ΔB)
= 0 (13)
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Therefore, the minimum loss can be achieved (Figure 7) if the core operating is de-
signed at the optimal flux density Boptimal [24]:

ΔBoptimal =

(
Kr I2

rmsρλ2MLT
4Ku Awin A3

c lm f α
sw

) 1
β+2

(14)

 

Figure 7. The optimal flux density versus the total power loss of the high-frequency transformer.

Moreover, by solving
(

dPtot
dn = 0

)
, the optimal number of turns (noptimal) that minimize

the total transformer power loss can be determined:

noptimal =

⎛⎝ βK f (α−β)
sw ( Vin

2Ac
)

β
Aclmku Awin

2ρKr MLTI2
rms

⎞⎠
1

β+2

(15)

In this work, to avoid the expected high surface temperature rise, a double EE55/28/21
core using N87 material was used in the design. As shown in Figure 7, using Equation (14),
the optimal flux density can be calculated as 121 mT and the optimal number of turns as 10.
This results in 17 W of winding losses and 15 W of core losses at an fsw of 100 kHz.

The copper foil plate is chosen over other materials for usage in high-current appli-
cations because of its larger width-to-thickness ratio, which means better heat transfer to
the ambient temperature can be obtained. In addition, selecting the optimal foil thickness
directly reduces the skin effect, and applying the interleaving method to the primary and
secondary windings minimizes the proximity effect.

Conversely, using litz wires effectively reduces the skin and proximity effects, but a
large core window area is required. Further to this, higher thermal resistance is expected
because of the multi-isolated strands, and thus the cooling system becomes inactive.

According to previous work [3,27], combining different conductor types (litz wire
and copper foil; Figure 8) provides good electrical and thermal characteristics. With this
approach (Table 1), the copper foil is applied to the low-voltage, high-current side, with a
cross-section area of 5.4 mm2 (width: 36 mm × thickness: 0.15 mm). In contrast, the litz
wire is applied to the high-voltage side with four parallel 100 strands with a diameter of
0.05 mm.
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Primary Side
Copper foil

Secondary Side
Litz Wire

EE55/28/21 core

Figure 8. The 5 kW ferrite core (N87) high-frequency transformer prototype.

4. Experimental Results and Discussion

In this study, a prototype of a 5 kW ZVZCS PSFB DC-DC converter has been built and
tested. A switching frequency in the range of 100–250 kHz is applied. Operating at different
switching frequencies provides a clear picture of the optimum efficiency and power density
design. Additionally, to drive and control the high-speed power devices, a microcontroller
from STMicroelectronics based on the ARM Cortex architecture (STM32F429, clock rate up
to 180 MHz) is used.

The converter specifications used in this work are shown in Table 1. The key wave-
forms of the proposed ZVZCS converter at different loads with a switching frequency of
100 kHz are illustrated in Figure 9.

It is clear that the proposed converter is able to operate with ZVZCS even at light
load, without any additional auxiliary circuit. As shown, the freewheeling current mode
is removed, increasing the overall efficiency. Furthermore, the capacitive output filter
clamped the overshoot in the primary and secondary voltages to the appropriate voltage
level, eliminating the need for an additional circuit.

Additionally, the proposed converter was investigated at a higher switching frequency.
Figure 10 illustrates the key waveforms of the proposed ZVZCS at different loads and a
fixed switching frequency of 250 kHz.

It can be concluded that, even at a higher switching frequency, the ZVZCS can be
achieved using only the small parasitic leakage inductance of the HFT. This achievement of
ZVZCS leads to improvements in overall efficiency for a wide power range.

The measured efficiencies of the overall proposed converter at 100 kHz, 150 kHz, and
250 kHz are compared in Figure 11. The design and optimization methodology of HFT, the
application of ZVZCS, the optimization of the conductor types (e.g., mixing the litz wire
and copper foil), and the superior features of the GaN HEMT devices lead to an efficiency
of up to 98.18% for the whole converter.
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(a) 

 

(b) 

 

(c) 

Figure 9. Measured operation waveforms at 100 kHz and output powers of (a) 800 W, (b) 3 kW, and
(c) 5 kW.
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(a) 

 

(b) 

 

(c) 

Figure 10. Measured operation waveforms at 250 kHz and output powers of (a) 800 W, (b) 3 kW, and
(c) 5 kW.
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Figure 11. Efficiency comparison of the whole proposed converter at different switching frequencies.

The measured power losses are separated into GaN HEMT power loss (e.g., conduc-
tion and switching) and other losses (e.g., core and winding losses of the HFT, rectifier
diodes, filter, DC-link, etc.; Figure 12). To extract the power losses, the input and output
power are measured using a power analyzer (Zimmer LMG671). The high-speed current
and voltage switching of the GaN HEMT and HFT are captured with high-bandwidth
meters of 200–2000 MHz. Furthermore, the total equivalent series resistance (ESR) of
the HFT is measured as a function of frequency. Specifically, the switching losses of the
GaN HEMT devices at given turn-on and turn-off currents are extracted based on the
measured DPT results shown in Figure 4. The conduction loss is estimated using the
measured on-state resistance. Finally, the core and winding losses are calculated based on
Equations (11) and (12), respectively.

 

Figure 12. Loss distribution of the proposed converter at different output powers and two different
switching frequencies.

Additionally, for the other losses, e.g., conduction and switching losses of leading and
lagging legs, the losses of the output rectifier diodes, the loss breakdown methodology
described in [16] is adaptive and applied in this work.

As an example, Figure 13 shows the loss distribution at 5 kW and different switching
frequencies. As demonstrated, at fsw = 100 kHz, the full bridge GaN HEMT loss is about
32% of the overall power losses (23% conduction loss and 9% switching loss of the overall
power losses). It is worth mentioning that even working at high switching frequency

261



World Electr. Veh. J. 2022, 13, 206

(fsw = 250 kHz), the GaN HEMT devices still operate with 40% of the maximum power
dissipated (Figure 13).

 

Figure 13. Detailed loss distribution of the proposed converter at 5 kW and different switching frequencies.

5. Conclusions

In this paper, a design methodology for achieving a soft switching phase shift full
bridge converter using GaN HEMT devices is presented. Using the parasitics capacitance
of the GaN HEMT, a soft switching ZVZCS PSFB converter is proposed using the power
transformer’s parasitic leakage inductance.

The main benefits of using the GaN HEMT device in such topology are the elimination
of the freewheeling circulating current, the clamping of the overshoot voltage across the
primary and secondary bridges, and the obtaining of soft switching in a wide load power
range without using additional auxiliary circuits or an additional high-frequency inductor.
Furthermore, in this study, the design and optimization of a high-frequency, high-power
transformer are presented. In this context, using different conductor types (litz wire and
copper foil) shows good thermal and electrical properties.

A 100–250 kHz, 400/600 V, 5 kW GaN-based PSFB prototype was built and tested,
which showed a good dynamic performance in the wide load power range and an efficiency
of up to 98.18% for the whole converter.
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Abstract: Due to their many advantages over their counterparts, such as Z-source inverters (ZSIs),
split-source inverters (SSIs) have recently received much attention as single-stage boost inverters.
This paper discusses a multiphase version of the SSI topology for the first time. Among multiphase
systems undergoing a revolution in the research area, five-phase motor drives are a relatively practical
selection in industrial applications. Therefore, this paper focuses on a five-phase SSI as an example.
The topology, operating principles, modulation techniques, and performance analysis of the analyzed
topology are introduced. A modified space-vector modulation (MSVM) scheme is developed to
eliminate low-frequency ripples in the input current. There is also a detailed analysis and graphical
evaluation of the output currents ripples using the space-vector approach. It is evident that multiphase
SSI is suitable for motor drives, especially when a high-output voltage gain is required. In addition
to having a nearly identical ripple in output current to a conventional VSI, it has the benefit of
performing the boosting action in a single stage with fewer passive components and a low ripple in
input current. Finally, the simulation and experimental results have been conducted to demonstrate
the viability of the multiphase SSI studied in the theoretical study and analysis.

Keywords: split-source inverter; multiphase systems; five-phase inverters; modified space-vector
modulation; DC and AC ripples analysis

1. Introduction

Recently, multiphase (more than three-phase) machines have begun to replace their
conventional AC counterparts because of their high reliability, inherent torque ripple
reduction, and resulting reduced power electronic devices required for operation [1]. As a
result of these advantages, they are great candidates for a variety of critical applications,
including variable speed drives (VSDs), wind energy, and ship propulsion [1,2]. Amongst
multiphase machines, the five-phase motor may produce the lowest copper loss and total
loss [3]. In most cases, voltage source (VSIs) or current source inverters (CSIs), along with
matrix converters (MCs), are employed as power supplies for five-phase motor drives, as
shown in Figure 1 [4–6].

As VSIs and matrix converters only operate in bucking mode, additional circuits
are required to increase voltage gain [4,6]. As a result, these circuits increase the cost of
the system and reduce its overall efficiency [5]. CSIs operate in boosting mode, but this
is complex to implement and requires more passive components [5]. As a result of their
superior performance in terms of system complexity, size, weight, and the ability to perform
both bucking and boosting actions, single-stage topologies have replaced conventional
architectures. Five-phase Z- and quasi-Z-source inverters (ZSI/qZSI), shown in Figure 2,
have been gaining increasing attention in recent years [7,8]. This overcomes the conceptual
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and theoretical shortcomings of the traditional VSIs and CSIs. Compared to VSD systems
that are based on VSIs and CSIs, the ZSI offers additional advantages [9,10]:

- Regardless of the input voltage, the voltage gain, G, can be improved by producing
any desired AC output voltage, even that greater than the line voltage.

- No additional circuits are needed to provide ride-through during voltage sags.
- This reduces the line’s common-mode voltage and harmonic current while improving

the power factor.

Figure 1. Basic power converters for five-phase drives. (a) Five-phase voltage-source inverter
(VSI) [4]. (b) Five-phase current-source inverter (CSI) [5]. (c) Three-phase to five-phase matrix
converter (MC) [6].

Many publications discuss the modulation techniques of ZSIs for the different number
of phases and different applications [11–14]. It can be mainly classified into three methods:
(1) simple-boost (SB), (2) maximum-constant-boost (MCB), and (3) maximum-boost (MB)
control methods. The SB control scheme produces lower voltage gains than the MB control
scheme. Meanwhile, the MB method requires more passive elements in the impedance
network because the shoot-through (ST) duty ratio periodically varies. Furthermore,
this variation increases the peak inductor current and capacitor voltage. An improved
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maximum-constant boost (MCB) modulation method obtains constant ST variation with
a higher boosting factor than SB modulation. Despite the merits of multiphase ZSIs,
their output voltage magnitude varies accurately in a narrow range by controlling the
shoot-through (ST) duty ratio.

Figure 2. Z-source topologies for five-phase drives. (a) Basic five-phase Z-source inverter [7].
(b) Five-phase quasi-Z-source inverter [8].

Recently, the split-source inverter (SSI) represents an alternative to the basic ZSI and
qZSI topologies. It has been first invented by [15] for a single-phase system and developed
in [16] for the three-phase topology, as shown in Figure 3. The potential advantages of SSI
over ZSI can be summarized as follows [9]:

� It has a continuous input current and DC-link voltage.
� It has lower voltage stresses across the switches for high-voltage gains.
� It requires a lower passive component count.
� It uses the same switching states as the VSI, which uses a different state for ST.
� Compared with the two-stage architecture, no additional active switch is required in

the SSI.

Figure 3. Basic SSI topology, (a) single-phase SSI [15], and (b) three-phase SSI [16].
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Several topologies have been developed with the idea of the basic SSI to achieve
higher boosting capabilities [17–19], multilevel technologies [20–22], and multiport output
inverters [23,24]. Although the reduction in the number of switch counts and passive
elements in these architectures leads to a reduction in the volume and weight of the
inverters, it suffers from some demerits, such as rapid commutations for the input diodes
and higher current stresses for the lower switches [16,19]. The authors of this paper,
however, have not conducted any extensive research to explore and extend the concept
of basic SSI to multiphase systems based on their best knowledge. Therefore, this paper
aims to fill this gap in the multiphase drive architecture by extending the basic SSI to
n-phase designs. A five-phase SSI topology is fully explored in this paper by analytical,
simulation, and experimental studies. Moreover, a modified space-vector modulation
(MSVM) scheme is proposed to ensure a boosting action with sinusoidal output voltages
and to improve the switching characteristic of both the input and output sides of the
SSI. The proposed MSVM scheme produces constant charging and discharging intervals
for certain modulation indexes to minimize the input current ripples. Accordingly, the
required passive elements (inductor and capacitor) for the boosting action are reduced.
This paper also assesses the quality of output current waveforms due to the MSVM scheme
and compares it with the classical VSI. It is important to note that the output current ripple
affects the motor copper losses at the switching frequency, the motor torque ripple, the
load current total harmonic distortion (THD), and the insulation breakdown. It should be
minimized to improve the drive-system efficiency and lifetime [12].

2. Review of Three-Phase Split-Source Inverters

2.1. Topology

The three-phase SSI topology is shown in Figure 3b [16]. This topology is acquired
by combining a DC–DC boost converter into the VSI bridge (B6). This can be done by
connecting a boost inductor, L, to the midpoint of each leg of the inverter (a, b, and c) via
the forward diodes (D1–D3).

2.2. Operation

Since the three-phase SSI utilizes the B6 bridge of the standard VSI, it uses the same
switching vectors (Vo − V7), shown in Figure 4. The inductor, L, and the diodes of Figure 3
are used to boost the supply voltage to the desired DC-link voltage at the capacitor, Cdc. It
is important to note that the three-phase SSI uses the switching vectors Vo − V6 to charge
the input inductor, while the remaining zero vector V7 is used to discharge the inductive
energy to the DC-link capacitor. The equivalent circuits of both inductive charging and
discharging modes are shown in Figure 5.

(1) Inductive Charging Mode: The charging mode can be obtained by switching ON at least
one of the lower switches in the B6 bridge. In this case, the voltage at the output of
the DC-side is zero (i.e., vinv = 0) due to the short circuit, as shown in Figure 5a. As a
result, the inductor L is charged during an interval of Tch.

(2) Inductive Discharging Mode: The discharging mode occurs when all of the upper
switches in the B6 bridge are turned ON (i.e., V7{111}). In this case, the inductor L will
release its energy in the capacitor C via the antiparallel diodes of the upper switches
during an interval of ddis, where Tdis = T7 = Ts − Tch, Ts is the sampling time. Hence,
the voltage at the DC side equals the capacitor voltage (i.e., vinv = vdc), as shown in
Figure 5b.
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Figure 4. Switching state representation of three-phase SSI based on space-vector approach.

Figure 5. Mode of operation of three-phase SSI [14]. (a) Basic SSI topology (for states V0–V6).
(b) Inductive discharging (for state V7).

2.3. DC Boosting Factor

The DC-boosting factor, β, which represents the ratio between the DC-link voltage, vdc
(that is, the capacitor voltage), to the supply voltage, β, can be expressed as follows [16]:

β = 1
(1−Dav)

(1)

where Dav is the average value of the charging duty cycle (dch = Tch/Ts), it can be deter-
mined from Dav = 1/Ts

∫ Ts
0 Tchdt.

2.4. Modulation

Several modulation schemes have been presented with the idea of level shifting to
obtain the boosting and inversion processes for three-phase SSIs [16–19]. The level shifting
leads to wider boosting capabilities [19]. The commonly used schemes for SSI are reviewed
and compared in this section. The schemes are level-shifted sinusoidal PWM (SM), third-
harmonic injection PWM (THM), symmetrical PWM (SYM), and modified space-vector
PWM (MSVM), which are fully discussed in [16,25].

(1) Mathematical Relations: Considering the linear modulation operating mode, a
general representation of the modulating signals, u∗

k , for all of the schemes using the
carrier-based PWM modulators is governed by

u∗
k = uk + uzss (2)
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where uzss is the zero-sequence signal that gives us the degree of freedom to obtain the
different modulation schemes; k ε {a, b, c} and uk are the basic sinusoidal three-phase
modulating signals, and they can be derived from

uk =

⎡⎣ua
ub
uc

⎤⎦ = M

⎡⎣ sin(ϑ)
sin(ϑ − 2π/3)
sin(ϑ + 2π/3)

⎤⎦ (3)

where ϑ = ωt is the fundamental angular frequency, and M is the modulation index, which
can be determined from

M = μV̂o/Vdc ∀ 0 < M < 1 (4)

where V̂o is the maximum value of the fundamental component of the output-phase voltage,
Vdc is the average DC-link voltage (capacitor voltage), and μ is a modulation coefficient,
which equals 2 for SM and

√
3 for THM, SYM, and MSVM schemes.

The duty cycles of the reference modulating signal, d∗k , which are compared with the
up–down carrier wave to obtain the gating pulses of the SSI, can be determined from

d∗k = 1/2
(
1 + u∗

k
)

& 0 ≤ d∗k ≤ 1. (5)

Figure 6 shows the duty cycles d∗k of the selected modulation schemes. It can be
observed that the charging duty cycle, dch, is time-variant in the SM and SYM schemes,
while it is fixed during the switching period in the MSVM and RSVM schemes. As a result,
ripples with low-order harmonics will appear in the DC-link voltage and inductor current
when SM and SYM are employed. So, from the point of view of the input current and
DC-link voltage ripples, the MSVM and RSVM schemes are the best choices for SSIs.

Figure 6. Modulation of three-phase split-source inverter based on level-shifted approach. (a) SM,
(b) SYM, (c) MSVM, (d) and RSVM scheme. The superscript * denotes the reference waveform.

2.5. Design Procedure

The inductor current and capacitor voltage ripples (ΔIL, ΔVdc) are crucial factors in the
design procedure. When using MSVM and RSVM schemes, there is only a high-switching
ripple based on the switching frequency, and the value of L and C are determined from [19]

L = dchE
fswΔIL

& C = (1−dch)IL
fswΔVdc

(6)

where fsw is the switching frequency.
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It is worth noting that the value of the required passive elements L and C are increased
in the case of SM and SYM schemes to mitigate the effect of low-order harmonics and
obtain the same current ripples.

After reviewing the three-phase SSI, in the next sections, this paper extends the
concept of the basic three-phase SSI to the five-phase case as an example of the n-phase
SSI topologies.

3. Proposed Five-Phase Split-Source Inverters

The five-phase SSI topology is shown in Figure 1. In this case, five forward diodes are
used to combine the DC-boosting inductance into the multiphase inverter bridge, as shown
in Figure 7. The multiphase SSI topology is used here to supply a star-connected balanced
inductive load, as shown in Figure 7. The circuit is supplied by a DC-supply voltage e,
which is supposed to be almost constant (e ≈ E).

Figure 7. Five-phase SSI topology.

As known, there are 32 (2n, n = 5) switching action combinations (Vo − V31) for the
5-phase VSI, from which two are the zero vectors (Vo and V31) and the remaining are active,
as shown in Figure 8. In the presented SSI topology, the switching vectors Vo −V30 are used
for inductive charging, while the remaining zero vector V31 is used to release inductive
energy. The equivalent circuits of inductive charging and discharging modes are shown in
Figure 9a,b.

Figure 8. Space-vector model five-phase SSI. (a) α − β subspace. (b) x − y subspace.
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Figure 9. Operating modes of five-phase SSI. (a) Inductive charging (for states 0–30). (b) Inductive
discharging (for state 31).

Among the best-known and reviewed PWM schemes of the 3-phase SSI is the MSVM
scheme, which is developed here to control the operation of the 5-phase SSI. The modulating
signals for the case of five-phase SSI can be mathematically represented as

vj = v∗j + vzss (7)

where vj is the duty cycles of the modulating signals, and j = a, b, . . . , e and v∗j are the
sinusoidal reference signals, which are shifted by 2πn/5 as given in (4)

v∗j = k2M cos
(

ωt − 2πn
5

)
, n ∈ {0 − 4} (8)

where k2 is a constant equal to 1/(2 sin(2π/5)) and ω is the line frequency in rad/s, while
vzss in (7) denotes the zero-sequence signal (ZSS) that is selected to obtain different SVM
schemes, such as sinusoidal modulation (SM), fifth harmonic injection modulation (FHM),
symmetrical SVM (SYM), and MSVM. The ZSS, in each case, is governed by

vzss =

⎧⎪⎪⎪⎪⎨⎪⎪⎪⎪⎩
Dav ∀ SM
Dav − k2M cos ωt ∀ FHM
Dav − 1

2 k2(vmax + vmin) ∀ SYM
Dav − k2vmin ∀ MSVM

(9)

where vmax and vmin are the maximum and minimum envelop of all the sinusoidal reference
signals of (9), respectively, while M is the modulation index. It is worth noting that the
modulation index of any modulation technique should be limited by one.

This paper focuses on the MSVM scheme, which leads to a constant DC-side current
ripple. For the sake of illustration, Figure 10 shows the duty cycles of the modulating
signals of the MSVM scheme of five-phase SSI, which is governed by (7)–(9) for M = 0.75.
As observed in the first sector of Figure 10, va > vb > ve > vc > vd. Therefore, the
minimum voltage is vd. Thus, the five-phase duty cycles are given by⎧⎪⎪⎪⎪⎨⎪⎪⎪⎪⎩

va = k2
(
v∗a − v∗d

)
+ 1 − M

vb = k2
(
v∗b − v∗d

)
+ 1 − M

vc = k2
(
v∗c − v∗d

)
+ 1 − M

vd = 1 − M
ve = k2

(
v∗e − v∗d

)
+ 1 − M

(10)
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Figure 10. Duty cycles of the modulating signals of 5-phase SSI for M = 0.75 for one complete period
and inductor current and voltage waveforms for sector 1.

Figure 10 also shows the generation mechanism of the switching pattern in sector 1
of the five-phase SSI. Due to the symmetry, only the first half of the switching period is
explained. The duty cycles of the resulting active (δ16, δ24, δ25, and δ29) and zero vectors, δz
(δ0 and δ31) in this switching pattern can be determined based on the volt-second balance
concept by (11). Figure 11 shows the variations of these duty cycles for sector 1.⎧⎪⎪⎪⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎪⎪⎪⎩

δ0 = M(1 − sin(ωt + 2π/5))
δ16 = k2LM sin(π/5 − ωt)
δ24 = M sin(ωt)
δ25 = M sin(π/5 − ωt)
δ29 = k2LM sin(ωt)
δ31 = 1 − M
δz = δ0 + δ31

(11)
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Figure 11. The variation of duty cycles during sector −1 for M = 0.5.

It is worth seeing from (11) and Figure 10 that the duty cycle of the discharging mode,
δ31, is constant during the sector. This will also lead to obtain a constant duty cycle of the
charging, D, which is equal to the sum of all remaining duty cycles in a switching period
and can be determined by

D = δ0 + δ16 + δ24 + δ25 + δ29 = 1 − δ31. (12)

Hence,
Dav = D = M. (13)

From (13), the DC-boosting and AC inverter gain are

β = 1
1−M & G = M

2 sin(2π/5)(1−M) (14)

Figure 12 shows a graphical correlation between the modulation index and the DC-
boosting factor for the same voltage gains. It can be observed that the five-phase SSI will
operate at a wide range of modulation indices and has a directly proportional relation-
ship between the gain and modulation index, i.e., a higher modulation index leads to
greater gains. Having a lower THD of the output is one of the significant advantages
of this inverter.

Figure 12. Modulation index and boosting factor versus the AC-gain of the MSVM scheme for the
five-phase SSI.
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4. Current Ripple Analysis of Five-Phase SSI

This section introduces an analytical analysis of the DC-input current ripple, error-
voltage vector, and output harmonic distortion flux (HDF), which is related to the output
current ripple of five-phase SSI based on the MSVM scheme.

4.1. DC Ripple and Design of Passive Components

The inductor currents ripple of the five-phase SSI topology can be evaluated as in the
basic DC–DC boost-converter. This is owed to fixing the charging and discharging intervals
(T1 and T2) of a given modulation index, which is obtained by applying the MSVM scheme.
During the inductive charging mode of Figure 9a, the inductor current is given by

i1 =
E
L
·t + I1 (15)

where I1 is the initial current in charging mode. During this mode, the inductor current
rises, and the inductor voltage will be positive, as shown in Figure 10.

The inductor current during the discharging mode of Figure 9b is given by

i2 =
(E − vdc)

L
·t + I2, (16)

where I2 is the initial current in the discharging mode. For a stable operation, the inductor
current must fall, and therefore the inductor voltage goes to a negative value, as shown in
Figure 10.

Assuming the high-frequency switching operation, the peak-to-peak inductor current
ripple, and the DC-link capacitor voltage ripples as follows:{

ΔIL = I2 − I1 = E
L

Dav
fs

= E
L

M
fs

,

ΔVC = Idc
1−Dav

C fs
= Idc

1−M
C fs

.
(17)

It can be observed from (17) that the inductor current and the capacitor voltage ripples
are inversely proportional to their respective (L/C) values and the switching frequency.

4.2. AC Current Ripple

The AC ripples can be evaluated using both the time domain and the space-vector do-
main [26,27]. In the time-domain analysis, the output current ripple, Δio, is determined from

Δio(t) = io(t)− io1(t) (18)

where io is the actual output current and io1 is the fundamental component of the sinusoidal
output current. Figure 13 shows the graphical waveforms of these currents.

Figure 13. Evaluation of AC output current ripple using the time-domain analysis.
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On the other hand, the analysis of the peak current ripples in this paper is based on the
space-vector approach, which gives a quantitative evaluation of the current ripple [4,26,27].
Due to symmetry, only the first sector in the αβ plane is examined. Figure 14a,b show
how the error-voltage vectors between the reference v∗ and the actual space vectors, vk
(k is the vector number), are generated in both αβ and xy subspaces. It should be noticed
that a zero-reference space vector is assumed in the xy plane to eliminate the low-order
harmonics from the output voltage waveform. Additionally, it can be observed that the
error vectors depend on the index, M, and the angle θ and are defined as [4]

Δvk(M, θ) = vk − v∗(M, θ) (19)

Figure 14. Generation of error voltage vector and harmonic-flux trajectory during the half of the
switching cycle of five-phase SSI using MSVM scheme [26]. (a) Generated error-voltage vectors in
αβ subspace. (b) Generated error-voltage vectors in xy subspace. (c) Harmonic-flux trajectory for
M = 0.75, θ = 18◦ in αβ plane. (d) Harmonic-flux trajectory for M = 0.75, θ = 18◦ xy plane.

In this approach, the output current ripple, Δio, is evaluated from the harmonic
distortion flux (HDF), Δλ, as follows [4]

Δio = (1/Lσ)Δλ (20)

where Lσ is the equivalent motor inductance, which can be determined in the case of
induction motor drives from the stator leakage inductance, L1; the rotor leakage inductance,
L2; and the magnetization inductance, Lm, as follows [26]:

Lσ = L1 +
L2Lm

L2 + Lm
(21)

The HDF, Δλ, is defined as the error vector between the reference and actual space
vectors during one switching period. It can be also called the harmonic-flux trajectory and
is determined from

Δλj = Δvk(M, θ)·Δt (22)
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where Δt is the switching period and v∗, v are the reference and actual switching space
vectors, respectively. It is worth noting that Δλ is time-dependent, and it is a function of
M and θ. In the case of five-phase inverters, the HDF should be calculated for both αβ
and xy subspaces.

Assuming zero initial conditions for the harmonic flux at the beginning of the switch-
ing period, Figure 14c,d show the harmonic-flux trajectory in both subspaces for M = 0.75
and θ = 18◦. To give a fair comparison, Figure 15 shows the trajectory of the harmonic flux
for both five-phase VSI and SSI. It is worth noting that the VSI is modulated by the conven-
tional SVM, while SSI is modulated by the MSVM scheme. Based on (22), the mean-square
value of the HDF in the αβ and xy planes over a sampling interval (0 ≤ t ≤ Ts) is

Δλ
2
abcde−MS(M, θ) =

∫ Ts

0
Δλ

2
j dt (23)

Figure 15. Error-voltage vector and harmonic-flux trajectory during the half of the switching cycle
for VSI and SSI [26].

276



Energies 2022, 15, 8411

Hence, the per-fundamental cycle HDF, Δλ2
abcde−MS f , is

Δλ2
abcde−MS f (M) =

5
π

∫ π/5

0
Δλ2

abcde−MS dθ. (24)

The HDF for both the five-phase VSI and SSI topologies is shown in Figure 16. The
HDF is highly affected by the modulation index and modulation scheme. Based on
Figures 15 and 16, the following conclusions can be drawn:

� Due to the symmetrical distribution of the zero vectors in the classical SVM of VSI,
symmetrical harmonic flux trajectories are observed from the αβ plane of Figure 15a–c,
while there are some asymmetries in the MSVM for SSI because of the level shift
approach, as shown in Figure 15d–f. However, the same trajectories are obtained in the
xy plane, as shown in Figure 15g–l. This is owed to the zero references on this plane.

� As shown in Figure 16a,b, the HDF is significantly greater for SSI than for VSI in the
αβ-plane, particularly for low-modulation indices. However, in the xy-plane, the HDF
is the same.

� Due to the elimination of the level shift effect on SSI modulating waveforms at M = 1,
both VSI and SSI have approximately equal HDFs, as shown in Figure 16c.

� The SSI produces higher current ripples than the traditional VSI, but since the SSI also
boosts the voltage, it does not require an additional DC booster.

Figure 16. Harmonic distortion flux for both five-phase VSI and SSI [26]. (a) HDF in αβ plane for
both VSI and SSI. (b) HDF in xy plane for both VSI and SSI. (c) Total HDF for both VSI and SSI.

5. Simulation and Experimental Results

Based on the analysis, a PLECS simulation model has been developed for a five-phase
SSI topology. The topology is powered by a fixed DC source of 45 V and loaded by a
five-phase inductive load. Firstly, the simulation study aims to prove the concept of five-
phase SSI by showing the input and output waveforms of the voltages and currents. The
parameters of the simulation are listed in Table 1.

Table 1. Simulation parameters for five-phase SSI.

Parameters Values Parameters Values

Input voltage 45 V Input inductance 1.28 mH
DC-link capacitor 480 μF RL-load 4.7 Ω, 5 mH
Modulation index 0.5 Switching frequency 15 kHz

Figure 17 shows the output-phase voltage, output currents, DC-link voltage, and
inductor current waveforms for the case study. Additionally, the zoom window of Figure 17
illustrates these results from a microscopic perspective to illustrate the concept and the
inductor current and capacitor voltage ripples.
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Figure 17. Simulated voltages and current waveforms of the five-phase SSI under the case study
using PLECS.

Based on the simulation results, it can be observed that

• The simulated waveforms and measured values from PLECS for the five-phase SSI
show good agreement with that estimated from the analysis. For example, the average
DC-link voltage is 90V, and the input current ripple 1.2 A agrees with that calculated
from (13) and (16), respectively, at the given condition of the case study.

• The output-phase currents are sinusoidal waves, and the input current is completely
free from the low-order harmonics. Moreover, the DC-link capacitor voltage exhibits
near-constant value.

Furthermore, the proposed five-phase SSI is compared with the standard two-stage
five-phase inverter shown in Figure 18, which is composed of a boost converter followed by
a five-phase VSI. To obtain a fair comparison, it is important to provide the same DC-link
voltage to the inverter bridge for both topologies. Therefore, the voltage supplied to VSI is
determined by the expected average voltage of the DC-link capacitor in the 5-phase SSI
(Vdc = βE). In this case, the modulation index is set to 0.5 for both topologies, and the
duty cycle for the boost converter stage in the conventional architecture is set to 0.5. An
evaluation in terms of phase voltage and current ripples is introduced in Figure 19. As
expected from the current ripple analysis of Section 4, the conventional VSI has a lower
current ripple at M < 1 than the proposed SSI. However, the conventional VSI needs an
extra converter stage.

Figure 18. Evaluation of AC output current ripple using the time-domain analysis.

278



Energies 2022, 15, 8411

Figure 19. The simulation waveform of output-phase voltage, error voltage, and the corresponding
current ripples for both VSI and SSI topologies. (a) Boost-converter followed by five-phase VSI.
(b) Proposed five-phase SSI.

6. Experimental Results

This section describes the experimental results conducted on the laboratory prototype,
shown in Figure 20a, which is designed according to the presented procedure. A five-phase
star-connected inductive load of 4.7 ohms and 5 mH is connected to the inverter output
terminals. The whole experimental setup is shown in Figure 20b. During this study, a
low-cost LaunchPad Delfino development kit (F28379D) was utilized to implement the
modulation technique. To generate symmetrical triangular signals, the kit was programmed
using the PLECS coder with a UP/DOWN counter at 15 kHz, while modulation signals
have a modulation index of 0.5 and a frequency of 50 Hz.

Figure 20. Photographs of the five-phase SSI prototype and experimental setup. (a) SSI. (b) Setup.

The measured voltage and current waveforms are recorded via a multi-channel digital
oscilloscope from ROHDE&SCHWARZ (R&S RTM3004) [28] and shown in Figures 21–23.
The upper trace of Figure 21 shows the output voltage, output current, and supply cur-
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rent waveforms for the case study, while the lower trace shows a zoom of the measured
waveforms. Moreover, Figure 22 shows the DC-link or capacitor-voltage waveform. In
addition, the inductor voltage and the current stress on one of the forward diodes are
shown in the upper trace of Figure 23; moreover, a zoom of the inductor voltage is shown
in the down trace.

Figure 21. Experimental waveforms of output-phase voltage, two adjacent phase currents, and the supply
or inductor current for the proposed five-phase SSI with the modified space-vector modulation scheme.

Figure 22. DC-link voltage and input/output current waveforms.
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Figure 23. Five-phase SSI prototype.

From these results, the following observation can be made:

• Based on Figure 21, the waveforms of the output currents are near sinusoidal wave-
forms with low distortion and displaced by 2π/5. These results are close to the
simulation results. As can be observed, the pulse width modulated output voltage is
chopped according to the proposed scheme with a frequency, fc, of 15 kHz.

• From the inductor (supply) current waveform shown in Figure 21, it is worth noting
that the inductor current is free from the low-order harmonics with the proposed
PWM scheme. This is owed to utilizing fixed charging and discharging duty cycles in
the proposed MSVM scheme. As you can see, the inductor current is continuous, with
an average value of 5.3 A.

• The measured average voltage at the DC link from Figure 22 is 89 V. It agrees with the
simulation and the mathematical analysis.

• Moreover, it can be observed from Figure 23 that the average voltage across the
inductor is zero due, which proves the volt-second balance concept.

From the analytical, simulation, and experimental studies presented in this paper, the
proposed five-phase split-source inverter possesses all of the advantages of the basic three-
phase topology, and it is promising for applications involving five-phase motor drives,
particularly if a high-output voltage gain is required. It presents a good alternative to the
counterparts of the boosting inverters.

7. Conclusions

A five-phase split-source inverter topology is presented in this paper as an example of
the multiphase architecture of the basic split-source inverter. This topology shows a good
alternative for the low-voltage-supplied five-phase drive system, which is based on the
basic two-stage DC–DC–AC converter and Z-source inverters. The paper discusses in detail
the operating principles and modulation technique of the proposed topology. Furthermore,
a detailed analysis of the ripples in the input and output currents is presented along with
graphical representations. In addition, the results of the theoretical study are verified and
validated through a simulation study using PLECS. An experimental prototype is built
to validate the theoretical analysis. Simulation and experimental results are clearly in
agreement, and experimental differences can be attributed to deadtime parasitic effects.
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To conclude the findings behind this work, the five-phase SSI topology has some
merits over its counterparts, which are used particularly if a high-output voltage gain is
required. In summary, these merits are as follows:

(a) It has a continuous input current free of low-order harmonics;
(b) The AC-output ripple is like that of the conventional space vector modulated five-

phase VSIs; therefore, these ripples are smaller than those of Z-source inverters.
(c) The boosting action is performed in a single stage, with fewer passive elements than

Z-source inverters and without active switches as in two-stage inverters.
(d) In addition, it uses the same standard modulation schemes as the five-phase inverter

and there is no need for additional shoot-through pulses.

Moreover, it is also possible to apply the same concept of this study to the other
multiphase SSI topologies such as six-phase, seven-phase, and nine-phase architectures,
and the same conclusions can be drawn.
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Abstract: There are some challenges involved in the design of a multicolor LED driver, such as the
precise control of color consistency, i.e., maintaining the correlated color temperature (CCT) and
luminous intensity. CCT deviation causes a color shift of composite light. This paper approaches the
method of nonlinear optimization of the LED currents of two LED sources to achieve the desired CCT.
A bicolor blended-shade white LED system is formed by using a warm color LED source of 1000 K
CCT and a cool color LED source of 6500 K CCT. By using a nonlinear optimization methodology,
the reduced deviation of the blended CCT and optimum LED currents are obtained. The optimized
currents in the two LED strings are maintained by the control circuit of the single-ended primary
inductor converter (SEPIC). The obtained reduced deviation of the CCT is 43 K, and the precision is
99.15%. Again, harmonics in the input current hamper power quality, i.e., reduce the power factor
and increase power loss. This paper proposes the harmonic reduction technique to achieve the lowest
value of total harmonic distortion (THD) through the nonlinear parametric optimization of the SEPIC.
Measured THD = 4.37%; PF = 0.96; and efficiency = 92.8%. The system stability was determined and
found to be satisfactory.

Keywords: LED; color consistency; CCT; THD; bicolor

1. Introduction

Multicolor LED lights can provide a large range of colors and quality lighting with
a high color rendering index (CRI), and they can be applied in many areas [1]. As red,
green, and blue LEDs have different thermal and luminous characteristics, variation in
one color can have a significant effect on the targeted color point (CCT). Color control
in LED systems is a multidisciplinary subject involving electric power, circuit topology,
thermal management, and optical performance [2,3]. There is a lack of measurement
results that describe the luminous and power parameters of multicolor LED systems. This
paper presents an LED driving system which describes essential luminous and power
measurements.

The color recognition of the LED light is a crucial research area in multicolor LED
systems [4,5]. For the smooth intensity control of an LED light, optical regulation can
be conducted either by changing the amplitude level or the duty cycle, or by changing
both of the currents flowing through the LEDs [6,7]. White and other different colors
can be generated using LED lights. Currently, LED-based white light is generated from
a blue or a near-ultraviolet emitting chip coated with yellow phosphor, or by mixing red,
green, and blue light [8]. Light from monochromatic red-green-blue (RGB) LEDs [9–12]
or red-green-blue-amber (RGBA) LEDs were blended to obtain different shades of white.
However, these types of LED systems require three or more pulse-width modulated (PWM)
output channels. The RGB [10,13] or RGBA [14] LED driver uses independent converters
for its power supply. These are redundant. The proposed bicolor LED driver uses a single
power converter to drive both LED strings.
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There are some challenges in obtaining a high-quality multicolor LED light source,
such as junction temperature variations caused by the self-heating of the LEDs and distur-
bances in ambient temperatures [10,15]. These factors affect the LED current and hamper
color consistency, i.e., CCT. The researchers proposed different feedback control structures
based on LED junction temperature [13,15] to stabilize the luminous intensity and color
consistency. However, the use of sensors not only increases the complexity but also increase
the expense of the system. The proposed LED driver does not require sensors.

Therefore, in the design of LED drivers for diversified applications, constituents such
as color consistency (CCT) and color intensity are needed along with other key requirements
such as low THD, high PF, and high efficiency. Several attempts have been made to achieve
low harmonics in the input current [16–19]. The resulting aim would be to achieve an
LED driver that can maintain a constant CCT with constant intensity along with low THD
and high luminous efficiency. High efficiency enables a low consumption of electrical
energy. However, in most cases, the efficiency of LED drivers is low [20–24], and they cause
harmonics in the input current and a low power factor [25–27]. The proposed LED driver
has overcome these THD and power factor issues. This paper has achieved a low THD
value by using a non-linear optimization methodology on SEPIC parameters. There was a
bit of a discrepancy between the measured results and the calculated results for the THD.
A high power factor was achieved by using a proper control circuit.

The precise color control of the multicolor LED system is still a challenging task for
the chromaticity (CCT) shift due to the junction temperature variation and aging [28–33].
Efforts are ongoing to maintain CCT control. Papers [34–38] used the linear method for the
CCT control of bicolor LEDs, and they considered the CCT constant, which is inaccurate.
The CCT assumption fails to account for the temperature-dependent color temperature
of LEDs and the nonlinearity of LEDs. It employs duty cycle control to mix color. The
proposed LED driver is based on the use of nonlinear optimization to find the least CCT
deviation. CCT and dimming control are performed in [39] using a microcontroller, where
CCT deviation varies from 145 K to 510 K for a CCT range 2700 K to 6500 K. This large
CCT deviation will cause color shifts. Using a microcontroller enhances complexity and
cost. An open-loop system is used in [40] for CCT control, and the deviation of CCT is
relatively higher. In [39,41,42], the authors focus on color control based on PWM switched
systems. Refs. [39,41] uses one AC–DC converter and two LED drivers. The closed-loop
control system is highly dependent on color sensors. MCU is used to generate PWM. All
these increase complexity and cost. Paper [42] worked on CRI optimization with CCT, but
there was no option to mitigate junction temperature and aging. They worked only on
the color control of LEDs. The papers did not mention anything about the power source,
power quality, and power related issues, etc. On the other hand, our proposed LED driver
gives the full driver circuit design while considering color and power issues. The proposed
driver has mitigated the current rising with the junction temperature and the aging effect
by using a proper color feedback circuit. The driver shows a CCT deviation range of 43 K
to 234 K, which cannot be seen by the naked eye. A microcontroller is not required in the
proposed driver, and this reduces cost and complexity.

In previous studies [40,41] of bicolor LEDs, researchers have worked with only bicolor
LEDs, whereas we have not only worked with bicolor LEDs but we have also designed a
bicolor composite LED driver. In [43], the authors propose a general-purpose LED driver,
and in [44], the authors describe a bicolor LED driver. In both cases, the power parameters
are good. In [45], the authors worked with a bicolor LED driver based on luminous flux
as a function of the LED voltages, but luminous flux is a function of LED current, which
is more accurate. They did not mention the power quality parameters. In the proposed
paper, we designed a bicolor LED driver for which the CCT was maintained at two color
temperatures, namely, 1000 K and 6500 K, with a blended-shade white composite LED light
through controlling the LED string current. At the same time, we achieved the least THD
and a high power factor by optimizing the SEPIC parameters and using a proper control
circuit, respectively.
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In the proposed LED driver, the bicolor LED string’s current is regulated by a single
power converter. The combined CCT of the composite LED light is determined. CCT
deviation is minimized through the constrained nonlinear optimization of the LED currents
of the two LED strings. A nonlinear constrained parametric optimization methodology is
also applied to refine the parameters of the SEPIC to obtain the lowest THD value. The
proposed driver also boosts the efficiency and power factor. The SEPIC is operated in DCM
and hence a control circuit improves the power factor. Thus, the LED driver maintains
the desired CCT with minimal THD. Nowadays, people prefer a diversity of light color,
e.g., shopping centers, garden lights, and spotlights where colors change with different
control techniques. The nonlinear optimization model can be simplified to achieve practical
solutions which are then transformed into real life applications. The result is more accurate
than those obtained with linear approaches. The idea can be applied to LED systems with
multiple color temperatures and is not limited to white LEDs.

The remainder of the paper is organized as follows: the basic configuration and
driver topology are described in Section 2, the nonlinear optimization approach is laid
out in Section 3, the nonlinear optimization of the reduction in CCT deviation is shown in
Section 4, the analysis of the color-control scheme is described in Section 5, the proposed
parametric optimization methodology for harmonic reduction is detailed in Section 6,
the stability studies are listed in Section 7, the results are discussed in Section 8, and a
conclusion is provided in Section 9.

2. Basic Configuration and Driver Topology

The bicolor LED driver circuit consists of two parts. The first is the power stage, and
the second is the color management stage. The power stage comprises a bridge rectifier
and a SEPIC to regulate the LED outputs. The SEPIC is chosen for PFC due to its superior
characteristics: positive DC output, high–low output level, low switching stress, and low
output ripple current. The total LED current regulation is carried out using the control
circuit of the SEPIC. The block diagram in Figure 1 shows the power stage. The color
controller controls the LED current in each of the LED strings.

Figure 1. Power stage (basic SEPIC) and color control system.

The CCT and THD are controlled in the bicolor LED driver circuit simultaneously. The
composite CCT is obtained by blending the colors of the LEDs of two parallel branches. By
maintaining optimized LED currents in both branches, the minimization of CCT deviation
can be obtained. In the color control scheme, the required current in each LED string flows
individually through each color control feedback loop to achieve the target CCT with color
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stability. Reduced THD can be obtained by using optimized SEPIC parameters with the
LED driver. The circuit parameters are achieved by performing constrained nonlinear
optimization within the workable boundary.

The SEPIC provides a constant current, which is equal to the sum of the desired
currents in the two LED strings, i.e., the SEPIC output current is divided into two LED
strings according to the equivalent resistor of each branch. For the proposed converter
topology, bicolor LED strings with string voltages (V1 and V2) act as the load. The sensed
voltages of the two LED strings are summed and then passed through a voltage error
amplifier. This generates an error signal, which is the reference current of the current error
amplifier. The inductor current (IL) is sensed and compared with the reference. It performs
a proportional and integral function. The output of the current error amplifier Verror2 is
multiplied by the input sinusoidal voltage template, and the resulting signal forms the
reference to generate the PWM signal. This helps to improve the power factor and reduce
the harmonics in the input current. The PWM signal is generated by comparing a sawtooth
carrier signal of 20 kHz with the output of a multiplier. The LED currents are as follows:

From ref. [43], the average SEPIC output current is:

I0 =
DD1Vg

2 f Leq
(1)

I0 has been divided into R01 and R02 (R01 and R02 are the equivalent resistances of
string1 and string2).

The average LED currents are now:

Iav1 =
R02

R01 + R02

DD1Vg

2 f Leq
, Iav2 =

R01

R01 + R02

DD1Vg

2 f Leq
(2)

Ipeak1 =
Iav1

DM1
, Ipeak2 =

Iav2

DM2
(3)

DM1 and DM2 are the duty cycles of MOSFETs M1 and M2.
Finally, the PWM signal is fed into the gate of SEPIC MOSFET M3, and thus the LED

current is maintained. An RC circuit is incorporated before the bridge rectifier to suppress
the inrush current and voltage spike. The RC circuit is also shown in Figure 1. The details
of the color control scheme are provided later.

3. Nonlinear Optimization Approach

Problem-based nonlinear constrained optimization methods are effective for fixing the
parameters of analogue circuits. This optimization method is applied to find the optimum
value of the LED current to achieve the desired CCT, and to find the lowest THD value with
the optimum parameters for SEPIC L1, L2, and C1 and the optimum filter parameters for Lf
and Cf. Minimized CCT deviation and minimal THD are both desirable for maintaining
color consistency and power quality in a multicolor LED driver, respectively. Figure 2
shows a functional block diagram of the CCT optimization process.

Non-linear optimization can be conceptually divided into the following distinct parts:
(i) define the objective function or cost function, (ii) create constraints, and (iii) solve the
problem iteratively within these constraints. The objective function is a mathematical
model quantitatively describing the desired behavior of the circuit. We chose to define the
circuit performance metric in order to minimize the cost function. The solution of the cost
function achieves the lowest value among all the combinations of possible variables.
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Figure 2. Functional block diagram of the CCT optimization.

Constraints of optimization constitute a hard boundary placed on the value of a vari-
able, which prevents transition to unrealistic values. In nonlinear constrained optimization,
the error function is calculated and then the parameters are adjusted to minimize the error
function, causing the actual circuit behavior to approach the target function as closely as
possible within the boundary limit.

4. Nonlinear Optimization for Reduction of CCT Deviation

Color temperature is a characteristic of visible light. Changing the color consistency
causes adverse effects on human perception and comfort. Therefore, it is important to
choose the right color temperature based on the desired mood. The International Com-
mission for Illumination (CIE) has regulated and evolved multiple color spaces for the
computation, assessment, and demonstration of visualizable colors [8]. In this paper, the
system is configured based on two different color temperatures. The combined CCT of the
composite LED light is determined. The CCT deviation is minimized through the nonlinear
optimization of the LED currents of the two LED strings.

Creation of Optimization Problem

For the two LED modules with color temperatures of 1000 K and 6500 K, the chro-
maticity coordinates of the emitted light according to CIE 1931 are, respectively, (x1, y1)
and (x2, y2) with luminous fluxes ϕ1 and ϕ2. Referring to Figure 1, the currents that flow
through the mentioned LED strings are ILED1 and ILED2, and their corresponding voltages
are VLED1 and VLED2, respectively. In order to find the desired CCT within the infinite
number of possible solutions, an objective function is introduced to the system of equations.
Equations (4) and (5) illustrate the mathematical model of the CCT. The CCT deviation is:

ΔCCT = CCTtarget − CCTest (4)

According to McCamy’s approx. algorithm [1], the estimated CCT of synthesized light
is:

CCTest = 449n3
est + 3525n2

est + 6823.3nest + 5520.33 (5)

where nest =
x−0.3320
0.1858−y .

The chromaticity coordinate of the light synthesized by the two LED channels is based
on [1]. Each color LED features a different spectral distribution and luminous output. If P
is the consumed electrical power of each LED string and εi is the luminous efficacy of the
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LED light source, then ϕi = εiPeleci = εiVLEDi ILEDi, where I = 1,2 for the bicolor LED string.
By calculating the values of x, y, and ϕi, n is estimated as follows:

nest =

x1
y1

ε1VLED1 ILED1+
x2
y2

ε2VLED2 ILED2
1

y1
ε1VLED1 ILED1+

1
y2

ε2VLED2 ILED2
− 0.3320

0.1858 − ε1VLED1 ILED1+ε2VLED2 ILED2
1

y1
ε1VLED1 ILED1+

1
y2

ε2VLED2 ILED2

(6)

The target CCT is obtained from the (x, y) coordinate of the blackbody curve. This
CCTest model is used in order to obtain the least CCT deviation.

Formation of Constraint with boundary—LEDs are current-driven devices with low
equivalent dynamic resistance. The LED model is shown in Equation (7). Figure 3 represents
the graph of LED load model. The constraint equation represents the I-V relationships of
the LEDs.

Figure 3. LED load model.

The LED current is:

ILED = I0

(
e

VLED
nVT − 1

)
(7)

Rearranging

e
VLED
nVT =

ILED
IO

+ 1

The reverse saturation current Io can be practically considered as 10 μA. The ideality
factor n = 2 denotes the direct semiconductor (GaAs and InP). The room temperature
thermal voltage VT is considered to be 0.025 V.

The reduction in CCT deviation reduces color shift. Theoretically, various combi-
nations are possible for CCT minimization. However, CCT deviations, i.e., color shifts,
will only be minimized if the LED currents are within the specified ranges and the other
parameters are meaningful. We measured the I-V characteristics of LEDs of 1000 K (LED1)
and 6500 K (LED2), which were confined, according to their observed I-V characteristics.
We considered the current limit of ILED1 to be from 220 mA to 320 mA when the LED1
voltage varies between 23 volts and 25 volts, and the current ILED2 rises from 510 mA to
610 mA when the LED2 voltage varied from 23 volts to 25 volts. For the change in the AC
input voltage, the SEPIC output changed within the limit for feedback control.

Luminous efficacy differs with color variation. The efficacy of the LED was measured
at 10 lm/watt and 33.7 lm/watt for LED1 and LED2, respectively. The minimized CCT
deviation was obtained by solving the nonlinear optimization problem in MATLAB. We ob-
tained ΔCCT = 87.7 K for two optimized LED currents, ILED1 = 290 mA and ILED2 = 610 mA.
In the bicolor LED driver, the color control circuit should be designed in such a way that the
290 mA and 610 mA currents will flow through the LED1 and LED2 strings, respectively, to
ensure minimal CCT deviation.
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Some other constraints are the luminous intensity, efficacy, temperature, and electrical
power of LEDs. All these depend upon LED currents. Since LED sources have a narrow
spectral range in comparison with the visible spectrum, composite LED systems are highly
sensitive to variations in temperature and peak wavelengths. As the junction temperature
is not controllable, we can compensate for its effect with a color feedback circuit. Again,
variations in circumambient luminosity and LED lifetime will lead to even more significant
deviations in the real flux and CCT.

5. Proposed Color Control Scheme

Luminous output changes with temperature, and it changes over time in a way that
cannot be accurately prognosticated. These factors influence the CCT, light intensity, and
color point. This problem can be solved by applying a proper current control scheme.

The CCT and luminance set points are provided to the system in a convenient form
using two series resistors, R1 and R2,, connected with both LED strings, respectively. The
bicolor LED driver with a color controller is shown in Figure 4. The LED string current
is sensed from series resistors R1 and R2. The current error amplifier maintains the LED
current according to the reference value. This reference value is tuned to achieve the value
of the current obtained from the MATLAB optimization program. It maintains the CCT
of the corresponding color point. The control voltage is the output of the current error
amplifier. The PWM signal is generated by comparing the control voltage with the sawtooth
wave of the same clock frequency (20 kHz). The PWM signal generated from each color
control loop is fed into the gate of the MOSFET of both LED strings and maintains the
desired LED current individually. Thus, the corresponding color point and CCT of the
respective LED currents remain stable. The switching state transition times of M1 and M2
are very short (a few ns), so it is undetectable to humans. The dimming capability can be
achieved by changing the reference voltage. For the color controller, if one LED current is
controlled instead of two, under the premise of controlling the sum of the two LED currents,
one LED current will be discontinuous, and the other will be continuous. For currents of
a different nature, smooth color control becomes difficult. This is why two-color control
loops are used.

Figure 4. Bicolor LED driver with a feedback loop to regulate each LED string current to maintain
CCT.
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6. Proposed Parametric Optimization Method for Harmonic Reduction

The parameters that influence harmonics in the input current are the value of the input
inductor L1, input capacitor C1, and output inductor L2, and the filter components Lf and
Cf. The nonlinear optimization method is applied in order to minimize the THD, where the
parameters of the SEPIC and input filter parameters are optimized.

6.1. Expression for the Optimization Problem

We have applied the problem-based nonlinear constrained optimization methodology
by using MATLAB. For this purpose, the SEPIC parameter optimization problem is formu-
lated first. THD is defined in the optimization problem. Next, the necessary constraints are
set and then the nonlinear optimization algorithm is executed iteratively to minimize the
cost function by varying the parameters within the range set by the constraints.

To minimize the THD, the objective functions is obtained from Equations (9) and (10)
of reference [43].

THD =

√
1

32I1rms
2

(DD1L f Cf

f L1L2C1

)4

R2Vm2 − 1 (8)

6.2. Formation of Constraint with Boundary

To achieve minimal THD, the SEPIC parameters L1, L2, and C1 and the filter parame-
ters Lf and Cf are optimized using nonlinear optimization in MATLAB, and the constraint
boundary limit is defined in the practical domain. Here, we first consider the limit of L1.
The value of L1 is defined in Equation (9):

L1 =
Vin.D
ΔIL1. fs

(9)

Here, L1 depends upon ΔIL1. L1 must be high enough for ΔIL1 to be significantly
minimized. In the practical circuit, L1 has some limitations, such as size, cost, and the
availability of component values. It should also be cost effective. Considering the above, L1
is varied from 1 mH to 10 mH. L2 is defined as the equivalent resistance of Leq and L1. Leq
is dependent on the dynamic resistance, voltage conversion ratio, and switching frequency.
Considering the transfer of energy in the SEPIC, it is feasible to restrict L2 to a moderate
range, i.e., to the micro-henry range.

It is confined in the range of 1 μH to 100 μH. Now, the constraint parameter C1
depends upon the resonance frequency fr,,which should be within the line frequency and
switching frequency. The resonance frequency is considered to be 3 kHz. C1 is the input
energy transfer capacitor. Therefore, it should be a small value for the smooth transfer of
energy from the input to the output, and for maintaining proper circuit operation according
to the constraint of Equation (10).

fr =
1

2π
√

C1(L1 + L2)
(10)

For convenience, the range for C1 is from 0.001 μF to 0.01 μF. For the input filter, high
impedance is used to restrict the unwanted frequency in the input terminal. It should also
be noted that to restrict the high starting current and voltage spike, an RC soft-start is
incorporated in the circuit after the LC filter in the input. The effect of these RC components
is also considered while calculating Lf and Cf. Thus, undesired signals, especially high
frequency signals, will be blocked from the power grid.

L f eq = L f +
Rs1

ω2Rs1Cs + ω
+

Rs2

ω
(11)

fr =
1

2π
√

Cf L f eq

(12)
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Here, Lfeq is the equivalent inductance of the filter components. By evaluating a
realistic situation, Cf is restricted in the range of 0.1 μF to 1.0 μF and Lf is restricted in the
range of 1 mH to 10 mH, according to the constraints (12). The minimized THD is obtained
from the solution of the nonlinear optimization by using MATLAB. THD = 2.1% is obtained
for the SEPIC parameters L1 = 10.0 mH, L2 = 40.0 μH, C1 = 0.01 μF, Lf = 10.0 mH, and
Cf = 1 μF. The measured values are provided in Section 8.

7. Stability Studies

A state space-averaged model for the SEPIC-based LED driver during different modes
of operation has been developed [43]. Following this methodology, the factors of the bicolor
LED system are considered, and the overall open-loop transfer function of the System is
obtained as follows:

Trg =
6.761s4 + 250.4s3 − 1.287s2 − 3.206e−5s + 4.322e−14

s5 + 0.05135s4 + 3.739e−6s3 + 4.77e−14s2 + 1.634e−18s
(13)

From the step response shown in Figure 5, it is found that for the compensated model,
the system reaches the steady state within only 1 ms.

Figure 5. Steady state is achieved at 1 ms (step response) of the compensated SEPIC.

8. Results

We have designed a nonlinear optimization scheme in MATLAB for bicolor LED
combinations. For both cases, CCT and THD, to achieve the lowest value, nonlinear opti-
mization was performed by refining the boundary limits to obtain optimum performance.
In the bicolor system, both the LED strings were of 24 volts, and LED1 (2 × 12 V) and
LED2 (3 × 8 V) were mounted on the heatsink. The experimental setup consisted of the
SEPIC circuit and a control circuit. The control circuit consisted of a summing amplifier,
voltage error amplifier, current error amplifier, and multiplier, and PWM generators were
constructed using the OPAMP, diode, capacitor, and resistors. We determined the different
luminous and electrical characteristics of 1000 K and 6500 K LEDs.

By applying the proposed closed-loop control scheme, we regulated the specified
currents, 290 mA and 610 mA, found in the nonlinear optimization algorithm to flow
through the two LED strings at an input voltage of 220 V. The CCT, CRI, and luminous
flux of the composite LED light were measured with an LED current from the Lab-sphere
Photometric Measurement System PM-105-16 at different input voltages. Figure 6 shows
the CCT and flux vs. the LED current curve for both LEDs. The CCT was almost constant,
but the flux increased with the increase in LED current. The measured composite CCT was
5043 K, which was very close to the desired CCT of 5000 K. The CCT deviation was 43 K
at an operating voltage of 220 V, which is within the non-perceivable (+/−283 K) color
limit [26]. The measured and target CCT values with the flux of the bicolor LED light are
shown in Figure 7. The experimental results show that, despite variations in light intensity,
the bicolor LED lamp with a closed-loop control remained stable with the strict control of
the CCT.
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Figure 6. Measured CCT and luminous flux vs. LED current for CCT 1000 K and 6500 K LEDs.

Figure 7. Variation in CCT with the change in luminosity of the composite LED light.

Table 1 compares the target CCT with the corresponding measured CCT for the
blended LED system. The minimum and maximum percentage errors are 0.86% and 5.08%,
respectively. This shows that the measured CCT values from the color sphere conform
closely with the corresponding target values. Figure 8a shows the spectral distribution of
the composite color LED light with the wavelength. This allows us to determine the nature
of the composite light at different wavelengths. The spectral flux vs. the wavelength of
the composite LED light (LED2, wavelength of 500–565 nm with a CCT of 6500 K; LED1,
wavelength of 625–740 nm with a CCT of 1000 K) is shown in the curve. In the wavelengths
of the spectrum, only certain wavelengths (the spikes) are strongly present. From the SPD
curve, it can be seen that the peaks of the green (LED2) region are greater than those of the
red (LED1) region. These spikes indicate the dominance of the rendering of color for objects
illuminated by the light source. The measured CCT of 5043 K leads to a CRI value of 57.32%
in this region. It produces a light similar to daylight (5000 K). Its ability to render color
across the spectrum is not bad, but it is certainly much worse than daylight. We found from
the measured data that the CCT varies from around 4967 K to 5228 K with the variation in
the LED current.
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Table 1. CCT measurements.

LED
Current (mA)

CCT
Target

CCT
Meas.

CCT
Dev.

%
Error

CRI
ILED1 ILED2

220 512 5100 5228 128 2.50 61.34
250 520 4900 5134 234 4.78 62.17
270 543 4900 5149 149 5.08 60.46
278 563 4900 4967 67 1.36 61.14
282 610 5000 5107 107 2.14 59.73
290 610 5000 5043 43 0.86 57.32

 
(a) 

(b) 

Figure 8. (a) Spectral distribution of composite R-G color measured using the Lab-sphere Photo
metric Measurement System. (b) Luminous flux and CRI vs. CCT variation.

Figure 8b shows that the luminous flux changes (increases and decreases) very little
with the increase in CCT. The luminous flux is proportional to the LED current. However,
when the LED voltage and efficacy change, the flux no longer remains proportional. The
CRI is independent of the CCT.
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The duty cycle of the SEPIC is defined as:

Dmax =
Voutput

Voutput + Vinput(min)

where Vinput(min) = 90 V.
It is found that an increase or decrease in the duty cycle will result in an increase

or decrease in the flux value. Thus, the overall CCT value increases or decreases. For
instance, a larger D1 value will cause a decrease in the CCT value, i.e., it will become more
reddish white. Similarly, a larger D2 value will increase the CCT value, i.e., it will become
more bluish white. Because the duty ratio changes, the LED current changes from the
optimized values, and the CCT also changes. The composite CCT vs. duty ratios (D1, D2)
are graphically illustrated in Figure 9. We find that the CCT deviation shown in Table 1
is within the allowable CCT tolerance. Therefore, it is experimentally verified that the
CCT values continue to track closely with the target values, regardless of the variations in
the luminous flux. This prevents a color shift in the composite color LED driver. Table 2
represents the optimized parameters of prototype of LED driver.

Figure 9. Composite CCT variation with change in duty cycle.

Table 2. Optimized parameters used in prototype.

Parameters Values

Input inductor, L1 10 mH
Output inductor, L2 100 μH
Input capacitor, C1 0.01 μF/600 V

Input Filter Inductor, Lf 10 mH
Input Filter Capacitor, Cf 0.94 μF

Duty Cycle, Dmax 0.21
Power Diode 1000 V/10 A

Power MOS, M3 12 N60 (600 V/12 A)
Operating Voltage 220 V

MOS Switch, M1, M2 K2098

The measured power loss shown is 7.2%, the efficiency is 92.8%, and the THD is
4.37% at 220 V. The measured power losses are distributed component-wise, as shown in
Figure 10. Here, R-sense stands for the sense resistor, V-divider denotes the resistance for
the template of the input voltage, and R-diode and S-diode denote the rectifier and SEPIC
diode, respectively.
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Figure 10. Power loss components in LED driver.

The power consumed in the DC bias circuit is PDCbias = 0.30 watt. It can be seen that
the largest power loss occurs in the MOSFETs, accounting for approximately 2.37% of the
total power consumption. The proposed LED driver shows low THD (4.37%) and high
PF (0.96) at 220 V due to the optimization of the SEPIC parameters and the well-designed
feedback control circuit. A crest factor of 1.4 is obtained.

The average measured LED voltage and LED current of the two branches are 24 V,
290 mA and 24.4 V, 610 mA, respectively. Figure 11 shows the waveforms of the input
voltage (vs) and the input current (is) in the steady state condition. From the results, we
find that the input current follows the input voltage, and therefore the P.F is high.

Figure 11. The measured input voltage: 220 V rms (50 V/division); the input current: 112 mA rms
(7 mA/division). THD = 4.37% and P.F = 0.96.

The currents of both LED strings were measured by varying the respective duty cycles
(D1 and D2) of MOSFETs M1 and M2. Figure 12a,b shows the PWM and corresponding
LED voltage and LED current at Vs = 220 V in a steady-state condition at a duty cycle
D1 of 42.55% and 63% for LED1. The same curves are shown in Figure 13a,b for LED2 by
varying the duty cycle D2 to 11.61% and 36.65%. For Figure 12a,b and Figure 13a,b, we find
that with dimming, the LED voltages and LED currents vary. The pulse width of the LED
current changes with the change in duty cycle. However, the obtained LED voltages are
smooth and constant due to the use of a capacitor of 1000 μF (ref. Figure 1) parallel to both
LED strings. The effect of dimming on the luminosity data are shown in Table 3.
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(a) (b) 

Figure 12. LED voltage and current at duty cycles of (a) 42.55% and (b) 63% with corresponding gate
pulse for string 1.

(a) (b) 

Figure 13. LED voltage and current with duty cycles (D2) of (a) 11.61% and (b) 36.65% in LED string 2.

Table 3. Current, voltage, and luminosity data variation with dimming.

No. of String
Duty Cycle

(%)
LED Current

(mA)
LED Voltage

(V)
CCT

% CCT
Deviation

Luminous
Flux

CRI

1
42.55 236 23.4 4955 0.90 381.69 58.21

63 330 24.4 5104 2.08 401.69 49.81

2
11.61 264 24.6 4719 5.62 379.63 62.64
36.65 460 24.6 4790 4.20 300.07 63.21

Table 3 shows the LED current, voltage, and luminosity data variations with dimming.
Here, we see that, in spite of the variation in the duty cycle, the CCT deviates only from
0.90% to 5.62%, i.e., from 45 K to 281 K, a change which cannot be recognized by the human
eye.

Table 4 shows the measured power parameters of the designed bicolor LED driver.
By the nonlinear optimization of the parameters of the SEPIC, a minimized THD was
obtained. For efficiency enhancement, we have chosen circuit components with loss-related
parameters of minimum values. Figure 14a shows the efficiency, THD, and P.F. variation of
the LED driver with the variation in the duty cycle. From the curve, it can be seen that the
efficiency and the THD decrease and that the power factor increases with the increase in
the duty cycle. Figure 14b shows the efficiency, THD, and P.F. variation of the LED driver
with the variation in input voltage.
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Table 4. The measured power parameters of the proposed bicolor LED drivers.

Vs
(Volt)

Is
(mA)

P.F. THD
VLED1

(Volt)
ILED1

(mA)
VLED2

(Volts)
ILED2

(mA)
Efficiency

%

90 206 0.988 1.27 23.1 220 23.8 512 91.6
110 190 0.981 2.40 23.8 250 24.0 520 90.7
150 150 0.980 5.40 24.0 270 24.5 543 88.5
180 125 0.977 4.36 24.0 278 24.5 563 91.8
200 115 0.960 4.15 24.6 282 24.8 580 95.3
220 110 0.960 4.37 24.0 290 24.4 610 92.8

(a) (b) 

Figure 14. (a) THD, P.F., and efficiency vs. duty cycle graph; (b) THD, P.F., and efficiency vs. input
voltage graph.

The curve shows that efficiency and THD increase and that the power factor decreases
with the increase in input voltage. The performance in Figure 14a,b justifies the electrical
characteristics of an LED driver. Table 5 shows comparisons between the luminous flux
and CCT of the proposed system and those of the bicolor LED systems presented in [39]
and [41]. The proposed LED driver shows luminous bicolor LED system features that are
comparable with those obtained using the more accurate nonlinear approach, but exhibits
better features than those obtained using the linear approach [39]. Ref. [41] presents an
LED driver which shows a CCT less than 50 K, but nothing is said about the luminous flux.
Neither of these papers mention anything about the power quality parameters.

Table 6 shows the comparison of the power parameters with those of [44,45]. Our
designed LED driver shows better performance in THD and efficiency than [41], but on the
other hand it shows comparable performance in P.F. The author of [45] has worked with
bicolor LED drivers that show CCT variations of 0.73% to 2.58%, but they do not mention
power quality parameters. In the proposed bicolor LED driver, the CCT varies from 0.86%
to 5.08%. The result is comparable. Ref. [45] uses a single-inductor dual-output converter
with a 12 V DC input, whereas the proposed LED driver is SEPIC based and has a 220 V
AC input. Figure 15 shows the prototype of the bicolor LED driver with the experimental
setup.
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Table 5. Comparison of luminosity parameters with those of prior art [39,41].

Bicolor
White LED

Light

Luminous
Flux
(lm)

CCT
Measured

CCT
Desired

CCT
Deviation

CCTC = 5000 K 100 2754 3300 546
CCTw = 2700 K 289 3814 4000 186

(Linear approach)
[39] 455 2798 3300 502

CCTC = 6500 K 274.57 4713 4900 187
CCTw = 1000 K 354.86 5070 5000 70

(Proposed) 401.69 5404 5300 104
CCTC = 5000 K
CCTw = 2700 K 95 3250 3300 50

(Non-linear approach) 296 5515 5400 115
[39] 562 3392 3300 92

CCTC = 7500 K - 3050 3000 50
CCTw = 2700 K - 3410 3400 10

[41] - 3505 3500 05

Table 6. Comparison of power quality parameters with those of [44,45].

Item
LED Driver

in [44]
Designed

LED Driver
LED Driver

in [45]

Input Voltage (V) 220 220 12 V(DC)
MOS Switches 3 3 3

Converter SIMO SEPIC SIDO
Total Current (mA)

(ILED1 + ILED2) 411.9 810 800

Transformer 1 No need No need
Frequency (kHz) 50 20 200

Power Factor 0.982 0.96 -
THD 7.15% 4.37% -

Efficiency 85.56% 92.8% Not mentioned

 
Figure 15. Prototype of the bicolor LED driver with Lab-sphere Photometric Measurement System
PM-105-16.
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9. Conclusions

In this paper, a bicolor composite LED driver is designed based on nonlinear optimiza-
tion for maintaining color consistency and regulating THD. Though the empirical model of
the CCT depends upon junction temperature, ambient temperature, ambient luminance
and aging for a proper color feedback circuit, the CCT deviation remains within the limit.
The experimental results are: CCT deviation = 43 K, error = 0.86%, and CRI = 57.32%. Thus,
the proposed approach is accurate and tightly controls CCT. By determining the proper
THD model, choosing the constraints accounting for the appropriate functionality and
availability of components, and applying nonlinear optimization, the simulated THD was
2.1% and the experimentally obtained THD was 4.37%. The Power factor was increased
by using a proper feedback circuit (reference current generation block). The nonlinear
optimization method was also appropriate for achieving lower THD. The other obtained
power quality parameters were: CF = 1.41%, P.F. = 0.96, and efficiency = 92.8%. These are
satisfactory. The cost of our proposed AC–DC bicolor LED driver is BDT 750 (USD 7.14),
whereas a traditional 22-watt AC–DC driver costs BDT 440 (USD 4.2). The traditional
driver’s efficiency is 86%, whereas we have designed 22-watt driver with 92% efficiency.
The simplicity of the generation of precise and consistent light output from the proposed
bicolor LED system makes it an attractive solution.
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Abbreviations

CCT Corelate color temperature
CRI Color rendering index
THD Total harmonic distortion
P.F. Power factor
IO Output current
D Duty cycle
Vg Rectified input voltage
εi Luminous efficacy
ϕ1, ϕ2 Luminous flux of LED 1 and 2
R01, R02 Equivalent resistance of strings 1 and 2
SEPIC Single-ended primary inductor converter
DM1, DM2 Duty cycle of MOS of 1st and 2nd LED strings
CCTtarget CCT of target point
CCTest Estimated CCT
ΔCCT Deviation between target and estimated CCT
R1, R2 Sense resistor of LED strings 1 and 2
PWM Pulse width modulation
ΔIL1 Inductor current increment
Rs1, Rs2 Series resistors 1 and 2 of RC circuit
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Abstract: In recent years, with the rise of the electric vehicle industry, there has been significant
research on charging and power supply vehicle technologies for electric vehicles. In terms of the
corresponding converter usage, modular multi-level converters (MMCs) are also increasingly used in
the field of electric vehicle power supply research because of their unique advantages. However, the
circulating current problem of MMCs has not been effectively addressed in existing domestic and
international studies. In this paper, we propose a proportional-integral resonant (PIR) control method
combined with virtual impedance for the optimal suppression of the MMC internal circulating current
problem based on the comparison and generalization of the existing methods. Based on the analysis
of the working principle of MMCs, this paper proposes and adopts the control strategy of combining
virtual impedance and proportional-integral resonance to suppress the circulating current and builds
a simulation model in MATLAB to verify that the control strategy proposed in this paper is feasible.

Keywords: MMC; harmonic suppression; circuit circulation; PIR control; virtual impedance;
MATLAB/Simulink simulation

1. Introduction

In recent years, with the promotion of new energy use, more and more fields are using
new energy as energy supplies. Because of its unique characteristics of new technology, the
electric vehicle has many links to new energy storage-related fields for its charging and
discharging. The charging and discharging process of an EV battery is inseparable from the
converter, and there have been many power electronics pieces of research on the interaction
between EVs, power supplies, and grids. Modular multi-level converters (MMCs) have
received significant attention since they were proposed in 2002 and have been widely used
in power electronic transformers, energy routers, and the energy internet due to their easy
scalability, modularity, and applicability to large-capacity applications. Due to their special
cascade topology, they have a smoother output waveform and lower switching losses with
good application prospects in the field of power converters for electric vehicles [1–3].

In the use of electric vehicle power systems, modular multi-level converters have
numerous advantages over conventional converter topologies. MMC circuits are modu-
larly cascaded, have strong scalability, and meet the requirements of various voltage-level
applications by cascading different numbers of submodules in the MMC. The MMC avoids
the series connection between quantitative power-switching devices, which greatly re-
duces the converter manufacturing difficulty of the converter [4]. However, the MMC
topology also has certain drawbacks compared to the conventional converter. Because of
the unbalanced energy distribution between phases, MCCs could cause the formation of
circulating currents inside the structure, resulting in more considerable losses inside the
converter due to the bridge arm current distortion. It was found that, on the one hand, the
presence of circulating harmonics increases the bridge arm current distortion rate, boosts
the rated current capacity of the switching components, and increases the system cost; on
the other hand, the circulating current increases system losses, leads to higher battery cell
temperatures, and accelerates battery aging [5–7].
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In the current use and research of MMC devices in various countries, many scholars
have studied the internal circulating current of MMCs. From the perspective of passive
hardware improvement, some scholars have proposed the method of improving the hard-
ware circuit by increasing the bridge arm reactor to suppress the circulating current, but this
increases the overall volume of the MMC, increasing the cost; the system would generate
uncontrollable energy internally [8,9]. From the perspective of active control, some scholars
have used the traditional proportional-integral (PI) control to achieve the active suppression
of the circulating current, controlling the sum of the upper and lower bridge arm voltages
as the direct flow without even harmonics, thus eliminating the even harmonics in the
circulating current. However, the classical PI controller has limited control gain for AC
signals and thus is only suitable for tracking DC signals and cannot completely eliminate a
series of even harmonic components in the circulating current [10]. Some scholars have
compensated the oscillations of the arm capacitor voltage by compensating the modulation
with calculations, but this method requires additional energy to control the loop to achieve
system balance [11,12].

This paper proposes a suppression strategy based on MMC harmonic circulation
by combining PIR and virtual impedance for the typical MMC system. First, this paper
analyzes the topological structure and working principle of MMCs from the objective
analysis of suppressing harmonic circulation. Then, we propose a strategy combining
virtual impedance and proportional-integral resonance control circulation suppression
strategy based on the mathematical analysis of calculating MMC harmonic circulation.
Finally, we built a typical MMC circuit simulation model to verify the effectiveness of the
strategy of even-harmonic reduction.

2. MMC Analysis

In order to suppress the circulating harmonic current inside the MMC circuit, this
section first models and analyzes the MMC circuit. This chapter explains the operation
principle of MMCs in the three-phase balanced state and calculates and analyzes the main
internal variables of the internal circulating current.

2.1. MMC Model
2.1.1. MMC Basic Circuit

As shown in Figure 1, a typical three-phase MMC circuit topology consists of a three-
phase, six-bridge arm with an n submodule SM, a bridge arm reactor Lm, and bridge arm
resistance Rm. The three-phase bridge arm on the DC side of the system is jointly connected
to the HVDC DC bus, where Udc and Idc, are the current DC bus voltage and current,
respectively. The AC side of the system includes equivalent AC reactance Ls and equivalent
resistance Rs. The AC side load could be a resistance load, power grid, or a high-voltage
motor [13–15].

When the MMC circuit operates in the inverter state, the multi-level voltage waveform
is synthesized on the MMC AC side by controlling the input and cutting out of each
submodule in the bridge arm, thus emitting active and reactive power to the AC side.
The public DC bus of the MMC would also charge and discharge the DC capacitor of the
submodule to maintain the stability of the module capacitance-voltage. In Figure 1, uuj and
ul j are the module port voltage of the upper and lower bridge arms of the phase. j, iuj, and
il j are the current flowing through the upper and lower bridge arms of the phase. j and Usj
are the AC side voltage and the number of phases is j = a, b, c.
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Figure 1. Typical MMC circuit structure.

Under the normal operation of an MMC, the total number of the connecting modules
of the upper and lower bridge arm is to ensure the stable voltage of the DC side. The
amplitude and the waveform of the output voltage could be changed by changing the
difference between the number of input submodules in the upper and lower bridge arms.

Each SM in the circuit is an independent submodule, and the MMC submodule has
two kinds of half-bridge structures and full-bridge structures [16]. Among them, the half-
bridge structure submodule is more widely used due to the small number of devices and
better economy. The commonly used MMC half-bridge submodule topology is shown in
Figure 2, consisting of two power-switching tubes with anti-parallel diodes and a capacitor.

Figure 2. MMC half-bridge submodule structure.

During normal operation, the driving signals of the two power-switch tubes are
opposite to avoid a short circuit of the capacitance. The bridge arm flow direction is the
internal positive direction of the current ijk, and the working state of the submodule T1 is
S. According to the power-switch tube drive signal and the corresponding current flow
direction, there are four modes of flow channels inside the submodule, as shown in Figure 3.
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(1) When the drive signal of the upper switch T1 is placed on the submodule, T1 is in the
input state S = 1. When the bridge arm current ijk is positive, the current charges the
capacitor through the anti-parallel diode D1 on the switch T1, the capacitance-voltage
uC rises, and the output voltage ujk of the submodule is equal to the capacitance-
voltage uC, as shown in Figure 3a. When the bridge arm current ijk is negative,
the current discharges the capacitance through the upper switch tube T1, then the
capacitance-voltage uC drops and the output voltage ujk of the submodule is equal to
the capacitance-voltage uC, as shown in Figure 3b.

(2) When the drive signal of the switch T1 is set to 0, the submodule T1 is in the bypass
state S = 0. When the bridge arm current ijk is positive, the current bypasses the
capacitance through T2, the capacitance-voltage uC remains unchanged, and the
output voltage ujk of the submodule is 0, as shown in Figure 3c. When the bridge
arm current ijk is negative, the current bypasses the capacitance through D2, and
then the capacitance-voltage uC remains unchanged, and the output voltage ujk of the
submodule is 0, as shown in Figure 3d.

Figure 3. Working principle of an MMC half-bridge submodule. (a) Working condition in S = 1,
ijk > 0. (b) Working condition in S = 1, ijk < 0. (c) Working condition in S = 0, ijk > 0. (d) Working
condition in S = 0, ijk < 0.

Therefore, the relationship between the submodule output voltage and the internal
capacitance-voltage of the submodule could be expressed as:

ujk = S × uC (1)

2.1.2. MMC Equivalent Circuit

For the above typical MMC circuit, the following basic assumptions are stated to
simplify the analysis:

(1) The system is in a symmetrical three-phase normal operation state; (2) the AC
current on the network side is divided symmetrically and evenly between the upper and
lower bridge arms; (3) ignore the fluctuation of the DC bus voltage Udc.

Based on the above assumptions, the upper and lower arm voltage of each phase could
be equivalent to the AC voltage source uuj, ulj, and the upper and lower arm current could
be represented by iuj,il j, as shown in Figure 4. Then, we built a three-phase equivalent
circuit model of a typical MMC topology and performed an internal voltage and current
analysis [17–19].
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Figure 4. MMC three-phase equivalent model.

Without considering the bridge arm current harmonic component, the three-phase
MMC equivalent circuit model is obtained with Kirchhoff’s theorem, and the current of the
upper and lower bridge arm in each phase is, respectively:{

iuj =
Idc
3 +

Isj
2

il j =
Idc
3 − Isj

2

(2)

In the equation, Idc is the current in the DC bus, and Isj is the phase current on the
network side. Suppose that the number of submodules of the upper and lower bridge arm
input conduction is i, j, and since the voltage needs to be kept stable on the DC side, generally:

i + j = n. (3)

Assume that each submodule has uniform voltage distribution, then the sum of the
output voltage of the upper and lower bridge arm submodules uuj,ul j is, respectively:⎧⎪⎪⎨⎪⎪⎩

uuj =
n
∑

i=1
ujk

ulj =
n
∑

j=1
ujk

(4)

In the equation, ujk is the output AC voltage of the upper and lower bridge arm
submodule port.

From the MMC equivalent circuit of Figure 4, the upper and lower bridge arms could
be regarded in parallel from the AC side, so the characteristic equation of the external
characteristics is:

Usj =
(uuj − ulj)

2
+ (Rs +

Rm

2
)Isj + (Ls +

Lm

2
)

dIsj

dt
(5)
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2.2. Circulation Analysis

According to the above analysis, the capacitor of each submodule is evenly divided and
balanced at all times, and each capacitance voltage is Udc/(i + j) in the ideal working state.
However, in the actual working conditions, the capacitance parameter in each submodule
cannot be completely consistent, and the small error of the switch pipe conduction time
would lead to the charge and discharge time of each input submodule not being fully
synchronized; the capacitance-voltage in each submodule would produce a small deviation,
and cannot always be fully balanced. The capacitance-voltage imbalance in the phase
bridge arm submodule and the switching is not a completely ideal device and would cause
the MMC to produce an alternating harmonic circulation inside [20–22].

Define Uacj as the j phase of the AC side’s voltage, and the MMC output voltage
modulation ratio is m. In practical engineering uses, m ∈ (0, 1) is generally selected:

m =
2Uacj

Udc
(6)

The power Puj,Plj of each phase’s upper and lower bridge arm could be calculated as:⎧⎨⎩Puj = uujiuj =
1
2 Udc[1 − m sin(ωt)]

[
1
3 Idc +

1
2 Isj sin(ωt + ϕ)

]
Plj = uljilj =

1
2 Udc[1 + m sin(ωt)]

[
1
3 Idc − 1

2 Isj sin(ωt + ϕ)
] (7)

after calculating, the formula is expanded to obtain the following results:⎧⎪⎪⎪⎨⎪⎪⎪⎩
Puj =

1
6 Udc Idc − 1

8 mUdc Isj cos ϕ − 1
6 Udc Idcm sin(ωt)

+ 1
4 Udc Isj sin(ωt + ϕ) + 1

8 mUdc Isj cos(2ωt + ϕ)

Plj =
1
6 IdcUdc − 1

8 mUdc Isj cos ϕ + 1
6 Udc Idcm sin(ωt)

− 1
4 Udc Isj sin(ωt + ϕ) + 1

8 mUdc Isj cos(2ωt + ϕ)

(8)

It could be seen that the power flowing through the upper and lower bridge arms
includes the DC component, base frequency, and double frequency components. The
external output power of the phase j unit Pout and the circulation power inside the ring Pin
are, respectively:{

Pout = Puj − Plj = − 1
3 Udc Idcm sin(ωt) + 1

2 Udc Isj sin(ωt)
Pin = Puj + Plj =

1
3 Udc Idc − 1

4 mUdc Isj cos ϕ + 1
4 mUdc Isj cos(2ωt + ϕ)

(9)

It could be analyzed that the output power of the MMC to the AC network’s side
only contains the base wave components; without the DC and harmonic components,
the internal circulation power contains a double frequency component. By dividing the
circulation power by the voltage, we see that the internal circulation has a second-order
harmonic component.

Through the above derivation process, it could be concluded that the MMC bridge
arm circulation and the capacitor voltage in the submodule affect each other, the second-
order harmonic component of the voltage in each phase cause second-order harmonic
circulation, and the second-order circulation further leads to the third-order capacitor’s
voltage fluctuations in the submodule, and further causes forth-order circulation, which
produces messy harmonic components in the MMC. Since the odd harmonics of the upper
and lower bridge arms could always cancel each other, only the even harmonic components
flow internally. They have opposite symbols, and the phase difference is 120◦ and in the
negative order.
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Define the harmonic component of the circulating current present in the bridge arm of
phase j as icirj, so Equation (2) could be modified and rewritten as:{

iuj =
Idc
3 +

Isj
2 + icirj

il j =
Idc
3 − Isj

2 + icirj
(10)

By defining izj as the circulation current on the bridge arm and adding iuj,il j in
Equation (10) to offset the AC side Isj, we obtain izj as:

izj =
iuj + il j

2
. (11)

According to Equation (10), izj is composed of direct flow and harmonic superposition
so that it could be written as:

izj =
Idc
3

+ icirj (12)

2.3. Modulation Method

In this paper, the nearest level modulation (NLM) was used to perform the submodule
modulation of the MMC circuit [23,24]. The nearest level modulation approximates the
modulating waveform steps and renders the output waveform produced by the converter
similar to the modulating waveform by controlling the input and cut-out of each submodule
in the circuit by superimposing the voltage of each submodule. The number of input
submodules for the upper and lower bridge arms is as follows:{

i = n
2 − round

[ n
2 m sin(ωt)

]
j = n

2 + round
[ n

2 m sin(ωt)
] . (13)

where round[ f (x)] is the integer function of approximation and the integer with the smallest
absolute value of the difference with f (x) is obtained.

3. MMC Circulation Control Strategy

This chapter introduces the MMC circuit harmonic loop suppressor designed in this
paper, the principles of the main components of the controller, and the structure of the
overall controller.

3.1. Controller Analysis
3.1.1. PIR Control

According to the previous introduction and analysis of the internal working principle
of an MMC, it could be learned that the second and fourth-order harmonics are the most
important components of the circulating harmonic current, and the high-order current is
triggered by the low-order current. Therefore, by reducing the size of the secondary and fourth
harmonics, the circulation of each harmonic in the circuit could be effectively suppressed.

The proportional-integral (PI) controller part could realize the unstated difference
tracking of the DC components in the circulation, but the AC signal cannot be tracked
without the unstated difference. The proportional resonance (PR) controller part could
achieve infinite gain at the selected frequency so that it could control a certain frequency,
but it needs tedious coordinate transformation and decoupling work before the control
process. The proportional-integrated resonance (PIR) controller in the composite current
controller could improve the harmonic characteristics and eliminate the derived specific
harmonic components so that the controller could achieve a better control effect [25,26].

The traditional PR controller is developed from the internal mode principle, and the
general transfer function of the resonant frequency ω0 is:

GPR(s) = Kp +
Kis

s2 + ω2
0

. (14)
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The ideal PR controller could have an infinite gain at the resonant frequency, but there is
no gain on either side of this frequency. If the power grid frequency offset occurs, it would
directly affect the stability of the system and seriously affect the effect of the controller.

An optimized quasi-proportional-integral resonant controller is proposed in order
to maintain the advantages of the PR controller in terms of its high gain while effectively
reducing the effects of grid frequency shifts. For the suppression of MMC circulation in this
paper, the controller takes second and forth-order frequencies as the main control objects,
so the PIR controller transmission function is:

GPIR(s) = Kp +
Ki
s
+

Kr1s

s2 + ωcs + (2ω0)
2 +

Kr2s

s2 + ωcs + (4ω0)
2 (15)

where Kp is the proportional coefficient, Ki is the integral coefficient, Kr2 and Kr4 are the
resonance control gain of the binary and quadruple frequency, respectively, ω0 is the base
wave frequency, and ωc is the resonant bandwidth parameter, which controls the range of
the resonant frequency (bandwidth), and has the general value 5–15 rad/s.

3.1.2. Virtual Impedance

On the basis of the PIR controller, the additional virtual bridge arm impedance link
could effectively undertake the circulation high-order harmonic component suppression
function so as to achieve better results. The method of virtual impedance could inhibit
many high harmonics with less content in the circulation so that not only the virtual
impedance has a small partial pressure on the system, but it also could effectively inhibit
the circulation [27,28].

As shown in Figure 5, Lv and Rv constitute the virtual impedance part together, with
input icir as the bridge arm harmonic circulation and output uv as the correction component
of the modulated wave.

Figure 5. Virtual impedance equivalence diagram.

In the controller, the virtual impedance link is the first-order inertial link, whose
transfer function is:

Gvir(s) =
RvLvs

Lvs + Rv
(16)

3.2. Controller Instruction

Based on the synthesis of the two controllers, this paper proposed that, based on
the PIR virtual impedance control strategy, the control logic is as follows: the bridge arm
circulation izj is through the PIR controller adjustment control modulation wave component
upir, then the harmonic component in the circulation goes through the virtual impedance
first-order inertia correction uvir, combining the two together to obtain the modulation
wave voltage of the harmonic circulation suppression controller uh. The overall control
block diagram is shown in Figure 6:
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Figure 6. Structural diagram of the PIR virtual impedance controller.

4. Simulation Analysis

In order to verify the effect of the PIR virtual impedance composite control method
proposed in this paper, the corresponding model was built in MATLAB for simulation
verification (Supplementary Materials: Simulation files S1).

4.1. Simulation Parameters

In this paper, the simulation platform selected the MATLAB2020a Simulink environ-
ment and built a three-phase 22 submodule MMC circuit. The circuit adopted the double
closed-loop control of the outer loop power control and the inner loop current control; the
modulation method adopted the nearest level modulation (NLM) technology. The selected
simulation parameters are shown in Table 1, and the selected controller parameters are
shown in Table 2 [29,30].

Table 1. Simulation parameters.

Simulation Variable Parameter Setting

DC bus voltage/kV 5.5
Number of single bridges

Arm submodules n 22

Submodule capacitance/mF 7
Bridge arm reaction/mH 8

Switching frequency/kHz 10
Modulation ratio 0.9

Load resistance/Ω 1

Table 2. Controller parameters.

Controller Parameters Values

Kp 40
Ki 600
Kr1 1000
Kr2 1000
ωc 5

Rv/Ω 1
Lv/mH 10
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4.2. Simulation Result
4.2.1. Output for the Steady-State Operation

To verify the feasibility of the control strategy used in this paper, the main output
quantities in the circuit could be observed so that the steady-state operation control effect
of the overall MMC circuit could be observed [31]. The simulation was set to start from
t = 0 s, and the active power disturbance was added on the AC side at t = 0.15 s during the
simulation to verify the robustness of the circuit against the power fluctuation in the grid-
connected operation. The three-phase voltages and currents are shown in their respective
pictures using red, blue, and orange.

The voltage and current waveforms of the three-phase AC side output are, respectively,
shown in Figure 7a,b. It was observed that before t = 0.15 s, the voltage and current were
running in balance; after t = 0.15 s, the voltage and current were also running in balance; at
the moment of t = 0.15 s, due to the increase in power, the current automatically increased
in order to ensure constant output voltage. The fast Fourier transform (FFT) analysis result
shows that the total harmonic distortion (THD) of the three-phase output voltage and
current were 1.9% and 0.94%, respectively, as shown in Figure 8a,b. It was observed that the
output waveforms worked well with low distortion rates and exhibited good robustness
when experiencing power disturbances.

 
(a) 

 
(b) 

Figure 7. (a) Three−phase output voltage. (b) Three−phase output current.
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(a) 

 
(b) 

Figure 8. (a) FFT analysis of the three−phase output voltage. (b) FFT analysis of the three−phase
output current.

The DC side’s current is shown in Figure 9. When the DC side’s current reached the
steady state, it was controlled to fluctuate within a small range, which was allowed with
the normal operating conditions.

 
Figure 9. DC side’s current.

The modulation process is shown in Figure 10, which shows the modulation waves of
the upper and lower bridge arms of phase a. It was observed as a step wave similar to the
sine waveform with a high degree of symmetry.
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Figure 10. Modulated waves.

According to the analysis above, it is seen that the MMC circuit works stably with good
output waveform, and the system has certain robustness under the use of the controller in
this paper.

4.2.2. Comparison of the Control Effects

In order to verify the effectiveness of the harmonic circulating current suppression
of the MMC circuit in this paper, the effect of the circulating current suppression was
compared with that of the open-loop strategy, conventional PI control strategy, and QPR
control strategy. The waveform and amplitude of the harmonic loop current component
of the MMC circuit during steady-state operation could be observed. The current of the
upper bridge arm of phase a was selected as the reference object, and the total harmonic
distortion under different control methods was compared with FFT analysis.

The controller, without adding the circulating current suppressor, is shown in Figure 11.
The current waveform of the harmonic current component is shown in Figure 11a, and the
THD of the arm current was 30.04%, as shown in Figure 11b.

 
(a) 

 
(b) 

Figure 11. (a) Harmonic current without the suppressor. (b) FFT analysis of the bridge arm current
without the suppressor.

The case of using the PI control circulating current suppressor is shown in Figure 12.
The harmonic current component waveform is shown in Figure 12a, and the THD of the
arm current was 5.23%, as shown in Figure 12b.
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(a) 

 
(b) 

Figure 12. (a) Harmonic current with the PI control suppressor. (b) FFT analysis of the bridge arm
current with the PI control suppressor.

The case of using the QPR control circulating current suppressor is shown in Figure 13.
The harmonic current component waveform is shown in Figure 13a, and the THD of the
arm current was 4.48%, as shown in Figure 13b.

(a) 

(b)

Figure 13. (a) Harmonic current with the QPR control suppressor. (b) FFT analysis of the bridge arm
current with the QPR control suppressor.
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The case of using the PIR virtual impedance composite suppressor designed in this
paper is shown in Figure 14. The upper bridge arm current waveform is shown in Figure 14a,
and the THD of the arm current was 1.68%, as shown in Figure 14b.

 
(a) 

 
(b) 

Figure 14. (a) Harmonic current with the PIR virtual impedance composite suppressor. (b) FFT
analysis of the bridge arm current with the PIR virtual impedance composite suppressor.

Table 3 displays the cross-sectional comparisons of the THD of the bridge arm current
for the different control methods.

Table 3. Comparisons of the THD using different methods.

Controller Use THD of the Bridge Arm Current (%)

Without adding the current suppressor 30.02
PI control suppressor 6.79

QPR control suppressor 4.48
PIR virtual impedance composite suppressor 1.43

It is seen from the comparison that the current distortion rate of the bridge arm is
very high without adding the circulation control, and there is still a large THD with the
addition of the PI circulation control or QPR circulation control. When controlled by the
PIR virtual impedance composite harmonic circulating current strategy proposed in this
paper, the obtained harmonic current waveform flattens, and the distortion rate is lower,
which proves a good control effect.
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5. Discussion

With the control strategy used in this paper, the harmonic loops in the circuit could be
effectively suppressed, which could reduce component losses in the circuit and extend the
component’s life. In the field of electric vehicles, this move could lead to optimized output
voltage and current, more efficient application of charging lines, and better power quality.

In addition to the work already conducted in this paper, there is still some incomplete-
ness, and these could be considered as subsequent research directions. Since there is no
well-built physical experimental platform in this lab, experimental verification has not yet
been completed, which would be a long-term work direction to follow. The control strategy
proposed in this paper is mainly based on a three-phase balanced circuit, but the operation
mode and fault ride-through capability of the circuit under unbalanced conditions were
not thoroughly studied.

6. Conclusions

In this manuscript, the internal variables of the MMC circuit were analyzed and
explained in detail based on the analysis of its topology in the second chapter. Through
circuit derivation, its equivalent circuit was provided, the composition of the internal
circulating current was further analyzed, and its harmonic components were explained.
In the third chapter of this paper, based on the controller principle, this paper proposed a
control method based on the combination of a proportional-integral resonant controller
and virtual impedance, which was used to effectively suppress the internal harmonic
circulations during the operation of the circuit. In the fourth chapter, the proposed control
method was fully simulated through the MATLAB simulation platform. On the one hand,
the stability of the operation was analyzed, and it was observed that the three-phase output
voltage and current were better, with distortion rates of 1.9% and 0.94%, respectively,
and still maintained good robustness when the rated active power fluctuated. On the
other hand, the effect of the controller was verified by comparing it with some common
circulating current control strategies. The a-phase upper bridge arm current distortion rate
was 30.02%, 6.79%, and 4.48% under the traditional open-loop controller, PI controller and
QPR controller, respectively, and the distortion rate was 1.43% when the selected controller
was used. In summary, it could be concluded that the controller proposed in this paper
could effectively suppress the internal harmonic loop current with good results while
ensuring the overall stable operation of the circuit.
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Abstract: In this paper, a QR flyback converter using a self-driven active snubber (SDAS) was proposed
to solve the problem of voltage surge in the switch of QR flyback converters. In the proposed converter,
the SDAS consisting of a clamping capacitor and an active switch can be configured in parallel with
the main switch or transformer to reduce the voltage surge in the switch. To confirm the steady-state
characteristics of the QR flyback converter to which the proposed SDAS is applied, equivalent circuits
for each state were constructed, and the equations and characteristics for each state were determined.
A 60 W class small AC–DC adapter was constructed to confirm the effectiveness of the proposed
converter and the control circuit method, and the experimental results were analyzed. The size of the
experimental AC–DC adapter was 74× 29× 23 mm, and it had a high power density of 20 W/in3 or
more. The experimental circuit was limited to the high power conversion efficiency of up to 91.56%,
and the maximum voltage surge in the switch was approximately 450 V. One of the reasons for such
high efficiency is the SDAS circuit, which sufficiently reduces the voltage surge of the QR flyback switch,
compared with the RCD clamp circuit, and does not consume power in principle.

Keywords: quasi-resonant flyback converter; synchronous rectifier; active clamping switch; RCD
snubber; valley switching; active snubber; self-driven active snubber

1. Introduction

Recently, due to the rapid development of the IT field, low-power energy consump-
tion and high-efficiency power conversion devices are required. Following the trend of
miniaturization and lightweight electronic devices, research is being actively conducted
to increase the efficiency of power converters and reduce their weight. To reduce the size
and weight of power supply devices, high-frequency switching has become an important
design criterion. A switching power supply is a device that converts an input voltage into
a stable output voltage, and appropriate circuit development is required depending on
the application field and output capacity. For output powers of less than 150 W, flyback
converters are most commonly used to achieve miniaturization and low manufacturing
cost. In addition, since a transformer is used, multiple outputs can be comprised, and input
and output isolation is possible [1,2].

Recently, with the introduction of the quasi-resonant (QR) flyback control method, the
switching loss is reduced, and efficiency is increased compared with conventional flyback
converters, resulting in a broader range of applications. The power conversion efficiency
can be increased by reducing the turn-on loss to reduce the switching loss. However, in the
case of an isolated switching power supply such as a QR flyback converter, a turn-off surge
in voltage simultaneously occurs across the switch due to internal parasitic components.
This high-voltage surge increases the rated voltage of the switch and becomes a major cause
of deterioration in the reliability of the product. To reduce high-voltage switch surges, an
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RCD-structured snubber using a resistor–capacitor–diode can be used across the primary
and secondary sides of the transformer or the switch. The RCD snubber has the advantage
of having a simple structure and easy design, but it also generates heat in the resistance
element and lowers the power conversion efficiency of the converter because the entire
energy resulting from the high surge in voltage is consumed in the resistor.

Another way to reduce the voltage surge in the switch is to apply an active clamp
circuit by configuring the auxiliary switch in series with the clamp capacitor separately
from the main switch. In this case, one of the methods to clamp the main switch voltage
to a constant voltage is by introducing a signal in the drive signal of the main switch that
is opposite to that of the auxiliary switch. However, this active clamp method cannot be
applied to all flyback converter methods and only applies to converters operating in the
boundary current mode (BCM), in which the transformer magnetizing inductor current
is at the boundary at zero but not applicable to the quasi-resonant (QR) flyback method,
which operates in discontinuous conduction mode (DCM) [3,4].

Figure 1 shows the basic circuit of a QR flyback converter with an RCD snubber.
Figure 1a shows a converter in which the secondary side of the transformer is composed of
a diode rectifier, while Figure 1b shows a converter composed of a synchronous rectifier
circuit using MOSFET instead of a diode. In Figure 1a, the main switch of the converter is
S, and the resistance Rs, capacitor Cs, and diode Ds of the RCD snubber are in parallel with
the transformer T1, and the surge energy due to the resonance of the transformer leakage
inductor LK and the switch parasitic capacitor CR is consumed in the RCD snubber circuit.
In Figure 1b, the main switch of the converter is S1, and the synchronous rectifier switch SR
replaces the diode rectifier on the secondary side of the transformer T1. Figure 2 shows the
operating waveform in a steady state. Figure 2a is the voltage and current waveform of the
diode rectifier, and Figure 2a is the driving signal and the voltage and current waveform of
the MOSFET synchronous rectifier. In the QR flyback converter, the magnetizing current
of the transformer increases linearly from zero during the turn-on period of the switch
because it operates at the DCM and the continuous conduction mode (CCM). During
the turn-off period, a voltage surge is generated during damping resonance due to the
transformer leakage inductor and the parasitic capacitor of the switch. Although the RCD
snubber circuit absorbs some of the surge current, the remaining current still generates a
voltage surge in the switch. At this time, the voltage surge of the switch reaches maximum
point, and the voltage surge can cause breakdown of the switch [5]. The secondary-side
rectifier current linearly decreases, and after it becomes zero, the resonance resulting from
magnetizing inductance LM and the switch parasitic capacitor CR starts, and the main
switch is turned on at the valley, where the switch resonance voltage is lowest owing to the
QR flyback control signal. In the case of the synchronous rectifier, the synchronous rectifier
switch SR is turned on while the rectifier current flows. For the synchronous rectifier switch
SR, a MOSFET with low on-resistance is selected to reduce the conduction loss. As shown
in Figure 2, since the main switch voltage of the QR flyback converter is turned on when
it reaches the lowest point due to resonance, the turn-on loss is reduced, thus reducing
switching loss and enabling high-efficiency power conversion. However, since a voltage
surge is generated when the switch S is turned off, this problem cannot be fundamentally
solved by adding an RCD snubber circuit [6–8].

In this paper, a QR flyback converter using a self-driven active snubber (SDAS) is
proposed to mitigate the problem of the high switch-turn-off voltage in the QR flyback
converter. The proposed converter clamps the voltage surge of the switch to a constant
voltage during turn-off operation owing to the SDAS composed of a clamping capacitor
and an active switch, and since the active switch drive signal is controlled by the secondary-
side current of the transformer, a separate control circuit is not required. In addition, the
proposed converter has the advantage of using a switch with a low voltage rating due to the
reduced turn-off voltage surge and using the conventional QR flyback control IC. For the
design of its major components, the steady-state operation characteristics were analyzed,
and the simulation and experimental results were compared. To confirm the effectiveness
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of the proposed converter and the control circuit method, a 60 W class miniaturized
AC–DC adapter was constructed, and the experimental results were analyzed. The size
of the experimental AC–DC adapter was 74 × 29 × 23 mm, the power density was about
20 W/in3, and the target maximum efficiency was over 90% [9–11].

 
 

(a) (b) 

Figure 1. Basic circuit of QR flyback converter with RCD snubber: (a) QR flyback converter with
diode rectifier; (b) QR flyback converter with synchronous rectifier.

(a) (b) 

Figure 2. Steady-state operating waveform of QR flyback converter: (a) steady-state operating
waveform of QR flyback converter with diode rectifier; (b) steady-state operating waveform of QR
flyback converter with synchronous rectifier.

2. QR Flyback DC–DC Converter with SDAS

2.1. Basic Circuit Structure of QR Flyback Converter with SDAS

Figure 3 shows the basic circuit of the QR flyback converter with the SDAS proposed
in this paper. In Figure 3a, the SDAS is configured in parallel with the main switch, while in
Figure 3b, the SDAS is configured in parallel with the transformer. In this figure, the main
switch is S1, and the synchronous rectifier switch SR replaces the existing diode rectifier on
the secondary side of the transformer T1. The SDAS circuit consists of a clamp switch S2
and a clamp capacitor CL in series. Transformer T2 is a current transformer (CT) that detects
secondary-side current and generates driving signals for the synchronous rectifier switch
SR and the clamp switch S2. Therefore, since the two switches SR and S2 are turned on and
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off by the secondary-side current signal of the transformer, they are driven independently
of the external PWM control signal. The clamp capacitor CL absorbs the surge energy
caused by the resonance of the transformer leakage inductor LK and the switch parasitic
capacitor CR. In the conventional active clamp-type flyback converter, the location of the
main switch S1, the clamp switch S2, and the clamp capacitor CL are the same as the circuit
proposed in this paper, but the clamp switch S2 serves as a complementary switch to the
main switch, so the QR flyback characteristics are not satisfied. Therefore, the conventional
active-clamp flyback converter has different steady-state operation characteristics from the
QR flyback converter configured with the SDAS in parallel. Since QR flyback converters
are relatively widely applied in the design and manufacturing of small-capacity converters,
several manufacturers have released control IC models. In this paper, while maintaining
the basic characteristics and design environment of the existing QR flyback converter,
we proposed a circuit method capable of high-efficiency power conversion by actively
removing the voltage surge of the switch to lower the rated voltage of the switch and
reducing the conduction loss of the switch [12–16].

  

(a) (b) 

Figure 3. QR flyback DC–DC converter with SDAS: (a) QR flyback converter with SDAS in parallel
with main switch; (b) QR flyback converter with SDAS in parallel with transformer.

Figure 4 is an equivalent circuit to that in Figure 3a with the transformer T1 removed.
Figure 4a is the equivalent circuit with the clamp capacitor CL, and Figure 4b is the equivalent
circuit converted to the clamping constant voltage VCL instead of the clamp capacitor. Trans-
former T1 is represented by the leakage inductor LK and magnetizing inductor LM, and all
switches are assumed to be ideal switches without loss. The resonant capacitor CR placed
in parallel with the main switch S1 is the parasitic capacitor of the switch. The output load
resistance and the output capacitor are assumed to be constant voltage in a steady state. In
addition, in this study, to simplify the analysis and design, the equivalent circuit in Figure 4a
was used as a basis for the steady-state analysis and design of major components [16,17].

Figure 4. Equivalent circuit of QR flyback converter with self-driving active snubber: (a) equivalent
circuit of QR flyback converter with diode rectifier; (b) equivalent circuit of QR flyback converter
with synchronous rectifier.
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2.2. Steady-State Analysis

Figure 5 shows the operating waveform for the equivalent circuit in Figure 4. Figure 5a
shows the switch voltage of the converter turned on in the second valley, whereas Figure 5b
shows the switch voltage turned on in the first valley. As can be seen, when the converter
operates in a steady state, its state is divided into six operating states for one cycle. In this
case, the turn-off timing of the switch is different, but the waveform for each state is the
same. The operation mechanism in each state of the converter operating under a steady
state is described below [18,19].

Figure 5. Steady-state operating waveform of QR flyback converter with SDAS: (a) steady-state
operating waveform of a QR flyback converter with two valley voltages; (b) steady-state operating
waveform of a QR flyback converter with one valley voltage.

First, in state 1, the main switch S1 is turned on at time t0, the secondary-side current
of the transformer becomes zero, and the auxiliary switch S2 and the synchronous rectifier
switch SR are turned off. The equivalent circuit of state 1 is shown in Figure 6. As can
be seen in Figures 5 and 6, the input voltage is applied to the magnetizing inductor LM
and the leakage inductor LK, and the current constantly increases from zero, as shown
in Equation (1). Assuming that the main switch voltage is equal to that in Equation (2),
and the clamp capacitance is large, the clamp voltage is equal to the turn-off steady-state
voltage of the main switch shown in Equation (3). The switch voltage of the synchronous
rectifier is determined using Equation (4), and the current is determined with Equation (5).
When the main switch S1 is turned off at time t1, the magnetizing current iM becomes IL1,
and state 1 ends [20,21].

isw(t) = iM(t) = iR(t) =
(

VIN
LR + LM

)
t (1)

vDS1(t) = 0 (2)

vCL(t) = VC0 = VIN + NVo (3)
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NvD(t) = −(VIN + NVo) (4)

iSR(t)
N

= 0 (5)

 

Figure 6. Equivalent circuit in state 1.

When the main switch S1 is turned off at time t1, state 2 starts, and the equivalent
circuit is shown in Figure 7. At time t1, the initial value of the magnetizing current iM is
IL1, and the magnetizing inductor LM and the switch equivalent capacitor CR resonate, as
shown in Equation (6). The switch resonant voltage is determined with Equation (7). At this
time, the characteristic impedance Zr and the resonant angular velocity ωr are calculated
using Equation (8). When the resonance voltage of the main switch S1 becomes equal to the
clamp capacitor voltage VCL, the time becomes t2, the maximum value of the magnetizing
current iM becomes IL2, and state 2 ends.

iM(t) = iR(t) =
(

VIN
Zr

)
sinωrt + IL1cosωrt (6)

vDS1(t) = IL1Zrsinωrt + VIN(1 − cosωrt) (7)

Zr =

√
LM
CR

ωr =
1√

LMCR
(8)

 

Figure 7. Equivalent circuit in state 2.

At time t2, when the magnetizing current LM flows through the internal diode of the
clamp switch, state 3 starts, and the equivalent circuit in this state is shown in Figure 8. At
time t2, the initial value of magnetizing current LM is IL2, the magnetizing inductor LM
and the clamp capacitor CL resonate, and the magnetizing current iM is determined with
Equation (9). The clamp capacitor resonant voltage is provided by Equation (10). At this
time, the characteristic impedance ZR and the resonant angular velocity ωR are determined
using Equation (11). When the clamp current iCL becomes larger than the magnetizing
current iM, the magnetizing current becomes IL3, the time becomes t3, and state 3 ends.
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iCL(t) = iM(t) = iR(t) =
(

VIN − VC2

ZR

)
sinωRt + IL2cosωRt (9)

vCL(t) = IL2ZRsinωRt + VIN(1 − cosωRt) + VC2 (10)

ZR =

√
LM
CL

ωR =
1√

LMCL
(11)

Figure 8. Equivalent circuit in state 3.

At time t3, as the resonance current of the clamp current iCL becomes larger than the
magnetizing current iM, the remaining current flows through the rectifier on the secondary
side of the transformer. When the synchronous rectifier switch SR and the clamp auxiliary
switch S2 are turned on with the rectifier current, state 4 starts, and the equivalent circuit in
this state is shown in Figure 9. At time t3, the initial value of the resonance current iCL is
IL3, the leakage inductor LK and the clamp capacitor CL resonate, and the clamp capacitor
current is as shown in Equation (12). The clamp capacitor resonant voltage is calculated
using Equation (13). The secondary-side current starts at zero due to resonance and
performs zero-current switching (ZCS); thus, its waveform is a sinusoidal wave reflecting
the resonance. At this time, the characteristic impedance ZO and the resonant angular
velocity ωO are expressed in Equation (15). When the magnetization current iM and the
clamp capacitor current iCL become equal, the secondary rectifier current becomes zero,
and the time becomes t4, and state 4 ends [22,23].

iCL(t) = iR(t) =
(

VIN + NVO − VC3

Zo

)
sinωot + IL3cosωot (12)

vCL(t) = IL3Zosinωot − (VIN + NVO − VC3)cosωot + (VIN + NVO) (13)

iSR(t)
N

= IL3(1 − cosωot)− NVo

LM
t −

(
VIN + NVO − VC3

Zo

)
sinωot (14)

Zo =

√
LR
CL

ωo =
1√

LRCL
(15)

At time t4, the magnetizing current iM and the clamp current iCL become equal,
the secondary rectifier current becomes zero, and state 5 begins. The equivalent circuit
in this state is shown in Figure 10. When the synchronous rectifier switch SR and the
clamp auxiliary switch S2 are turned off with the rectifier current, the initial value of
the resonance current iCL is IL4 at time t4. The magnetizing inductor LM and the clamp
capacitor CL resonate, as shown in the figure, and the clamp capacitor current is calculated
with Equation (16). The clamp capacitor resonant voltage is calculated using Equation (17).
At this time, the characteristic impedance ZR and the resonant angular velocity ωR are
expressed in Equation (18). When the magnetizing current iM and the clamp current iCL
become zero, the time becomes t5, and state 5 ends.
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iCL(t) = iM(t) = iR(t) =
(

VIN − VC4

ZR

)
sinωRt + IL4cosωRt (16)

vCL(t) = IL4ZRsinωRt + VIN(1 − cosωRt) + VC4 (17)

ZR =

√
LM
CL

ωR =
1√

LMCL
(18)

Figure 9. Equivalent circuit in state 4.

 

Figure 10. Equivalent circuit in state 5.

At time t5, when the magnetizing current iM, the clamp current iCL, and the secondary
rectifier current become zero, state 6 starts, and its equivalent circuit is shown in Figure 11.
At time t5, the initial value of the turn-off voltage of the main switch is VC5, and the
magnetizing inductor LM and the switch equivalent capacitor CR resonate, as shown in the
figure. The magnetizing current is determined using Equation (19), and the switch resonant
voltage is expressed in Equation (20). At this time, the characteristic impedance Zr and
the resonant angular velocity ωr are found using Equation (21). When the switch voltage
reaches the lowest point VC6 due to resonance, it becomes time t6, and at this time, if the
switch is turned on by the control circuit, the turn-on loss can be minimized.

Figure 11. Equivalent circuit in state 6.
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Figure 12 shows a simplified resonant equivalent circuit with the components consti-
tuting the resonant circuit for each state equivalent circuit. The initial current and voltage
values for each resonant equivalent circuit are shown [24,25].

iM(t) = iR(t) = iSW(t) =
(

VIN − VC5

Zr

)
sinωrt (19)

vDS1(t) = (VC5 − VIN)cosωrt + VIN (20)

Zr =

√
LM
CR

ωr =
1√

LMCR
(21)

  

(a) (b) 

  

(c) (d) 

 

(e) (f) 

Figure 12. Equivalent circuit of resonance circuit for each state: (a) equivalent circuit of resonant
circuit in state 1; (b) equivalent circuit of resonant circuit in state 2; (c) equivalent circuit of resonant
circuit in state 3; (d) equivalent circuit of resonant circuit in state 4; (e) equivalent circuit of resonant
circuit in state 5; (f) equivalent circuit of resonant circuit in state 6.

To find the appropriate value of the clamp capacitor, the voltage of the magnetizing
inductor LM is obtained using Equation (22). During states 4 and 5, the voltage value is
NVo, and the maximum current value is I+M. Assuming that the time of state 2–5 is twice
the resonance time of the leakage inductor LK and the clamp capacitor CL, Equation (23)
is used. The clamp capacitor value can be obtained from Equation (24). At this time, the
maximum voltage value of the clamp capacitor is determined using Equation (25).

vM(t) = LM
diM(t)

dt
(22)

NVo = LM

(
I+M

2 × 2π
√

LKCL

)
(23)
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CL =
1

LK

(
LM I+M

4πNVo

)2

(24)

VCL = VIN + NVo (25)

3. Design of QR Flyback DC–DC Converter with SDAS

3.1. Optimal Design Process for Major Devices

The electrical specifications shown in Table 1 were determined for the design of
the SDAS-applied QR flyback converter proposed in this paper. The input voltage was
AC 90–264 V, the output voltage was set at 12 V, and the maximum output was set at
60 W. Since the AC–DC power supply of less than 75 W is not subject to the IEC 61000-3-2
limitation of current harmonics, the PFC circuit was not used. The size of the power supply
device was 29 mm in width, 23 mm in height, and 74 mm in length, and the volume at this
time was less than 50 cc.

Table 1. Design conditions for QR flyback converter with SDAS.

Parameter Symbol Value Unit

Input voltage range VIN 90–264 Vac
Output voltage Vo 12 Vdc

Maximum output power Po max 60 W
Maximum output current Io max 5.0 A

Case size W × H × L 29 × 23 × 74 mm
Efficiency η 90 %

The winding ratio of the transformer is calculated with Equation (26), and Vc is the
voltage that is converted from the output voltage to the primary-side voltage. Kc is the design
margin coefficient. In this design, the secondary winding of the transformer was determined
as the minimum natural number, so 5 was selected. Since the QR flyback converter always
operates in a discontinuous current mode, the entire energy stored in the magnetizing inductor
LM is delivered to the output Po. Therefore, the magnetizing inductor LM is expressed using
Equation (26). The maximum duty rate dmax appears at the lowest input voltage and is shown
in Equation (28). The RMS values of the current in the primary and secondary windings of
the transformer are determined with Equations (29) and (30). Equation (24) can be used for
the clamp capacitor, and the result is shown in Equation (31). For the clamp capacitor value,
68 nF was selected, which is the closest standard value [26–30].

N =
N1

N2
=

KcVc

Vo
=

1.5 × 50
12

= 6.3 (26)

LM =
2 Po

I2
R fsw

=
2 × 70

2.52 × 83k
= 260 μH (27)

dmax =
IpkLM fsw

VIN min
=

2.5 × 269μ × 83k
90
√

2
= 0.42 (28)

I1 rms = Ipk

√
dmax

3
= 2.5

√
0.42

3
= 0.94 A (29)

I2 rms = NIpk

√
1 − dmax

3
= 2.5 × 6.3

√
1 − 0.42

3
= 6.93 A (30)

CL =
1

5.3μ

(
260μ × 2.5

4π × 6.4 × 13

)2
= 73 nF (31)

3.2. Circuit Simulation Results

To verify the design results of the QR flyback converter using the SDAS designed in the
previous section, a circuit simulation was performed using PSIM 11.0, and the simulation
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circuit diagram is shown in Figure 13. In the figure, the previously designed values were
used for the main components of the converter, and the main switches and transformers
were modeled as ideal components. To stabilize the output voltage, a valley-switching
PWM control circuit suitable for the QR flyback converter was designed. Figure 14 is the
waveform results of the PSIM simulation when the converter operated in a steady state. In
Figure 14a, the input voltage was DC 320 V, and the load resistance was 5 Ω; in Figure 14b,
the input voltage was DC 320 V, and the load resistance was 2.4 Ω. These values correspond
to approximately 30 W and 60 W of output power [31].

Figure 13. PSIM simulation schematic of QR flyback converter with SDAS.

In the figure, shown from the top, the operating waveforms refer to the main switch
voltage vDS1, the magnetizing inductor current iM, the clamp capacitor current iCL, the
switch drive voltage vGS1,2, the transformer secondary rectifier current iSR, and the switch
current iS. As can be seen from this figure, when the DC input voltage was 320 V, the
switch was turned on at the lowest point of the valley. As the power load increased, the
number of valleys decreased, and the switch was turned on in the first valley at full load.
The driving voltage of the clamp and the synchronous rectifier switch was controlled by the
secondary-side rectifier current of the transformer [32]. As a result, it can be seen that the
SDAS circuit consisting of the clamp switch and the clamp capacitor operated properly, and
the voltage surge was eliminated during the turn-off period of the main switch. Specifically,
the rectifier current on the secondary side of the transformer is in the form of a half-wave
rectified sinusoidal wave occurred by the resonance, and it showed ZCS characteristics and
reduced the switching loss and voltage surge, lowering the rectifier voltage rating [33,34].
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Figure 14. Steady-state waveform result of QR flyback converter with SDAS with PSIM simulation:
(a) under low power load; (b) under large power load.

In Figure 15, the PSIM simulation results are compared with the experimental results
when a 60 W class QR flyback converter with the SDAS was used under a steady state. Shown
from the top, the operating waveforms refer to the switch drive voltage vGS1, the main switch
voltage vDS1, the switch current is, the clamp capacitor current iCL, the transformer secondary
rectifier current iSR, the clamp switch drive voltage vGS2, the clamp capacitor voltage vCL,
and the transformer primary voltage v1. It can be seen that the PSIM simulation results and
the experimental waveforms are in relatively good agreement, and they are the same as the
operation of each state described above. Therefore, it was confirmed that both the analysis of
the steady-state operation and the design process were valid [35].

3.3. Compact AC–DC Adapter Design

Figure 16 shows the basic structure including the control circuit to construct the
AC–DC adapter designed above. The basic circuit in the figure is for a QR flyback converter
with the SDAS composed of existing commercialized QR flyback control components and
an isolation circuit using a photocoupler. As shown in Figure 16, a synchronous rectifier
driver component was used to control the synchronous rectifier switch SR, and a photo
driver was used to deliver a driving signal to the clamp switch S2 on the primary side
of the transformer. As a result, the operation of the synchronous rectifier and the clamp
switch was always the same [36,37].
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Figure 15. Comparison of operating waveforms of PSIM simulation and experimental circuit:
(a) operating waveform of the experimental circuit; (b) operating waveform of PSIM simulation.

Figure 16. Basic circuit and control structure of QR flyback converter with SDAS.

Table 2 shows the main components and their electrical characteristics constituting the
experimental AC–DC adapter circuit. For the main switch, a MOSFET with a relatively low
voltage rating of 600 V was used, as it could reduce the on-resistance compared with other
MOSFETs with a similar current rating. A 500 V class P-channel MOSFET was used for the
clamp switch and a surface-mounted device (SMD) MOSFET with 6.3 mΩ on-resistance
was used for the synchronous rectifier switch to minimize the conduction loss. A QR
flyback control IC, NCP1380, was used to control the main switch, TEA1791 was used as
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the synchronous rectifier driver, and TLP118 was used as the photo driver. Table 3 shows
the characteristics of the transformer used in the experimental AC–DC adapter circuit.
The magnetic core size of the transformer was TDK’s RM7. For the primary winding,
Litz wires comprising a bundle of 30 copper wires with 0.1 mm thickness were used to
reduce high-frequency loss, and Litz wires comprising 60 copper wires were used for the
secondary winding to deal with a large RMS current value. The measured magnetizing
inductance was 260 μH, and the leakage inductance was 5.3 μH. The clamp capacitor was a
68 nF film capacitor rated at 650 V. Figure 17 shows the experimental circuit diagram. In the
circuit diagram, the AC–DC rectifier was omitted for convenience, but a general full-wave
rectifier was applied in the experiment [38–40].

Table 2. Main devices and electrical ratings used in the experimental AC–DC adapters.

Parameter Name Model Specifications Shape

Main switch S1 TK31V60X 600 V, 30 A, 78 mΩ DFN8 N-ch
Clamp switch S2 FQP3P50 −500 V,−2.7 A, 4.9 Ω TO-220 P-ch

SR switch SR BUK9Y8R5-80E 80 V, 100 A, 6.3 mΩ LFPAK56 N-ch
QR controller IC1 NCP1380 28 V, 500 mA SO-8
SR controller IC2 TAE1791 120 V, 3 A SO-8
Photo driver IC3 TLP118 3750 V, 60 ns SO-6 GaAlAs IRED

Table 3. Transformer characteristics of experimental AC–DC adapters.

Parameter Name Unit Value Spec.

Core size T1 RM7
Primary winding N1 Turn 32 0.1 mm × 30 p

Secondary winding N2 Turn 5 0.3 mm × 60 p
Auxiliary winding NA turn 5 0.1 mm × 30 p

Magnetizing inductance LM μH 260
Leakage inductance LK μH 5.3

Figure 17. Schematic of QR flyback converter with SDAS used in the experiments.

Figure 18 shows the external appearance of the experimental AC–DC adapter.
Figure 18a is the assembly drawing of the outer case, and Figure 18b is the inside and
outside size and shape of the constructed experimental circuit. The AC–DC adapter was a
74 mm long rectangular cylinder case with a hollow inside and a rectangular lid attached
to both ends. The AC terminal was integrated with the lid on one side. The volume of the
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adapter was 50 cc, and the power density was approximately 20 W/in3. Figure 19 is the
instrument composition and test environment to test the experimental circuit. The power
supply used in the experiment was a PCR400LE, the electronic load was a PLZ1004WH
from Kikusui (Yokohama, Kanagawa, Japan), the power analyzer was a WT1600 from
YOKOGAWA (Tokyo, Japan), and the oscilloscope was an HDO6104 model from LeCroy
(Chestnut Ridge, NY, USA). To measure the waveform of the experimental circuit in a
steady state, the test was carried out without the case.

 

(a) (b) 

23mm

29mm

74mm

74mm

29mm

Figure 18. External shape and size of AC–DC adapter using QR flyback converter with SDAS:
(a) external shape and size of AC–DC adapter; (b) internal PCB and case of AC–DC adapter for
experimentation.

  

(a) (b) 

Figure 19. Experimental circuit and its configuration: (a) load characteristic test of AC–DC adapter
used in the experiment; (b) AC–DC adapter and its measurement setup.

4. Experimental Results

To verify the effectiveness of the QR flyback converter with the SDAS proposed in
this paper, a 60 W AC–DC adapter was tested. Figure 20 is the steady-state operating
waveform of the experimental circuit when the input voltage was 310 V. In Figure 20a, the
output current was 0.3 A, the voltage vDS of the main switch is shown on the top, and the
switch current iS is shown on the bottom. The power load was approximately 3.6 W, and
the switch voltage showed a small duty cycle under a low load current. At this time, the
turn-off voltage of the switch was clamped by the SDAS circuit and limited to 420 V. As
the load current increased, the operating waveform changed from Figure 20b to Figure 20f.
Figure 20f shows when the load current was 5 A, and the output power was 60 W. The
maximum switch current was 2.4 A, and the maximum switch voltage was limited to about
450 V. It can be seen from this figure that depending on the load, the peak value of the
switch voltage did not significantly increase and was clamped to a constant level [41].
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(a) (b) 

  

(c) (d) 

  

(e) (f) 

Figure 20. Steady-state waveforms of main switch voltage and current of the experimental circuit
when the input voltage was 310 V: (a) 0.3 A load current; (b) 1.0 A load current; (c) 2.0 A load current;
(d) 3.0 A load current; (e) 4.0 A load current; (f) 5.0 A load current.

Figure 21 shows a comparison of the switch voltage and current waveforms of a
conventional QR flyback converter and the proposed QR flyback converter with the SDAS.
The input voltage was 310 V, the load current was 3.5 A, and the output power was 42 W.
Figure 21a shows the switch voltage and current waveforms of the experimental circuit
using the existing QR flyback converter and RCD snubber, and Figure 21b is the switch
voltage and current waveform of the QR flyback converter with the SDAS. As shown in
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Figure 21a, the voltage surge of the switch occurred at the turn-off moment and had a
peak value of up to 550 V. After that, the voltage surge was limited to about 500 V, there
was a damping resonance period, and then the voltage surge stabilized at about 410 V,
which was the turn-off steady-state voltage. The switch turned on in the second valley,
and the switch current had a peak value of about 2 A. At this time, the switch-turn-off
voltage also influenced the current during the damping resonance period, and therefore
the current resonated simultaneously. As shown in Figure 21b, the turn-off voltage of the
switch was clamped by the SDAS circuit and had a peak value of 430 V, and the peak value
of the switch current was about 1.9 A. As can be seen in the figure, compared with the RCD
clamp circuit, the SDAS circuit reduced the voltage surge of the QR flyback switch by up
to 120 V or more. In addition, compared with RCD snubbers, which consume the voltage
surge power in resistors, SDAS circuits do not consume power and, therefore, have higher
efficiency characteristics in principle [42].

  

(a) (b) 

500V
550V

430V

Figure 21. Comparison of steady-state switch voltage and current of QR flyback converter:
(a) steady-state switch voltage and current waveforms of a QR flyback converter with RCD snubber;
(b) steady-state switch voltage and current waveforms of a QR flyback converter with active snubber.

Figure 22 shows the power conversion efficiency of the experimental circuit at an
input voltage of 310 V. The efficiency was over 85% when the output power was more than
5 W, and the efficiency was as high as 90% at the maximum power load of 60 W. Figure 23
shows the internal power dissipation of the adapter. At a power load of 10 W, there was a
power loss of approximately 1.5 W, and at a maximum power load of 60 W, an internal loss
of 6.7 W was observed. Figure 24 shows the output voltage relative to the power load. As
evident in the figure, the output voltage remained stable, and a maximum voltage change
of less than 5 mV was observed with the change in power load. Figure 25 shows the power
conversion efficiency measured at the output power of 20 W, 40 W, and 60 W relative to the
input voltage. The efficiency increased at a higher output and with a decrease in the input
voltage. Specifically, the maximum power conversion efficiency was achieved when the
input voltage was 140 V, and the output was 60 W, at 91.56%. When the output was 60 W,
the power conversion efficiency was over 90% in all rates of input voltage.
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Figure 22. Power conversion efficiency characteristics versus load current of a QR flyback converter
with SDAS at an input voltage of 310 V.

Figure 23. Characteristics of internal power dissipation versus load current of a QR flyback converter
with SDAS at an input voltage of 310 V.

Figure 24. Output voltage characteristics versus load current of a QR flyback converter with SDAS at
an input voltage of 310 V.

Figure 25. Power conversion efficiency characteristics versus input voltage of a QR flyback converter
with SDAS at 20 W, 40 W, and 60 W power load.

These experimental results highlight the following findings: The AC–DC adapter
of the proposed QR flyback converter with the SDAS showed a high power density of
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more than 20 W/in3 and a high power conversion efficiency of up to 91.56%. Therefore,
the proposed SDAS method can be used as the basic circuit method for high-efficiency
power supply. One of the reasons for such high efficiency is due to the SDAS circuit, which
sufficiently reduces the voltage surge of the QR flyback switch compared with the RCD
clamp circuit and does not consume power in principle. Specifically, a separate control
circuit is not required to drive the auxiliary switch for the clamp, and the circuit structure
is simplified because it is self-driven inside the converter [43].

5. Conclusions

In this paper, a QR flyback converter using a self-driven active snubber (SDAS) was
proposed to solve the problem of the switch voltage surge in the QR flyback converter. In the
proposed converter, the SDAS consisting of a clamping capacitor and an active switch was
configured in parallel with the main switch or transformer to reduce the voltage surge in the
switch. The clamp switch was synchronized with the drive signal of an internal synchronous
rectifier and a photo driver or pulse transformer, so no separate control circuit was required.

To confirm the steady-state characteristics of the proposed QR flyback converter with
SDAS, equivalent circuits for each state were constructed, and the equations and characteristics
for each state were determined. Using the main components for each state, the resonant circuit
was separately arranged, and the components involved in resonance and the initial values of
each state were identified. The values of the main elements were designed using the steady-
state analysis results, and the optimal values of the clamp capacitor were derived. To compare
the steady-state analysis results, a simulation using the PSIM program was performed. The
simulation results and the theoretical waveforms were relatively well matched, and they
showed a very similar shape to the experimental waveforms.

To confirm the effectiveness of the proposed converter and control circuit method,
a 60 W class small AC–DC adapter was constructed, and the experimental results were
presented. The size of the experimental AC–DC adapter was 74 × 29 × 23 mm and had a
high power density of 20 W/in3 or more. The experimental circuit was limited to the high
power conversion efficiency of up to 91.56%, and the maximum voltage surge of the switch
was approximately 450 V. Taken together, these results highlight the applicability of the
proposed converter as the basic circuit method for achieving high-efficiency power supply.
One of the reasons for such high efficiency is due to the SDAS circuit, which sufficiently
reduces the voltage surge of the QR flyback switch compared with the RCD clamp circuit
and does not consume power in principle.
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Abstract: This paper develops a cascaded AC-DC power conversion interface (CADPCI) to convert
AC power to charge the battery set. The proposed CADPCI is composed of a cascaded converter (CC)
and a dual-input buck converter (DIBC). The CC is formed by connecting a full-bridge converter
(FBC) and a bridgeless rectifier (BLR) in series. The CADPCI generates an 11-level input voltage
and performs unity power factor correction. The switching loss is reduced because only the FBC
with a lower DC port voltage is switched at a high frequency. The DIBC uses a buck converter and a
selection switch set to generate a two-level DC voltage on the DC port of the BLR. By controlling the
DC input voltage of the buck converter, the injected power of the BLR can match the input power of
the utility. Therefore, the FBC does not require to handle the real power, saving an isolated converter
for regulating the DC port voltage of the FBC, thus simplifying the power circuit of the CC. The buck
converter also acts as a DC active filter to filter out low-frequency ripples of the charging current. A
prototype is constructed to verify the performance of the proposed CADPCI.

Keywords: cascaded power converter; bridgeless rectifier; DC active filter

1. Introduction

Electronic equipment is widely used in industry, commerce, and households. It is
generally powered by the utility through an AC-DC power conversion interface. Over
the last two decades, batteries have started from powering our portable electronics to
powering our vehicles and household equipment, such as robot vacuums, electric bikes,
mowing machines, etc. With the development of robots and electric vehicles, the number
of battery-powered devices has increased dramatically. Those batteries have to be charged
from the utility through an AC-DC power conversion interface.

In order to keep good power quality for electronic equipment and ensure the perfor-
mance of battery sets, an AC-DC power conversion interface must provide a stable and
controllable voltage/current at the DC port and produce a sinusoidal input current at the
AC port with nearly a unit power factor. Diode rectifiers do not meet these requirements
and cannot work as an AC-DC power conversion interface alone [1]. Due to the price
decrease in the power semiconductor components and advanced switching power supply
technology, active power factor correction (PFC) rectifiers have been well-developed. Con-
ventionally, a switching power converter, such as a boost, buck, or buck–boost converter,
is connected to the DC port of a diode rectifier for a single-phase PFC circuit [1–6]. The
diode rectifier converts the utility voltage into a rectified voltage, which is then further
converted into a controllable DC voltage/current through a switching power converter.
The switching power converter also shapes the input current for a good power factor and
low current harmonic distortion.

Different from discontinuous input current driven by buck converter or buck–boost
converter, boost converter drives its input current continuously, which eliminates the large-
capacity input filter and reduces electromagnetic interference (EMI). In order to improve the
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power efficiency of PFC circuit, the bridgeless PFC circuit integrates the diode bridge and
the boost converter to eliminate one rectifier diode voltage drop at the forward path [7,8].
However, the DC output voltage for a PFC circuit that uses a boost converter is always
greater than the amplitude of the utility voltage. Hence, a buck converter with a high
step-down ratio is required for low-voltage applications, and the overall power efficiency is
low. To reduce leakage current and increase the step-down ratio, an isolated converter, such
as a flyback or forward converter, is connected to the diode rectifier in the PFC circuit [9–11].
However, this produces a discontinuous input current and results in high voltage stress for
power electronic switches. Moreover, the use of a transformer also decreases the power
efficiency and induces spike voltages.

Power semiconductor components are worked as switches for power conversion
applications. Their non-ideal switching characteristics induce switching losses during the
switching turned-on and turned-off transitions. The switching loss is highly dependent
on the transition time, transition voltage/current level, and semiconductor switching
characteristics. For the switching power converter used in the conventional PFC circuit, the
power semiconductor components are operated in hard switching with a high transition
voltage level, resulting in a large switching loss. Soft switching technologies, which take
advantage of the LC resonant to turn the switch components at nearly zero transition
voltage/current level, can reduce switching losses dramatically [12–14]. However, most
soft switching technologies significantly increase the complexity of the controller and power
circuit design. In addition, the resonant performance is heavily affected by the drift of
passive components.

Multi-level converters (MLCs) reduce the transition voltage level of the switching of
power electronic switches, so both the switching harmonics and the switching loss are
reduced. Therefore, the capacities of both passive filter components and heat dissipation
components can be effectively reduced. The diode-clamped MLCs employ a number of
clamped diodes as the conduction paths to generate more output voltage levels and re-
duce the transition voltage level of the power electronic switches [15,16]. However, these
clamped diodes have higher voltage ratings and result in larger power losses. The flying-
capacitor MLCs generate more output voltage levels and reduce the switching voltages of
power electronic switches by inserting capacitors into the conduction path [17,18]. How-
ever, these capacitors enlarge the circuit volume. In addition, the issues of voltage balance
in both diode-clamped MLCs and flying-capacitor MLCs have to be concerned [15–18]. The
cascaded bridge MLCs connect several full-bridge converters (FBCs) to generate more out-
put voltage levels and reduce the switching voltages of power electronic switches [19–23].
An independent DC source is necessary for each FBC, which is the primary consideration
for cascaded bridge MLCs. Although most MLCs are applied in DC-AC power conversions,
many AC-DC power conversion applications have been developed in recent years [24–27].

In order to keep the advantage of the continuous input current of the boost-type PFC
circuits but eliminate the drawback of the high step-down ratio of the second stage and
high transition voltage level, this paper proposes a cascaded AC-DC power conversion
interface (CADPCI) to convert AC power from the utility into stable DC power to charge
the battery set. The proposed CADPCI is composed of a cascaded converter (CC) and a
dual-input buck converter (DIBC). The major contributions of the proposed CADPCI are
listed as follows.

1. The CC uses an FBC and a bridgeless rectifier (BLR), connected in series, to generate
an 11-level input voltage and perform a unity power factor. Only six power electronic
switches are used in the CC.

2. The switching loss of the CC is reduced significantly because only the FBC with a
lower DC port voltage is switched at a high frequency.

3. The DIBC controls the DC port voltage of the BLR to achieve a power balance between
the BLR and the utility. The FBC does not handle real power to save an isolated
converter for regulating the DC port voltage of the FBC, thus simplifying the power
circuit of the CC.
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4. DIBC further realizes the function of a DC active filter (DAF) with no additional circuit.

This paper is organized as follows: Section 2 reviews the cascaded converter in
rectifier applications, followed by the principle of the proposed cascaded power conversion
interface in Section 3. Then, Section 4 describes the operation of the proposed dual-input
buck converter, and Section 5 explains the operation of the cascaded converter. The last
two sections show the experimental results and conclude this paper.

2. Cascaded Converter

The CC is configured by connecting several FBCs in series, as shown in Figure 1.
According to the DC port voltage of different FBCs, the CC is divided into symmetrical CC
and asymmetrical CC. The DC port voltages of the FBCs in a symmetrical CC are always
the same. The symmetrical CC has 2n + 1 voltage levels at the AC port, where n is the
number of FBCs [19,20]. The benefits of symmetrical CC include easily modulated and
even distribution of the power losses. On the other hand, the DC port voltages of the FBCs
in an asymmetrical CC are usually in multiple relationships. Accordingly, the asymmetric
CC generates more levels of AC port voltage compared to the symmetrical CC [21–23]. The
CCs with two FBCs are given as examples. A two-FBCs symmetrical CC generates five
voltage levels at the AC port. A two-FBC asymmetrical CC, which has a 1:2 voltage ratio at
their FBC DC port voltages, generates seven voltage levels at the AC port [22]. A two-FBC
asymmetrical CC, which has a 1:3 voltage ratio at their FBC DC port voltages, generates
nine voltage levels at the AC port [23].

Figure 1. Topology of the CC.

Regardless of symmetrical or asymmetrical CC, each FBC requires an independent
DC power supply, which increases the complexity of the DC power processing circuit.

3. Principle of Proposed Cascaded Power Conversion Interface

The power circuit of the proposed CADPCI is shown in Figure 2. The proposed
CADPCI is composed of a CC and a DIBC. The CC combines an FBC and a BLR in a series
connection, as shown in Figure 3. The BLR replaces the diode rectifier of the PFC circuit to
decrease conduction loss [7,8], but an extra switch component is necessary. The FBC uses
unipolar pulse width modulation (PWM) to control power switches Sf1–Sf4 to generate a
three-level pulse voltage at the AC port of the FBC (vf). The DC port of the BLR is connected
to the DIBC. The DIBC integrates a buck converter and a selector switch (Sd1) to provide a
two-level DC voltage to the DC port of the BLR. The power switches Sb1 and Sb2 of BLR are
switched synchronously with the utility voltage to generate a five-level step-wave voltage
at the AC port of the BLR (vb). The two-level DC voltage for the DC port of the BLR is
two or four times the DC port voltage of the FBC (VCf). Therefore, the proposed CC can
synthesize an 11-level input voltage by cascading the ac port voltages of FBC and BLR.
Compared to the asymmetrical CC with two FBCs, the proposed CC can generate more
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voltage levels. The CC also produces a sinusoidal input current to perform a unity power
factor. The FBC with a low DC port voltage is the only part switching in high frequency.

Figure 2. Power circuit of the proposed CADPCI.

Figure 3. CC circuit of the proposed CADPCI.

The DIBC also performs the function of DAF with no additional circuit to filter out
low-frequency ripple of the charging current. A low-pass filter that is configured using Cd2,
Cd3, Rd, and Ld2 is used to filter out the switching ripple of the charging current.

4. Operation of Dual-Input Buck Converter

Although the CADPCI performs unity power factor correction, the instantaneous input
power from the utility includes not only a DC power but also a twice-utility-frequency AC
power. The twice-utility-frequency AC power results in a ripple current on the DC side
of the CADPCI that charges the battery set. This ripple current may reduce the life of the
battery set [28,29]. The novelty of the DIBC is that the buck converter in the DIBC not only
regulates the DC port voltage of the BLR but also acts as a DAF to filter out low-frequency
ripple of the charging current for the battery set.
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The input voltage of the DIBC has two levels: the voltage of the battery set (Vbat) and
the input voltage of the buck converter (VCd1), depending on the operation of the selector
switch Sd1. The DIBC operates in two modes, according to the selector switch, as shown
in Figure 4.

Figure 4. Operation of the proposed DIBC, (a) mode DI, (b) mode DII.

• Mode DI:
Figure 4a shows the operation of this mode, Sd1 is turned on, and Dd1 is turned off.
The battery set is directly charged from the utility through only the CC. The input
voltage of the DIBC is equal to the voltage of the battery set.

• Mode DII:
Figure 4b shows the operation of this mode, Sd1 is turned off, and Dd1 is turned on.
The battery set is charged from the utility through both the CC and buck converter. The
input voltage of the DIBPC is equal to the input voltage of the buck converter, which
is higher than the voltage of the battery set due to the operation of the buck converter.

The buck converter adopts a current mode control to control the current of inductor
Ld1, and its operation can be divided into two modes. When Sd2 is turned on, the voltage
vDd2 across Dd2 is VCd1. VCd1 is higher than the voltage of the battery set, so the current of
the inductor Ld1 is increased. When SD2 is turned off, Dd2 is conducted. Consequently, the
voltage vDd2 across Dd2 is 0, and the current of the inductor Ld1 is decreased. By controlling
SD2 in PWM switching, the voltage vDd2 across Dd2 is a pulse voltage that varies between
VCd1 and 0, which can control the current of the inductor Ld1 increasing or decreasing
to follow its reference current. The reference current includes a DC component and an
AC component. The DC component is used to regulate the input voltage of the buck
converter. The AC component is calculated by extracting the ripple of the charging current
to perform the function of DAF. Therefore, the DIBC can perform the function of DAF with
no additional circuit.

5. Operation of Cascaded Converter

The CC in Figure 2 comprises an FBC and a BLR that are connected in series. The
circuit for the BLR operates in three modes, as shown in Figure 5.
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Figure 5. Circuit operation of the BLR: (a) mode RI, (b) mode RII, (c) mode RIII.

• Mode RI:
As can be seen in Figure 5a, Sb1, and Sb2 are turned on, and the current path is
bidirectional. The AC port voltage of the BLR is:

vb = 0 (1)

• Mode RII:
This mode is operated during the positive half cycle of the utility voltage, as shown in
Figure 5b. The input current is positive. Sb1 and Sb2 are turned off, and Db1 and the
body diode of Sb2 conduct. The AC input port voltage of the BLR is:

vb = vbus (2)

where vbus is the DC port voltage of BLR.
• Mode RIII:

This mode is operated during the negative half cycle of the utility voltage, as shown in
Figure 5c. The input current is negative. Sb1 and Sb2 are turned off, and Db2 and the
body diode of Sb1 conduct. The AC port voltage of the BLR is:

vb = −vbus (3)

The DC port voltage of the BLR is generated by the DIBC and has two levels: the voltage
of the battery set and the input voltage of the buck converter, depending on the selector
switch. The low-pass filter, configured by Cd2, Cd3, Rd, and Ld2, is used to filter out the
switching ripple, and its gain is close to unity for DC voltage. As a result, the output voltage
of the buck converter is almost equal to the voltage of the battery set. Sb1 and Sb2 in the BLR
are switched synchronously with the utility voltage, so the BLR generates a five-level stepped
voltage at the AC port. The five levels are VCd1, Vbat, 0, −Vbat, and −VCd1.

The unipolar PWM control is adopted in the FBC. The FBC generates a three-level
pulse voltage at the AC port. The three levels are VCf, 0, and −VCf.

Using asymmetric voltage technology for a CC increases the number of voltage levels.
Therefore, the DC port voltage of the FBC, the voltage of the battery set, and the input
voltage of the buck converter are designed in the ratio of 1:2:4 to allow the CC to generate
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an 11-level input voltage. The operation voltage for the CC is shown in Figure 6. Figure 6a
shows that the BLR generates a five-level step-wave voltage, which contains voltage levels
of 4VCf, 2VCf, 0, −2VCf, and −4VCf. Figure 6b shows that the FBC generates a three-level
pulse voltage, where the three voltage levels are VCf, 0, and −VCf. The AC port voltage
of the CC integrates the AC port voltages of the FBC and the BLR to generate an 11-level
pulse voltage. The voltage levels are 5 Vice, 4 VCf, 3 VCf, 2 VCf, VCf, 0, −VCf, −2 VCf, −3 VCf,
−4 VCf, and −5 VCf, as illustrated in Figure 6c.

Figure 6. Simulation results on AC port voltages: (a) BLR; (b) FBC; (c) CC.

The difference in each voltage level is only VCf, and the ripple of the input current is
written as:

Δii =
VC f

L· fp
D·(1 − D), (4)

where D is the duty cycle of the FBC and fp is the frequency of the pulse voltage for the FBC.
The FBC uses unipolar PWM control, so fp is twice the switching frequency of the power
electronic switches. Since the difference in each voltage level is greatly reduced, and fp is
multiplied, the filter inductor is significantly reduced in the proposed CC. Moreover, only
the FBC is switched in high frequency. The DC port voltage of the FBC is about one-fifth
that of a conventional PFC circuit; hence, the switching loss for the proposed CC is reduced
significantly. The conduction resistance of MOSFET is proportional to its voltage rating.
Hence, the conduction loss of FBC is low. Moreover, the input voltage of the buck converter
is four-fifths as compared with that of the conventional PFC circuit, so the switching loss of
the buck converter in the DIBC is also reduced. Although the proposed CADPCI uses a
large number of components, its power efficiency is better than that of the conventional
PFC circuit. In addition, the capacity of the passive filter and the EMI of the proposed
CADPCI is significantly reduced as compared with the conventional PFC circuit. The DC
port voltage of FBC in the proposed CC is also less than that in the asymmetrical CC with a
DC port voltage ratio of 1:3, which is a quarter of the DC port voltage for the conventional
PFC circuit. Therefore, the switching losses, the capacity of the passive filter, and the EMI of
the proposed CC can be further reduced as compared with the asymmetrical CC with a DC
port voltage ratio of 1:3. Figure 7 shows the percentage loss for the power semiconductor
components in the CADPCI by using a thermal module of PSIM. For CC, the switching
loss is significantly reduced. The largest loss in the CADPCI is the switching loss and
conduction loss of Sd2 of the DIBC.
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Figure 7. Percentage loss for the power semiconductor components in the CADPCI.

The major disadvantage of CC is that the DC ports for FBCs do not have a common
ground, so several independent power supplies or isolated DC-DC power converters must
be used to process the DC power for the FBCs. The power balance theory is used in the
proposed CC, and only a capacitor Cf is used to be an energy buffer in the FBC, and an
independent power source or an isolated DC-DC power converter is removed. The AC
port voltage of the BLR (vb) in Figure 6b can be written as:

vb(t) =

⎧⎪⎪⎪⎪⎨⎪⎪⎪⎪⎩
VCd1, θ2 ≤ ωt ≤ π − θ2
Vbat, θ1 ≤ ωt ≤ θ2, (π − θ2) ≤ ωt ≤ (π − θ1),
0, 0 ≤ ωt ≤ θ1, π − θ1 ≤ ωt ≤ π + θ1, 2π − θ1 ≤ ωt ≤ 2π
−Vbat, π + θ1 ≤ ωt ≤ π + θ2, 2π − θ2 ≤ ωt ≤ 2π − θ1
−VCd1, π + θ2 ≤ ωt ≤ 2π − θ2

(5)

where

θ1 = sin−1
(

Vbat
VAC

)
(6)

θ2 = sin−1
(

VCd1
VAC

)
(7)

and VAC is the amplitude of the utility voltage. The Fourier series for the AC port voltage
of the BLR can be expressed as:

Vb(t) = Vb0 +
∞

∑
n=1

Vbn sin(nωt + ϕn) (8)

where Vb0 is the average value, and it is 0. Vbn is the amplitude of the n-th harmonic, which is

Vbn =
4

nπ
(Vbat(cos(nθ1)− cos(nθ2)) + VCd1 cos(nθ2)), n = 1, 3, 5, · · · (9)

The utility voltage is written as:

vac(t) = VAC sin(ωt) (10)
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If the input current of the CC is controlled to be sinusoidal and the power factor is
unity, it is written as:

ii(t) = Ii sin(ωt) (11)

The input real power for the CC is written as:

Pi =
1
2

VAC Ii (12)

The input real power for the BLR is derived as:

Pb =
4Ii
π

[Vbat(cos(θ1)− cos(θ2)) + VCd1 cos(θ2)] (13)

The input real power for the CC is the sum of the input real powers for the BLR and
the FBC, which is:

Pi = Pf + Pb (14)

As can be seen in (13), the voltage of the battery set cannot be controlled; hence, the
input real power of the BLR is controlled by the input voltage of the buck converter, VCd1.
When the input real power for the BLR is rendered equal to the input real power of the CC
by adjusting the input voltage of the buck converter, no real power is injected into the FBC.
Therefore, an isolated DC-DC power converter is not required to convert the real power
from the FBC to charge the battery set. If the DC port voltage of the FBC is less than its
set value, the input voltage of the buck converter must be reduced so that the input real
power for the BLR is less than that for the CC. At this time, the input real power for the
FBC is positive and is used to charge the capacitor Cf. If the DC port voltage of the FBC is
greater than its set value, the input voltage of the buck converter must be increased so that
the input real power for the BLR is greater than that for the CC. Therefore, the input real
power for the FBC has a negative value, and the capacitor Cf is discharged.

6. Control Block

Figure 8 shows the control block of the DIBC. The selector switch is controlled by
comparing the absolute value of the utility voltage with the voltage of the battery set and
the dc port voltage of the FBC. When the absolute value of the utility voltage is between
the dc port voltage of the FBC and the input voltage of the buck converter, a control signal
is generated to turn Sd1 on.

Figure 8. Control block of the proposed DIBC.

The buck converter performs two functions. The first function is a power balance
control to control the input voltage such that the input real power of the BLR is equal to
the input real power of the CC. The output from the buck converter is connected to the
battery set, so the output voltage of the buck converter cannot be controlled. The duty of
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Sd2 is used to control the input voltage. The second function is DAF, which filters out the
low-frequency ripple of the charging current for the battery set by controlling the output
current of the buck converter.

In order to control the power balance, the DC port voltage of FBC must be regulated.
The DC port voltage of the FBC is detected and compared with the set voltage I, and then
the compared result is sent to the PI controller I. A feedforward value is added to the output
of PI controller I. This sum is the set value for the input voltage of the buck converter. The
feedforward value is four times that of the set voltage I. The input voltage of the buck
converter is detected and compared with its set value, and then the compared result is sent
to PI controller II. The output of PI controller II is the power balance control signal. Because
two PI controllers form a dual-loop to control the DC port voltage of the FBC and the input
voltage of the buck converter, the bandwidth of two control loops must be designed to
differ at least four times to avoid oscillation. Since the set value for the input voltage of
the buck converter is mainly determined by the feedforward value, the PI controller I only
makes fine adjustments. Therefore, the response speed of the PI controller I is designed to
be slower. For controlling the input current of CC to be sinusoidal, the level voltages for
the AC port of the CC should overlap slightly. Considering the fluctuation of the battery
set voltage, the set voltage I is slightly higher than one-fifth of the DC port voltage of the
conventional PFC circuit to ensure level voltage overlap for the AC port of the CC.

In order to realize the function of DAF, the charging current of the battery set is
calculated. As seen in Figure 2, the charging current of the battery set is the sum of the
inductor current iLd1 of the buck converter and the current iSd1 of selection switch Sd1.
The inductor current iLd1 is measured directly using a current detector. The current iSd1 is
calculated by multiplying the absolute value of the input current for the CC by the control
signal Sd1. The inductor current iLd1 is added to the current iSd1 to calculate the charging
current of the battery set. The calculated charging current of the battery set is sent to a filter
set to extract the low-frequency components. The filter set includes band-pass filters for
120 Hz, 240 Hz, and 360 Hz and a high-pass filter. The gains of the band-pass filters and the
high-pass filter are assigned, respectively, to determine the attenuation rate for each ripple
component of the charging current. Since the magnitude of the low-frequency components
of the charging current is inversely proportional to their frequency, the gains for the 120 Hz,
240 Hz, and 360 Hz band-pass filter and the high-pass filter also decrease sequentially. The
output of the filter set is the DAF control signal. The current reference signal is obtained by
adding the power balance control signal and the DAF control signal. The current reference
signal is compared with the detected inductor current iLd1, and the compared result is
sent to an amplifier. The output of the amplifier is sent to a PWM module to generate the
control signal of Sd2.

Figure 9 shows the control block of the CC. The control target of the CC is the input
current. The detected utility voltage is sent to a sine-wave generator to generate a sine-wave
signal with a unit amplitude that is in phase with the utility voltage. The sine-wave signal
is multiplied by an amplitude signal to give the current reference signal. The amplitude
signal is controlled by a constant current/constant voltage (CC/CV) charging strategy for
the battery set. The battery set is charged in the CC mode, and then it is charged in the CV
mode while the battery voltage reaches the floating charging voltage. The input current of
the CC is detected and compared with its reference signal, and the compared result is sent
to the current controller. The output of the current controller is added to a feedforward
signal to give a modulation signal. The feedforward signal (vff) is written as:

v f f =

(
vac − vb

VC f

)
Vtri (15)

where Vtri is the amplitude of the carrier signal for the PWM module. The modulation
signal is sent to the PWM module. The PWM module uses unipolar PWM technology to
generate the control signals of Sf1–Sf4 for the FBC. The absolute value of the utility voltage
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is compared with the DC port voltage of the FBC, and the compared result is used to
generate the control signals for Sb1 and Sb2 for the BLR.

Figure 9. Control block of the CC.

7. Experimental Results

To verify the performance of the proposed CADPCI, an 800 W prototype was devel-
oped. Figure 10 shows the photo of the prototype. The circuit parameters of the prototype
are shown in Table 1. The CADPCI is connected to a single-phase utility of 110 V and
60 Hz, and six batteries are connected in series to form the battery set. Considering the
level voltage overlap for the AC port of the CC, the set voltage I for the DC port voltage of
the FBC is 43 V.

Figure 10. Photo of the prototype: (a) power supply; (b) digital signal processor board; (c) phase-lock
loop board; (d) current-detection board; (e) voltage-detection board; (f) driver board; (g) power
circuit board.

351



Electronics 2023, 12, 1192

Table 1. Circuit parameters of prototype.

CC

Inductor L 0.5 mH Switching frequency 20 kHz

Capacitor Cf 2200 μF

DIBP

Inductor Ld1 0.3 mH Switching frequency 20 kHz

Capacitor Cd1 2200 μF Capacitor Cd2, Cd3 14.1 μF

Inductor Ld2 0.3 mH Resistor Rd 8 Ω

Figure 11 shows the experimental results for the AC side of the CC in the steady
state. Figure 11a,b show that the AC port voltage of the CC is an 11-level voltage and
is synchronized with the utility voltage. Figure 11b,c show that the input current of the
CC is a sine-wave current that is in phase with the utility voltage, so the power factor
is close to unity. Figure 12 shows the voltage waveform and frequency spectrum for the
AC port voltage of the CC. The dominant harmonics for the AC port voltage of the CC
appear at around 40 kHz, which is twice the switching frequency of the FBC. The AC port
voltage of the CC is an 11-level voltage, so the amplitude of the dominant harmonics is
very small. Therefore, the filter inductor in the prototype is very small. Figure 13 shows
the total harmonic distortion (THD) of the input current of the CC. The THD of the input
current of the CC is only 3.7%. Figure 14 shows the power factor of the CC. The power
factor of the CC is close to unity.

Figure 11. Experimental results for the AC side of the CC: (a) AC port voltage of CC; (b) utility
voltage; (c) input current.

Figure 12. Voltage waveform and frequency spectrum for the AC port voltage of the CC: (a) voltage
waveform; (b) frequency spectrum.
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Figure 13. THD of the input current of the CC.

Figure 14. Power factor of the CC.

Figure 15 shows the experimental results for the voltages at the AC side of the CC.
Sb1 and Sb2 are switched synchronously with the utility voltage, so the AC port voltage
of the BDR, which is shown in Figure 15c, is a five-level step-wave voltage. The control
for the FBC uses unipolar PWM. Figure 15b shows that the FBC generates a three-level
high-frequency pulse voltage. The AC port voltage of the CC is the summation of the AC
port voltages of the BLR and the FBC, so an 11-level AC voltage is generated, as shown
in Figure 15a.

Figure 16 shows the experimental results for the DC side of the CC. The DC port
voltage of the FBC is stabilized at about 43 V, and the input voltage of the buck converter
is regulated at about 150 V. Therefore, it verifies that the DC port of the FBC only needs a
capacitor to act as an energy buffer to stabilize the voltage, which can eliminate the need
for an isolated DC-DC power converter.
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Figure 15. Experimental results for the voltage at the AC side of the CC: (a) AC port voltage of CC;
(b) AC port voltage of FBC; (c) AC port voltage of BLR.

Figure 16. Experimental results for the DC side of the CC: (a) DC port voltage of FBC; (b) input
voltage of the buck converter.

Figures 17 and 18 show the experimental results for the DIBC with and without the
function of DAF. As can be seen in Figures 17c and 18c, it verifies that the DIBC, with the
function of DAF, can effectively suppress the low-frequency ripple of the charging current
for the battery set. Figure 19 shows the power efficiency of the CADPCI under the different
output voltages. The higher the input voltage is, the higher the power efficiency will be.
The maximum power efficiency of CADPCI is 96.68%.

Figure 17. Experimental results for the proposed DIBC with the function of DAF: (a) voltage of the
battery set; (b) inductor Ld1 current; (c) charging current of the battery set.
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Figure 18. Experimental results for the proposed DIBC without the function of DAF: (a) voltage of
the battery set; (b) inductor Ld1 current; (c) charging current of the battery set.

Figure 19. Power efficiency of the CADPCI under different battery voltages.

According to the experimental results, the merits of the prototype are summarized
in Table 2.

Table 2. Merits of the proposed CADPCI of prototype.

AC Port Voltage 11-Level

dominant harmonics for the AC port voltage double the switching frequency

power factor close to unity

THD less than 5%

low-frequency ripple of charging current small

Maximum power efficiency 96.68%

8. Conclusions

An AC-DC power conversion interface with a stable and controllable DC voltage/current
and unity power factor correction is expected to improve the power quality of electronic
equipment and the performance of a battery set. A CADPCI is proposed to convert AC
power from the utility into stable DC power to charge a battery set.

The experimental results show that the CC generates an 11-level voltage at the AC
port and performs unity power factor correction. The dominant harmonics of the AC port
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voltage for the CC occur at around 40 kHz, and the amplitude is very small due to eleven
voltage levels. The DC port of the FBC only needs a capacitor to stabilize the voltage, so
there is no need for an isolated DC-DC power converter. The DIBC can effectively suppress
the low-frequency ripple of the charging current for the battery set.

The proposed CADPCI has the advantages of higher power efficiency, the lower capacity
of the passive filter, and the EMI. Hence, the proposed CADPCI is suitable for charging the
battery of electric vehicles, robots, and home-based battery energy storage systems.
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Abstract: Welding technology is a key aspect of the manufacturing industry. With the application
of aluminum alloy expanding to more applications, the demand for advanced welding technology
for aluminum alloy is constantly increasing. The aluminum alloy welding process requires a multi-
output welding power supply to improve aluminum alloy welding quality. In this paper, we design
a novel type of multi-output converter that outputs dual DC or single AC according to different
welding process requirements and analyze its working principles in detail. Considering the influence
of load current variation on the circuit’s performance, we established small-signal models of the DC
and AC working modes and large-signal models of the system. Based on these models, we designed a
control algorithm for the proposed multi-electrode arc welding power supply. Finally, we constructed
an experimental prototype and demonstrated the feasibility of the control strategy. Based on the
welding power supply designed in this paper, the welding process control of aluminum alloy can be
more accurate, resulting in better welding quality.

Keywords: large-signal; small-signal; welding power supply; control strategy

1. Introduction

Welding constitutes a significant manufacturing process in modern industry. Alu-
minum or magnesium alloys are commonly used in the industrial production of the aviation
and aerospace fields due to their high specific modulus and strength, strong corrosion
resistance, and other advantages. However, oxidation of the aluminum alloy leads to
the formation of a dense oxide film, which has a higher melting point and faster heat
dissipation than the aluminum alloy. This results in faster heat input and dissipation of the
substrate during welding and leads to defects such as pores or deformation in the weld
beam [1]. To reduce these weld defects, researchers proposed to weld the aluminum alloy
by multi-electrode arc welding, where more than two electrodes are utilized to generate
welding current and the output current of one electrode is used to clear the oxide film.
After clearing the oxide film, the substrate is preheated to ensure that it can be quickly
melted during welding. Simultaneously, the output current of the other electrode is used to
melt the welding wire, whose droplets deposit onto the weld, forming a complete weld or
accumulation layer [2].

Multi-electrode arc welding technology requires a multi-electrode arc welding power
supply that has more than two current outputs. The power supply can adjust the output
current in real-time according to the requirements of the welding process. The output
current can be AC or DC, constant current or pulse current. Therefore, the power supply
must have a rapid response speed for the welding power system to meet different welding
process requirements [3–6].

There are many combinations of current multi-electrode welding processes, such as
tandem welding, dual tungsten argon arc welding, bypass electrode GTAW welding, dual
wire bypass coupled arc welding, arcing wire GTAW welding, and dual wire indirect
arc alternating bypass welding. These welding processes are composed of three or more

Electronics 2023, 12, 1800. https://doi.org/10.3390/electronics12081800 https://www.mdpi.com/journal/electronics358



Electronics 2023, 12, 1800

electrodes and DC or AC current. According to different process requirements, different
welding power sources are combined with different welding processes.

Currently, the multi-output arc welding power supply is composed of several individ-
ual power supply sections, where each power supply has the complete rectifier, inverter,
transformer, and output rectifier unit. It is crucial that the multi-electrode arc welding
power supply has several electrodes, and the electrodes should coordinate with each other.
In some welding processes, the output of multiple electrodes must be synchronized or
have a certain phase difference, but the current multi-electrode arc welding power supply
cannot meet those requirements. Therefore, it is necessary to develop the circuit of the
multi-electrode arc welding power supply and design the control strategy on this basis,
such as the transient response characteristics under the multi-electrode arc welding process.

The power supply for multi-electrode arc welding is a multi-output current power sys-
tem. Studies have been conducted on multi-output current power supplies, whereas there
has been extensive research performed on multi-output voltage power supplies. Therefore,
the power structure of the multi-output voltage power supply can be used as guidance to
design the multi-output current power supply. The architecture of the multi-output voltage
power source is shown in Figure 1, which is referred to as the intermediate bus type. The
power supply in this architecture has a high overall efficiency, and its volume and cost are
low. Thus, this architecture is a suitable multi-output power supply architecture.

ug im1

im2

imn

io1

io2

ion

+

_
uo1

+

_
uo2

+

_
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Figure 1. Intermediate bus power architecture.

The control strategy of the multi-electrode arc welding power supply is the most im-
portant aspect of realizing multi-electrode welding. During the welding process, according
to the welding process requirements, the current will be in a stable state or change rapidly at
a certain time. The current change can be sorted into large-signal process and small-signal
process according to different welding processes. In the large-signal process, the current
changes over a large range, whereas in the small-signal process, it is dynamically adjusted
within a small range. Therefore, the large- and small-signal modeling should be established
before the control strategy is designed.

There are numerous small-signal modeling methods and many control methods based
on the small-signal model. For example, the PID control method is based on the small-
signal model. Ang et al. [7] studied the small-signal model of the PID controller based on
the simulator for the DC-DC converter. This small-signal model describes the PID control
process, but the model is not combined with the converter. The large-scale application of
digital devices realizes the real-time tuning PID control method. On this basis, numerous
researchers studied the adaptive PID control method [8,9], which can adjust the required
duty cycle value in advance according to the established small-signal model. Based on the
adaptive adjustment, Cao et al. [10] proposed the delay feedback automatic adjustment PID
controller, which reduces the complexity of the control and shortens the PID controller’s
intervention and adjustment times. However, it is not suitable for large-scale adjustment.
To make the PID small-signal model suitable for large-scale regulation, Du et al. [11]
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proposed a PID controller based on the nonlinear small-signal model, which can complete
the adjustment of some large signals but increases the complexity of the control system.

Small-signal control can only maintain stability at a steady operating point; however,
the stability of the system under large-signal adjustment cannot be guaranteed, in which
case the traditional linearized state space method is no longer applicable [12–14]. Therefore,
it is necessary to establish a large signal model to determine the feasibility of the system.

Large-signal modeling methods are still under research. The traditional modeling
method uses nonlinear switches to establish the large-signal model of the system [15].
However, this method is not suitable for the large signal model under different working
conditions. The behavior description method is likewise used in large signal modeling.
In addition, these two models are mostly used in simulation research [16]. Liu et al. [17]
used the ideal transformer model to replace the switch to establish the large signal model;
however, such a model can only be established in CCM (continuous conduction mode)
mode. The traditional reduced-order simplified model substantially simplifies the system-
level simulation and retains some module characteristics, which has evident advantages
in simulation. However, this method cannot provide theoretical guidance to analyze the
system [18]. Therefore, it is necessary to establish a new type of large signal model to
describe the large signal change process in the welding process so as to apply the multi-
electrode arc welding power supply.

Current multi-output welding power supplies involve combining multiple sources for
different processes, using three or more electrodes with DC or AC current. This requires
numerous power sources, increasing cost and impacting production efficiency. There
is a need for a flexible, cost-effective multi-electrode power supply suitable for various
processes. A power supply meeting the combination requirement can be achieved through
multiple electrode combinations. Characterized by ease of use, affordability, and efficient
control, this power supply holds significant potential. Research on multi-electrode arc
welding power supplies is in its early stages, with no suitable method for the main circuit
and control strategy.

In this study, we designed a topological structure for a multi-electrode arc welding
power supply, dividing the current change process into large and small-signal change
processes. By establishing models and analyzing the converter’s working principle, we
designed a control method and constructed an experimental prototype. The resulting
power supply offers improved response time and cost-effectiveness compared to traditional
multi-output welding power supplies, increasing its applicability, response time, and cost-
effectiveness as compared to conventional multi-output welding power supplies, therefore
providing a viable option for broader applicability.

2. Topology of Multi-Output Arc Welding Power Supply

The multi-output arc welding power supply proposed in this study is shown in
Figure 2. ig1 and ig2 are the target current values controlled by the controller; io1 and io2 are
the actual values.

a
b
c

C +
Vdc

S S S Sio io

ig ,ig +

ierror

Figure 2. Topology of multi-electrode arc welding power supply.
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The converter includes a three-phase rectifier unit, a full-bridge inverter unit, a high-
frequency transformer, a rectifier unit, and a multi-channel output unit. The three-phase
rectifier unit converts the 380 VAC to 540 VDC, which is converted to a high-frequency
pulse with a frequency of 20 kHz after passing through the full-bridge inverter unit. The
turn ratio of the high-frequency transformer is 14:3. After passing through the transformer,
the voltage of the high-frequency pulse decreases and the current rises. After the output
rectifier unit, the voltage becomes 50 VDC. This voltage stays constant during welding and
is not affected by current output; hence, it can be omitted from the analysis in this study.

The multi-output unit is the most important component of the converter designed
in this study, as shown in Figure 3. S1–S4 are the IGBTs in the circuit; L1 and L2 are the
inductors for stable current in the circuit; R1 and R2 represent the welding arcs. In the
stable welding process, the welding current and voltage basically remain constant and only
change within a small range. I arc can be regarded as the resistance to analysis. IR1, IR2,
VR1, and VR2 are the welding currents and welding voltages, respectively.

The multi-output unit is composed of the buck chopper circuit, and according to the
different output, this circuit can be converted into a full-bridge inverter circuit. We use
different colors to represent different output patterns: In Figure 3a, the red and blue lines
represent two DC currents; in Figure 3b, the red and blue lines represent different current
directions in AC mode. Figure 4 illustrates the working principle of the IGBT in each mode,
and the color representation is the same as in Figure 3. The multi-output unit can output
dual DC or single AC, depending on the requirement.

Figure 3. Different work modes. (a) IGBTs switch in DC mode (b) Continuous Current in DC mode;
(c) IGBTs switch in AC forward mode (d) Continuous Current in AC forward mode; (e) IGBTs switch
in AC reverse mode (f) Continuous Current in AC reverse mode.
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Figure 4. Principle of converter. (a) Principle of DC mode, (b) Principle of AC mode.

In the welding process, an inductor is used in the converter to maintain a stable current,
and its operation mode is always CCM mode. Therefore, during the welding period, the
output current and voltage remain constant. In the analysis, the welding arc is regarded as
a resistance, whose magnitude changes slightly within a certain range.

As shown in Figure 4, S1, S2, S3, and S4 present the drive waveform of each IGBT. VR1
and VR2 are the voltages of the welding arc. IR1 and IR2 are the currents of the welding
arc. S2 and S4 are keep in turn off state. When S1 and S3 are switched on, the currents flow
through the IGBTs as shown in Figure 3a, and when S1 and S3 are switched off, the currents
flow through the internal diode in S2 and S4 as shown in Figure 3b. So, in DC mode, when
S1 and S3 are switched on and off, the DC voltage is chopped, inductors L1 and L2 are in
CCM mode, and the current through the resistance is DC current. This working principle is
shown in Figure 3a,b, and the specific waveform is shown in Figure 4a,b. In Figure 4a,b,
T1 = 50 μs, D1 and D2 are the duty cycles of the driving waveform of the IGBT. The duty
cycles are changed according to the setting current.

At time T0, S1 and S3 are switched off; the current on resistor R1 flows from Vo1+
through S1, L1, and R1 to Vo1−, and the current on resistor R2 flows from voltage Vo1+
through S2, L2, and R2 to Vo1−. At this time, inductors L1 and L2 store energy, and the
current continues to increase.

At time T1, S1 is switched on and S3 is switched off; the inductor L1 continues to store
energy, and the current on R1 continues to increase. Since S3 is off, L2 discharges to stop
current changes, and the current flowing through R2 decreases. At this time, the current
loop flowing through R2 passes through the internal reverse diodes of S4, R2, and L2.

At time T2, S1 and S3 are switched off. The energy stored in the inductor L1 starts
discharging, and the energy in the inductor L2 continues to discharge to maintain the
current flowing across the resistors R1 and R2. At this time, the current loop flowing
through R1 passes through the internal reverse diodes of S2, R1, and L1.

At time T3, S3 is switched on, S1 is switched off, inductor L2 is charged, and the current
flowing through resistor R2 starts to increase. At this point, the current across resistor R1
continues to decrease.
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At time T4, S1 and S3 are switched on, returning to time T0, as described above.
As shown in Figure 4b, S1, S2, S3, and S4 present the drive waveform of each IGBT. VR1

is the voltage of the welding arc. IR1 is the current of the welding arc. When the converter
is in AC mode, the welding power supply can output forward and reverse currents. In
the welding process, the frequency of AC current is generally 40~50 Hz. Therefore, in
AC mode, an AC cycle can be regarded as the combination of two DC modes, which are
the forward and reverse DC modes, respectively. Another difference with DC mode is
that when the S1 or S3 is switched on or off, the S2 or S4 are kept in the on or off state to
provide the circuit with continuous current. The specific working waveform is shown in
Figure 4b, where T2 is the cycle of AC welding and D3 and D4 are the forward and reverse
current duty cycles during AC welding, respectively. In contrast with the DC mode, in
the inductor discharge stage, assume that the loop controlled by S1 and S4 is the forward
current as shown in Figure 3c, and the loop controlled by S2 and S3 is the reverse current as
shown in Figure 3e. When the converter works in forward AC mode, S1 is switched on or
off. In this mode, S4 is kept in turn-on mode, while S2 and S3 are kept in turn off states,
and the continuous current can flow through S4 and the internal diode in S2 as shown in
Figure 3d. When the converter works in reverse AC mode, S3 is switched on or off. In
this mode, S2 is kept in turn-on mode, while S1 and S4 are kept in turn-off states, and the
continuous current can flow through S2 and the internal diode in S4 as shown in Figure 3f.
The discharge loop in the forward current is through L1, R1, L2, S4, and internal reverse
diodes in S2. The discharge circuit for the reverse current is through internal reverse diodes
of S4, R1, L1, S2, and L2.

At time T0, S1 and S4 are switched on simultaneously, and the current flows through
Vo1+, S1, R1, and S4 to Vo1−. During the AC forward period, S1 is switched off and on at a
frequency of 20 kHz, while S4 is always on. Therefore, this mode can be considered to be
the same as the DC mode, where one IGBT is used for chopping while the other switch in
the loop is always on.

At time T1, in AC mode, the current changes from forward to reverse, and S1 and S4
are switched off. Then, after a certain dead time, S2 and S3 are switched on. The current
flows through Vo1+, S3, R1, and S2 to Vo1−. In the AC reverse mode, S3 is switched off
and on at a frequency of 20 kHz, and S2 is consistently on. The mode in this case can be
regarded as the reverse DC mode.

At time T2, S2 and S3 are switched on, and S1 and S4 are switched off, as at time T0.
At this time, a complete AC cycle has been completed.

In AC mode, the dead time should be considered. For the converter in this paper,
there is no dead time in DC mode. In AC mode, there is dead time when the forward and
reverse currents are switched. In this paper, the difference with the full-bridge inverter is
that there is no secondary side of the transformer to provide a continuous flow circuit to
release the energy of the primary side when switching. Therefore, when the voltage on the
inductor and welding arc drops to the constant voltage, the internal diode of the opposite
IGBT would be turned off by a hard switch. Since the constant voltage is 50 V, the voltage
on the IGBT is relatively low, and the effect on the IGBT is small due to the protection of the
RC absorption circuit and the high voltage tolerance of the IGBT module. Due to inertia,
the change in the arc lags behind the change in the current, so when the current drops to
zero, the arc does not disappear.

3. Modeling

3.1. Small-Signal Modeling

There are numerous small-signal modeling methods, such as the state-space averaging
method [12], the time averaging method [13,14], and the description function method [15].
In this study, a small-signal model of a multi-electrode arc welding power source is es-
tablished based on the time averaging method. According to the time-average equivalent
circuit principle [14], the small-signal equivalent circuit of the multi-electrode arc welding
power supply can be obtained, as shown in Figure 5.
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Figure 5. Simplified model of converter.

Taking the output loop controlled by S1 as an example, the following switching states
can be obtained:

Switching state 1: S1 is switched on, diode D1 is switched off; the inductor L1 and
capacitor C1 are charged by the input power supply, and power is distributed to the load
R1. The inductor current iL1 rises linearly with slope e1. Let the state variable x = [iL1 va]T,
then the equation of state is: { ·

iL1 = −va/L1 + vi/L1·
va = iL1/C1 − va/(R1C1)

(1)

Switch state 2: switch S1 is switched off, diode D1 is switched on, inductor L1 dis-
charges to load R1 and capacitor C1, and inductor current iL1 linearly decreases with slope
−e2, then the state equation is: ⎧⎨⎩

·
iL1 = − 1

L1
va

·
va = − 1

R1C1
va

(2)

The rising slope e1 and falling slope e2 of inductor current are respectively:{
e1 = (vi − va)/L1
e2 = va/L1

(3)

Additionally, since the two groups of parallel chopper circuits have the same structure
and device parameters, the state equations of the control loop of S2 can be obtained as
follows: { ·

iL2 = −vb/L2 + vi/L2·
vb = iL2/C2 − vb/(R2C2)

(4)

⎧⎨⎩
·
iL2 = − 1

L2
vb

·
vb = − 1

R2C2
vb

(5)

The rising slope e3 and falling slope e4 of inductor current are, respectively:{
e3 = (vi − vb)/L2
e4 = vb/L2

(6)

According to the converter principle introduced in Figure 3, when the converter
outputs two DC currents, the current is controlled by regulating the duty cycle of the S1 and
S2 driving voltages. According to the different current values of IA and IB, the converter
can be divided into four states, as shown below:
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Thus, combining Figure 6 with Equations (1)–(6), letting the state variable x = [iL1 va
iL2 vb]T, the model of the converter in DC mode can be obtained by using the state space
average method:

·
x = Ax + Bvi (7)

Among them,

A =

⎡⎢⎢⎢⎣
0 − 1

L1
(1 − d1) 0 0

1
C1

d1 − 1
R1C1

0 0
0 0 0 − 1

L2
(1 − d2)

0 0 1
C2

d2 − 1
R2C2

⎤⎥⎥⎥⎦ (8)

B =
[

1
L1

d1 0 1
L2

d2 0
]T

(9)

When the converter outputs AC, the simplified model is shown as Figure 7,
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Figure 6. Switch status of S1 and S2 in DC mode. (a) ia = ib, S1 and S2 are switched on at the same
time, (b) ia �= ib, S1 and S2 are switched off at the same time.
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Figure 7. Simplified model.

By analyzing the working mode in the AC mode, the following switch states can
be obtained:
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Switching state 1: S1 and S2 are switched on, diode D1 is switched off, the inductor L1
and capacitor C1 are charged by the input power supply, and output power is sent to the
load R1. The inductor current iL1 rises linearly with slope e1. Let the state variable x = [iL1
va]T, then the equation of the state is:{ ·

iL1 = −va/(L1 + L2) + vi/(L1 + L2)·
va = iL1/C1 − va/(R1C1)

(10)

Switch state 2: S1 is switched off, diode D1 is switched on; inductor L1 discharges to
load R1 and capacitor C1, and inductor current iL1 decreases linearly with slope −e2, then
the state equation is as follows: ⎧⎨⎩

·
iL1 = − 1

L1+L2
va

·
va = − 1

R1C1
va

(11)

The rising slope e1 and falling slope e2 of the inductor current are:{
e1 = (vi − va)/(L1 + L2)
e2 = va/(L1 + L2)

(12)

In the AC state, the converter can be divided into four states, as shown below:
Therefore, combining Figure 8 and Equations (10)–(12), the state variable x = [iL1+ va+

iL1− va−]T, the state space averaging model of the converter in AC mode can be obtained
as follows: ·

x = Ax + Bvi
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Figure 8. Switch status in AC mode. (a) AC mode (+) switch status, (b) AC mode (−) switch status.

Among them:

A =

⎡⎢⎢⎢⎣
0 − 1

L1+L2
(1 − d1) 0 0

1
C1

d1 − 1
R1C1

0 0
0 0 0 − 1

L1+L2
(1 − d3)

0 0 1
C1

d3 − 1
R1C1

⎤⎥⎥⎥⎦ (13)
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B =
[

1
L1+L2

d1 0 1
L1+L2

d3 0
]T

(14)

Small-signal disturbances are applied to the state space average model as shown in
Equations (8), (9), (13) and (14), namely:⎧⎨⎩

iL1 = IL1 + ˆiL1, iL2 = IL2 + ˆiL2
va = Va + v̂a, vb = Vb + v̂b
d1 = D1 + d̂1, d2 = D2 + d̂2, d3 = D3 + d̂3, d4 = D4 + d̂4

(15)

In this form, IL1, IL2, Va, Vb, D1, D2, D3, and D4 are the steady values, and the “ˆ”
symbol variable is the small-signal disturbance.

Therefore, the expression of the small-signal model in the DC mode is as follows:⎧⎪⎪⎪⎨⎪⎪⎪⎩
îL1 = 1

sL1
[−(1 − D1)v̂a + (Va + Vi)d̂1 + D1v̂i]

v̂a =
1

sC1
(D1 îL1 + IL1d̂1 − îL1)

îL1 = 1
sL2

[−(1 − D2)v̂b + (Vb + Vi)d̂2 + D2v̂i]

v̂b = 1
sC2

(D2 îL2 + IL2d̂2 − îL2)

(16)

The expression of the small-signal model of the AC mode is as follows:⎧⎪⎪⎪⎪⎨⎪⎪⎪⎪⎩
îL+ = 1

s(L1+L2)
[−(1 − D1)v̂a+ + (Va+ + Vi)d̂1 + D1v̂i]

v̂a+ = 1
sC1

(D1 îL+ + IL+d̂1 − îL+)

îL− = 1
s(L1+L2)

[−(1 − D3)v̂a− + (Va− + Vi)d̂3 + D3v̂i]

v̂a− = 1
sC1

(D3 îL− + IL−d̂3 − îL−)

(17)

According to the small-signal model of the converter shown in Equations (16) and (17),
the small-signal model of the converter shown in Figure 9 can be obtained when the input
voltage disturbance is ignored.
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Figure 9. Small-signal model. (a) Small-signal model in DC mode (b) Small-signal model in AC mode.

After obtaining the transfer function of the equivalent circuit, the equivalent small-
signal block diagram of the converter can be determined, as shown in Figure 10. Herein,
G(s) is the transfer function between duty cycle D(s) and output Io(s), and E(s) is the
error transfer function between Io(s) and Ig. Gm(s) is the transfer function of the PWM
generator, H(s) is the transfer function of the sampling, and Gvd(S) is the transfer function
of the controller.

367



Electronics 2023, 12, 1800

SS

S

L

Vo

SR

H(s) GC(s) Gm(s)

Gvd(s)d

ig +

E(s) Ic(s)Io(s)

d(s)

G(s)

H(s)

+ E(s)R(s) C(s)

B(s)

Figure 10. Small-signal block diagram of the converter.

The final small-signal model is as follows:

GDC(s) = Gc(s)
Uo

d1

1

1 + s L1
R1

+ S2L1C1
(18)

GAC(s) = Gc(s)
Uo

d1

1

1 + s L1+L2
R1

+ S2(L1 + L2)C1
(19)

3.2. Large Signal Modeling

Since the small-signal working state is a response to the small-signal disturbance,
when the power supply output changes rapidly, it will be in the large-signal working
state, and a large-signal model is necessary to describe the transformation process of the
converter [18–20]. During the large-signal process, the welding current changes rapidly,
and the current control strategy must be fast and accurate to ensure that the current can be
adjusted to the given value. In this section, we establish a large signal model to describe
the working state of the converter in the large signal process. According to the small-signal
establishment process described in Section 3.1, the averaged global state space model can
be generally described as follows:{ ·

x = A(x, u)x + B(x, u)u
y = C(x, u)x + D(x, u)u

(20)

where x is the system state variable; U is the input variable; Y is the output variable; A, B,
C, and D are the system matrixes of the response. According to the working principle of
the converter mentioned above, the converter for welding processes is a non-linear system;
if using the same large-signal control strategy for all large current changes, the current
response time would be different. Therefore, the large-signal working phase should be
divided into n sub-phases.⎧⎪⎪⎨⎪⎪⎩

·
x =

n
∑

i=1
wi(Xi, Ui)[Ai(Xi, Ui)x + B(Xi, Ui)u]

y =
n
∑

i=1
wi(Xi, Ui)[Ci(Xi, Ui)x + D(Xi, Ui)u]

(21)

Among them, Xi and Ui are the state and input variables of the model, respectively;
Wi is the weight function corresponding to the local model, which can be a Gaussian
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function [21], a trigonometric function [22], an exponential function [23–25], etc., due to the
requirements. ⎧⎨⎩ 0 ≤ wi(Xi, Ui) ≤ 1

n
∑

i=1
wi(Xi, Ui) = 1 (22)

Because the output current range of the converter is large, an individual weight
function cannot cover the entire working range, so the global working area of the converter
is divided into three local working areas according to the actual working conditions of the
converter.

Thus, the large-signal model of each sub-phase is obtained, after which the weight
function is designed, finally yielding the global model. After the welding arc is generated,
the voltammetry characteristics of the current and voltage are specific. For example, in the
TIG welding process, the voltammetry characteristics are U = 10 + 0.04i. When the current
changes, the voltage changes along with it. As shown in Figure 11, the current is limited
to 300 A, and the work phase is divided into three segments, namely, 0–100, 101–200, and
201–300 A. Therefore, the benchmark operating points of the large signal are (14, 100), (18,
200), and (22, 300), respectively. In different working periods, the coefficients of the weight
function are different, and the function of the large signal changes accordingly.

I

U

U I

Figure 11. Region divided by large signal model.

Considering the complexity and accuracy, the Gaussian function is selected as the
weight function:

wi(x) =
μi(x)

r
∑

j=1
μj(x)

(23)

where

μi(x1, x2) =
3

∏
i=1

(
1 − 1/ exp[mi(xi − xi0 − b)]

1 + exp[mi(xi − xi0 − b)]
) (24)

where mi, xi0 and b are constant terms.
When the input voltage and load current changes are considered separately, the weight

function can be designed as follows:
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μi(ig) =
1−1/ exp[−mig (ig−ig0i−a)]

1+exp[mig (ig−ig0i−a)]

μj(iload) =
1−1/ exp[−miload

(iload−iload0j−b)]
1+exp[miload

(iload−iload0j−b)]

(25)

wherein

mig0 =
13

Δig0
; a =

Δig0

2
; miload0

=
13

Δiload0
; b =

Δiload0
2

(26)

Therefore, the large signal model of the converter can be approximated as:

Gvd(s) = w1(x)
Gvd01(1 + s/wz)

1 + s/wp1
+

3

∑
2
[wi(x)

1
1 + sL/R + s2LC

] (27)

4. Control Strategy Design

The above analysis shows the small-signal and large-signal models of the multi-output
power supply; based on these models, the adaptive control strategy of the converter system
can be constructed, as shown in Figure 12. After the load current is measured, we can
determine whether the power supply is in the small-signal or the large-signal work process.
If it is in the small-signal work process, then we adopt the small-signal control strategy. If it
is in the large-signal work process, different weight functions must be selected according to
the current value. The transfer function of the output to the control signal is as follows:

vctrl
io

=
n

∑
i=1

wi(Ig, iload)Gci(Ig, iload) (28)

According to Equation (28), the controller can be described as follows: when the
working conditions of the converter (Ig and iload) in a large range of current change, the
weight function would monitor the change of working state in real-time and be adaptive to
adjust the action of each local controller weight coefficient to ensure the system has good
global control performance of the work area and a good transient response.

Therefore, during the welding process, the method proposed in this paper can be
divided into large signal processing and small signal processing. The limitation of tradi-
tional PID control methods is that the PID adjusts using the same Kp and Ki parameters for
all current modulations, which results in inconsistent results for small and large currents.
Therefore, in this research, the current is divided into three ranges and combined with
different weight functions and PIDs in each range, thus the adjustment effect is consistent
in different current ranges. Based on the above theory, when the current is switched from
a small to a large value, the weight function will be switched first so that the current will
quickly rise to the required value.

Vg

 

Figure 12. Control strategy.
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5. Experimental Verification

To testify to the above theoretical analysis, an experimental prototype is built; the
experimental prototype is shown in Figure 13. The HMI for multi-electrode output is
designed, and the current and voltage can be set by the touch screen. STM32F407 is used as
the controller to output the PWM to control the multi-channel output unit. The load box is
used to simulate the arc, and the resistance of the load box ranges from 0.05 to 4 Ω. The bus
capacitor is placed behind the constant-voltage output unit to stabilize the voltage during
welding. A total of six 2200 uF electrolytic capacitors are used.

 
Figure 13. Experimental prototype.

In order to prevent the IGBT from being misdirected by dv/dt when the IGBT is turned
off, a reverse turn-off voltage is applied to the IGBT in the drive circuit. The IGBT drive
circuit designed in this paper has a +15 V/−8 V drive waveform, as shown in Figure 14.

 V

 
Figure 14. The drive waveform of IGBTs.

The rapid change of current will produce high voltage at both ends of the IGBT, so it is
necessary to set up a protection circuit to protect the IGBT and to choose IGBTs with a high
withstand voltage as well. In the circuit, the IGBT modules with a high withstand voltage
value of 1200 V are selected. Moreover, an RC circuit is connected in parallel with the drain
and source of the IGBT to absorb the peak voltage caused by the fast shutdown. The RC
absorption circuit in this paper has a resistance of 6.2 ohms and a capacitor of 10 nF.

Experiments are designed to verify the performance of the converter. First, the experi-
ment is conducted to check the current output of the converter in DC mode and AC mode.
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In DC mode, the converter could generate two current outputs of different values. In AC
mode, the converter could output the same forward and reverse currents. In addition, in AC
mode, the times for forward current and reverse current are 21 ms and 4 ms, respectively.

The small-signal model and the large-signal model are also testified to. To verify the
performance of the control strategy, the adjustment time could be observed and compared
with the traditional PID closed-loop control strategy.

The experimental waveform in steady state is shown in Figure 15a,b indicate that the
output current in DC or AC is relatively stable and the inductor is working in CCM mode. In
steady-state operation, the output current is stable, indicating satisfactory system stability.

Io

Io

 

Io

 
(a) (b) 

Figure 15. Steady state output waveform. (a) Dual DC currents (b) AC current.

In the working state of the small-signal process, the duty cycle change will not be
drastic. When the input voltage changes drastically, it can be quickly adjusted to the given
current. As shown in Figure 16, compared with the traditional control system with PI
regulation only, the current system changes steadily and adjusts quickly. During welding,
the stable current can keep the welding arc stable.

Io

Io

 

Figure 16. Small-signal control output waveform.

By observing the conversion between large current and small current, it can be seen
that the large-signal control strategy designed in this paper can realize fast adjustment. As
shown in Figure 17, only 187 us are taken when the current rises from 50 A to 250 A, and
only 245 us are taken when the current falls from 250 A to 50 A. The response time is short,
and the system has a small overshoot.
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Figure 17. Large current and small current response waveform. (a) Large current and small current
(b) Small current rises to large current (c) Large current drops to small current.

In the welding process, the large signal generally also appears when the current
changes significantly. Therefore, the current direction change in the AC state is the most
typical application scenario. As shown in Figure 18, compared with the traditional PID, the
current changes faster in the AC state, and a higher welding frequency can be achieved in
AC welding.

Figure 18. Large signal control output waveform in AC mode.

6. Conclusions

In this paper, based on the intermediate bus power architecture, we designed a con-
verter suitable for the multi-output arc welding power supply and introduced its topology.
Based on the designed topology, different IGBTs can be controlled to realize dual DC current
output or single AC current output. When two IGBTs are controlled to switch on or off, the
converter can generate dual DC current output. When an IGBT is controlled to switch on
or off or to stay in the on state, the converter can output AC current. The working principle
of the converter is analyzed in this paper and can be easily applied in a converter.

The small-signal model of the converter in DC and AC modes and the large-signal
model of the system are established. The small-signal model is based on the time-averaging
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method, while the large-signal model is based on geometric segmentation. Based on the
established small- and large-signal models, different current changes would be controlled
by different control strategies to realize the rapid current adjustment.

An experimental prototype was designed to verify the model we proposed. The results
showed that the converter designed in this study has good stability, and the control strategy
can rapidly respond and generate the output current compared with the traditional PID
control in both small-signal adjust and large-signal adjust, such that the welding current
and adjustment ability are significantly improved. Furthermore, the proposed converter
shows the availability of higher-frequency welding.

For future work, the research on multi-output power supplies for multi-electrode arc
welding will focus on improving the current response speed and current output synchro-
nization at high speeds to achieve higher AC current frequencies, as well as continuing to
advance the control method of multi-output power supplies.

Author Contributions: Conceptualization, S.C.; Methodology, Y.Y.; Validation, M.L.; Writing—original
draft, J.Z.; Funding acquisition, H.Z. All authors have read and agreed to the published version of
the manuscript.

Funding: This research was funded by the National Natural Science Foundation of China under
grant number 52205325.

Data Availability Statement: The data presented in this study are available in article.

Conflicts of Interest: The authors declare no conflict of interest.

References

1. Chen, S.; Feng, L.; Li, L.; Yin, S.; Zhang, S. Principle and parameter design of arc welding inverter using soft switching technique.
China Weld. 1998, 1, 63–70.

2. Chen, J.S.; Lu, Y.; Li, X.R.; Zhang, Y.M. Gas tungsten arc welding using an arcing wire. Weld. J. 2012, 91, 261–269.
3. Chen, S.J.; Zhang, L.; Wang, X.P.; Wang, J. Stability of the cross-arc process—A preliminary study. Weld. J. 2015, 94, 158–168.
4. Lee, D.Y.; Leifsson, L.; Kim, J.; Lee, S.H. Optimization of hybrid tandem metal active gas welding using Gaussian process

regression. Sci. Technol. Weld. Join. 2020, 25, 208–217. [CrossRef]
5. Zhang, Y.; Zhang, S.; Jiang, M.; Wu, L. Keyhole double-sided arc welding process. J. Mater. Sci. Technol. 2001, 17, 159–160.

[CrossRef]
6. Li, K.H.; Chen, J.S.; Zhang, Y. Double-electrode GMAW process and control. Weld. J. 2007, 86, 231.
7. Ang, K.H.; Chong, G.; Li, Y. PID control system analysis, design, and technology. IEEE Trans. Control Syst. Technol. 2005, 13,

559–576.
8. Arias, M.; Diaz, M.F.; Lamar, D.G.; Linera, F.M.; Sebastian, J. Small-signal and large-signal analysis of the two-transformer

asymmetrical half-bridge converter operating in continuous conduction mode. IEEE Trans. Power Electron. 2014, 29, 3547–3562.
[CrossRef]

9. Bahrami, H.; Sepehrian, H.; Park, C.S.; Rusch, L.A.; Shi, W. Time-domain large-signal modeling of traveling-wave modulators on
SOI. J. Light. Technol. 2016, 34, 2812–2823. [CrossRef]

10. Cao, S.G.; Rees, N.W.; Feng, G. Quadratic stability analysis and design of continuous-time fuzzy control systems. Int. J. Syst. Sci.
1996, 27, 193–203. [CrossRef]

11. Du, X.; Helaoui, M.; Jarndal, A.; Liu, T.; Hu, B.; Hu, X.; Ghannouchi, F.M. ANN-based large-signal model of AlGaN/GaN HEMTs
with accurate buffer-related trapping effects characterization. IEEE Trans. Microw. Theory Tech. 2020, 68, 3090–3099. [CrossRef]

12. Zurbriggen, I.G.; Ordonez, M.; Anun, M. PWM-geometric modeling and centric control of basic DC-DC topologies for sleek and
reliable large-signal response. IEEE Trans. Ind. Electron. 2015, 62, 2297–2308. [CrossRef]

13. Gregorcic, G.; Lightbody, G. Local model network identification with Gaussian processes. IEEE Trans. Neural Netw. 2007, 18,
1404–1423. [CrossRef]

14. Iqbal, M.T.; Maswood, A.I. An explicit discrete-time large- and small-signal modeling of the dual active bridge DC–DC converter
based on the time scale methodology. IEEE Trans. Emerg. Sel. Ind. Electron. 2021, 2, 545–555. [CrossRef]

15. Kapat, S.; Krein, P.T. A tutorial and review discussion of modulation, control and tuning of high-performance DC-DC converters
based on small-signal and large-signal approaches. IEEE Open. J. Power Electron. 2020, 1, 339–371. [CrossRef]

16. Li, C.; Du, Z. A novel method for computing small-signal stability boundaries of large-scale power systems. IEEE Trans. Power
Syst. 2013, 28, 877–883. [CrossRef]

17. Liu, S.; Zhou, L.; Lu, W. Simple analytical approach to predict large-signal stability region of a closed-loop boost DC–DC converter.
IET Power Electron. 2013, 6, 488–494. [CrossRef]

374



Electronics 2023, 12, 1800

18. Molinas, M.; Sun, J. Guest editorial: Special issue on power electronics and systems: Modeling, analysis, control, and stability.
IEEE J. Emerg. Sel. Top. Power Electron. 2017, 5, 1425–1426. [CrossRef]

19. Youssef, N.B.H.; Al-Haddad, K.; Kanaan, H.Y. Large-signal modeling and steady-state analysis of a 1.5-kW three-phase/
switch/level (Vienna) rectifier with experimental validation. IEEE Trans. Ind. Electron. 2008, 55, 1213–1224. [CrossRef]

20. Prasad, A.; Fager, C.; Thorsell, M.; Andersson, C.M.; Yhland, K. Symmetrical large-signal modeling of microwave switch FETs.
IEEE Trans. Microw. Theory Tech. 2014, 62, 1590–1598. [CrossRef]

21. Takagi, T.; Sugeno, M. Fuzzy identification of systems and its applications to modeling and control. IEEE Trans. Syst. Man Cybern.
1985, 15, 116–132. [CrossRef]

22. Wang, P.; Chen, X.; Tong, C.; Jia, P.; Wen, C. Large- and small-signal average-value modeling of dual-active-bridge DC–DC
converter with triple-phase-shift control. IEEE Trans. Power Electron. 2021, 36, 9237–9250. [CrossRef]

23. Zhang, K.; Shan, Z.; Jatskevich, J. Large- and small-signal average-value modeling of dual-active-bridge DC–DC converter
considering power losses. IEEE Trans. Power Electron. 2017, 32, 1964–1974. [CrossRef]

24. Khan, S.; Rahman, K.; Tariq, M.; Hameed, S.; Alamri, B.; Babu, T.S. Solid-State Transformers: Fundamentals, Topologies,
Applications, and Future Challenges. Sustainability 2022, 14, 319. [CrossRef]

25. Iqbal, M.T.; Maswood, A.I.; Tariq, M.; Iqbal, A.; Verma, V.; Urooj, S. A Detailed Full-Order Discrete-Time Modeling and Stability
Prediction of the Single-Phase Dual Active Bridge DC-DC Converter. IEEE Access 2022, 10, 31868–31884. [CrossRef]

Disclaimer/Publisher’s Note: The statements, opinions and data contained in all publications are solely those of the individual
author(s) and contributor(s) and not of MDPI and/or the editor(s). MDPI and/or the editor(s) disclaim responsibility for any injury to
people or property resulting from any ideas, methods, instructions or products referred to in the content.

375



Citation: Montenegro-Oviedo, J.A.;

Ramos-Paja, C.A.; Orozco-Gutierrez,

M.L.; Franco-Mejía, E.; Serna-Garcés,

S.I. Experimental Design of an

Adaptive LQG Controller for Battery

Charger/Dischargers Featuring Low

Computational Requirements. World

Electr. Veh. J. 2023, 14, 142. https://

doi.org/10.3390/wevj14060142

Academic Editor: Joeri Van Mierlo

Received: 29 April 2023

Revised: 25 May 2023

Accepted: 26 May 2023

Published: 28 May 2023

Copyright: © 2023 by the authors.

Licensee MDPI, Basel, Switzerland.

This article is an open access article

distributed under the terms and

conditions of the Creative Commons

Attribution (CC BY) license (https://

creativecommons.org/licenses/by/

4.0/).

Article

Experimental Design of an Adaptive LQG Controller for
Battery Charger/Dischargers Featuring Low
Computational Requirements

Jhoan Alejandro Montenegro-Oviedo 1, Carlos Andres Ramos-Paja 2, Martha Lucia Orozco-Gutierrez 1,*,

Edinson Franco-Mejía 1 and Sergio Ignacio Serna-Garcés 3

1 Escuela de Ingeniería Eléctrica y Electrónica, Universidad del Valle, Cali 760042, Colombia;
alejandro.montenegro@correounivalle.edu.co (J.A.M.-O.); edinson.franco@correounivalle.edu.co (E.F.-M.)

2 Facultad de Minas, Universidad Nacional de Colombia, Medellin 050041, Colombia; caramosp@unal.edu.co
3 Departamento de Electrónica y Telecomunicaciones, Instituto Tecnológico Metropolitano,

Medellin 050013, Colombia; sergioserna@itm.edu.co
* Correspondence: martha.orozco@correounivalle.edu.co

Abstract: The growing use of DC/DC power converters has resulted in the requirement that their
complex controllers be cheaper and smaller, thus using cost-effective implementations. For this
purpose, it is necessary to decrease the computational burden in controller implementation to
minimize the hardware requirements. This manuscript presents two methods for tuning an adaptive
linear–quadratic–Gaussian voltage controller for a battery charger/discharger, implemented with a
Sepic/Zeta converter, to work at any operating point. The first method is based on a lookup table to
select, using the nearest method, both the state feedback vector and the observer gain vector, solving
the Riccati’s differential equation offline for each practical operating point. The second method defines
a polynomial function for each controller element that is based on the previous data corresponding to
the system operating points. The adaptability of the two controllers to fixed voltage regulation and
reference tracking was validated using simulations and experimental tests. The overshoot and settling
time results were lower than 11% and 3.7 ms, which are in the same orders of magnitude of a control
approach in which the equations are solved online. Likewise, three indices were evaluated: central
processing unit capacity, cost, and performance. This evaluation confirms that the controller based
on polynomial interpolation is the best option of the two examined methods due to the satisfactory
balance between dynamic performance and cost. Despite the advantages of the controllers in being
based on a lookup table and polynomial interpolation, the adaptive linear–quadratic–Gaussian has
the benefit of not requiring an offline training campaign; however, the cost saving obtained with the
lookup table controllers and polynomial interpolation controllers, due to the possible implementation
on small-size microcontrollers with development tool simple and easy maintenance, will surely be
desirable for a large number of deployed units, ensuring that those solutions are highly cost-effective.

Keywords: adaptive controller; battery charger/discharger; Sepic/Zeta converter; DC bus regulation;
cost-effective; comparison of performance

1. Introduction

Power processing is the most critical activity in electric and electronic systems, and one
device most used for this purpose is the DC/DC power converter. Power converters are
used to drive DC sources, storage devices, and loads. Moreover, power converters require
a controller for safely performing power processing tasks. Due to the wide range of con-
trollers reported in the literature, evaluating functional and non-functional characteristics
to choose the most suitable one for an industrial system is of significant relevance [1].

It is crucial to have performance criteria for controllers because they provide an ob-
jective way to assess the quality of their work. The evaluation criteria for DC/DC power
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converter controllers include factors such as precision of voltage regulation, system sta-
bility, efficiency, load-carrying capacity, and dynamic response [2–5]. They can also have
advanced features such as overcurrent and overvoltage protection to ensure safe and reliable
system operation. Moreover, some non-functional characteristics such as size, cost, and
computational burden should be considered.

The viability of implementing a solution in control theory is a problem that can be
solved if an algorithm with moderate computational requirements exists [6]. The moderate
computational requirements mean that the computational resources (fundamentally pro-
cessor and memory) that need to solve the problem are within the acceptable costs. Being
inside these limits facilitates implementation and helps in reaching the system performance
specifications [7]. The acronyms used here are summarized in Table 1.

Table 1. Acronyms.

Acronyms Significance

LQG linear–quadratic–Gaussian
MPC model predictive control
DSP digital signal processor
LQR linear quadratic regulator
LQI linear quadratic integral
PID proportional–integral–derivative

RMSE root mean square error
ADCs analog-to-digital converters
MIPS millions of instructions per second

The high complexity of the current systems requires the development of advanced
control strategies to achieve the performance demanded by the application. These con-
trol strategies, in turn, require devices with high power processing, thus raising energy
consumption and increasing the heat dissipation and costs. In order to develop cheaper
solutions, with small and efficient implementations, it is necessary to reduce the com-
putational burden of the control strategies without significantly impacting the response
accuracy; for this, it is useful to simplify the models to reduce the number of differential
equations, replace some dynamic equations with lookup tables, linearize some nonlinear
relations, or eliminate redundant calculations. In the particular case of power converter
control, strategies frequently used, apart from classical proportional–integral–derivative
(PID) topologies, are model predictive control (MPC), robust control, and adaptive control,
whose implementations are generally complex and produce a significant computational
burden. Some works found in reviews of the state of the art implement those controllers,
but there are few reported attempts to reduce the computational burden.

For example, in [8], the computational burden of a conventional finite control set MPC
applied to a T-type 3P-3L (three-phase three-level) converter is reduced by implementing
three improvements: a better optimization method to determine the vector for current
tracking without vector enumeration; an algorithm for capacitor charge balance with the
aim of obtaining the vector for neutral point potential balance, thus eliminating weight
factor; and, finally, introducing a hybrid vector output mode to give full consideration to
current tracking and neutral point potential balance. With these changes in the algorithm,
it an improvement factor of 1.6 was achieved in the execution time of the implementation
with C-language on the DSP TMS320F28335. However, although the system performance
is improved in the solution, the complexity and processor requirements are high. In [9],
the authors implemented a finite control set MPC variant, named fast MPC, applied to
a multilevel inverter in a photovoltaic system. In this work, the change in the algorithm
avoids testing all possible states of the multilevel converter and evaluate a cost function,
reducing the six-factor computation time without effecting the dynamic response (the
controller was implemented on a TMS320F28335 DSP). However, the finite control set MPC
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proposed in that work still executes complex operations, such as Lagrange extrapolation,
that still overload the processor.

A method that has recently had a huge boom is deterministic artificial intelligence,
which has shown tremendous improvement of performance in systems control compared to
nonlinear adaptive methods. For example, some works present the control of the DC motor
or the actuator of an unmanned underwater vehicle, where it is evident that the performance
improvements are not due to the coefficient estimation but to the modeling methods [10]
and the discretization [11–14]. This is why the deterministic artificial intelligence method
is highly recommended for applications that require high levels of accuracy, consistency,
and precision, such as in power electronics, although in the reviewed works, the controller
does not directly control the DC motor driver, namely the power converter. However, these
works do not report performance metrics related to computational burden.

A sliding mode controller that requires a processor with high performance is presented
in [15]. The strategy consists of an adaptive-gain/super twisting sliding mode controller
applied to two electro-pneumatic actuators, which is a slow system. This work does not
evaluate the computational complexity; however, it requires a DS1104 board from DSpace
to implement the control law, which is a costly device. Other works show some practical
applications utilizing bidirectional buck–boost converters: a high-gain sliding controller in
a supercapacitor in [16], a sliding-mode controller of the electro-mechanical actuator current
of an aircraft powered by a supercapacitor in [17], and in [18–23], a current sliding-mode
controller accompanied by supervisory control that carries the charge state of the battery, its
charge/discharge current, the regulation of the high-voltage side, or maximizes generator
current. These works highlight the advantages of these nonlinear controllers, but they do
not feature their requirements for hardware, lower [19] when implemented using an M4
processor, nor their computational burden.

A methodology for combined design of controllers, both adaptive and linear quadratic
regulator (LQR), is presented in [24]. The adaptive controller portion deals with the un-
known dynamics of the plant. At the same time, the LQR control, based on a Kalman filter,
is used to minimize the effects of the external disturbances. Unfortunately, this work only
shows simulations without experimental validation, and there are neither simplifications
nor strategies that could decrease the computational burden. Similarly, proposed in [25]
is a combination of adaptive and LQR control for a grid-connected inverter. The current
control is frequency-adaptive, while the optimal LQR selects desirable gains for the full-state
feedback controller and full-state observer. However, the computational burden of the
implementation is high, requiring a DSP TMS320F28335 with a sampling period of 100 μs,
which is after decreasing the computational requirements by designing a discrete-time
observer in the stationary reference frame.

A useful strategy to significantly reduce the computational burden is to perform any
optimization process offline; this is, for example, defining the controller adjustments in
several operation points before the dynamic behavior takes it there. Therefore, when the
system evolves to one of those operations points, the controller parameters must be selected
from a table and not dynamically calculated. This solution is reported in some practical
cases. For example, the use of a lookup table for power converter control is reported in [26];
this work proposes two new lookup table methods for a three-level AC/DC converter
supplied from the grid. The first method improves the nonlinear direct power control
by rotating the orientation of the coordinates; the second method is an improvement of
the first in which a new optimal division of the current error plane is introduced, which
allows for better voltage vector assignment. Another example is reported in [27], which
proposes a direct power control strategy using a switching table that can simultaneously
control both active and reactive power in an electrical grid. It uses an extended p-q theory
better suited for unbalanced grid voltages than the original p-q theory. The extended p-q
theory is combined with voltage-oriented control to mitigate the influence of grid voltage
unbalances. Nevertheless, the disadvantages of direct power control are evident: small
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scalability, requirement for high synchronization, does not work well with interference,
and limited range [28,29].

Adaptive lookup table-based variable on-time control is proposed in [30] for critical
mode boost power factor corrector converters, which combines the advantages of both the
conventional lookup table method and the real-time calculation method. The paper realizes
the adaptability of proposed control within the universal AC input, and the entire load
range through a simple linear calculation. Furthermore, the proposed controller reduces
the required memory space for variable on-time tables and significantly shortens the
computation time, leading to low system cost.

In general, the parameters of PID controllers for nonlinear industrial systems are
dynamically tuned using lookup tables. A method based on a cost function to tune the
lookup table parameters used in gain-scheduled PID control is proposed in [31], where the
L2 norm is adopted to prevent overlearning. This strategy allows the controller to work at
any operation point.

Presented in [32] is a lookup table of maximun power point tracking (MPPT) algorithm
for boost converters in photovoltaic systems, which has lower accuracy than a perturbed
and observer (P&O) algorithm but a better response to sudden changes in temperature or
irradiance. Instead, the works reported in [33,34] describe a digital PID for regulating the
voltage on class E buck–boost converter and buck converter, respectively. The compen-
sator is based on a lookup table and implemented with multi-phase digital pulsewidth
modulation.

Lookup tables are also used in MPC implementations. For example, ref. [35] pro-
poses an offline optimization and online lookup table for a two-layer model predictive
control to reduce the computational burden. The work examines the properties of compu-
tation complexity, steady-state operation, and robustness of the proposed strategy through
detailed simulations.

Although the works reported in [26–35] use controllers based on a lookup table, none
is applied on an adaptive LQR controller nor for a Sepic/Zeta converter-like charger/
discharger battery.

A longitudinal movement/optimal controller for heavy-duty vehicles is solved offline
in [36] using a mixed integer quadratic program. Then, if the position is known, those trajec-
tories can be used as lookup tables to find the reference for both velocity and freewheeling.
However, this solution does not directly act on the actuators in the vehicle, limiting its
accuracy. Another work that does not involve the actuator was reported [37], in which an
adaptive lookup table algorithm is introduced that can accurately and automatically update
the static table of an air compressor system. The algorithm has better dynamic performance,
such as shorter regulating time and lower overshoot in comparison with the traditional
control method (PI + static feedforward strategy).

Presented in this paper are similar strategies to reduce the computational burden
of complex controllers applied to battery charger/dischargers. In particular, this works
focuses on the battery charger/discharger discussed in [38], which is based on a Sepic/Zeta
converter interfacing a battery with the DC bus of a microgrid. The implementation consists
of a linear–quadratic–Gaussian (LQG) controller designed to adapt to any operation, with
the aim of regulating the DC bus voltage to ensure safe microgrid operation. This controller
uses an adaptive law to adjust the controller parameters depending on the operating point;
it also requires a full-state observer to reduce the number of sensors, thus reducing the cost.
The implementation reported in [38] has a high computational burden due to the online
calculation of both the adaptive part and the observer in which a DSP TMS320F28379D is
required for experimental deployment.

Therefore, this work proposes using an offline process to calculate the adaptive con-
troller described in [38], thus preserving the required operation range. Two methods were
designed to calculate the state matrix, calculate the input matrix, and to solve the Ricatti
differential equations: the lookup table method and the polynomial interpolation method.
The first method requires calculating the matrices, solving the Ricatti equation once for
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each operating point, and storing the controller parameters in a lookup table. The second
method defines a polynomial function representing the changes in the state feedback vector
and the observer gain vector. The polynomial degree is defined to achieve a significantly
small root mean square error. Both solutions are evaluated using numerical metrics, cir-
cuital simulations, and experimental implementations. Moreover, the performance/cost
balance is also analyzed and contrasted with the original implementation reported in [38],
which provides a selection guide depending on the charger/discharger requirements in
terms of dynamic performance and implementation cost.

This manuscript is divided into five parts: Section 2 presents the power stage and the
mathematical model; Section 3 presents the design of the adaptive LQG voltage controller,
describing the controller processing using both the lookup table and the polynomial interpo-
lation methods. Section 4 presents a design example and simulation results, and Section 5
reports the experimental validation, comparison, and discussion of the two solutions.
Finally, the conclusions of the work are reported in Section 6.

2. Modeling of the Power Stage

The battery charger/discharger based on a bidirectional Sepic/Zeta converter is shown
in Figure 1. This charger/discharger circuit is discussed in [38], where deep circuit and
mathematical analyses are provided. The variables used for the circuit analysis are summa-
rized in Table 2.

Table 2. Variables.

Variable Significance

io Output current, DC bus current of a microgrid
vdc Output voltage, DC bus voltage of a microgrid

vdcre f
Desired DC bus voltage

vb Battery side voltage
vci Coupling capacitor voltage
vcie Coupling capacitor voltage on stationary state
iL1 Inductor current of battery side
iL2 Inductor current of DC bus side
iL1e Inductor current on stationary state of battery side
iL2e Inductor current on stationary state of DC bus side
u Binary control signal
d Continuous duty cycle
de Continuous duty cycle on stationary state

Tsw Switching period

Figure 1. Sepic/Zeta-based circuital interface for bidirectional power flow.

In this circuit, the main objective is to regulate the output voltage vdc, which corre-
sponds to the voltage at the DC bus of a microgrid. In this way, the charger/discharger
ensures the safe operation of all the devices connected to the DC bus.

380



World Electr. Veh. J. 2023, 14, 142

For realistic purposes, the parasitic resistances in both the MOSFETs and inductors
are considered for the analysis. A control-oriented model for this charger/discharger
circuit is provided in [38]. In summary, the modeling procedure consists of obtaining the
differential equations for the inductor currents and capacitor voltages, which are extracted
from circuital analyses (charge and volt-second balances). Such a process is performed
when the MOSFET control signal has ON (u = 1) and OFF (u = 0) states; then, those
equations are combined using the control signal u to obtain the following switched model:

diL1

dt
=

(vb − (iL1 + iL2) · Ron1) · u + (−vci − (iL1 + iL2) · Ron2) · ū − iL1 · RL1

L1
(1)

diL2

dt
=

(vci − (iL1 + iL2) · Ron1 + vb) · u − (iL1 + iL2) · Ron2ū − vdc − iL2 · RL2

L2
(2)

dvci
dt

=
iL1 · ū − iL2 · u

Ci
(3)

dvdc
dt

=
iL2 − io

Cdc
(4)

It is difficult to use the previous switched model in the design of continuous controllers.
Therefore, such a discontinuous model is averaged within the switching period Tsw, which
is performed by replacing the binary control signal u by the continuous duty cycle d.
Moreover, for the sake of simplicity, the ON resistances of the MOSFETs are considered
equal (Ron1 = Ron2 = Ron). The resulting averaged model is nonlinear; thus, it is described
in terms of small-signal variables in state space representations, which will be used to
design the controller. Applying the previous procedure leads to the small-signal model
given in (5) and (6), where Am (state matrix), Bm (input matrix), and Cm (output matrix)
must be evaluated in the desired operating point. The quantities x̃, ỹ, and d̃ are the small-
signal changes in the state vector, output, and duty cycle, respectively. Finally, the state
vector variables are x̃1 = ĩL1, x̃2 = ĩL2, x̃3 = ṽci and x̃4 = ṽdc.

˙̃x =

⎡⎢⎢⎢⎢⎢⎢⎢⎣

− Ron+RL1
L1

− Ron
L1

−(1−de)
L1

0

− Ron
L2

− Ron+RL2
L2

de
L2

−1
L2

(1−de)
Ci

−de
Ci

0 0

0 1
Cdc

0 0

⎤⎥⎥⎥⎥⎥⎥⎥⎦
︸ ︷︷ ︸

Am

·x̃ +

⎡⎢⎢⎢⎢⎢⎢⎣

vb+vcie
L1

vb+vcie
L2

−iL1e−iL2e
Ci

0

⎤⎥⎥⎥⎥⎥⎥⎦
︸ ︷︷ ︸

Bm

·d̃ (5)

ỹ =
[
0 0 0 1

]︸ ︷︷ ︸
Cm

·x̃ (6)

The previous small-signal model is used in the following section to design the con-
troller, aimed at regulating the DC bus voltage in a microgrid.

3. Adaptive LQG Voltage Controller

The controller aims to regulate the DC bus voltage under any operation condition,
which are battery charge and discharge and standby modes. Moreover, the control system
must remain stable over the entire operating range, and this means for different relations
among battery and DC bus voltages. To achieve this performance, a linear–quadratic–
Gaussian (LQG) controller with adaptive parameters is proposed. The LQG consists of
three fundamental blocks: a linear quadratic integral (LQI) to regulate the DC bus, an
optimal state observer to estimate the system states, and a dynamic process to determine
the LQG parameters according to the operating point. Two methods are proposed to
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calculate the parameters values of controller in any operating condition: lookup table and
polynomial interpolation.

3.1. LQI Controller Design

The regulation of the DC bus is defined as an optimal control problem, and its analyt-
ical design procedure was developed in [38]. In short, the quadratic cost function given
in (7) is defined, which is solved using the linear quadratic regulator (LQR) approach [39],
and an integrator is added to eliminate the steady-state error.

J =
∫ t f

0

1
2
· (z̃TQz + rd̃2) · dt (7)

In Equation (7) r is a positive scalar value, Q is 5 × 5 positive matrix, and z̃ is the
extended state vector resulting from the inclusion of the error integral, named x̃i. The state
feedback law is defined in (8), where Kx is a gain vector that multiplies the states x̃, and Ki
is a scalar that multiplies x̃i. Then, the extended system is defined as reported in (9).

d̃ = −K · z̃ = −[Kx Ki
] · [ x̃

x̃i

]
(8)

˙̃z =

[ ˙̃x

˙̃xi

]
=

[
Am 0

−Cm 0

]
︸ ︷︷ ︸

Aw

·
[

x̃

x̃i

]
︸︷︷︸

z̃

+

[
Bm

0

]
︸ ︷︷ ︸

Bw

·d̃ (9)

The optimization problem is solved using the Hamiltonian matrix, the equation of
states and co-states, and the stable state values, all of which are described in [38]. In such a
procedure, the optimal value of d̃∗ is calculated as given in (10).

d̃∗ = −r−1 · BT
w · Sm · z̃ (10)

Then, K is defined as (11); to perform the calculation of K, the Sm matrix must be
solved from the Riccati differential equation reported in (12).

K = −r−1 · BT
w · Sm (11)

Q + AT
w · Sm + Sm · Aw − Sm · Bw · r−1 · BT

w · Sm + Ṡm = 0 (12)

Finally, this problem is formulated as an optimal regulator of infinite time, hence Sm
corresponds to the steady-state solution of (12).

3.2. State Observer

In order to reduce the number of sensors required in the state feedback control system,
the observer described by (13) and (14) is used. The design of the observer considers the
linear model of the system (5) and (6) and the state feedback control law (8) [40]. The outputs
of the observer are the estimated states x̂, and the inputs of the observer are y and d, which
correspond to the measured DC bus voltage vdc and the duty cycle, respectively.

˙̂x = (Am + � · Cm) · x̂ + Bm · d − � · y (13)

ŷ = Cm · x̂ (14)

The observer gain � is calculated using an optimization process, which guarantees the
convergence of the estimated states to the real values. The calculation of �, given in (15),
requires solving the Riccati differential equation reported in (16). In such an expression, So
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corresponds to the optimal error covariance matrix of the state observer, and γ is a scalar
used to adjust the convergence speed of the observer states as explained in [41].

� = So · CT
m · γ (15)

Am · So + So · AT
m − So · CT

m · γ−1 · Cm · So + Bm · BT
m + Ṡo = 0 (16)

3.3. Adaptive Parameters of the LQG Controller

In this section, two adaptive methods to adjust the control parameters under any
operating condition are proposed. Unlike the approach presented in [38], which consists
of online iterative calculation of the parameters, in this work the parameters are selected
from a lookup table or calculated using polynomial interpolation. Since the parameters are
calculated offline, both proposed methods require lower computational resources than the
method presented in [38], as no online solutions of matrix differential equations are needed.

3.3.1. Adaptive Lookup Table Method

This method consists of calculating both the state feedback vector and the observer
gain vector, solving the Riccati’s differential equation offline for each practical operating
point (vdc_re f and vb combinations). Subsequently, the controller parameters are stored in a
lookup table to be inserted into the implementation device. The selection of the parameters
from the lookup table consists of searching the closest value (nearest method) according to
the measurements of both the bus reference vdc_re f and the battery voltage vb.

3.3.2. Adaptive Polynomial Interpolation Method

This method consists of defining a polynomial function that represents the variation
of each element of both the state feedback and the observer gain vectors, being in agree-
ment with the operating point. This polynomial interpolation is performed using the data
calculated in the lookup table method. The order of the polynomial functions is defined
in such a way that the root mean square error (RMSE) is significantly small. As a result,
after calculating the value of the polynomial coefficients, functions depending on vb and
vdc_re f are obtained for each adaptive parameter, which are subsequently implemented in a
control device.

3.4. Structure of the Adaptive LQG Voltage Controller

The control scheme is shown in Figure 2, where the adaptive tuning block provides the
matrices of the LGQ controller (Am, Bm), the observer gain (�), and the control parameters
(Kx), all according to the operating point (vdc_re f , vb). Then, the LQG controller uses those
parameters to calculate the optimal duty cycle d in real time.

�

Figure 2. Structure of the adaptive LQG voltage controller.
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4. Design Example and Simulation Results

This section carries out a design example, applying the proposed strategies to reduce
the computational burden of adaptive controller implementation and verifying those
solutions using detailed circuital simulations. The application example considers a power
converter of 26 W, a switching frequency of 40 kHz, and battery and DC bus voltages
between 10 and 26 volts. The application also requires a minimum efficiency of 90%, a
maximum ripple of 20% on the inductor currents, and a maximum bus voltage ripple of 1%.
The converter parameters to achieve those requirements are inductors (L1, L2) of 680 μH
and capacitors (Ci, Cdc) of 330 μF. Those values are the same ones calculated in the design
procedure reported in [38], with the objective of performing a comparison under the same
operating conditions.

4.1. Calculation of Controller Parameters

The values of the matrices Am and Bm of the observer are computed offline using
Equation (5) of the state space system. The controller parameters K and � are also calculated
offline for both the lookup table and polynomial interpolation methods.

4.1.1. Adaptive Lookup Table

To generate the data for the lookup table, the controller parameters were obtained
by varying the battery voltage and the DC bus voltage inside the established operating
range. This calculation was performed using the LQR function of the Control System
toolbox package from Matlab, and the controller parameters were calculated by varying vb
and vdc_re f every 2 V. The adopted search algorithm is nearest, which returns the value of
the table corresponding to the closest data according to the combination of the inputs (vb,
vdc_re f ). The data obtained for this method are reported in Appendix A.

4.1.2. Adaptive Polynomial Interpolation

To establish the polynomial functions that represent the variation of the state feedback
vector, polynomial interpolation was performed using the data generated in the lookup
table method. Therefore, for each element of the vector, a function of the voltages vb
and vdc_re f is generated. This process was conducted with the Curve Fitter tool from
Matlab, which calculates the coefficients according to the polynomial degree selected for
the inputs. In this application, the linear least squares method was selected to calculate
those coefficients. Moreover, the results show that a fourth order polynomial for the state
feedback vector and a third order polynomial for the observer gain vector were sufficient
in such a way that a maximum RMSE equal to 0.026 was obtained. This means that the
resulting polynomial functions represent the state feedback vector in the operation range
with satisfactory accuracy.

Figure 3 shows an example of the polynomial fit for the third element of the state
feedback vector (K3). It is evident that the resulting surface adequately represents the set of
points generated for all the combinations of vb and vdc_re f in the defined range.

The previous procedure is also executed to calculate the coefficients of the polynomial
functions related to the observer gain vector. Figure 4 shows the polynomial fit for the third
element of the observer gain vector (�3) as an example, obtaining a surface that adequately
represents the variation of this observer parameter. Finally, the polynomials and coefficients
for this method are reported in Appendix A.

4.2. Simulations Results

The charger/discharger and control system performance in the regulation of the DC
bus voltage is tested using circuital simulations. The tests are conducted at multiple operat-
ing points within the defined operating range. The simulations were executed in Simulink®

from Matlab® using the Simscape™ Electrical™ toolbox [42]. The adaptive parameter
methods were implemented using a three-dimensional lookup table (first method), and us-
ing Matlab® functions for the polynomial interpolation (second method). The simulations

384



World Electr. Veh. J. 2023, 14, 142

evaluate the solution performance in two scenarios: voltage regulation for a fixed reference
value, which is the most common application; and reference tracking, which introduces a
strong perturbation to test the system stability.

Figure 3. Fit plot of K3.

Figure 4. Fit plot of �3.

4.2.1. Bus Voltage Regulation for a Fixed Reference Value

This is the most common operation of any microgrid (fixed DC bus voltage), where
the disturbances in the bus are generated by changes in the current (and power) profiles
of both the loads and sources connected to the bus. Therefore, the simulations consider
a current profile imposing the different modes of operation to the batteries, including
charging, discharging, and standby. In addition, the tests are conducted with one and two
batteries connected in series to test the scalability of the solution.

The first tests are carried out using the adaptive adjustment method based on the
lookup table. Figures 5–7 show the performance of the lookup table solution considering a
12 V battery. Those simulation consider step changes in bus current every 50 ms: first, it
starts in standby mode (io = 0 A), then switches to discharge mode (io > 0 A), followed by
switching to charge mode (io < 0 A), and finally returning to standby mode. The simula-
tions confirm that the adaptive LQG with lookup table provides the desired performance,
in terms of voltage regulation, under any battery operating condition. Similarly, such
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results also illustrate the bus voltage stability in any operation condition. Moreover, the
tests also evaluate the solution under different ratios between the batteries and the DC bus
voltages (buck, boost, unitary gain), where satisfactory (and stable) performance is also
evident. Finally, the lookup table solution does not saturate the duty cycle, thus ensuring
the correct operation of system.
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Figure 5. Performance with vb = 12 V and reference voltage vdcre f
= 10 V using adaptive LQG with

lookup table (buck mode).
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Figure 6. Performance with vb = 12 V and reference voltage vdcre f
= 12 V using adaptive LQG with

lookup table (unitary gain mode).

In order to test the adaptability of the controller to large changes in battery voltage,
the tests are repeated considering two batteries connected in series, thus vb = 24 V. In
this case, to validate the buck, boost, and unity gain modes, the bus voltage references
are set to 20 V, 24 V, and 26 V. The results of the simulations are shown in Figures 8–10,
where satisfactory DC bus voltage regulation is achieved. In this way, the adaptability of
the controller is verified under any condition, and it can thus be used in applications with
different numbers of batteries as long as the voltage of the batteries is considered for the
lookup table calculation. Therefore, it is useful to perform such a lookup table calculation
for the rated limits of the power converter.
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Figure 7. Performance with vb = 12 V and reference voltage vdcre f
= 16 V using adaptive LQG with

lookup table (boost mode).
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Figure 8. Performance with vb = 24 V and reference voltage vdcre f
= 20 V using adaptive LQG with

lookup table (buck mode).
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Figure 9. Performance with vb = 24 V and reference voltage vdcre f
= 24 V using adaptive LQG with

lookup table (unitary gain mode).
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Figure 10. Performance with vb = 24 V and reference voltage vdcre f
= 26 V using adaptive LQG with

lookup table (boost mode).

The same tests are performed for the adaptive parameter method based on polynomial
interpolation. The tests are carried out with one and two batteries connected in series and
testing the different modes of the converter. The simulation results are reported in Figure 11
(buck mode), Figure 12 (unitary gain mode) and Figure 13 (boost mode) for a single battery
(vb = 12 V) and in Figure 14 (buck mode), Figure 15 (unitary gain mode), and Figure 16
(boost mode) for two series-connected batteries (vb = 24 V).
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Figure 11. Performance with vb = 12 V and reference voltage vdcre f
= 10 V using adaptive lqg with

polynomial interpolation (buck mode).

The tests of the adaptive controller with polynomial interpolation also show satisfac-
tory voltage regulation in response to perturbations in the DC bus current in all the different
modes of both the converter and battery. Hence, there are no significant differences in the
transient behavior in contrast with the Lookup table method. Nevertheless, the choice of
the method may be due to the limitations of the hardware to be implemented, since the
lookup table method consumes more memory, but the polynomial interpolation method
consumes more mathematical operations.
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Figure 12. Performance with vb = 12 V and reference voltage vdcre f
= 12 V using adaptive LQG with

polynomial interpolation (unitary gain mode).
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Figure 13. Performance with vb = 12 V and reference voltage vdcre f
= 16 V using adaptive LQG with

polynomial interpolation (boost mode).
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Figure 14. Performance with vb = 24 V and reference voltage vdcre f
= 20 V using adaptive LQG with

polynomial interpolation (buck mode).
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Figure 15. Performance with vb = 24 V and reference voltage vdcre f
= 24 V using adaptive LQG with

polynomial interpolation (unitary gain mode).
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Figure 16. Performance with vb = 24 V and reference voltage vdcre f
= 26 V using adaptive LQG with

polynomial interpolation (boost mode).

Table 3 summarizes the dynamic performance results of the tests in Figures 5–16.
In addition, the table also reports the results of the online adaptive method reported
in [38], which enables a fair comparison since all the simulations are conducted in the
same operation conditions: the results show that the online solution exhibits a maximum
overshoot of 9.7% and settling times under 10 ms in all cases, while the maximum overshoot
is 10.9% and the settling times are under 10 ms for the offline adaptive LQG methods;
hence, all the solutions fulfill the design requirements. It is noted that the online adaptive
LQG method provides lower overshoot in the tests at vb = 12 V in comparison with the
offline methods, and there is also a longer settling time. This is caused by small tolerances
in the controller parameters obtained with the offline adaptive methods; thus, an error in
the settling time is expected. However, the offline methods provide a close performance
in terms of both overshoot and settling time and, hence, the lookup table and polynomial
interpolation methods are suitable for practical (experimental) applications.
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Table 3. Summary of the dynamic performance for bus voltage regulation.

Test Conditions Overshoot (%) Settling Time (ms)

vb (V) vdc (V)
Lookup
Table

Polynomial
Interp.

LQG
Online

Lookup
Table

Polynomial
Interp.

LQG
Online

12
10 10.9 10.85 9.7 3.3 3.65 3.83
12 8.8 8.76 8.75 3.2 3.45 3.46
16 6.25 6.21 6.19 2.9 3 3.02

24
20 4.13 4.1 4.1 0.75 0.75 0.75
24 3.3 3.29 3.29 0.671 0.672 0.67
26 3 2.98 3 0.63 0.624 0.63

On the other hand, mean error and relative standard deviation percentages of the DC
voltage of the tests in Figures 5–16 are presented in Table 4. It is observed that the lowest
error is obtained by the polynomial interpolation method at reference DC voltage of 16 V.
Moreover, the mean percentage error of polynominal interpolation is lower than those of
lookup table method for all tested cases. In terms of relative standard deviation, the two
proposed methods present similar values, which means that a low number of points of the
dynamic voltage response deviate from the desired value.

Table 4. Mean error and relative standard deviation of the tests.

vb (V) vdc (V)
Mean Error (%)

Relative Standard
Deviation (%)

Lookup
Table

Polynomial
Interp.

Lookup
Table

Polynomial
Interp.

12
10 1.33 × 10−5 1.04 × 10−5 0.5674 0.5720
12 6.02 × 10−5 4.69 × 10−5 0.4632 0.4667
16 4.91 × 10−6 9.09 × 10−7 0.3440 0.3460

24
20 1.05 × 10−5 8.43 × 10−6 0.1797 0.1812
24 6.21 × 10−5 5.93 × 10−5 0.1443 0.1455
26 6.75 × 10−6 5.16 × 10−6 0.1367 0.1379

4.2.2. Reference Tracking

To evaluate the tracking of the bus voltage references and thereby evaluate the robust-
ness of the solutions to large changes in the bus voltage value, changes were made at a rate
of 60 V/s regarding the battery voltage. First, the system starts in discharge mode with a
bus voltage higher than the battery voltage, then the reference is changed to a voltage lower
than the battery voltage, then returning back to the initial voltage. At 35 ms, the DC bus
current is switched from 1 A to −1 A, which forces switching between the discharge and
charge modes of the batteries. Finally, the test conditions are repeated to test the reference
tracking in both charge and discharge modes, and in both boost and bock modes.

Figure 17 shows the simulation results for the lookup table method considering a
singe battery and a reference profile changing between vdc = 16 V and vdc = 10 V. The tests
show adequate tracking of the reference in all the conditions; however, unexpected small
transients occur when the reference changes. This is caused by the sudden changes in the
controller parameters when the operating point changes significantly; this is a consequence
of the discretization introduced by the nearest method.

Next, the behavior of the lookup table solution is evaluated with the connection of
two batteries in series, and in this case the voltage references changes between vdc = 20 V
and vdc = 26 V. The results, reported in Figure 18, confirm that the controller ensures
satisfactory tracking of the reference at any condition, but there are unexpected transients
in the ramp zones, thus exhibiting the same discretization observed in the previous test,
i.e., of a single battery.
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Figure 17. Reference tracking performance at vb = 12 V using adaptive LQG with lookup table.
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Figure 18. Reference tracking performance at vb = 24 V using adaptive LQG with lookup table.

The next two simulations evaluate the performance of the adaptive method based on
the polynomial interpolation. Figures 19 and 20 show the results for one and two batteries,
respectively, where the polynomial interpolation method provides correct tracking of
the reference in the different operation conditions. It is observed that, for this method,
there are no unexpected transients in the ramp zones. This is achieved since the adaptive
adjustment of the parameters correspond to non-discontinuous functions, unlike the lookup
table method.

The tests performed on both offline adaptive methods, and reported in Figures 17–20,
confirm the correct reference tracking under changes in the operating conditions. Finally,
the following section validates the previous simulation results using an experimental
prototype.
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Figure 19. Reference tracking performance at vb = 12 V using adaptive LQG with polynomial
interpolation.
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Figure 20. Reference tracking performance at vb = 24 V using adaptive LQG with polynomial
interpolation.

5. Experimental Validation

This section reports validations of the previous simulations using an experimental
prototype of the Sepic/Zeta charger/discharger and adaptive control systems.

5.1. Experimental Implementation

The experimental scheme used to validate the proposed offline solutions is reported
in Figure 21. The system includes one or two commercial batteries (12 V or 24 V), the
Sepic/Zeta bidirectional converter, and a DC bus emulator constructed with a DC electronic
load and electronic power supply, emulating the loads and sources connected to the
microgrid bus, respectively. The battery and DC bus voltages are measured with LV25P
sensors and signal conditioning circuits. The control card Delfino TMS320F28379D is used
to implement the control system and adaptive method. It is worth noting that the control
card uses an internal analog-to-digital converter (ADC) to digitize the measurements, and
it uses an internal PWM module to produce the control signal for the MOSFETS drivers.

The experimental implementation of both the adaptive controller and charger/
discharger is shown in Figure 22, where the Sepic/Zeta converter, sensors, and control card
are highlighted. Figure 23 shows the complete experimental test bench, which also exhibits
the commercial batteries and the practical implementation of the DC bus emulator.
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�

Figure 21. Scheme of the experimental test.

Figure 22. Experimental implementation.

Figure 23. Experimental test bench.
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5.2. Experimental Validation of the Bus Voltage Regulation

The same test conditions adopted for the simulations are implemented in this experi-
mental validation. Thus, the DC bus current profile includes increments and decrements
and shifts between charge, discharge, and standby modes. Figure 24a,b show the per-
formance of the adaptive LQG with both the lookup table and polynomial interpolation
methods. In this experiment, the bus voltage is regulated at 10 V (buck mode) for the charg-
ing, discharging, and standby modes of the battery. These experiments demonstrate the
correct operation of the two offline parameter adjustment methods in terms of regulation,
and no appreciable differences are observed between them in terms of their performance.

Figure 24. Bus regulation with vb = 12 V and reference vdcre f
= 10 V (buck mode) using a LQG by (a)

lookup table and (b) polynomial interpolation. Magenta: battery voltage vb; yellow: duty cycle d;
cyan: bus voltage vdc; green: bus current io.

The previous tests were executed with bus voltages equal to 12 V (unitary gain mode)
and 16 V (boost mode). The experimental data, reported in Figures 25 and 26 for both
offline methods, confirm the adequate performance under different operation conditions of
the DC bus current (green trace) and for both unitary gain and boost modes.

Figure 25. Bus regulation with vb = 12 V and reference vdcre f
= 12 V (unitary gain mode) using

adaptive LQG by (a) lookup table and (b) polynomial interpolation. Magenta: battery voltage vb;
yellow: duty cycle d; cyan: bus voltage vdc; green: bus current io.

Figure 26. Bus regulation with vb = 12 V and reference vdcre f
= 16 V (boost mode) using adaptive

LQG by (a) lookup table and (b) polynomial interpolation. Magenta: battery voltage vb; yellow: duty
cycle d; cyan: bus voltage vdc; green: bus current io.
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In the same way, Figures 27–29 report a good performance in terms of DC bus regula-
tion at 20 V (buck mode), 24 V (unitary gain mode) and 26 V (boost mode), respectively,
considering two series-connected commercial batteries (vb = 24 V). Therefore, the robust-
ness of both offline methods is confirmed for large changes in the battery voltage.

Figure 27. Bus regulation with vb = 24 V and reference vdcre f
= 20 V (buck mode) using adaptive

LQG by (a) lookup table and (b) polynomial interpolation. Magenta: battery voltage vb; yellow: duty
cycle d; cyan: bus voltage vdc; green: bus current io.

Figure 28. Bus regulation with vb = 24 V and reference vdcre f
= 24 V (unitary gain mode) using

adaptive LQG by (a) lookup table and (b) polynomial interpolation. Magenta: battery voltage vb;
yellow: duty cycle d; cyan: bus voltage vdc; green: bus current io.

Figure 29. Bus regulation with vb = 24 V and reference vdcre f
= 26 V (boost mode) using adaptive

LQG by (a) lookup table and (b) polynomial interpolation. Magenta: battery voltage vb; yellow: duty
cycle d; cyan: bus voltage vdc; green: bus current io.

In general, in the experimental data concerning DC bus voltage regulation, both offline
adaptation methods exhibit correct performance under charge, discharge, and standby
conditions under different voltage conversion ratios (buck, boost, and unitary gain modes).
In addition, the voltage variation of the battery pack enable the stability of both solutions
at different operating points to be confirmed.

Table 5 summarizes the performance criteria (overshoot and settling time) obtained
with the proposed adaptive offline methods. For comparative purposes, the adaptive online
LQG approach presented in [38] was also implemented and experimentally tested, and its
performance criteria are included in Table 5. The results with a single battery (vb = 12 V)
show that the adaptive online LQG exhibits lower overshoot and shorter stabilization time
than the offline methods. However, in the test considering two batteries connected in series
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(vb = 24 V), the proposed offline methods provide better dynamic performance, except for
the lookup table method in standby mode. Those experiments confirm that the proposed
offline methods are a suitable option to adapt the LQG parameters in practical application,
since the difference with the online option is small.

Table 5. Dynamic performance in bus voltage regulation tests.

Test Conditions Overshoot (%) Settling Time (ms)

vb (V) vdc (V)
Lookup
Table

Polynomial
Interp.

LQG
Online

Lookup
Table

Polynomial
Interp.

LQG
Online

12
10 9.28 9.45 8.75 9.25 9.16 9.00
12 8.07 7.91 7.00 9.03 8.93 8.80
16 6.48 6.09 5.85 9.19 8.85 8.70

24
20 2.85 2.80 3.16 6.04 6.47 7.00
24 2.68 2.33 2.63 6.37 5.80 6.43
26 2.30 2.23 2.63 5.31 4.76 6.00

5.3. Experimental Validation of Reference Tracking

Several experiments were conducted to validate the adaptability of the offline methods
to changes in the operating point by considering dynamic changes in the reference value.
The changes in the bus reference are given in such a way that the converter changes between
buck and boost modes. In the same way, the tests were repeated for the charge, discharge,
and standby modes of the batteries. The experimental data of the reference tracking, for
both lookup table and polynomial interpolation methods, are shown in the Figure 30,
where a single battery (vb = 12 V) is considered in those experiments. The proposed offline
adaptive methods guarantee correct tracking of the references under different operating
points for different modes of the converter (buck and boost modes).

Figure 30. Reference tracking performance at vb = 12 V using adaptive LQG with lookup table:
(a1) discharge mode, (b1) standby mode, and (c1) charge mode; and with polynomial interpolation:
(a2) discharge mode, (b2) standby mode, and (c2) charge mode. Magenta: duty cycle d; yellow: bus
voltage reference vdcre f ; cyan: bus voltage vdc; green: bus current io.
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In addition, the tracking performance was evaluated with two batteries connected in
series (vb = 24 V). For this experiment, the bus voltage reference starts at 20 V (buck mode),
changes to 26 V (boost mode), and finally returns to 20 V. Figure 31 shows the experimental
behavior of both proposed offline methods; similarly to the previous experiments, the
results indicate the correct performance of the adaptive methods for different operating
points.

Figure 31. Reference tracking performance at vb = 24 V using adaptive LQG with lookup table:
(a1) discharge mode, (b1) standby mode, and (c1) charge mode; and with polynomial interpolation:
(a2) discharge mode, (b2) standby mode, and (c2) charge mode. Magenta: duty cycle d; yellow: bus
voltage reference vdcre f ; cyan: bus voltage vdc; green: bus current io.

In agreement with the simulation results, the lookup table method exhibits unexpected
voltage transients when the reference voltage changes continuously, which is caused by
the discretization of the method. However, these transients are more notable for a battery
of 12 V, since the bus voltage is lower. This phenomenon can be reduced by increasing
the resolution of the data stored in the lookup table; however, this increases the memory
required in the control device and, also, the parametrization time for the method.

5.4. Performance and Cost Comparison

Since the main objective of the proposed offline methods is to reduce the computational
resources required for the implementation of the adaptive LQG controller, this section
evaluates the computational burden of the new solutions.

The control card TMS320F28379D has two cores, each providing 400 millions of
instructions per second (MIPS), which means that the total capacity of the card is 800 MIPS.
In the implementation, each adaptive offline proposed method is required to use a core
at a time. Using the Matlab® report, the processor load for each of the adaptive solutions
was extracted, which includes the online approach reported in [38]. This information is
summarized in Table 6, where the two proposed (offline) solutions require almost the same
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CPU utilization (MIPS required). Instead, the online method [38] requires between 7 and 8
times the MIPS for the adaptive process.

Table 6. Overall CPU utilization.

Adaptive Method Max CPU Utilization (MIPS)

Lookup table 94
Polynomial interpolation 93

Online LQG 714

Taking into consideration the maximum MIPS required by proposed method, a suitable
control card available in the market is selected to evaluate the implementation cost. Control
cards from TI C2000 MCU series are suitable due to the available PWM, ADC modules,
and high processing capacity. For example, the TMS320F2800157 control card provides
120 MIPS, which is enough to implement the adaptive offline methods. Moreover, this
control card also provides the additional hardware required to execute the control strategy
for the battery charger/discharger, such as programming ports and communication ports,
among others. The cost of this card is USD 59; instead, the control card required to
implement the online method (with 714 MIPS required) is the TMS320F28379D, which costs
USD 159 and is thus significantly more expensive.

The previous practical considerations were analyzed by proposing three indices: de-
signed CPU capacity index (Ip), cost index (Icost) and performance index (Icpu). The Ip index
is calculated from the performance data reported in Table 5 using Equation (17), where
a higher Ip implies greater performance. In such an expression, Ex(i) is the overshoot or
stabilization time, and Ere f (i) corresponds to the lowest value of the data under compari-
son. In this way, the solution with the lower overshoot or shortest stabilization time will
always have Ip(i) = 1, and the other solutions will have lower Ip value. Finally, the Ip(i)
values for each method are averaged to obtain a general performance index Ip for each
adaptive method.

Ip(i) =
E−1

x(i)

E−1
re f (i)

(17)

The Icpu index uses the data reported in Table 6 and Equation (18), where the higher
Icpu, the lower the required MIPS. In (18), cpux and cpure f correspond to the MIPS required
by the solution and the minimum CPU consumption of methods under comparison, respec-
tively. In this way, the method with the lower MIPS requirement will have Icpu = 1, while
the other methods will exhibit a lower Icpu value.

Icpu =
cpu−1

x

cpu−1
re f

(18)

Finally, the Icost index is given in Equation (19), where costx is the price of the cor-
responding control card, and costre f is the price of the cheaper control card for all the
implementations. As in the previous cases, the higher the index, the lower the required
cost, where the solution with the lower cost will have an index equal to 1.

Icost =
cost−1

x

cost−1
re f

(19)

The results of applying three proposed indices to the solutions under comparison are
reported in Table 7. A higher index value of Ip implies a better dynamic performance, a
higher value of Icpu indicates lower computational requirement, and a higher value of Icost
means lower cost of the control card required to implement the adaptive method. It is
observed that the polynomial interpolation method exhibits a better overall performance,
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also requiring the lowest CPU consumption and cost; therefore, that method is the best
alternative for commercial implementation of the adaptive LQG controller for battery
charger/dischargers.

Table 7. Comparative summary of the indices.

Adaptive Method Suitable Control Card Performance Index CPU Utilization Index Cost Index

Lookup table TMDSCNCD2800157 0.934 0.989 1
Polynomial interpolation TMDSCNCD2800157 0.970 1 1

Online LQG TMDSCNCD28379D 0.946 0.13 0.371

The previous data can be further processed to contrast both the offline (proposed) and
online solutions. For this purpose, combined indicators are proposed: the performance–
cost, which adds both Ip and Icost; and the performance–CPU, which adds both Ip and Icpu.
Table 8 reports both combined indicators, where the polynomial interpolation method pro-
vides the best relation between performance of the charger/discharger and implementation
cost. The second best method in this category is the lookup table, and the last is the online
method reported in [38]. Similarly, the polynomial interpolation method provides the best
relation between performance and CPU utilization, the second best method is the lookup
table, and the last, again, is the online method. This last category is interesting, since it
enables analyzing which method will leave higher resources, thus providing computing
power for other tasks such as data logging, cloud storage, state of charge management, etc.

Table 8. Advantage comparison.

Adaptive Method Performance–Cost Relation Performance–CPU Relation

Lookup table 1.93 1.92
Polynomial interpolation 1.97 1.97

Online LQG 1.32 1.08

Finally, this practical analysis confirms that both offline solutions provide an ac-
ceptable performance with much lower implementation costs. In particular, the poly-
nomial interpolation method provides the best tradeoff and is thus the best solution for
commercial applications.

6. Conclusions

Two adaptive offline methods for adjusting the parameters of a LQG controller and reg-
ulating the DC bus of a battery charger/discharger are proposed. The charger/discharger
is based on the Sepic/Zeta converter, and the parameters of the controller are determined
taking into account the conditions of both the batteries and converter. For the former,
conditions may vary between charge, discharge, or standby modes. Moreover, depending
on the voltage requirements of the input and output, the converter can be in boost, buck,
or equal gain mode. For the LQG controller, a state feedback vector and an observer gain
vector must be determined in an adaptive way. The first method consists of calculating the
parameters of vectors for several operating points of load and input reference voltage, and
those are stored in a lookup table. In the second method, an interpolation is developed
among the values of the lookup table. In simulation and experimental results, for several
operating conditions, the control signal remains far away from saturation, and the control
system is stable, thus providing satisfactory results.

Three indices have been proposed to evaluate the performance of the proposed adap-
tive methods, which are suitable to evaluate dynamic performance, CPU capacity, and cost.
These indices show that the lookup table and polynomial interpolation methods present
similar dynamic performance and CPU requirements, but the combined indices show that
polynomial interpolation is the best option for practical and commercial application. In
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addition, compared with the lookup table method, that method exhibits satisfactory per-
formance over the entire operating range, and it does not introduce unexpected transients
under any operating conditions. Moreover, polynomial interpolation requires low compu-
tational consumption in contrast to the online LQG method, which means considerably
lower implementation costs.

The main drawback of both proposed offline solutions is the need for an offline
training campaign, which is not needed in the online alternative already reported in the
literature. However, with the aim of developing low-cost solutions for deployment in
commercial applications, it could be acceptable to spend the time required for training if
there is significant reduction of the implementation cost. Finally, for future improvement,
evaluating more deployment-oriented platforms for implementation, such as FPGA or
ASIC devices, could provide a much better cost/performance ratio.
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Appendix A

This appendix reports the lookup table data used in the first proposed offline method.
The data are distributed in eight tables, one for each parameter of both the controller
and observer.

Table A1. Lookup table K1.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 0.02513 0.02462 0.02421 0.02388 0.02359 0.02334 0.02311 0.02289 0.02268 0.02248
10 0.02569 0.02520 0.02480 0.02447 0.02419 0.02394 0.02371 0.02350 0.02330 0.02310
12 0.02600 0.02555 0.02518 0.02487 0.02461 0.02438 0.02417 0.02397 0.02378 0.02359
14 0.02614 0.02573 0.02541 0.02514 0.02490 0.02470 0.02450 0.02432 0.02415 0.02398
16 0.02618 0.02582 0.02554 0.02530 0.02510 0.02492 0.02475 0.02459 0.02443 0.02428
18 0.02616 0.02584 0.02560 0.02540 0.02522 0.02507 0.02492 0.02478 0.02465 0.02452
20 0.02612 0.02582 0.02561 0.02544 0.02529 0.02516 0.02504 0.02493 0.02481 0.02470
22 0.02606 0.02578 0.02559 0.02545 0.02533 0.02522 0.02512 0.02503 0.02493 0.02483
24 0.02600 0.02572 0.02555 0.02543 0.02533 0.02525 0.02517 0.02509 0.02501 0.02493
26 0.02594 0.02566 0.02550 0.02539 0.02532 0.02525 0.02519 0.02513 0.02507 0.02500
28 0.02588 0.02559 0.02544 0.02535 0.02529 0.02524 0.02519 0.02515 0.02510 0.02505
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Table A2. Lookup table K2.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 0.06072 0.06116 0.06110 0.06075 0.06025 0.05967 0.05905 0.05842 0.05780 0.05720
10 0.05981 0.06010 0.05996 0.05956 0.05903 0.05843 0.05779 0.05716 0.05653 0.05593
12 0.05888 0.05906 0.05886 0.05844 0.05789 0.05728 0.05664 0.05601 0.05538 0.05478
14 0.05796 0.05807 0.05782 0.05738 0.05682 0.05621 0.05558 0.05495 0.05433 0.05373
16 0.05708 0.05712 0.05684 0.05639 0.05583 0.05522 0.05460 0.05397 0.05336 0.05277
18 0.05622 0.05623 0.05593 0.05546 0.05490 0.05430 0.05369 0.05307 0.05247 0.05189
20 0.05541 0.05538 0.05506 0.05459 0.05404 0.05345 0.05284 0.05224 0.05165 0.05107
22 0.05462 0.05458 0.05425 0.05378 0.05323 0.05265 0.05205 0.05146 0.05088 0.05032
24 0.05387 0.05381 0.05348 0.05301 0.05247 0.05190 0.05131 0.05073 0.05016 0.04961
26 0.05314 0.05309 0.05276 0.05229 0.05176 0.05119 0.05062 0.05005 0.04949 0.04895
28 0.05244 0.05240 0.05207 0.05161 0.05109 0.05053 0.04997 0.04941 0.04886 0.04833

Table A3. Lookup table K3.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 0.00814 0.00790 0.00768 0.00754 0.00748 0.00748 0.00753 0.00763 0.00775 0.00789
10 0.00845 0.00815 0.00787 0.00766 0.00753 0.00746 0.00746 0.00750 0.00758 0.00768
12 0.00862 0.00831 0.00799 0.00774 0.00756 0.00745 0.00740 0.00740 0.00744 0.00750
14 0.00868 0.00838 0.00806 0.00778 0.00757 0.00743 0.00735 0.00731 0.00732 0.00736
16 0.00865 0.00839 0.00807 0.00779 0.00756 0.00740 0.00730 0.00724 0.00722 0.00724
18 0.00855 0.00834 0.00804 0.00776 0.00754 0.00736 0.00724 0.00717 0.00713 0.00713
20 0.00839 0.00824 0.00798 0.00771 0.00749 0.00731 0.00718 0.00709 0.00704 0.00703
22 0.00819 0.00812 0.00789 0.00764 0.00743 0.00725 0.00711 0.00702 0.00696 0.00693
24 0.00796 0.00797 0.00778 0.00756 0.00735 0.00718 0.00704 0.00694 0.00688 0.00684
26 0.00770 0.00780 0.00765 0.00746 0.00726 0.00710 0.00697 0.00687 0.00680 0.00675
28 0.00742 0.00762 0.00752 0.00734 0.00717 0.00701 0.00689 0.00679 0.00672 0.00667

Table A4. Lookup table K4.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 0.04164 0.04310 0.04443 0.04562 0.04666 0.04758 0.04838 0.04910 0.04973 0.05029
10 0.04490 0.04608 0.04717 0.04815 0.04902 0.04979 0.05047 0.05107 0.05160 0.05207
12 0.04762 0.04860 0.04950 0.05032 0.05105 0.05169 0.05227 0.05278 0.05323 0.05364
14 0.04990 0.05073 0.05149 0.05218 0.05280 0.05335 0.05384 0.05428 0.05467 0.05501
16 0.05185 0.05256 0.05321 0.05380 0.05433 0.05480 0.05523 0.05560 0.05593 0.05623
18 0.05351 0.05415 0.05471 0.05522 0.05567 0.05608 0.05645 0.05677 0.05706 0.05732
20 0.05495 0.05553 0.05603 0.05647 0.05687 0.05722 0.05754 0.05782 0.05807 0.05829
22 0.05620 0.05675 0.05719 0.05758 0.05793 0.05824 0.05852 0.05876 0.05898 0.05917
24 0.05730 0.05782 0.05822 0.05857 0.05888 0.05915 0.05940 0.05961 0.05980 0.05997
26 0.05827 0.05878 0.05915 0.05946 0.05974 0.05998 0.06019 0.06038 0.06055 0.06070
28 0.05913 0.05964 0.05998 0.06027 0.06051 0.06073 0.06092 0.06109 0.06123 0.06136

Table A5. Lookup table �1.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 7.26 × 103 8.08 × 103 8.88 × 103 9.68 × 103 1.05 × 104 1.13 × 104 1.21 × 104 1.29 × 104 1.37 × 104 1.46 × 104

10 8.11 × 103 8.96 × 103 9.78 × 103 1.06 × 104 1.14 × 104 1.22 × 104 1.30 × 104 1.39 × 104 1.47 × 104 1.55 × 104

12 8.95 × 103 9.82 × 103 1.07 × 104 1.15 × 104 1.23 × 104 1.31 × 104 1.40 × 104 1.48 × 104 1.56 × 104 1.65 × 104

14 9.77 × 103 1.07 × 104 1.15 × 104 1.24 × 104 1.32 × 104 1.41 × 104 1.49 × 104 1.57 × 104 1.66 × 104 1.74 × 104

16 1.06 × 104 1.15 × 104 1.24 × 104 1.33 × 104 1.41 × 104 1.49 × 104 1.58 × 104 1.66 × 104 1.75 × 104 1.83 × 104

18 1.14 × 104 1.24 × 104 1.32 × 104 1.41 × 104 1.50 × 104 1.58 × 104 1.67 × 104 1.75 × 104 1.84 × 104 1.92 × 104

20 1.22 × 104 1.32 × 104 1.41 × 104 1.50 × 104 1.59 × 104 1.67 × 104 1.76 × 104 1.84 × 104 1.93 × 104 2.01 × 104

22 1.30 × 104 1.40 × 104 1.49 × 104 1.58 × 104 1.67 × 104 1.76 × 104 1.85 × 104 1.93 × 104 2.02 × 104 2.10 × 104

24 1.38 × 104 1.49 × 104 1.58 × 104 1.67 × 104 1.76 × 104 1.85 × 104 1.93 × 104 2.02 × 104 2.11 × 104 2.19 × 104

26 1.47 × 104 1.57 × 104 1.66 × 104 1.76 × 104 1.85 × 104 1.93 × 104 2.02 × 104 2.11 × 104 2.20 × 104 2.28 × 104

28 1.55 × 104 1.65 × 104 1.75 × 104 1.84 × 104 1.93 × 104 2.02 × 104 2.11 × 104 2.20 × 104 2.28 × 104 2.37 × 104
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Table A6. Lookup table �2.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 5.51 × 103 6.46 × 103 7.38 × 103 8.28 × 103 9.18 × 103 1.01 × 104 1.09 × 104 1.18 × 104 1.27 × 104 1.36 × 104

10 6.19 × 103 7.17 × 103 8.12 × 103 9.05 × 103 9.96 × 103 1.09 × 104 1.18 × 104 1.26 × 104 1.35 × 104 1.44 × 104

12 6.87 × 103 7.89 × 103 8.87 × 103 9.81 × 103 1.07 × 104 1.17 × 104 1.26 × 104 1.35 × 104 1.44 × 104 1.52 × 104

14 7.57 × 103 8.62 × 103 9.61 × 103 1.06 × 104 1.15 × 104 1.24 × 104 1.34 × 104 1.43 × 104 1.52 × 104 1.61 × 104

16 8.27 × 103 9.35 × 103 1.04 × 104 1.13 × 104 1.23 × 104 1.32 × 104 1.42 × 104 1.51 × 104 1.60 × 104 1.69 × 104

18 8.97 × 103 1.01 × 104 1.11 × 104 1.21 × 104 1.31 × 104 1.40 × 104 1.50 × 104 1.59 × 104 1.68 × 104 1.77 × 104

20 9.68 × 103 1.08 × 104 1.19 × 104 1.29 × 104 1.39 × 104 1.48 × 104 1.58 × 104 1.67 × 104 1.76 × 104 1.86 × 104

22 1.04 × 104 1.16 × 104 1.26 × 104 1.37 × 104 1.47 × 104 1.56 × 104 1.66 × 104 1.75 × 104 1.85 × 104 1.94 × 104

24 1.11 × 104 1.23 × 104 1.34 × 104 1.44 × 104 1.55 × 104 1.64 × 104 1.74 × 104 1.83 × 104 1.93 × 104 2.02 × 104

26 1.18 × 104 1.31 × 104 1.42 × 104 1.52 × 104 1.62 × 104 1.72 × 104 1.82 × 104 1.92 × 104 2.01 × 104 2.10 × 104

28 1.26 × 104 1.38 × 104 1.50 × 104 1.60 × 104 1.70 × 104 1.80 × 104 1.90 × 104 2.00 × 104 2.09 × 104 2.19 × 104

Table A7. Lookup table �3.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 −1.06 × 103 −3.46 × 102 3.00 × 102 8.92 × 102 1.44 × 103 1.95 × 103 2.43 × 103 2.89 × 103 3.32 × 103 3.73 × 103

10 −1.92 × 103 −1.17 × 103 −4.95 × 102 1.20 × 102 6.89 × 102 1.22 × 103 1.72 × 103 2.19 × 103 2.63 × 103 3.06 × 103

12 −2.74 × 103 −1.95 × 103 −1.25 × 103 −6.12 × 102 −2.54 × 101 5.20 × 102 1.03 × 103 1.52 × 103 1.97 × 103 2.41 × 103

14 −3.53 × 103 −2.70 × 103 −1.97 × 103 −1.31 × 103 −7.07 × 102 −1.46 × 102 3.79 × 102 8.74 × 102 1.34 × 103 1.79 × 103

16 −4.29 × 103 −3.41 × 103 −2.66 × 103 −1.98 × 103 −1.36 × 103 −7.85 × 102 −2.48 × 102 2.57 × 102 7.37 × 102 1.19 × 103

18 −5.03 × 103 −4.11 × 103 −3.32 × 103 −2.62 × 103 −1.99 × 103 −1.40 × 103 −8.52 × 102 −3.36 × 102 1.52 × 102 6.16 × 102

20 −5.75 × 103 −4.78 × 103 −3.96 × 103 −3.24 × 103 −2.59 × 103 −1.99 × 103 −1.43 × 103 −9.08 × 102 −4.12 × 102 5.99 × 101

22 −6.46 × 103 −5.43 × 103 −4.58 × 103 −3.84 × 103 −3.18 × 103 −2.56 × 103 −2.00 × 103 −1.46 × 103 −9.58 × 102 −4.79 × 102

24 −7.15 × 103 −6.07 × 103 −5.19 × 103 −4.42 × 103 −3.74 × 103 −3.12 × 103 −2.54 × 103 −2.00 × 103 −1.49 × 103 −1.00 × 103

26 −7.84 × 103 −6.69 × 103 −5.77 × 103 −4.99 × 103 −4.29 × 103 −3.66 × 103 −3.07 × 103 −2.52 × 103 −2.00 × 103 −1.51 × 103

28 −8.52 × 103 −7.30 × 103 −6.35 × 103 −5.54 × 103 −4.83 × 103 −4.18 × 103 −3.58 × 103 −3.02 × 103 −2.50 × 103 −2.00 × 103

Table A8. Lookup table �4.

vdc(V)

vb(V)
10 12 14 16 18 20 22 24 26 28

8 5.78 × 103 6.26 × 103 6.69 × 103 7.09 × 103 7.46 × 103 7.81 × 103 8.15 × 103 8.47 × 103 8.77 × 103 9.07 × 103

10 6.12 × 103 6.59 × 103 7.02 × 103 7.41 × 103 7.77 × 103 8.11 × 103 8.44 × 103 8.75 × 103 9.06 × 103 9.35 × 103

12 6.45 × 103 6.92 × 103 7.33 × 103 7.71 × 103 8.07 × 103 8.40 × 103 8.72 × 103 9.03 × 103 9.33 × 103 9.61 × 103

14 6.77 × 103 7.23 × 103 7.63 × 103 8.01 × 103 8.36 × 103 8.69 × 103 9.00 × 103 9.30 × 103 9.59 × 103 9.87 × 103

16 7.08 × 103 7.53 × 103 7.93 × 103 8.29 × 103 8.63 × 103 8.96 × 103 9.27 × 103 9.56 × 103 9.85 × 103 1.01 × 104

18 7.37 × 103 7.82 × 103 8.21 × 103 8.57 × 103 8.91 × 103 9.22 × 103 9.53 × 103 9.82 × 103 1.01 × 104 1.04 × 104

20 7.66 × 103 8.10 × 103 8.48 × 103 8.84 × 103 9.17 × 103 9.48 × 103 9.78 × 103 1.01 × 104 1.03 × 104 1.06 × 104

22 7.94 × 103 8.37 × 103 8.75 × 103 9.10 × 103 9.43 × 103 9.73 × 103 1.00 × 104 1.03 × 104 1.06 × 104 1.08 × 104

24 8.21 × 103 8.64 × 103 9.01 × 103 9.36 × 103 9.68 × 103 9.98 × 103 1.03 × 104 1.05 × 104 1.08 × 104 1.11 × 104

26 8.47 × 103 8.90 × 103 9.27 × 103 9.61 × 103 9.92 × 103 1.02 × 104 1.05 × 104 1.08 × 104 1.10 × 104 1.13 × 104

28 8.72 × 103 9.15 × 103 9.52 × 103 9.85 × 103 1.02 × 104 1.05 × 104 1.07 × 104 1.10 × 104 1.13 × 104 1.15 × 104

Similarly, the polynomial interpolation data are also reported. First, the polynomial
for the controller is reported in (A1), and the parameters for such an interpolation are given
in Table A9. In the same way, the polynomial for the observer is reported in (A2), and the
parameters for such an interpolation are given in Table A10.

PolK = (p00 + p10 · vdc + p01 · vb + p20 · v2
dc + p11 · vdc · vb + p02 · v2

b

+p30 · v3
dc + p21 · v2

dc · vb + p12 · vdc · v2
b + p03 · v3

b + p31 · v3
dc · vb

+p22 · v2
dc · v2

b + p13 · vdc · v3
b + p04 · v4

b)/1000

(A1)

Pol� = (p00 + p10 · vdc + p01 · vb + p20 · v2
dc + p11 · vdc · vb + p02 · v2

b

+p30 · v3
dc + p21 · v2

dc · vb + p12 · vdc · v2
b + p03 · v3

b) · 1000
(A2)
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Table A9. Polynomial function coefficients of K.

Coefficient K1 K2 K3 K4

p00 2.70 × 101 4.75 × 101 4.70 6.08
p10 7.29 × 10−1 1.29 × 10−1 7.08 × 10−1 4.10
p01 −9.49 × 10−1 3.35 3.07 × 10−1 2.17
p20 −4.28 × 10−2 −1.18 × 10−2 −4.24 × 10−2 −1.20 × 10−1

p11 6.81 × 10−3 −9.29 × 10−2 −1.15 × 10−2 −1.46 × 10−1

p02 4.78 × 10−2 −2.09 × 10−1 −3.77 × 10−2 −4.28 × 10−2

p30 7.20 × 10−4 1.41 × 10−4 4.65 × 10−4 1.29 × 10−3

p21 5.49 × 10−4 1.73 × 10−3 2.34 × 10−3 4.15 × 10−3

p12 −3.83 × 10−4 2.78 × 10−3 −1.79 × 10−3 1.70 × 10−3

p03 −1.24 × 10−3 5.41 × 10−3 2.12 × 10−3 4.83 × 10−4

p31 −1.74 × 10−5 −1.30 × 10−5 −2.18 × 10−5 −3.43 × 10−5

p22 9.53 × 10−6 −2.07 × 10−5 −1.73 × 10−5 −3.75 × 10−5

p13 −1.10 × 10−6 −2.97 × 10−5 3.54 × 10−5 1.59 × 10−6

p04 1.36 × 10−5 −5.28 × 10−5 −3.40 × 10−5 −4.72 × 10−6

Table A10. Polynomial function coefficients of �.

Coefficient �1 �2 �3 �4

p00 −3.73 × 10−1 −2.21 −1.82 9.83 × 10−1

p10 3.96 × 10−1 2.50 × 10−1 −6.31 × 10−1 2.32 × 10−1

p01 4.43 × 10−1 5.70 × 10−1 6.13 × 10−1 4.03 × 10−1

p20 −2.29 × 10−3 6.64 × 10−4 5.90 × 10−3 −2.35 × 10−3

p11 8.02 × 10−3 1.04 × 10−2 1.39 × 10−2 −2.81 × 10−3

p02 −4.83 × 10−3 −8.88 × 10−3 −1.90 × 10−2 −8.43 × 10−3

p30 3.73 × 10−5 6.63 × 10−6 −5.50 × 10−5 1.70 × 10−5

p21 −2.58 × 10−5 −4.04 × 10−5 −9.80 × 10−6 2.59 × 10−5

p12 −1.22 × 10−4 −1.52 × 10−4 −2.45 × 10−4 1.19 × 10−5

p03 1.05 × 10−4 1.58 × 10−4 2.94 × 10−4 1.01 × 10−4
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Abstract: In this paper, a new single-cell hybrid switched inductor DC-DC converter is proposed to
demonstrate the verification of ultra-high voltage gain in renewable energy applications (REA). The
modification involves adding a single cell of an inductor with a diode and double capacitor to increase
voltage transfer gain. Additionally, this modification helps prevent the input current from becoming
zero, pulsating at very low duty cycles. The single cell of the hybrid inductor is interleaved with the
main switch to reduce current stress when the capacitor of the single-cell inductor charge becomes
zero. Moreover, the addition of a modified hybrid switch inductor with a capacitor, operating in dual
boosting mode with a single switch, allows the converter to achieve ultra-high voltage gain. The
proposed converter offers several advantages, including ultra-high voltage gain, high efficiency, low
voltage stress on power MOSFETs, diodes, inductors, and capacitors, as well as low switching and
conduction losses. Furthermore, the proposed converter utilizes transformerless and non-coupled
inductors. Mathematical equations have been derived for the discontinuous conduction mode (DCM)
and continuous conduction mode (CCM) and implemented using Matlab Simulink software to
validate the results. In addition, a dual PI controller is designed for the proposed converter to verify
the fixed output voltage. Experimental results have also been obtained for a 200 W prototype, with
the input voltage varying between 20 V and 40 V, and an output voltage of 200 V at an efficiency
of 96.5%.

Keywords: DC-DC converter; hybrid switch inductor; single cell switched inductor; ZCS

1. Introduction

The world is increasingly interested in utilizing various types of renewable energy
sources to generate electrical power, driven by concerns regarding energy security and
the environmental impact resulting from carbon dioxide emissions [1,2]. Solar and wind
energy, in particular, have gained widespread adoption worldwide [3,4]. For instance,
photovoltaic solar panels produce variable low-voltage outputs ranging from 12–40 V,
which are unsuitable for applications requiring high DC supply voltage or household appli-
ances [5,6]. Therefore, DC-DC converters are employed to step up very low input voltage
to high output DC voltage for various applications such as streetlights, motor drives, micro-
grid systems, uninterruptible power supplies, fuel cells, and medical equipment [2,4–35].
Different converter topologies, including buck-boost, boost, and Ćuk DC-DC converters,
have been introduced to achieve high voltage gain. The choice of converter depends on
the specific application requirements. However, these converters encounter challenges
when targeting ultra-high voltage gain. Key issues include a lower count of inductors
and capacitors, reduced efficiency at high voltage gain with extremely high duty ratios,
high voltage stress on power switches and diodes (equivalent to the output voltage), and
increased current stress on power devices as the load current rises. In this context, current
stress refers to the magnitude of current flowing through the switch during the on state
and is influenced by the paths traversed by the current through the MOSFET. Moreover,
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these converters suffer from elevated switching and conduction losses when the duty cycle
exceeds 0.9, as well as low power density [20]. Although boost converter topologies can
achieve voltage step-up with high voltage gains of up to 10, their efficiency diminishes at
high duty cycles [10,36]. Several researchers have proposed new technologies for DC-DC
converters to attain high voltage gain in renewable energy systems (RESs).

A modified DC-DC converter, interleaved with a boost converter based on soft switch-
ing between the main and auxiliary power MOSFETs, has been proposed to achieve high
voltage gain and solve the inrush current problem [1]. Another modification to the boost
converter using a hybrid inductor capacitor has been proposed in [8], and another with a
switch capacitor (SC), switch inductor (SL), and voltage multiplier (VM) in [31]. A cascaded
conventional SEPIC with a boost converter has been proposed in [24,26], and a modified
SEPIC based on an interleaved buck-boost converter in [11]. A modified converter with
multi-input has been proposed in [9,25]. These converters, as mentioned, are modified
to achieve high voltage gain with high power density. However, they have low voltage
gain and a high number of inductors and capacitors. Additionally, they require a high
number of power diodes and power MOSFETs to step up the low input to a high output
voltage. Furthermore, the power MOSFETs and diodes in these converters experience
high voltage stress. Complex control was also required in [8] to achieve high voltage
gain. Moreover, these converters achieve high voltage gain with an extremely high duty
cycle, resulting in high switching and conduction losses, as well as low performance and
efficiency. Other topologies have been proposed, such as a modified DC-DC converter with
coupled inductors and a voltage multiplier network (VMN) [3], and a conventional SEPIC
with a coupled inductor and VM [23]. These converters have demonstrated high voltage
gain, but they feature a high number of passive and active elements, as well as diodes. The
large number of components leads to a high parasitic resistance of inductors and capacitors,
resulting in reduced efficiency. Additionally, these converters operate at a low switching
frequency, which necessitates the use of large values of inductors and capacitors. Moreover,
the internal resistance of the power MOSFET (Ron) is high, further diminishing the voltage
gain of the system. Furthermore, a major issue with coupled inductor converters is the
occurrence of high spike voltages in the off state of the power switch due to the inductance
with parasitic capacitance of the power MOSFET switch [36]. To address this problem, a
clamped circuit can be added to the power switch to prevent the occurrence of high spike
voltages due to the coupled inductor [2,37]. However, adding more components to the
circuit increases costs and reduces efficiency due to parasitism. In addition, the system will
be heavy and large. Another problem is the pulsating input current at a low duty cycle,
which makes these converters unsuitable for RES applications.

Other researchers have developed DC-DC converters to achieve high voltage gain
using non-isolated coupled inductors. In [12], a double power switch converter with double
switch inductor (SL) was utilized. Additionally, in [13], a modified converter incorporating
a hybrid capacitor and inductor, and in [14], a DC-DC converter employing the voltage lift
technique, are proposed. Furthermore, in [15,16], a DC-DC converter based on SC with zero
voltage switching, and in [10,17], a modified buck-boost converter featuring a single switch
and pulsating input current, are described. However, these converters require an extremely
high duty ratio to achieve a high voltage gain ratio. This implies high switching and
conduction losses, low efficiency, low power density, and high voltage stress on the power
switches, diodes, inductors, and capacitors. Additionally, these converters exhibit a high
inductor count with low switching frequencies, which results in high parasitic resistance,
diminished performance, and efficiency. A modified boost converter with dual power
switch was proposed in [18], a modified boost converter with a single switch, multiplier
capacitor, and SL in [19,22], and a multi-input converter with multiple capacitors as hybrid
energy storage in [21], with the goal of attaining high voltage gain for RESs. A buck-
boost converter with SC SL was developed in [27], a pair of cascaded conventional boost
converters with dual switches in [28] and with a single switch in [30], and a modified buck
interleaved with SEPIC based on (SC) (SL) with two input sources in [29]. These converters
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achieve high voltage gain; however, they have a large number of power switches and
diodes, which has a high impact on system efficiency and performance. In addition, the
voltage and current stress on the power switch is high. Furthermore, the gate control circuit
is large and complex to implement.

In this paper, a new single-cell hybrid switched inductor-capacitor DC-DC converter
is proposed to demonstrate the verification of ultra-high voltage gain in renewable energy
applications (REA). The proposed modification involves incorporating a single cell of a
hybrid inductor, along with a diode and double capacitors, interleaved with the main
switch. This integration enables the proposed converter to attain a high voltage gain while
ensuring that the input current does not experience zero pulsations at very low duty cycles.
Additionally, the current stress on the main switch will reduce as the duty ratio increases,
as shown in Figure 11f when the single-cell capacitor C1 charge becomes zero. Furthermore,
the converter employs a modified hybrid switch inductor in dual boosting mode, working
with a single switch. This arrangement allows for the realization of an ultra-high voltage
gain. Moreover, one of the passive components, L2, will be open circuit, and D1 is working
at zero current switching, which means a reduction in the total power loss of the converter.

2. Structure and Operation of the Proposed DC–DC Converter

The DC-DC converter is modified to achieve a high voltage gain by stepping up a
low input voltage range of 20–40 V to an output voltage of 200 V. The proposed converter
is based on a modified hybrid switched inductor-capacitor configuration to verify high
voltage gain. Figure 1a shows the basic connection of a switched inductor, while Figure 1b
illustrates the hybrid connection of a switched inductor and a capacitor. Consequently,
the proposed converter is designed for Renewable Energy Sources (RES). In Figure 1c, the
connection of the proposed converter with PV Panels and Battery is shown for Energy
Saving Mode Applications. The structure of the proposed converter includes four inductors,
four capacitors, three diodes, and two power switches, as depicted in Figure 1d. The main
advantages of the proposed converter are that it utilizes non-coupled inductors and is
transformerless. It employs a high switching frequency to reduce the sizes of inductors and
capacitors, thereby increasing its efficiency. The proposed converter has a simple structure
with a straightforward control circuit. The new single cell of an inductor and capacitor,
which is interleaved with the main switch, helps avoid pulsating input current at low
duty cycles and minimizes voltage stress on the power switches, diodes, and inductors.
Additionally, the current stress on the main switch is reduced when the duty cycle increases.
Furthermore, the proposed converter achieves an ultra-high voltage gain compared to
previous DC-DC converters. In terms of the power switch PWM generator, it uses a simple
design where both MOSFETs turn on and off simultaneously. The proposed converter
can operate in DCM under two cases. Firstly, it can function in DCM Case 1 (DCMC1)
at a low duty cycle and maximum input voltage, with a duty ratio below 50%. Secondly,
the proposed converter can operate in DCM Case 2 (DCMC2) when the input voltage
decreases during the day at a high load current, with a duty ratio above 50%. Additionally,
the converter can also operate in CCM when the load current increases and the duty
ratio exceeds 70%. These scenarios are illustrated in Figure 4a,b, which demonstrates the
dynamic performance of the proposed converter.

2.1. Proposed Converter Operation DCMC1

The proposed converter can operate in DCMC1 in four states of operation during one
cycle when the input voltage is at its maximum, with a low duty cycle, and at light load.
The waveform of this mode of operation is shown in Figure 2a. The four states of this
operational mode are listed below:
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Figure 1. (a) Basis circuit of the switched inductor (b) Hybrid switched inductor-capacitor connection
(c) Schematic Diagram: Connection of the proposed converter with PV panels and battery for energy
saving mode applications (d) The Proposed DC-DC Converter with single-cell switched inductor
capacitor interleaved with modified switched inductor.

Figure 2. (a) Proposed Converter waveforms at DCMC1, (b) Proposed Converter waveforms at
DCMC2, (c) Proposed Converter waveforms at CCM.
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State 1: [0–t0]: In this mode, the two power MOSFETs (Sw1 and Sw2) are in the on
state, and a PWM generator provides a high source-to-gate voltage to turn both MOSFETs
on and keep diodes D2 and D3 off. During this mode, L1 charges with energy from the
input source, which is connected in series with it. L2 begins to charge from C1, and C1
discharges the energy stored in L2 through Sw1. D1 is on during this mode, and C2 stores a
significant amount of energy, which is used to charge L3 through Sw2. At the same time, L4
starts charging from C3. C4 supplies power to the load and forms the current path for this
mode, as shown in Figure 2b.

The voltage equations of this mode for inductors, capacitors, diodes, and MOSFETs
are as follows:

VL1 = Vs
VL2 = Vc1
VL3 = Vc2
VL4 = Vc2 − Vc3
Vc4 = Vo

⎫⎪⎪⎪⎪⎬⎪⎪⎪⎪⎭
(1)

The current equations of this mode for inductors, capacitors, diodes, and MOSFETs
are as follows:

iL1 + iL2 = ISW1 (2)

ISW2 = Ic2 = iL3 + iL4 (3)

ID1 = iL2 = IC1 (4)

IC4 = Io (5)

iL1 = Vs
L1

iL2 = Vc1
L2

iL3 = Vc2
L3

Io = Vo
RL

⎫⎪⎪⎪⎬⎪⎪⎪⎭ (6)

where VL represents the voltage across the inductor, Vc denotes the voltage across the
capacitor, Isw represents the current through the power MOSFET switch during the on
state, Vo signifies the output voltage, iL represents the current through the inductor, Io
represents the output current, RL represents the resistive load, ID is the current through
the power diode, and Ic denotes the current through the capacitor.

State 2: [t0–t1]: In this mode, the two power MOSFETs are in the off state, and both
diodes D2 and D3 in the on state. L1 discharges energy to C1 and charges C2. L2 starts
discharging its energy to C2 through D1 and remains in the on state. C2 stores a large
amount of energy from L1 and L2. L3 and L4 start discharging their energy to C4, which
supplies high power to the load and forms the current path of this mode, as shown in
Figure 3c.

The voltage equations of this mode for inductors, capacitors, diodes, and MOSFETs
are as follows:

VL1 = Vs − Vc1 − Vc2
VL2 = −Vc2
VL3 = Vc3 + VL4
VL4 = −Vc4
Vc4 = Vo

⎫⎪⎪⎪⎪⎬⎪⎪⎪⎪⎭
(7)
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Figure 3. (a) proposed DC-DC converter (b) state 1 mode DCMC1, state 1 mode DCMC2, state 1
mode CCM (c) state 2 mode DCMC1 (d) state 3 DCMC1, state 3 DCMC2, state 3 CCM (e) state 4
DCMC1 state 4 DCMC2 (f) state 2 mode DCMC2, state 2 mode CCM.

The current equations of this mode for inductors, capacitors, diodes, and MOSFETs
are as follows:

iL1 = VS
L1

− Vc1
L1

− Vc2
L1

iL2 = −Vc2
L2

iL3 = Vc3 + VL4
L3

Io = Vo
RL

⎫⎪⎪⎪⎬⎪⎪⎪⎭ (8)

iL1 + iL2 = ID2 (9)

iL3 + iL4 = ID3 (10)

ID1 = iL2 (11)

Ic4 = Io = iL3 + iL4 (12)

iL1 = Ic1 = Ii (13)

where Ii is the input current, which is equal to iL1.
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State 3: [t1–t2]: In this mode, the two power MOSFETs are still in the off state, and
both diodes D2 and D3 are still in the on state. L1 continues discharging energy to C1 and
charges C2. L2 reaches zero charge and iL2 and ID1 are zero. C2 continues receiving energy
from only L1, and D1 is now in the off state in this mode. L3 and L4 continue discharging
their energy to C4, which supplies high power to the load and forms the current path of
this mode, as shown in Figure 3d.

The current equations of this mode are as follows:

iL1 = ID2 (14)

ID1 = iL2 = 0 (15)

Ic2 = iL1 (16)

State 4: [t2–t3]: In this mode, the two power MOSFETs are still off, the PWM generator
gives zero gate-to-source voltage to keep them in the off state, and only D2 is still on. D3 is
now changed to the off state in this mode. L1 continues discharging energy to charge C1
and C2. C2 stores a large amount of energy for the next pulse to supply it to the load. L2 has
zero charge and iL2 and ID1 are zero, and D1 is still off in this mode. L3 and L4 will have
the same current values but in opposite directions: iL3 = −iL4. C4 supplies high power to
the load and forms the current path of this mode, as shown in Figure 3e.

Figure 4a,b illustrate the dynamic performance of the proposed converter when op-
erating in DCM and CCM, respectively. It is evident from the figures that the proposed
converter operates in DCM for duty cycles below 70%. However, for duty cycles above
70%, the converter can operate in CCM based on the boundary condition specified in
Equation (33).

Figure 4. Dynamic performance of the proposed converter (a) Loading factor K and Kcrit Vs duty
cycle, (b) Kcrit Vs K.

2.2. Proposed Converter Operation in DCMC2

The proposed converter can operate in DCMC2 when the input voltage is reduced
to the minimum value during the day, while the load current is high. In this mode, the
input current is still in CCM, and L2 will be in resonant mode with C1, while L3 and L4 will
continue to operate in DCM. Therefore, this mode has four states of operation, as shown in
Figure 2b: the proposed converter waveforms at DCMC2.

State 1: [0–t0]: In this mode, the two MOSFETs Sw1 and Sw2 are in the on state, and
both diodes D2 and D3 in their off states. L1 starts charging energy from the input source,
which is connected in series with it in CCM and never reaches zero. Inductor L2 starts
charging from C1, and C1 will discharge energy to L2 through Sw1 until (D − β2), the
charge across C1 will be zero, and the current through Sw1 will come only from IL1 after
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this time, as shown in Figure 11f. D1 is on in this mode, and C2 stores a large amount of
energy, which charges L3 through Sw2, and L4 starts charging from C3. C4 supplies power
to the load and forms the current path of this mode, as shown in Figure 3b. The current
and voltage equations of this mode are the same as for State 1 of DCM Case 1. Only the
current through Sw1 is shown below:

Isw1 = (iL1 + Ic1) from 0 < t < (D − β2)
Isw1 = iL1 only from (D − β2) < t < D

}
(17)

iL2 =
Vc1

L2
(D − β2) (18)

State 2: [t0–t1]: In this mode, the two power Mosfets are still in the on state. The PWM
generator continues to provide a high gate-to-source voltage to keep them in the on state,
and both diodes D2 and D3 remain off. Meanwhile, L1 continues to charge energy from
the input source, while L2 reaches zero charge due to the charge across C1 being zero. The
current through Sw1 comes solely from IL1, reducing the current stress through Sw1. D1
operates with zero current switching during this mode, meaning that L2 will be open circuit
during the time period ((D − β2) < t < D). L3 and L4 continue to charge from C2 and C3,
respectively. C4 continues to supply power to the load, and the current path of this mode is
shown in Figure 3f. The current equations remain the same as in the previous state 1.

State 3: [t1–t2]: in this mode, the two power MOSFETs are off, and both diodes D2 and
D3 are now on. L1 now starts discharging energy to C1 and charges C2. L2 does not charge,
and iL2 and ID1 are zero. L2 is open circuit during this mode. C2 receives a large amount of
energy from L1. L3 and L4 also start discharging their energy to C4, which supplies high
power to the load and forms the current path of this mode, as shown in Figure 3d.

State 4: [t2–t3]: In this mode, the two power MOSFETs are still off, and only D2 is still
on. D3 is changed to the off state in this mode. L1 continues discharging energy to charge
C2, and C2 will have a large amount of energy for the next pulse to supply it to the load. L2
remains open circuit in this mode. C2 will continue receiving energy only from L1. L3 and
L4 will have the same current but in opposite directions: iL3 = −iL4. C4 will supply high
power to the load and forms the current path of this mode, as shown in Figure 3e.

When the proposed converter operates in DCMC2, the capacitor C1 is discharged to
zero at (D − β2), reducing the current stress across Sw1. In this case, the current through
Sw1 flows only from L1. Additionally, the voltage stress across Sw1 and the power diodes
is significantly reduced. Furthermore, the conduction loss of Sw1 is significantly reduced
when the stress current is reduced. In this mode, L2 will be in an open circuit state, and D1
will have very low voltage stress. Additionally, as mentioned above, C1 is discharged to
zero. This implies that the components of the proposed converter are reduced during this
mode, leading to improved performance and efficiency.

2.3. Proposed Converter Operation in CCM

This operation mode occurs when the load current increases to a duty cycle of 70%,
as depicted in Figure 4. The input current still operates in CCM, and L2 enters a resonant
mode with C1, while L3 and L4 continue to operate in CCM. Additionally, the voltage gain
in this mode will be increased. Thus, this mode consists of three states of operation, as
illustrated in Figure 2c, which shows the proposed converter waveforms in CCM.

State 1: [0–t0]: in this mode, same as state 1 DCMC2.
State 2: [t0–t1]: in this mode, same as state 2 DCMC2.
State 3: [t1–t2]: In this mode, the two power MOSFETs are off, and both diodes D2 and

D3 are now on. L1 will start discharging energy to C1 and charge C2, and iL2 and ID1 are
zero. C2 receives a large amount of energy from L1. L3 and L4 will also start discharging
their energy to C4, and L3 and L4 will have the same current in CCM but in opposite
directions: iL3 = −iL4. C4 will supply high power to the load and forms the current path of
this mode, as shown in Figure 3d.
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3. Voltage Gain Calculations of the Proposed Converter

In this section, the voltage gain of the proposed converter is calculated when it operates
in DCM and CCM.

3.1. Voltage Gain of the Proposed Converter in DCMC1

In this section, we analyze the voltage gain of the proposed converter while it operates
in DCMC1. This particular mode is encountered when the input voltage reaches its
maximum value during light load applications, with a duty cycle below 50%. Hence, the
equations that describe the voltage gain under the DCMC1 operation of the proposed
converter are presented below:

1
Ts

(
∫ DTs

0
(Vs + Vc1)dt +

∫ Ts

D
(Vs − Vc1 − Vc2)dt +

∫ β1Ts

DTs
(−Vc2)dt) = 0 (19)

1
Ts

(
∫ DTs

0
(Vc2)dt +

∫ D1Ts

D
(Vc2 − Vc3)dt = 0 (20)

Vc2 =
Vs

(1 + β1 − D)
(21)

β1 = (
Vs
Vc2

+ D − 1) (22)

D1 =
DVc2

Vo
(23)

From Equations (1) and (7), applying volt-second balance to L1 and L2 results in
Equation (19). Solving it results in Equation (21). Applying volt-second balance to L3
and L4 from Equations (1) and (7) yields Equation (20). After solving Equation (20), by
applying the fact that the average voltage across C3 is almost zero during the steady state,
Equation (23) can be obtained (D1) is the discharging time of L3 and L4, and (β1) represents
the discharging time of L2, which can be found from Equation (22) and is a function of
(D, Vs, Vc2).

< I2 >= Vc1
2L2

DTs(D + β1)
< I3 >= Vc2

2L3
DTs(D + D1) + I

< I4 >= Vc2
2L4

DTs(D + D1)− I

⎫⎪⎬⎪⎭ (24)

iL2 peak =
VsDTs

2(1−D)L2

iL3 peak =
VsDTs

(1−D)L3

iL4 peak =
VsDTs

(1−D)L4

⎫⎪⎬⎪⎭ (25)

I3 + I4 = Io (26)

Io =
VsDTsD1

2Le(1 + β1 − D)
(27)

To find the average current through L2, L3, and L4, we can use Equation (24) to deter-
mine their respective averages. By adding the average currents I3 and I4 in Equation (24),
we can calculate the average output current using Equation (27). The peak current of the
inductors L2, L3, and L4 can be found using Equation (25).

Vc2 =

√
2LeVo2

RLD2Ts
(28)

Le =
L3L4

L3 + L4
(29)
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Gv(DCMC1) =
VsD2TsRL

2LeVo(1 + β1 − D)2 (30)

Gv(DCMC1) =
D

(1 + β1 − D)
√

K
(31)

kcrit =
(1 − D)4

(1 + β1 − D)2 (32)

kcrit =

{
I f Kcrit > K Proposed Converter work in DCM
I f Kcrit < K Proposed Converter work in CCM

(33)

The voltage across capacitor C2 can be obtained using Equation (28), which is a
function of RL, Vo, D, and Le when the converter operates in DCMC1. Here, Le represents
the inductor equivalent of L3 and L4, which can be found in Equation (29). Equation (30)
provides the voltage gain of the proposed converter at DCMC1. Equation (31) expresses
the voltage gain equation of the proposed converter in DCMC1 as a function of the load
loss factor (K). The boundary condition of the proposed converter, specifically the critical
load loss factor (Kcrit), can be determined using Equations (32) and (33) by applying the
values of (β1) in Equation (32).

3.2. Voltage Gain of Proposed Converter in DCMC2

In this section, the voltage gain of the proposed converter can be adjusted by varying
the input voltage and the load resistance. This mode occurs when the input voltage source
reaches its minimum value at a duty cycle above 50%, while the proposed converter
provides a high load current. Consequently, the voltage gain of the proposed converter in
the DCMC2 equations is presented below.

1
Ts (
∫ DTs

0 (VS)dt +
∫ (D−β2)Ts

0 (Vc1)dt +
∫ Ts

DTs (Vs − Vc1 − Vc2)dt)) = 0
1
Ts (
∫ DTs

0 (Vc2)dt +
∫ D1Ts

D (Vc2 − Vc3)dt = 0

}
(34)

D(Vin) + (1 − D)(Vin − Vc1 − Vc2) + (D − β2)(Vc1) = 0 (35)

By applying voltage second balance on L1, L2, L3 and L4, we obtain Equation (34) as a
result in Equation (35). From Equation (36), we determine the value of Vc1, which is almost
equal to the difference between the input voltage and the voltage across capacitor C2. Vc2
can be found in Equation (37). The values of (β2) is adjusted and can be found in Equation
(38), depending on the values of C1 and L2. After using Equation (34) and concluding
with Equation (40), we obtain the voltage gain of the proposed converter when operating
in DCMC2.

Vc1 = Vs − Vc2 (36)

Vc2 =
Vs

(1 − D)
(37)

β2 = D −
√

C1L2

Ts
(38)

D1 =
DVc2

Vo
(39)

Gv(DCMC2) =
VsD2TsRL

2LeVo(1 − D)2 (40)
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3.3. Voltage Gain of Proposed Converter in CCM

The voltage gain of the proposed converter is derived in CCM as shown in the equa-
tions below:

1
Ts

(
∫ DTs

0
(Vc2)dt +

∫ Ts

D
(Vc2 − Vc3)dt = 0 (41)

Vo =
Vc2D
(1 − D)

(42)

Gv =
Vo
Vs

=
D

(1 − D)2 (43)

By using the same Equations (34) and (35), by applying volt-second balance to L1 and
L2 and, to L3 and L4, we obtain Equation (41) at different times. The result can be found in
(42) and (43). The voltage gain of the proposed converter in CCM is given by Equation (43).

The voltage gain equations of the proposed converter in DCM and CCM demon-
strate that it has a higher voltage transfer gain compared to previous DC-DC converters.
Additionally, two passive components, L2 and C1, become open circuits as depicted in
Figure 3f. Moreover, D1 operates at Zero Current Switching and experiences low voltage
stress, thereby reducing the total power loss of the converter. This reduction occurs because
L2 reaches zero charging when the charge across C1 becomes zero. The current flowing
through Sw1 is solely sourced from iL1.

4. Voltage across Power Diodes, MOSFETs and Capacitor

The proposed converter has two power switches, three power diodes, and four ca-
pacitors. Therefore, in this section, the voltage stress across power MOSFETs is calculated.
Furthermore, the voltages across the power diodes and capacitors of the proposed converter
are also calculated.

VD1 =
Vs

(1 − D)
(44)

VD2 =
Vs

(1 − D)
(45)

VD3 =
VsD

(1 − D)2 (46)

In order to find the voltage stress across the power diodes in the proposed converter,
we can use Equation (44) to determine the voltage stress across D1, which is a very small
value. Equation (45) can be used to obtain the voltage stress across D2, while Equation (46)
provides the means to find the voltage stress across D3. It can be observed that the voltage
across the power diodes is very small and depends on the input voltage, which ranges
from 20 V to 40 V.

Vsw1 =
VsD

(1 − D)
(47)

Vsw2 =
Vs

(1 − D)
, average voltage (48)

To determine the voltage stress across the Power MOSFETs, we can use Equation (47)
to find the voltage across MOSFET Sw1. This voltage is also very small and depends on
the input voltage, which varies from 20 V to 40 V. Additionally, Equation (48) allow us to
calculate the average voltage stress across Sw2. During the time period D < t < D1, the
voltage across Sw2 is equal to the output voltage. During the time period D1 < t < Ts, it is
equal to the average voltage across C2.

Vc1 =
Vs

(1 − D)
−
√

2LeVo2

RLD2Ts
(D < 0.5) (49)
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Vc2 =
Vs

(1 − D)
(50)

Vc4 = Vo (51)

To determine the voltage across capacitors, we can refer to Equation (49) for the voltage
across C1 and Equation (50) for the voltage across C2. Additionally, Equation (51) provides
the means to find the voltage across the filter capacitor, which is equal to the output voltage.
By reducing the voltage stress on all power diodes and power MOSFETs, the proposed
converter experiences decreased losses, leading to improved efficiency.

5. Features Components of Proposed Converter

In this section, we discuss the main components of 200 W prototype of proposed
converter, which include inductors, capacitors, power diodes, power Mosfet, and gate
drive circuit. Therefore, these components are crucial for designing and verifying the high
voltage gain of the proposed converter. The suggested converter has four small values of
inductors, four small values of capacitors. Table 1 provides the parameters of the prototype
design for the proposed converter.

Table 1. Prototype parameters design for the proposed converter.

SiC MOSFET 650 V, 40 A. 35 mΩ

SiC Schottcky diode 1200 V 40 A

L1
L2
L3
L4

100 uh 2.9 mΩ
3 uh 1.5 mΩ
100 uh 2.9 mΩ
15 uh 2.2 mΩ

C1
C2
C3
C4

1 uF 100 V
200 uF 100 V
2 uF 500 V
100 uF 500 V

Vs 20–40 V

Vo 200 V

Power 200 w

Duty Cycle (D) 0.45

Fs Switching Frequency 150 KHZ

Inductor size (L1 = L3 = L4) (L/2.85 cm·W/2.75 cm·H/2.5 cm)

Inductor size L2 (L/1.85 cm·W/1.5 cm·H/2 cm)

It can be observed from Table 1 that the values of the inductors become significantly
smaller when a high switching frequency is employed. Furthermore, the internal resis-
tance of the inductors is also minimized, resulting in reduced total power losses for the
proposed converter. The sizes of the inductors are provided in Table 1. It is evident that by
utilizing a high switching frequency, the overall dimensions of the proposed converter are
substantially reduced. The inductor specifications used in the proposed converter involve
a ferrite core with flat wire to minimize internal resistance. To design the inductors of the
proposed converter, L1 can be designed using Equation (52), C1 and L2 can be designed
using Equation (53). Inductor L3 and L4 can be found using Equation (54). C2, C3, and C4
can be determined using Equations (55), (56), and (57), respectively.

L1 ≥ VsD
FsΔiL1

(52)
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L2 = 4π2Fs3RL(1 − D)ΔVc1
DVo

C1 = VoD
ΔVc1FsRL(1 − D)

}
(53)

L3 ≥ VsD
FsΔiL3(1 − D)

L4 ≥ 8VsD
FsΔiL4(1 − D)

}
(54)

C2 =
VoD

ΔVc2RLFs(1 − D)
(55)

C3 =
6VoD
FsRL

(56)

C4 =
VoD

ΔVc4FsRL
(57)

6. Comparison the Proposed Converter with Previous DC DC Converters

In this section, the proposed converter is compared to previous DC-DC converters.
Both the previous works and the proposed converter are simulated in Matlab Simulink
under the same conditions. From Figure 5, it can be observed that the voltage gain of the
proposed converter is higher than that of the previous converters. A higher gain at a low
duty cycle implies lower conduction losses, lower switching losses, higher efficiency, and a
reduced number of inductors and capacitors. As shown in Figure 6a, the power MOSFET in
the proposed converter experiences lower voltage stress compared to the power MOSFET
in the previous converters. However, the voltage stress across the power MOSFET in the
proposed converter slightly increases as the voltage gain increases. Regarding the voltage
across the diodes, Figure 6b demonstrates that the voltage stress across the diode in the
proposed converter is lower than in previous DC-DC converters.

Figure 5. Voltage gain vs. Duty cycle [9,13,15,19,21,31,36].

The proposed DC-DC converter is compared with the previous DC-DC converters in
Table 2. It can be seen that the proposed converter operates at a higher switching frequency
than previous DC-DC converters. A low switching frequency requires high values of
inductors and capacitors with high internal resistance, resulting in high switching and
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conduction losses, particularly at high duty cycles. Furthermore, high values of passive
components result in high weight, high cost, and large size.

Figure 6. (a) Voltage stress across Power MOSFETs Vs. voltage gain, (b) Voltage stress across Diode
Vs. Voltage Gain [9,13,15,19,36].

Table 2. Comparison between the Proposed Converter and Previous DC DC Converters.

Items
Proposed
Converter

Ref
[36]

Ref
[9]

Ref
[13]

Ref
[15]

Ref
[19]

Ref
[21]

Ref
[4]

Ref
[31]

Switching
Frequency 150 5 50 100 50 66 24 45 30

Vs 20–40 24 20–40 50 v 15 v 24 20 20 25 v

Vo 200 v 107 v 200 v 400 v 90 v 180 300 v Out1 = 155 110 v

Inductors 4 2 4 3 3 3 2 2 4

capacitors 4 3 1 5 4 3 4 8 6

Diodes 3 4 7 4 5 2 4 7 3

switches 2 1 2 1 2 1 1 1 1

Duty cycle 45% 64% 70% 72% 50% 88% 77% 77% 60%

Power (w) 200 52 200 200 200 100 250 250 110

Efficiency 96.5% 91.2% 90% 94.5% 95% 94% 93.5% 90% 94.5%

Input
Current

No
Pulsating Pulsating Pulsating Pulsating No

Pulsating Pulsating No
Pulsating Pulsating Pulsating

Gain D
(1 − D)2

(4 − 3D)
(1 − D)

(1 + 3D)
(1 − D)

(1 + 2D)
(1 − D)

(3 − D)
(1 − D)

(2D)
(1 − D)

(3 + D)
2(1 − D)

3
(1 − 2D)

(3D)
(1 − D)

The proposed converter can step up a low input voltage at a duty cycle of 45% with
a load of 200 W, but other converters in Table 2 can step up a low voltage at a high duty
ratio. A high diode count leads to high internal resistance and high forward voltage (Vf),
limiting the voltage gain and increasing the converter losses. In addition, a high diode
count increases the reverse recovery time, which also affects the system’s performance. In
addition, the proposed converter has zero pulsating input current at low and high duty
cycles compared to the input current in the previous DC-DC converter. In terms of the
voltage gain equations of the proposed and previous DC-DC converters, as shown in
Table 2, the proposed converter can achieve a higher voltage gain than the previous DC-DC
converters listed in Table 2. Moreover, this means that the proposed converter is more
efficient for applications that require high DC voltage gain at different loads, with more
flexibility in the duty ratio. It achieves an efficiency of 96.5%. Additionally, the proposed
converter is more suitable for RES.
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7. Control Strategy of the Proposed Converter

The suggested controller, as shown in Figure 7, uses dual PI controllers to enable the
proposed converter to operate with high performance. The first PI controller, known as
the inner loop controller, is designed to control the load current. The second PI controller,
called the outer loop controller, is responsible for controlling the output voltage of the
proposed converter. The voltage controller takes the difference between the desired voltage
and the actual output voltage as its input. It then generates a reference current for the
load based on this difference. This reference current is limited intentionally to prevent
the converter from using high current. The difference between the reference current and
the actual current is then used as input for the current controller. The Proportional and
Integral gain parameters of the Pi controller are denoted as Kp and Ki, respectively. The
parameters Ki and Kp of the outer loop are set to be ten times faster than the parameters
of the inner PI loop controller. The method used for tuning the controller parameters is a
trial-and-error approach.

Figure 7. The suggested Controller strategy of the proposed Converter.

After applying the suggested dual PI controller to the proposed converter to verify the
fixed output voltage under variable input voltage, Figure 8a shows that the output voltage
of the proposed converter stays at 200 V even when the input voltage drops to its lowest
values. This means that the suggested controller for the proposed converter is more reliable
for applications that need a high consistent output voltage, and it can handle a wide range
of duty ratios for higher power density in renewable energy applications. In Figure 8b,
it is demonstrated that the converter can provide a variable output voltage ranging from
100 V to 250 V while keeping the input voltage fixed. It also responds quickly to changes,
ensuring a swift adjustment in the output voltage.

Figure 8. (a) output voltage of the proposed converter at variable input voltage, (b) variable output
voltage at fixed input voltage.
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8. Simulation and Experimental Results and Discussion

In this section, a 200 W PCB prototype is designed to validate the experimental results,
as shown in Figure 9a. An experimental test is performed in the laboratory for the proposed
converter, as shown in Figure 9b. Additionally, MATLAB Simulink and PLECS software
are used to verify the experimental results in different cases.

Figure 9. (a) PCB prototype of the proposed converter (b) experimental test of the proposed converter.

Figure 10a shows the source-to-gate voltage with a duty cycle of 27% and an output
voltage of 218 V, with the input voltage at 40 V. It can be seen that the load current is 0.44 A
at 95 W. Figure 10b shows the voltage across capacitors C1, C2, and C3. It can be observed
that Vc1 is equal to the difference between Vs and Vc2, while the voltage across C2 is 54.6 V.
Furthermore, the average voltage across C3 is zero. In Figure 10c, the current through
switching Sw1 and Sw2 and the voltage across Sw1 and Sw2 are depicted. It can be seen
that the current through Sw1 is equal to iL1 and iL2, matching the shape of both inductor
currents. Additionally, the voltage across the MOSFET significantly decreases when the
converter operates at low duty cycle.

Figure 10d illustrates the current through D1, D2, and D3. The current through D1 is in
series with L2 to prevent iL2 from starting in the reverse direction, having the same shape
as the current in L2. This prevents the input current from becoming pulsating at a low
duty cycle. The current across D2 is equal to iL2 and iL1 when D2 is on, while the current
through D3 is equal to iL3 and iL4 when D3 is on. Figure 10e displays the voltage across
diodes D1, D2, and D3. It can be observed that the voltage across power diodes significantly
decreases when the converter operates at a low duty cycle. Figure 10f shows the voltage
across inductors. The voltage across inductor L1 is substantially reduced in the on state,
equal to the input voltage, while in the off state, it is equal to half the input voltage. The
voltage across L2 in the on state has the same shape as Vc1, and in the off state, VL2 is equal
to Vc2 for a short period of time. VL3 and VL4 are equal to the value of Vc2, which is very
small during the on state and equal to the output voltage during the off state for a very
short time as well. This means low voltage stress on the inductors, reducing the total losses
of the proposed converter.

Figure 11a indicates that current flows through the inductors during the on-state
period. It is evident that the discharging time of L2 is smaller than that of L3 and L4.
Additionally, the discharging time of L2 is denoted as β1 when the proposed converter
operates in DCMC1. Furthermore, the discharging times of L3 and L4 are equal to D1, and
both discharging times (D1 and β1) depend on the values of RL, Vo, D. The inductor L1
exhibits a long discharge time, does not reach zero, and shows no pulsation during the off
states. Figure 11b illustrates the current through the inductors when the proposed converter
operates in CCM. Figure 11c presents the load current of the proposed converter, which is
1 A at an input voltage of Vs = 20 V and an output voltage of 212 V at 200 W. Figure 11d
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depicts an input voltage of Vs = 40 V and an output voltage of 208 V at a load current
of 1 A at 200 W. It can be observed that the current through L1 is still in CCM, while the
current through L3 and L4 is in DCM at 200 W. This approach aims to reduce voltage stress
across Sw2 and inductors L3 and L4, thereby enhancing the performance and efficiency of
the proposed converter. Figure 11e shows the voltage across D1, and it can be seen that in
the on state, the voltage across D1 is around 22 V during the period (D − β2 < t < D). D1
works in ZCS, and inductor L2 is an open circuit during this time. Therefore, when the
input voltage is decreased to the minimum value, the proposed converter can work with
high performance with one power diode working in ZCS, reducing the number of passive
components. In addition, the voltage stress across D2 will be reduced when the converter
works in DCMC2 when capacitor C1‘s charge becomes zero at (D − β2).

Figure 10. (a) Vs, Vo, Io, (b) Vc1, Vc2, Vc3, (c) Isw1, Isw2, Vsw1, Vsw2, (d) ID1, ID2, ID3, (e) VD1, VD2,
VD3, (f) VL1, VL2, VL3, VL4.

Figure 11f shows that the current reduction of Sw1 occurs when capacitor C1’s charge
becomes zero at (D − β2). After this period, the current through Sw1 will come only
from L1. This means that the RMS current of Sw1 will be significantly reduced when the
converter operates at high current. The value of β2 depends on the values of C1 and L2.
This means that the proposed converter can supply high load current with high efficiency,
especially for battery charging and renewable energy applications.

Figure 12a shows the inductor currents L1 and L2 when the converter operates in
DCMC1 at D = 0.45. In Figure 12b, the inductor currents L1 and L2 can be observed when
the proposed converter operates in DCMC2. Figure 12c demonstrates that the current
through inductors L3 and L4 operates in DCM, with both inductors having the same value
but in opposite directions. This method aims to reduce voltage stress across Sw2 during the
very long period of time (D1 < t < Ts), as previously mentioned.
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Figure 11. (a) iL1, iL2, iL3, iL4 at low duty cycle, (b) iL1, iL2, iL3, iL4 at CCM, (c) Vs, Vo, Io, (d) Vs, Vo,
Io, iL1, iL3, iL4, (e) VD1, VD2, (f) Isw1 and IC1 at different D.

Figure 12. (a) iL1, iL2, (b) iL1, iL2, (c) iL3, iL4, (d) Vo = 200 V, (e) Load Current 1 A, (f) Isw1, Isw2.
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In Figure 12d, the output voltage of the proposed converter is 200 V at a load current of
1 A, as shown in Figure 12e when the proposed converter operates in DCMC2. The currents
through Sw1 and Sw2 are depicted in Figure 12f. It can be seen that the voltage across Sw1
is equal to 54 V, which is a very low voltage as shown in Figure 13a. Figure 13b shows the
voltage across Sw2, which remains at 54 V for a long time period (D1 < t < Ts). Figure 13c
illustrates the voltage stress across D3. Furthermore, Figure 13d shows the voltage across
D1, indicating that during the on state, the voltage across D1 is around 22 V in the period
(D − β2 < t < D), with D1 operating in ZCS, while the inductor L2 acts as an open circuit
during this time. As mentioned earlier, the voltage stress across D2 will be reduced when
the converter works in DCMC2, as capacitor C1’s charge becomes zero at (D − β2).

Figure 13. (a), Vsw1, (b) Vsw2, (c), VD3, (d) VD1 at ZCS, (e) VC2, (f) Variable output voltage 250 V.

Figure 13e displays the voltage across C2, which is equal to 52 V at D = 0.45. Addition-
ally, the proposed converter can supply a variable output voltage, as shown in Figure 13f,
where the output voltage is 250 V. These qualities make the suggested converter highly
efficient and enable it to perform exceptionally well. Moreover, it can supply high currents,
even when the duty ratios vary over a wide range.
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The proposed converter demonstrates a higher level of performance compared to
previous DC-DC converters. Notably, the power MOSFETs in the proposed converter
experience significantly reduced voltage stress when operating in Discontinuous Conduc-
tion Mode (DCM) for both cases. Additionally, the single-cell switched inductor capacitor
operates in resonant mode when the duty cycle exceeds 50%.

Furthermore, one of the passive elements, L2, becomes an open circuit when the charge
on capacitor C1 reaches zero at (D − β2). This approach effectively reduces the voltage
stress across the power MOSFETs and all diodes, while also minimizing the current stress
on the main switch. This is achieved by ensuring that the current through the main switch
is solely derived from L1, which is equal to the input current.

The proposed converter also achieves a reduction in power losses, resulting in in-
creased overall efficiency. Specifically, the efficiency of the converter reaches 96.5% at 200 W.
Additionally, the input current does not reach zero at low duty cycles, making the proposed
converter more efficient and well-suited for Renewable Energy Systems (RESs).

9. The Proposed Converter Efficiency Calculation

The proposed converter consists of four inductors, four capacitors, two power switches,
and three diodes. These components, both passive and active, are not ideal. For example,
an inductor has internal resistance, which increases as its value increases. The internal
resistances of the inductors are denoted as rl1, rl2, rl3, and rl4. Similarly, the capacitors C1,
C2, C3, and C4 have equivalent series resistances rc1, rc2, rc3, and rc4. The power diode
also incurs power losses due to its internal resistance and forward voltage Vf. Additionally,
power losses occur due to conduction and switching losses in the power MOSFET devices.
Therefore, it is important to consider all of these losses for the proposed converter. The
internal resistances of all active and passive elements are illustrated in Figure 14.

Irms =

√√√√√ 1
Ts

Ts∫
0

(I)2dt (58)

Isw1rms =

√√√√√√ 1
Ts

[

(D−β2)Ts∫
0

(iL1 + iL2)2dt +
D∫

(D−β2)Ts

(iL1)2dt] (59)

Isw2rms =

√√√√√ 1
Ts

DTs∫
0

(iL3 + iL4)2dt (60)

Figure 14. The proposed converter with parasitic components.
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To calculate the total power losses of the proposed converter, the rms current is
required for calculations related to the inductors, capacitors, power MOSFET, and diodes
in both the on and off states. Equation (58) represents the general equation for rms current,
and Equations (59) and (60) can be used to obtain the rms current through Sw1 and Sw2
during the on state.

ID1rms =

√√√√√ 1
Ts

(D−β2)Ts∫
0

(iL2)2dt = iL2rms (61)

ID2rms =

√√√√√ 1
Ts

Ts∫
D

(iL1)2dt (62)

ID3rms =

√√√√√ 1
Ts

Ts∫
D

(iL3 + iL4)2dt (63)

To calculate the rms current through power diodes, Equation (61) provides the rms
current through D1 during the on state, which is equivalent to the rms current through
inductor L2. Equations (62) and (63) describe the rms current across D2 and D3, respectively.

Ic1rms =

√√√√√ 1
Ts

[

(D−β2)Ts∫
0

(iL2)2dt +
Ts∫

D

(iL1)2dt] (64)

Ic2rms =

√√√√√ 1
Ts

[

DTs∫
0

(iL3 + iL4)2dt +
Ts∫

D

(iL1)2dt] (65)

Ic3rms =

√√√√√ 1
Ts

[

DTs∫
0

(iL4)2dt +
Ts∫

D

(iL3)2dt] (66)

Ic4rms =

√√√√√ 1
Ts

[

DTs∫
0

(iL4)2dt +
Ts∫

D

(iL3 + iL4)2dt] (67)

To calculate the rms current through capacitors C1, C2, C3, and C4, the values can be
determined from Equations (64), (65), (66), and (67), respectively.

Isw1rms =
IoD

√
4D − 3β2

(1 − D)2 (68)

Isw2rms =
Io
√

D
(1 − D)

(69)

After solving the rms values in Equations (59) and (60), the resulting Equations (68)
and (69) describe the rms current through Sw1 and Sw2, respectively.

ID1rms =
IoD

√
D − β2

(1 − D)2 = iL2rms (70)

ID2rms =
IoD√

(1 − D)3
(71)
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ID3rms =
Io√

(1 − D)
(72)

After solving for the rms values, Equations (70)–(72) provide the rms currents through
the power diodes.

iL1rms =
IoD

(1 − D)2 (73)

iL3rms = iL4rms =
Io

(1 − D)
(74)

Furthermore, Equations (73) and (74) provide the rms current through inductors
L1, L3, and L4. Equations (75)–(78) yield the rms current for capacitors C1, C2, C3, and
C4, respectively.

Ic1rms =
IoD

√
(1 − β2)

(1 − D)2 (75)

Ic2rms =
IoD

√
1 + D(1 − D)√
(1 − D)3

(76)

Ic3rms = Io
√

D
1 − D

(77)

Ic4rms = Io
√

D
1 − D

(78)

9.1. Conduction Losses Calculation for MOSFET Devices

Conduction losses refer to the power losses that occur when current flows through
a device, such as a power MOSFET or any other semiconductor device. These losses are
primarily caused by the resistance of the device’s conducting path, resulting in power
dissipation in the form of heat.

To calculate the conduction losses of the power MOSFET in the proposed converter,
the square value of the rms current is multiplied by the internal resistance of the MOSFET,
as shown in Equation (79).

Pcd1 = PoD2(4D−3β2)

RL(1−D)4 rds1

Pcd2 = PoD
RL(1−D)2 rds2

(79)

From Equation (79), the power conduction losses of power MOSFETs, Pcd1, and Pcd2,
can be obtained.

9.2. Switching Losses Calculation for MOSFET Devices

Switching losses, also known as dynamic losses, are the power losses that occur during
the switching transitions of a power electronic device, such as a power MOSFET. These
losses result from the energy dissipated as the device switches between the on and off
states. Switching losses are mainly caused by the charging and discharging of internal
capacitances, as well as the voltage and current overlapping during the switching process.

To calculate the switching losses of the power MOSFET in the proposed converter, half
of the square of the voltage stress across the MOSFET during the off state is multiplied by
the switching frequency and the output capacitor of the power MOSFET (Co).
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Esw = 1
2 CoVsw2

PSW = EswFs

PSWL1 = Vs2D2

2(1−D)2 FsCo

PSWL2 = Vs2D2

2(1−D)4 FsCo

(80)

where, (Esw) is the energy dissipated during one switching cycle. From Equation (80), the
power switching losses of the MOSFETs Sw1 and Sw2, denoted as PSWL1,2, can be obtained.

9.3. Total Power Loss in MOSFET Devices

PTML1, 2 =
PoD2(4D − 3β2)

RL(1 − D)4 rds1 +
PoD

RL(1 − D)2 rds2 +
Vs2D2

2(1 − D)2 FsCoFsCo +
Vs2D2

2(1 − D)4 FsCo (81)

From Equation (81), PTML1,2 can be obtained as the total power losses of Sw1 and
Sw2 by adding Equations (79) and (80).

9.4. Losses in Power Diode

Power losses in the diode can be divided into two components: losses due to internal
resistance rd and losses due to the forward diode voltage Vf. Therefore, all power losses
from the three diodes in the converter must be taken into account. From Equation (82), the
average current (IDav) through diodes can be calculated:

ID1av = PoD(D − β2)

RL(1 − D)2

ID2av = IoD
(1 − D)

ID3av = Io

⎫⎪⎪⎪⎪⎬⎪⎪⎪⎪⎭
(82)

In order to find the power losses due to forward voltage (Pvf), Equation (82) is
multiplied by Vf, resulting in Equation (83).

PV f = IDavV f
PV f 1 = V f 1

PoD(D − β2)

RL(1 − D)2

PV f 2 = V f 2
IoD

(1 − D)

PV f 3=V f 3Io

⎫⎪⎪⎪⎪⎪⎪⎬⎪⎪⎪⎪⎪⎪⎭
(83)

To calculate the diode power losses due to internal resistance (rd), the square of the
diode’s rms current is multiplied by rd, as shown in Equation (84).

PDr = IDrmsrd

PDr1 = PoD2(D − β2)

RL(1 − D)2 rd1

PDr2 = PoD2

RL(1 − D)3 rd2

PDr3 = Po
RL(1 − D)

rd3

⎫⎪⎪⎪⎪⎪⎬⎪⎪⎪⎪⎪⎭
(84)

The total power losses PDL1,2,3 across the three diodes can be found in Equation (85),
by adding all the losses in the power diodes.

PDL1,2,3 = PDr1,2,3 + PV f 1,2,3 (85)
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9.5. Power Losses in Inductors and Capacitors

The inductor used in the proposed converter has a very low internal resistance, as
shown in Table 1. Additionally, the inductors and capacitors of the proposed converter are
designed for high switching frequency, resulting in the converter operating with very high
efficiency and performance. Calculation of the power losses due to the internal resistance
of the inductors and capacitors are shown below:

PL = iLrms2rl
PL1 = PoD2

RL(1 − D)4 rl1

PL2 = PoD2(D − β2)

RL(1 − D)2 rl2

PL3 = Po
RL(1 − D)2 rl3

PL4 = Po
RL(1 − D)2 rl4

⎫⎪⎪⎪⎪⎪⎪⎪⎪⎬⎪⎪⎪⎪⎪⎪⎪⎪⎭
(86)

PC = Icrms2rc

PC1 = PoD2(1 − β2)

RL(1 − D)4 rc1

PC2 = PoD2(1 + D(1 − D))

RL(1−D)3 rc2

PC3 = PoD
RL(1 − D)

rc3

PC4 = PoD
RL(1 − D)

rc4

⎫⎪⎪⎪⎪⎪⎪⎪⎬⎪⎪⎪⎪⎪⎪⎪⎭
(87)

From Equations (86) and (87), the power losses PL and PC in the inductors and
capacitors can be found, respectively.

9.6. Total Power Losses in Proposed Converter

The proposed converter losses can be divided into MOSFET losses, diode losses,
inductor losses, and capacitor losses. The total power loss (TPPCL) of the proposed converter
can be found in Equation (88), which involves summing the power losses in the power
MOSFETs (PTML1,2), the total power losses in the diodes (PDL1,2,3), and the losses in the
inductors and capacitors (PL1,2,3,4) and (PC1,2,3,4), respectively. The proposed converter
efficiency can be obtained using Equation (89).

TPPCL = PTML1,2 + PDL1,2,3 + PL1,2,3,4 + PC1,2,3,4 (88)

η =
Po

Po + TPPCL
100% (89)

The use of SiC MOSFETs with very low on-state resistance is a better choice to reduce
conduction losses. Additionally, using inductors with low values and very low internal
resistance can increase the performance and efficiency of the proposed converter.

Figure 15a shows that the proposed converter’s output voltage increases as the switch-
ing frequency increases. This implies that the design of the proposed converter allows for
boosting low voltage to high voltage at a low duty cycle, achieving high power density with
an efficiency of 96.5%. Figure 15b provides a comprehensive visual representation of the
losses incurred by the proposed converter. It is worth noting that a significant proportion
of these losses can be attributed to the power MOSFETs and diodes used in the converter.
These losses result from the switching and conduction characteristics exhibited by these
components during the converter’s operation. Furthermore, a portion of the losses can be
attributed to the inherent resistance of the inductors and capacitors present in the system.

Figure 16a,b illustrates the conduction power losses of MOSFETs Sw1 and Sw2 at dif-
ferent input voltages. It can be observed that the conduction power losses for both MOSFET
switches slightly increased as the input voltage rose from 10 V to 40 V. Additionally, the
conduction losses showed a significant decrease as the duty cycle decreased.
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This indicates that the SiC MOSFET utilized in the proposed converter exhibits very
low power conduction losses, particularly at variable duty cycles. Consequently, the
proposed converter achieves higher efficiency compared to previous DC-DC converters. By
employing WBG (Wide Bandgap) MOSFETs, both conduction and switching losses can be
substantially reduced, leading to a significant increase in the converter’s efficiency.

Figure 15. (a) Output voltage of the proposed converter at different switching frequency at D = 45%
(b) percentage losses of components of proposed converter.

Figure 16. Conduction losses of power switches at variable input voltage proposed converter
(a) power Mosfet 1 (Sw1) (b) power Mosfet 2 (Sw2).

Figure 17a,b displays the efficiency of the proposed converter at various input voltages.
The results indicate that at an input voltage of 30 V and a duty cycle of 50%, the converter
achieves an efficiency of approximately 97.3% when operating at a power level of 200 W.
This demonstrates that the proposed converter is capable of stepping up a low input voltage
under light load current conditions, while also providing high load current at the maximum
input voltage.

Figure 17. (a) Efficiency of the proposed converter with duty ratio at variable input voltage (b) Effi-
ciency of the proposed converter with load current at variable input voltage.
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10. Conclusions

As a result, a new single-cell hybrid switched inductor DC-DC converter is proposed
to demonstrate the verification of ultra-high voltage gain in photovoltaic applications. The
modification in the proposed converter helps prevent the input current from pulsating to
zero at very low duty cycles, making it more efficient for renewable energy applications.
The single cell of the hybrid inductor is interleaved with the main switch to reduce current
stress when the load current increases and the capacitor charge becomes zero. Moreover,
the addition of a modified hybrid switch inductor with a capacitor, operating in dual
boosting mode with a single switch, allows the converter to achieve ultra-high voltage gain.

The proposed converter offers several advantages, including ultra-high voltage gain,
high efficiency, low voltage stress on power MOSFETs, diodes, inductors, and capacitors,
as well as low switching and conduction losses. Furthermore, the proposed converter
utilizes transformerless and non-coupled inductors. Additionally, the proposed converter’s
efficiency is around 96.5% when the input voltage is 20 V with a duty cycle of 0.6. The
increased flexibility in the duty cycle allows the proposed converter to operate at high
power density and convert very low input voltage to high output voltage for renewable
energy systems.

In addition, the output voltage of the proposed converter increases when the switching
frequency is increased to boost low input to high output voltage at a low duty cycle.
The voltage stress on the power devices has been reduced compared to existing DC-DC
converters. Moreover, using a high switching frequency reduces the component values
and circuit size, resulting in a significant reduction in the weight of the proposed converter.
Passive components of the proposed converter are reduced when the converter operates in
(DCM) and (CCM), which improves converter efficiency and performance.
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Abstract: This paper proposes a simple design scheme for a modular NPC inverter using thermal
RC network analysis. The proposed design process is an efficient and straightforward approach to
designing the heatsink for a 300 kW modular neutral-point-clamped inverter. The heatsink design
plays a crucial role in achieving high power density of a power converter because the weight and
size of the heatsink are primarily influenced by its type. The structure and dimensions of the heatsink
are mainly determined based on the generated heat by losses of the power semiconductor switches.
In this paper, a thermal RC network model was established using parameters from the power switch
module and was applied to the simulation of the power converter. The thermal losses of the power
semiconductor switches were calculated via this process, and the heatsink was designed according
to the calculated thermal losses. The proposed design scheme was analyzed and compared with
the thermal fluid dynamic model. To validate the feasibility of the proposed design process, The
simulation results were compared with experimental results.

Keywords: thermal model; heat sink design; neutral-point-clamped inverter; linear electrical circuit
simulation

1. Introduction

Recently, electric propulsion systems have replaced mechanical propulsion systems in
ships, thereby improving fuel efficiency, reducing emissions, and facilitating the adjustment
of ship space [1]. These electric propulsion systems consist of an electric motor, a power
converter, and a reducer that is differently used by the characteristic of a ship. Since a
ship requires a high-power system, power converters have been widely used by multi-
level inverters, which have advantages such as high-power conversion and a reduction
in harmonics despite a low switching frequency. Especially, neutral-point-clamped (NPC)
inverters have been applied to many different ships because it has relatively simple configu-
rations compared with other multi-level topologies. Moreover, if the NPC inverter consists
of modular power stacks, it can easily utilize space and expand the power capacity [2–4].
The loss of the power semiconductor device can be defined as the sum of the conduction
loss, which is expressed as the product of the current flowing through the device and the
applied voltage, and the switching loss, which is expressed as the product of the current
flowing through the switch and the voltage applied during the ON and OFF transition
periods. In particular, the switching loss may vary depending on the physical shape of
the connected portion of the circuit and the characteristics of the power semiconductor
device, such as the switching frequency, which varies according to the control method and
the PWM implementation method [5]. In the case of a 3-level NPC inverter, switching and
conduction losses are relatively large because the number of switches require a greater
number of switching devices compared with a 2-level inverter, whereas the breakdown
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voltage of the power semiconductor device is halved. A power semiconductor with a
low voltage rating is beneficial in miniaturizing the filter size, which in turn can reduce
ripples [6].

Generally, the volume and size of the power converter depend on the size of the heat
sink considering the topology and basic specification. Moreover, the optimized design,
considering the thermal characteristics of the heat sink, can increase the power density of
the inverter. The heat sink of a power converter is designed based on the heat generated
from losses of a power semiconductor device. Furthermore, a design scheme that reflects
the loss and heat information, which is obtained using a circuit simulation analysis program,
has been studied in [7,8]. Heat loss analysis, which considers topology, power, and the
load of the inverter, can minimize the size of the inverter heat sink with. This analysis can
reduce the required development cost and time. As mentioned earlier, the heat generated
by the power semiconductor switch is represented by the switching and conduction losses.
The foundation for electro-thermal analysis of power electronic systems can be formulated
by coupling the thermal model and power loss model with temperature [9,10].

There are existing common methods for thermal analysis such as numerical methods,
finite element analysis, and computational fluid dynamics. These analysis methods are
solved using 1D, 2D, and 3D heat diffusion equations; however, it is difficult to analyze
the switching and conduction losses occurring inside the semiconductor device directly.
The estimation of the junction temperature or the overall temperature at several critical
locations in the power module is linked to thermal design, thermal management, reliability,
and life expectancy. Accordingly, a compact thermal model represented by a thermal RC
network is widely used in [11–16].

Foster and Cauer’s methods are widely used for thermal RC networks. The Foster
method does not thermally ground all capacitors except one in the RC network, whereas in
a Cauer network, all capacitors are grounded. Although a non-grounded capacitor does not
work as a physical device, it can be easily conducted to the mathematical model, whereas
if a grounded capacitor works as a physical device, it is relatively difficult to interpret
mathematically. A Foster network can be converted into the equivalent Cauer network,
which means that the junction temperature of the Foster network can be analyzed as that of
its equivalent Cauer network. The transient junction temperature in the modular inverter
can therefore be predicted using the Foster or Cauer network, which can be easily expressed
mathematically. The thermal RC network consists of values of the resistor and capacitor
and is typically extracted by fitting the transient temperature response of the RC network
to the actual temperature response curve, which is determined by the same step input of
the power [17,18].

In this paper, the simple design process was proposed by RC network thermal analysis
to obtain the heat dissipation of an NPC inverter module for an MW-class high-capacity
inverter; the losses of the IGBT module were simply calculated by PLECS, which is an
electrical circuit simulation tool, based on the datasheet of IGBT module. The IGBT thermal
analysis was analyzed by using RC network thermal analysis. The optimal RC structure
and RC value were used; moreover, these were reflected in the temperature saturation
process. The proposed design process is an efficient and straightforward approach to
designing the heatsink for a 300 kW modular neutral-point-clamped inverter. To verify
the feasibility of the heat dissipation design process using circuit simulation, the heat sink
design considering the heat loss was performed using the thermal RC network by PLECS.
The results of this simulation were compared with the experimental results.

The remainder of this paper is organized as follows. Section 2 describes the 3-level
NPC inverter, and Section 3 deals with the inverter heat dissipation design model. Section 4
analyzes the simulation and the experimental results. Finally, Section 5 presents the conclusions.

2. The 3-Level NPC Inverter

During the development of power conversion and motor systems, power conversion
systems have recently been regarded as high-capacity and high-pressure systems [19].
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Nevertheless, it is difficult to expect low THD and high efficiency in a high-capacity/high-
voltage system using a conventional 2-level inverter. The current ripple can be reduced by
increasing the switching frequency. Meanwhile, the DC voltage is kept sufficiently high;
therefore, the breakdown voltage of the power semiconductor device is required. The
3-level NPC inverter structure was designed to solve this problem and has been recently
used in high-voltage/high-capacity power converters [20]. The primary characteristic
of the 3-level inverter is that a power semiconductor device with a lower voltage rating
than the 2-level inverter can be used while maintaining an excellent ripple performance.
Therefore, the filter size of the inverter can be reduced.

The NPC topology comprises four IGBTs in series with the inverter leg and a diode
connected to the DC-Link neutral point, as depicted in Figure 1. This neutral point is
connected to the output via a clamping diode in each phase. Moreover, the input voltage of
the 3-level NPC inverter is a DC voltage, and the output pole voltage has the states VDC/2,
0, and −VDC/2.

 
Figure 1. Level NPC type topology.

Compared to a 2-level inverter whose output voltage fluctuates from VDC/2 to
−VDC/2, the voltage fluctuation width is small; therefore, the output voltage harmonics
can be reduced. As illustrated in Figure 2, when the switches Sx1 and Sx2 are ON and Sx3
and Sx4 are OFF, the switching state is ‘P’, and the output voltage is VDC/2. Conversely,
when Sx1 and Sx2 are turned OFF, and Sx3 and Sx4 are turned ON, the ‘N’ switching state
occurs, and the output voltage is −VDC/2. Finally, when Sx2 and Sx3 are ON and Sx1 and
Sx4 are OFF, the switching state is ‘O’, and the output voltage is 0 V. Therefore, as the state
of the switching element changes between ‘P-O-N,’ conduction and switching losses occur,
leading to heat loss.
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Figure 2. Output voltage and current commutations in 3-level NPC (indicated by red lines represent-
ing current flow).

3. Inverter Heat Dissipation Design Model

The power semiconductor device is a vulnerable power electronic component, as
shown in Figure 3, and the losses generated in the device directly affect the efficiency
of its power conversion system. In addition, heat is generated due to the loss in the
semiconductor device, which is the dominant reason behind system failure caused by
stress source, as shown in Figure 4 [21–23]. Power semiconductor devices have different
maximum junction temperatures, and during operation, they may exceed this temperature,
resulting in damage or destruction. Therefore, when designing a power conversion system,
conducting a relevant analysis is crucial.

Figure 3. Vulnerable power electronics components [24].
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Figure 4. Major failure stress source [24].

The heat dissipation design of the inverter is based on the datasheet of the model.
Moreover, the sum of the conduction and switching losses was first calculated to obtain the
overall loss, as illustrated in Figure 5. Furthermore, each loss was converted into a thermal
model using a simulation tool to track the device temperature in the next process.

Figure 5. Loss calculation block diagram for heat dissipation design.

The maximum value of each parameter was used to generate the maximum possible
power loss at that instant. The temperature distribution tendency of each joint was evalu-
ated based on the analyzed temperature. This was further used as the main parameter of
the heat sink design.

3.1. Conduction Loss

Conduction loss occurs after the power semiconductor device becomes conductive, i.e.,
when it performs in the saturation region. It can be calculated using the following quantities:
the current flowing through the power semiconductor device, the voltage applied to it, and
the ON resistance, as represented by (1) [25].

Pcond = 1
T
∫

Vsw(t)i(t)dt
= 1

T
∫
(VON + RONi(t))i(t)dt = VON Iavg + RON(iRMS)

2 (1)

where Vsw is the collector–emitter saturation voltage, Von is the ON drop voltage, Ron is the
ON resistance, Iavg is the average collector current, and iRMS is the RMS collector current.
In this study, heat loss was calculated by making the device voltage an arbitrary function
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of device temperature during conduction using PLECS, and this function is displayed as
a 2D look-up table in the range of 25–125 ◦C, as graphed in Figure 6. It is defined as the
conduction loss tab of the Thermal Library Browser. The defined function can calculate the
actual voltage drop at a given function value using linear interpolation.

Figure 6. 2D Look-up table of heat loss calculation with arbitrary device voltage function.

3.2. Switching Loss

Switching loss occurs as a power loss because the power semiconductor device does
not instantly switch from the ON state to the OFF state or vice versa, and its value is
significantly greater than 0, as indicated by the yellow circles in Figure 7. It can be expressed
as the relationship between energy loss, switching frequency, and voltage–current when
the device is in the ON or OFF state, as expressed in (2).

PON,OFF = EON,OFF × fsw

=
VON,OFF

Vtest
× ION,OFF

Itest
× EON,OFF × fsw

(2)

where EON,OFF is turned ON or OFF energy loss, fsw is the switching frequency, VON,OFF
is the switch input voltage, ION,OFF is the switch input current, and Vtest is the test input
voltage on the datasheet. In this study, the switching loss was represented by a 3D look-up
table plotted in Figure 8. Each value of the switching energy depends on the current flowing
through the device, the temperature, and the blocking voltage. Moreover, the given value
calculates the actual loss using linear interpolation and the conduction loss [25].

Figure 7. Switching waveforms of voltage and current.
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Figure 8. 3D Look-up table of switching loss representation.

3.3. Heat Sink Design

The heat sink absorbs the heat loss of the device, and the core element of the heat loss
calculation is based on the conduction and switching losses, leading to heat sink design.
The heat transfer is the sum of the thermal resistance and thermal capacitance, as depicted
in Figure 9a. This transfer process from the heat sink to the air can be modeled using the
thermal impedance, which is based on the equivalence between the electrical and thermal
variables, as provided in Table 1 [26].

Figure 9. Thermal model for heat sink design. (a) Power device. (b) Thermal impedance of Cauer.

Table 1. Thermal impedance for heat transfer modeling.

Thermal Parameter Unit Electrical Parameter Unit

Temperature T in K Voltage V
Heat Flux P in W Current A

Thermal Resistance Rth in K/W Resistance Ω
Thermal Capacitance Cth in J/K Capacitance F
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The total loss generated by the switch is calculated using the relationship between the
thermal characteristics, as expressed by (3) as follows [25]:

Tj[
◦C] = PLoss[W]× Rth

[
°C
W

]
+ TA[

◦C]

Rth = Rth(j−c) + Rth(c−h) + Rth(h−a)
(3)

where Tj is junction temperature, PLoss is switch loss power, Rth is the total thermal resis-
tance, Rth(j−c) is the thermal resistance provided by the junction to the case, Rth(c−h) is the
thermal resistance provided by the case to the heat sink, Rth(h−a) is the thermal resistance of
the heat sink to the ambient temperature, and TA is the ambient temperature.

In this study, using the Cauer model, the system heat transfer function of each RC
element is considered as depicted in Figure 9b, and the resultant step response of the
thermal impedance can be expressed as follows (4) [27]:

Zthermal_trans f er(s) =
1

s × Cth_1 +
1

Rth_1+
1

s×Cth_2+...+ 1
Rth_n

(4)

where Zthermal_transfer is the thermal transfer function of the Cauer network, and Cth and Rth
are the thermal capacitance and resistance, respectively.

Figure 10 presents the loss model of the PLECS simulation. This loss calculation
method incorporates the ideal switch simulation concept combined with measured loss
data provided in a lookup table format. The simulation of switch losses is conducted
as follows:

• The values of current (I) and voltage (V) applied to the switch are provided to look up
the table after the switching event;

• The calculated losses are added to the thermal circuit;
• Temperature is fed back to look up the table for the next event;
• Losses are calculated as functions of current, voltage, and temperature during switching;
• The loss calculation is based on interpolation.

Figure 10. PLECS simulation switch loss model.

In this paper, the approach involves utilizing the switch loss data obtained via PLECS
simulation to inform the design of a heat sink using computational fluid dynamics (CFD).
The data obtained via simulation comprise both power loss and heat loss of the switch,
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providing insights into the thermal characteristics. By integrating these data into CFD, it
becomes possible to precisely analyze the thermal behavior of the heat sink and design an
optimal heat sink.

CFD is a powerful tool used for predicting fluid dynamics and heat transfer, allowing
for the calculation of real-world thermal and flow characteristics. It enables the considera-
tion of geometric structure, surface properties, and cooling flow paths in the optimal heat
design. Furthermore, CFD allows for the simulation of heat transfer characteristics in real
environmental conditions, accounting for the impact of airflow around the heat sink and its
exposure to the surrounding environment. This approach facilitates the validation of heat
sink design effectiveness by comparing experimental data with simulation results obtained
via CFD. This methodology is expected to contribute to the effective design of a heat sink,
taking into consideration thermal efficiency and system stability.

4. Simulation and Experiment Results

The heat loss analysis of the proposed 300 kW modular 3-level NPC inverter for the
heat dissipation design was simulated by PLECS and is illustrated in Figure 11. The module
used was Vincotech70-W424. It consists of the Buck IGBT, diode, Boost IGBT, diode, and
Clamp diode, as shown in Figure 12. Each thermal resistance and capacitance are different.
The modules and overall simulation parameters are detailed in Tables 2 and 3. As shown
in Table 3, since each heat impedance value is different for each heat sink, if all elements
are simulated by using the shared heat sink as shown in Figure 11b, the impedance of each
element cannot be reflected in the heat sink and only one common impedance is simulated.
Therefore, it must be simulated by using the impedance of each element with a separated
heat sink, as shown in Figure 11a.

Figure 11. PLECS simulation circuit for 3-level NPC heat loss analysis at 25 ◦C. (a) Separated heat
sink; (b) shared heat sink.
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Figure 12. Vincotech 70-W424 module identification.

Table 2. System parameters.

Parameter Value Unit

Rated Power 300 kW
Line Frequency 60 Hz
Output Voltage 380 V
Output Current 580 A
DC link Voltage 600 V

DC link Capacitance 3.1 mH
Switching Frequency 1000 Hz

Table 3. The 300 KW thermal resistance (K/W) and thermal capacitance (J/K) simulation parameters.

Thermal Impedance
Z(j−c)

Sec1 Sec2 Sec3 Sec4 Sec5 Sec6

Buck IGBT Resistance 0.003 0.007 0.01 0.008 0.013 0.012

Buck IGBT Capacitance 0.017 1.198 2.022 18.09 44.46 196.2

Boost IGBT Resistance 0.005 0.011 0.011 0.015 0.012 0.002

Boost IGBT Capacitance 1.564 1.604 16.83 40.65 148.7 3687

Buck Diode Resistance 0.009 0.028 0.014 0.013 0.011 0.005

Buck Diode Capacitance 0.3 0.854 5.05 25.6 143.4 1619

Boost Diode Resistance 0.006 0.022 0.016 0.033 0.019 0.005

Boost Diode Capacitance 0.261 0.736 1.935 15.12 81.81 1473

Clamp Diode Resistance 0.005 0.01 0.011 0.015 0.012 0.003

Clamp Diode Capacitance 1.564 1.604 16.83 40.65 148.7 3687

Z(j−c): thermal impedance junction to case; Sec1–6: Thermal resistance and capacitance values for each section of
the IGBT module, consisting of six layers (Sec1–6), were obtained from the datasheet.

Switching loss, conduction loss, and thermal impedance data parameters using a ther-
mal editor were input to the IGBT element and the clamping diode, and the resultant values
were derived via the set air temperature (25 ◦C) and heat sink. The thermal impedance
values in the datasheet are the Foster network values, which, as mentioned earlier, can
be mathematically converted to an equivalent Cauer network. This was executed auto-
matically in the PLECS Thermal Editor to predict the transient junction temperature in
the inverter. The average inverter loss value generated by the device was compared with
the heat flow of the thermal circuit, and it was observed that the two values converged in
the steady state, as plotted in Figures 13 and 14. This means that thermal and electrical
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variables correspond with each other. Figure 13 is the result of using a separated heat sink,
and Figure 14 is the result of using a shared heat sink.

Figure 13. Comparison between the variation in the total inverter loss by the device and the thermal
wattmeter reading with separated heat sink.

Figure 14. Comparison between the variation in the total inverter loss by the device and the thermal
wattmeter reading with shared heat sink.

As mentioned earlier, as a result of using the shared heat sink, the impedance of
each element was the same. It leads to a larger impedance applied to a relatively small
impedance. Hence, it causes more loss. The conduction loss observed in Boost IGBT was
higher than that of Buck IGBT. This was due to the long duration of IGBT conductivity, as
depicted in Figure 15. The switching losses in Buck IGBT were higher than those observed
in the case of Boost IGBT because the former had more voltage and current crossing points
when switching, as illustrated in Figure 16. As a result of this, the derived results showed
that the inverter loss occurring at the device was approximately 2.1 kW, specified in Table 4.
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Figure 15. IGBT ON/OFF conductivity state.

Figure 16. Switching voltage and current waveforms.

The overall 3-phase system underwent an analysis for a total heat loss of 6.3 kW,
yielding an inverter efficiency of 97.9%. The highest device temperature recorded was
approximately 101 ◦C, with the peak temperature of the heat sink reaching 78 ◦C. To validate
the reliability of the PLECS simulation, design, and product manufacturing, thermal
impedance and device loss data were incorporated via CFD analysis, as presented in
Figure 17. The summarized results in Table 5 indicate a maximum temperature difference
of about 1.6 ◦C for the heat sink. Figure 18 illustrates the heat sink designed via simulation
and CFD analysis.
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Table 4. Device loss and temperature simulation results using separated heat sink (1-phase).

Buck IGBT Boost IGBT
Boost
IGBT’

Buck
IGBT’

Total

SWLoss (W) 11 2.8 2.7 10.7 27.2

CondLoss (W) 388 490 491 390 1759

Junction ◦C 89.7 105.1 105.4 93.6 -

Heatsink ◦C 72 78 78 72 -

Boost
Diode

Buck
Diode

Buck
Diode’

Boost
Diode’

SWLoss (W) 0.45 0.002 0.0005 0.47 0.9225

CondLoss (W) 11.6 11.6 12.03 12.01 47.24

Junction ◦C 35 34 34 35 -

Heatsink ◦C 28.7 27.4 27.2 28.5 -

Clamp Diode Clamp Diode

SWLoss (W) 4.2 3.97 8.17

CondLoss (W) 165.1 164.8 329.9

Junction ◦C 65.3 65.6 -

Heatsink ◦C 55 55 -

2172.4

 

Figure 17. Heat sink design using CFD.

Table 5. Heat sink analysis using CFD.

Flow Rate Air Temperature Thermal Impedance/Device Loss Max Temperature Pressure Drop

4 Fans 25 ◦C datasheet 76.4 ◦C 75 Pa

The complete 3-level NPC modular experimental system is depicted in Figure 19. It
consists of a control module, a three-phase power module, a capacitor bank, and a rectifier
module, and its size can be adjusted in a rack with easy attachment and detachment. In the
experiment, the temperature sensor could not be attached directly to the semiconductor
element inside the NPC module; therefore, the temperature generated at four points around
the NPC module was measured, as illustrated in Figure 20. In Figure 21, Channel 1 repre-
sents the motor’s angular positions utilizing encoder signals, while Channel 4 illustrates
the output phase current. Channels 2 and 3 depict the voltage across the upper and lower
capacitors of the DC link, respectively. In the context of the neutral-point-clamped (NPC)
inverter, maintaining the voltage balance between the capacitors in the DC link is crucial,
as any voltage disparity among them can have a direct impact on the output.
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Figure 18. Actual heatsink design via CFD analysis.

 

Figure 19. Module type 3-level NPC inverter and complete system.
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Figure 20. Vincotech 3L-NPC module temperature points 1–4.

Figure 21. Upper and lower capacitors voltage of the DC link, the output phase current, and the
motor’s angular position signal.

The voltage difference between the DC link capacitors in the NPC inverter is significant,
as it plays a pivotal role in influencing the overall output. Therefore, ensuring voltage
balancing is imperative for optimal performance and stability in the system. The motor
used in this experiment was a permanent magnet synchronous motor from Siemens, and
the output power of a 300 kW modular NPC inverter was confirmed, as demonstrated in
Figure 22. Inverter input and output and motor output were measured using a WT5000
power analyzer from Yokogawa. The measured torque value and command value were
compared using the HBM eDrive recorder.
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Figure 22. The 300 kW dynamo test results.

For confirmation, the actual temperature measurement results of the four points of
the module and inverter efficiency are provided in Table 6. It can be seen that the overall
experimental results were similar to the simulation results. The error generated between
the values of heat sink temperature obtained by experiment and simulation was thought
to be a result of the difference in the actual atmospheric temperature of the experimental
environment and the heat flow, such as the flow separation phenomenon and swirl flow
that occurs when cooling using a fan in the heat sink.

Table 6. Simulation and experiment results of the 3-Level NPC module temperature and inverter
efficiency (3-phase).

Point1 Point2 Point3 Point4

Saturated Heat Sink Temperature in experiment 71.3 ◦C 74.6 ◦C 60.2 ◦C 65.5 ◦C

Inverter Efficiency
Simulation Experiment

97.9% 97.1%

Max Temperature
PLECS CFD Experiment

78 ◦C 76.4 ◦C 74 ◦C

Inverter efficiency and heat sink temperature were measured using the WT5000 equip-
ment. For in-depth measurements, temperature sensors were strategically installed on
the heat sink. The equipment allowed us to gather precise data on inverter input volt-
age, current, output voltage, and current. This comprehensive approach ensured accu-
rate efficiency assessment and temperature monitoring, enhancing the reliability of the
experimental results.

5. Discussion

5.1. Differentiating Factors from Existing Heat Dissipation Design Studies

The primary distinction of this research lies in the development of a comprehensive
switching loss analysis model tailored to various NPC or inverter switching patterns. This
model sets our study apart from conventional heat dissipation design papers, emphasizing
the importance of understanding switching patterns for optimized control strategies.
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5.2. Unique Contribution of Conduction Loss Analysis Model

Unlike conventional studies, our research focuses on a sophisticated conduction loss
analysis model, specifically considering ANPC NPC or inverter switching patterns. This
unique approach allows for accurate predictions of conduction losses under real-world
operating conditions, contributing to the advancement of inverter efficiency.

5.3. Integration of Heat Dissipation Design with Drive Control System

A distinctive aspect of our study is the integrated consideration of heat dissipation
design with the drive control system. By establishing a strong connection between these
two elements, we aim to enhance the overall stability and performance of the system,
setting our work apart from traditional heat dissipation design studies.

5.4. Anticipated Societal and Economic Impact

Our research envisions a significant societal and economic impact by enhancing the
efficiency of large-capacity high-voltage inverters. This impact extends to strengthening
industrial competitiveness, fostering innovation, and contributing to energy savings and
environmentally friendly technological advancements.

5.5. Innovation in Various Applications of Large-Capacity Inverters

In contrast to existing studies, our work emphasizes the potential for innovation
in various applications of large-capacity inverters. We anticipate driving technological
advancements across diverse industries, leading to the creation of new business models
and innovative solutions.

6. Conclusions

6.1. Validation of Heat Dissipation Design

• The study extensively analyzes heat dissipation for the design of a 300 kW modular
neutral-point-clamped (NPC) inverter, with a specific focus on the heat sink design of
the inverter module;

• Both the simulation model and practical implementation outcomes exhibit a close align-
ment, providing strong validation for the accuracy of the conducted heat loss analysis.

6.2. Future Application of the Loss Analysis Model

• The developed loss analysis model holds substantial potential for application in the
systematic development of inverter systems across diverse operating conditions;

• Leveraging this model allows for the achievement of an optimized heat dissipation
design, contingent upon the selected switching techniques.

6.3. Prospects for Cost Reduction and Accelerated Development

• The proposed approach offers promise for cost reduction and a shortened development
timeline in practical system design;

• By integrating the loss analysis model, developers can efficiently design inverter
systems with enhanced heat dissipation, addressing critical challenges in a more
streamlined manner.

6.4. Foundational Insights for Megawatt-Class Inverters

• The comprehensive insights derived from the 300 kW NPC modular inverter design
process, including production and performance evaluation results, serve as founda-
tional data;

• Intended to advance Megawatt (MW)-class large-capacity inverters, these contribu-
tions offer a robust foundation for reference and further exploration in the design and
implementation of high-capacity inverter systems.
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Abstract: Due to their advantages in ensuring low harmonic distortion and high power factors,
single-phase Pulse-Width Modulated (PWM) rectifiers are widely employed in several industrial
applications. Generally, the conventional control loop of a single-phase PWM rectifier uses both
voltage and current sensors. Hence, in case of sensor fault, the performance and the availability of the
converter can be seriously compromised. Therefore, diagnosis approaches and fault-tolerant control
(FTC) strategies are mandatory to monitor these systems. Accordingly, this paper introduces a novel
multiple-sensor FTC scheme for a single-phase PWM rectifier. The proposed fault diagnosis approach
relies on joining several Generalized Proportional Integral (GPI) and Model Reference Adaptive
System (MRAS) observers with a residual generation technique to detect and isolate sensor faults in a
simple and reliable manner. While conventional sensor FTC methods dedicated to PWM rectifiers
can only deal with single faults, the suggested approach guarantees a very good effectiveness level
of sensor fault detection, isolation (FDI) and FTC of multiple-sensor fault occurrence scenarios.
Consequently, the single-phase PWM rectifier can work with only the survivable single sensor with
the guarantee of very good performance as in healthy operation mode. The effectiveness of the
proposed sensor FDI approach and its control reconfiguration performance are demonstrated through
both extensive simulation and experimental results.

Keywords: single-phase pulse-width modulated rectifier; sensor fault detection; fault-tolerant control;
observers; GPIO; MRAS

1. Introduction

In recent years, Pulse-Width Modulation (PWM) Rectifiers have arisen as one of
the most important components in various industrial applications such as renewable
energy [1–3], EVs [4,5], electric traction [6–8], and so on. They ensure several advantages
such as sinusoidal input currents, stable DC-Link voltage and unit power factor [9,10].

For such applications, downtimes caused by different types of failures have a direct
impact on the productivity of the system as well as on production costs. Hence, ensuring
reliability is becoming an issue of utmost importance. The overall components of the
system should be monitored to avoid any possibility of performance degradation due to
faults. According to this understanding, fault-tolerant control policies are currently needed
more than ever to ensure the system functioning even under fault occurrence.

During the last years, fault diagnosis and fault tolerance of PWM rectifiers have
been important research topics that still present challenges, as addressed by several recent
publications [11–33]. Apart from failures occurring in the power semiconductors [11–14],
a grid-connected voltage source converter is also sensitive to failures in the sensors that
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provide vital information used by the main control system. In this context, the continuity
of service of the system depends intimately on the availability of reliable measurements.

Regarding sensor FDI and FTC issues in single-phase grid-connected converters,
several studies have been conducted. State observers have been investigated for a robust
sensor fault-tolerant control of single-phase PWM rectifiers [15–19]. In [15], a Luenberger
observer (LO)-based FDI is presented to allow DC-link and grid current sensors fault
tolerance. After fault detection and isolation, the fault reconfiguration procedure is based
on an open-loop state estimator. The stability and robustness of the observer during
parameter variation are verified. Poon et al. [16] addressed a model-based state estimator
general FDI approach that can be used to diagnose and identify faults in components and
sensors in switching power converters. In [17], an open-loop state estimator is developed for
the detection of grid current and DC-link voltage sensors for a single-phase grid-connected
PWM rectifier. Scaling and offset and drift fault detection have been investigated. However,
the proposed approach may be sensitive to the system’s parameters’ mismatch. Unknown
input observers for sensor fault detection and localization are presented in [18]. A reduced-
order observer-based resilient control for single- or multiple-sensor faults for cascaded
H-bridge multilevel converters is provided in [19]. Grid current and DC-link voltage sensor
faults are considered, and five types of faults for each sensor are investigated.

Xia et al. [20] proposed a sliding-mode observer (SMO)-based algorithm for the fault
detection and fault reconfiguration of catenary current and DC-link voltage sensor faults
of a single-phase PWM rectifier for electric traction applications considering unipolar
and bipolar modulation methods. A similar approach is discussed in [21], where the
sliding-mode observer design is improved by considering the DC load current as an
unknown input of the observer. In [22], an incipient voltage sensor fault isolation method
is developed for a single-phase three-level rectifier. A bank of sliding-mode and adaptive
estimators was designed in order to isolate different DC-link voltage sensor fault modes.
However, only FDI is discussed, and the FTC is not presented. An interval estimator and
a sliding-mode estimator have been designed in [23]. The proposed estimator was used
for an incipient sensor fault detection method for a class of nonlinear control systems with
observer-unmatched uncertainties. The voltage and current sensor fault-tolerant control
of the LC branch in the active power decoupling single-phase PWM converter through
SMO are discussed in [24]. In [25], a robust control strategy for a three-phase grid-tied
inverter with an LCL filter under grid voltage and grid current sensor faults is presented. A
quadrature filter of a dual second-order generalized integrator (DSOGI) architecture is used
for the grid current estimation. An internal model-based estimator is proposed for grid
voltage estimation. A fault-tolerant space-vector hysteresis current control for a three-phase
grid-connected converter is discussed in [26]. The analytical redundancy introduced by
the use of three measurements allows the continuous work of the system. The parity space
equations and virtual flux estimation have been discussed to ensure grid voltage sensor
fault tolerance in [28], whereas a hybrid model-based and data-driven method is proposed
for the grid current sensor fault-tolerant control [29].

In addition to residual generation-based FDI approaches, fault estimation (FE)-based
approaches have gained more and more interest during the last years [30–32]. A state
observer fault estimation to compensate for DC-link voltage and catenary current sensor
faults for a single-phase two-level PWM rectifier in a high-speed railway electric traction
system has been proposed in [30]. In [31], a grid current sensor fault estimation and
compensation for a grid voltage sensorless single-phase grid-connected converter using
proportional integral observers is described. A robust grid voltage sensor FE based on an
unknown input observer with disturbances decoupling is addressed in [32].

The state-of-the-art review has shown that the research field of sensor FTC in electrical
power converters is still very attractive with many challenging issues. Recently, more
attention has been paid to the use of data-driven approaches for fault diagnosis purposes.
In [33], a just-in-time learning (JITL) and modular Bayesian network (MBN) is proposed
to diagnose sensor faults in a high-speed electric railway traction application, whereas
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the time series feature patterns of a single-phase PWM rectifier are employed to identify
several types of faults such as the following: traction transformer faults, traction converter
faults, main grid poor contact or inrush current [34]. Zhu et al. [35] presented an automatic
crack damage diagnosis in hydraulic structures by combining computer vision and artificial
intelligence. Long short-term memory networks and phase space reconstruction are used
for the prediction of a dam deformation [36]. Data-driven-based methods are of great
interest for fault diagnosis or predictive maintenance purposes. Nevertheless, they are
still not able to handle the fault tolerance step, and the use of estimators/observers is
very useful for the continuous operation of the system under sensor faults. In this way,
model-based and signal-based methods are still very welcomed to ensure reliable and
effective sensor fault tolerance [37].

Moreover, multiple-sensor fault-tolerant control is becoming an attractive research
topic but is still limited to three-phase induction motor drives [38] or PMSM drives [39]. The
single-phase PWM rectifier’s control requires mainly three sensors [15]: one grid voltage
sensor, one grid current sensor and a DC-link voltage sensor, as depicted in Figure 1. The
state-of-the-art review demonstrates that the previously proposed sensor FTC methods
are focused on single-sensor faults only, in particular on the grid current sensor and the
DC-link voltage sensor. Indeed, the design of an FTC approach that takes into account
the faults in the three sensors has not received much research attention yet. To the best
knowledge of the authors, very few contributions have discussed multiple-sensor fault
tolerance of a single-phase PWM rectifier [19]. On the other hand, the proposed FTC
methods provided by the literature need accurate knowledge of the load current [15,20,30].
Hence, a load current sensor [15] or a load current observer [24] is mandatory, which may
increase the system’s cost and the FTC algorithm complexity. In this context, a robust
sensor FDI and FTC approach focused on the three sensors of the PWM rectifier and able to
tolerate multiple-sensor faults is of great significance and may considerably contribute to
improving the availability and safety operation of the studied system.
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Figure 1. Single-phase PWM rectifier: Converter Topology and its multiloop control scheme.
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To address the problem of multiple-sensor fault-tolerant control for single-phase PWM
rectifiers, this paper proposes a new structure that aims to ensure a simple, reliable and
robust single- and multiple-sensor fault detection and fault-tolerant control of a single-
phase PWM rectifier. The main features and contributions of this work are:

(1) The proposed method is capable of tolerating single- or multiple-sensor faults, and the
rectifier’s control loop can be driven by the single survivable sensor. For this purpose,
two multiple-sensor fault-tolerant controls are investigated. In the first scenario, a
DC-link voltage sensor fault followed by a grid voltage sensor fault is discussed. In
the second scenario, a DC-link voltage sensor fault followed by a grid current sensor
fault is investigated.

(2) For this purpose, a residual generation-based FDI approach is presented. Hence,
a bank of two Generalized Proportional Integral Observers (GPIO) and one Model
Reference Adaptive System (MRAS) observer are developed in order to accurately
estimate the grid voltage, the DC-link voltage and the grid current, respectively. Once
the residual exceeds its corresponding threshold, a fault flag switches from 0 to 1 and
the faulty sensor is identified. Thereafter, the faulty measurement is substituted by
the virtual sensor into the rectifier’s control loop, to guarantee the continuous work of
the rectifier.

(3) The proposed FTC approach does not need any additional sensors, in particular
load current sensors. Hence, in this work, the load current is considered as an
unknown disturbance. It should not have any impact on the performance of the
proposed FTC approach, neither in healthy operation nor during sensor post-fault
operation of the system. Moreover, the system’s parameters’ mismatch, including
grid-side filter inductor and DC-link capacitance, does not affect the robustness of the
proposed method.

(4) During sensor post-fault operation, the proposed FTC method allows the start-up
of the process with the single survivable sensor with good accuracy and the same
performance of the closed-loop control as in healthy operation mode.

(5) The effectiveness of the proposed method is demonstrated through extensive simula-
tion and experimental studies. The proposed FDI/FTC approach can be deployed on
the commonly used digital controllers, improving the cost and the performance of
real-time control of single-phase PWM converters in several industrial applications.

The paper is organized as follows: First, in Section 2, the single-phase PWM rectifier
model and its control strategy are presented. Section 3 is devoted to analyzing the design of
the different GPI and MRAS observers. FDI and FTC techniques are discussed in Section 4.
Simulation results are carried out in Section 5. The experimental validation of the proposed
FDI and FTC algorithm is discussed in Section 6. Finally, the paper is summed up in a
conclusion in Section 7.

2. Mathematical Model of the Single-Phase PWM Rectifier and Control Strategy

The system under study and its control strategy are presented in Figure 1. The single-
phase PWM rectifier can be modelled using the following equations:⎧⎪⎪⎪⎨⎪⎪⎪⎩

Vg = Rig + L dig
dt + Vab

ic = idc + iL = C dVdc
dt

Vab = (S1 − S3)Vdc
idc = (S1 − S3)ig

(1)

where ig is the grid current, Vg the grid voltage, Vab is the rectifier input voltage, Vdc is the
DC-link voltage, idc is the DC-side output current, ic is the current in the DC-side capacitor,
iL is the load current and S1 and S3 are the binary switching control signal. x* corresponds
to the reference of the variable x. L denotes a filter used for the connection with the grid, R
is its internal resistance, and C is the DC-link capacitor. The single-phase PWM rectifier
provides a high-energy quality: unity power factor, energy bi-directionality, a sinusoidal
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form of the grid current and a continuous and constant DC-link voltage. The loop control
of the single-phase PWM rectifier is composed of:

– DC-Link Voltage Control Loop: The main purpose of the DC-link voltage loop is to
maintain this voltage at a constant reference value. The voltage control loop is based
on a PI controller due to its simplicity, easy implementation and good regulation
results of DC quantities.

– PR-Based Grid Current Control: The grid current controller allows ig to track its
reference ig* with good accuracy. For this purpose, a proportional resonant (PR)
controller is employed [15].

– SOGI-PLL-Based Grid Synchronization: To ensure grid-side unity power factor, the
phase angle of the grid current ig should be synchronized with the grid voltage Vg.
Different synchronization techniques are presented in the literature [40]. Among these,
the second-order generalized integrator-based phase-locked loop (SOGI-PLL) is an
effective approach due to its fast dynamic response and high filtering capacity [15].

3. Design of GPI and MRAS Observers

In this paper, two generalized proportional integral observers (GPIO) are designed
to estimate the grid voltage Vg and the DC-link voltage Vdc, respectively. In the same
way, a model reference adaptive system (MRAS) observer is employed to estimate the
grid current ig.

From (1), the dynamics of the single-phase PWM rectifier are described by:⎧⎪⎪⎪⎪⎪⎨⎪⎪⎪⎪⎪⎩
d
dt

(
ig

Vdc

)
=

(
− R

L − S13
L

S13
C 0

)(
ig

Vdc

)
+

( 1
L
0

)
Vg +

(
0
−1
C

)
iL

y =

(
1 0
0 1

)(
ig

Vdc

)
S13 = S1 − S3

(2)

It can be seen from (2) that the state matrix contains the discrete switching control
signal S13. For unipolar sinusoidal PWM, S13 has three possible states during one switching
period: ±1 and 0. So, changes in S13 may affect the performance and the convergence of
the observer [19,21]. In order to overcome this issue, the switching control signals S1 and
S3 may be replaced by their respective duty cycles d1 and d3. During one switching period,
the voltage Vab may be expressed as follows:

Vab(t) = (d1 − d3)Vdc(t) = d13Vdc(t), kTs < t ≤ (k + 1)Ts (3)

Since the switching frequency (10 kHz) is much larger than the grid voltage frequency
(50 Hz), then the duty cycle d13 is considered as a constant in one switching period Ts.
Finally, d13 is a continuously varying parameter instead of a discrete parameter S13. Fur-
thermore, neglecting high-frequency components, d13 may be considered the fundamental
component of S13, and Vab can be expressed as:

Vab(t) = mabVdc sin
(
θg + ϕab

)
(4)

where mab corresponds to the modulation index, and ϕab is the phase difference with respect
to the grid voltage. Finally, a corresponding equivalent circuit of the grid-side loop of
Figure 1 is presented in Figure 2.

Figure 2. Equivalent Structure of the single-phase PWM rectifier.
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The grid current state model is described by:

dig

dt
= Aig + B

(
Vg − Vab

)
(5)

where A = −R/L and B = 1/L.

3.1. Grid Voltage GPI Observer Design

In this section, a first GPI observer is designed for observing the grid voltage Vg.
Generalized proportional integral observers use not only the estimation error information
but also the integral of the estimation error, which makes them useful for the estimation of
system disturbances and unknown inputs [41,42].

The structure of the GPIO applied to the grid current state Equation (5) is depicted in
Figure 3. The variable fa corresponds to the disturbance and/or unknown input that the
GPIO aims to estimate.

faobs 

  

 

 

 

 

 

  

 

Figure 3. Structure of the GPI Observer.

In order to analyze the system dynamics, the output of the integrator is extended to a
new state variable fa, which denotes the system unknown input and is described by:

fa =
Vg

L
(6)

The structure of the GPIO applied to the grid current state Equation (5) is depicted in
Figure 3, where the dynamics of the observer are described by:

d
dt

(
igobs
faobs

)
=

(
A 1
0 0

)(
igobs
faobs

)
+

(
B
0

)
u +

(
Kp1
Ki1

)(
ig − igobs

)
(7)

where Kp1 and Ki1 are the observer’s proportional and integral gains, respectively. The
variable faobs is the estimated value of the unknown input fa, and it corresponds to the
integral of the estimation error (ig − igobs). According to (6) and (7), if the grid voltage is
estimated by the GPI observer, u = −Vab and then:

faobs =
Vgobs

L
(8)
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3.2. Observer Stability Analysis

The error model of the proposed observer is obtained for stability analysis, and the
estimation errors of the state variables defined in (7) are given by:

ei = ig − igobs and e f = fa − faobs (9)

Consequently, the state error equation is given by the following [43]:

d
dt

(
ei
e f

)
=

(
A − Kp1 1
−Ki1 0

)(
ei
e f

)
+

(
0

d fa
dt

)
(10)

From (10), it is observed that the system will be Hurwitz stable if both of the character-
istic polynomial’s roots in the matrix Dc, i.e., are in the left half-plane [43].

F1(s) = s2 +

(
R
L
+ Kp1

)
s + Ki1 (11)

In order to simplify the design process, we assume that both observer’s poles are
located at −w0 and are expressed by:

F1(s) = s2 +

(
R
L
+ kp1

)
s + ki1 = (s + w0)

2 (12)

Therefore: (
R
L
+ Kp1

)
= 2w0 and ki1 = w2

0

From (12), it is shown that the design of R
L +Kp1 and Ki1 is related to the GPI observer’s

bandwidth w0. Hence, the key process is the appropriate bandwidth value w0 selection.
The observer’s bandwidth is generally selected to be 5–15 times lower than the switching
frequency by considering the tradeoff between the fast observation performance and the
noise sensitivity immunity [44]. In this paper, the observer bandwidth is selected around
1 kHz, which is 10 times lower than the switching frequency.

In Figure 4, the root locus of the PI observer with grid inductance L as a variable value
is shown. It can be seen that the root locus remains on the left side of the s-plan, and the
stability of the observer is guaranteed.

Figure 4. Root locus plot of the grid voltage GPIO with L as a variable value.

3.3. DC-Link Voltage Estimation Based on SOGI-GPIO

Similarly, a second GPIO is used to estimate the DC-link voltage Vdc. The DC-link
voltage estimation is achieved in two steps. First, the fundamental component of the
rectifier’s input voltage Vab is estimated through the GPIO. The proposed GPIO structure
is similar to the observer used to estimate the grid voltage. Consequently, Vab is considered
as an unknown input of the system described by (5) and, therefore, fa = −Vab/L. According
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to (7), if Vab is estimated by the GPI observer, u = Vg, and the estimated unknown input is
expressed as:

faobs =
Vabobs

L
(13)

Since the dynamics of the GPIO of Vab are similar to the observer of the grid voltage Vg,
then the stability of the observer is guaranteed by the appropriate choice of its proportional
and integral parameters Kp2 and Ki2, respectively.

Once the input rectifier voltage is estimated, a SOGI block is used to generate its
estimated orthogonal components Vabα-obs and Vabβ-obs of Vabobs, then the estimated value of
the DC-link voltage Vdcobs is obtained, as presented in Figure 5.

 

  

Figure 5. Structure of the SOGI-based DC-Link voltage estimator.

3.4. Virtual Flux MRAS-Based Grid Current Estimation

The MRAS observer main design concept is based on the use of a reference model
and an adaptive model. The idea is to use a correction/adaptation mechanism so that the
output of the adaptive model is adjusted to the reference model [45].

Recently, the MRAS observer has been successfully used for grid-connected power con-
verters applications to estimate AC voltages [46] or grid-side impedance parameters [47].

The grid current estimation is based on a grid virtual-flux-based MRAS observer. Its
structure is depicted in Figure 6a.

 

  

 

 

  

Figure 6. MRAS-based estimator: (a) MRAS-based grid current estimator’s structure; (b) Equivalent
block diagram of the MRAS estimator.

The reference model of the MRAS observer is the virtual flux ΦVg, which can be
obtained from the grid voltage measurement. The adaptive model aims to generate the
estimated virtual flux value ΦVgobs, expressed as follows:{

φVg =
∫

Vgdt =
∫

Vabdt + R
∫

igdt + Lig

φVgobs =
∫

V∗
indt + R

∫
igdt + Lig

(14)

The estimation errors are given by:

eφ = φVg − φVgobs =

(
R
s
+ L

)(
ig − igobs

)
=

(
R
s
+ L

)
ei = F2(s)ei (15)

The virtual flux estimation error is used to drive a suitable adaptation mechanism
which generates the estimated grid current for the adaptive model.
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Therefore, a PI corrector is sufficient, and igobs is given by:

igobs =

(
kp +

ki
s

)
eφ (16)

Figure 7 shows the root locus of the closed-loop transfer function, presented in
Figure 6b, of the MRAS estimator for the grid current with the grid inductance L filter
variations. One can clearly deduce the estimator’s stability, since, for all inductance values,
the root locus remains on the left side of the s-plan.

Figure 7. Root locus plot of the grid current MRAS estimator with L as a variable value.

4. Proposed Sensor FDI and FTC Strategy

The control strategy of the single-phase PWM rectifier requires accurate and exact
measurements of the grid voltage Vg, the grid current ig and the DC-link voltage Vdc. In case
of erroneous measurements, the converter’s performance would be seriously perturbed [15].
The overall structure of the proposed multiple-sensor FDI and FTC algorithm is illustrated
in Figure 8, while the flowchart of the proposed multiple-sensor fault-tolerant control is
depicted in Figure 9. As illustrated by Figure 8a, once the estimated state information is
obtained through the GPIOs and MRAS observers, they are compared to the measured
information in order to generate the desired residuals. To reduce the impact of the load
charge variation and/or system’s parameters’ mismatch on the fault detection process, all
residuals are defined as normalized quantities and expressed as:

RVg =

∣∣∣Vg − Vgobs

∣∣∣
Vgnom

, RVdc =
|Vdc−Vdcobs |

V∗
dc

, Rig =
|ig−igobs|

ignom
(17)

where Vgnom and ignom represent the rated values of Vg and ig, respectively. The detection
of the sensor fault is achieved by comparing each residual Rx {x = ig, Vdc, Vg} to a corre-
sponding threshold, Tx {x = ig, Vdc, Vg}. The robustness of the FDI algorithm depends
precisely on the residuals’ sensitivity to the system’s parameters and operating point vari-
ations. In healthy mode, all residuals should maintain low values (close to zero) below
their corresponding thresholds. However, in faulty operating mode, only the residual
corresponding to the faulty sensor exceeds its threshold, while all residuals related to
healthy sensors remain below their specified thresholds. Hence, the choice of the thresholds
should be carefully made taking into account all system variations to minimize false alarms
and increase the FDI algorithm robustness while maintaining a fast detection time. Thus,
the fault is detected, and the faulty sensor is isolated when the corresponding fault flag
Fx{x = ig, Vdc, Vg} is generated:

Fx =

{
1, if Rx > Tx

0, if Rx < Tx
(18)
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Figure 8. Structure of the proposed multiple-sensor faults FDI and FTC approach: (a) FDI general
structure; (b) FTC for case 1: DC-link voltage and grid voltage sensors failure; (c) FTC for case 2:
DC-link voltage and grid current sensor failure.

 

   

Figure 9. Flowchart of the proposed single- and multiple-sensor fault detection and FTC.

Once the faulty sensor is identified, the fault-tolerant process is initiated. The faulty
measurement is substituted by the estimated one in the feedback control loop. It should
be noticed that only two multiple-sensor fault scenarios can be treated: DC-link voltage
and grid voltage sensors failure and DC-link voltage and grid current sensors failure.
The simultaneous failure of the grid voltage sensor and the grid current sensor cannot be
handled by the proposed approach. Figure 8a describes the FDI scheme by the residual
generation and their evaluation in order to trigger the FTC process due to the switching
value of the faulty sensor flag. Figure 8b presents the fault-tolerant control algorithm in
case of Vg and Vdc multiple-sensor faults, whereas Figure 8c describes the FTC algorithm
in case of ig and Vdc multiple-sensor faults.
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5. Simulation Results

In order to investigate the performance of the proposed FDI and FTC strategy, the
single-phase PWM rectifier model is built in the Matlab-Simulink software R2016b environ-
ment. The system parameters used for simulation are presented in Table 1.

Table 1. Parameter values for simulation.

Description Symbol Value

RMS voltage supply Vg 230 V
DC-bus voltage Vdc 400 VDC
Sampling time Ts 100 μs

Switching frequency fsw 10 kHz
Line impedance L, R 20 mH, 0.2 Ω

DC-Link capacitor C 1100 μF
Rated Load resistance RL 100 Ω

5.1. Multiple-Sensor Fault-Tolerant Control

The simulation results reported in Figure 10 illustrate the system performance before
and after the occurrence of a 100% gain sensor fault of the DC-link voltage sensor at t = 2 s
followed by an 80% offset fault of the grid voltage sensor which appears at t = 3 s. In healthy
operating mode, i.e., for t < 2 s, all residuals are below the pre-defined fixed thresholds. At
the occurrence of the DC-link voltage sensor fault (for t = 2 s), the residual Rvdc exceeds
its fixed threshold TVdc, and the fault flag signal FVdc switches from 0 to 1, as presented in
Figure 10c,d. This indicates the presence of a DC-link voltage sensor fault. At the same
time, both residuals RVg and Rig remain below their respective thresholds TVg and Tig. Once
the DC-link voltage sensor fault is correctly located, the faulty measurement is replaced
by its estimated value Vdcobs in the converter’s control loop. As presented in Figure 10a,b,
Vdcobs follows its reference value, and the grid current ig also follows its reference, in phase
with the grid voltage. Similarly, at the occurrence of the grid voltage fault (at time t = 3 s),
the residual RVg exceeds its fixed threshold TVg, as shown in Figure 10c,d, and the fault
signal FVg switches from 0 to 1. This indicates the presence of a grid voltage sensor fault.
Immediately after, the input of the SOGI-PLL block switches from the measured value of
the grid voltage to the estimated value Vgobs. After the control reconfiguration, the grid
current ig keeps its sinusoidal shape, in phase with the grid voltage Vg, ensuring a unit
power factor.

The simulation results depicted in Figure 11 illustrate the system performance before
and after the occurrence of a 100% gain fault of the DC-link voltage sensor at t = 2 s followed
by a 100% gain fault of the grid current sensor at t = 3 s. At the occurrence of a fault (for
t ≥ 2 s), the residual RVdc exceeds its fixed threshold TVdc (Figure 11c), and the fault signal
FVdc passes from 0 to 1 (Figure 11d). This indicates the presence of a DC-link voltage sensor
fault. At the same time, both residuals Rvg and Rig remain below their thresholds Tig and
TVg, the fault signals FVg and Fig remain zero and the faulty measurement is replaced by
the estimated value of Vdc. At t = 3 s, residual Rig exceeds its fixed threshold Tig, and the
fault signal Fig passes from 0 to 1 (Figure 11d). This indicates the presence of a grid current
sensor fault. Once the grid current sensor is correctly located, the faulty measurement is
replaced by the estimated value of ig. One can clearly notice that the grid current ig keeps
its sinusoidal shape and is in phase with the grid voltage Vg, ensuring a unit power factor
(Figure 11b), and the system stability is not affected.
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Figure 10. Simulation results for control reconfiguration in case of 100% gain fault of the DC−link
voltage sensor and 80% offset fault of the grid voltage sensor, (a) Vdc fault tolerant control, (b) Vg

fault tolerant control, (c) Residuals evolution, (d) Fault flags variations.

 

  

Figure 11. Simulation results for control reconfiguration in case of 100% gain fault of the DC−link
voltage sensor and 100% gain fault of the grid current sensor. (a) Vdc fault tolerant control, (b) ig
fault tolerant control, (c) Residuals evolution, (d) Fault flags variations.
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5.2. Post-Fault System Restart with the Single Survivable Sensor

The effectiveness of the proposed FTC approach has been investigated in the previous
section by means of simulation. Nevertheless, and since the converter is not continuously
working (the converter may be switched off by the user), it is important to investigate the
capability of the proposed FTC algorithm to start up the converter using only the single
survivable sensor.

Figure 12a–c present the simulation results regarding the start-up of the converter
without DC-Link voltage and grid voltage sensors under 50% and 120% variation of
nominal values of L and C as well as the operating point variation. As can be seen, all of
the observed variables are accurately estimated under different operating conditions.
More precisely, when the converter controller is activated, the DC-link estimated voltage
reaches its reference value and is equal to the actual DC-link voltage. Moreover, it takes
about 40 ms for the estimated grid voltage to reach the actual value. In addition, the
resultant grid current presents a highly sinusoidal waveform with a unity power factor
operation even with 100% variation of the output load resistance introduced at time
t = 1 s (see Figure 12c).

   

Figure 12. Simulation results for converter’s start-up without DC-link voltage and grid voltage
sensors considering parameter mismatches: (a) grid inductance mismatches; (b) DC-link capacitance
mismatches; (c) DC load variation.

A second test for the start-up of the converter closed-loop operation without DC-
link voltage and grid current sensors was performed (Figure 13a–c). It can be observed
that the estimated DC-Link voltage follows its reference and actual values. Similarly, the
estimated grid current perfectly follows the actual current under L, C and DC load variation.
Moreover, the estimated grid voltage follows the actual grid voltage with accuracy even
under extreme conditions and parameter uncertainties.
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Figure 13. Simulation results for converter’s start-up without DC-link voltage and current voltage
sensors considering parameter mismatches: (a) grid inductance mismatches; (b) DC-link capacitance
mismatches; (c) DC load variation.

These different case studies prove the robustness of the proposed observation approach
considering different operation conditions.

6. Experimental Results

To demonstrate the feasibility and effectiveness of the proposed FTC method, experi-
mental results, based on a reduced-scale experimental setup, are carried out. The structure
of the experimental setup is presented in Figure 14. It comprises one Semikron SKiiP volt-
age source converter used as a single PWM rectifier, an input filter (20 mH, 0.2 Ω), a DC-bus
capacitor bank of 1100 μF and a variable resistive load. The rectifier’s PWM frequency is
set to 10 kHz. A current sensor (LEM PR 30) is used to measure the grid current ig. The
DC-link voltage and the grid voltage are measured by two Tektronix p5200 voltage sensors.
A 48 V/230 V single-phase transformer is used for the converter’s grid connection. The
FTC algorithm is implemented through the Matlab-Simulink environment into the dSPACE
DS1104 digital controller board using a sampling time of 100 μs. All experimental setup
parameters are reported in Table 2. The values of the different proportional and integral
observers’ gains Kp and Ki used in simulations and experiments are listed in Table 3.

Table 2. Laboratory prototype system parameters.

Description Symbol Value

RMS voltage supply Vg 230/48 V
DC-Link voltage Vdc 80 VDC
Sampling time Ts 100 μs

Switching frequency fsw 10 kHz
Line impedance L, R 20 mH, 0.2 Ω

DC-Link capacitor C 1100 μF
Rated Load resistance RL 36 Ω
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Figure 14. Experimental implementation of the proposed FDI and FTC: (a) experimental test bench;
(b) descriptive diagram of the experimental implementation.

Table 3. GPI and MRAS observers’ gains.

Estimator
Simulations Experiments

kp ki kp ki

Vg estimator 2.5 × 103 8 × 106 100 1 × 105

Vdc estimator 10 1 × 104 500 5 × 105

ig estimator 0.7 × 103 5 × 102 31 10

6.1. Residual Robustness Analysis and Threshold Selection

The robustness of the FDI algorithm under healthy operation depends on the residuals’
sensitivity to the system parameters’ variations and to the operating point variations. In
Figure 15a, the experimental results regarding the variations of the three residuals under
load variations are reported. The load resistance is shifted from 60 to 40 Ω at time t = 1.70 s
and again from 40 to 60 Ω at time t = 3.10 s. It can be seen that during resistance load
variations, all residuals maintain low values below 0.08. In Figure 15b, the residuals’
evolution under a DC-link voltage variation from 80 V to 100 V is detailed. All residuals
present small variations, always below 0.08. Finally, the sensitivity of the proposed fault
diagnosis approach is tested under a system parameter variation, namely the L filter
inductance variation. The filter inductance was first changed from 30 mH to 20 mH and
then to 14 mH. As can be seen, slight variations of the three residuals occurred; however,
such variations are still low, around 0.05.

Therefore, the behavior of the three residuals following these different tests showed
that their oscillations are still very small, close to zero. The thresholds should be carefully
selected in order to guarantee the proposed method high immunity under healthy operation,
as well as an accurate/fast detection and localization of the faulty sensor [15]. As presented
in Figure 15, the defined fault detection residuals variations under healthy operation are
small and always below 0.08. Under faulty operation mode, the variations of the residuals
correspond to the measurement error. According to this, thresholds TVdc, TVg and Tig may
have the same value, fixed at 0.1.
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Figure 15. Experimental results regarding residuals evolution under: (a) DC load variation, (b) DC-
link voltage variations, (c) grid filter inductance variations.

6.2. Multiple-Sensor Fault-Tolerant Control

The experimental results shown in Figure 16 present the performance of the proposed
FDI and FTC in the case of DC-link voltage and grid voltage sensor faults. At time t = 3.90 s,
the DC-link voltage fault is introduced (Figure 16a). In healthy operation mode, Vdc = 80 V;
thus, the output of the DC-link voltage sensor value is set to 0. While grid voltage and
current residuals remain at small values below their respective thresholds, the DC-link
voltage Rvdc exceeds its threshold Tvdc. The fault flag Fvdc is set to 1, which indicates that
the Vdc sensor is faulty. Immediately, the fault tolerance process is triggered, and the virtual
sensor Vdcobs is sent to the control loop of the system. Then, an 80% offset fault of the grid
voltage sensor is applied at time t = 10.05 s, as illustrated in Figure 16b. As a result, the
grid voltage residual exceeds its threshold, and its corresponding fault flag is then set to
1 (Figure 16d,e). Furthermore, when the grid voltage sensor’s detection is achieved, the
input of the SOGI-PLL block switches from the measured grid voltage to the estimated grid
voltage obtained from the GPIO. Now, the converter’s control loop is employing only the
single survivable grid current sensor. The DC−link voltage control loop, as well as the grid
current reference generation, are based on the estimated voltages values Vdcobs and Vgobs,
respectively. The single-phase PWM rectifier can still operate normally after the DC-link
and grid voltage sensors malfunction. It can be seen in the zoomed parts of Figure 16a–c
that the DC-link voltage is well regulated at 80 V, the grid current is sinusoidal with low
harmonic distortion and the grid power factor is equal to 1.

  

   

Figure 16. Experimental results for the fault-tolerant control in case of 100% gain fault of the DC−link
voltage sensor and 80% offset fault of the grid voltage sensor. (a) Vdc fault tolerant control, (b) Vg

fault tolerant control, (c) grid current ig, (d) Residuals evolution, (e) Fault flags variations.
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The experimental results concerning the control reconfiguration for the single-phase
converter in case of 100% gain fault of the grid current sensor fault and 100% gain fault of
the DC−link voltage sensor are detailed in Figure 17. When the DC−link voltage sensor
fault is introduced at time t = 5.32 s, the residual Rvdc exceeds its fixed threshold Tvdc, and
therefore, the fault flag Fvdc is equal to 1. Consequently, Vdcest substitutes the erroneous
measurement in the loop control. It can be seen from Figure 17a–c that the DC−link voltage
sensor fault tolerance is successfully achieved, and the system maintains its performance.
At time t = 10.193 s, the output of the grid current sensor is forced to 0. As a consequence,
as indicated in Figure 17d, the grid current residual exceeds its threshold, and the fault flag
Fig is set to 1. Once the grid current sensor is correctly located, the faulty measurement is
replaced by the estimated value of igobs. After the control reconfiguration of the grid current
sensor fault, only the grid voltage sensor survives. The zooms of Figure 17a–c clearly show
that Vdcobs and igobs are following their respective reference values, ensuring a unit power
factor, and that the converter stability is not affected.

  

   

Figure 17. Experimental results for the fault-tolerant control in case of 100% gain fault of the DC−link
voltage sensor and 100% gain fault of the grid current sensor. (a) Vdc fault tolerant control, (b) ig fault
tolerant control, (c) grid voltage Vg, (d) Residuals evolution, (e) Fault flags variations.

6.3. Post-Fault System Restart with the Single Survivable Sensor

Figure 18 presents the experimental results in the case of DC−link and grid voltages
sensorless operation of the converter. Hence, the rectifier’s control loop is only driven by
the grid current sensor. Initially, the converter is operating as a diode full bridge. At time
t = 1.88 s, the feedback control is activated. Figure 18a shows the variation of the observed
quantity Vdcobs and of the actual voltage Vdc. It can be seen that the observed DC−link
voltage, as well as the actual DC−link voltage, are correctly reaching their reference value.
Figure 18b,c show the variations of the estimated grid voltage Vgobs, the actual grid voltage
Vg and the grid current ig. The estimated grid voltage follows the measured one, and
the grid current ig has a sinusoidal waveform in phase with the grid voltage. Moreover,
at time t = 8.25 s, the load is changed from 100 Ω to 36 Ω. It can be observed that the
proposed control strategy keeps its good performance. The estimated values Vdcobs and
Vgobs are following their respective actual values while ensuring a unit power factor, and
the converter stability is not affected.
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Figure 18. Experimental results for the system’s start−up without DC−link voltage and grid voltage
sensors. (a) dc-link voltage, (b) Grid voltage, (c) Grid current.

The start-up of the PWM rectifier operation without DC−link voltage and grid current
sensors is illustrated in Figure 19. The closed-loop control is initiated at time t = 4.25 s.
Similarly to the simulation results, the observed voltage Vdcobs and the actual voltage Vdc
are correctly reaching their reference value. As shown in Figure 19c, the estimated grid
current igobs is following the actual grid current ig.

   

Figure 19. Experimental results for the system’s start−up without DC−link voltage and grid current
sensors. (a) dc-link voltage, (b) Grid current, (c) Grid voltage.

Moreover, the grid unity power factor is guaranteed according to Figure 19b,c, where
the grid current is in phase with the grid voltage. At t = 8.89 s, the load is changed from
100 Ω to 40 Ω. It can be observed from Figure 19a that the proposed control strategy
keeps its good performance. The estimated values Vdcobs and igobs are following their
respective reference values while ensuring a unit power factor, and the converter stability
is not affected.

6.4. Comparative Study with Previously Proposed Methods

To better highlight the benefits of the proposed multiple-sensor fault diagnosis al-
gorithm, its performance is compared with some previously reported approaches, as
summarized in Table 4. It can be seen that the proposed approach has similar sensor
fault detection and sensor FTC performance to those discussed by [15,17,21,25,30]. Never-
theless, the abovementioned methods cannot handle multiple-sensor failures. Moreover,
they need the use of an additional DC load current sensor [15,25,30], which increases the
system’s cost.

The approach presented by [27] ensures a multiple-sensor fault-tolerant control for a
three-phase grid-connected inverter fed by PV arrays. It has focused on the three grid-side
AC current sensor faults and DC-link voltage sensor faults. The proposed sensor fault
detection and isolation decision logic can guarantee the detection of a single- or multiple-
AC-sensor fault; however, if the DC-link voltage sensor is faulty, it violates one or more
analytical redundancy relations on the AC side. In order to overcome this issue, when both
AC and DC sensor faults occur, the isolation high priority is given to the DC sensor, while
the AC sensors are given low-priority fault isolation signals.
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Table 4. Fault detection and FTC performance comparison for different methods.

Fault Diagnosis Method Fault Modes
Single- and Multiple-Sensor

Fault Tolerance
Detection

Time
Need of Additional

Sensor
Algorithm Accuracy

Algorithm
Complexity

Luenberger observer [15] Current and DC-link
voltage sensor faults Single-sensor FTC <0.02 Tf Yes Robust against

variations Medium

Open-loop estimator [17] Current and DC-link
voltage sensor faults Single-sensor FTC <0.2 Tf No Affected by parameters’

variations Medium

Sliding-mode
observer [21]

Current and DC-link
voltage sensor faults Single-sensor FTC ≈0.05 Tf No Robust against

variations Medium

Fault estimation [30] Current and DC-link
voltage sensor faults Single-sensor FTC --- Yes Robust against

variations Medium

DSOGI estimator [25] Current and AC
voltage sensor faults Single-sensor FTC --- Yes Robust against

variations Medium

State estimator [27] Current and DC-link
voltage sensor faults

Single- and
multiple-sensor FTCs ≈0.05 Tf Yes Robust against

variations Medium

Reduced-order
observer [19]

Current and DC-link
voltage sensor faults

Single- and
multiple-sensor FTCs <0.015 Tf Yes Robust against

variations Medium

Proposed approach
Current, DC-link
voltage and AC

voltage sensor faults

Single- and
multiple-sensor FTCs ≈0.05 Tf No Robust against

variations Medium

In the proposed FTC approach, it has been shown that an AC sensor fault can be
discriminated from a DC sensor fault without any constraints. When DC and AC sensor
faults occur, the proposed FTC method can easily handle both of them.

The method discussed by [19] ensures multiple-sensor fault-tolerant control in cas-
caded H-bridge multilevel converters and can identify the fault type (open-circuit fault,
stuck fault, gain fault, offset fault, and abnormal noise). However, only one multiple-sensor
FTC scenario has been discussed, which involves the grid current sensor and the DC-link
voltage sensor. In our work, two scenarios have been presented: in the first scenario, a
DC-link voltage sensor fault followed by a grid voltage sensor and, in the second scenario,
a DC-link voltage sensor fault followed by a grid current sensor fault. It is important to
highlight that for the multiple-grid current sensor and DC-link voltage sensor faults, the
extreme case with 100% gain faults for both sensors has been discussed.

Both work in [19,27] and our work address multiple-sensor faults, but the proposed
work emphasizes a novel approach that simplifies the system by not requiring additional
sensors, which represents an improvement in terms of system complexity and cost.

Finally, none of these methods has proposed a unified sensor fault detection approach
for the main three sensors used in the closed-loop control of the single-phase PWM rectifier
without any extra hardware. The extensive experimental results demonstrated that the
proposed method can be easily implemented into a real-time digital controller, which
may improve the cost and the performance of a single-phase PWM converter in several
industrial applications such as EVs, electric traction systems, and so on.

Likewise, the proposed method has some limitations. It cannot identify the sensor
fault type (scaling, offset, open-circuit, and so on). Additional features should be extracted
in order to enhance its performance in that sense. Moreover, open-circuit faults would
change the rectifier’s input voltage, which results in high estimation errors and may lead
to a sensor false alarm. Hence, in future work, an effective algorithm that can diagnose
and discriminate sensor faults from power semiconductor faults in a single-phase PWM
converter will be considered.

7. Conclusions

This paper proposes a novel, simple, and fast unified sensor fault detection and
isolation without extra hardware and sensor fault-tolerant control of a single-phase pulse
PWM rectifier based on residual generation through a robust bank of GPI and MRAS
observers. Compared with the previous published methods, the proposed approach offers
some benefits:

(1) The proposed approach is a unified sensor fault detection method for the main three
sensors used in the closed-loop control of the single-phase PWM rectifier without any
extra hardware.
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(2) In addition to single-sensor fault detection, the proposed approach is able to diagnose
multiple-sensor faults and ensure a post-fault operation of the PWM rectifier with the
single survivable sensor.

(3) It has the capability to guarantee the start-up of the single-phase PWM rectifier with a
single survivable sensor and with the same performance as in healthy operation, even
under DC-link load variations or system’s parameters’ mismatch.

In particular, if compared with other methods addressing multiple-sensor faults, the
proposed method relies on a novel approach that does not require additional sensors, with
a moderate mathematical complexity, based on a clear mechanism for fault detection and
isolation. Additionally, it is characterized by robustness and practical viability, which are
important features in real-world applications.

Several simulations and experimental results have been discussed to demonstrate the
robustness and effectiveness of the proposed approach under distinct simultaneous faulty
scenarios and to show the very good performance of the post-fault operation of the single-
phase PWM rectifier in terms of DC-link voltage regulation and grid-side power quality.

In future work, some improvements to the proposed method should be introduced
in order to identify the sensor fault type and to discriminate sensor faults from power
semiconductor faults. In this way, the combination of model-based approaches with data-
driven approaches is of great benefit.
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Nomenclature
ADC Analogue to Digital Converter
C DC-link capacitor
d1, d3 Duty Cycle
DAC Digital to Analogue Converter
DSOGI Dual Second-Order Generalized Integrator
EVs Electric Vehicles
fa Disturbance and/or unknown input
faobs Observed value of the disturbance and/or unknown input
FDI Fault Detection and Isolation
FE Fault Estimation
FTC Fault-Tolerant Control
fsw Switching frequency
Fx Fault Flag, x = {ig, Vg, Vdc}
GPIO Generalized Proportional Integral Observer
ic Current in the DC-side capacitor
idc DC-side output current
ig Grid current
igobs Observed value of the grid current
ig* Reference value of the grid current
ignom Nominal value of the grid current
iL Load current
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Tf Grid current fundamental period
Ki Integral Gain
Kp Proportional Gain
L Line inductance
LO Luenberger observer
mab Modulation index
MRAS Model Reference Adaptive System
PI Proportional Integral
PR Proportional Resonant
PWM Pulse-Width Modulated
R Line resistance
RL Rated Load resistance
Rx Residual, x = {ig, Vg, Vdc}
SMO Sliding-Mode Observer
SOGI Second-Order Generalized Integrator
SOGI-PLL Second-Order Generalized Integrator Phase-Locked Loop
S1, S3 Binary Switching Control Signal
Ts Sampling Time
Tx Threshold, x = {ig, Vg, Vdc}
Vab Rectifier input voltage
Vabobs Estimated value of the rectifier input voltage
Vabobsα, Vabobsβ Estimated orthogonal components of the rectifier input voltage
Vdc DC-link voltage
Vdc* Reference value of the DC-link voltage
Vdcobs Observed value of the DC-link voltage
Vin* Reference value of the rectifier voltage
Vg Grid voltage
Vgnom Nominal value of the grid voltage
Vgobs Observed value of the grid voltage
θg Phase angle
φg Grid virtual flux
φgobs Observed value of the grid virtual flux
ϕab Phase difference
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Abstract: Availability and continuous operation under critical conditions are very important in
electric machine drive systems. Such systems may suffer from several types of failures that affect
the electric machine or the associated voltage source inverter. Therefore, fault diagnosis and fault
tolerance are highly required. This paper presents a new robust deep learning-based approach to
diagnose multiple open-circuit faults in three-phase, two-level voltage source inverters for induction-
motor drive applications. The proposed approach uses fault-diagnosis variables obtained from the
sigmoid transformation of the motor stator currents. The open-circuit fault-diagnosis variables are
then introduced to a bidirectional long short-term memory algorithm to detect the faulty switch(es).
Several simulation and experimental results are presented to show the proposed fault-diagnosis
algorithm’s effectiveness and robustness.

Keywords: open-circuit fault; induction motor; sigmoid function; bidirectional long short-term
memory; deep learning

1. Introduction

Three-phase pulse-width modulation (PWM) voltage source inverters (VSIs) have
been widely used for grid-connected converters or AC machines’ variable-speed drive
applications. For most of these applications, high reliability and availability are of utmost
importance. Consequently, the condition monitoring, fault detection, and fault tolerance of
three-phase PWM VSIs are widely requested functions that should be added to the drive
system’s controller [1,2].

An open-circuit (OC) fault is one of the most relevant faults that may affect induction-
motor variable-speed drives [3]. This type of fault may affect one or more power semi-
conductors. As discussed in [4,5], OC faults introduce severe perturbations: a DC current in-
jection, an overcurrent, and pulsating electromagnetic torque. In some cases, the electric drive
must be shut down. Consequently, fault diagnosis and fault tolerant control [5,6] are of utmost
importance. Several studies have focused on OC faults, and different algorithms have been
proposed, as summarized by many survey articles [1–3,7,8]. OC fault-diagnostics methods
are mainly classified as model-based approaches [9–21], signal-based approaches [22–30],
and data-driven approaches [31–41].

Model-based fault-diagnosis approaches use the mathematical model of the electric
machine and/or the model of the voltage source inverter. The main idea is to compare
estimated quantities obtained from the system’s model to the measured quantities. In
most cases, electric machine currents [9–14] and output voltages of the voltage source
inverter [15–20] are the estimated quantities.
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In a well-functioning operation, the measured and estimated quantities are almost the
same. Hence, the estimation error converges to zero. When an open-circuit fault is affecting
one or more power switch(es), the deviation of the estimation error is used to detect the
fault and to identify the faulty switch(es).

In [9,10], Jlassi et al. use the current form factor (CFF) to detect open-circuit faults in
permanent magnet synchronous machine (PMSM) drives for both generator and motor
applications. The main idea is to compare the CFF obtained from the measured currents
to the CFF obtained from estimated currents based on the state Luenberger observer. A
similar approach is discussed in [11] to detect current sensors and open-circuit faults in
grid-connected three-level NPC inverters. In this study, the currents are estimated using a
sliding-mode observer.

The current residual approach is proposed to diagnose open-circuit faults in PMSM,
and induction-motor drive systems are discussed in [12,13], respectively.

Voltage-based OC fault detection has been discussed in [15–20]. To avoid the use of
additional voltage sensors, which may increase the system’s cost, the output voltage of
the VSI should be estimated. In [15], an OC fault-diagnosis scheme is proposed based
on voltage estimation for an induction machine drive system. A state estimator is used
to estimate the phase voltage based on the induction machine model. The estimated
voltage is compared to the voltage obtained from the DC-link voltage and the inverter
switching signals. The residual of the estimation error is used to detect the faulty switch(es).
Nevertheless, this approach needs the use of low-pass filters that require high tuning and
introduce delays in the detection time. Freire et al. present a similar approach applied to
PMSM drive systems [16]. In [17], the calculated common-mode voltage behavior is used
to detect and locate OC faults in three-phase, two-level inverters for induction machine
drive systems.

Recently, with the increase in the use of model predictive control (MPC) in variable-
speed drive systems, some studies propose the use of motor-current prediction errors to
detect OC faults for PMSM drive systems [22–25]. Thanks to the robustness of MPC, the
motor-current prediction errors are very low in well-functioning (healthy) operation modes.
It has been shown that in the case of OC faults, the motor-current prediction errors increase,
allowing for the detection and identification of the fault switch [22–25].

Signal-based methods typically involve motor-current signature analysis [26–30].
In [26], a single current sensor is employed to detect OS faults in the PMSM drive sys-
tem. A DC-link current sensor is used to reconstruct the motor stator currents. Then, the
normalized average value of the reconstructed current is used to detect the faulty switch.
Sejir et al. [27] present a current analysis-based algorithm to detect OS faults in PMSM
drive systems. The fault-detection variables use the interaction between two stator currents,
which allows for the detection of 27 types of OC faults and current-sensor faults. Reference
current errors are adopted to detect OC faults in voltage source inverters [28]. However,
this approach can only be used for closed-loop controlled electric drives.

More recently, data-driven fault-diagnosis approaches have become more attractive for
fault-diagnosis and fault-classification purposes [31–41]. Indeed, data-driven approaches
are only based on recorded data obtained from measured quantities, instead of specific
complex mathematical models.

In [31,32], a Fast Fourier Transform (FFT) algorithm is used to extract open-circuit fault
features from motor currents [31] or the inverter’s output line-to-line voltage [32]. Then, a
fast-learning technology is applied to diagnose the faulty switch(es). Xia et al. [33] present
a transferrable data-driven algorithm for open-circuit switch-fault diagnosis in three-phase
inverters. A deep learning-based approach for the open switch-fault diagnosis of three-phase
PWM converters is discussed in [34]. Current behaviors in healthy and faulty operation
modes are analyzed for fault feature extraction. Hang et al. [36] propose an OC fault-diagnosis
algorithm for PMSM drives using a wavelet convolutional neural network (WCNN). The
normalized current vector trajectory graph obtained by the Clark transform is sent to the
WCNN model to detect and localize the faulty power semi-conductor. However, this method
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requires high-computation execution time and needs preprocessing for noise robustness.
In [37], the online data-driven fault diagnosis of dual three-phase PMSM drives is discussed.

Long short-term memory networks (LSTMs) have been investigated for fault-diagnosis
issues due to their high accuracy compared to other fault-diagnosis techniques [38–45].
The effectiveness of the method is confirmed in [38], where it is used to detect multiple
open-circuit switch faults of the back-to-back converter in doubly fed induction generator
(DFIG)-based wind turbine systems. A similar approach has been used to diagnose OC
faults in multilevel converters [39–41]. The LSTM approach is applied for diagnosing
faults in electric vehicles [42,43] and for motor electrical faults [44] and mechanical fault
diagnosis [45].

A state-of-the-art review has shown that model-based OC fault-detection approaches
are effective. However, these approaches need a good knowledge of the studied system’s
model. Furthermore, they are sensitive to the variations in the system’s parameters. More-
over, they need a robust fault-detection threshold, which makes them complicated to elabo-
rate. Signal-based OC fault-detection methods present a good alternative to model-based
ones. They are attractive especially since they do not require either highly computational
resources or extra hardware. Data-driven approaches have the advantage of being only
dependable on recorded data obtained from measured quantities instead of specific com-
plex mathematical models. The main concerns of such algorithms are their complexity
and the need for large-scale data for feature extraction, training, and validation. These
requirements make real-time implementation difficult.

Therefore, by combining signal-based methods with those based on data, this scheme
may achieve high-accuracy fault detection and fault localization results. Consequently,
this paper proposes a bidirectional long short-term memory (BiLSTM)-based algorithm to
diagnose open-circuit power semi-conductor faults in a three-phase PWM voltage source
inverter for an induction-motor drive system. The main contribution of the proposed
approach can be summarized as follows:√

The proposed method can achieve an accurate diagnosis of single and multiple open-
circuit faults without any extra hardware requirements. Only already measured
induction-motor stator currents are used.√
A new, robust current-normalization approach is developed to keep the motor currents
free from load-torque and motor-speed transient variations.√
The normalized currents are then combined in order to generate three OC fault
indicators. Then, the fault-detection variables are introduced to a BiLSTM network
to identify the faulty switch(es). The BiLSTM network does not need to set any
fault-detection threshold, which increases the accuracy and the effectiveness of the
proposed approach.

The rest of the paper is organized as follows: Section 2 presents the fault-detection
variables and analysis of the fault features. Section 3 describes the BiLSTM network
and the fault-diagnosis algorithm. The performance of the proposed OC fault-diagnosis
algorithm is analyzed through simulations in Section 4 and evaluated through experiments
in Section 5. Finally, conclusions are drawn in Section 6.

2. Fault Features Analysis

The structure of the three-phase induction-motor drive system is depicted in Figure 1.
The two-level VSI is composed of six IGBTs (T1 → T6) and their anti-parallel diodes. Under
healthy operation conditions, the induction-motor stator currents are expressed as:⎧⎪⎨⎪⎩

ia(t) = Im sin(ωt)
ib(t) = Im sin(ωt − 2π

3 )

ic(t) = Im sin(ωt − 4π
3 )

(1)

where Im is the induction-motor stator current amplitude and ω is the synchronous electri-
cal pulsation.

479



World Electr. Veh. J. 2024, 15, 53

IM

Induction Motor 

2L-3Φ VSI

dcV
ai

bi
ci

Load
1T 3T 5T

2T 4T 6T

Figure 1. Structure of 2L-3Φ VSI-fed IM system.

When an open-circuit fault occurs, it produces a distortion of the stator currents with
an increase in their amplitude, electromagnetic torque oscillations, and excess heat, which
can lead to motor failures [27].

The motor currents can provide accurate signatures to ensure an effective diagnosis
of OC faults. However, motor currents are sensitive to the load torque and motor-speed
variations. To reduce the dependency of the OC fault signatures on load-torque and/or
motor-speed variations, it is necessary to normalize the motor currents. In this way, several
approaches discussed in the literature have been proposed as normalization tools: Park’s

vector modulus
∥∥∥idq

∥∥∥ =
√

i2d + i2q in [23], the maximum absolute value of the motor-phase
currents max{|ia|, |ib|, |ic|} in [27], and the average absolute values of the motor-phase
currents 〈|in|〉n={a,b,c} in [28]. Although these methods provide good results, they also
require additional computational effort and prior knowledge of the motor parameters to
ensure a real-time normalization of diagnosis variables, which increases computation time
and decreases the performance of the OC fault methods.

In this work, a new motor current-normalization approach is introduced. The main
idea consists of applying the sigmoid function to the motor currents for the normalization
process. The sigmoid function of the real variable x, F(x), is defined as:

F(x) =
2

1 + e−λx − 1 (2)

where λ is a positive real. In Figure 2, the sigmoid function of the sinusoidal variable x is
presented. It can be seen that F(x) varies by ±1 and has the same period as the variable x,
apart from its maximum value xm. The impact of the positive real λ on the dynamic of F(x)
is depicted in Figure 2. A greater λ value is higher and more F(x) variation is faster.

Figure 2. Sigmoid function for different coefficient values λ.

However, the motor currents do not have a pure sine waveform due to the impact of
sampling, PWM, and measurement noises. As a result, the chattering problem appears in
the normalized function and can be seen during the zero crossing of the current signal, as
shown in Figure 3a.

To analyze this feature, the positive-current half-period is taken as an example. The cur-
rent can be divided into a chattering zone, where the current is small, and a non-chattering
area, due to an adequate current drop. The oscillations of the sigmoid function due to the
chattering zone reduce the performance of the motor current-normalization approach. To
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fix this issue and to reduce the chattering effect of the sigmoid function, the normalization
function of the induction-motor stator current is modified; this is expressed below:

F(x) =

{
0 i f x ∈ [−xh, xh]

2
1+e−λx − 1 else

(3)

where xh is the minimum value of signal x(t) that avoids the chattering problem. Figure 3b
shows the output of the modified normalization function, where it is forced to be zero
during the zero-crossing of the current signal. It should be noticed that, when the fault
occurs in the non-chattering zone [t3; t4], it can be immediately detected. However, if it
occurs when |x(t)| ≤ xh, [t1; t2], it cannot be detected, and we should wait for the next cycle.

Figure 3. Current-normalization method: (a) with chattering problem, (b) without chattering prob-
lem.

By applying Equation (3) to the induction-motor stator currents, we obtain the varia-
tions of the sigmoid variables Fa, Fb and Fc of the motor currents ia, ib and ic, respectively,
as presented in Figure 4a. It can be seen that Fa, Fb and Fc have the same period as
their corresponding motor currents and vary by ±1, which makes them free from load-
torque variations and motor-speed transient variations. Thereafter, three fault-diagnosis
indictors—χa, χb and χc—are defined as follows:⎧⎪⎨⎪⎩

χa = 2Fa − Fb − Fc

χb = 2Fb − Fc − Fa

χc = 2Fc − Fa − Fb

(4)

The variations in the fault-diagnosis indicators for one period of motor currents are
depicted in Figure 4b. During the healthy mode of the induction-motor drive, the fault-
detection variables exhibit similar behavior to the motor stator currents with the same
period, and there is a phase shift between them equal to 2π/3. Moreover, they vary by ±4.
It should be noted that the variations in the fault-detection variables are also independent
of motor speed or load torque.

When an open-switch fault occurs, it affects the stator currents waveforms, as well
as the Fa, Fb and Fc and χa, χb and χc waveforms. Figure 5a describes the stator currents
and variations in the detection variables χa, χb and χc in the case of an open-switch fault of
IGBT T1 applied at time t = 0.6 s. Instantly, the behavior of χa, χb and χc is not the same as
in the healthy operation mode. Indeed, χa loses its positive sequence, whereas χb and χc
vary between 4 and −3.

A similar analysis was conducted for an open-switch fault of T1 and T2 applied at
time t = 0.6 s, (open phase fault), as presented in Figure 5b. χa becomes equal to 0, and χb
and χc are opposite and vary between 3 and −3. A third fault case is analyzed considering
an open-switch fault of T1 and T4, as shown in Figure 5c. In this case, χa loses its positive
sequence, χb loses its negative sequence, and χc varies between 3 and −3. The analysis
of these three faults scenarios has shown for each open-switch fault that the detection
variables χa,b,c have a specific feature. This feature makes them suitable to be used to
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achieve a robust and reliable open-switch fault-detection algorithm for the studied electric
drive system.

Figure 4. Time-domain waveforms of: (a) three-phase currents and sigmoid functions, (b) detection
fault variables in healthy mode.

Figure 5. Time-domain waveforms of three-phase currents, sigmoid functions and detection fault
variables for: (a) Fault in T1, (b) Fault in T1 and T2, (c) Fault in T1 and T4.
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3. LSTM Approach for Fault Diagnosis

3.1. LSTM Structure

LSTM is an improved version of a recurrent neural network (RNN), which has
achieved satisfactory performance in sequence learning and temporal modeling [38].

LSTM has a special structure, which allows for solving the challenge of gradient
vanishing or explosion in a simple RNN since it replaces the iterative transformation with
addition in the calculation of hidden state [45]. The structure of an LSTM unit is illustrated
in Figure 6.

Figure 6. LSTM Network structure.

LSTM mainly consists of three gates: a forget gate ft, an input gate it, and an output
gate ot. The forget-gate layer ft determines which information should be forgotten. The
equation of the forget-gate layer can be expressed as:

ft = σ(w f .[ht−1, Xt] + b f ) (5)

where Xt and ht−1 represent, respectively, the input at the current time and the output at
the previous time of the LSTM network. Wf and b f represent the weight and the bias of the
forget-gate layer. σ is the sigmoid function and [ ] represents the concatenate operation.

The input-gate layer it updates the cell state based on the input at the current time
Xt and the output at the previous time ht−1. The equations of the input gate can be
described as:

it = σ(wi.[ht−1, Xt] + bi) (6)

c̃t = tanh(wc.[ht−1, Xt] + bc) (7)

where Xt and ht−1 represent, respectively, the input at the current time and the output
at a previous time. Wi and bi are the weight and the bias of the sigmoid function in the
input-gate layer. tanh is a hyperbolic tangent function, Wc and bc are the weight and the
bias of the tanh function in the input-gate layer.

The output-gate layer ot selects information that should be the next output, which
depends on the cell state ct. The equation of the output-gate layer can be expressed as
Equation (8); wo and bo are the weight and the bias of the output-gate layer.

ot = σ(wo.[ht−1, Xt] + bo) (8)

The cell state and the output (hidden) state at time step t are described by the follow-
ing equations:

ct = ft × ct−1 + it × c̃t (9)

ht = tanh(ct)× ot (10)
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3.2. Stacked LSTM (MLSTM)

A stacked LSTM is a deep LSTM that consists of multiple LSTM layers, where each
layer contains multiple memory cells. The inputs of the first LSTM layer are the sequence
data, and the input of other LSTM layers is the hidden state of the previous LSTM layer.
Therefore, the stacked LSTM hidden layers make the model deeper and more accurate.
This type of network becomes a powerful method for challenging sequence prediction
problems. The structure of a stacked LSTM with n hidden layers is shown in Figure 7.

Figure 7. Stacked LSTM structure.

3.3. Bidirectional LSTMs (BiLSTM)

BILSTM is an emerging approach to address fault-diagnosis problems [46–50]. This
technique has been shown to provide more accurate results than other classical methods
and LSTM [50,51]. In this study, the BiLSTM network is used to identify and locate multiple
open-circuit faults in a three-phase, two-level voltage source inverter for an induction-
motor drive system. Compared with LSTM, BiLSTM can procure information from both
earlier and later segments in sequence [51]. The BiLSTM structure consists of a forward
LSTM layer and a backward LSTM layer, which reverses the direction of the input sequence
flow [51,52]. Applying the LSTM twice makes the prediction results more integrated
and leads to improving the accuracy of the model. Furthermore, it should be mentioned
that BiLSTM is a much slower model and requires more time for training. The BiLSTM
architecture is presented in Figure 8.

Figure 8. BiLSTM structure.

3.4. Evaluation Metrics

After building prediction models, several metrics can be used to evaluate the perfor-
mance of models and compare them.
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3.4.1. Root-Mean-Square Error (RMSE)

The root-mean-square error (RMSE) is the most commonly used performance measure
for prediction tasks. The RMSE can be calculated by using (11).

RMSE =

√
1
n

n

∑
i=1

(yi − ŷi)
2 (11)

where ŷi and yi are the prediction and the real output value, and n is the number of data.

3.4.2. Mean Absolute Error (MAE)

The MAE is the other criterion used to evaluate the model performance. The MAE is
expressed as (12).

MAE =
1
n

n

∑
i=1

|yi − ŷi| (12)

3.4.3. Mean Absolute Percentage Error (MAPE)

The MAPE is one of the most common metrics used to measure the prediction accuracy
of a model and it is described as (13).

MPAE(%) =
1
n

n

∑
i=1

|yi − ŷi|
yi

× 100 (13)

The summation ignores observations where yi = 0. In general, the lower the MAPE
value is, the more accurate the model is.

The last metric used in this paper to evaluate the performance of the proposed algo-
rithm is the accuracy of the prediction model, which is expressed as:

Accuracy(%) = 100 − MPAE (14)

3.5. Diagnostic Network Implementation and Validation

The proposed diagnosis method consists of the BiLSTM network with one hidden
layer. The BiLSTM-based network is adopted for the fault diagnosis, using the normalized
diagnosis variables χa, χb and χc of the current-sensor signals as input. Firstly, two-phase
current signals are collected by the sensors installed between the inverter and the motor,
respectively. Then, a normalization process is applied to extract suitable features. Finally,
the normalized input sensor data [χa χb χc] are put into the BiLSTM network.

The output of the BiLSTM network is a concatenation of the forward and backward
hidden states. The final output of the network contains six flags [T1 T2 T3 T4 T5 T6], which
represent the healthy or faulty state of each power switch of the inverter that controls the
IM. Each flag can take either the value 1 to indicate that the desired power switch is infected,
or the value 0 to indicate that the desired switch is healthy. The proposed BILSTM enables
us to predict and identify 21 open-circuit faulty states and 1 normal state. The structure of
the fault-diagnosis method based on the BiLSTM network is illustrated in Figure 9.

To train the BiLSTM network to work efficiently, the system requires normal and
faulty feature data. For this, we generated all possible single and multiple open-circuit
fault scenarios. Thirty thousand samples are used as training data for each class of default,
with a sampling time of 10−4 s. The cost function used in the training process is the
root-mean-square error (RMSE).

After many trials ranging from 10 to 100, as shown in Figure 10, the size of the hidden
layer of BiLSTM network is set as 100 units to make a tradeoff between accuracy and
computation time.

The maximum training epoch is set as 1000 to ensure that the error after training is
small enough. The BiLSTM model is trained using the LSTM MATLAB toolbox vR2020b.

The parameters of the BiLSTM models are summarized in Table 1.
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Figure 9. Structure of the fault-diagnosis module based on BiLSTM network.

Figure 10. (a) Evolution of the RMSE as a function of hidden layer size in training progress of BiLSTM
Network, (b) Evolution of the Loss as a function of hidden layer size.

Table 1. BiLSTM parameter.

Parameter Value

Max training epochs 1000
Loss function optimizer (solver) Adam
Initial learning rate 0.001
Loss function RMSE
Gradient threshold 0.001
Hidden units 100

The principle of the proposed BiLSTM-based fault-diagnosis method considering the
data detailed above is shown in Algorithm 1.

Algorithm 1: BiLSTM-based Fault-Diagnosis Algorithm

Step 1: Data set collection.

−Fault-detection variables [χa χb χc].
−Fault flags [T1 T2 T3 T4 T5 T6].

Step 2: Parameter initialization.
Step 3: Set the BiLSTM model.

−Forward hidden layer output h f
t : h f

t = σ(w f
x Xt + w f

xh f
t−1 + b f

h ).
−Backward hidden layer output hb

t : hb
t = σ(wb

xXt + wb
hhb

t−1 + bb
h).

−The model output yt: yt = w f
y h f

t + wb
yhb

t + by.

Step 4: Train the BiLSTM model.
Step 5: Return the network model (w, b).
Step 6: Test model. If the evaluation metrics are not satisfactory, then adjust network parameters
and go to Step 3.
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After training, the performance and efficiency of our network were tested in a situation
in which open-circuit switch faults occur simultaneously in T5 and T6 at t = 1 s. The
simulation results are shown in Figure 11a,b.

Figure 11. Simulation results: (a) Test of BiLSTM Network in the presence of T5 and T6 fault,
(b) Validation error of BiLSTM model.

It can be seen from Figure 11b that the validation error value varies between −0.05 and
0.05, with a little increase when the fault begins to occur (t = 1 s); this result demonstrates
the efficiency of the proposed model in the prediction of default class and the time at which
the fault occurs.

4. Simulation Results

The performance of the proposed open-switch fault-detection approach is first an-
alyzed through simulations using MATLAB/Simulink Software vR2020b for a variable-
speed three-phase induction-motor drive. In this section, the robustness of the proposed
method under speed/load-torque variations is studied first. Then, the effectiveness of the
proposed approach in detecting single and multiple open-switch faults is presented.

4.1. Robustness under Operating Point Variations

The performances of the proposed fault-diagnosis approach under motor-speed and
load-torque variations are presented in Figures 12 and 13, respectively. Figure 12 presents
variations in stator current, motor speed, detection variables, and the output of the BiLSTM
network (T1→T6 fault flags) when the motor speed varies from 1200 to 1500 rpm at time
t = 1 s with no load. The detection variables maintain the same behavior during steady-state
operation as well as during a transient state. Finally, all fault flags remain at low levels,
equal to 0. Figure 13 describes the same variables in the case of torque-load change from
0 N·m to 3 N·m at time t = 1 s with motor speed equal to 1000 rpm. Here, again, all fault
flags remain at a value of 0, and no false alarm is triggered.

4.2. Open-Switch Fault Detection

In Figure 14, the stator currents for an OC fault in the upper switch T1 of phase a,
with 4 N·m as the load torque and 800 rpm as the rotor speed, are presented. When the
open-switch fault of IGBT T1 is applied at t = 1 s, the positive half-cycle of the current ia is
deleted. Therefore, the lost variable χa is a positive sequence and varies between the values
−4 and 0, whereas both the other diagnostic variables, χb and χc, vary between values
−3 and 4. Hence, the T1 fault flag increases instantly to 1 after 4 ms of fault appearance,
relevant to 10% of the stator current’s fundamental period.
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Figure 12. Simulation results for speed variation from 1200 to 1500 rpm without load.

 

  

Figure 13. Simulation results for load variation from 0 to 3 N·m under a speed of 1000 rpm.

The performance of the proposed approach relating to the diagnosis of an open-phase
fault is shown in Figure 15. Primarily, a single OC fault in power switch T1 occurred at time
t = 1 s, where the motor is running at the speed of 1400 rpm and the load torque is equal to
3 N·m. The faulty power switch is identified when the T1 fault flag increases to 1 at time
t = 1.003 s, equal to 14% of the motor current’s fundamental period. At t = 1.5 s, the fault in
IGBT T2 is added, and the behavior of the fault-diagnosis variables automatically changes.
Regarding all diagnosis variables in this failure situation (open-phase fault), the diagnosis
variable χa becomes equal to 0, but the other variables, χb and χc, take the values of −3
and 3. Then, the open-phase fault is distinguished when both T1 and T2 fault flags take the
value 1, 4 ms after fault occurrence, equal to 19% of the motor current’s fundamental period.
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Figure 14. Simulation results for a fault in T1 under a speed of 800 rpm and a load torque of 4 N·m.

  

Figure 15. Simulation results for a fault in T1 and T2 under a speed of 1400 rpm and a load torque of
3 N·m.
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The steady-state performance of the proposed AI approach for both open-switch faults
in the VSI is presented in Figure 16. Firstly, an OC fault in IGBT T1 appears at t = 1 s, under
the operating speed of 1200 rpm and with 3 N·m as the load torque. The infected IGBT is
localized by switching the T1 fault-flag value to 1 at t = 1.004 s, with 10% of the fundamental
period as a delay. At t = 1.5 s, the second fault in T4 is added, and the first diagnostic
variable χa maintains its negative sequence. However, the second diagnostic variable χb
changes its behavior by losing its negative sequence, varying between 0 and 4, whereas χc
varies between −3 and 3. For this state, the T4 fault flag needs 3.5 ms as a time delay to take
the value 1, which would denote that an open-circuit fault has occurred in power switch
T4. The detection time of this fault is equal to 8.75% of the current’s fundamental period.

  

 

Figure 16. Simulation results for a fault in T1 and T4 under a speed of 1200 rpm and a load torque of
3 N·m.

5. Experimental Results

The performances of the proposed open-circuit fault-diagnosis method were examined
using a 3 kW induction-motor drive prototype. The experimental test bench, shown in
Figure 17, comprises a three-phase voltage source inverter (SEMIKRON), fed by a 3 kW PV
array, and an induction motor coupled with a permanent magnet synchronous generator
(PMSG). A digital signal processor (DSP-Dspace1104) is used for the motor drive system
control. The SEMIKRON inverter is composed of three IGBT modules (SKM50GB12T4)
and a 1100μF DC capacitor supporting 750VDC. The switching frequency was set to 5 kHz,
and the sampling period was 100 μs. Two Hall-effect current sensors (LEM LA55P) were
used for sensing motor-phase currents. A Keithley (DT9834) data acquisition module with
a 16-bit resolution analog input and a sample rate of 500 kS/s throughput was used for
recording the test results. A fault-gate generator box was used to generate an IGBT opening
fault. The idea is to switch the PWM signal input of the gate driver to zero in the fault case.
The mechanical load could be established with the help of the PMSG coupled to the PD3
rectifier and a variable resistive load. The OC fault was introduced by removing the gate
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command signal of the considered faulty IGBT. The parameters of the IM are shown in
Table 2.

Figure 17. Experimental test bench with the architecture of the complete system.

Table 2. IM parameters.

Parameter Symbol Value Parameter Symbol Value

Rated Power Pa 3000 W Stator Resistance Rs 2.26 Ω
Rated Voltage V 380 V Rotor Resistance Rr 1.45 Ω
Rated Current In 6.2 A Stator Inductance Ls 0.249 H
Rated Frequency F 50 Hz Rotor Inductance Lr 0.249 H
Rated Speed Ω 1430 rpm Mutual Inductance Lm 0.237 H
Rated Torque Te 20 N·m Moment of Inertia J 6.84 × 10−3 Kg·m2

Pair of Poles P 2 Friction Coefficient f 3.745 × 10−4 N·m·s/rad

5.1. Robustness under Operating Point Variations

The experimental results, reported in Figure 18, show the time-domain waveforms
of the phase currents and the IGBT fault flags used for open-circuit fault diagnosis in the
VSI. In this evaluation, a fast transient process was conducted using a speed step from
700 to 1000 rpm under no load for the first test and a rated load torque under 60% for the
second test. Figure 19 provides the experimental results when the 3Φ-IM operates at a
mechanical rotor speed equal to 1000 rpm. The transient states consist of applying two-step
transitions of the load torque to the IM: the rated load torque from 0 to 60% and then the
rated load torque from 60% to 0%. For the diagnostic variables, even though transient states
are observed, they present the same behavior, which corresponds to a healthy operation
mode of the VSI. Regarding the outputs of the BiLSTM network, all fault flags remain at
their 0 values. The obtained results confirm the high performance and robustness of the
proposed FDI approach under load and speed change.
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Figure 18. Experimental results for speed variation from 700 to 1000 rpm with: (a) no load, (b) 60%
of rated torque.

Figure 19. Experimental results for load variation under a speed of 1000 rpm: (a) from 0 to 60% of
rated torque, (b) from 60% to 0% of rated torque.

5.2. Open-Switch Fault Detection

To further examine the practicality of the proposed method, several tests were per-
formed under fault conditions. The first test was conducted when the fault occurred in
phase b, resulting from an open-switch fault of IGBT T4. In this test, the operating point
of the motor was fixed, respectively, at Ω = 780 rpm and Tem = 50% of rated load torque.
The time-domain waveforms of three-phase stator currents; the diagnostic variables χabc;
and the T1. . .6 fault-flag behavior are reported in Figure 20. First, before the introduction
of the OC fault, the behavior of the fault-detection variables χa, χb and χc corresponds to
the healthy operation of the VSI. At t = 3.605 s, an open-circuit fault occurs in IGBT T4
of the second inverter leg by fixing its switching signal in the « 0 » state. As a result, the
negative half-cycle of the current ib is cut and is now limited to only flowing in the positive
direction, while other currents (ia and ic) undergo a light deformation and flow in negative
and positive directions. Consequently, the behavior of three diagnostic variables (χa,b,c) is
not yet the same as in the healthy operation mode. Indeed, χb loses its negative sequence,
varying between 0 and 4, whereas χa and χc vary between −4 and 3. As a result, the fault
flag corresponding to the faulty IGBT T4 immediately takes the value of 1 at t = 3.609 s, and
there is a time delay equal to 12% of the current’s fundamental period.
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Figure 20. Experimental results for a fault in T3 under a speed of 780 rpm and 50% of rated torque.

The second test corresponds to an open-phase fault involving two IGBTs in the same
inverter leg (T1 and T2). Figure 21 presents the experimental results of the output-inverter
currents together with the diagnostic variables used for FDI in the VSI and the outputs
of the BiLSTM network. However, the motor speed and the load torque are, respectively,
fixed at Ω = 990 rpm and Tem = 50% of the rated load torque. The fault is introduced
into the first inverter leg at t = 1.378 s by keeping the switching signals of both IGBTs
simultaneously in the « OFF » state. In this case, current ia becomes equal to zero over the
whole current cycle, while the other currents maintain their sinusoidal shapes but oscillate
in phase opposition between −4 A and 4 A. As soon as the fault occurs, the diagnostic
variable χa takes the value of zero, and the other diagnostic variables χb and χc are opposite
and vary between 3 and −3. As learned in offline conditions, the diagnostic algorithm
based on the BiLSTM network decides that the fault is an open phase involving the first
inverter leg. As a result, open-phase fault identification is achieved at t = 1.387 s when
both T1 and T2 fault flags switch from 0 to 1, and there is a time delay equal to 30% of the
current’s fundamental period.

  

 

Figure 21. Experimental results for a double fault in T1 and T2 under a speed of 990 rpm and 50% of load.
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The last test, which presents the performance of the proposed algorithm regarding
the diagnosis of a double fault in the power switches T2 and T4, is depicted in Figure 22.
In this case of faulty condition, the 3Φ-IM runs under a speed of 1000 rpm and no load.
The fault is applied between t = 2.54 s and t = 6.4 s. During this time, current ia loses its
negative half-cycle and current ib loses its positive half-cycle, whereas current ic is slightly
deformed but maintains its sinusoidal form. Immediately, diagnostic variables χa and χb
lose their negative and positive sequences, respectively, while variable χc varies between
−3 and 3. As a consequence, the FDI approach replies immediately—the T2 and T3 fault
flags take the value of 1 between times 2.544 s and 6.405 s. The detection time of the fault
condition corresponds to 16% of the motor current’s fundamental period.

Figure 22. Experimental results for a double fault in T2 and T3 under a speed of 1000 rpm and
no load.

5.3. Performance Evaluation and Comparison

The proposed fault-diagnosis method is applied to a 3Φ-induction-motor system for
certain faults: T1, T2, T3, T4, T5, T6, T1 and T2, T3 and T4 and T5 and T6. About 1500 testing
samples of each fault were used to validate the performance of the proposed BiLSTM-
based method and other comparison methods, including standard LSTM, stacked LSTM
(MLSTM), and feed-forward neural network (FFNN). These network structures are engaged
as comparison methods to prove the efficiency and robustness of the proposed method. The
FFNN and LSTM are trained with 100 units in 1 hidden layer, while the MLSTM models are
trained with 50 units in each hidden layer. The training parameters of the BiLSTM model
were considered for the other network structures. The different methods were tested in
a situation where an OC fault occurs at t = 0.5 s. Table 3 presents the RMSE, MAE, time
detection, and accuracy of each model.

Figure 23 shows MAE evolution in a situation when an open-circuit switch fault
happens in T1 and T2 at t = 0.5 s. This metric is illustrated for the BiLSTM and the other
comparison methods.

Figure 24 shows the RMSE evolution for each fault (T1, T2, T3, T4, T5, T6) in a situation
when an open-circuit fault happens in T1 and T2 at t = 0.5 s. The RMSE is illustrated for the
BiLSTM and the other comparison methods.

According to Table 3, the RMSE and MAE values of the BiLSTM method converge
towards 0, which explains its high prediction accuracy in fault detection and identification
(98.07%). This percentage is better than the accuracy reported by the FFNN and classic
LSTM networks. Moreover, the BiLSTM’s detection time of fault conditions varies between
2.5 ms and 6 ms, which corresponds to 12–30% of the motor current’s fundamental pe-

494



World Electr. Veh. J. 2024, 15, 53

riod. Consequently, the BiLSTM approach can identify and predict various fault scenarios
accurately and quickly.

Figure 23. MAE evolution when open-circuit switch fault happens in T1 and T2 for the BiLSTM and
the other comparison methods.

Figure 24. Performance evolution: RMSE evolution for each fault (T1, T2, T3, T4, T5, T6) when an
open-circuit switch fault happens in T1 and T2 for the BiLSTM and the other comparison methods.

Moreover, appending additional layers for a classic LSTM network does not greatly
improve the performance of the detection model since the LSTM and the MLSTM have the
same accuracy—97%. However, it increases the calculation time. In addition, there is not a
big difference in the fault-detection time, which can reach up to 24 ms.

On the other hand, the FFNN is the fastest for fault detection because the detection
time is around 1 ms, but it has the lowest accuracy—48%. To prove the robustness of
the BiLSTM network, the proposed method is tested on several faults at different oper-
ating points by varying the motor speed and the rated torque. The results are shown in
Figures 18–22. In all cases, the method based on BiLSTM ensures the best performance.
This again demonstrates the effectiveness and the robustness of the proposed method.

Consequently, the BiLSTM model can be used for effective open-circuit fault detection
in a 3Φ-induction-motor-based drive system.

Table 4 presents a comparative analysis of the proposed fault-diagnosis technique,
specifically for OC faults, against techniques previously used for IGBT faults, with a
particular emphasis on detection time, accuracy, and implementation effort. The detection
time is evaluated in relation to the current’s fundamental period. The data in Table 4
clearly show that most of the techniques based on signal or/and model approaches present
a low detection time that does not exceed the fundamental period for diagnosis, with
little implementation effort. On the other hand, the fault-diagnosis techniques based on
the artificial intelligence approach present a higher detection time and implementation
effort but an accuracy near 100%. Compared to the two types of OC fault-diagnosis
techniques, the proposed method based on the BiLSTM neural network demonstrates
strong performance across the evaluated parameters. Considering various fault modes,
including multiple IGBT open-circuit faults, the tests show that the proposed method
balances the diagnostic speed and accuracy well: the fault-detection time is lower than 30%
of one current’s fundamental period; the accuracy value is equal to 98.08%; and there is a
low implementation effort, which outperforms state-of-the-art learning algorithms.

495



World Electr. Veh. J. 2024, 15, 53

T
a

b
le

3
.

Pe
rf

or
m

an
ce

ev
al

ua
ti

on
fo

r
ea

ch
m

et
ho

d.

F
a
u

lt
y

S
w

it
ch

F
F

N
N

L
S

T
M

M
L

S
T

M
(3

L
a
y

e
rs

)
B

iL
S

T
M

R
M

S
E

M
A

E
T

d

(m
s)

A
cc

u
ra

cy
(%

)
R

M
S

E
M

A
E

T
d

(m
s)

A
cc

u
ra

cy
(%

)
R

M
S

E
M

A
E

T
d

(m
s)

A
cc

u
ra

cy
(%

)
R

M
S

E
M

A
E

T
d

(m
s)

A
cc

u
ra

cy
(%

)

T
1

0.
20

73
0.

12
68

1
32

.9
99

6
0.

01
42

0
.0

0
9
3

11
.5

97
.8

28
1

0.
01

50
0.

01
01

11
97

.5
03

2
0
.0

1
3
5

0.
00

95
3.

45
9
8
.2

6
1
3

T
2

0.
20

02
0.

12
41

1
.1

34
.4

58
6

0.
02

09
0
.0

1
2
8

21
96

.5
23

1
0.

02
07

0.
01

37
23

95
.7

97
0

0
.0

1
9
2

0
.0

1
2
8

5.
2

9
6
.5

5
9
6

T
3

0.
19

15
0.

12
22

1
34

.8
00

0
0.

01
86

0.
01

16
23

96
.5

82
3

0.
01

74
0
.0

0
9
4

24
96

.8
54

8
0
.0

1
7
8

0.
01

16
6

9
7
.3

3
9
4

T
4

0.
19

77
0.

12
41

1
33

.5
12

1
0.

01
60

0.
01

05
16

97
.3

17
9

0.
01

57
0.

01
02

13
.5

97
.5

01
4

0
.0

1
4
6

0
.0

0
9
9

4.
88

9
7
.9

2
7
3

T
5

0.
19

83
0.

12
35

1
33

.8
19

2
0.

01
67

0.
01

07
21

97
.3

56
0

0.
01

92
0.

01
21

24
95

.1
77

4
0
.0

1
5
8

0
.0

0
9
8

2.
5

9
8
.1

5
2
5

T
6

0.
20

61
0.

12
42

1
33

.6
19

4
0.

01
62

0.
01

02
12

97
.4

93
9

0.
01

49
0.

00
92

13
97

.0
99

3
0
.0

1
3
2

0
.0

0
8
9

4.
02

9
7
.8

6
4
1

T
1

&
T

2
0.

13
69

0.
09

35
1

74
.1

14
8

0.
02

50
0.

01
09

14
98

.5
63

7
0.

03
00

0.
01

32
17

98
.1

12
4

0
.0

2
2
0

0
.0

1
0
5

2.
57

9
8
.8

1
9
3

T
3

&
T

4
0.

12
42

0.
07

75
1

75
.8

45
3

0
.0

2
4
4

0
.0

1
1
2

24
98

.2
27

4
0.

02
70

0.
01

26
19

96
.8

24
4

0.
02

53
0
.0

1
0
9

4.
66

9
8
.3

0
6
6

T
5

&
T

6
0.

13
04

0.
07

96
1

76
.2

56
0

0.
03

02
0
.0

0
9
2

10
99

.3
37

2
0
.0

2
7
8

0.
01

01
16

99
.2

20
3

0.
03

02
0.

01
01

3.
75

9
9
.4

1
1
2

M
e
a
n

0.
17

69
0.

11
08

1
.0

1
1
1

47
.7

13
9

0.
02

02
0.

01
07

16
.9

4
97

.6
92

2
0.

02
08

0.
01

11
17

.8
3

97
.1

21
1

0
.0

1
9

0
.0

1
0
4

4.
11

9
8
.0

7

Th
e

bo
ld

va
lu

es
re

pr
es

en
to

pt
im

um
ev

al
ua

ti
on

m
et

ri
cs

.

T
a

b
le

4
.

C
om

pa
ra

ti
ve

st
ud

y
w

it
h

ot
he

r
m

et
ho

ds
.

M
e
th

o
d

R
e
se

a
rc

h
P

la
n

t
F

a
u

lt
y

M
o

d
e
s

D
e
te

ct
io

n
P

a
ra

m
e
te

r
D

e
te

ct
io

n
T

im
e

*
A

cc
u

ra
cy

Im
p

le
m

e
n

ta
ti

o
n

E
ff

o
rt

Sy
st

em
m

od
el

-b
as

ed
Sl

id
in

g-
M

od
e

O
bs

er
ve

r
(S

M
O

)[
13

]
PW

M
V

SI
-f

ed
se

ns
or

le
ss

IM
dr

iv
e

IG
BT

op
en

-s
w

it
ch

fa
ul

t
C

ur
re

nt
si

gn
al

s,
sp

ee
d

si
gn

al
s

an
d

IM
m

od
el

20
%

--
M

ed
iu

m

O
ut

pu
tl

in
e

vo
lt

ag
e

re
si

du
al

s
[1

7]
IM

dr
iv

e
IG

BT
op

en
-s

w
it

ch
fa

ul
t

Th
re

e-
ph

as
e

cu
rr

en
ts

5–
83

%
--

Lo
w

Pr
ed

ic
ti

ve
cu

rr
en

te
rr

or
s

an
d

Fu
zz

y
Lo

gi
c

ap
pr

oa
ch

[2
3]

PM
SM

dr
iv

e
IG

BT
op

en
-c

ir
cu

it
fa

ul
t

Pr
ed

ic
ti

ve
cu

rr
en

te
rr

or
s

12
–7

5%
--

M
ed

iu
m

O
nl

in
e

da
ta

-d
ri

ve
n

R
an

do
m

ve
ct

or
fu

nc
tio

na
l

lin
k

(R
V

FL
)[

31
]

PW
M

V
SI

-f
ed

IM
dr

iv
e

IG
BT

op
en

-c
ir

cu
it

fa
ul

ta
nd

cu
rr

en
t-

se
ns

or
fa

ul
ts

Th
re

e-
ph

as
e

cu
rr

en
ts

an
d

sp
ee

d
si

gn
al

s
11

0%
98

.8
3%

H
ig

h

M
ac

hi
ne

le
ar

ni
ng

-b
as

ed
tr

an
sf

er
ra

bl
e

da
ta

-d
ri

ve
n

m
et

ho
d

[3
3]

Th
re

e-
ph

as
e

in
ve

rt
er

IG
BT

op
en

-c
ir

cu
it

fa
ul

t
Th

re
e-

ph
as

e
cu

rr
en

ts
10

0%
96

.7
6%

M
ed

iu
m

W
av

el
et

C
on

vo
lu

ti
on

al
N

eu
ra

lN
et

w
or

k
(W

C
N

N
)[

36
]

PM
SM

dr
iv

e
IG

BT
op

en
-c

ir
cu

it
fa

ul
t

Th
re

e-
ph

as
e

cu
rr

en
ts

10
00

%
10

0%
H

ig
h

C
la

ss
ifi

ca
ti

on
of

op
en

-c
ir

cu
it

fa
ul

ts
ba

se
d

on
W

av
el

et
Pa

ck
et

an
d

LS
TM

ne
tw

or
k

[4
0]

Fi
ve

-l
ev

el
ne

st
ed

N
PP

co
nv

er
te

r
IG

BT
op

en
-a

nd
sh

or
t-

ci
rc

ui
t

sw
it

ch
fa

ul
ts

C
ur

re
nt

fly
in

g
ca

pa
ci

to
r

an
d

vo
lt

ag
es

sw
it

ch
12

0%
99

.5
8%

H
ig

h

P
ro

p
o

se
d

a
p

p
ro

a
ch

(P
re

di
ct

io
n

of
op

en
-c

ir
cu

it
fa

ul
ts

ba
se

d
on

Bi
LS

TM
ne

tw
or

k)
PW

M
V

SI
-f

ed
IM

dr
iv

e
IG

BT
op

en
-c

ir
cu

it
fa

ul
t

Th
re

e-
ph

as
e

cu
rr

en
ts

12
–3

0%
98

.0
8%

Lo
w

*:
%

of
th

e
cu

rr
en

t’s
fu

nd
am

en
ta

lp
er

io
d.

496



World Electr. Veh. J. 2024, 15, 53

6. Conclusions

This paper proposes a new BiLSTM-based approach that aims to detect and localize
open-circuit faults in three-phase, two-level VSIs for induction-motor drive systems. The
proposed method uses only the measured induction-motor stator currents. To keep the
proposed fault-diagnosis approach free from load-torque and/or motor-speed variations,
an innovative approach is presented for motor-stator current normalization through the
sigmoid function. Then, three detection variables—χa, χb and χc—are defined and sent to
the BiLSTM network to localize the faulty switch(es). The performances of the proposed
algorithm have been analyzed through simulations and experiments and have shown:

i. The robustness of the proposed fault-diagnosis algorithm to load-torque and motor-
speed variations, and all switches’ fault flags remain at their respective low levels.

ii. The accuracy and capability of the proposed algorithm to diagnose single and multiple
open-circuit power-switch faults. Moreover, the detection time is acceptable since it is
less than the stator current’s period.

The proposed work provides evidence of practical viability through extensive simu-
lations and experimental results, demonstrating real-world applicability and robustness.
Therefore, the proposed work represents a more promising and effective solution for
the fault diagnosis of single and multiple open-circuit faults without extra hardware for
three-phase electric speed drives.

Our team’s next step is to investigate the ability of the proposed method to detect
current-sensor faults and to discriminate them from open-circuit faults.
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Abstract: This paper proposes a single-stage direct AC to high-frequency (HF) AC resonant converter
based on LLC configuration for induction heating (IH) systems or HF applications. Unlike conven-
tional converters for IH systems, the proposed topology converts the utility frequency to HF AC in a
single stage without using a DC link inductor and capacitors and takes the advantages of LLC config-
uration. Additionally, it improves the power factor to 0.9–1, lowers the THD (3.2% experimentally),
and protects against the high-frequency components. An embedded control scheme was designed
to keep the HF current oscillating at a resonant frequency, ensuring zero-voltage switching. The
operating principle of the proposed topology was investigated using mathematical equations and
equivalent circuits. Finally, it was verified using computer simulation, and an experimental prototype
of 1.1 kW was developed to demonstrate the proposed topology’s uniqueness.

Keywords: induction heating (IH) system; resonant converter; embedded control; passive filter

1. Introduction

Induction heating (IH) is an efficient technique to generate very high temperatures for
a wide range of applications, such as industrial heating (brazing and melting of steel) and
domestic cooking applications [1,2]. Every application has a unique operating frequency
that is determined by the shape of the workpiece and the required skin depth [3,4]. Typically,
a high-frequency (HF) current supply is needed for the IH technique in order to produce
the HF eddy current in the workpiece that causes the heating effect [5,6]. The skin depth (δ)
can be stated as:

δ =

√
ρ

π fsμ
(1)

where ρ is the electrical resistivity, fs is the switching frequency of the resonant inverter,
and μ is the magnetic permeability of the workpiece.

Generally, a series resonant inverter is employed to produce HF alternating current
(AC) in IH technology [7,8]. A wide variety of inverter topologies have been developed
for the same purpose. Voltage and current resonant inverters are among the most com-
monly used types [9,10]. Out of these, the voltage-fed resonant inverter is widely used
because it has numerous control possibilities [11,12]. Typically, quasi, class D/E, and
half-bridge resonant inverters are mostly employed for low-power applications [13,14].
In contrast, full-bridge series resonant topology (FB-SRI) is used for high-power applica-
tions [15,16]. Along with these converters, some popular output power control techniques
have been developed, including (a) phase shifting (PS), (b) pulse frequency modulation
(PFM), (c) asymmetrical voltage cancellation (AVC), (d) pulse density modulation (PDM), and
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(d) asymmetrical duty cycling (ADC) [17–20]. Each of the proposed converter topologies and
power control techniques has its own merits and demerits, depending on the applications.

The merits and demerits of some conventional resonant converters, along with their
control techniques, are given in Table 1.

Table 1. Merits and demerits of conventional resonant converters with their control algorithms [1,3].

Converter Topology Control Algorithm Merits Demerits

Two-output series resonant
inverter with

common capacitor

Pulse width
modulation control

Reduced the component
counts, size, and cost
Common capacitor is
used to create
resonating capacitor

Can’t achieve independent
power control
High switching losses

Full bridge converter
Pulse density modulation,

frequency modulation,
phase shift modulation

Higher input power
factor (≈0.95) can be
achieved

More power losses across
the switches

Single-stage boost full bridge
resonant inverter

Phase shift PWM
technique

High efficiency has been
achieved
Less switching loss

Higher harmonic injection

Multi-modulated converters
using full bridge topology

Deadband current
control technique

Phase-locked loop is
used to vary the
switching frequency

More switches are used
More switching losses
Complex control technique
is used

Multi-frequency
resonant converter

Deadband current
control technique

Can achieve high eddy
current
Centre-tapped
transformer is used

Calculation of resonant
frequency is difficult
High switching loss at the
load side

In the last few years, several configurations of IH converters have been developed,
comprising rectification and inversion modes. The input power factor (PF) degradation
and the generation of an HF component due to the high switching frequency operation
in the inversion mode are the two main problems with the IH system. Recently, boost
power factor circuits (BPFCs) have been used as front-end converters to mitigate these
problems [21,22], although their extra switches and energy storage elements makes them
costly and bulky. Additionally, multiple power conversion stages might lead to various
severe issues including poor system reliability, efficiency deterioration, and increases in
power loss and electro-magnetic interference (EMI) [23,24]. A direct AC–HF AC converter
could be a great way to solve these issues because it not only uses fewer components but
also enhances PF and blocks the HF component by adding a passive filter to the input side.

Additionally, it has been observed that the series resonant configuration of the IH
load is used in the majority of IH applications. However, previous research works have
shown that LLC configuration provides better performance as compared to series resonant
configuration (RLC) in terms of short circuit immunity and low current stress in the switches
(that are used in the inverter) [25–27]. Additionally, with only a small series inductance,
the LLC resonant configuration enables exceptional performance with a high quality factor
(Q) [28–30]. Owing to this, the requirement of an output transformer can be eliminated.

A direct AC to HF AC LLC resonant converter has been proposed in light of the
aforementioned power factor issues, high-frequency component generation, multiple power
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conversion stages, and the desire to benefit from an LLC load resonant configuration. In
addition to enhancing the PF at the input side, this converter will enable us to convert grid
frequency AC mains to HF AC in a single conversion stage. Additionally, a passive filter
comprising an input inductor and a capacitor has been used to prevent the flow of HF
components from the load side to the source side.

This paper is classified as follows. In Section II, the proposed converter’s circuit design
and operation are described. Circuit analysis, which includes calculation of frequency,
output power, voltage, and current gain, is described in Section III. Section IV contains
discussion of simulation and experimental findings. In Section V, the conclusion is offered.

2. Proposed Direct AC–HFAC LLC Resonant Converter

2.1. Circuit Description

The proposed topology for the IH system is shown in Figure 1. It consists of four
bi-directional switches, and each bi-directional switch comprises two insulated gate bipolar
transistors (IGBTs) and two diodes. A bi-directional switch simultaneously conducts the
current and blocks the voltage of both polarities based on the control signal.

 
Figure 1. Proposed configuration of the direct AC–HFAC LLC resonant converter.

A series inductor (LS) is connected to a parallel combination of a resonating capacitor
(CP) and an IH load in order to create the LLC configuration. A typical induction heating
load consists of a workpiece (that is to be heated) and a heating coil or a litz wire-based
coil in the case of a domestic IH system. Typically, the IH coil and workpiece (IH load)
are considered the transformer’s primary and secondary. Thus, the IH load is referred to
as the transformer’s primary, and the obtained equivalent impedance after transferring is
represented as a series R–L circuit.

Consequently, to know the electrical behaviour of the proposed topology, the IH coil
and its workpiece are modelled as series RL and LP, where RL and LP are the referred
equivalent resistance and inductance of the heating coil, respectively.

Thereafter, an LC circuit or passive filter is designed which ensures the elimination of
the HF component at the input side, as shown in Figure 2. HF components cannot flow back
to the input side because the designed passive filter has a high input equivalent impedance
(Zeq(in)) at a frequency above 4 kHz. Consequently, power quality at the grid side improves.
In Figures 1 and 2, Vs, Iin, Vout, Vo, and Io represent the input voltage, input current, output
voltage of the converter, output voltage across the IH load, and output current flowing
through the load, respectively.
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Figure 2. Passive filter.

2.2. Modes of Operation

In accordance with the polarity of the input voltage, the proposed direct AC–HF AC
LLC resonant converter has four distinct operating modes. For the positive input half
cycle, modes 1 and 2 are defined, and for the negative input half cycle, modes 2 and 3 are
defined. The four modes of operation are explained with the assumption of a resistive load
because the proposed converter has been made to operate as a resonant converter. Also,
the dead time between the pulses and the effect of the input filter is neglected. However,
in the prototype implementation, a very small dead time has been considered between
the gate signals. Figure 3 shows the circuit topology for each mode of operation and
corresponding waveforms.

 
(a) (b) 

(c) (d) 

Figure 3. Operational modes of the proposed direct AC–HF AC converter: (a) Mode 1; (b) Mode 2;
(c) Mode 3; (d) Mode 4.
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Positive input half cycle, Vs > 0

Mode 1 (t0–t1): In the positive input half cycle, the upper IGBTs (SAU, SBU, SCU, and
SDU) and lower diodes (DAL, DBL, DCL, and DDL) of bi-directional switches are forward-
biased (FB), respectively. Among these FB IGBTs, SAU and SBU receive the gate signal at t0
to t1, as shown in Figure 4. Therefore, the direction of the current at t0 to t1 will be: SAU →
DAL → load → SBU → DBL.

 
(a) (b) 

Figure 4. Frequency synthesization of the output voltage using the proposed topology: (a) 100 Hz-
output voltage synthesization; (b) High-frequency output voltage synthesization.

Mode 2 (t1–t2): This mode is also for the positive input half cycle. In this mode, SAU
and SBU are turned off, as these IGBTs do not receive the gate signal between t1 and t2, as
shown in Figure 4. SCU and SDU do receive the gate signal between t1 to t2. Therefore, the
direction of the load current reverses in the positive input half cycle: SCU → DCL → load
→ SDU → DDL.

Negative input half cycle, Vs < 0

Mode 3 (t2–t3): In the negative input half cycle, the lower IGBTs (SAL, SBL, SCL, and SDL)
and upper diodes (DAU, DBU, DCU, and DDU) of bi-directional switches are FB, respectively.
Among these FB IGBTs, SDL and SCL receive the gate signal at t2 to t3, as shown in Figure 4.
Therefore, the direction of the current at t2 to t3 is: SDL → DDU → load → SCL → DCU.

Mode 4 (t3–t4): This mode is also for the negative input half cycle. In this mode, SDL
and SCL turn off, as these IGBTs do not receive the gate signal between t3 and t4, as shown in
Figure 4. SBL and SAL do receive the gate signal between t3 and t4. Therefore, the direction of
the load current reverses in the negative input half cycle: SBL → DBU → load → SAL → DAU.

The above modes of operation are explained for 100 Hz-output voltage synthetization,
and it can be concluded that the direction of the load current in each input half cycle
could be changed by allowing the time period of the conducting IGBTs to be changed in
a single stage, as shown in Figure 4a. Consequently, this frequency changer operation of
this topology could be deployed in IH technology that requires an HF AC as shown in
Figure 4b. The detailed possible switching strategies are given in Table 2.
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Table 2. Switching Strategies.

Input Voltage (Vs)
Forward-Biased

Switches
Modes IGBTs/Diodes Status

Time
Interval

Output Voltage
(Vout)

Vs > 0
(SAU, SBU, SCU,
SDU) and (DAL,
DBL, DCL, DDL)

Mode 1 (SAU/DAL/SBU/DBL) ON
(SCU/DCL/SDU/DDL) OFF t0–t1 Vout > 0

Mode 2 (SAU/DAL/SBU/DBL) OFF
(SCU/DCL/SDU/DDL) ON t1–t2 Vout < 0

Vs < 0
(SAL, SBL, SCL,
SDL) and (DAU,

DBU, DCU, DDU)
Mode 3 (SDL/DDU/SCL/DCU) ON

(SBL/DBU/SAL/DAU) OFF t2–t3 Vout > 0

Mode 4 (SDL/DDU/SCL/DCU) OFF
(SBL/DBU/SAL/DAU) ON t3–t4 Vout < 0

3. Mathematical Analysis of Proposed Topology

The mathematical analysis of the proposed direct AC–HF AC LLC resonant converter
is based on the following assumptions:

(a) All components in the circuit are ideal.
(b) The AC input voltage (Vs) is purely sinusoidal.
(c) The effects of parasitic capacitance are neglected.
(d) The load current is purely HF sinusoidal.

3.1. Calculation of Switching Frequency

The equivalent circuit of the proposed topology based on the LLC tank is shown in
Figure 5. In the figure, Vout is the HF output voltage, Ls is the series inductance, and CP
is the resonating capacitor connected parallel to the IH load comprised of LP and RL. The
proposed direct AC–HF AC LLC resonant converter is made to work at resonant frequency.
Thus, in order to obtain resonant frequency, first the equivalent impedance of the LLC
resonant tank is determined.

Figure 5. Equivalent circuit of the proposed topology.

The equivalent impedance of the LLC resonant tank can be determined as:

Z(jω) = jωLS +
(1/jωCP)× (RL + jωLP)

1/jωCP + (RL + jωLP)
(2)

On solving Equation (2):

Zeq(jω) = jωLS +
(RL + jωLP)

1 + jωCP(RL + jωLP)
(3)

On complete rationalization of Equation (3):

Zeq =
RL
(
1 − ω2LPCP

)
+ ω2RLCPLP

K
+

jω
[
LS + LP

(
1 − ω2LPCP

)− R2
LCP

]
K

(4)

where K =
(
1 − ω2LPCP

)2
+ (RLωCP)

2.
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To have the active power, the imaginary part of Equation (4) should be equal to zero.
Also, RL << LP ~0.

Therefore,

LS +
LP
(
1 − ω2LPCP

)
(1 − ω2LPCP)

2 = 0 (5)

LS +
LP

(1−ω2LPCP)
= 0

ω =
√

LP+LS
LS LPCP

(6)

where ω is the angular resonant frequency.

f =
1

2π

√
LP + LS
LSLPCP

(7)

In Equation (7), f is the resonant frequency of the LLC tank, and at this frequency,
the maximum power is transferred to the IH load. However, to enable the zero-voltage
switching (ZVS), the switching frequency (fs) is selected higher than the calculated resonant
frequency (f ), ensuring less switching and fewer power losses.

3.2. Quality Factor

At a higher quality factor, (Q), the resonant inverter normally operates close to the
resonant frequency (ωo). In contrast to the induction coil current (Io), as shown in Figure 6,
the Q factor has a negligible effect on the resonant frequency, i.e., the peak value of Io occurs
at the same frequency, regardless of the Q factor. The peak value of Io is related to the RLC
parallel end, as shown in Figure 5, where LS does not play a role in the frequency response
of Io. The quality factor (Q) for the second order system can be defined as:

Q =
ωo

2α
(8)

where ωo and α are the resonant frequency and damping coefficient of the second order
system, respectively.

Figure 6. Output current (Io) in p.u at different Q factors.

Let λ = −α± j
√

ω2
o − α2 be the solution of the characteristic polynomial of the system.

Now, based on Figure 5, the parallel circuit impedance is:

ZP(S) =
LPS + RL

CPLPS2 + RLCPS + 1
(9)
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The characteristic polynomial of the above equation is given as:

CPLPλ2 + RLCPλ + 1 = 0 (10)

Taking λ into account, the damping coefficient is:

αP =
RL
2LP

(11)

The resonant frequency is:

ωoP =
1√

LPCP
(12)

Therefore, using Equation (8), the quality factor of the parallel circuit is:

QP =
1

RL

√
LP
CP

(13)

In this work, the values of LP and RL for the IH coil were measured through an LCR
meter and the switching frequency was kept constant and was usually higher than the
resonant frequency (f ) to create zero-voltage switching. Thereafter, the values of LS and CP
were calculated using Equations (7) and (13).

3.3. Current Gain

As shown in Figure 5, Is is the current that flows through the IGBTs/switches, and
it must be the lowest magnitude possible to obtain low current stress in the switches.
Alongside it, Io is the IH load current and must be very intense. Thanks to the LLC circuit, it
is possible to have low current stress in the switches and to provide great power dissipation
in the IH load. This merit of the LLC tank makes it preferable to the SRI (where all the
current flows to the IH load through the switches) for IH applications. Therefore, the
maximum ratio of Io and Is defined as current gain is very much needed and occurs at
resonant frequency (f ), as calculated in Equation (7).

Current gain is calculated as:

GI(ω) =
Io(ω)

Is(ω)
(14)

GI(ω) =
1/jωCP

1/jωCP + jωLP + RL
=

1
1 − LPCPω2 + jωRLCP

(15)

Thus, modules of GI become:

|GI(ω)|2 =
1

(1 − LPCPω2)
2 + (RLCPω)2 (16)

The current gain at resonant frequency, (ωo =
√

(L P + LS)/(LPLSCP )), is given as:

|GI(ωo)| = LS
LP

× 1√
CP LSR2(LS+LP)

L3
P

+ 1
(17)

A high current gain allows us to obtain a high heating effect with small Is.

3.4. Voltage Gain

Voltage gain can be defined as the ratio of voltage of the parallel resonant capacitor
(CP) to the first harmonic amplitude of the output voltage of the converter, V1. This ratio
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allows us to evaluate the voltage stress in the parallel resonating capacitor (CP). The voltage
gain (Gv) is given as:

Gv(ω) =
VCP(ω)

V1
(18)

Using the voltage division rule in Figure 5:

VCP(ω)

V1
=

1/jωCP//(RL + jωLP)

jωLS + (1/jωCP//(RL + jωLP))
(19)

At resonant frequency (ωo), capacitor voltage (VCP) is given as:

VCP(ωo)

V1
=

(
− LP

LS
− j

L2
P

RLLS

√
LP + LS
LPLSCP

)
(20)

The magnitude of voltage gain (GV(ω)) can be calculated as:

|GV(ωo)| =
∣∣∣∣VCP(ωo)

V1

∣∣∣∣ =
√(

LP
LS

)2
+

L2
P

R2
LL2

S

(
LP + LS
LPLSCP

)
(21)

On solving Equation (21), we obtain:

|GV(ωo)| = LP
LS

√
1 + Q2

(
LP
LS

+ 1
)

, where Q =
1

RL

√
LP
CP

(22)

3.5. Calculation of Output Power

Theoretically, the resonant frequency (f ) to impart the maximum power to the load is
given in Equation (7). Thus, at this frequency, the approximated Zeq is equal to RL(LS/LP)

2.
Therefore, the maximum average output power (Po,ave(m)) transferred to RL at the resonant
frequency (f ) can be determined as:

Po,ave(m) =
(VO1)

2
rms

RL(LS/LP)
2 (23)

However, the proposed topology is designed in order to operate at switching frequency
(fs), which is kept higher than the resonant frequency (f ) to enable ZVS operation.

Vo can be evaluated by using the Fourier series, which is as follows:

Vo(t) =

{
∑∞

n=1
4Vm(t)

nπ

(
cos
(

nπ(1−D)
2

)
− cos

( nπ
2
))

sin (nωot), for odd n
0, for even n

(24)

The fundamental output voltage (Vo1) can be determined as:

Vo1
∼= 4

Vm(t)
π

(
cos

(
π(1 − D)

2

))
sin(ωot) (25)

Therefore, the rms value of Vo1 can be written as:

Vo1
∼= 4

Vm/
√

2

π

(
cos

(
π(1 − D)

2

))
=

2
√

2
π

Vm

(
cos

(
π(1 − D)

2

))
(26)

On assuming maximum average output power (Po,ave(m)) for the above equation,
we obtain:

Po,ave(m) =
8Vm

π

(
cos

(π(1 − D))

2

)
1

RL

(
LS
LP

)2 (27)
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As can be seen from Equation (27), it is obvious that maximum average output power
(Po,ave(m)) can be controlled by the duty cycle (D) or switching frequency (fs).

4. Results

Based on the above theoretical analysis, a computer simulation using MATLAB 2015a
was performed, and then an experimental prototype with 1100 W was built and tested,
validating the feasibility of the proposed topology. The circuit parameters and obtained
operational parameters for the developed simulation model and experimental prototype
are given in Table 3.

Table 3. Circuit and operational parameters.

Circuit Parameters Operational Parameters

Parameters Value Parameters Value

Input voltage (Vs) 110 Vr.m.s Output voltage (Vout) 88 Vp
Series inductance (LS) 56 μH Output current (Iout) 28 Vp

Induction coil (LP) 52.7 μH Average output
power (Pout)

1100 W

Workpiece resistance (RL) 1 Ω Switching frequency (fs) 30 kHz
Resonant frequency (f ) 24 kHz Input power factor 0.92

Figure 7 depicts a block diagram of a prototype implementation for the suggested
topology. In this block diagram, the proposed converter receives 1-∅, 230 V utility frequency
AC (UFAC) and creates HF AC directly without intermediate stages. The HF AC then
flows to the IH load via the series inductance LS, reducing switch current stress (Is). An
embedded controller has been designed to generate gate signals for the switches, consisting
mostly of a zero-crossing detector (ZCD), an Arduino (Atmega 2560), and a driving circuit.

 
Figure 7. Block diagram of the prototype implementation.
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To ensure zero-crossings of input mains, a step-down transformer is used to lower 1-∅,
230 V to 12 V. Then, 12 V AC is delivered to the ZCD, as illustrated in Figure 7. Following
that, a diode is employed to remove the negative half of the rectangular pulse. The resulting
pulse is perfectly synchronized with the input mains. Subsequently, a synchronized pulse
is sent to the Arduino’s interrupt pins (INT0 and INT1). Furthermore, interrupt pins INT0
and INT1 detect the rising and falling edges of the synchronized pulse and create pulses
(Vg1 and Vg2) at the required frequencies according to the programming.

Finally, Vg1 and Vg2 are given to the IGBT switches SAU, SBU, SDL, SCL and SCU,
SDU, SBL, SAL of the proposed converter via driver circuits, respectively. The prototype
implementation of the proposed IH power supply system is depicted in Figure 8. Each
bidirectional switch in this setup is made up of two diodes and two IGBTs. The different
voltage and current waveforms are recorded using a digital storage oscilloscope (DSO)
and a current sensor probe. Figure 9 presents the modelling and experimental findings
concerning the input voltage and current, implying that the input current is devoid of
the HF component created during high-switching frequency operation. Furthermore, the
obtained input PF (experiment) is 0.92. Thus, it enhances the power quality of the input
mains while also protecting against HF components, owing to the passive filter shown in
Figure 2.

 

Figure 8. Experimental setup of the proposed IH power supply system.

  
(a) (b) 

Figure 9. Input voltage and current: (a) Simulation result; (b) Experimental result (Vs: 100 V/div;
Iin: 20 A/div).

A digital oscilloscope and current sensor captured the voltage and current waveforms.
Figure 9 showcases the simulation and experimental results, demonstrating the input
current’s absence of high-frequency (HF) components typically generated by high switching
frequencies. This translates to a measured power factor (PF) of 0.92, indicating efficient
power utilization and reduced harmonic distortion. This improvement in power quality
and HF component protection stems from the passive filter depicted in Figure 2.
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Further analysis using a fast Fourier transform (FFT) on the input current (Figure 10)
reveals a total harmonic distortion (THD) of 2.03% in simulations and 3.2% experimentally.
Both values fall within acceptable ranges for IH applications. Additionally, the recorded
root mean square (RMS) values for the input voltage and current are 110 V and 15.87 A,
respectively.

 
Figure 10. FFT spectrum of the input current.

The switching frequency of the gate signals, generated from the controller, is kept at
30 kHz, which is greater than the calculated resonant frequency using Equation (7), i.e.,
24 kHz, to ensure ZVS condition. ZVS condition not only reduces the switching and power
losses but increases the overall efficiency of the converter. The simulation and experimental
results of synchronizing gate signals with the input mains through ZCD are shown in
Figure 11.

 

 
(a) (b) 

Figure 11. Gate signals: (a) Simulation result; (b) Experimental result (Vg1 and Vg2: 5 V/div).

In this work, the IH coil and its load is modelled as LP (≈52.7 μH) and RL (≈1 Ω) to
study the electrical behaviour of the proposed converter. As is well known, when the con-
verter functions as a resonant inverter, the voltage and current are always in the same phase.
Consequently, it can be inferred from Figure 12 that the output voltage and current wave-
forms are in the same phase, both experimentally and through simulation. Figure 12 shows
the simulation and experimental results of the output voltage and current across the IH
load, having R.M.S values of 62.22 V and 19.79 A, respectively. The experimentally obtained
PF between the output voltage and current was found to be 0.97 (almost unity), which
shows the resonant property of the proposed converter. Therefore, the experimental aver-
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age output power (Po,(ave)) can be calculated as P = VIcosø = 62.22 × 19.79 × 0.97 = 1194 W
(approximately). The average output power (Po,(ave)) is shown in Figure 13a.

 

 

(a) (b) 

Figure 12. Input voltage and current results: (a) Simulation result; (b) Experimental result
(Vo: 80 V/div; Io: 20 A/div).

 
 

(a) (b) 

Figure 13. (a) Average output power (Pout) and (b) efficiency analysis.

Furthermore, an extensive efficiency analysis was carried out. As previously indicated,
the inductance and resistance of the coil and its load (pot, vessel, etc.) are represented by
LP and RL in a series connection, which represents the IH coil and its load. In order to
perform an efficiency analysis, load resistance (RL) is varied between 0.1 and 1 Ω, while
LP is maintained at a constant value. The power and efficiency of the input/output are
calculated for each value of load resistance. Figure 13b displays the resulting output power
and efficiency graph at a variable load. On average, 93% efficiency is attained.

As can be seen from the obtained simulation and experimental results, a comparison
has been made between the proposed topology and the conventional topology for the
IH system in terms of PF, THD, input filter design, controller complexity, and design
costs and is shown in Table 4. As can be observed from this table, the proposed topology
also improves the power quality in terms of THD and PF. Consequently, the proposed
single-stage direct AC to HF AC LLC resonant converter can be effectively deployed in
IH systems. This proposed converter’s single drawback is its high switch count, which
increases switching losses.
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Table 4. Comparison table.

Comparison Criteria
Conventional Topologies for

IH Systems [1,21,31]
Proposed Topology for

IH Systems

Input PF Low ~(0.7–0.8) High ~(0.9–1)
THD High Low

Input filter design Complex Moderate
Switch stress High Low

Control complexity Moderate Easy
Design cost High Moderate

5. Conclusions

In this paper, an 1100 W single-stage direct AC–HF AC LLC resonant converter for
IH systems has been proposed; it generates 30 kHz current directly from the utility 50 Hz
power supply. An embedded control scheme (using Arduino 2560) is used to generate gate
signals. The proposed converter is implemented with four bi-directional switches. The
associated circuit operation and mathematical model has been explained to analyze the
converter operation. Further, the potency of the proposed topology is validated through
MATLAB simulation and experimental results. From the obtained results, the presented
work has the following peculiar merits:

1. The presented topology converts utility grid-frequency AC to HF AC in a single stage
and also maintains the input power factor close to unity simultaneously.

2. The implemented control scheme is based on an embedded system having a simple
configuration and is easy to implement.

3. As LLC configuration is used, it reduces the current stress across the switches and
also enables an intense current magnitude across the IH load simultaneously.

4. Finally, the proposed topology not only lowers the THD of the input current but also
blocks the HF component that receives back flows towards the utility side. Thus, the
power quality of the input mains improves.

Therefore, it can be concluded that the presented topology can be effectively applied
in the IH application and can also be deployed where HF applications are required.
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